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A 
Aasnaes, Hans Bent, 6.84 
AAVID Thermal Technologies, Inc. General 
Catalog, 12.96 
Absolute accuracy, definition, 6.122-123 
Absolute maximum ratings: 
data sheet, example, 6.189 
op amp, 1.76-78 
typical, table, 1.90 
Absorption, shielding loss, 11.43-44 
AC coupling, 1.23 
AC current path, ground plane resistance, 
12.72 
ACCEL Technologies, Inc., 13.91, 13.92 
Accelerometer, 3.15-18 
basic unit cell sensor building block, 
3.15 
Coriolis, 3.20-21 
internal signal conditioning, diagram, 
3.16 
low-g, tilt measurement, 3.16-17 
Accuracy: 
absolute, definition, 6.122-123 
logarithmic, definition, 6.123 
relative, definition, 6.123 
ACLR, see: Adjacent channel leakage ratio 
Acquisition time: 
definition, 6.173 
SHA, 7.59 
Active feedback amplifier, 2.49-51 
CMR independent of resistor bridge, 2.49 
Active feedback CMR/gain calculator, screen, 
13.45 
Active filter: 
antialiasing design, 8.121-127 
element, limitations, 8.114-115 
Active inductor, diagram, 8.69 
Active mixer: 
advantages, 4.7 
basic operation, 4.8-9 
classic, circuit, 4.8 
gain, 4.9 
RF/IF circuit, 4.8-9 
AD2S90, integrated RDC, 6.79 
AD210: 
3-port isolator, 2.34-36 
in motor control current sensing, 
circuit, 2.35 
schematic diagram, 2.35 
AD215: 
low distortion two-port isolator, 2.36-37 
block diagram, 2.37 
AD260/AD261, high speed digital isolators, 
2.40-42 
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AD526: 
monolithic software PGA in-amp: 
circuit, 2.89 
latched digital interface, 2.90 
AD534, four-quadrant multiplier based on 
Gilbert cell, 4.17 
ADS536A: 
monolithic rms/dc converter, 2.85-86 
diagram, 2.86 
AD538, monolithic analog computer, block 
diagram, 2.57 
ADS539: 
wideband dual two-quadrant multiplier, 
2.77-78, 2.81, 4.13-14 
block diagram, 2.78, 4.14 
ADS549, FET input op amp, 1.51 
ADS574, industry-standard ADC, encoder, 5.22 
AD580, precision band gap reference, with 
Brokaw Cell, 7.4, 7.5 
AD586, buried zener reference, circuit, 7.9 
AD587, buried zener reference, noise 
reduction pin, 7.15 
ADS588, load cell amplifier, 3.96 
diagram, 3.96 
single supply load cell amplifier, 3.97 
diagram, 3.97 
AD589, strain gage sensor amplifier, 3.95 
Diaram, 3.95 
ADS590: 
current output temperature sensor, 3.33 
multiplexed, 3.33 
AD594, Type J thermocouple, 3.43 
AD594/AD595, monolithic thermocouple 
amplifier with cold-junction compensator, 
diagram, 3.42-43 
AD595, Type K thermocouple, 3.43 
ADS598: 
LVDT signal conditioner, 3.3-4 
diagram, 3.4 
ADS598 and AD698 data sheet, 3.27 
AD600, gain vs. differential control 
voltage, 4.36 
AD602, gain vs. differential control 
voltage, 4.36 
AD620: 
In-amp, in-motor control current sensing, 
circuit, 2.35 
CMR vs. frequency, graph, 2.24 
gain-bandwidth pattern, 2.27 
monolithic IC in-amp: 
composite application, 2.15-16 
schematic, 2.13-14 
PSRR vs. frequency, graphs, 2.25 
Strain gage sensor amplifier, 3.95 
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AD620B, bridge amplifier, de error budget, 
2.28 
Load cell amplifier, 3.96 
Diagram 3.96 
AD621, pin-programmable-gain in-amp, 2.22 
AD621B, load cell amplifier 3.96 
diagram. 3.96 
single cell load cell amplifier, 3.97 
diagram, 3.97 
AD623, fixed gain difference amplifier, 
12.12-13 
AD624C, monolithic in-amp, gain error, 2.22 
AD629: 
difference amplifier, 12.12-13 
differential-to-single-ended amplifier, 
application circuit, 2.9 
AD641: 
monolithic log amp: 
block diagram, 4.25 
error curve, 4.25 
transfer function, 4.25 
waveform effect on log linearity, 4.26 
AD645, FET input op amp, 1.51 
AD698: 
LVDT signal conditioner: 
with half-bridge, 3.4-5 
synchronous demodulation, 3.3-5 
diagram, 3.4 
AD768, 16-bit BiCMOS precision DAC, 6.27 
AD780, reference, 2.63 
AD790: 
comparator with hysteresis, 2.68 
block diagram, 2.69 
AD797, low noise op amp, 2.90-91 
AD811, CFB op amp, comparison with model, 
graphs, 13.13 
AD817, video op amp driver, power 
dissipation vs. power, graph, 12.89 
AD822, JFET-input dual rail-to-rail output 
op amp, 2.15-16 


AD825, 8-bit, dual, high speed FET input op amp, 


8.137-138, 8.141 
AD830, active feedback amplifiers, 2.49 
AD830/AD8129/AD8130, active feedback 
amplifiers, circuit, 2.49 
AD831 data sheet, 4.10 
AD834: 
8-pin basic four-quadrant multiplier, 
block diagram, 4.19 
multiplier, implicit conversion, circuit, 
2.84 
transformer coupled multiplier, block 
diagram, 4.19 
AD847: 
high frequency amplifier: 
Bode plot, 8.120 
Q-enhancement effects, 8.119 
Op amp: 
convergence, circuit and graphs, 13.16 
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open loop gain, graph, 1.12 
parasitics, circuit and graphs, 13.15 
AD848, op amp, open loop gain, graph, 1.12 
AD849, op amp, open loop gain, graph, 1.12 
AD1879, dual audio ADC, 6.98 
AD813X, differential amplifier, 6.27-28 
AD1170, modular ADC, 6.72 
AD1580: 
shunt mode IC reference, 7.5-6 
circuit, 7.6 
AD1582-85 series: 
Band gap references: 
advantages, 7.7-8 
circuit, 7.7 
connection diagram, 7.7 
LDO, 7.7 
AD185X series, audio DACs, data scrambling, 
6.109-110 
AD1853, dual 24-bit, 92 kSPS DAC, 6.110 
AD1871: 
24-bit 96 kSPS stereo audio multibit 
sigma-delta ADC: 
block diagram, 6.99 
digital filter characteristics, 6.100 
second order modulator and data 
scrambler, 6.100 
AD1955: 
multibit sigma-delta audio DAC 
diagram, 6.110 
AD1900/AD1902/AD19004/AD 1906: 
Class-D audio power amplifier,2.107-2.117 
AD3300 60 mA LDO regulator, evaluation 
board, 9.18 
AD3300, 60 mA LDO regulator, circuit, 9.16 
ADS5535, 32-channel, 14-bit, 200 V output DAC, 
evaluation board, 13.73 
AD6645: 
14-bit, 80 MSPS wideband ADC: 
noise figure calculation, 6.154 
Nyquist conditions, 6.153 
SFDR, graph, 6.139 
SFDR vs. input power level, graph, 
6.140 
SNR performance, 6.160 
SNR vs. aperture jitter, graph, 
6.160 
two-tone SFDR: 
graph, 6.142 
vs. input amplitude, graph, 6.142 
14-bit 80 MSPS/105 MSPS XFCB ADC, 
6.182- 185, 6.188, 6.193-194, 6.202 
52-lead Power Quad 4 package, 12.94 
application circuit, 6.202 
14-bit 105 MSPS ADC, with SHA, circuit, 
7.62 
encode command specifications, table, 
6.178 
sample timing specifications, table, 
6.178 


AD7111, LOGDAC, multiplying DAC, circuit, 
6.38-39 
AD7450, 12-bit, 1 MSPS ADC, evaluation board, 
13.74 
AD7524: 
CMOS DAC, block diagram, 6.14 
quad CMOS DAC, block diagram, 6.14 
AD7528, 8-bit dual MDAC, 8.137-138, 8.141 
AD7677: 
16-bit 1 MSPS switched capacitor PulSAR 
ADC, 6.48-49 
circuit, 6.49 
AD77XX series: 
24-bit high sigma-delta ADC, 6.101, 6.103 
high resolution ADC: 
in cold-junction compensation, 3.44 
and RTD, 3.49-50 
AD7710: 
sigma-delta ADC with PGA, 2.93-94 
circuit, 2.94 
AD7710-series, 22-bit ADC, 7.19 
AD7711, sigma-delta ADC with PGA, 2.93 
AD7712, sigma-delta ADC with PGA, 2.93 
AD7713, sigma-delta ADC with PGA, 2.93 
AD7730: 
24-bit bridge transducer sigma-delta ADC, 
evaluation board, 13.72-73 
application circuit, 6.202 
direct conditioning of bridge circuit, 3.98 
ratiometric AC or DC drive w. Kelvin sencing 
3.85,3.96 
sigma-delta ADC, 6.115 
configuration assistant, 13.46-48 
screen, 13.47 
digital filter response, graph, 6.101 
single-supply bridge: 
block diagram, 6.103 
bridge application, schematic, 
6.107 
digital filter response, graph, 
6.105 
digital filter settling time, 6.106 
oversampling, 6.104 
resolution vs. output data and 
gain, 6.104 
AD7846, 16-bit converter, 2.91-92 
AD7943/AD7945/AD7948: 
2-quadrant multiplying DAC, schematic 
diagram, 6.19 
4-quadrant multiplying DAC, schematic 
diagram, 6.19 
AD8001: 
absolute maximum ratings, table, 1.76 
feedback resistor values, packages, 
chart, 1.68 
high speed current feedback amplifier, 
12.31-32 
evaluation board, 12.32 
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high speed current-feedback amplifier: 
evaluation board, 13.70-71 
stray capacitance, pulse response, 
12.32 
maximum power chart, 1.77 
op amp: 
optimum feedback resistor vs. 
package, table, 1.18 
packages, recommended components, 
13.89 
AD8016: 
20-lead PSOP3 package, copper slug for 
heat transfer, 12.88 
PSOP3 and BATWING packages, thermal 
characteristic curves, 12.87 
AD8017AR: 
8-pin SOIC op amp, 12.83-86 
maximum power dissipation data sheet, 
12.83 
standard and Thermal Coastline 
packages, thermal rating curves, 
12.86 
thermal rating curves, 12.86 
AD8029, PSRR, 12.77 
AD8036, and output clamp amplifier, graph, 
2.61 
AD8036/AD8037: 
clamp amplifier: 
distortion near clamping region, 
graph, 2.62 
equivalent circuit, 2.59 
overdrive recovery, graph, 2.62 
performance, 2.60 
AD8037, clamp amplifier, driving flash 
converter, circuit, 2.62-63 
AD8051, op amp, phase margin, graph, 1.13 
AD8051/AD8052/AD8054, high speed VFB op 
amp, 1.83, 1.86 
AD8054, phase margin, graph, 1.70 
AD8055, single supply op amp, 6.26 
AD8057, single op amp, thermal packaging, 
12.90 
AD8058, dual op amp, thermal packaging, 
12.90 
AD8074, triple voltage feedback fixed-gain 
video transmission line driver, 2.4 
AD8074/AD8075, 500 MHz triple buffer, 2.3 
AD8075: 
triple video buffer, 1.66 
triple voltage feedback fixed-gain video 
transmission line driver, 2.4 
AD8079A/AD8079B: 
260 MHz buffer, 2.4 
dual voltage feedback fixed-gain video 
transmission line driver, 2.4 
AD8108/AD9109, video 8 x 8 crosspoint switch, 
7.45 
AD8110/AD8111, 260 MHz, 16 x 8 buffered 
crosspoint switch, 7.45 
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AD8113, audio/video 60 MHz, 16 x 16 crosspoint 


switch, 7.45 


AD8114/AD8115, 225 MHz, 16 = 16 crosspoint 


switch, 7.45 

AD8116, 16 x 16, 200-MHz buffered video 

crosspoint switch, circuit, 7.45 

AD8129, low noise, high gain active feedback 

amplifier, 2.50-51 

AD8129/AD8130: 
active feedback amplifiers, 2.49-51 
differential input single-ended output 
gain block, 2.5 

AD813X: 
differential ADC driver, block diagram 
and equivalent circuit, 2.31 
differential amplifier, DAC buffer 
circuit, 2.32 

AD8130, CMR vs. frequency, graph, 2.50 


AD8152, 3.2 Gbps, 34 x 34 asynchronous digital 


crosspoint switch, circuit, 7.46 
AD8170: 
bipolar video multiplexer, block diagram, 
7.42 
dual source RGB multiplexer, using three 
2:1 muxes, circuit, 7.43 
AD8174: 
4:1 mux, 7.44 
bipolar video multiplexer, block diagram, 
7.42 
AD8180, bipolar video multiplexer, block 
diagram, 7.42 
AD8182, bipolar video multiplexer, block 
diagram, 7.42 
AD8183/AD8185, video multiplexer, block 
diagram, 7.43 
AD8183/AD8185/AD8 186/AD8 187, triple 2:1 
mux, 7.43 
AD8184, 4:1 mux, 7.44 
AD8186/AD8187, video multiplexer, single- 
supply, block diagram, 7.43 
AD8230, auto-zeroing in-amp with high CMR, 
3.45-46 
AD8330, VGA, block diagram, 4.34 
AD8345, silicon FRIC quadrature modulator, 
block diagram, 4.11 
AD8350, differential in/differential out 
gain block, 2.6 
AD8354, gain block fixed-gain amplifier, 
circuit, 2.5 
AD8362: 
true rms-responding power detector: 
block diagram, 4.29 
internal structure, 4.30 
typical application, 4.31 
AD8367: 
high performance 45dB VGA: 
block diagram, 4.38 
linear-in-dB gain, 4.37 
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AD8370: 
VGA with precision gain control, 4.38-39 
block diagram, 4.39 
AD853 1/32/34: 
ordering guide for packaging, 1.92 
single-supply op amp, 1.83, 1.92 
AD8551: 
chopper-stabilized amplifier, 12.11 
in grounded circuit, 12.12 
AD8551/AD8552/AD8554: 
auto-zero amplifiers: 
noise comparison, 2.123 
output spectrum, graphs, 2.122 
AD8571/AD8572/AD8574, auto-zero amplifiers, 
output voltage, graphs, 2.122 


AD9002, 8-bit, 125 MSPS flash converter, 2.62-63 


AD9042: 
12-bit, 41 MSPS ADC, 7.60-61 
with SHA, circuit, 7.61 
AD9054A, 8-bit, 200 MSPS ADC, functional 
diagram, 6.63 
AD9226, 12-bit, 65 MSPS ADC, SINAD and 
ENOB, 
graph, 6.136-137 
AD9235: 
12-bit, 65 MSPS pipelined ADC, 6.55 
timing, graph, 6.55 
AD9245: 
14-bit 80 MSPS 3V CMOS ADC: 
lead-frame chip-scale package, 12.92 
power dissipation vs. sample rate, 
graph, 12.91 
AD9410, 10-bit, 210 MSPS ADC, 6.51 
AD9430: 
12-bit, 170 MSPS ADC, noise/power ratio, 
graph, 6.148 
12-bit, 170 MSPS/210 MSPS 3.3V BiCMOS 
ADC, 12.92-93 
100-lead 3-PAD TQFP, 12.93 
output driver, 12.49 
packaging, 12.93 
supply current vs. sample rate, 
graph, 12.93 
12-bit, 210 MSPS pipelined ADC, 6.55 
AD9510: 
Clock distribution circuit 7.73-83 
AD9514 
Clock generation circuit 7.67-72 
AD9620, monolithic open-loop buffer, 2.3 
AD9630, monolithic open-loop buffer, 2.3 
AD9631, op amp, inadequate decoupling 
effects, 12.79 
AD976X, TxDAC, 6.24 
AD977X, TxDAC, 6.24 
AD9772, TxDAC, DAC harmonic images 
calculator, screen, 13.51 
AD9773, 12-bit Transmit DAC (TxDAC), 6.34 


AD9775: 
14-bit 160 MSPS TxDAC, 6.34 


14-bit 160 MSPS/400 MSPS TxDAC, core, 


diagram, 6.21-22 
AD9777: 


16-bit, 160 MSPS dual interpolating DAC, 


12.94 


16-bit, 160 MSPS transmit DAC (TxDAC), 


6.34 
SFDR, graph, 6.171 
AD985X series, DDS ICs, 12.94 
AD9850: 
DDS, 13.48-50 
register configuration assistant, 
screen, 13.49 
DDS/DAC synthesizer, 4.46-47 
diagram, 4.46 
AD9870, IF digitizing subsystem, 6.109 
AD22100, temperature sensor, ratiometric, 
3.34 
AD22105, thermostatic switch, 3.58-59 
AD22151: 
linear output magnetic field sensor: 
diagram, 3.8 
using Hall technology, 3.7-8 
AD22151 data sheet, 3.27 
Adams, R., 6.113 
Adams, Robert, 2.127, 6.113 
Adams, Robert W., 6.113 
Adams, R.W., 6.113 
ADC: 
1-bit, comparator, 6.44 
3-bit binary ripple, input and residue 
waveforms, graph, 6.60 
3-bit serial, binary output, diagram, 
6.59 
5-bit counting, circuit, 6.64 
10-/11-/12-bit ADC, theoretical noise 
power ratio, graphs, 6.147 
12-bit: 
noise floor, graph, 6.130 
SFDR, ratio of sampling clock to 
input frequency, graphs, 6.129 
analog bandwidth, 6.137-138 
antialiasing suppression assistant, 
screen, 13.53 
architectures, 6.40-84 
basic function, diagram, 6.40 
binary, single-state transfer function, 
graphs, 6.58 
bit error rate, 6.163-166 
buffering, logic noise, 12.29-30 
charge run-down, 6.65 


converter analog bandwidth, graph, 13.22 


converter performance vs. analog 
input frequency, graph, 13.22 
converter performance vs. sample rate, 
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counting and integrating architectures, 6.64 
digital output, handling, 12.62-64 
DNL, typical, graph, 13.20 
dual slope/multislope, 6.73-75 
dynamic performance analysis, diagram, 
6.129 
error corrected, 6.52-57 
gain and ENOB vs. frequency, graph, 
6.138 
generalized bit-per-stage architecture, 
diagram, 6.58 
Gray coded (folding), 6.58-63 
high resolution, with VFC and frequency 
counter, 6.68 
high speed: 
CMOS buffer/latch, diagram, 12.30 
logic noise, 12.29-30 
high impedance, differential input, 12.14 
input and output definitions, 5.1 
input structures, typical, diagrams, 
13.20 
internal reference, 6.40-41 
metastable states, 6.163-166 
model, showing noise and distortion 
sources, 6.131 
multibit and 1-bit pipelined core 
combination, diagram, 6.57 
no specification of IMD, 6.145 
noise figure, calculation, 6.149 
output, with error codes, graph, 6.164 
overvoltage, 11.1 
pipelined, 6.52-57 
ramp run-up, 6.65-66 
reference and buffer, diagram, 6.41 
sampling: 
containing SHA, 7.51 
using integral SHA, 6.161 
sampling clock, 6.42 
SAR, 6.42, 6.45-47 
selection guide, samples, 6.209-211 
serial bit-per-stage binary, 6.58-63 
SFDR specification, 6.138 
sparkle codes, 6.163-166 
subranging, 6.52-57 
trimming error, graphs, 6.121 
successive approximation, 6.37 
supply voltage, 6.43 
total SNR, equation, 6.160-161 
tracking, 6.66-67 
transfer function, graph, 13.23 
transient response and overvoltage 
recovery, 6.161-163 


ADC Analyzer, 13.74-75 
ADC FIFO Evaluation Kit: 


functional block diagram, 13.76 
illustration, 13.77 


graph, 13.21 ADF439F, trench-isolated LLCMOS multiplexer, 
7.50 
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ADF4112, PLL, 4.67 
ADG200 series, CMOS switches/multiplexers, 
7.23 
ADG201 series, linear-compatible CMOS 
switches/multiplexers, 7.23 
ADG438F, trench-isolated LLCMOS multiplexer, 
7.50 
ADGSO8F, trench-isolated LLCMOS multiplexer, 
7.50 
ADGSO9F, trench-isolated LLCMOS multiplexer, 
7.50 
ADGS11, single-supply switch, 2.92-93 
ADG528F, trench-isolated LLCMOS multiplexer, 
7.50 
ADG708: 
8-channel multiplexer: 
crosstalk vs. frequency, graph, 7.33 
off-isolation vs. frequency, graph, 7.30 
ADG8XX-series, CMOS switch, 7.26 
ADG801/ADG802, CMOS switch, in-resistance 
vs. input signal, graph, 7.26 
ADG918, 1GHz CMOS MUX/SPDT absorptive 
switch, circuit, 7.40-41 
ADG918/ADG919, 1GHz switch, isolation and 
frequency response, graphs, 7.40 
ADG919, 1GHz CMOS MUX/SPDT reflective 
switch, circuit, 7.40 
ADIsimADC: 
data converter modeling, 13.18-25 
behavioral model, 13.18 
distortion, 13.22-23 
gain, offset, and dc linearity, 13.19-20 
hardware considerations, 13.18-19 
jitter, 13.24-25 
latency, 13.25 
sample rate and bandwidth, 13.21 
ADIsimPLL, 13.26-29 
advantages, 13.26 
frequency domain results, 13.30 
graphs, 13.28 
and phase noise, 13.26 
schematic output, circuit, 13.29 
software, version 2.5, enhancements, 13.27 
time domain results, 13.29 
graphs, 13.28 
Adjacent channel/leakage ratio, definition, 
6.145 
Adjacent channel/power ratio, definition, 
6.145 
ADLH0033, bipolar open-loop hybrid buffer 
amplifier, circuit, 2.1 
ADM1201: 
microprocessor temperature monitor, 3.61- 
63 
block diagram, 3.63 
input signal conditioning circuits, 
diagram, 3.62 
ADP1147, switch modulation, 9.47 
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ADP1148, buck PWM regulator with variable 
frequency, 9.62 
ADP3000: 
switching regulator, 9.48 
switching regulator IC using PBM, 9.52 
ADP330X, LDO anyCAP regulator, schematic, 
9.13 
ADP3300 series, LDO pre-regulators, 7.15 
ADP3310: 
PMOS FET 1A LDO regulator controller: 
diagram, 9.21 
external current sense resistor, 9.23-25 
ADP3603/ADP3604/ADP3605, regulated —3V 
output 
voltage inverters, application circuit, 9.93 
ADP3603/ADP3604/ADP3605/ADP3607: 
regulated —3V output voltage inverters, 
9.91-93 
circuit, 9.92 
ADP3607, regulated —3V output voltage 
inverter, resistor value, 9.93 
ADP3607-S: 
regulated 5 V output voltage inverter: 
circuit, 9.95 
voltages, 9.94 
ADR380, 7.7 
ADR381, 7.7 
ADSP-21060L SHARC, output rise times and 
fall times, graph, 12.43 
ADSP-21160 SHARC, internal PLL, grounding, 
12.69-70 
ADSpice macromodel: 
characteristics, 13.4-5 
model transient response, 13.9-10 
op amp, 13.5 
CFB, 13.5, 13.11-13 
input and gain stages, circuit, 
13.12 
frequency shaping stages, 13.7-8 
noise model, 13.10-11 
output stages, 13.8-9 
circuit, 13.8 
pulse response comparisons, graphs, 
13.9 
stages, circuits, 13.7 
VFB, 13.5 
input and gain/pole stage, 
circuits, 13.6 
support, 13.17 
ADT45/ADTO, sensor, packaging, 3.34 
ADT70: 
RTD signal conditioner, 3.49-51 
diagram, 3.50 
ADT71, RTD signal conditioner, packaging, 
3.51 
ADuM130X/ADuM140X: 
multichannel isolator, 2.46-48 
multichannel products, 2.46-48 
ADuM140X, die photograph, 2.47 


ADuM1100: 
architecture, single-channel digital 
isolator, 2.42-46 
single-channel 100 Mbps digital isolator, 
2.42-46 
cross-section, 2.43 
magnetic field immunity, 2.45 
performance, 2.44 
ADuM1400, block diagram, 2.48 
ADuM1401, block diagram, 2.48 
ADuM1402, block diagram, 2.48 
ADXL-family micromachined accelerometer, 
diagram, 3.15 
ADXL202, dual-axis +2g¢ accelerometer, 
diagram, 3.17-18 
ADXRS gyro, 3.19-26 
capacitance change resolution, 3.23-24 
die, photograph, 3.25 
mechanical sensor, 3.24 
shock and vibration resistance, 3.26 
ADXRS150, packaging, 3.25 
ADXRS300, packaging, 3.25 
Akazawa, Yukio, 6.81 
Alexander, Mark, 13.31, 13.91, 13.92 
Alias, image, 5.25 
Aliasing: 
in DDS system, RF/IF circuit, 4.45-46 
in time domain, 5.25 
All bits off, definition, 6.125 
All bits on, definition, 6.125 
All-Os, definition, 6.125 
All-1s, definition, 6.125 
All-digital PLL, 4.52 
All-parallel (flash) converter, diagram, 6.50 
All-pole filter, response, comparisons, 8.25 
Allen, P.E., 8.143 
Allpass filter, 8.13 
definition, 8.12 
delay, 8.61 
purpose, 8.12 
Alternate loading DAC, 6.29-30, 6.30 
Aluminum electrolytic capacitor, 9.72-73 
characteristics, 10.4-5, 10.5 
comparison chart, 8.113 
Ammann, Stephan K., 6.84 
AMP 5-330808-3, 13.87 
pin socket, 12.58 
AMP 5-330808-6, 13.87 
pin socket, 12.58 
AMP03, precision four-resistor differential 
amplifier, 12.12-13 
Amplifier: 
band limited, 8.114 
current-voltage characteristic, 11.3 
intercept points and | dB compression 
points, definition, 6.143 
programmable gain, 2.87-94 
Amplifiers (cont,) 
speed, saturation, graph, 2.72 
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Amplifier Applications Guide, 2.114, 2.115, 
4.28, 11.50 
Amplifier input stage overvoltage, 11.1-4 
Amplifier output phase reversal, caveats, 
11.4 
Amplifier output voltage phase reversal, 
11.4-9 
Amplitude, EMI, 11.28 
Amplitude modulation, in DDS system, RF/IF 
circuit, 4.47 
AN-309: Build Fast VCAs and VCFs with 
Analog Multipliers, 4.20 
Analog bandwidth, ADC, 6.137-138 
Analog comparator, overvoltage, 11.1 
Analog computing circuitry, 5.2 
Analog delay circuit, using SHA, 7.51 
Analog Devices commitment to ESD protection, 
11.20-21 
Analog Devices Precision Converter: 
communications, 13.80 
evaluation board, 13.79 
hardware description, 13.80 
output connector, 13.80 
power supplies, 13.80 
software, 13.81 
Analog filter, 8.1-144 
design examples, 8.121-142 
filter realization, 8.63-108 
frequency transformation, 8.55-62 
practical problems, 8.109-120 
standard responses, 8.21-54 
time domain response, 8.18-20 
transfer function, 8.5-17 
Analog filter wizard, 13.61-67 
operation modes, 13.61 
schematic page, 13.67 
screens, 13.62-63, 13.65-66 
Analog ground, 12.55 
in mixed-signal IC, 12.60-61 
Analog ground pin, circuit, 12.56 
Analog input variable, 5.1-2 
Analog integrated circuit, overvoltage 
effects, 11.1-51 
Analog isolation: 
high speed logic isolator, 2.40-42 
isolation barrier, 2.33 
optional noise reduction filter, 2.36 
techniques, 2.33-34 
two-port isolator, 2.36-37 
Analog multiplexer, 7.23-50 
Analog multiplier, 2.77-82 
bipolar output, 4.13 
block diagram, 4.13 
definition, 2.77 
four-quadrant, 4.13 
RF/IF circuit, 4.13-20 
single-quadrant, 4.13 
Analog multiplier (cont.) 
two-quadrant, 4.13 
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Analog switch, 7.23-50 
application, 7.35-40 
dummy switch in feedback, minimizing 
gain error, circuit, 7.38 
ideal, 7.24 
minimizing on resistance, 7.36 
using large resistor values, circuit, 
7.37 
using noninverting configuration, 
circuit, 7.38 
overvoltage, 11.1 
parasitic capacitance, 7.37 
switching time, dynamic performance, 
circuit, 7.35 
unity gain inverter with switched input, 
circuit, 7.36 
Analog-to-digital converter, see: ADC 
Anderson, Robin N., 6.84 
Andreas, D., 6.113 
ANSI/EIJA-656, 13.31 
Antialiasing filter: 
design example, 8.121-127 
for undersampling, 5.30 
anyCAP LDO family, 9.13-15 
merged amplifier-reference design, 9.13 
pole-splitting topology, 9.15-16 
regulator controller, diagram, 9.20 
standard lead frame SOIC, 9.19 
Thermal Coastline packaging, 9.18 
Thermal Coastline SOIC, 9.19 
Aperture: 
SHA, effects on output, graph, 7.57 
SHA specification, 7.54 
Aperture delay, 6.156-157 
SHA specification, 7.56 
Aperture delay time, 6.156-159 
SHA specification, 7.56 
measurement, 7.56 
Aperture jitter, 6.156-159, 12.64 
error, 7.53 
and sampling clock jitter: 
graph, 6.158 
SNR, graph, 6.159 
SHA, 7.56 
Aperture time, 6.156-159 
SHA specification, 7.54 
Aperture uncertainty, 6.157 
SHA, 7.56 
Application circuit, data sheet, example, 
6.202 
Application specific integrated circuit, 4.2 
The ARRL Handbook for Radio Amateurs, 4.73 
Ask the Application Engineer-33: All About 
Direct Digital Synthesis, 4.50 
Ask the Applications Engineer, 4.28 
Aspinall, D., 6.82, 7.63 
Asymptotic response, 1.16 
Asynchronous VFC, 6.68 
Attenuation curve, filter, 8.7 
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Audio amplifier, 2.95-105, 2.95-98 
auto-zero, vs. chopper, 2.121-110 
implementation, 2.11 
line drivers and receivers, 2.101 
operation description, 2.124-113 
types, 2.95-97 
VCAs, 2.98-100 

Audio line driver, 2.103-105 

Audio line receiver, 2.101-103 
definition, 2.101 

Audio system, differential/balanced 

transmission, block diagram, 2.101 

Auto-zero amplifier, 2.119-113 
auto-zero phase, circuit, 2.124 
implementation, 2.123 
output phase, circuit, 2.124 
schematic diagram, 2.120 
vs. chopper amplifier, 2.121 

Automatic zero, definition, 6.173 

Automotive equipment: 
components, RF field immunity limits, 

11.25 
EMC, 11.25 

Avalanche diode, circuit, 7.2-3 

AVX Corporation, 9.79 

AVX TPS-series, electrolytic capacitor, 9.75 


B 
Bainter notch filter: 
design equations, 8.102 
diagram, 8.82 
prototype, 8.132 
Bainter, J.R., 8.144 
Baker, Bonnie, 12.51, 12.82 
Balanced audio transmission system, circuit, 
2.104 
Ball grid array, PCB, 12.6 
Ball, W.W. Rouse, 6.81 
Band gap reference, 7.3-8 
architecture, table, 7.11 
basic, circuit, 7.4 
Band gap temperature sensor: 
cell reference voltage, 3.33 
diagram, 3.32 
Band-pass filter, 5.30, 8.2, 8.13 
bandwidth, 8.9-10 
definition, 8.10 
delay curve, denormalization, 8.29 
peaking vs. Q, 8.10 
pole frequencies, 8.57 
response, graph, 8.131 
response envelope, 8.29 
transformations, 8.29 
transfer function, 8.9-10 
wideband or narrowband, 8.56 
Band-pass sampling, 5.28 
Band-pass sigma-delta converter, 6.108-109 
replacing integrators with resonators, 
diagram, 6.108 


Band-pass transformation, circuit, 8.131 
Bandreject filter, 8.2, 8.13 
definition, 8.10-12 
response, graph, 8.133 
transfer function, 8.11 
transformation, circuit, 8.131-132 
Bandwidth: 
for 0.1dB flatness, 1.66-67 
SHA, 7.54 
Barber, William L., 2.115, 4.28 
Barney, K. Howard, 6.83 
Barrow, Jeff, 12.51, 12.75 
Base-10 code, and binary, 5.3 
Baseband, sampling, 5.26 
Baseband antialiasing filter, 5.26-28 
oversampling, 5.27 
Basic diode log amp, 2.56 
BAV199, diode, 3.46 
Bell Laboratories, 6.37 
Benjamin, O.J., 6.113 
Bennett, W.R., 6.175 
Bernardi, Scott, 1.79 
Bessel filter, 8.3 
amplitude response, 8.25 
design prototype, 8.134 
design table, 8.48 
impulse response, 8.18-19 
poles, 8.23 
response curves, 8.37 
standard response, 8.23 
step and impulse response, 8.25 
Bessel function, 8.134 
Best straight line, 6.117-118 
for integral linearity error, 5.14-15 
Best, R.E., 4.73 
Best, R.L., 4.73 
Bi-FET, in op amp, 1.26 
Bias current, 1.38 
compensation, SHA, 1.40 
error, 6.74 
minimizing, 1.41-42 
Bias-compensated input structure, circuit, 
1.39 
Bias-compensated op amp, 1.43 
BiFET op amp: 
input behavior, 2.75 
phase reversal, 11.4-5 
Billings, Keith, 9.78 
Binary code, 5.12 
and base-10, 5.3 
and hexadecimal, relationship, 5.3 
Binary R-2R DAC, 6.6 
Binary-coded-decimal code, table, 5.9-10 
Binary-weighted capacitive DAC, in 
successive approximation ADC, diagram, 6.13 
Binary-weighted current mode DAC, diagram, 
6.13 
Binary-weighted current source, 6.12-14 
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Binary-weighted voltage mode resistor DAC, 
diagram, 6.12 
Bipolar 3-bit ADC, transfer function, 5.8 
Bipolar 3-bit DAC, transfer function, 5.7 
Bipolar code, 5.6-10 
4-bit converter, 5.6 
conversions among other codes, table, 5.9 
offset binary, 5.6 
ones complement, 5.6 
sign magnitude, 5.6 
twos complement, 5.6 
Bipolar converter, 5.12-13 
Bipolar junction transistor, 3.31 
bias current, 1.38 
Bipolar output, two-quadrant operation, 2.77 
Bipolar power supply, op amp, 1.7 
Bipolar process, for switches/multiplexers, 7.23 
Bipolar switch, in voltage converter, 9.87 
Bipolar-FET transistor, in op amp, 1.26 
Biquadratic filter, 8.79 
diagram, 8.79 
tunable, 8.79 
Biquadratic filter (A), highpass, design 
equations, 8.98 
Biquadratic filter (B), notch and allpass, 
design equations, 8.99 
Bird’s nest breadboard wiring, 13.83 
Bit error rate: 
ADC, 6.163-166 
vs. average time between errors, 
sampling, table, 6.166 
Black, H.S., 6.175 
Blattner, Rob, 9.26 
Bleaney, B., 12.51, 12.75 
Bleaney, B.I., 12.51, 12.75 
Blinchikoff, H.J., 8.143 
Boctor notch filter, 8.83-84 
High-pass, diagram, 8.84 
High-pass (A), design equations, 8.104 
High-pass (B), design equations, 8.105 
Low-pass: 
design equations, 8.103 
diagram, 8.83 
Boctor, S.A., 8.144 
Bode plot, 1.9, 1.14, 1.16, 1.30, 1.31, 
7.29, 8.120, 13.35 
Bode, Hendrick W., 1.79 
Boltzmann's constant, 1.55, 2.79, 3.31, 
4.15, 4.62 
Bonadio, Steven, 4.40 
Bondzeit, Frederick, 6.84 
Boost converter, 9.36-41 
basic: 
circuit, 9.37 
waveforms, 9.37 
constant frequency PWM, graph, 9.64 
discontinuous inductor current, 9.38-39 
discontinuous mode, waveform, 9.39 
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Boost converter (cont.) Buck converter (cont) 
gated oscillator (PBM), inductance input/output capacitors, rms ripple 
calculation, graph, 9.60 current, graphs, 9.75 
input/output capacitors, RMS ripple input/output current, waveforms, 9.70 
current, graphs, 9.75 input/output relationships, 9.33 
input/output current, waveforms, 9.70 negative in/negative out, circuit, 9.41 
input/output relationship, 9.38 NPN switches in IC regulator, circuit, 
negative in/negative out, circuit, 9.41 9.54 
NPN switches in IC regulator, circuit, point of discontinuous operation, 9.36 
9.54 synchronous switch, with P- and N- 
point of discontinuous operation, 9.40 channel MOSFETS, circuit, 9.57 
See also: Step-up converter waveforms, discontinuous mode, 9.34 
Borlase, Walter, 1.79 see also: Step-down converter 
Boser, B., 6.113 Buck regulator, gated oscillator control, 
Bowers, Derek, 13.31, 13.91, 13.92 output voltage waveform, 9.53 
Bowers, Derek F., 2.114 Buck-boost converter: 
Boyle model, 13.8-9 cascaded, 9.43 
Boyle, G.R., 13.31, 13.91 circuits, 9.42-43 
Brahm, C.B., 6.112 flyback, circuit, 9.45 
Brandon, David, 4.50 topologies, 9.42-43 
Brannon, Brad, 6.175, 7.84, 13.31 Bucklen, Willard K., 6.81 
Breadboarding, 13.3 Budak, Aram, 8.143 
and simulation, 13.13 BUF03, monolithic open-loop buffer, circuit, 2.2 
Bridge circuit: BUF04, unity gain buffer, 2.3 
1-element, 3.71-72 Buffer: 
2-element, 3.71-72 definition, 2.1 
AC excitation, 3.85 frequency compensated, circuit, 2.3 
All-element, 3.71-73 simple unity-gain monolithic, circuit, 2.3 
Current drive, 3.73, 3.79, 3.82 Buffer amplifier, 2.1-4, 6.6 
Driving, 3.90-83 Buffer register, 12.62 
Kelvin sensing, 3.82 Buffered Kelvin-Varley divider, 6.6 
Linearizing, 3.76-79 Bulk metal resistor, table, 10.21 
Ratiometric operation, 3.77 Bulk metal/metal foil resistor, comparison 
Thermocouple effect, 3.84 chart, 8.112 
Voltage drive, 3.76 Buried zener, drift, 7.13 
Bridge output, 5.2 Buried zener reference, 7.8-9 
Broadband Amplifier Applications, 2.115, architecture, table, 7.11 
4.28 noise performance, 7.8-9 
Brokaw band gap cell, 7.6 Burton, L.T., 8.144 
Brokaw Cell, 3.32, 7.4 Busy, 6.42 
Brokaw, Paul, 3.64, 7.21, 9.26, 11.50, Butterworth filter, 5.27, 8.3, 8.23-24, 6.172, 13.65 
12.51, 12.75, 12.82 amplitude response, 8.25 
Brown, Edmund R., 2.115, 4.28 design table, 8.42 
Brown, Marty, 9.78 disadvantages, 8.128 
Brushless resolver, 6.76 impulse response, 8.18 
Bryant, James, 12.51, 12.75 noise bandwidth, 6.150 
Bryant, James M., 2.114, 4.10, 6.84 order, 8.109 
Buck converter: response, 8.121-122 
basic: response curves, 8.31 
diagram, 9.31 standard response, 8.21 
waveforms, 9.32 step and impulse response, 8.25 
constant frequency (PWM), inductance Buxton, Joe, 13.31, 13.91, 13.92 
calculation, graph, 9.61 Bypass capacitor, voltage reference, 7.17, 7.19 
constant off-time variable frequency PWM, 
graph, 9.63 C 
fixed off-time variable frequency pulse Cable: 
width modulation, 9.47 electrically long, 11.34 
gated oscillator (PBM), inductance EMI, 11.29 
calculation, graph, 9.59 radiation, and EMI, 11.27 
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Cable (cont) 
shielded, as antenna, 11.33-35 
shielding, 11.47-49 
electrical length, 11.46-47 
and precision sensors, 11.49 
CAD files, 12.4 
CAD layout files, 13.72 
Cage jack, 12.58, 13.87 
Calculator, not a simulator, 13.48 
Candy, J.C., 6.112, 6.113 
Capacitance: 
parallel plates, 12.27 
stray, 12.27-28 
symmetric stripline, calculation, 12.41 
Capacitive binary-weighted DAC, in 
successive approximation ADC, diagram, 6.13 
Capacitive coupling: 
DAC, 6.168 
equivalent circuit model, 12.28 
Capacitive load: 
large, stable reference, circuit and 
graph, 7.18 
reduces phase margin, 1.70 
Capacitive noise, 12.28-29 
Capacitive reactance, definition, 10.3 
Capacitive sensing, 3.23-25 
Capacitively-coupled isolation amplifier, 2.33 
Capacitor, 10.3-14 
basics, 10.3 
characteristics, 8.110 
table, 10.5 
charge redistribution, 9.85 
charge transfer, 9.83-87 
charging from voltage source, diagrams, 
9.84 
comparison, table, 8.113, 10.5 
considerations, 9.69-75 
damping components, 10.4, 10.6 
for decoupling, 12.77 
definition, 10.3 
dielectric absorption, 7.58, 10.11-13 
dielectric types, 10.3-9 
dissipation factor, 10.13 
electrolytic: 
characteristics, 10.4-5 
impedance vs. frequency, graph, 9.71 
equivalent circuit: 
diagrams, 8.111 
parasitics, 10.10 
equivalent series inductance, 9.83 
equivalent series resistance, 9.83 
fundamentals, 9.28-30 
graph, 9.29 
insulation resistance, 10.10 
manufacturers, 9.79 
maximum working temperature, 10.9 
organic types, advantages, 10.9 
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Capacitor (cont) 
parasitics, 8.111, 10.10, 10.13-14 
best types, 10.13 
and dissipation, 10.13-14 
passive filter component, problems, 
8.109-113 
response to current step, 9.71 
selection guide, chart, 9.72 
stored charge, diagram, 9.83 
temperature coefficient, 10.9 
tolerance, temperature, and other effects, 10.9 
voltage coefficient, 10.9 
Carbon composition resistor, 10.15 
comparison chart, 8.112 
table, 10.21 
Carrier, 6.136 
Cascaded network, two-stage, example, 6.155 
Cattermole, K.W., 5.20, 6.175 
Cauer filter, definition, 8.26-27 
Cauer, W., 8.143 
Caveney, R.D., 6.82 
CCD, 3.65-68 
applications, 3.65 
linear array, diagram, 3.65 
noise source, 3.66 
output waveform, 3.66 
pixels, 3.65 
sample-to-sample variation, 3.66 
CD reconstruction filter: 
design, 8.134-136 
final filter design, 8.135 
normalized FDNR, 8.135 
passive prototype, 8.135 
performance, graphs, 8.136 
transformation in S-plane, 8.135 
CDMA, measurement, Tru-Power detector, 4.29 
Centripetal motion, 3.21 
Ceramic capacitor, 9.72, 9.74 
CFB: 
advantages, 1.19 
frequency response, graph, 1.18 
CFB op amp, 1.17 
common-mode input impedance, 
specification, 1.42-43 
current noise, 1.49 
difference from VFB, 1.17-19 
frequency dependence, 1.68-69 
noise model, 1.59 
open-loop: 
gain, 1.68 
graph, 1.32 
transresistance, 1.32 
Chadwick, P.E., 2.114, 4.10 
Channel separation, op amp, 1.75 
Channel-to-channel isolation, definition, 
6.173 
Charge control, 9.51 
Charge injection, CMOS switch, 7.31 
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Charge pump: 
continuous switching, circuit, 9.85 
leakage current, 4.70-71 
in PLL, 4.52 
Charge run-down ADC, 6.65 
diagram, 6.65 
Charge transfer, definition, 6.173 
Charge-balance VFC, 6.68 
diagram, 6.69 
Charge-coupled device, see: CCD 
Charge-redistribution DAC, 6.47 
Charged device model, ESD, 11.12-13 
Charpentier, A., 6.113 
Chasek, N.E., 6.82 
Chebyshev filter, 13.61 
0.01dB: 
design table, 8.43 
response, 8.32 
0.1dB: 
design table, 8.44 
response, 8.33 
0.25dB: 
design table, 8.45 
response, 8.34 
0.5dB: 
design table, 8.46 
response, 8.35 
1dB: 
design table, 8.47 
response, 8.36 
amplitude response, 8.25 
bandwidth chart, 8.23 
impulse response, 8.18-19 
low-pass prototype: 
circuit, 8.128 
disadvantage, 8.129 
normalization, 8.22 
poles, 8.22 
relative attenuation, 8.22 
standard response, 8.21-23 
step and impulse response, 8.25 
transition region, 8.21-22 
Chesnut, Bill, 12.82 
Chevyshev, see: Chebyshev 
Chip cap, low inductance, 10.6 
Chip select, 6.42 
Choke, EMI protection, 11.35 
Chop mode, 6.104 
Chopper amplifier, 2.119-108 
schematic diagram, 2.119 
Chopper-stabilized op amp, 1.26, 2.119 
compared with precision amps, 2.123 
Christie, S.H., 3.60 
Chryssis, George, 9.78 
Circuit: 
tuned: 
formed from inductor/capacitor, 12.25 
Q, 12.25 
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Circuit board: 

layout issues, 9.25 

printed, copper resistances, chart, 9.24 
Circuit design, considerations, 10.14 
Circuit diagram, data sheet, example, 6.198 
Clamping amplifier, high speed, 2.59-63 
Clamping diode, unnecessary on OPX91 family, 

11.6 

Class-D audio power amplifiers, 2.105-117 
Clelland, Ian, 9.78, 10.27 
Clock distribution: 

end-of-line termination, 12.47 

source terminated transmission lines, 12.47 
Clock generation and distribution, 7.65-83 
Clock driver, PCB, 12.3 
Closed-loop bandwidth, 1.57 

and noise gain, 1.68 
Closed-loop gain, 4.52 

op amp, 1.13 

op amp circuit, stabilizing, 13.36 

in VCO, 4.64 
CMOS: 
latched buffer, 12.30 
for switches/multiplexers, 7.23 
CMOS ADC, differential SHA, equivalent 
input circuit, 7.60 


CMOS DAC Application Guide, 8.144 
CMOS multiplexer, parasitic latchup, 7.47-50 
CMOS op amp, 1.26 
lower supplies, 1.44 
CMOS switch: 
1GHz, 7.40-41 
adjacent, equivalent circuit, 7.27 
basic, complementary pair, circuit, 7.25 
basic considerations, 7.24-26 
bipolar transistor equivalent circuit, 
with parasitic SCR latch, 7.48 
Bode plot, transfer function in on-state, 
graph and equations, 7.29 
charge coupling, dynamic settling time 
transient, circuit, 7.32 
charge injection model: 
dynamic performance, circuit, 7.31 
effect on input, circuit, 7.31 
crosstalk, 7.33 
diode protection scheme, 7.48 
dynamic performance: 
off isolation, graph and equation, 7.29 
transfer accuracy vs. frequency, 
graph, 7.28 
error sources, 7.26-34 
feedthrough, 7.30 
input protection, using Schottky diode, 7.49 
junction-isolation, cross-section, 7.47 
model, with leakage currents and 
junction capacitances, 7.26-27 
off condition, dc performance, circuit, 7.28 


CMOS buffer/latch, for high speed ADC IC, 12.62 


on condition, de performance, circuit 
and equations, 7.27 
on resistance vs. signal voltage, 
graph, 7.25 
CMOS switch (cont) 
overcurrent protection, using external 
resistor, circuit, 7.49 
parasitic components, 7.28 
parasitic latchup, 7.47-50 
in poorly designed PGA, circuit, 7.39 
single-pole, settling time, constants, 
table, 7.34 
CMR, definition, 6.124 
CMRR: 
in bias current compensation, 1.40 
op amp: 
calculation, 1.71 
output offset voltage error, 1.71 
CMV, definition, 6.124 
Code, 5.2 
conversion relationship, 5.2 
hexadecimal, 5.3 
natural, 5.3 
straight binary, 5.3 
Code centers, 5.12 
CODEC, grounding, 12.67 
Coding and quantizing, 5.1-20 
COG capacitor, characteristics, 10.6 
Coilcraft, 9.79 
Coiltronics, 9.79 
Cold-junction: 
compensation, 3.36-44 
diagram, 3.40 
temperature sensor, 3.40-41 
definition, 3.37, 3.39 
Colton, Evan T., 6.82 
Commercial equipment, EMC, 11.23-24 
Common-mode error, definition, 6.124 
Common-mode range, definition, 6.124 
Common-mode rejection, see: CMR 


Common-mode rejection ratio, see: CMRR 


Common-mode voltage, see: CMV 
Communication theory, classic paper by 
Shannon, 5.24 
Companding, 6.37 
Comparator, 2.65-76 
1-bit ADC, 2.65, 6.44 
definition, 2.65 
latch and compare, 2.69 
logic types, 2.72 
op amp, 2.71 
input circuitry, 2.75-76 
output, 2.72-74 
speed, 2.71-72 
output, 72-74 
response, hysteresis, 2.68 
speed, 2.71-72 
symbol, diagram, 2.65 
window, 2.69 


Complementary bipolar process, for 
switches/multiplexers, 7.23 
Complementary code, 5.10 

uses, 5.10 
Complex impedance, definition, 10.23 
Compliance-voltage, DAC output, 6.24 
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Compliance-voltage range, definition, 6.125 


Compound input stage, 1.22 
Computer equipment, radiated emission 
limits, table, 11.24 

Conduction, EMI, 11.27 
Conductivity, infinite, 12.9 
Conductor, resistance, 12.5-6 
Configuration assistant, 13.46-58 
Connector leakage, and EMI, 11.27 
Connelly, J.A., 12.51, 12.75, 12.82 
Continuous switching: 

charge pump, circuit, 9.85 

pump capacitor, circuit, 9.86 
Controller, set-point, 3.58-60 
Conversion relationship, code, 5.2 
Converter: 

ideal step-up (boost), 9.36-41 

rms to dc, 2.83-86 
Copper resistance, printed circuit, chart, 
Core, electronic, manufacturers, 9.79 
Coriolis acceleration: 

definition, 3.20 

example, 3.20 

measurement, 3.22-23 

to measure angular rate, 3.20-21 
Coriolis accelerometer, 3.20-21 
Coriolis effect: 

demonstration, 3.22 

displacement, 3.23 
Correlated double sampling, 3.66 

diagram, 3.67 
Couch, L.W., 4.73 
Counts, L., 2.114 
Counts, Lew, 2.115 
Coupling: 

EMI, 11.37 

and mutual inductance, within signal 

cabling, 12.24 
Coussens, P.J.M., 3.27 
Coxeter, H.S.M., 6.81 
Crosstalk, 7.33 

definition, 6.173 

EMI, 11.37 

op amp, 1.75 

PCB, 12.3 
Crowbar, EMI protection, 11.35 


9.24 


Crystal Oscillators: MF Electronics, 12.52 


Crystal Oscillators: Wenzel Associates, 
Inc., 12.52 
Cuk converter, 9.44 


Current feedback input resistance, circuit, 1.43 
Current feedback integrator, noninverting, 8.117 
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Current feedback op amp: 
choosing between VFB and CFB, 1.19 
differences from VFB, 1.17-19 
effects of overdrive on inputs, 1.27-28 
low power and micropower, 1.25-26 
phase reversal, 1.25 
rail-to-rail, 1.25 
single supply: 
circuit design, 1.23-24 
considerations, 1.20-22 
supply voltage, 1.19-20 
see also: CFB 
Current noise, op amp, 1.47, 1.49 
Current source: 
schematic and layout: 
PCB, 12.71 
de current flow, 12.71 
Current-mode binary weighted DAC, diagram, 
6.13 
Current-mode control, 9.50 
Current-mode R-2R ladder network DAC, 
diagram, 6.17 
Current-out temperature sensor, 3.33 
Current-steering multivibrator VFC, 6.68 
diagram, 6.69 
Current-to-voltage converter, see: I/V 
Curtin, Mike, 4.73 
Cutler, C.C., 6.112 
Cut-off frequency, filter, 8.1-2 


D 
DAC: 
3-bit switched-capacitor, circuit, 6.47 
8-bit, nonlinear transfer function, 6.37- 38 
12-bit, SFDR, FFT, 4.48 
architecture, 6.3-39 
R-2R ladder, 6.14-18 
basic, diagram, 6.3 
charge-redistribution, 6.47 
current-output architecture, 6.9 
deglitcher, using SHA, 7.51 
digital interfacing, 6.28-32 
distortion, 6.167, 6.170 
double buffered, 6.28 
complex input structures, diagram, 6.29 
dynamic performance, 6.167 
fully decoded, 6.9-11 
gain, in R-2R ladder, 6.16 
general nonlinear, diagram, 6.39 
glitch impulse area, 6.168-169 
high speed: 
alternate loading, diagram, 6.30 
buffering using differentia amplifier, 
6.28 
output, model, 6.24 
ideal 12-bit, SFDR, output spectrum, 4.44 
input and output definitions, 5.1 
intentionally nonlinear, 6.37-39 
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DAC (cont.) 
multiplying: 
in feedback loop, 2.91-92 
performance, 2.92 
nonlinear 6-bit segmented, diagram, 6.38 
output: 
buffered with op amps, 6.23 
graph, 6.36 
output compliance voltage, 6.24 
ping-pong, 6.29-30 
settling time, 6.167-168 
SFDR, 6.167, 6.170-172 
test setup, 6.171 
SNR, 6.170-172 


measurement, analog spectrum analyzer, 6.172 


string, 6.4-5 
switched-capacitor, 6.47 
thermometer, 6.9-11 
transitions, with glitch, graph, 6.168 
DAC-08, block diagram, 6.16 
Dale Electronics, Inc., 9.79 
Damped oscillation, 1.64 
Damping ratio, 8.7 
Damping resistor: 
fast logic, minimizing EMI/RFI, circuits, 12.44 
series, high speed DSP interconnections, 12.45 
Daniels, R.W., 8.143 
Darlington NPN, pass device, 9.6 
Darlington pass connection, 9.7 
Data bus: 
interface, example, 6.199 
parallel vs. serial, 6.206 
Data converter, 6.1-211 
ac errors, 6.129-176 
ac specifications, 6.173-174 
analog switches and multiplexers, 7.23-50 
choosing, 6.205-211 
code transition noise and DNL, graphs, 6.122 
dc and ac specifications, 6.115 
dynamic performance, 6.133 
table, 6.134 
gain error, 5.14 
intercept points, significance, 6.144 
least significant bit, for 2 V full scale 
input, table, 6.116 
logic, timing, 6.33 
metastable comparator output, error 
codes, diagram, 6.165 
offset error, 5.14 
offset and gain error, graphs, 6.117 
parameters, 6.205-206 
part selection, 6.206-211 
primary dec errors, 6.117 
resolution, 6.205 
table, 6.116 
sample rate, 6.205 
SHA circuits, 7.51-63 
specifications, defining, 6.115-116 


Data converters (cont.) 

static transfer functions and dc errors, 

6.117-127 

support circuits, 7.1-63 

thermal considerations, 12.90-95 

timing specifications, 6.177-179 

transfer functions for nonideal 3-bit 

DAC and ADC, graphs, 6.119 

voltage references, 7.1-21 
Data directed scrambling, 6.110 
Data distribution system, using SHA, 7.51 
Data ready, 6.42 
Data scrambling, 6.110 
Data sheet: 

absolute maximums, 1.89-91, 6.188-189 

application circuits, 6.202 

circuit description, 6.198 

defining the specifications, 6.192 

equivalent circuits, 6.193 

evaluation boards, 6.203 

front page, 1.83, 6.181 

graphs, 1.92, 6.194-197 

how to read, 6.181-203 

interface, 6.199-200 

main body, 1.93, 6.198 

for op amp, 1.93-94 

ordering guide, 1.92, 6.189-190 

pin description, 6.191-192 

reading, 1.83-94, 6.181-203 

register description, 6.201 

specification tables, 1.83-89, 6.181-188 
Data Sheet for AD815 High Output Current 
Differential Driver, 12.96 
Data Sheet for AD8011 300 MHz, ImA Current 
Feedback Amplifier, 1.82 
Data Sheet for AD8016 Low Power, High 
Output Current xDSL Line Driver, 12.96 
Data Sheet for AD8017 Dual High Output 
Current High Speed Amplifier, 12.96 
Data Sheet for AD8551/AD8552/AD8554 Zero- 
Drift, Single-Supply, Rail-to-Rail 
Input/Output, 1.82 
Data Sheet for AD8571/AD8572/AD8574 Zero- 
Drift, Single-Supply, Rail-to-Rail 
Input/Output, 1.82 
Data Sheet for OP777/OP727/OP747 Precision 
Micropower Single-Supply Operational 
Amplifiers, 1.82 
Data Sheet for OP1177/OP2177/OP4177 
Precision Low Noise, Low Input Bias 
Current Operational Amplifiers, 1.82 
Dattorro, J., 6.113 
DC error source, in-amp, 2.22-25 
DC errors, 6.117-127 
DDS, 6.170 

aliasing, 4.45-46 

basic system, high resolution, 4.44 

configuration assistant, 13.49 

flexible system, diagram, 4.42 
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DDS (cont) 
fundamental, 4.41 
harmonics, 4.46 
RF/IF circuit, 4.41-44 
sampled data system, 4.41 
tuning equation, 4.43 
vs. PLL-based system, 4.46 
DDS Design, 4.50 
DDS system: 
ADC clock driver, 4.46-47 
amplitude modulation, 4.47 
dither, for quantization noise and SFDR, 4.49 
harmonics, 4.47 
SFDR considerations, 4.47-49 
De Jager, F., 6.112 
Dead time, DAC settling time, 6.167 
Decimation, 6.90-91 
Decoupling, 12.77-82 
inadequate, effects, 12.78-79 
local high frequency, 12.77-80 
supply filter, circuits, 12.78 
PCB, 12.77-82 
power line, forms resonant circuit, 12.80 
surface-mount multilayer ceramics, 12.77 
voltage reference, 7.2 
Decoupling capacitor, in-amp, 2.24 
Decoupling point, 12.63 
Del Signore, B.P., 6.113 
Delay constant, surface microstrip, 12.39 
Delay dispersion, graph, 2.66 
Delay skew, 12.50 
Deloraine, E.M., 6.112 
Delta modulation, 6.85 
circuit, 6.85 
quantization, graph, 6.86 
Delta phase register, 4.42 
Delyiannis, T., 8.143 
Dempsey, Dennis, 6.7 
Demultiplexed data bus, 12.50 
Denormalization, filter, 8.29 
Derating curves, 12.85 
Derjavitch, B., 6.112 
Design development: 
evaluation boards and prototyping, 
13.69- 92 
online tools and wizards, 13.33-68 
simulation, 13.3-32 
tools, 13.1-92 
Design wizard: 
analog filter wizard, 13.61-67 
photodiode wizard, 13.58-60 
Designing for EMC (Workshop Notes), 11.50 
Detecting, architecture, 4.21 
Detecting Fast RF Bursts Using Log Amps, 4.28 
Detecting log amp, 2.55-56 
Detector, True Power, RF/IF circuit, 4.29-31 
Development of an Extensive SPICE 
Macromodel for "Current-Feedback" 
Amplifiers, 13.31, 13.91 
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Dickinson, Arthur H., 6.83 
Dielectric, types, 10.3-9 
Dielectric absorption, 10.10-13 
capacitor, 10.11-13 
circuit example, 10.11 
material characteristic, 10.12 
PCB, 12.19 
circuit, 12.20 
sample-and-hold errors, 10.12 
SHA, 7.58 
circuit and graph, 7.59 
Dielectric hysteresis, 10.11 
Difference amplifier: 
circuit, 2.9 
definition, 2.8 
Differential amp: 
calculator, manual and automatic modes, 
13.44 
CMR/gain/noise calculator, screen, 13.44 
Differential amplifier, 2.31-32 
advantages, 2.31 
Differential analog input capacitance, 
definition, 6.125 
Differential analog input impedance, 
definition, 6.125 
Differential analog input resistance, 
definition, 6.125 
Differential analog input voltage range, 
definition, 6.125 
Differential current-to-differential 
voltage conversion, 6.27-28 
Differential DC-coupled output: 
with dual-supply op amp, circuit, 6.25 
with single-supply op amp, circuit, 6.26 
Differential gain: 
definition, 1.73, 6.173 
example, 1.74 
Differential input voltage, op amp, 1.44 
Differential linearity error, 6.117 
Differential nonlinearity, 6.118 
ADC, 5.17 
graph, 6.120 
and code transition noise, 5.19 
converter, 5.15 
DAC: 
details, 5.16 
graph, 6.119 
distortion effect, 6.133-135 
Differential nonlinearity error, in ADC/DAC, 
graphs, 6.134 
Differential nonlinearity temperature 
coefficient, 6.123-124 
Differential PCM, 6.85 
circuit, 6.85 
Differential phase: 
definition, 1.75 
specifications, 1.74 
Differential phase, definition, 6.173 
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Differential transformer coupling, circuit, 6.25 
Digi-Trim, in op amp, 1.26 
Digiphase, 4.59 
Digital corrected subranging, 6.54 
Digital crosspoint switch, 7.46 
Digital crosstalk, definition, 6.173 
Digital current, high, multiple PCB, 
diagram, 12.68 
Digital data bus noise, immunity in high- 
speed ADC IC, 12.62 
Digital error correction, 6.54 
Digital filter, in sigma-delta ADC, 6.100- 101 
Digital filtering, 6.90 
Digital ground, 12.55 
in mixed-signal IC, 12.60-61 
Digital ground pin, circuit, 12.56 
Digital interface, 6.28-32 
Digital isolation: 
AD260/AD261 high speed logic isolators, 
2.40-42 
ADuM130X/ADuM140X multichannel products, 
2.46-48 
ADuM1100 architecture, 2.42-46 
in data acquisition system, 2.41 
iCoupler technology, 2.42 
techniques, 2.39-48 
using LED/photodiode optocoupler, 2.40 
using LED/phototransistor optocoupler, 2.39 
Digital noise, in mixed-signal IC, 12.60-61 
Digital phase wheel, 4.43 
Digital phase-frequency detector: 
in PLL synthesizer, 4.54 
using D-type flip flops, circuit, 4.54 
waveforms, 4.55 
Digital phosphor scope, acquisition time 
measurement, 7.59 
Digital PLL, 4.52 
Digital pot, 6.7-9 
two times programmable, diagram, 6.9 
Digital potentiometer, 6.7-9 
advantages, 6.8 
internal timer, 6.8 
Digital sampling scope, acquisition time 
measurement, 7.59 
Digital signal processor, see: DSP 
Digital switch, crosspoint, 7.46 
Digital word, 6.1 
Digital-output temperature sensor, 3.56-58 
Digitally controlled VGA, 4.38-39 
RF/IF circuit, 4.38-39 
DigiTrim technology: 
circuit offset adjustment, 1.34-35 
schematic, 1.35 
Diode: 
input protection, 11.2 
junction capacitance, 11.8 
for parasitic SCR latch-up protection, 7.48 


Diode-ring mixer: 
diagram, 4.7 
performance limitations, 4.7 
RF/IF circuit, 4.3-6 
Diode/op amp log amp, disadvantages, 4.21 
DiPilato, Joe, 6.114 
Direct Digital Frequency Synthesizers, 4.50 
Direct digital synthesis, see: DDS 
Direct IF to digital conversion, 5.28 
Discrete time sampling, 5.22 
Dispersion, comparator, 2.65 
Dissipation factor, definition, 10.13-14 
Distance, EMI, 11.28 
Distortion: 
CFB op amp, 1.19 
harmonic, 1.60 
intercept points, 1.60 
intermodulation distortion, 1.60 
multitone power ratio, 1.60 
op amp, definition, 1.60 
SFDR, 1.60 
SHA, 7.54 
static and dynamic, 13.22-23 
total harmonic, 1.60 
plus noise, 1.60 
Distortion products, location, graph, 6.135 
Dither, 4.48 
Dither signal, 6.130 
Divider: 
circuit, 2.82 
with multiplier and op amp, 
inverting/noninverting modes, circuit, 
2.81 
DNL: 
and sampling clock jitter, quantization 
noise, SNR, and input noise, graph, 
6.160 
see also: Differential nonlinearity 
Dobkin, Robert C., 9.26 
Doeling, W., 12.51 
Dominant pole frequency, 1.30 
Dorey, Howard A., 6.84 
Dostal, J., 1.81 
Doublet glitch, 6.168 
Downing, Salina, 13.31 
Drift: 
reference temperature, table, 7.14 
voltage reference, 7.13 
Drift with time, op amp, 1.33 
Drift/gain error, 13.39, 13.41 
Droop: 
hold mode, 7.58 
rate, 7.53 
Dropout voltage, 9.5 
DSP: 
grounding, 12.67 
output rise times and fall times, graph, 
12.43 
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Dual amplifier band-pass filter: 

design equations, 8.100 

diagram, 8.80 
Dual slope ADC: 

advantages, 6.74 

diagram, 6.73 

integrator output waveforms, 6.73 
Dual slope/multislope ADC, 6.73-75 
Dual-modulus prescaler, 4.57-58 
Duff, David, 6.175 
Dummer, G.W.A., 12.51 
Duty cycle, waveform, 1.24 
Dynamic range, log amp, 4.24 
Dynamic settling time, transient, charge 
coupling, graph, 7.32 


E 
E-Series LVDT Data Sheet, 3.27 
Early effects, 3.31 
Earnshaw, J.B., 6.80 
Eckbauer, F., 6.113 
ECL, 5.2 
EDN Magazine, 11.23 
EDN's Designer's Guide to Electromagnetic 
Compatibility, 11.50 
Edson, J.O., 1.80, 5.20, 6.80, 6.82, 6.175, 
7.63 
Edwards, D.B.G., 6.82, 7.63 
Effective aperture delay time, 6.156-157 
and ADC input, graph, 6.157 
graph, 7.56 
SHA specification, 7.56 
Effective input noise, definition, 6.126 
Effective number of bits, see: ENOB 
Effective resolution, 6.132 
Effective temperature differential, 
calculation, 12.84 
EIAJ ED-4701 Test Method C-11, 
Electrostatic Discharges, 11.51 
EIAJ Specification ED-4701 Test Method 
C-111 Condition A, 11.13 
Eichhoff Electronics, Inc., 10.27 
80C51, microcontroller, 3.57 
Electric-field intensity, RFI, 11.30 
Electrically long, cable, 11.46-48 
Electrically short, cable, 11.46-47 
Electrolytic capacitor: 
characteristics, 10.4-5 
impedance vs. frequency, graph, 10.7 
life, 10.14 
polarized, 9.72 
ripple current, 9.74-75 
types, 9.72 
Electromagnetic compatibility, see: EMC 
Electromagnetic interference, 9.66 
Electrostatic discharge, see: ESD 
Electrostatic potential, modeling, 11.12-17 
Elliott, Michael, 6.83, 7.63 
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Elliott, Michael, R., 6.83 
Elliptical filter, 5.27 
definition, 8.26 
Embedding: 
advantages and disadvantages, 11.39 
traces, 12.42 
EMC: 
regulations: 
design impact, 11.25 
industries, 11.23-25 
EMC Test and Design, 11.50 
EMI: 
diagnostic framework, table, 11.27 
generated by power line disturbances, 
11.35 
model, source/receptor/path, 11.26-27 
regulation: 
by FCC and VDE, 11.23 
radiated emissions, 11.23 
troubleshooting, philosophy, 11.48-49 
waveguide, via enclosure openings, 11.43 
EMI/RFI: 
and analog circuit, 11.23-49 
considerations, 11.23-49 
Emitter-coupled logic, see: ECL 
Encoder, early ADC, 5.22 
Encoding process, differential nonlinearity, 
6.133 
End point, 6.117-118 
End point method, for integral linearity 
error, 5.14-15 
End termination: 
both ends, for single transmission line, 
12.48 
microstrip transmission lines, 12.46 
End-of-conversion (EOC), 6.42 
Engelhardt, E., 6.113 
ENOB, 6.90, 13.54 
definition, 1.63, 6.136-137 
Equivalent input referred noise, 6.131-132 
Equivalent noise bandwidth, 1.48 
Equivalent number of bits, see: ENOB 
Equivalent pin circuit, data sheet, example, 
6.193 
Equivalent series inductance, 10.10, 10.13 
capacitor, 9.69, 9.83 
capacitor loss element, 10.3 
Equivalent series resistance, 10.10, 10.13 
capacitor, 9.69, 9.83 
filter loss element, 10.3 
temperature dependence, 10.7 
Erdi, George, 1.79-80, 2.114 
Error: 
ADC/DAC DNL, graphs, 6.134 
in design, strategy, 12.26 
drift/gain, 13.39 
resolution, 13.39 
Error budget calculator: 
for in-amp, 13.42 
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Error budget calculator (cont) 
for op amp, 13.39-42 
screen, 13.40-41 
Error corrected ADC, 6.52-57 
Error vector magnitude, 13.27 
Error voltage, from digital current flowing 
in analog return path, 12.58 
ESD: 
catastrophic failure, 11.1 
damage, 11.17 
considerations, 11.18 
prevention in ICs, 11.18 
definitions, 11.1 
effects, 11.11-21 
elimination, keys, 11.1 
failure threshold, 11.1 
generation, 11.12 
IC protection, protocols, 11.20 
integrated circuit protection, 11.11-21 
model: 
comparison, table, 11.15 
discharge waveforms, comparison, 
11.15-16 
schematic representation, and 
discharge waveforms, 11.14 
models, 11.12 
sensitive devices: 
handling, workstation, 11.19 
recognition, 11.19 
ESD Association Draft Standard DS5.3 for 
Electrostatic Discharge (ESD) Sensitivity 
Testing-Charged Device Model (CDM) 
Component Testing, 11.51 
ESD Association Specification $5.2, 11.13 
ESD Association Standard $5.2 for 
Electrostatic Discharge (ESD) Sensitivity 
Testing-Machine Model (MM)-Component Level, 
11.51 
ESD Prevention Manual, 11.50 
European cordless telephone system DECT, 
with open-loop modulation, 4.70 
Evaluation board, 13.69 
clocking description, 13.76-78 
clocking with interleaved data, 13.78 
data converter, 13.72-73 
data sheet, 6.203 
full prototype board, 13.89 
high speed FIFO system, 13.74-75 
ADC Analyzer, 13.74-75 
theory of operation, 13.75-76 
versions, 13.75 
Op amp 
dedicated, 13.70-71 
illustrations, 13.71 
general purpose, 13.69-81 
illustration, 13.69 
PCB, 12.3 
layout, 12.4 
precision ADC, 13.79-81 


Evaluation boards (cont) 

prototyping, 13.82-87 

additional information, 13.88-89 

sockets, 13.87-88 
Excess noise, resistor, 10.21-22 
Exclusive-or (EXOR) gate, in PLL 
synthesizer, 4.54 
Expandor, 6.37 
Explicit method, conversion by analog 
circuit, 2.83 
Exponential amplifier, X-AMP, 4.35 
External clock jitter, 12.64 
External current, 12.9 
External offset adjustment, circuits, 1.36 
External trim, 1.36-37 


F 
Fague, D.E., 4.74 
Failure, resistor, effects, 10.20 
Fair-Rite Linear Ferrites Catalog, 10.27 
Fall time: 

graph, 6.177 

op amp, 1.70 

timing specification, 6.177 
Faraday screen, 12.27 
Faraday shield, 12.3, 12.24, 12.28-30 

definition, 12.28 

in isolation transformer, EMI protection, 

11.36-37 

model, 12.29 
Farrand Controls, Inc., Inductosyn, 3.13 
Fast Fourier transform, 5.21, 6.129 
FAST Step mode, in AD7730 digital filter 
settling time, 6.106 
FAT-ID concept, for EMI problems, 11.28 
FDMA, noise/power ratio, 6.146 
FDNR, 8.70-71 
FDNR filter: 

for CD reconstruction, 8.134 

op amp requirements, 8.115 
Feedthrough protection, 11.32 
Feedback counter: 

N-divider, 4.56 

in PLL synthesizer, 4.53, 4.56-58 
Feedback divider, in PLL, 4.52 
Feedthrough: 

CMOS switch, 7.30 

definition, 6.174 
Feedthrough error, definition, 6.174 
Ferguson, P.F., Jr., 6.113, 6.114 
Ferguson, P., Jr., 6.113 
Ferrite, 10.25 

impedance, 10.25 

inductor core, 9.68 

leaded, 10.25 

nonconductive ceramics, 10.25 
FET input amp, 1.41 

capacitance, 8.115 
Fetterman, Scott, 6.82 
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Fiedler, Udo, 6.83 
Film capacitor, 9.72 


characteristics, 10.4-5, 10.6 
poor temperature coefficient, graph, 
8.110 


Filter: 


60 Hz notch, 8.141-142 
active, antialiasing, design, 8.121-127 
analog, 8.1-144 
antialiasing, 5.26 
requirements, 5.28 
in undersampling, 5.29-31 
for undersampling, 5.30 
attenuation curve, 8.7 
band-pass, 5.30, 8.2 
band-reject, 8.2 
baseband antialiasing, 5.26-28 
Butterworth, 5.27 
circuit and component quality factors, 
8.63 
components, passive, problems, 8.109-113 
cut-off frequency Fo, 8.7 
damping ratio, 8.7 
definition, 8.1 
design equations, 8.88-107 
design examples, 8.121-142 
design tables, 8.42-52 
design wizard, 13.54 
elliptic, 5.27 
frequency response vs. DAC control 
word, graph, 8.138 
frequency transformation, 8.55-62 
low-pass to all-pass, 8.61-62 
low-pass to band-pass, 8.56-59 
low-pass to band-reject (notch), 8.59-61 
low-pass to high-pass, 8.55-56 
high-pass, 8.2 
implementation, problems, 8.109-120 
inductive and/or resistive, 11.33 
inverse Chebyshev, 8.27-28 
key parameters, 8.3 
leakage, RFI, 11.31 
low-pass: 
and high-pass response, graph, 8.130 
idealized, 8.2 
and RFI, 11.32 
maximally flat delay with Chebyshev 
stopband, 8.27 
multistage, and RFI, 11.32 
nonzero, 11.33 
notch, 8.2 
order, determination, graph, 8.121 
passive, normalized implementation, 
circuit, 8.122 
phase response, 8.14-16 
practical applications, 8.1 
quality factor Q, 8.7 
realization, 8.63-108 
reconstruction, 6.35 
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Filter (cont) Frequency synthesizer: 
response curve, low-pass prototype, all- definition, 4.41 
pole, 8.29-41 using PLLs, 4.41 
S-plane, 8.5-7 Frequency-to-voltage converter, as receiver, 2.42 
second-order responses, chart, 8.13 Friend, J.J., 8.143 
selection, using configuration assistant, Friis equation, 6.154 
13.54 Front page: 
standard responses, 8.21-54 data sheet: 
theory, low-pass prototype, 8.128 example, 6.182 
time domain response, 8.18-19 for op amp, 1.83 
transfer function, 8.18 F (subzero), definition, 8.7 
transformation, 8.128-133 Fu, Dennis, 3.27, 6.84 
table, 8.67 Full wave rectifier, 3.3 
Finite amplitude resolution due to Full-power bandwidth, 6.138 
quantization, 5.22 definition, 1.65-66 
First order all-pass filter: Full-scale, definition, 6.125 
design equations, 8.106 Full-scale range, definition, 6.125 
diagram, 8.86 Fully decoded DAC, 6.9-11 
Fisher, J., 6.113 current-output thermometer, simplest, 
Flash ADC, 6.50-51 diagram, 6.10 
Flash converter, 6.50-51 Fundamental frequency, 6.137 
3-bit all-parallel, diagram, 6.50 
disadvantages, 6.50 G 
interpolation, 6.51 Gaalaas, Eric, 2.127 
Flett, F.P., 3.27 Gailus, Paul H., 6.114 
Flicker, eliminated in-tracking ADC, 6.67 Gain: 
Flicker noise, op amp, 51-52 definition, 6.126 
Flicker-free code resolution, 6.132-133 definitions, 1.15 
calculation from input-referred noise, SHA, 7.54 
6.133 variation vs. DAC control word, graph, 8.139 
Flyback converter, circuit, 9.45 Gain block, 2.5-6 
Flyers, 6.164 Gain error, 5.13, 6.117 
Folding converter, 6.59 Gain tempco, definition, 6.123 
Folding stage: Gain-bandwidth product: 
functional equivalent circuit, 6.60 definition, 1.67 
transfer function, 6.60 not in CFB op amp, 1.17 
Forward-biased diode, circuit, 7.2 op amp, 1.11 
Fourier analysis, 8.14 Gallium-arsenide diode, 4.6 
Fourier transform, 8.18 Ganesan, A., 6.113 
Fractional binary code, 5.3 Garcia, Adolfo, 13.91, 13.92 
Fractional-N synthesizer, 4.59-60 Gardner, F.M., 4.73 
diagram, 4.59 Gas discharge tube, EMI protection, 11.35 
disadvantages, 4.60 Gated oscillator control: 
Franco, S., 8.143 buck regulator, output voltage waveform, 9.53 
Franco, Sergio, 1.79, 1.81 pulse burst modulation, 9.51-54 
Fraschilla, J.L., 6.82 Gauss, magnetic flux density, 9.65 
Frederiksen, Thomas M., 1.81 Gaussian distribution, 4.37 
Frequency, EMI, 11.28 Gaussian filter, 4.71, 8.24 
Frequency dependent negative resistance 6 dB: 
filter, implementation, circuit, 8.125 design table, 8.52 
Frequency dependent negative resistor: response, 8.40 
1/s transformation, 8.71 12 dB: 
versions, 8.70 design table, 8.51 
Frequency division multiple access, see: response, 8.40 
FDMA Gaussian modeled jitter, 13.25 
Frequency response, log amp, 4.24 Gaussian noise, 1.54, 6.146 
Frequency synthesis, RF/IF circuit, 4.41-50 source, 1.48 
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Gaussian system, noise, 7.15 
Gay, MLS., 2.115, 4.28 
Geffe, P.R., 8.143 


General impedance converter, block diagram, 


8.68 


General Instrument, Power Semiconductor 


Division, 9.80 
Gerber files, 6.203, 12.4, 13.72, 13.86 
Germano, Antonio, 13.92 
Gilbert cell, 2.79-81, 4.15-16 
disadvantages, 2.80, 4.16 
four-quadrant, circuit, 2.80 
Gilbert, Barrie, 2.79-80, 2.114, 2.115, 
4.10, 4.15, 4.40 
Gilbert, Roswell W., 6.84 
Giles, James N., 6.80 
Ginzton, Edward L., 1.80 
Glitch: 
code-dependent, 6.170 
effect on spectral output, graph, 
6.170 
Glitch energy, 6.168 
Glitch impulse area: 
DAC, 6.168-169 
net, DAC, calculation, 6.169 
Goodall, W.M., 6.81 
Goodenough, Frank, 3.28, 9.26 
Goodman, D.J., 6.112 
Gorbatenko, G.G., 6.82 
Gordon, Bernard M., 6.81, 6.82, 6.83 
Gorman, Christopher, 6.7 
Gosser, Roy, 1.81, 2.3, 6.82, 7.63 
Gosser, Royal A., 1.80, 2.114 
Goto, E., 6.80 
Gottlieb, Irving M., 9.78 
Gowanda Electronics, 9.79 
GPS navigation, using gyroscopes, 3.20 
Graham, Martin, 12.51, 12.75 
Grame, Jerald, 12.51, 12.82 
Graphs: 
data sheet, for op amp, 1.92 
performance, op amp, 1.93 
Gray bit, 6.60-61 
Gray code, 5.12, 6.62-63 
Gray, Frank, 5.20, 6.80 
Gray, G.A., 6.175 
Gray, J.R., 6.82, 7.63 
Gray, Paul R., 1.81 
Grift, Rob E.J. van der, 6.83 
Gross, George F., Jr., 6.82 
Ground, filter effectiveness reduction, 
11.33-35 
Ground isolation, 12.11-14 
amplifier, 12.12 
Ground loop, 12.9-11 
circuit, 12.11 
Ground noise, 12.9-11 
in high frequency system, 12.71 
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Ground plane, 12.36, 12.56-59, 12.70 
breaks, 12.73-74 
circuit inductance, 12.73 
low-impedance, 12.57 
slit, and current flow, advantage, 12.59 
Grounded-input histogram, 6.131-132 
Grounding, 12.53-75 
high frequency, 12.70-73 
improper, 12.53 
mixed-signal, confusion, 12.66 
mixed-signal devices: 
high digital currents, multicard 
system, 12.68-69 
low digital currents, multicard 
system, 12.67-68 
mixed-signal ICs, evaluation board, 12.66 
PCB, 12.53-75 
summary, 12.70 
Grounding point, 12.63 
Grounding system, source-to-load, 12.10 
Group delay, filters, equations, 8.16 
Guarding, PCB, 12.17 
Gyroscope: 
angular-rate-sensing, 3.19-26 
applications, 3.19-20 
axes of rotational sensitivity, 3.19 
iMEMS angular-rate-sensing, 3.19-26 
description, 3.19-20 
mechanical schematic, 3.22 


H 
HAD-ADC-EVALA-SC, high speed FIFO system, 
13.75 
Hageman, Steve, 10.27 
Halford, Phillip, 4.40 
Hall effect, 3.6 
applications, 3.6-7 
magnetic sensor, 3.6-8 
as rotational sensor, 3.7 
Hall switch, 3.6 
Hall voltage, 3.6 
Handbook of Chemistry and Physics, 3.64, 
3.68 
Hard limiter, 6.144 
Harmonic distortion: 
DAC, 6.170 
definition, 6.135-136 
inadequate decoupling effects, 12.78- 79 
Harmonic images calculator, spurs and SFDR, 
13.52 
Harmonic sampling, 5.28 
Harmonics, converter, 13.23 
Harrington, M.B., 3.28 
Harris, Ted, 7.84 
Harrison, R.M., 6.82 
Hartley, R.V.L., 5.24, 5.32 
Hauser, Max W., 6.112 
Hayes, John, 13.92 
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Heat sink: 
definition, 12.85 
thermal resistance, case to ambient air, 
12.85 
Heise, B., 6.113 
Henderson, K.W., 8.143 
Hendriks, Paul, 6.114 
Henning, H.H., 1.80, 5.20, 6.80, 6.82, 7.63 
Henry, J.L., 6.113 
Hensley, Mike, 6.83, 7.63 
Hexadecimal code, and binary, relationship, 
5.3 
High mega-ohm resistor: 
comparison chart, 8.112 
table, 10.21 
High-side downconverter, 4.3 
High-side injection, 4.3 
High-speed clamping amplifier, 2.59-63 
High-speed logic, 12.43-48 
isolator, transformer-coupled isolation, 
2.40-42 
PCB, 12.43-48 
Higher order loop, considerations, 6.98 
High-pass filter, 3.2, 8.13 
definition, 8.56 
transfer function, 8.8-9 
Hindi, David, 13.31, 13.91 
Hobbs, W., 13.31 
Hold mode, 6.48 
Hold mode droop, 7.58 
Hold mode settling time, SHA specification, 
7.54 
Hold mode specification, SHA, 7.58-59 
Hold signal, definition, 6.173 
Hold time, timing specification, 6.177 
Hold-to-track transition specification, SHA, 7.59 
Horna, O.A., 6.82, 7.63 
HOS-100, FET input open-loop hybrid buffer 
amplifier, circuit, 2.1 
HP8561E, 4.68 
HP8562E, 4.68 
HP8563E, 4.68 
HSC-ADC-EVALA-DC, high speed FIFO system, 
13.75 
HSpice, 13.1 
Huelsman, L.P., 8.143 
Hughes, Richard Smith, 2.115, 4.28 
Human body model, ESD, 11.12-13 
Hunt, W., 8.144 
Hurricane Electronics Lab, 9.79 
Hygroscopicity, PCB, 12.1 
Hysteresis, 6.44 
application, circuit, 2.67 
calculation, 2.68 
comparator, 2.66 
comparator response, 2.68 
effects, graph, 2.67 
fast comparator, 2.70 
loss, 9.67 
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Hysteretic current control, 9.51 


I 
1/O Buffer Information Specification, see: 
IBIS 
I/V converter, 6.23-28 
differential current-to-differential 
voltage conversion, 6.27-28 
differential to single-ended conversion, 6.24-25 
single-ended current-to-voltage 
conversion, 6.27 
IBIS model, advantage, 13.17 
Ice point junction, definition, 3.39 
Ichiki, H., 6.80 
iCoupler technology: 
air core technology, 2.45 
chip scale transformers, 2.42 
electromagnetic radiation, 2.46 
isolation technology, 2.42-48 
Idle tone, considerations, 6.96-97 
IEC Standard 801-2, 11.24 
IEC Standard 801-4, 11.24 
IEEE Standard 1596-1992, 6.31 
IEEE Standard 1596.3, 6.31 
IEEE Standard C62.41, 11.24 
IF sampling, 5.28 
Ikeda, K., 6.80 
IMD: 
1 dB compression point, 6.143-145 
definition, 1.61 
intercept points, and gain compression, 1.62 
products, graph, 1.61 
second- and third-order: 
graph, 6.141 
intercept points, 6.143-145 
third-order products, 1.61-63 
iMEMS angular-rate-sensing gyroscope, 3.19- 26 
Immunity, definition, 11.30 
Impedance: 
common ground, current, errors, 12.10 
comparison, wire vs. ground plane, 11.26 
controlled, 12.35 
PCB traces, 12.36-37 
definition, 10.3 
EMI, 11.28 
ferrite, 10.25 
high circuit, noise, 12.30-32 
input, definition, 6.126 
microstrip transmission line, 
calculation, 12.38 
op amp, 1.9 
skin depths, shielding materials, table, 11.45 
symmetric stripline, calculation, 12.40 
Implicit method, conversion by analog circuit, 2.84 
Impulse function, filter, 8.18 
Impulse response, related to filter order, 8.19 
In-amp, 2.7-28 
bridge amplifier error budget amplifier, 2.28 
CMR, 2.8-9, 2.23 


In-amp (cont) 
CMR/gain/noise calculator, screen, 13.43 
DC error sources, 2.22-25 
DC errors RTI, table, 2.25 
definitions, 2.7-8 
error budget calculator, screen, 13.42 
gain calculator, 13.43 
generic, circuit, 2.7 
input overvoltage considerations, 2.29 
input overvoltage protection, 2.29 
noise sources, 2.26-27 
offset voltage model, 2.23 
overvoltage, 11.1 
precision closed-loop gain block, 2.7 


precision single-supply composite, 2.15- 17 


PSR, 2.24 


subtractor or difference amplifier, 2.8- 11 


three op amp: 
advantages, 2.12 
in-amp topology, 2.12-14 
circuit, 2.12 
two op amp in- amp topology, 2.18-21 


In-amp/op amp, functionality differences, 2.8 


In-band region, spectrum, 6.139 
In-band SFDR, 6.139 
Inductance: 
mutual, 12.22-24 
PCB, 12.21-34 
stray, 12.21 
wire and strip, calculations, 12.21 
Inductive coupling: 
basic principles, 12.23 
reduction, by proper signal routing and 
layout, 12.23 
Inductive loop, 12.72 
Inductive resistance, definition, 10.23 
Inductor, 10.23-27 
basics, 10.23-24 
calculations: 
buck and boost regulators, 9.58-61 
caveats, 9.58, 9.61 
considerations, chart, 9.58 
core materials, 9.68 
definition, 10.23 
energy transfer, 9.29 
equations, 9.30 
ferrite, 10.25 
fundamentals, 9.28-30 
graph, 9.29 
manufacturers, 9.79 
parasitic effects, 12.24-25 
passive filter component, problems, 
8.109-113 
power loss, 9.67-68 
chart, 9.68 
Q, 12.25 
self-resonant frequency, 9.69 
in switching regulator, 9.57-69 
synthetic, circuit, 10.24 
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Inductor current: 
core saturation, graph, 9.66-67 
equations, switch, and diode voltage 
effects, 9.55 
Inductosyn: 
diagram, 3.13-14 
linear position sensor, 3.13-14 
operation, like resolver, 3.14 
rotary, 3.14 
Innovative Mixed-Signal Chipset Targets 
Hybrid-Fiber Coaxial Cable Modems, 4.50 
Inose, H., 6.112 
Input bias current, 1.38 
In-amp, 2.23 
compensation, 1.39-41 
Input capacitance: 
large, 1.47 
modulation: 
compensation, 8.116 
distortion, 8.116 
filter distortion, 8.115-117 
op amp, 1.43 
Input circuitry, comparator, 2.75-76 
Input common mode voltage range, op amp, 1.43 
Input impedance: 
definition, 6.126 
op amp, 1.42-43 
Input noise, and sampling clock jitter, DNL, 
SNR, and quantization noise, graph, 6.160 
Input offset current, 1.38 
Input overvoltage protection: 
In-amp, 2.29 
circuit, 1.28 
Input protection: 
CMOS switch, using Schottky diode, 7.49 
diode, overvoltage, 11.2 
op amp, 1.77 
Input stage: 
configuration, and overvoltage, 11.2-3 
overvoltage, chart, 11.2 
Input voltage noise, sources, 2.26 
Input-referred noise: 
definition, 6.126 
effect on ADC grounded input histogram, 6.132 
Instrumentation amplifier, see also: In-amp 
Insulation resistance, capacitor, 10.10 
Integral linearity error, 6.117 
measurement, graphs, 6.118 
Integral nonlinearity, distortion effect, 6.133-135 
Integrated Micro Electro Mechanical Systems, 
see: IMEMS 
Integrated VGA Aids Precise Gain Control, 4.40 
Integrating ADC, frequency response, graph, 6.74 
Integrator, diagram, 8.67 
Intentionally nonlinear DAC, 6.37-39 
Intercept point, log amp, 4.24 
Intercept voltage, 2.54 
Interconnection stability, resistor, 10.17 
Interconnects, and EMI, 11.27 
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Interface, data sheet, 6.199-200 
Interference: 
EMI: 
circuit/system immunity, 11.27-28 
conduction/radiation, 11.27 
emission, 11.27 
internal, 11.28 
susceptibility, 11.27-28 
frequency bands, separation, 11.32 
Intermodulation distortion, see: IMD 
Internal aperture jitter, 12.64 
Internal SHA, for IC ADC, 7.59-62 
International Rectifier, 9.79, 9.80 
Interpolating DAC, 6.33-35 
Interpolating TxDAC, 6.33-35 
Interpolation, 4.35 
in flash converter, 6.51 
Intersymbol distortion, DAC, 6.11 
An Introduction to the Imaging CCD Array, 
3.68 
Inverse Chebyshev filter, 8.27-28 
Inverse function, generation, circuit, 2.82 
Inverting mode guard, circuit, 12.16 
Isolated switching regulator: 
forward topology, circuit, 9.46 
topologies, 9.45-46 
Isolation amplifier, 2.33-38 
AD210 3-port isolator, 2.34-35 
analog isolation techniques, 2.33-34 
Isolation amplifier (cont) 
capacitive coupling, 2.33 
motor control, 2.35-36 
optional noise reduction post filter, 
2.36 
two-port isolator, 2.36-37 
Isolation barrier, 2.33 
Isothermal block, for thermocouple 
terminated leads, 3.41 


J 
J-K Flip-Flop, in PLL synthesizer, 4.54 
Jager, F. de, 6.112 
Jantzi, S.A., 6.114 
Jitter: 
data converter modeling, 13.24-25 
Gaussian modeled, 13.25 
sources, 13.24-25 
vs. SNR vs. input frequency, graph, 13.24 
Jitter Reduction in DDS Clock Generator 
Systems, 4.50 
Johnson noise, 1.57-58, 5.11 
definition, 1.49 
resistor, 1.55 
Johnson, Howard W., 12.51, 12.75 
Jung, W., 8.144 
Jung, Walt, 1.79, 6.84, 7.21, 9.78, 10.27, 
12.82, 12.96 
Jung, Walter G., 1.79, 1.81, 6.175 
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k 
Kaiser, Harold R., 6.81 
Kaufman, M., 1.81 
Kautz, W.H, 8.143 
Kelp, Jeff, 7.84 
Kelvin connection, 3.48-49, 3.52 
Kelvin DAC, and digital potentiometer, 6.8 
Kelvin divider, 6.4-5, 6.9 
drawback, 6.4 
low glitch architecture, 6.4 
thermometer DAC, diagram, 6.5 
variation, 6.5-7 
Kelvin feedback, 12.7 
Kelvin sensing, 9.25 
circuit, 7.14 
Kelvin-Varley divider, 6.5-7 
Kemet Electronics, 9.79 
KEMET T491C, tantalum capacitor, 9.18 
Kerr, Richard J., 4.73 
Kester, Walt, 1.79-82, 3.64, 3.68, 6.80, 
6.176, 12.51, 12.75, 12.82, 12.96, 13.31 
Kettle, P., 3.27-28 
Key, E.L., 8.72, 8.143 
Kimmel Gerke Associates, 11.23 
Kimmel-Gerke, 11.26, 11.32 
Kinniment pipelined ADC architecture, 6.57 
Kinniment, D.J., 6.82, 7.63 
Kirchoff's Law, 8.5, 12.7-8, 12.22 
Kitchin, C., 2.114 
Kitchin, Charles, 2.115 
Kitsopoulos, S.C., 6.82, 7.63 
Kiyomo, T., 6.80 
Klonowski, Paul, 6.84 
Koch, R., 6.113 
Kool p, inductor core, 9.68 
Kovacs, Gregory T.A., 9.26 
Kroupa, Venceslav, 4.50 
Kwan, Tom W., 6.113 


L 
Lane, Chuck, 6.81 
Laplace transform, 8.18 
Laser trimming, 1.34-35 
Latch-enable to output delay, comparator, 2.70 
Latency, data converter modeling, 13.25 
LCR latchup, protection, using trench-isolation, 
7.50 
LDO linear regulator, 9.92 
LDO pre-regulator, 7.15 
LDO regulator, 9.9-12 
dominant pole, 9.11 
ESR zones, 9.11-12 
traditional architecture, 9.9-10 
Leaded ferrite bead, 10.25 
Leakage: 
filter, RFI, 11.31 
resistance, in PCB, 12.17 
Leakage current, output, definition, 6.126 
Least significant bit, 5.2, 5.11 


Lee, Seri, 12.96 
Lee, Stephen, 4.40 
Lee, Wai Laing, 6.113 
Lee, W.L., 6.113 
Leeson, D.B., 4.74 
Leeson’s equation, noise in VCO, 4.62 
Lenk, John D., 9.78 
Lewis, Stephen H., 6.82 
LH0033, 2.1 
Li, Alan, 9.26 
Lindesmith, John L., 6.84 
Line driver, 2.101 
Line receiver, with 4-resistor differential 
amplifier, circuit, 2.102 
Line sensitivity, voltage reference, 7.14-15 
Line termination, PCB trace, 11.40 
Linear circuit, 2.1-115 
analog multiplier, 2.77-82 
audio amplifier, 2.95-105 
auto-zero amplifier, 2.119-113 
buffer amplifier, 2.1-4 
comparator, 2.65-76 
differential amplifier, 2.31-32 
digital isolation techniques, 2.39-48 
gain block, 2.5-6 
high speed clamping amplifier, 2.59-63 
instrumentation amplifier, 2.2-29 
isolation amplifier, 2.33-38 
logarithmic amplifiers, 2.53-57 
PGA, 2.87-94 
RMS to DC converter, 2.83-86 
Linear phase with equiripple error, filter 
design, 8.134 
Linear phase filter: 
equiripple error of 0.05°, 8.38 
design table, 8.49 
equiripple error of 0.5°, 8.39 
design table, 8.50 
with equiripple error, 8.24 
Linear PLL, 4.52 
Linear settling time, DAC settling time, 
6.167 
Linear variable differential transformer, 
see: LVDT 
Linear voltage regulator: 
any CAP LDO regulators, 9.13 
basic 5 V/1 A LDO controller, 9.21 
basic three terminal regulator, circuit, 9.3 
basics, 9.3-5 
block diagram, 9.4 
controller differences, 9.20-21 
design: 
and AC performance, 9.15 
and DC performance, 9.13-15 
dropout voltage, 9.5 
LDO architecture, 9.9-12 
LDO thermal considerations, 9.17-19 
pass device: 
circuits, 9.6 
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Linear voltage regulator (cont) 
comparisons, 9.6 
selection, 9.22 
tradeoffs, 9.5-9 
pole splitting, 9.15-16 
power management, 9.3-25 
sensing resistors for LDO controllers, 
9.23-25 
thermal design, 9.23 
Linear-in-dB Variable Gain Amplifier 
Provides True rms Power Measurements, 4.40 
Linearity error: 
differential, 5.13, 6.117 
integral, 5.13, 6.117 
measurement methods, 5.14 
Linearity tempco, definition, 6.123 
Link trimming, 1.35 
Liu, Bill Yang, 2.124 
LM309, fixed 5 V/1 A three terminal regulator, 
schematic, 9.7 
LM317, adjustable three terminal regulator, 
schematic, 9.8 
Load cell, 3.93-95 
Load, large capacitive, stable reference, 
circuit and graph, 7.18 
Load sensitivity, voltage reference, 7.14 
Local high frequency bypass/decoupling, 
12.77-80 
Local high frequency supply filter, 
decoupling, circuits, 12.78 
Log amp, 2.53-57 
basic: 
graph, 2.55 
multi-stage: 
architecture, 4.21 
response (unipolar), 4.22 
detecting, graph, 2.55 
diode/op amp, circuit, 2.56 
negative input, 2.54 
RF/IF circuit, 4.21-28 
specifications, 4.24 
transfer function, graph, 2.54 
transistor/op amp, circuit, 2.56 
true, graph, 2.55 
waveform, log response, 4.26 
Log linearity, log amp, 4.24 
Log video, 2.56 
graph, 2.55 
Log-Ratio Amplifier Has Six-Decade Dynamic 
Range, 4.28 
Logarithmic accuracy, definition, 6.123 
Logarithmic amplifier, see: Log amp 
Logarithmic converter, or log amp, 2.53-57 
Logarithmic video, 2.56 
LOGDAC, 17-bit voltage-mode R-2R DAC, 6.38- 
39 
Logic, high-speed, 12.43-48 
Logic high level, timing specification, 
6.177 
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Logic low level, timing specification, 6.177 
Lohman, R.D., 6.80 
Long-term drift, op amp, 1.33 
Looney, Mark, 13.31 
Loop, 12.9-11 
Loop bandwidth, in VCO, 4.66 
Loop filter, in PLL, 4.52 
Loop gain: 
and frequency, filter response, 8.117 
op amp, definition, 1.15 
Low dropout, see: LDO 
Low ESR electrolytic capacitor, 2.24 
Low inductance ceramic capacitor, 2.24 
Low noise reference, high resolution 
converter, 7.19-20 
Low-pass filter, 13.64 
Low power: 
definition, 1.45 
op amp, 1.25-26 
Low voltage differential signaling, see: 
LVDS 
Low-side downconverter, 4.3 
Low-side injection, 4.3 
Low-pass filter, 8.2, 8.13 
elliptical function, 8.58 
integrator in modulator, 6.93 
Low-pass filter (cont) 
peaking, vs. Q, 8.8 
Low-pass prototype, 8.8 
LPKF Laser & Electronics, 13.91, 13.92 
Lucey, D.J., 3.28 
LVDS, 12.49-50 
current output technology, 6.32 
driver and receiver, circuit, 12.49 
high-performance ADC, outputs, 12.50 
logic, 5.2 
output levels, diagram, 6.31 
reduced EMI, 12.50 
specifications, 6.31 
vs. ECL, 12.49 
LVDT, 3.1-6 
advantages, 3.2 
definition, 3.1 
diagram, 3.1 
half-bridge, diagram, 3.5 
improved, diagram, 3.2 
signal conditioning circuit, 3.2 
Lyne, Niall, 3.28, 11.51 


M 
McClaning, Kevin, 6.175 
McDaniel, Wharton, 9.26 
Machine model: 
ESD, 11.12-13 
worst-case, 11.13 
Machine tools, using resolvers and synchros, 
6.76 
Macromodel, differences from micromodel, 
13.4-5 
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MagAMP, 6.59 
3-bit folding ADC: 
block diagram, 6.61 
input and residue waveforms, 6.61 
advantages, 6.63 
current-steering gain-of-two folding 
stage, diagram, 6.62 
Magnetic field: 
lines, 12.72 
shielding, 12.24 
Magnetic flux density, vs. inductor 
current, graph, 9.66 
Magnetics, 9.79 
Magnetism, fundamental theory, 9.65 
Magnetization current, 9.46 
Magnetizing inductance, 9.46 
Magnitude amplifier, 6.59 
Mangelsdorf, Christopher W., 6.80, 6.175 
Mark, W., 12.51 
Marsh, Dick, 9.78, 10.27 
Martin, Steve, 6.84 
MASH sigma-delta ADC, block diagram, 6.102 
MASH sigma-delta converter, 6.101-102 
Matsuya, Y., 6.113 
Matsuzawa, A., 6.175 
Maximally flat delay with Chebyshev 
stopband filter, 8.27 
MDAC, 6.17-20 
as variable gain amplifier, 6.18 
Meacham, L.A., 6.81, 7.63 
Medical equipment, EMC, 11.24 
Melsa, James L., 1.80, 1.81 
Metal film resistor: 
burn-in period, 10.20 
comparison chart, 8.112 
table, 10.21 
Metal foil resistor, table, 10.21 
Metal-oxide varistor, EMI protection, 11.35 
Metastability, 6.164 
Metastable comparator output, error codes, 
diagram, 6.165 
Metastable states, ADC, 6.163-166 
Meyer, Robert G., 1.81 
MF Electronics, 12.64 
Mica capacitor: 
characteristics, 10.5 
comparison chart, 8.113 
Micromodel, differences from macromodel, 13.4-5 
Microphonics, in capacitors, 8.111 
Micropower: 
definition, 1.45 
op amp, 1.25-26 
Microprocessor temperature monitoring, 3.61- 63 
Microstrip: 
PCB layout, for two pairs of LVDS 
signals, 12.50 
PCB transmission line, 12.35, 12.38 
Mid-scale glitch, DAC, graph, 6.169 
Mierlo, S. van, 6.112 
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MIL-STD-461, 11.24 Most significant bit, 5.2 
MIL-STD-883 Method 3015, Electrostatic Motchenbacher, C.D., 12.51, 12.75, 12.82 
Discharge Sensitivity Classification, Motion, two-dimensional, 3.21-23 
11.13, 11.17, 11.51 Motorola MC1496, mixer, 4.7 
classifying and marking ICs, 11.17 Motorola Semiconductor, 9.79, 9.80 
Military equipment, EMC, 11.24 MQE520-1880, Murata VCO, 4.67 
Miller capacitance, 2.57 Mu-metal, 12.24 
Miller, Stewart E., 1.80 Multitone SFDR, 6.142 
Mini-Mount prototyping board, 13.85 Multilayer ceramic chip-cap, 9.74 
MINIDIP, sample guard layout, 12.17-18 Multiple feedback filter, 8.75-76 
Minimum pass-band attenuation, 8.2 Band-pass: 
Missing code, 6.120-122 circuit, 8.118 
subranging ADC, 6.53 design equations, 8.94 
Missing codes, in ADC, 5.16 diagram, 8.76 
Mixed-signal devices, grounding, 12.53 high-pass, design equations, 8.93 
Mixed-signal grounding, confusion, 12.66 implementation, circuit, 8.124 
Mixed-signal IC, grounding and decoupling, low-pass: 
using low digital currents, 12.60-61 design equations, 8.92 
Mixer: diagram, 8.75 
active, advantages, 4.7 Multiple feedback topology, 8.130 
high performance, diode-ring, 4.6 Multiple ground pins, PCB, 12.3 
high level, 4.11 Multiplexer: 
mixing process, 4.3 analog, 7.23-50 
Mixer (cont.) Multiplexer (cont.) 
RF/IF circuit, 4.3-10 parasitic latchup, 7.47-50 
switching: settling time: 
diagram, 4.4 calculator, 13.38 
ideal, inputs and output, diagram, 4.5 circuit and equations, 7.34 
output spectrum, diagram, 4.6 video, 7.42-44 
Model accuracy, 13.3 Multiplexing, charge coupling, dynamic 
Model verification, 13.3 settling time transient, circuit, 7.32 
Modulator: Multiplication: 
balanced, 4.11 four-quadrant operation, 2.77 
doubly-balanced, 4.11 using log amps, 4.14 
RF/IF circuit, 4.11 Multiplier: 
definition, 4.11 analog, 4.13-20 
sign-changer, 4.11 definition, 2.77 
Moghimi, Reza, 2.114 block diagram, 2.77 
Moghimi, Rheza, 4.28 definition, 4.13 
Molypermalloy, inductor core, 9.68 input/output relationships, table, 2.77 
Monolithic ceramic (high K) capacitor: mathematical, 4.4 
characteristics, 10.5 in op amp feedback loop, uses, 2.82 
comparison chart, 8.113 quadrants, definition, 4.13 
Monte Carlo analysis, 13.64 simple, circuit, 2.79 
Spice option, 13.16 transconductance, basic, circuit diagram, 4.15 
Montrose, Mark, 12.52, 12.75 translinear, four-quadrant, circuit 
Morajkar, Rajeev, 2.124 diagram, 4.17 
Moreland, Carl, 6.83, 7.63 using log amps, diagrams, 2.78 
Moreland, Carl W., 6.83 Multiplying DAC, 6.17-20 
Morrison, Ralph, 3.68, 11.50, 12.51, 12.75 as variable gain amplifier, 6.18 
Morrow, P., 2.124 Multistage filter, and RFI, 11.32 
MOSFET, manufacturers, 9.79 Multistage noise shaping, see: MASH 
MOSFET switch, in voltage converter, 9.87 Murakami, J., 6.112 
MOSFET transistor: Muranyi, A., 13.31 
in analog switch, 7.24 Murden, Frank, 6.82, 6.83, 7.63 
bilateral, voltage controlled resistance, Murphy, Troy, 13.92 
7.24 Murray, Aengus, 3.27-28 
on resistance vs. signal voltage, Mutual inductance, 12.22-24 
graph, 7.24 and coupling, within signal cabling, 12.24 
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N 
Nagel, L.W., 13.31, 13.91 
Narrow-band filter: 
as notch filter, 8.59 
pole frequencies, 8.60 
power line frequency (hum) elimination, 8.60 
Nash, Eamon, 4.40 
NDP6020P (Fairchild), 9.21-23 
NDP6020P/NDB6020P P-Channel Logic Level 
Enhancement Mode Field Effect Transistor, 9.26 
Neelands, Lewis J., 6.84 
Negative feedback, op amp input, 2.76 
Negative temperature coefficient, see: NTC 
Nielsen, Karsten, 2.124 
Nelson, David A., 1.80 
Neper frequency, 8.5 
Newman, Eric, 4.40 
Newton, A.R., 13.31, 13.91 
Nguyen, Khiem, 6.113 
Nicholas, Henry T., II, 4.73 
Nishimura, Naoki, 2.125 
Noise: 
in ADC with SHA, 6.131 
bandwidth: 
and 3-dB bandwidth, Butterworth 
filter, table, 6.150 
filter, 6.150 
op amp, 1.48 
calculation, 13.55 
capacitive, 12.28-29 
comparison, precision amps vs. 
chopper-stabilized amps, 2.123 
conducted, 9.28 
dominant source, input impedance, 1.50 
equivalent input referred, 6.131-132 
excess, resistor, 10.21-22 
gain, 1.57 
and closed-loop bandwidth, 1.68 
op amp, 1.10, 1.14-15 
circuits, 1.15 
gate, 2.96 
index, resistor, 10.22 
log amp, 4.24 
model, in-amp, 2.26 
op amp, 1.47 
peak-to-peak, 6.132 
quantization, 6.37 
radiated, 9.28 
reduction pin, in buried zener reference, 7.15 
referred to the input, 1.55 
SHA, 7.54 
sources: 
in-amp, 2.26-27 
sum, 1.49 
spectral density, function of frequency, 1.53 
uncorrelated, 2.26 
voltage reference, 7.15-16 
Noise factor, 6.148-155 
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Noise figure, 6.148-155 
for ADC: 
from SNR, sampling rate, and input 
power, calculation, 6.152 
using RF transformers, 6.154 
cascaded, using Friis equation, 6.154 
op amp, 1.48 
Noise model: 
design considerations, 13.10-11 
pole/zero cell impedance reduction, 13.10 
Spice, components, circuit, 13.11 
Noise/power ratio, 6.146-148 
measurements, 6.146 
theoretical maximum, for 8-bit to 16-bit 
ADCs, 6.148 
Noise-free code resolution, 6.132-133 
calculation from input-referred noise, 6.133 
definition, 6.126 
Noise-gain manipulation, op amp circuit, 
circuits, 13.36 
Nonideal 3-bit ADC, transfer function, 5.15 
Nonideal 3-bit DAC, transfer function, 5.15 
Noninverting mode guard, circuit, 12.16 
Nonmonotonic ADC: 
missing code, 5.17 
graph, 6.120 
Nonmonotonic DAC, 5.16, 6.119 
Nonsampling ADC, input frequency 
limitations, 5.22 
Nonlinear phase, filter, effects, 8.16-17 
Nonlinearity: 
definition, 2.22 
error, resistor, 10.16 
SHA, 7.54 
Norsworth, S.R., 2.124 
North Carolina State University, 13.32 
Notch filter, 8.2, 8.13 
construction, 8.59 
definition, 8.10-12 
high-pass, 8.11 
low-pass, 8.11 
as narrow-band filter, 8.59 
phase response, graph, 8.15 
standard, 8.11 
transfer function, 8.11 
width vs. frequency, 8.12 
NPO ceramic capacitor: 
characteristics, 10.5-6 
comparison chart, 8.113 
Nulling amplifier, 2.123 
Nulling stage, 2.120 
Number, 5.2 
Numerically Controlled Oscillator, see: NCO 
N 
N 


Vyquist band, 6.90 

Nyquist bandwidth, 4.41, 4.46-47, 5.25-26, 
6.138, 6.151, 6.172 

Nyquist conditions, 6.153 


Nyquist criteria, 4.45, 5.24-26, 5.29 
aliasing, 5.24 
sampling frequency requirements, 5.24 
Nyquist criterion, 6.91 
Nyquist frequency, 4.45, 5.26, 6.36, 8.3, 
8.121, 13.48, 13.52 
Nyquist rate, 6.86 
Nyquist zone, 5.25-26, 5.28, 5.29-31, 6.145- 
146, 6.205, 13.50, 13.52 
undersampling and frequency translation, 
5.28-29 
Nyquist, H., 5.32 
Nyquist, Harry, mathematical basis of 
sampling, 5.24 


O 
O’Brien, Paul, 4.73 
Octave, definition, 1.30 
Oersted, magnetic field strength, 9.65 
Offset: 

DAC control, circuits, 1.37 

servo control, circuits, 1.37 

SHA, 7.54 
Offset adjustment pins, circuit, 1.34 
Offset binary code, 4-bit converter, 5.6-7 
Offset code, 5.12 
Offset current, specification, 1.40 
Offset error, 5.13, 6.117 
Offset step, definition, 6.173 
Offset tempco, definition, 6.124 
Offset voltage: 

aging, 1.33 

correction, 1.34 

minimizing, 1.41-42 

model, in-amp, 2.23 

op amp, 1.33 

drift, 1.33 

Ohm’s law, 8.5 

and error in conductor, 12.6 
Oliver, Bernard M., 6.83 
Oliver, B.M., 6.175 
Olshausen, Richard, 6.84 


Omega Temperature Measurement Handbook, 3.64 


Online tools and wizards: 
configuration assistants, 13.46-58 
design wizards, 13.58-67 
simple calculators, 13.33-45, 13.33-68 
0.1 dB gain flatness, 1.67 
1-band-pass notch filter: 
diagrams, 8.85 
inverting and non-inverting, 8.85 
1 dB compression point, definition, 1.63, 
6.143-144 
1/F corner frequency, 1.51 
1/F noise: 
bandwidth, 1.51 
op amp, 51-52 
1N821, temperature-compensated zener 
reference, 7.3 
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Offsel Voltage (cont) 
1N829, temperature-compensated zener 
reference, 7.3 
1N5712, Schottky diode, 2.63 
1N5818, Schottky diode, low forward drop, 9.54 
Ones complement code, 4-bit converter, 5.6, 5.8 
Ones-density, 6.92 
Op amp, 1.1-99 
ac specifications: 
1/f noise, 1.51-52 
1dB compression point, 1.63 
—3 dB small signal bandwidth, 1.66 
absolute maximum rating, 1.76-78 
bandwidth for 0.1dB flatness, 1.66-67 
CFB frequency dependence, 1.68-69 
CFB model, 1.17-28 
channel separation, 1.75 
CMRR, 1.71 
current noise, 1.49 
differential gain, 1.73-74 
differential phase, 1.75 
distortion, 1.60 
ENOB, 1.63 
full power bandwidth, 1.65-66 
gain-bandwidth product, 1.67 
intercept points, third and second 
order, 1.61-63 
intermodulation distortion, 1.61 
noise, 1.47 
bandwidth, 1.47 
figure, 1.48 
flicker, 1.51-52 
rms, 1.53-54 
total, 1.49-51 
total output, 1.55-59 
phase margin, 1.70-71 
phase reversal, 1.75 
popcorn noise, 1.52-53 
PSRR, 1.72-73 
rise time and fall time, 1.70 
settling time, 1.69-70 
SFDR, 1.64 
slew rate, 1.64-65 
SNR, 1.63 
THD +N, 1.60 
THD, 1.60 
voltage noise, 1.47 
basic operation, 1.4-5 
capacitive load: 
circuit stabilizing, 13.35-36 
noise-gain manipulation, 13.36 
out-of-loop compensation, 13.36 
choices, 1.95-99 
determining parameters, 1.95 
prioritizing parameters, 1.96 
selecting the part, 1.96-99 
comparator, 2.71 
CMOS driver, 2.74 
driving ECL logic, circuit, 2.73 
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Op amp (cOnt) 
driving TTL or CMOS logic, circuit, 2.73 
data sheets, 1.83-94 
DC specifications, 1.30-46 
compensating for bias current, 1.39-40 
correction for offset voltage, 1.34 
differential input voltage, 1.44 
DigiTrim technology, 1.34-35 
drift with time, 1.33 
external trim, 1.36-37 
input bias current, 1.38 
input capacitance, 1.43 
input common mode voltage range, 1.43 
input impedance, 1.42-43 
input offset current, 1.38 
offset voltage, 1.33 
drift, 1.33 
open-loop gain, 1.30-32 
open-loop transresistance, 1.32-33 
output current, 1.47-48 
output voltage swing, 1.45 
quiescent current, 1.44-45 
short circuit current, 1.47-48 
supply voltages, 1.44 
total offset error calculation, 1.41-42 
error budget calculator, screen, 13.40 
filter element, limitations, 8.114-115 
gain, definition, 1.10 
ideal, attributes, 1.4 
impedance, and filter response, 8.117 
input structure, protection, circuit, 2.75 
inverting: 
circuit, 1.5 
gain, 1.7 
negative feedback, 1.8 
noninverting: 
circuit, 1.6 
gain, 1.8 
open-loop gain, 1.30-32 
open-loop response, 13.64 
operation, 1.3-28 
overvoltage, 11.1 
parameters, 1.95-96 
processes, bipolar transistors, 1.26 
selection, 1.96-99 
settling time, definition, 1.69-70 
single-supply, input overvoltage and 
output voltage phase reversal, 
protection, circuit, 11.7 
specifications, 1.29-82 
ac, 1.47-78 
de, 1.30-46 
topology dependent, 1.29 
stability tool, screen, 13.37 
standard symbol, 1.3 
standard topology, 1.20 
VFB model, 1.3-16 
characteristics, 1.3-4 
voltage phase reversal, 11.4 
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Op Amps Combine Superb DC Precision and 
Fast Settling, 1.80 
OP07, bias-compensated op amp, 2.75 
OP90: 
DC precision amplifier: 
Bode plot, 8.120 
Q-enhancement effects, 8.119 
OP177: 
CMRR, graph, 1.71 
Load Cell amplifier, 3.96 
Diagram, 3.96 
Strain gage sensor, 3.95 
Diagram, 3.95 
Single supply load cell amplifier, 3.97 
Diagram, 3.97 
precision op amp, 10.19 
OP213: 
low-drift low-noise amplifier, 2.91 
noise in 0.1 Hz to 10 Hz bandwidth: 
graph, 1.52 
peak-to-peak, 1.54 
Single supply load cell amplifier, 3.97 
Diagram, 3.97 
OP284, dual IC op amp, 2.18 
OP291, rail-to-rail input/output op amp, 
circuit, 11.7 
OP297, dual IC op amp, 2.18 
OPX91 family: 
input stage, circuit, 11.5 
rail-to-rail input/output op amp, 11.5 
overvoltage protection, graph, 11.6 
OP1177/OP2177/OP4177, precision op amp, 
1.83-84, 1.93 
Open-loop modulation, block diagram, 4.71 
Open-loop nonlinearity, graph, 1.31 
Open-loop gain, 6.62 
Bode plot, 1.9 
CFB op amp, graph, 1.32 
graph, 1.30 
op amp, 1.9, 1.30-32 
Openings, EMI, 11.29 
Optical measurements, 5.2 
Optocoupler: 
architecture, 2.40 
for digital isolation, 2.39-40 
typical, 2.39 
Optoelectronics Data Book, 3.68 
Optoisolator, 2.33, 3.56 
see also: Optocoupler 
Order, filter, 8.2 
Ordering guide: 
data sheet, example, 6.190 
for op amp, 1.92 
OS-CON, electrolytic capacitor, 9.75 
OS-CON Aluminum Electrolytic Capacitor 
93/94 Technical Book, 9.78, 10.27 
OS-CON electrolytic capacitor, 9.21, 9.72 
characteristics, 10.4-5 
impedance characteristics, 10.7 


Oscillation, op amp, 1.11 
Oscillator system: 

long-term frequency stability, 4.60 

noise, 4.60 

phase noise, 4.60 

short-term stability, 4.60 
Ott, Henry, 10.27, 11.50 
Ott, Henry W., 3.68, 12.51, 12.75, 12.82 
Out of range message, 13.39, 13.43, 13.55 
Out-of-band region, spectrum, 6.139 
Out-of-band SFDR, 6.139 
Output current, op amp, 1.45-46 
Output impedance, load sensitivity, 7.14 
Output latch, effects, 2.70 
Output leakage current, definition, 6.126 
Output propagation delay, definition, 6.126 
Output ripple current, 9.76 
Output stage, op amp, 1.22 
Output voltage ripple, 9.70, 9.82 
Output voltage tolerance, definition, 6.126 
Overdrive, effects on op amp input, 1.27-28 
Overlap bits, 6.54 
Overload, definition, 6.126 
Overrange, overvoltage, definition, 6.126 
Oversampling, 5.27, 6.90, 6.205 

ADC noise figure, 6.153 

filter requirements, 6.33 

graphs, 6.34 

ratio, 6.90 
Overshoot, 1.65 

filter, 8.19 
Overvoltage: 

amplifier input stage, 11.1-4 

analog circuit, 11.1-51 

effects, 11.1-9, 11.3 

op amp, 1.76 

protection, 1.77 

worst-case condition, 11.4 
Overvoltage overrange, definition, 6.126 
Overvoltage recovery time: 

definition, 6.126, 6.163 

graph, 6.163 


P 
Package dimension drawing, op amp, 1.94 
PADS Software, 13.91, 13.92 
Pallas-Areny, Ramon, 3.27, 3.64 
Palmer, Wyn, 1.80 
Panasonic, 9.79 
Parallel ADCs, 6.50-51 
Parametric search, data sheet, example, 6.211 
Parasitic capacitance, 12.30-32 

analog switch, 7.37 

filter, 8.111 

op amp, 1.7 
Parasitic component, CMOS switch, 7.28 
Parasitic coupling, 13.89 
Parasitic effect, 2.123 

in inductor, 12.24-25 


INDEX 


Parasitic inductance, 11.26 
Parasitic latch-up, 1.27 
Parasitic SCR, in CMOS switch, 7.47 
Parasitic thermocouple, 10.18 
Parasitics: 
capacitor, 10.10, 10.13-14 
PCB, 13.14-16 
pin socket, 13.88 
Partitioning, PCB, 12.3-4 
Parzefall, F., 6.113 
Pass device: 
comparisons, 9.6 
Darlington NPN, 9.6 
PMOS, 9.6 
PNP/NPN, 9.6 
single NPN, 9.6 
single PNP, 9.6 
Pass-band filter, 8.1-2 
Pass-band ripple, 8.2 
Passive component, 10.1-28 
capacitor, 10.3-14 
EMI protection, 11.25-29 
filter construction: 
circuit analysis, 8.109-110 
parasitic capacitance, 8.11 
problems, 8.109-113 
temperature effects, 8.110 
inductor, 10.23-27 
potentiometer, 10.15-22 
resistor, 10.15-22 
Passive filter: 
impedances, 8.66 
normalized implementation, circuit, 8.122 
Passive LC section, passive blocks, 8.65-66 
Pattavina, Jeffrey S., 12.51, 12.82 
PCB: 
copper, resistance, calculation, 12.5-6 
decoupling, 12.77-82 
design: 
considerations, 12.1-96 
and EMI, 11.41 
dynamic effects, 12.19-20 
embedding, 11.39 
EMI protection, 11.37-42 
grounding, 12.53-75 
guard, implementing, 12.17 
guard pattern: 
using MINIDIP package, 12.18 
using SOIC package, 12.18-19 
hook, 12.20 
hygroscopicity, 12.1 
impedance, calculation, 11.41 
inductance, 12.21-34 
layout, analog/digital circuit 
partitioning, layout, 12.4 
multilayer, embedding traces, 12.42 
partitioning, 12.3-4 
for EMI protection, 11.39 
static effects, 12.15-17 
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PCB (cont) 
thermal management, 12.83-96 
trace spacing, diagram, 6.32 
traces, 12.5-52 
termination, rule, 12.43 
track length, maximum, calculation, 12.44 
PCM, voiceband digitization, 6.37 
Peak clipping, 6.86 
Peak detector, using SHA, 7.51 
Peak glitch, 6.168 
Peak spurious spectral content, 6.138 
Peak-to-peak noise, specification, 1.54 
Pease, Bob, 13.83 
Pease, Robert A., 13.91, 13.92 
Pederson, D.O., 13.31, 13.91 
Pedestal error, SHA specification, 7.54 
Performance graph, data sheet, example, 
6.194-197 
Permeability, ferromagnetic core, 9.65 
Peterson, E., 6.81, 7.63 
Peterson, J., 6.81 
PFD chargepump, output current pulses, 4.69 
PGA, 2.87-94 
alternate configuration: 
circuit, 2.89 
minimizing on-resistance, circuit, 7.39 
caveats, circuit, 2.88 
definition, 2.87 
diagram, 2.87 
noninverting circuit, 2.92 
poor design, using CMOS switches, 
circuit, 7.39 
single-supply in-amp, circuit, 2.93 
very low noise, circuit, 2.90 
within sigma-delta ADC, circuit, 2.94 
Phase accumulator, 4.42 
Phase detector, in PLL, 4.52 
Phase-locked loop, see: PLL 
Phase margin: 
op amp, 1.13, 1.70-71 
op amp circuit, 13.35 
Phase noise: 
definition, 4.67 
free-running and PLL-connected VCO, 4.66 
measurement, 4.67-69 
with spectrum analyzer, 4.68 
in oscillator, 4.60 
phasor representation, 4.61 
in VCO, 4.61 
closing the loop, 4.64-66 
minimizing, 4.63 
Phase response: 
filters, equations, 8.14-16 
and inadequate decoupling, 12.79 
notch filter, graph, 8.15 
vs. frequency, graph, 8.15 
Phase reversal: 
with JFET input amplifier, 11.4 
op amp, 1.25 
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Phase reversal (cont) 
and input common mode, 1.75 
Phase shift, filter, 8.12 
Phase-frequency detector, in PLL 
synthesizer, 4.53 
Phase-Locked Loop Design Fundamentals, 4.73 
Photodiode 1991 Catalog, 3.68 
Photodiode, 1.17 
error budget analysis tool, 13.55 
screen, 13.56-57 
Photodiode amp, input capacitance, 1.43 
Photodiode wizard, 13.58-60 
amplifier solution, 13.59-60 
parametric values, 13.58 
screens, 13.58-60 
Photolithography, 6.47 
Photosite, in CCD, 3.65 
Pierce, J.R., 6.175 
Pilot tube, 3.95-96 
Pin description, data sheet, example, 6.191- 192 
Pin socket, 12.58, 13.87-88 
diagram, 13.88 
Ping-pong DAC, 6.29-30 
Pipeline delay, 6.56 
Pipelined ADC, 6.52-57 
basic, identical stages, 6.56 
clock issues, 6.55 
Pipelined architecture, 6.54 
Pipelined subranging ADC, timing diagram, 6.55 
Pixel, in CCD, 3.65 
Plassche, R.J. van de, 6.112 
Plassche, Rudy J. van de, 6.83 
Plated-through holes, 13.70 
none in milled PCB prototyping board, 13.87 
PLL: 
basic model, 4.52, 4.69-70 
charge pump leakage current, RF/IF 
circuit, 4.70-71 
closing the loop, RF/IF circuit, 4.64-66 
components for loop gain, 4.52 
definition, 4.51 
feedback counter N, RF/IF circuit, 4.56- 58 
fractional-N synthesizer, RF/IF circuit, 4.59-60 
internal grounding DSPs, 12.69 
Leeson’s equation, RF/IF circuit, 4.62-63 
noise in oscillator system, RF/IF circuit, 4.60 
phase noise, in voltage-controlled- 
oscillator, RF/IF circuit, 4.61 
phase noise measurement, RF/IF circuit, 4.67-69 
reference counter, RF/IF circuit, 4.56 
reference spur, 4.69-70 
reference spurs, RF/IF circuit, 4.69-70 
RF/IF circuit, 4.51-73, 4.51-74 
synthesizer basics, RF/IF circuit, 4.53- 56 
PLL prototype, using Solder-Mount, 13.85 
PLL synthesizer: 
basic building blocks, 4.53-56 
fractional-N, 4.59-60 


PLL-phase-noise contributor, 4.64 
overall, equations, 4.65 
PNP input stage, 1.21 
Pole splitting, 9.15-16 
Polycarbonate capacitor, 9.73 
characteristics, 10.5 
comparison chart, 8.113 
Polyester capacitor: 
characteristics, 10.5 
comparison chart, 8.113 
Polyester film capacitor, 9.72 
Polypropylene capacitor: 
characteristics, 10.5 
comparison chart, 8.113 
Polystyrene capacitor: 
characteristics, 10.5 
comparison chart, 8.113 
Popcorn noise, 1.52-53 
Popping, 2.95 
Positive-emitter-coupled-logic, 5.2 
Positive-true, definition, 6.125 
Potentiometer, 5.2, 10.22 
trimming, 10.22 
Power dissipation, vs. percent full 
scale, graph, 1.91 
Power dissipation calculator, 13.33-34 
screen, 13.34 
Power line: 
disturbances, EMI, 11.35 
filter, schematic, 11.36 
Power loss, in switched capacitor voltage 
converter, 9.90-91 
Power management, 9.1-96 
circuit components, 9.1 
definition, 9.1 
linear voltage regulator, 9.3-25 
switch mode regulator, 9.27-80 
switched capacitor voltage converter, 
9.81-96 
Power MOSFET switch: 
boost converter, circuit, 9.56 
buck converter, circuit, 9.56 
Power supply: 
filtering and signal line snubbing, EMI 
protection, 11.38 
RFI coupling, 11.31 
separate for analog and digital circuits, 
12.63 
Power supply decoupling, 1.73 
Power-down, 6.42 
Power-saving operation, 9.51 
Power-supply rejection ratio, see: PSRR 
Power-supply sensitivity, definition, 6.127 
Precision absolute value circuit, 3.3 
Precision ADC controller/evaluation board, 
functional block diagram, 13.79 
Precision single-supply composite in-amp, 
2.15-17 
capacitor, 2.17 
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performance summary, 2.16 

rail-to-rail output, circuit, 2.15 
Precision voltage reference, 7.1-2 
Prescaler, 4.56-57 

dual-modulus, 4.57-58 
Pressman, Abraham I., 9.78 
Printed circuit board, see: PCB 
Process control equipment, EMC, 11.24-25 
Process gain, ADC noise figure, 6.153 


Processing gain, Fast Fourier transform, 6.130 


Programmable gain amplifier, see: PGA 
Propagation delay: 

comparator, 2.65 

graph, 2.66 

symmetric stripline, calculation, 12.41 

timing specification, 6.178 
Protective packaging, for ESD-sensitive 
devices, 11.19 
Prototyping, 13.3 

deadbug, 13.82-84 

breadboard illustration, 13.83 


pre-drilled copper-clad printed board, 13.84 


full board, 13.89 
limitations, 13.88-89 
milled PCB, 13.86-87 
illustration, 13.86-87 
solder-mount, 13.84-86 
systems, 13.82-87 
PSpice, 13.1 
Spice support, 13.17 
PSpice ferrite model, 10.25 
PSpice Simulation Software, 13.92 
PSRR: 
of ADC, 12.77 
definition, 6.126 
op amp, definition, 1.72-73 
PulSAR, charge redistribution SAR ADC, 6 
Pulse burst modulation, 9.48 
disadvantages, 9.53 
gated oscillator control, 9.51-54 
Pulse code modulation, see: PCM 
Pulse Engineering, 9.79 
Pulse skipping, 9.48 
Pulse width modulation, 9.31, 9.47 
current feedback, circuit, 9.50 
voltage feedforward, 9.49 
voltage-mode control, 9.48-49 
circuit, 9.49 
Pulse-frequency modulation, see: Pulse 
burst modulation 
Pulsewidth high, timing specification, 6.178 
Pulsewidth low, timing specification, 6.178 
Pump capacitor, continuous switching, 
circuit, 9.86 
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Q 
Q: 
definition, 8.7 
of inductor, 12.25 
in tuned circuit, 12.25 
variation vs. DAC control word, graph, 
8.139 
Q enhancement, 8.117-120 
effects, 8.119 
graph, 8.118 
Q peaking, 8.117-120 
Quadrature amplitude modulation, 4.2 
Quality factor, see: Q 
Quantization: 
error, 5.12 
size of least significant bit, 5.11 
uncertainty, 5.6, 5.12 
Quantization error, 6.90 
Quantization noise, 6.37, 6.90 
and sampling clock jitter, SNR, DNL, 
sampling clock jitter, and input noise, 
graph, 6.160 
Quantization noise shaping, 6.90 
Quiescent current, op amp, 1.44-45 


R 
R-2R DAC, 6.38 
R-2R ladder, 6.14-18 
4-bit network, diagram, 6.14 
current mode DAC, 6.16 
voltage mode DAC, 6.16 
Rabbits, 6.164 
Radiated emission: 
EMI regulation, 11.23 
limits for commercial equipment, table, 
11.24 
Radiation, EMI, 11.27, 11.37 
Ragazzini, John R., 1.79 
Rail-rail input stage op amp, model, 13.9 
Rail-rail output stage op amp, model, 13.9 
Rail-to-rail: 
configuration: 
definition, 1.25 
op amp, 1.22 
op amp, in LDO references, circuit, 7.17 
voltage, 1.43, 1.45 
Rainey, Paul M., 6.80 
Ramachandran, R., 6.82 
Ramp run-up ADC, 6.65-66 
diagram, 6.66 
Randall, Robert H., 1.79 
Random noise, error generation, 6.163 
Ratiometric, definition, 6.127 
RDC: 
functional diagram, 3.10-11, 6.78 
see also: Resolver-to-digital converter 
Reactance error, resistor, 10.17 
Reay, Richard J., 9.26 
Receiver, 2.101 
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Recirculating ADC, 7-bit 9 MSPS pipelined 
architecture, 6.57 
Recirculating subranging ADC, 6.56 
Reconstruction filter, 6.35 
Rectification, EMI, sensitive circuits, 11.29 
Rectifier, full wave, 3.3 
Redundant bits, 6.54 
Reeves, A.H., 6.64 
Reeves, Alec Harley, 6.81, 7.63 
REF195. single supply load cell amplifier, 3.97 
Diagram, 3.97 
Reference bypass capacitor, 7.17, 7.19 
Reference counter, in PLL synthesizer, 4.53, 4.56 
Reference noise bandwidth, 7.15 
for various systems, table, 7.16 
Reference spur, 4.69-70 
on output spectrum, 4.70 
Referred to the input, see: RTI 
Reflection, shielding loss, 11.43-45 
Register description, data sheet, example, 6.201 
Regulated output switched capacitor, 
voltage converter, 9.92-95 
Regulation, line sensitivity, 7.14-15 
Reichenbacher, P., 12.51 
Reine, Steve, 13.92 
Relative accuracy, definition, 6.123 
Remote sensing, current output temperature 
sensor, 3.33 
Rempfer, William C., 12.51, 12.75 
Residue output, 6.58 
Resistance temperature detector, 3.47-51 
Resistance temperature device, see: RTD 
Resistor, 10.15-22 
aging, 10.20 
basics, 10.15-17 
as circuit error source, 10.15 
comparison, table, 8.112, 10.21 
discrete: 
comparison chart, 8.112 
table, 10.21 
excess noise, 10.21-22 
failure mechanisms, 10.20 
metal types, 10.16 
network: 
comparison chart, 8.112 
table, 10.21 
noise, 1.55 
nonlinearity error, 10.16 
op amp, 1.9 
orientation, and thermocouple voltage, 
10.19-20 
parasitics, 10.17-18 
inductance, 8.112 
types, 10.17-18 
passive filter component, problems, 
8.109-113 
power dissipation, temperature-related 
gain errors, 10.16 
standard value, effects, graph, 8.126 


Resistance (cont) 


temperature change as error source, 10.15 


temperature-related error, minimizing, 
10.17 
thermocouple formation, 10.19 
thermoelectric effects, 10.18-20 
value ranges, 8.110 
voltage sensitivity, 10.20 
wirewound, disadvantages, 2.68 
Resolution error, 13.39, 13.41 
Resolver, 3.9-12, 5.2 
diagram, 3.9, 6.76 
modem, brushless, 3.9 
uses, 3.9 
Resolver-to-digital converter, 6.76-79 
see also: RDC 
Resonant circuit, from power line 
decoupling, 12.80 
Response curves, filters, 8.31-41 
RF/IF circuit, 4.1-74 
analog multiplier, 4.13-20 
digitally controlled variable gain 
amplifier, 4.38-39 
frequency synthesis, 4.41-50 
aliasing in DDS system, 4.45-46 
amplitude modulation in DDS system, 
4.47 
DDS, 4.41-44 
DDS system as ADC clock driver, 
4.46- 47 
SPDR considerations, 4.47-49 
logarithmic amplifier, 4.21-28 
mixer, 4.3-10 
basic operation, 4.8-9 
diode-ring, 4.6-8 
ideal, 4.3-6 
modulator, 4.11 
PLLs, 4.51-74 


charge pump leakage currents, 4.70-71 


closing the loop, 4.64-66 
feedback counter N, 4.56-58 
fractional-N synthesizer, 4.59-60 
Leeson's equation, 4.62-63 
noise in oscillator system, 4.60 
phase noise measurement, 4.67-69 
phase noise in voltage-controlled- 
oscillator, 4.61 
reference counter, 4.56 
reference spurs, 4.69-70 
synthesizer basic building blocks, 
4.53-56 

True Power detectors, 4.29-31 

variable gain amplifier, 4.33 

voltage controlled amplifier, 4.33-34 

X-amp, 4.35-38 

RFI: 

analog circuit sensitivity, 11.31 

and circuitry, 11.30-33 

coupling, 11.31 


RFI (cont) 
protection techniques, summary, 11.34 
sensitivity, terminology, 11.30 
RGB signal, digitizing, with 4:1 mux, 
circuit, 7.44 
Rich, A., 11.50 
Rich, Alan, 12.51, 12.75 
Ringing, 1.65, 7.18, 9.34, 9.39, 12.32, 
12.80-81, 13.15, 13.35 
filter, 8.19 
Ripple, 1.66 
Ripple current: 
electrolytic capacitor, 9.74-75 
input, 9.77 
output, 9.76 
Rise time: 
graph, 6.177 
op amp, 1.70 
timing specification, 6.177 
RLC circuit, diagram, 8.6 
RMS: 
definition, 2.83 
explicit computation, circuit, 2.83 
noise: 
op amp, 1.53-54 
vs. peak to peak voltage, 
comparison chart, 1.53 
wideband measurement, circuit, 2.84 
RMS-to-de converter, 2.83-86 
Roberge, J.K., 1.81 


Robotics, using resolvers and synchros, 6.76 


Roche, P.J., 3.28 
Root-mean-square, see: RMS 
Root-sum-of-squares, total noise, 1.49 
Rosenbaum, R., 13.31 
Rotary variable differential transformer, 3.5 
Rotational sensor, 3.7 
Rouse Ball, W.W., 6.81 
RTD, 3.47-51, 3.96 
current excitation warning, 3.48 
definition, 3.47 
interfaced to high resolution ADC, 
diagram, 3.50 
Kelvin connection, 3.48-49 
resistance vs. temperature, 3.47 
temperature sensor, characteristics, 3.30 
voltage drop error, 3.48 
RTI CMR, calculation, 2.24 
Ruscak, Steve, 6.175 
Russell, Frederick A., 1.79 
Ruthroff transformer, 4.18 
Ruthroff, C.L., 2.114, 4.10 
Rutten, Ivo W.J.M., 6.83 
RVDT, 3.5 


S 
S Series Surface Mount Current Sensing 
Resistors, 9.26 
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S-plane: 
filter, 8.5-7 
pole and zero plot, 8.6 
Saber model, advantage, 13.17 
SAE Standard J113, 11.25 
SAE Standard J551, 11.25 
Sallen-Key filter, 8.72-74, 8.85, 13.63 
Band-pass: 
design equations, 8.91 
diagram, 8.73 
High-pass: 
design equations, 8.90 
diagram, 8.73 
implementation, circuit, 8.123, 8.126 
limitations, 8.114-117 
low-pass, 13.66-67 
design equations, 8.89 
diagram, 8.72 
notch, 8.74 
Q-sensitive, 8.72 
voltage control voltage source, 8.72 
Sallen-Key topology, highpass 
transformation, 8.128-129 
Sallen, R.P., 8.72, 8.143 
Sample mode, 6.48 
Sample-and-hold amplifier, see: SHA 
Sample-to-hold offset, definition, 6.173 
Sample-to-sample variation, in CCD, 3.66 
Sampled data system: 
baseband antialiasing filters, 5.26-28 
block diagram, 5.21 
coding and quantizing, 5.1-20 
bipolar codes, 5.6-10 
complimentary codes, 5.10 


DAC and ADC static transfer functions, 


5.11-19 
DC errors, 5.11-19 
unipolar codes, 5.4-6 
fundamentals, 5.1-32 
Nyquist criteria, 5.24-26 
sampling theory, 5.21-32 
SHA, 5.22-23 
undersampling, 5.28-29 
Sampling, and bandwidth, 5.29 
Sampling ADC, 5.22 
Sampling aperture, 6.156-159 
Sampling clock: 
distribution, ground planes, circuit, 
12.65 
grounding, 12.64 
PCB, 12.3 
Sampling clock jitter: 
and aperture jitter: 
graph, 6.158 
SNR, graph, 6.159 
effect on ADC SNR, 12.64 
effect on SNR, 7.57 
and SNR, quantization noise, DNL, and 
input noise, graph, 6.160 
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Sampling theory, 5.21-32 
Samueli, Henry, 4.73 
Sanyo Corporation, 9.79 
SAR ADC, 6.42, 6.45-47 
algorithm, 6.49 
basic: 
diagram, 6.45 
timing diagram, 6.46 
missing codes, 6.121 
Sauerwald, Mark, 12.51, 12.75, 12.82 
Scaled references, voltage, 7.16-17 
Scannell, J.R., 3.28 
Schaevitz, Herman, 3.27 
Schelleng, John C., 6.81 
Schindler, H.R., 6.80 
Schmidt, Ernest D.D., 3.27 
Schmitt trigger circuit, 2.41 
Schottky diode, 1.27, 1.77, 2.29, 6.30, 
7.49-50, 9.54-55, 9.57, 9.93-94, 11.5, 
11.8-9, 12.69 
manufacturers, 9.80 
Schottky noise, 1.49 
Schottky-barrier diode, 4.6 
Schreier, R., 2.127 
Schreier, Richard, 6.114 
Schultz, Donald G., 1.80, 1.81 
Schwartz, Tom, 1.79 
Scott-T transformer, 6.77 
SCR, 1.76 
Sears, R.W., 5.20, 6.80 
Second and third-order intercept points, 
definition, 6.144 
Second-order allpass filter: 
design equations, 8.107 
diagram, 8.87 
Second-order intercept point, distortion, 1.61-63 
Second-order noise, model, 1.56 
Second-order system: 
noise gain, 1.57 
noise and signal gain, graph, 1.58 
Seebeck coefficient, 3.47 
thermocouple, 3.37, 3.41 
Segmentation, 6.20 
Segmented current-output DAC: 
6-bit, based on 3-bit thermometer DACs, 
diagram, 6.21 
resistor and current-source based, 
diagrams, 6.20 
Segmented DAC, 6.20-22 
Segmented string DAC, 6.5-7 
with cascaded Kelvin DACs, 6.20 
unbuffered, diagram, 6.7 
Segmented voltage-output DAC, diagrams, 6.6 
Seitzer, Dieter, 6.83 
Selection guide: 
for data converter, 6.207 
data sheet, example, 6.210 
Selection tree, op amp, 1.97-98 


Semiconductor: 
junction temperature, 1.89 
temperature sensor, 3.31-33 
advantages, 3.31 
basic relationships, diagram, 3.31 
characteristics, 3.30 
Sense connection, and feedback, 12.7 
Sensor, 3.1-102 
accelerometer, 3.15-18 
fault, 11.1 
Hall effect magnetic, 3.6-8 
Inductosyn, 3.13-14 
positional, 3.1-28 
precision, and cable shielding, 11.49 
resolver, 3.9-12 
semiconductor temperature, 3.31-33 
synchro, 3.9-12 
temperature, 3.29-64 
current and voltage output, 3.34-35 
current-out, 3.33 
digital output, 3.56-58 
nonlinear transfer functions, 3.29 
Separate analog and digital grounds, 12.55 
SEPIC converter, circuit, 9.44 
Serial timing diagram, DAC, example, 6.200 
Serial-Gray converter, 6.59 
Setpoint controller, 3.58-61 
resistor, equation, 3.58 
Settling time, 6.161-162 
ADC, feedthrough, 6.174 
critical in multiplexed applications, 
diagram, 6.162 
DAC, 6.167-168 
definition, 6.167 
graph, 6.167 
function of time constant, various 
resolutions, table, 6.162 
graph, 1.69 
multiplexer, circuit and equations, 7.34 
op amp, definition, 1.69-70 
PCB, dielectric absorption, 12.20 
SHA, 7.54 
Settling time calculator, 13.38 
Setup time, timing specification, 6.177 
74ACTQ240, Fairchild part, 12.46 
74FCT3807/ 74FCT3807A, IDT part, 12.46 
SFDR, 6.138-140 
DAC, 6.170-172 
test setup, 6.171 
definition, 1.64 
graph, 6.139 
in-band, 6.139 
out-of-band, 6.139 
RF/IF circuit, 4.47-49 
SHA, 5.22-23 
basic circuit, 7.52 
basic operation, 7.52-53 
bias current compensation, 1.40 
capacitor, 7.52 
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SHA (cont) 
circuit, 7.51-63 
internal timing, 7.55 
feedthrough, definition, 6.174 
function, 5.22-23 
hold mode, 7.60 
specification, 7.58-59 
internal, for IC ADC, 7.59-62 
overvoltage, 11.1 
in SAR ADC, 6.45-46 
specifications, 7.53-62 
track mode, 7.60 
specifications, 7.53-54 
waveforms, graph, 7.55 
waveforms and definitions, 6.156 
Shannon, C.E., 5.32, 6.175 
Shannon, Claude, 5.24 
Shannon, Claude E., 6.83 
SHARC DSP, output rise times and fall times, 
graph, 12.43 
Sheingold, Dan, 1.79, 1.80, 2.114, 2.115, 3.27, 
3.64, 4.20, 4.28, 5.20, 6.84, 6.88, 6.176, 7.21 
Shielding: 
cables, 11.47-49 
connection, low frequency threats, 11.47 
effectiveness: 
calculation, 11.46 
compromised by openings, 11.43 
materials, skin depths and impedance, 
table, 11.45 
mechanism, | 1.42-46 
reflection and absorption, 11.42 
Shock, immunity, 3.25-26 
Short-circuit current, op amp, 1.45-46 
Short Form Designers Guide, 1.96, 6.207 
Shunt, voltage reference, 7.2-3 
Sigma-delta, vs. delta-sigma, 6.88-89 
Sigma-delta ADC: 
basics, 6.90-96 
decimation, graph, 6.91 
digital filtering, graph, 6.91 
first-order, circuit, 6.92 
grounding, 12.67 
high speed clock, grounding, 12.54 
internal digital filter, 7.17 
multibit, circuit, 6.87 
noise shaping, graph, 6.91 
oversampling, graph, 6.91 
as oversampling converter, 5.27-28 
second-order, circuit, 6.95 
single bit, circuit, 6.87 
switched capacitor input, reference load, 
circuit, 7.18 
Sigma-delta converter, 6.85-114 
Band-pass, 6.108-109 
high level of user programmability, 6.11 
high resolution measurement, 6.103-107 
historical perspective, 6.85-89 
MASH, 6.101-102 
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Sigma-delta converter (cont) 
multibit, 6.98-100 
block diagram, 6.98 
Sigma-delta DAC, 6.22, 6.109-110 
multibit, diagram, 6.109 
single-bit, diagram, 6.109 
Sigma-delta modulator: 
Class-D audio power amplifier, 2.107-08 
first-order, idling patterns, 6.97 
higher order loops, 6.98 
output, repetitive bit pattern, 6.97 
oversampling vs. SNR, graph, 6.96 
quantization noise, 6.96 
second-order, idling patterns, 6.97 
shape quantization noise, graph, 6.95 
simplified frequency domain linearized 
model, 6.94 
waveforms, 6.93 
Sign magnitude code, 4-bit converter, 5.6, 5.9 
Sign magnitude converter, 5.13 
Signal, phase, filter effect, 8.3 
Signal gain, op amp, 1.14 
Signal input, RFI coupling, 11.31 
Signal lead, voltage drop, 12.7 
Signal output, RFI coupling, 11.31 
Signal return current, 12.7-9 
Signal to noise ratio, see: SNR 
Signal trace routing, nonideal and improved, 
diagrams, 12.22 
Signal-to-noise ratio, see: SNR 
Signal-to-noise-and-distortion ratio, 
see: SINAD 
Signore, B.P. Del, 6.113 
Silicon controlled rectifier, see: SCR 
Silicon Detector Corporation, 3.68 
Silicon junction diode, 4.6 
Silicon switch, in PGA, 2.87 
Siliconix Inc., 9.79 
Simple calculators, 13.33-68 
Simpson, Chester, 9.26 
Simulation, 13.3-32 
ADIsimADC, 13.18-25 
ADIsimPLL, 13.26-29 
ADSpice op amp macromodels, 13.5-13 
IBIS model, 13.17 
macromodel vs. micromodel, 13.4-5 
model familiarity, 13.14 
model support, 13.17 
not breadboarding replacement, 13.13 
parasitics, 13.13 
PCB parasitics, 13.14-16 
SABER model, 13.17 
Spice, 13.3 
Spice support, 13.17 
Simultaneous sampling system, using SHA, 
7.51 
SINAD, definition, 6.136-137 
Sinc (sin(x)/x) curve, normalized, graph, 6.36 
Sine wave, aliased, 5.24-25 
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Singer, Larry, 6.175 
Single-pole filter: 
High-pass, design equations, 8.88 
Low-pass, design equations, 8.88 
Single-pole RC: 
active blocks, 8.64 
construction, 8.64 
Single-pole response, op amp, 1.11-12 
Single-supply: 
biasing: 
circuit, 1.23 
headroom issues, 1.24 
op amp, 1.20-22 
circuit design, 1.23-24 
Single-channel digital isolator, 2.42-46 
Single-Chip Direct Digital Synthesis vs. the Analog 
PLL, 4.50 
Single-ended current-to-voltage conversion, 6.27 
Single-ended primary inductance (SEPIC) 
converter, circuit, 9.44 
Sin(x)/x (sinc), 6.36 
60 Hz notch filter, 8.141-142 
response, graph, 8.142 
60 Hz twin-T notch filter, circuit, 8.141 
68HC11, microcontroller, 3.57 
Skin effect, 12.33-34, 12.73 
PCB conductor, diagrams, 12.33-34 
Slattery, B., 11.50 
Slattery, W., 8.144 
Sleep, 6.42 
Sleep operation, 9.51 
Slew rate: 
CFB op amp, 1.19 
converter, 13.23 
and full-power bandwidth, 1.66 
op amp, 8.127 
definition, 1.64-65 
SHA, 7.54 
Slewing time, DAC settling time, 6.167 
Slope clipping, 6.86 
Slot antenna, EMI, 11.29 
Slot and board radiation, EMI, 11.27 
Small signal bandwidth, ADC, 6.137 
Smith, B.D., 6.37, 6.59, 6.81, 6.82 
Smith, Lewis, 1.80 
Smith, Paul, 7.84 
Snelgrove, M., 6.114 
SNR: 
DAC, 6.170-172 
measurement, analog spectrum analyzer, 
6.172 
definition, 1.63, 6.136-137 
and sampling clock jitter, quantization 
noise, DNL, and input noise, graph, 
6.160 
SNR-without-harmonics, 6.137 
SNR/THD/SINAD calculator, 13.34-35 
screen, 13.35 
Snubber, 9.35, 9.39 


Soakage, 10.11 
Socket, 13.87-88 
Soderquist, Donn, 1.80 
Sodini, C.G., 6.113 
SOIC, sample guard layout, 12.17-19 
Solder-Mount prototyping board, 13.85 
advantages, 13.85 
illustration, 13.85 
Solomon, Jim, 9.26 
Solutions bulletin, front page, sample, 
6.208 
Sonet/SDH OC-48 with Forward Error 
Correction, using AD8152, 7.46 
SOT23, amp footprint, 12.17 
Source termination: 
bidirectional transmission between 
SHARC DSPs, 12.48 
microstrip transmission lines, 12.46 
Span, definition, 6.125 
Sparkle codes: 
ADC, 6.163-166 
definition, 6.164 
Specification page, data sheet, example, 
6.183-184 
Specification tables, for op amp, 1.83-89 
Specifications, defining, 6.115-116 
Spectrum analyzer: 
measuring DAC SNR, 6.172 
output, 4.68 
for phase noise measurement, 4.68 
Spice, 13.3 
definition, 13.1 
SPICE2-G, 13.1 
Sprague 595D-series, electrolytic capacitor, 9.75 
Sprague, 9.79 
Spurious-free dynamic range, see: SFDR 
SSM-2018: 
low-noise low distortion VCA, 2.98 
block diagram, 2.98 
distortion characteristics, 2.98 
SSM-2019: 
microphone preamplifier: 
circuit, 2.95 
input, 2.95 
SSM-2141: 
monolithic IC line receiver, 2.102 
gain accuracy, 2.103 
SSM-2141/2143, THD + N performance, 2.104-105 
SSM-2142: 
balanced line driver, 2.103-104 
block diagram, 2.104 
SSM-2143: 
monolithic IC line receiver, 2.102 
CMR and THD, graphs, 2.103 
SSM-2160, VCA with DAC, block diagram, 2.100 
SSM-2165: 
microphone preamplifier: 
block diagram, 2.96 
transfer characteristics, 2.96 
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SSM-2211: 
speaker driver power amplifier: 
application circuit, 2.97 
performance, 2.97 
Stable-dielectric ceramic, capacitor, 10.14 
Stacked-film capacitor, 9.72-73 
characteristics, 10.4-6 
Staffin, R., 6.80 
Standard input stage, differential pair, 1.21 
Standard negative-feedback control system 
model, diagram, 4.51 
Standard response: 
Butterworth filter, 8.21 
filters, 8.21-54 
Standby, 6.42 
Star connection, damping resistor, 12.45 
Star ground, 12.54 
mixed-signal ICs, 12.66 
Stata, Ray, 1.79 
State variable filter, 8.77-78 
(A), design equations, 8.95 
advantages, 8.137 
(B), notch, design equations, 8.96 
(C), all-pass, design equations, 8.97 
diagram, 8.77 
digitally controlled, circuit, 8.138 
digitally programmable, 8.137-140 
implementation, circuit, 8.124 
op amp functions, 8.114 
redrawn, circuit, 8.137 
Static transfer function, 6.117-127 
Step response: 
filter, 8.19 
definition, 8.19 
Step-down (buck) converter: 
basic: 
diagram, 9.31 
waveforms, 9.32 
Step-up (boost) converter, 9.36-41 
basic: 
circuit, 9.37 
waveforms, 9.37 
discontinuous mode, waveform, 9.39 
input/output relationship, 9.38 
point of discontinuous operation, 9.40 
Stopband: 
filter, 8.1 
frequency, 8.2 
Stop, Russell, 6.83, 7.63 
Storch, L., 8.143 
Stout, D., 1.81 
Straight binary code, 5.4 
Strain gage, 3.69-70, 5.2 
Bonder wire, 3.90-91 
Foil, 3.90-91 
Semiconductor, 3.92 
Also see load cell 
Stray capacitance, 9.34 
in mixed-signal IC, 12.60-61 
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String DAC, 6.4-5 
segmented, 6.5-7 
Stripline transmission line, in PCB, 11.39 
Subranging ADC, 6.52-57 
improper trimming, errors, 5.18 
input residue waveforms, diagram, 6.53 
missing codes, graph, 6.53 
N-bit two-stage, diagram, 6.52 
pipeline stage, error correction, 
diagram, 6.54 
trimming error, graphs, 6.121 
Subtractor: 
definition, 2.8 
op amp, circuit, 2.9 
Successive approximation register, see: SAR 
Successive detection log amp, 2.56, 4.23 
linearity, graph, 4.24 
with log and limiter outputs, diagram, 4.23 
Successive approximation ADC, 6.12, 6.37 
grounding, 12.54 
transient load, graph and circuit, 7.19 
Sumida, 9.79 
Super-beta op amp, 1.43 
Super-beta transistor, input, 1.39 
Superheterodyne radio receiver, diagram, 4.1 


Superheterodyne radio transmitter, diagram, 4.1 


Superposition, filter, 8.5 
Supply range, voltage reference, 7.13-14 
Supply voltage, op amp, 1.19-20, 1.44 
Surface microstrip, 12.38 

delay constant, 12.39 

rules of thumb, 12.39 
Surface zener, 7.8 
Surface-mount multilayer ceramics, 
decoupling, 12.77 
Swanson, E.J., 6.113 
Swartzel, Karl D., Jr., 1.79 
Sweetland, Karl, 2.124, 6.113 
Switch: 

analog, 7.23-50 

digital, crosspoint, 7.46 

duty cycle, 9.33 

duty ratio, 9.33 

parasitic latchup, 7.47-50 


power MOSFET, buck and boost converters, 


circuits, 9.56 
thermostatic, 3.58-60 
video, 7.42-44 
crosspoint, 7.45 
in voltage converter, 9.87 
Switch capacitance, retained charge, 7.32 


Switch control, gated oscillator, circuit, 9.52 


Switch mode power supply, 10.23 

Switch mode regulator, 9.27-80 
advantages, 9.27-28 
diode and switch considerations, 9.54-57 
ideal step-down (buck) converter, 9.3 1-36 
inductor and capacitor fundamentals, 
9.28-30 
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Switch mode regultators (cont) 
limitations, 9.27 
power management, 9.27-80 
ripple currents, 9.28 
topology, basic, 9.27 
Switch modulation, 9.47-48 
control techniques, 9.48-51 
pulse width modulation, 9.47 
Switched capacitor: 
unregulated, inverter and doubler, 9.87- 88 
voltage converter, 9.81-96 
advantages, 9.82 
inverter and doubler, circuits, 9.81 
power loss, 9.90-91 
power management, 9.81-96 
voltage inverter, circuit, 9.87 
Switched-capacitor DAC, 6.47 
Switcher, nonisolated, topologies, 9.44 
Switching capacitor, characteristics, 10.4-5 
Switching electrolytic capacitor, 9.72-73 
Switching regulator: 
capacitor role, 9.69 
inductor choice, 9.57-69 
input filtering, diagram, 9.77 
output filtering, diagram, 9.76 
Switching time, DAC settling time, 6.167 
Sylvan, John, 2.114 
Symmetric stripline, PCB transmission line, 
12.40-41 
Symmetrical bipolar voltage, 1.44 
Synchro, 3.9-12, 5.2, 6.76-79 
diagram, 3.9, 6.76 
uses, 3.9 
Synchronous rectifier, 9.28 
Synchronous VFC, 6.68 
diagram, 6.70 
nonlinearity, graph, 6.72 
quantized, 6.72 
waveforms, 6.71 
System Applications Guide, 2.114, 11.50 


T 
T-Tech, Inc., 13.91, 13.92 
Tadewald, T., 12.51 
Talambiras, Robert P., 6.81, 6.83 
Tantalum capacitor: 
advantages, 10.14 
characteristics, 10.4-5 
impedance vs. frequency, graph, 10.8 
Spice model, 10.8 
Tantalum electrolytic capacitor, 9.72-73 
characteristics, 10.5 
comparison chart, 8.113 
Tantalum Electrolytic Capacitor SPICE 
Models, 10.27 
Tantalum Electrolytic and Ceramic Capacitor 
Families, 9.78, 10.27 
Tant, M.J., 6.175 
Tchevysheff, see: Chebyshev 
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A Technical Tutorial on Digital Signal Thermocouple (cont) 
Synthesis, 4.50 cold-junction compensation, 3.36 
Teflon capacitor: junction materials, table, 3.36 
characteristics, 10.5 output, 5.2 
comparison chart, 8.113 output voltages for Types J, K, and S, graph, 3.37 
Telian, D., 13.31 principles, 3.36-44 
Temes, Gabor C., 2.127, 6.113 Seebeck coefficient vs. temperature, 
Temperature: graph, 3.38 
change, error source, 10.15 temperature measurement, 3.39 
measurement, 3.29-30 temperature sensor, characteristics, 3.30 
microprocessor monitoring, 3.61-63 terminated leads, isothermal block, 3.41 
monitoring, by microprocessor, 3.61-63 Type J, 3.36-37 
passive component, filter, 8.110 Type K, 3.37, 3.41 
Temperature coefficient: Type S, 3.36-37 
definition, 6.123-124 Seebeck coefficient, 3.47 
see also: Tempco vs. temperature, 3.47 
Temperature retrace, resistor, 10.17 Thermocouple effect, resistor, 10.18 
Temperature sensor: Thermoelectric effect, resistor, 10.18-20 
current and voltage output, 3.34-35 Thermoelectric emf, 3.39 
digital output, 3.56-58 Thermometer code, 6.50 
Temperature-related gain error, from Thermometer DAC, 6.9-11 
mismatched resistor, 10.15 current-output, current sources, diagram, 6.10 
A 10.7 MHz, 120 dB Logarithmic Amp, 4.40 diagram, 6.5 
Terman, Frederick E., 1.79, 1.80 high speed, complementary current 
Termination, microstrip transmission lines, outputs, diagram, 6.11 
circuits, 12.46 Thermostatic switch, 3.58-60, 3.58-61 
THD +N, definition, 1.60, 6.135-136 Thevenin equivalent output voltage, 2.63 
THD, definition, 1.60, 6.135-136 Thevenin equivalent resistance, 13.8 
Thermal Coastline packaging, 9.18-19 Thevenin impedance, 12.45 
internal details, 9.19 Thevenin resistance, 9.14 
for op amp, 12.85 Thevenin source, 13.45 
Thermal EMF, resistor, 10.18 Thick film resistor: 
Thermal hysteresis, XFET reference, 7.10 comparison chart, 8.112 
Thermal management, 12.83-96 table, 10.21 
PCB, 12.83-96 Thin film laser trimming, for DAC, 6.99 
Thermal noise, resistor, 10.21-22 Thin film resistor: 
Thermal performance, comparison of op amp comparison chart, 8.112 
packaging, graph, 12.90 table, 10.21 
Thermal relationships, basic, table, 12.84 Third order intercept point: 
Thermal resistance, 12.83-84 determination, 1.63 
design considerations, 12.88 distortion, 1.61-63 
LDO regulators, 9.17-19 variation with frequency, 1.62 
measured between junction and ambient 13dB small signal bandwidth, op amp, 
air, 12.85 definition, 1.66 
op amp, 1.78 Thomas, L.C., 8.79, 8.143 
package-dependent, 12.85 Three op amp in-amp, 2.12-14 
Thermistor, 3.52-55 single +5 V supply restrictions, circuit, 2.14 
amplifier, linearized, diagram, 3.55 Three-terminal voltage reference, 7.2 
definition, 3.52 Time, EMI, 11.28 
Kelvin connection, 3.52 Time domain response: 
nonlinearity and temperature range, 3.53 filter, 8.18-19 
NTC, linearization, graph, 3.54 impulse response, 8.18-19 
resistance characteristics, 3.52 step response, 8.19 
temperature coefficient, graph, 3.53 Timing specifications, 6.177-179 
temperature sensor, characteristics, 3.30 data sheet, example, 6.185-187 
Thermocouple: TMPO01: 
auto-zero amplifier, 3.45-46 dual setpoint temperature controller, 
sampling phase diagrams, 3.45-46 3.59-60 
basic principles, diagrams, 3.38 diagram, 3.60 
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TMP03/TMP04: 
digital out temperature sensor: 
diagram, 3.56 
output format, 3.57 
TMP04, interfacing to microcontroller, 3.58 
TMP35: 
temperature sensor, for cold junction 
compensation, 3.42 
voltage output sensor, 3.41-42, 3.44 
TO-99 metal can package device, 12.17 
Tolerance, voltage reference, 7.13 
Toomey, P., 8.144 
Total effective input noise, for ADC, 
calculation from SNR, 6.151 
Total harmonic distortion, see: THD 
Total harmonic distortion plus noise, see: 
THD+N 
Total input offset voltage, in-amp, 
definition, 2.23 
Total noise: 
calculation, 1.50, 1.56 
op amp, 1.49-51 
Total offset voltage, calculation, 1.41 
Total output noise: 
calculation, 2.27 
calculations, 1.55-59 
Total output offset error, calculation, 
1.41-42 
Total output rms noise, op amp, 1.59 
Total rms jitter, 6.159 
SHA, 7.57 
Total unadjusted error, definition, 6.127 
Tow, J., 8.79, 8.143 
Trace: 
conductor, resistance, 12.5 
embedding, 12.42 
PCB, 12.5-52 
Track mode, 6.48 
Track mode linearity, ADC with SHA, 7.61 
Track-and-hold circuit, 7.51 
Track-to-hold mode: 
SHA: 
errors, graph, 7.54 
specifications, 7.54-57 
Tracking ADC, 6.66-67 
diagram, 6.67 
Transconductance multiplier, basic, circuit 
diagram, 4.15 
Transducer, temperature, characteristics, 
table, 3.30 
Transfer characteristic slope, log amp, 4.24 
Transfer function, high-pass filter, 8.8-9 
Transformer: 
common-mode power line isolation, EMI 
protection, 11.37 
in isolation amplifier, 2.33-34 
reset, 9.46 
rotating, 3.10 
Transient load, voltage reference, 7.1 
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Transient power-line disturbance, 11.35 
Transient response: 
ADC: 

definition, 6.161 

graph, 6.161 
Transient voltage suppressor, 2.29 
Transimpedance, definition, 1.32 
Transimpedance amp, 1.17, 1.32 
Transistor, input, 1.27 


Transistor/op amp log amp, disadvantages, 4.21 


Transitional filter, characteristics, 8.24 
Translinear multiplier, four-quadrant, circuit 
diagram, 4.17 
Translinear variable gain cell, diagram, 4.33 
Transmission line, 12.35 
driving, 13.37 
microstrip, 12.35 
PCB, symmetric stripline, 12.40-41 
termination: 
ECL, 12.48 
and propagation delay, rule, 12.43 
Transmit TxDAC family, 6.172 
Transresistance, definition, 1.32 
Travis, Bill, 3.27 
Trefleaven, D., 8.144 
Trench-isolation, LLCMOS switch, 7.50 
Triboelectric charging, 11.13-14 
Triboelectric effect, 11.1 
Trietley, Harry L., 3.27 
Trimming: 
errors, 6.121 
voltage reference, 7.13 
Trimming potentiometer, 10.22 
Trimpot, 10.22 
True Power circuit, 4.2 
True Power detector, RF/IF circuit, 4.29-31 
True log, architecture, 4.21 
True log amp, 2.56 
structure and performance, diagram, 4.23 
Tschebychev, see: Chebyshev 
Tschebyscheff, see: Chebyshev 
TTE, Inc., 5.32 
Tuned circuit, ringing, 12.80 
Turney, William J., 6.114 
Twin-T notch filter: 
design equations, 8.101 
diagram, 8.81 
Two op amp in-amp: 
circuit, 2.18 
CMR, 2.19 
Two amp ion amp (cont) 
input impedance, 2.18 
single-supply restrictions, circuits, 2.19-20 
Two-terminal voltage reference, 7.2 
Two-tone IMD, 6.141 


Twos complement code, 4-bit converter, 5.6, 5.8 


TxDAC, 6.34 
oversampling interpolating, block 
diagram, 6.35 


TxDAC series, high-speed CMOS DACs, 12.94 
Type SMC Metallized Polycarbonate Capacitor, 
9.78, 10.27 

Type 5250 and 6000-101K chokes, 10.27 

Type EXCEL leaded ferrite bead EMI Filter, 
and type EXC L leadless ferrite bead, 10.27 
Type HFQ Aluminum Electrolytic Capacitor 
and Type V Stacked Polyester Film 

Capacitor, 9.78, 10.27 

Type-2 servo loop, 6.79 


U 

Undersampling, 5.28-29 

antialiasing filters, 5.29-31 

within Nyquist zone, 5.31 

Unipolar 3-bit ADC, transfer function, 5.5, 
5.12 

Unipolar 3-bit DAC, transfer function, 5.5, 
5.12 

Unipolar code, 5.4-6 

binary, 4-bit converter, 5.4 

quantization uncertainty, 5.6 

Jnipolar converter, 5.12-13 

Jnipolar power supply, 9.1 


nlooped ground, 12.9 
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Vv 
Valkenburg, M.E. Van, 8.143 
Valley control, 9.51 
Van de Plassche, R.J., 6.112 
Van de Plassche, Rudy J., 6.83 
Van de Weg, H., 6.112 
Van der Grift, Rob E.J., 6.83 
Van der Veen, Martien, 6.83 
Van Mierlo, S., 6.112 
Van Valkenburg, M.E., 8.143 
Variable gain amplifier, see: VGA 
Variable Gain Amplifiers Enable Cost 
Effective IF Sampling Receiver Designs, 
4.40 
Variable integrator, digital, improved, 
circuit, 8.140 
VCA: 
audio application, 2.98-100 
liner-in-dB gain, 4.35 
RF/IF circuit, 4.33-34 
translinear, 4.33 
VCO, 3.12 
phase noise vs. frequency offset, 4.63 
in PLL, 4.52 
in resolver, 6.78 
transfer function, graph, 4.53 
VCO Designers’ Handbook, 4.73 
VDE 0871 compliance, 11.23 
Vector Electronic Company, 13.91, 13.92 
Vectorscope, signal displays, 1.74 
Veen, Martien van der, 6.83 
Verster, T.C., 6.82 
VFB, advantages, 1.19 
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VFB op amp: 
basic operation, 1.4-5 
Bode plot, 1.16, 1.31 
Closed-loop gain, 1.13 
common-mode input impedance, 
specification, 1.42 
current noise, 1.49 
gain-bandwidth product, 1.11, 1.67 
inverting and noninverting 
configurations, 1.5-9 
loop gain, 1.15 
noise gain, 1.14-15 
open-loop gain, 1.9-10 
phase margin, 1.13 
signal gain, 1.14 
stability criteria, 1.11-12 
VFC: 
architecture: 
charge-balance, 6.68 
current-steering multivibrator, 6.68 
definition, 6.68-72 
waveforms, 6.71 
VFO, architecture, 6.68 
VGA: 
digitally controlled, 4.38-39 
RF/IF circuit, 4.33-40 
voltage controlled amplifier, 4.33-34 
VHDLo.org, 13.31 
Vibration, immunity, 3.25-26 
Video: 
applications, differential gain, 1.73 
crosspoint switch, 7.45 
flat bandwidth, 1.66 
multiplexer, 7.42-44 
switch, 7.42-44 
crosspoint, 7.45 
Video DAC, 6.23 
Video Op Amp, 1.79 
Virtual ground, op amp, 1.7 
Viswanathan, T.R., 6.82 
Vito, Tom, 6.175 
Vizmuller, P., 4.73 
Vladimirescu, A., 13.31, 13.91 
Vladimirescu, Andrei, 13.31, 13.91 
Voltage controlled amplifier, see: VCA 
Voltage controlled oscillator, see: VCO 
Voltage doubler: 
circuit, 9.81 
operation, 9.88-89 
power losses, circuit, 9.91 
waveforms, 9.89 
Voltage drop: 
coupled circuit, 12.8 
and grounding, 12.8 
Voltage feedback, see: VFB 
Voltage feedforward, 9.49 
Voltage inverter: 
circuit, 9.81 
operation, 9.88-89 
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voltage inverter (cont) 
power losses, circuit, 9.90 
use, 9.83 
waveforms, 9.88 
Voltage noise, op amp, 1.47 
Voltage output sensor: 
packaging, thermal response, 3.35 
ratiometric, diagram, 3.34 
Voltage plane, advantages, 12.56-57 
Voltage reference: 
architectures, characteristics, table, 
7.11 
diode, circuits, 7.2 
diode-based, circuits, 7.2 
noise, 7.1 
precision, 7.1-2 
pulse current response, 7.17-19 
shunt, 7.2 
specifications, 7.13-16 
three-terminal, 7.2 
three-terminal hookup, schematic diagram, 
711-12 
two-terminal, 7.2 
types, 7.2-3 
Voltage sensitivity, resistor, 10.20 
Voltage standing wave ratio, filters, 8.26 
Voltage-mode R-2R ladder network DAC, 
diagram, 6.18 
Voltage-output DAC, diagram, 6.5 
Voltage-to-frequency converter, as 
transmitter, 2.42 
Voluntary Control Council for Interference, 
11.23 
V rms/dBm/dBu/dBv calculator: 
screen, 13.33 
use, 13.33 


Ww 
Wagner, Richard, 1.80 
Wainwright Instruments, 13.84 
Wainwright Instruments GmbH, 13.91, 13.92 
Wainwright Instruments Inc., 13.91, 13.92 
Waldhauer, F.D., 6.82 
Waltman, Ron, 6.175 
Watkins, Tim, 13.92 
Waveform: 
bipolar, 1.23 
Waveform, (cont) 
effects on intercept point, chart, 4.26 
nonlinear, equation, 8.16-17 
Weaver, Lindsay A., 4.73 
Webster, John G., 3.27, 3.64 
Weg, H. Van de, 6.112 
Welland, D.R., 6.113 
Wenzel Associates, Inc., 12.65 
West, Julian M., 1.79 
Wheable, Desmond, 6.84 
Wheatstone bridge, 3.70-71 
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White noise, 1.54 
source, 1.48 


White noise signal, input bandwidth limit, 13.52 


Wide codes, in ADC, 5.18 
Wideband amplifier, 2.123 
Wideband CDMA: 
adjacent channel leakage ratio, 6.145-146 
graph, 6.145 
adjacent channel power ratio, 6.145-146 
Widlar, Bob, 7.21, 9.26 
Williams, A.B., 8.143 
Williamsen, M., 8.144 
Williams, Jim, 13.91, 13.92 
Window comparator, 2.69 
Wire microstrip, 12.36 
transmission line, 12.36 
impedance, calculation, 12.37 
Wirewound resistor: 
comparison chart, 8.112 
parasitics, 10.17-18 
table, 10.21 
Witte, Robert A., 6.175 
Wold, Ivar, 6.84 
Wong, James, 3.64 
Woodward, Charles E., 6.80, 6.175 
Woofer-midrange-tweeter analogy, for RFI 
low-pass filter design, 11.32 
Wooley, B.A., 6.113 
Wooley, Bruce, 6.113 
Word: 
parallel, 5.2 
serial, 5.2 
Worst harmonic, definition, 6.135-136 
Wynne, J., 11.50 


x 

X-AMP, 4.35-38 
block diagram, 4.35 
RF/IF circuit, 4.35-38 
schematic, 4.36 
total input-referred noise, 4.37 
transfer function, 4.36 


X-AMP, A New 45 dB, 500 MHz Variable-Gain 


Amplifier (VGA) Simplifies Adaptive 
Receiver Designs, 4.40 
XFET reference, 7.9-12 

architecture, 7.10 

table, 7.11 

basic topology, circuit, 7.10 

drift, 7.13 

pinchoff voltages, 7.9 

thermal hysteresis, 7.10 


Y 

Yasuda, Y., 6.112 

Yester, Francis R., Jr., 6.114 
Young, Joe, 6.83, 7.63 


Z 
Zang, Lingli, 2.127 
Zener, buried, drift, 7.13 
Zener diode, 1.34, 11.35 
break-down, 7.3 
circuit, 7.2-3 
EMI protection, 11.35 
monolithic, 7.3 
temperature-compensated, 7.3 
Zener reference: 
buried, 7.8-9 
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surface, 7.8 
Zener zapping, 1.34-35 
Zeoli, G.W., 6.175 
Zero TC (unipolar converter), definition, 
6.124 
Zeta converter, 9.44 
Zhang, K., 13.31, 13.91 
Zkazawa, Yukio, 6.175 
Zoned load capacitor ESR, graph, 9.12 
Zumbahlen, H., 8.144 
Zverev, A.l., 8.143 
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ANALOG DEVICES PARTS INDEX 


AD2S90, 6.79 

AD210, 2.34-36 

AD215, 2.36-37 

AD260, 2.40-42 

AD260/AD261, 2.40-42 

AD38X, 7.12 

AD39X, 7.12 

AD482, 13.65 

AD524, 2.29, 13.43 

AD526, 2.89-90 

ADS534, 4.16-17 

AD536A, 2.85-86 

AD538, 2.57 

AD539, 2.77-78, 4.13-14 

ADS548, 13.65 

ADS549, 1.51, 13.65 

AD550, 6.3, 6.12 

AD574, 5.22, 6.42, 7.20 

AD580, 7.4 

ADS584, 7.5 

AD586, 7.8-9, 7.13 

ADS587, 7.15 

AD588, 3.95, 3.97, 7.8, 7.13-14 

AD589, 3.95, 7.5, 7.16, 7.17 

AD590, 3.33 

ADS594, 3.42-43 

AD594/ADS595, 3.42-43 

AD595, 3.42-43 

AD598, 3.3 

AD600, 4.35-36 

AD602, 4.35-36 

AD620, 2.13-16, 2.22, 2.24-25, 2.28, 
2.35-36,3.95 

AD620B, 2.28, 3.96, 13.42 

AD621, 2.22 

AD621B, 3.96, 3.97 

AD623, 12.13 

AD624C, 2.22 

AD627, 2.14 

AD629, 2.9-10, 12.12-13 

AD629B, 2.10 

AD636, 2.85 

AD641, 4.24-27 

AD645, 1.47, 1.51 

AD648, 13.65 

AD680, 7.4, 7.14 

AD684, 7.51 

AD688, 7.14 

AD698, 3.3-5 

AD704, 13.65 

AD711, 13.65 

AD711/12/13, 2.95 

AD712, 1.44, 13.65, 13.67 

AD713, 13.65 

AD737, 2.85 
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AD743, 13.65 
AD743/AD745, 1.47 
AD768, 6.27 
AD775, 6.210 


AD780, 2.63, 7.4, 7.12, 7.13, 7.14, 7.19 


AD781, 7.51 

AD783, 7.51 

AD790, 2.68-69 

AD795, 13.65 

AD797, 2.90-91, 2.95 
AD811, 13.12 

AD817, 12.89, 13.8 
AD820, 1.98-99, 13.65 
AD822, 1.98-99, 2.15-16, 13.65 
AD823, 1.99, 13.65 
AD824, 1.98-99, 13.65 
AD825, 8.137-138, 8.141 
AD829, 1.74 

AD830, 2.49 

AD834, 2.83-84, 4.17-19 


AD847, 1.12, 1.83, 1.85, 8.118-120, 13.14-16 


AD848, 1.12 

AD849, 1.12 

AD850, 6.3 

AD8152, 7.46 

AD1170, 6.72 

AD1580, 7.5-6, 7.16, 7.17 


AD1582 to AD1585 series, 7.4, 7.8, 7.12 


AD1582 to AD1585 series, 7.13-14 
AD185X series, 6.109-110 
AD1853, 6.110 

AD1871, 6.99-101 

AD1879, 6.98 

AD1955, 6.110 


AD1990/ AD1902/ AD1904/AD1906, 2.107-117 


AD5535, 13.73 
AD5570, 6.181, 6.190, 6.197 
AD6600, 6.210 
AD6644, 6.210 


AD6645, 6.139-140, 6.142, 6.145, 6.152- 154, 
6.160, 6.178-179, 6.181-185, 6.188, 6.193-194, 


6.202, 7.61-62, 12.94 
AD7111 LOGDAC, 6.38-39 
AD7450, 13.74-75 
AD7524, 6.14 
AD7528, 8.137-138, 8.141 
AD7677, 6.48-49 
AD7678, 6.181, 6.196, 6.199 
AD7684, 6.190 
AD77XX series, 6.101 
AD77XX family, 3.44, 3.49-50 
AD7710, 2.93-94 
AD7710-series, 7.19 
AD7711, 2.93 
AD7712, 2.93 


AD7713, 2.93 

AD7730, 3.85, 3.86, 3.98 6.101, 6.103-107, 
6.115, 6.181, 6.198, 6.201-202, 13.46-48, 
13.72-73 

AD7846, 2.91-92 

AD789X, 6.40 

AD7943/ AD7945/ AD7948, 6.19 

AD8001, 1.18, 1.68, 1.76-77, 1.83, 12.31, 
13.70-71, 13.89 

AD8016, 12.87-89 

AD8017AR, 12.83-86 

AD8021, 13.40-41 

AD8029, 12.77 

AD8033, 1.98-99, 13.59 

AD8034, 1.98-99, 13.59 

AD8036, 2.59-63 

AD8036/AD8037, 2.59-63 

AD8037, 2.59-63 

AD8051, 1.13 

AD8051/ AD8052/ AD8054, 1.83, 1.86-88 

AD8054, 1.70-71 

AD8055, 6.26-27 

AD8057, 12.90 

AD8058, 12.90 

AD8065, 1.98-99, 13.56-57, 13.59 

AD8066, 1.98-99, 13.59 

AD8067, 13.59-60 

AD8074, 2.4 

AD8074/AD8075, 2.3 

AD8075, 1.66, 2.4 

AD8079A/AD8079B, 2.4 

AD8079A/ AD8079B, 2.4 

AD8108/AD9109, 7.45 

AD8110/AD8111, 7.45 

AD8113, 7.45 

AD8114/AD8115, 7.45 

AD8116, 7.45 

AD8129, 2.50-51, 13.45 

AD8129/AD8130, 2.5, 2.49-51 

AD813X, 6.27-28, 2.31-32 

AD8130, 2.50-51, 13.45 

AD8138, 13.44 

AD8170, 7.42-43 

AD8174, 7.42-44 

AD8180, 7.42-43 

AD8182, 7.42-43 

AD8183/AD8185, 7.42-44 

AD8184, 7.44 

AD8186, 7.43 

AD8187, 7.43 

AD8230, 3.45-46 

AD8330, 4.33-34 

AD8345, 4.11 

AD8350, 2.6 

AD8354, 2.5 

AD8362, 4.29-31 

AD8367, 4.37-38 

AD8370, 4.38-39 

AD8510, 13.65 
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AD8512, 13.65 
AD8517, 1.98 
AD8519, 1.98-99 
AD8527, 1.98 
AD8529, 1.98-99 
AD8531/ AD8532/ AD8534, 1.83, 1.94 
AD8534, 1.46, 1.90-91 
AD8541, 1.98 
AD8542, 1.98 
AD8544, 1.98 
AD855X, 2.121, 2.123, 2.125 
AD8551, 1.98, 12.11-12, 12.19 
AD8551/ AD8552/ AD8554, 2.122 
AD8552, 1.98 
AD8554, 1.98 
AD8565, 1.98-99 
AD8566, 1.98-99 
AD8567, 1.98-99 
AD857X, 2.121, 2.123 
AD8571, 1.98 
AD8571/72/74, 2.122 
AD8572, 1.98 
AD8574, 1.98 
AD8603, 1.98 
AD8614, 1.98 
AD8620, 13.65 
AD8621, 1.98 
AD8622, 1.98 
AD8624, 1.98 
AD8625, 1.99 
AD8626, 1.98-99 
AD8627, 1.98-99, 13.65 
AD8631, 1.98 
AD8632, 1.98 
AD8644, 1.98 
AD9002, 2.62-63 
AD9042, 6.210, 7.60-61 
AD9051, 6.210 
AD9054A, 6.63 
AD9057, 6.210 
AD9200, 6.210 
AD9203, 6.210 
AD9216, 6.208 
AD9220, 6.210 
AD9224, 6.210 
AD9225, 6.210 
AD9226, 6.136-137 
AD9235, 6.55 

AD9238, 6.208 
AD9240, 6.210 
AD9245, 12.91-92 
AD9248, 6.208 
AD9280, 6.210 
AD9283, 6.210 
AD9410, 6.51 

AD9430, 6.55, 6.148, 12.49, 12.92-93 
AD9432, 6.210 
AD9510, 7.73-83 
AD9514, 7.67-72 
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AD9620, 2.3 
AD9630, 2.3 
AD9631, 12.79-80 
AD976X, 6.24 
AD977X, 6.24 
AD977x-family, 6.21 
AD9772, 13.50 
AD9773, 6.34 
AD9775, 6.21-22, 6.34 
AD9777, 6.34, 6.171, 6.181, 6.186-187, 
6.191-192, 6.195, 6.198, 12.94 
AD985X series, 12.94 
AD985x-family, 6.21 
AD9850, 4.46-47, 13.48 
AD9870, 6.109 
AD10677, 6.210 
AD12400, 6.210 
AD22100, 3.34 
AD22105, 3.58-59 
AD22151, 3.7-8 
ADF439F, 7.50 
ADF4111, 4.58 
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CHAPTER 1: THE OP AMP 


Introduction 


In this chapter we will discuss the basic operation of the op amp, one of the most 
common linear design building blocks. 


In section | the basic operation of the op amp will be discussed. We will concentrate on 
the op amp from the black box point of view. There are a good many texts that describe 
the internal workings of an op amp, so in this work a more macro view will be taken. 
There are a couple of times, however, that we will talk about the insides of the op amp. It 
is unavoidable. 


In section 2 the basic specifications will be discussed. Some techniques to compensate for 
some of the op amps limitations will also be given. 


Section 3 will discuss how to read a data sheet. The various sections of the data sheet and 
how to interpret what is written will be discussed. 


Section 4 will discuss how to select an op amp for a given application. 
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SECTION 1: OP AMP OPERATION 


Introduction 


The op amp is one of the basic building blocks of linear design. In its classic form it 
consists of two input terminals, one of which inverts the phase of the signal, the other 
preserves the phase, and an output terminal. The standard symbol for the op amp is given 
in Figure 1.1. This ignores the power supply terminals, which are obviously required for 
operation. 


(+) + 


INPUTS 


(-) a 


Figure 1.1: Standard op amp symbol 


The name “op amp” is the standard abbreviation for operational amplifier. This name 
comes from the early days of amplifier design, when the op amp was used in analog 
computers. (Yes, the first computers were analog in nature, rather than digital). When the 
basic amplifier was used with a few external components, various mathematical 
“operations” could be performed. One of the primary uses of analog computers was 
during WWII, when they were used for plotting ordinance trajectories. 


Voltage Feedback (VFB) Model 


The classic model of the voltage feedback op amp incorporates the following 
characteristics: 

1.) Infinite input impedance 

2) Infinite bandwidth 

3) Infinite gain 

4) Zero output impedance 

5) Zero power consumption 


1.3 


[a BASIC LINEAR DESIGN 


None of these can be actually realized, of course. How close we come to these ideals 
determines the quality of the op amp. 


This is referred to as the voltage feedback model. This type of op amp comprises nearly 
all op amps below 10 MHz bandwidth and on the order of 90% of those with higher 
bandwidths. 


POSITIVE SUPPLY 


(+) O 


INPUTS () OUTPUT 


NEGATIVE SUPPLY 


« IDEAL OP AMP ATTRIBUTES 
« Infinite Differential Gain 
= Zero Common Mode Gain 
« Zero Offset Voltage 
« Zero Bias Current 
« Infinite Bandwidth 
= OP AMP INPUT ATTRIBUTES 
« Infinite Impedance 
« Zero Bias Current 
« Respond to Differential Voltages 
« Do Not Respond to Common Mode Voltages 
= OP AMP OUTPUT ATTRIBITES 
« Zero Impedance 


Figure 1.2: The Attributes of an Ideal Op Amp 


Basic Operation 


The basic operation of the op amp can be easily summarized. First we assume that there 
is a portion of the output that is fed back to the inverting terminal to establish the fixed 
gain for the amplifier. This is negative feedback. Any differential voltage across the input 
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terminals of the op amp is multiplied by the amplifier’s open-loop gain. If the magnitude 
of this differential voltage is more positive on the inverting (-) terminal than on the 
noninverting (+) terminal, the output will go more negative. If the magnitude of the 
differential voltage is more positive on the noninverting (+) terminal than on the inverting 
(-) terminal, the output voltage will become more positive. The open-loop gain of the 
amplifier will attempt to force the differential voltage to zero. As long as the input and 
output stays in the operational range of the amplifier, it will keep the differential voltage 
at zero, and the output will be the input voltage multiplied by the gain set by the 
feedback. Note from this that the inputs respond to differential mode not common-mode 
input voltage. 


Inverting and Noninverting Configurations 


There are two basic ways to configure the voltage feedback op amp as an amplifier. 
These are shown in Figure 1.3 and Figure 1.4. 

Figure 1.3 shows what is known as the inverting configuration. With this circuit, the 
output is out of phase with the input. The gain of this circuit is determined by the ratio of 
the resistors used and is given by: 


Rp Eq. 1-1 
R 


Figure 1.3: Inverting Mode Op Amp Stage 
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Figure 1.4 shows what is know as the noninverting configuration. With this circuit the 
output is in phase with the input. The gain of the circuit is also determined by the ratio of 
the resistors used and is given by: 


A=l+ R fp Eq. 1-2 


G = Vou/Vin 
=1+(RJR,) 


Figure 1.4: Noninverting Mode Op Amp Stage 


Note that since the output drives a voltage divider (the gain setting network) the 
maximum voltage available at the inverting terminal is the full output voltage, which 
yields a minimum gain of 1. 


Also note that in both cases the feedback is from the output to the inverting terminal. This 
is negative feedback and has many advantages for the designer. These will be discussed 
more in detail further in this chapter. 


It should also be noted that the gain is based on the ratio of the resistors, not their actual 
values. This means that the designer can choose just about any value he wishes within 
practical limits. 


If the values of the resistors are too low, a great deal of current would be required from 
the op amps output for operation. This causes excessive dissipation in the op amp itself, 
which has many disadvantages. The increased dissipation leads to self-heating of the 
chip, which could cause a change in the de characteristics of the op amp itself. Also the 
heat generated by the dissipation could eventually cause the junction temperature to rise 
above the 150°C, the commonly accepted maximum limit for most semiconductors. The 
junction temperature is the temperature at the silicon chip itself. On the other end of the 
spectrum, if the resistor values are too high, there is an increase in noise and the 
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susceptibility to parasitic capacitances, which could also limit bandwidth and possibly 
cause instability and oscillation. 


From a practical sense, resistors below 10 Q and above 1 MQ become increasingly 
difficult to purchase especially if precision resistors are required. 


Figure 1.5: Inverting Amplifier Gain 


Let us look at the case of an inverting amp in a little more detail. Referring to Figure 1.5, 
the noninverting terminal is connected to ground. (We are assuming a bipolar (+ and —) 
power supply). Since the op amp will force the differential voltage across the inputs to 
zero, the inverting input will also appear to be at ground. In fact, this node is often 
referred to as a “virtual ground.” 


If there is a voltage (Vin) applied to the input resistor, it will set up a current (I1) through 
the resistor (Rin) so that 


l= mn Eq. 1.3 


Since the input impedance of the op amp is infinite, no current will flow into the 
inverting input. Therefore, this same current (I1) must flow through the feedback resistor 
(Rm). Since the amplifier will force the inverting terminal to ground, the output will 
assume a voltage (Vout) such that: 


Vout = * Ry Eq. 1-4 
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Doing a little simple arithmetic we then can come to the conclusion of eq. 1.1: 


V, R 
aia cade Eq. 1-5 
Vv. ” 
Vout 
ial Vin 
ae Reg 
Rin 


Figure 1.6: Noninverting Amplifier gain 


Now we examine the noninverting case in more detail. Referring to Figure 1.6, the input 
voltage is applied to the noninverting terminal. The output voltage drives a voltage 
divider consisting of Ra, and Rin. The name “Rin,” in this instance, is somewhat 
misleading since the resistor is not technically connected to the input, but we keep the 
same designation since it matches the inverting configuration, has become a de facto 
standard, anyway. The voltage at the inverting terminal (Va), which is at the junction of 
the two resistors, is 


in Eq. 1-6 
Va=———— i 
The negative feedback action of the op amp will force the differential voltage to 0 so: 


Again applying a little simple arithmetic we end up with: 
R R; 
Yo se wae i+ Rfp Eq. 1-8 


Vin Rin Rin 


Which is what we specified in Eq. 1-2. 
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In all of the discussions above, we referred to the gain setting components as resistors. In 
fact, they are impedances, not just resistances. This allows us to build frequency 
dependent amplifiers. This will be covered in more detail in a later section. 


Open-Loop Gain 


The open-loop gain (usually referred to as Ayo) is the gain of the amplifier without the 
feedback loop being closed, hence the name “open-loop.” For a precision op amp this 
gain can be vary high, on the order of 160 dB or more. This is a gain of 100 million. This 
gain is flat from de to what is referred to as the dominant pole. From there it falls off at 
6 dB/octave or 20 dB/decade. (An octave is a doubling in frequency and a decade is X10 
in frequency). This is referred to as a single-pole response. It will continue to fall at this 
rate until it hits another pole in the response. This 2"! pole will double the rate at which 
the open-loop gain falls, that is, to 12 dB/octave or 40 dB/decade. If the open-loop gain 
has dropped below 0 dB (unity gain) before it hits the 2™ pole, the op amp will be 
unconditional stable at any gain. This will be typically referred to as unity gain stable on 
the data sheet. If the 2" pole is reached while the loop gain is greater than 1 (0 dB), then 
the amplifier may not be stable under some conditions. 


OPEN OPEN 

LOOP LOOP 

GAIN 6dB/OCTAVE _ GAIN 6dB/OCTAVE 
dB dB 


12dB/ 
OCTAVE 


Figure 1.7: Open-Loop Gain (Bode Plot) 


It is important to understand the differences between open-loop gain, closed-loop gain, 
loop gain, signal gain, and noise gain. They are similar in nature, interrelated, but 
different. We will discuss them all in detail. 


The open-loop gain is not a precisely controlled spec. It can, and does, have a relatively 
large range and will be given in the specs as a typical number rather than a min/max 
number, in most cases. In some cases, typically high precision op amps, the spec will be a 
minimum. 


In addition, the open-loop gain can change due to output voltage levels and loading. 
There is also some dependency on temperature. In general, these effects are of a very 
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minor degree and can, in most cases, be ignored. In fact this nonlinearity is not always 
included in the data sheet for the part. 


Ce cccccncccccccccozeos 


OPEN LOOP GAIN | LOOP GAIN 


pp 


CLOSED LOOP GAIN 


secede 


LOG f 


Signal Gain = 1 + R2/R1 Signal Gain =- R2/R1 Signal Gain =- R2/R1 


Noise Gain = 1 + R2/R1 Noise Gain = 1 + R2/R1 Noise Gain = 1 * Ra) |RS 


m Voltage Noise and Offset Voltage of the op amp are reflected to the 
output by the Noise Gain. 
m = Noise Gain, not Signal Gain, is relevant in assessing stability. 


=~ =Circuit C has unchanged Signal Gain, but higher Noise Gain, thus 
better stability, worse noise, and higher output offset voltage. 


Figure 1.9: Noise Gain 
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Gain-Bandwidth Product 


The open-loop gain falls at 6 dB/octave. This means that if we double the frequency, the 
gain falls to half of what it was. Conversely, if the frequency is halved, the open-loop 
gain will double, as shown in Figure 1.8. This gives rise to what is known as the Gain- 
Bandwidth Product. If we multiply the open-loop gain by the frequency the product is 
always a constant. The caveat for this is that we have to be in the part of the curve that is 
falling at 6 dB/octave. This gives us a convenient figure of merit with which to determine 
if a particular op amp is useable in a particular application. 


For example, if we have an application with which we require a gain of 10 and a 
bandwidth of 100 kHz, we require an op amp with, at least, a gain-bandwidth product of 
1 MHz. This is a slight oversimplification. Because of the variability of the gain- 
bandwidth product, and the fact that at the location where the closed-loop gain intersects 
the open-loop gain the response is actually down 3 dB, a little margin should be included. 
In the application described above, an op amp with a gain-bandwidth product of 1 MHz 
would be marginal. A safety factor of at least 5 would be better insurance that the 
expected performance is achieved. 


A 


GAIN 
dB OPEN LOOP GAIN, A(s) 
IF GAIN BANDWIDTH PRODUCT = X 


THEN Y - fo, =X 


faa 
NOISE GAIN = Y on. 
a pA, WHERE fg, = CLOSED-LOOP 


BANDWIDTH 


LOG f 


Figure 1.10: Gain-Bandwidth Product 


Stability Criteria 


Feedback theory states that the closed-loop gain must intersect the open-loop gain at a 
rate of 6 dB/octave (single-pole response) for the system to be stable. If the response is 
12 dB/octave (2 pole response) the op amp will oscillate. The easiest way to think of this 
is that each pole adds 90° of phase shift. Two poles then means 180°, and 180° of phase 
shift turns negative feedback into positive feedback, which means oscillations. 
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The question could be then, why would you want an amplifier that is not unity gain 
stable? The answer is that for a given amplifier, the bandwidth can be increased if the 
amplifier is not unity gain stable. This is sometimes referred to as decompensated, But 
the gain criteria must be met. This criteria is that the closed-loop gain must intercept the 
open-loop gain at a slope of 6 dB/oct. (single-pole response). If not, the amplifier 

will oscillate. 


As an example, compare the open-loop gain graphs in Figures 1.11, 1.12, 1.13. The three 
parts shown, the AD847, AD848, and AD849, are basically the same part. The AD847 is 
unity gain stable. The AD848 is stable for gains of 2 or more. The AD849 is stable for a 
gain of 10 or more. You can see from this that the AD849 is much wider bandwidth. So, 
if you are going to run at high gain, you get wider bandwidth. 


There are a couple of tricks that you can use to help out in this regard in the circuit tricks 
section, which we will cover later. 
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Figure 1.11: AD847 Open Loop Gain ‘Figure 1.12: AD848 Open Loop Gain 
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Figure 1.13: AD849 Open-Loop Gain 
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Phase Margin 


One measure of stability is phase margin. Just as the amplitude response doesn’t stay flat 
and then change instantaneously, the phase will also change gradually, starting as much 
as a decade back from the corner frequency. Phase margin is the amount of phase shift 
that is left until you hit 180° measured at the unity gain point. 


The manifestation of low phase margin is an increase in the peaking of the output just 
before the close-loop gain intersects the open-loop gain. See Figure 1.14. 


OPEN-LOOP GAIN (dB) 


PHASE MARGIN (Degrees) 


10M 100M 500M 
FREQUENCY (Hz) 


Figure 1.14: AD8051 Phase Margin 


Closed-Loop Gain 


This, of course, is the gain of the amplifier with the feedback loop closed, as opposed the 
open-loop gain, which is the gain with the feedback loop opened. It has two forms, signal 
gain and noise gain. These are described and differentiated below. 


The expression for the gain of a closed-loop amplifier involves the open-loop gain. If G is 
the actual gain, NG is the noise gain (see below), and Avor is the open-loop gain of the 
amplifier, then: 
= No? NG 
G=NG ‘ee Eq. 1-9 
GTAvyo, NG +1 
VOL 


From this you can see that if the open-loop gain is very high, which it typically is, the 
closed-loop gain of the circuit is simply the noise gain. 
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Signal Gain 


This is the gain applied to the input signal, with the feedback loop connected. In the basic 
operation section above, when we talked about the gain of the inverting and noninverting 
circuits, we were actually more correctly talking about the closed-loop signal gain. It can 
be inverting or noninverting. It can even be less than unity for the inverting case. Signal 
gain is the gain that we are primarily interested in when designing circuits. 


The signal gain for an inverting amplifier stage is: 


R 
cae Eq. 1-10 
q 
Rin 
and for a noninverting amplifier it is: 
R Eq. 1-11 
A=1+— ‘ 
in 


Noise Gain 


Noise gain is the gain applied to a noise source in series with an op amp input. It is also 
the gain applied to an offset voltage. The noise gain is equal to: 


Rede tO Eq. 1-12 
in 


Noise gain is equal to the signal gain of a noninverting amp. It is the same for either an 
inverting or noninverting stage. 


It is the noise gain that is used to determine stability. It is also the closed-loop gain that is 


used in Bode plots. Remember that even though we used resistances in the equation for 
noise gain, they are actually impedances. 
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Signal Gain = 1 + R2/R1 Signal Gain = - R2/R1 Signal Gain =- R2/R1 
R2 


R1||R3 


Noise Gain = 1 + R2/R1 Noise Gain = 1 + R2/R1 Noise Gain = 1 + 


m= Voltage Noise and Offset Voltage of the op amp are reflected tothe 
output by the Noise Gain. 


m= #@ Noise Gain, not Signal Gain, is relevant in assessing stability. 


m= ~ ~=«Circuit C has unchanged Signal Gain, but higher Noise Gain, thus 
better stability, worse noise, and higher output offset voltage. 


Figure 1.15: Noise Gain 


Loop Gain 
The difference between the open-loop gain and the closed-loop gain is known as the loop 


gain. This is useful information because it gives you the amount of negative feedback 
that can apply to the amplifier system. 


OPEN LOOP GAIN | LOOP GAIN 


NOISE GAIN 
CLOSED LOOP GAIN 


a 44. 


LOG f 


Figure 1.16: Gain Definitions 
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Bode Plot 


The plotting of open-loop gain vs. frequency on a log-log scale gives is what is known as 
a Bode (pronounced boh dee) plot. It is one of the primary tools in evaluating whether a 
particular op amp is suitable for a particular application. 


If you plot the open-loop gain and then the noise gain on a Bode plot, the point where 
they intersect will determine the maximum closed-loop bandwidth of the amplifier 
system. This is commonly referred to as the closed-loop frequency (Fc). Remember that 
the true response at the intersection is actually 3 dB down. One octave above and one 
octave below Fc, the difference between the asymptotic response and the real response 
will be less than 1 dB. 


FREQUENCY 


Figure 1.17: Asymptotic Response 
The Bode plot is also useful in determining stability. As stated above, if the closed-loop 


gain (noise gain) intersects the open-loop gain at a slope of greater than 6 dB/octave 
(20 dB/decade) the amplifier may be unstable (depending on the phase margin). 
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Current Feedback (CFB) Model 


There is a type of amplifier that have several advantages over the standard VFB amplifier 
at high frequencies. They are called current feedback (CFB) or sometimes 
transimpedance amps. There is a possible point of confusion since the current—to-voltage 
(I/V) converters commonly found in photodiode applications are also referred to as 
transimpedance amps. Schematically CFB op amps look similar to standard VFB amps, 
but there are several key differences. 


The input structure of the CFB is different from the VFB. While we are trying not to get 
into the internal structures of the op amps, in this case, a simple diagram is in order. See 
Figure 1.18. The mechanism of feedback is also different, hence the names. But again, 
the exact mechanism is beyond what we want to cover here. In most cases if the 
differences are noted, and the attendant limitations observed, the basic operation of both 
types of amplifiers can be thought of as the same. The gain equations are the same as for 
a VFB amp, with an important limitation as noted in the next section. 


Vout 


\7 _T(s) = TRANSIMPEDANCE OPEN LOOP GAIN 
VouT = -T(s)*i 


A(s) = OPEN LOOP GAIN 
Vout = A(s)*v 


Figure 1.18: VFB and CFB Amplifiers 


Difference from VFB 


One primary difference between the CFB and VFB amps is that there is not a Gain- 
Bandwidth product. While there is a change in bandwidth with gain, it is not even close 
to the 6 dB/octave that we see with VFB. See Figure 1.19. Also, a major limitation that 
the value of the feedback resistor determines the bandwidth, working with the internal 
capacitance of the op amp. For every CFB op amp there is a recommended value of 
feedback resistor for maximum bandwidth. If you increase the value of the resistor, you 
reduce the bandwidth. If you use a lower value of resistor the phase margin is reduced 
and the amplifier could become unstable. This optimum value of resistor is different for 
different operational conditions. For instance, the value will change for different 
packages, for example, SOIC vs. DIP (see Figure 1.20). 
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GAIN 
dB 


LOGf 


@ FEEDBACK RESISTOR FIXED FOR OPTIMUM PERFORMANCE. LARGER VALUES 
REDUCE BANDWIDTH, SMALLER VALUES MAY CAUSE INSTABILITY. 


@ FOR FIXED FEEDBACK RESISTOR, CHANGING GAIN HAS LITTLE EFFECT ON 
BANDWIDTH. 


@ CURRENT FEEDBACK OP AMPS DO NOT HAVE A FIXED GAIN-BANDWIDTH 
PRODUCT. 


Figure 1.19: Current Feedback Amplifier Frequency Response 
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Figure 1.20: AD8001 Optimum Feedback Resistor vs. Package 


Also, a CFB amplifier should not have a capacitor in the feedback loop. If a capacitor is 
used in the feedback loop, it reduces the feedback impedance as frequency is increased, 
which will cause the op amp to oscillate. You need to be careful of stray capacitances 
around the inverting input of the op amp for the same reason. 


A common error in using a current feedback op amp is to short the inverting input 
directly to the output in an attempt to build a unity gain voltage follower (buffer). This 
circuit will oscillate. Obviously, in this case, the feedback resistor value will be less the 
recommended value. The circuit is perfectly stable if the recommended feedback resistor 
of the correct value is used in place of the short. 


Another difference between the VFB and CFB amplifiers is that the inverting input of the 
CFB amp is low impedance. By low we mean typically 50 © to 100 Q. Therefore there 
isn’t the inherent balance between the inputs that the VFB circuit shows. 
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Slew rate performance is also enhanced by the CFB topology. The current that is 
available to charge the internal compensation capacitor is dynamic. It is not limited to 
any fixed value as is often the case in VFB topologies. With a step input or overload 
condition, the current is increased (current-on-demand) until the overdriven condition is 
removed. The basic current feedback amplifier has no fundamental slew-rate limit. Limits 
only come about from parasitic internal capacitances and many strides have been made to 
reduce their effects. 


The combination of higher bandwidths and slew rate allows CFB devices to have good 
distortion performance while doing so at a lower power. 


The distortion of an amplifier is impacted by the open loop distortion of the amplifier and 
the loop gain of the closed-loop circuit. The amount of open-loop distortion contributed 
by a CFB amplifier is small due to the basic symmetry of the internal topology. Speed is 
the other main contributor to distortion. In most configurations, a CFB amplifier has a 
greater bandwidth than its VFB counterpart. So at a given signal frequency, the faster part 
has greater loop-gain and therefore lower distortion. 


How to Choose Between CFB and VFB 


The application advantages of current feedback and voltage feedback differ. In many 
applications, the differences between CFB and VFB are not readily apparent. Today’s 
CFB and VFB amplifiers have comparable performance, but there are certain unique 
advantages associated with each topology. Voltage feedback allows freedom of choice of 
the feedback resistor (or impedance) at the expense of sacrificing bandwidth for gain. 
Current feedback maintains high bandwidth over a wide range of gains at the cost of 
limiting the choices in the feedback impedance. 


In general, VFB amplifiers offer: 
¢ Lower Noise 
* Better DC Performance 
¢ Feedback Component Freedom 


while CFB amplifiers offer: 
¢ Faster Slew Rates 
¢ Lower Distortion 
¢ Feedback Component Restrictions 


Supply Voltages 


Historically the supply voltage for op amps was typically +15 V. The operational input 
and output range was on the order of +10 V. But there was no hard requirement for these 
levels. Typically the maximum supply was +18 V. The lower limit was set by the internal 
structures. You could typically go within 1.5 or 2 V of either supply rail, so you could 
reasonably go down to +8 V supplies or so and still have a reasonable dynamic range. 
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Lately though, there has been a trend toward lower supply voltages. This has happened 
for a couple of reasons. 


First, high speed circuits typically have a lower full scale range. The principal reason for 
this is the amplifiers ability to swing large voltages. All amplifiers have a slew rate limit, 
which is expressed as so many volts per microsecond. So if you want to go faster, your 
voltage range must be reduced, all other things being equal. A second reason is that to 
limit the effects of stray capacitance on the circuits, you need to reduce their impedance 
levels. Driving lower impedances increases the demands on the output stage, and on the 
power dissipation abilities of the amplifier package. Lower voltage swings require lower 
currents to be supplied, thereby lowering the dissipation of the package. 


A second reason is that as the speed of the devices inside the amplifier increased, the 
geometries of these devices tend to become smaller. The smaller geometries typically 
mean reduced breakdown voltages for these parts. Since the breakdown voltages were 
getting lower, the supply voltages had to follow. Today high speed op amps typically 
have breakdown voltage of +7 V, and so the supplies are typically +5 V, or even lower. 


In some cases, operation on batteries established a requirement for lower supply voltages. 
Lower supplies would then lessen the number of batteries, which, in turn, reduced the 
size, weight and cost of the end product. 


At the same time there was a movement towards single supply systems. Instead of the 
typical plus and minus supplies, the op amps operate on a single positive supply and 
ground, the ground then becoming the negative supply. 


Single Supply Considerations 


There is nothing in the circuitry of the op amp that requires ground. In fact, instead of a 
bipolar (+ and —) supply of +15 V you could just as easily use a single supply of +30 V 
(ground being the negative supply), as long as the rest of the circuit was biased correctly 
so that the signal was within the common mode range of op amp. Or, for that matter, the 
supply could just as easily be —30 V (ground being the most positive supply). 


When you combine the single supply operation with reduced supply voltages you can run 
into problems. The standard topology for op amps uses a NPN differential pair (see 
Figure 1.21) for the input and emitter followers (see Figure 1.24) for the output stage. 
Neither of these circuits will let you run “rail-to-rail,” that is from one supply to the other. 
Some circuit modifications are required. 


The first of these modifications was the use of a PNP differential input See Figure 1.22. 
One of the first examples of this input configuration was the LM324. This configuration 
allowed the input to get close to the negative rail (ground). It could not, however, go to 
the positive rail. But in many systems, especially mixed signal systems that were 
predominately digital, this was enough. In terms of precision, the 324 is not a stellar 
performer. 
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VIN 


Figure 1.21: Standard Input Stage (Differential Pair) 


The NPN input cannot swing to ground. The PNP input can not swing to the positive rail. 
The next modification was to use a dual input. Here a NPN differential pair is combined 
with a PNP differential pair. See Figure 1.23. Over most of the common-mode range of 
the input both pairs are active. As one rail or the other is approached, one of the inputs 
turns off. The NPN pair swings to the upper rail and the PNP pair swings to the lower 
rail. 


Vs 


Figure 1.22: PNP Input Stage 


It should be noted here that the op amp parameters which primarily depend on the input 
structure (bias current, for instance) will vary with the common-mode voltage on the 
inputs. The bias currents will even change direction as the front end transitions from the 
NPN stage to the PNP stage. 


Another difference is the output stage. The standard output stage, which is a 
complimentary emitter follower (common collector) configuration (Figure 1.24), is 
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typically replaced by a common emitter circuit. This allows the output to swing close to 
the rails. The exact level is set by the Vcgsat of the output transistors, which is, in turn, 
dependent on the output current levels. The only real disadvantage to this arrangement is 
that the output impedance of the common emitter circuit is higher than the common 
collector circuit. Most of the time this is not really an issue, since negative feedback 
reduces the output impedance proportional to the amount of loop gain. Where it becomes 


an issue is that as the loop gain falls this higher output impedance is more susceptible to 
the effects of capacitate loading. 


Figure 1.23: Compound input Stage 
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Figure 1.24: Output Stages. Emitter Follower for Standard Configuration 
And Common Emitter for “Rail-to-Rail” Configuration 
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Circuit Design Considerations for Single Supply Systems 


Many waveforms are bipolar in nature. This means that the signal naturally swings 
around the reference level, which is typically ground. This obviously won’t work in a 
single-supply environment. What is required is to ac couple the signals. 


C2, R3 Vs = +5V 
ioe 4.99kQ Gy 100uF/25V 


649Q 


Figure 1.25: Single Supply Biasing 


AC coupling is simply applying a high-pass filter and establishing a new reference level 
typically somewhere around the center of the supply voltage range. See Figure 1.25. The 
series capacitor will block the dc component of the input signal. The corner frequency 
(the frequency at which the response is 3 dB down from the midband level) is determined 
by the value of the components: 


1 
= Eq. 1-14 
to DERgg C 
where: 
R4 R5 Eq. 1-15 


REQ = -RaTRS 


It should be noted that if multiple sections are ac coupled, each section will be 3 dB down 
at the corner frequency. So if there are two sections with the same corner frequency, the 
total response will be 6 dB down, three sections would be 9 dB down, etc. This should be 
taken into account so that the overall response of the system will be adequate. Also keep 
in mind that the amplitude response starts to roll off a decade, or more, from the corner 
frequency. 


1.23 


[i BASIC LINEAR DESIGN 


The AC coupling of arbitrary waveforms can actually introduce problems which don’t 
exist at all in dc coupled systems. These problems have to do with the waveform duty 
cycle, and are particularly acute with signals which approach the rails, as they can in low 
supply voltage systems which are ac coupled. 
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1.0V (-) CLIPPING 


(B) ca 4.0V (+) CLIPPING 
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t 1.0V (-) CLIPPING 


Fig. 1.26: Headroom Issues with Single-Supply Biasing 


In an amplifier circuit such as that of Figure 1.25, the output bias point will be equal to 
the dc bias as applied to the op amp’s (+) input. For a symmetric (50% duty cycle) 
waveform of a 2 V p-p output level, the output signal will swing symmetrically about the 
bias point, or nominally 2.5 V +1 V (using the values give in Fig. 1.25). If, however, the 
pulsed waveform is of a very high (or low) duty cycle, the ac averaging effect of Cp and 
R4 || R5 will shift the effective peak level either high or low, dependent upon the duty 
cycle. This phenomenon has the net effect of reducing the working headroom of the 
amplifier, and is illustrated in Figure 1.26. 


In Figure 1.26 (A), an example of a 50% duty cycle square wave of about 2 V p-p level is 
shown, with the signal swing biased symmetrically between the upper and lower clip 
points of a5 V supply amplifier. This amplifier, for example, (an AD817 biased similarly 
to Figure 1.25) can only swing to the limited dc levels as marked, about | V from either 
rail. In cases (B) and (C), the duty cycle of the input waveform is adjusted to both low 
and high duty cycle extremes while maintaining the same peak-to-peak input level. At the 
amplifier output, the waveform is seen to clip either negative or positive, in (B) and (C), 
respectively. 
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Rail-to-Rail 


When the input and/or the output can swing very close to the supply rails, it is referred to 
as “rail-to-rail.” There is no industry standard definition for this. At Analog Devices we 
have defined this at swinging to within 100 mV of either rail. For the output this is 
driving a standard load, since the actual maximum output level will depend on the output 
current. Note that not all amplifiers that are touted as single supply are rail-to-rail. And 
not all rail-to-rail amplifiers are rail-to-rail on input and output. It could be one or the 
other, or both, or neither. The bottom line is that you must read the data sheet. In no case 
can the output actually swing completely to the rails. 


Phase Reversal 


There is an interesting phenomenon that can occur when the common-mode range of the 
op amp is exceeded. Some internal nodes can turn off and the output will be pulled to the 
opposite rail until the input comes back into the operational range. Many modern designs 
take steps to eliminate this problem. Many times this is called out in the bullets on the 
cover page. See Figure 1.27. Phase reversal is most common when the amplifier us in the 
follower mode. 


INPUT OUTPUT 


VERTICAL SCALE: 5V/ div. 
HORIZONTAL SCALE: 100s / div. 


Figure 1.27: Phase Reversal 


Low Power and Micropower 


Along with the trend toward single supplies is the trend toward lower quiescent power. 
This is the power used by the amp itself. We have arrived at the point where there are 
whole amplifiers that can operate on the bias current of the 741. 


However, low power involves some trade-offs. 
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One way to lower the quiescent power is to lower the bias current in the output stage. 
This amounts to moving more towards class B operation (and away from class A). The 
result of this is that the distortion of the output stage will tend to rise. 


Another approach to lower power is to lower the standing current of the input stage. The 
result of this is to reduce the bandwidth and to increase the noise. 


While the term “low power” can mean vastly different things depending on the 
application. At Analog Devices we have set a definition for op amps. Low power means 
the quiescent current is less than 1 mA per amplifier. Micropower is defined as having a 
quiescent current less than 100 nA per amplifier. As was the case with “rail-to-rail,” this 
is not an industry wide definition. 


Processes 
The vast majority of modern op amps are built using bipolar transistors. 


Occasionally a junction FET is used for the input stage. This is commonly referred to as a 
Bi-Fet (for Bipolar-FET). This is typically done to increase the input impedance of the 
op amp, or conversely, to lower the input bias currents. The FET devices are typically 
used only in the input stage. For single-supply applications, the FETs can be either 
N-channel or P-channel. This allows input ranges extending to the negative rail and 
positive rail, respectively. 


CMOS processing is also used for op amps. While historically CMOS hasn’t been that 
attractive a process for linear amplifiers, process and circuit design have progressed to the 
point that quite reasonable performance can be obtained from CMOS op amps. 


One particularly attractive aspect of using CMOS is that it lends itself easily to mixed 
mode (analog and digital) applications. Some examples of this are the Digi-Trim and 
chopper stabilized op amps. 


“Digi-Trim” is a technique that allows the offset voltage of op amps to be adjusted out at 
final test. This replaces the more common techniques of zener-zapping or laser trimming, 
which must be done at the wafer level. The problem with trimming at the wafer level is 
that there are certain shifts in parameters due to packaging, etc., that take place after the 
trimming is done. While the shift in parameters is fairly well understood and some of the 
shift can be anticipated, trimming at final test is a very attractive alternative. The 
Digi-trim amplifiers basically incorporate a small DAC used to adjust the offset. 


Chopper stabilized amplifiers use techniques to adjust out the offset continuously. This is 
accomplished by using a dc precision amp to adjust the offset of a wider bandwidth amp. 
The dc precision amp is switched between a reference node (usually ground) and the 
input. This then is used to adjust the offset of the “main” amp. 


Digi-Trim and chopper stabilized amplifiers are covered in more detail in Chapter 2. 
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Effects of Overdrive on Op Amp Inputs 


There are several important points to be considered about the effects of overdrive on op 
amp inputs. The first is, obviously, damage. The data sheet of an op amp will give 
“absolute maximum” input ratings for the device. These are typically expressed in terms 
of the supply voltage but, unless the data sheet expressly says otherwise, maximum 
ratings apply only when the supplies are present, and the input voltages should be held 
near zero in the absence of supplies. 


A common type of rating expresses the maximum input voltage in terms of the supply, 
Veg + 0.3 V. In effect, neither input may go more than 0.3 V outside the supply rails, 


whether they are on or off. If current is limited to 5 mA or less, it generally does not 
matter if inputs do go outside +0.3 V when the supply is off (provided that no base- 
emitter reverse breakdown occurs). Problems may arise if the input is outside this range 
when the supplies are turned on as this can turn on parasitic SCRs in the device structure 
and destroy it within microseconds. This condition is called /atch-up, and is much more 
common in digital CMOS than in linear processes used for op amps. If a device is known 
to be sensitive to latch-up, avoid the possibility of signals appearing before supplies are 
established. (When signals come from other circuitry using the same supply there is 
rarely, if ever, a problem.) Fortunately, most modern IC op amps are relatively 
insensitive to latch-up. 


Input stage damage will be limited if the input current is limited. The standard rule-of- 
thumb is to limit the current to 5 mA. Reverse bias junction breakdown should be 
avoided at all cost. Note that the common-mode and differential-mode specs may be 
different. Also, not all overvoltage damage is catastrophic. Small degradation of some of 
the specs can occur with constant abuse by overvoltaging the op amp. 


A common method of keeping the signal within the supplies is to clamp the signal to the 
supplies with Schottky diodes as shown in Figure 1.28. This does not, in fact, limit the 
signal to +0.3 V at all temperatures, but if the Schottky diodes are at the same 
temperature as the op amp, they will limit the voltage to a safe level, even if they do not 
limit it at all times to within the data sheet rating. This is easily accomplished if 
overvoltage is only possible at turn-on, and diodes and op amp will always be at the same 
temperature then. If the op amp may still be warm when it is repowered, however, steps 
must be taken to ensure that diodes and op amp are at the same temperature when this 
occurs. 


Many op amps have limited common-mode or differential input voltage ratings. Limits 
on common-mode are usually due to complex structures in very fast op amps and vary 
from device to device. Limits on differential input avoid a damaging reverse breakdown 
of the input transistors (especially super-beta transistors). This damage can occur even at 
very low current levels. Limits on differential inputs may also be needed to prevent 
internal protective circuitry from over-heating at high current levels when it is conducting 
to prevent breakdowns—in this case, a few hundred microseconds of overvoltage may do 
no harm. One should never exceed any “‘absolute maximum” rating, but engineers should 
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understand the reasons for the rating so that they can make realistic assessments of the 
risk of permanent damage should the unexpected occur. 


If an op amp is overdriven within its ratings, no permanent damage should occur, but 
some of the internal stages may saturate. Recovery from saturation is generally slow, 
except for certain “clamped” op amps specifically designed for fast over-drive recovery. 
Over-driven amplifiers may therefore be unexpectedly slow. 


Because of this reduction in speed with saturation (and also output stages unsuited to 
driving logic), it is generally unwise to use an op amp as a comparator. Nevertheless, 
there are sometimes reasons why op amps may be used as comparators. The subject is 
discussed in Reference 3 and Chapter 2. 


Rs 


Vs 


Figure 1.28: Input Overvoltage Protection 
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SECTION 2: OP AMP SPECIFICATIONS 


Introduction 


In this section, we will discuss basic op amp specs. The importance of any of these specs 
depends, of course, upon the application. For instance, offset voltage, offset voltage drift, 
and open-loop gain (de specs) are very critical in precision sensor signal conditioning 
circuits, but may not be as important in high speed applications where bandwidth, slew 
rate, and distortion (ac specs) are typically the key specs. 


Most op amp specs are largely topology independent. However, although voltage 
feedback (VFB) and current feedback (CFB) op amps have similar error terms and specs, 
the application of each part warrants discussing some of the specs separately. In the 
following discussions, this will be done where significant differences exist. 


It should be noted that not all of these specs will necessarily appear on all data sheets. As 
the performance of the op amp increases, the more specs it has and the tighter the specs 
become. Also keep in mind the difference between typical and min/max. At Analog 
Devices, a spec that is min/max is guaranteed by test. Typ specs are generally not tested. 
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DC Specifications 
Open-Loop Gain 


The open-loop gain is the gain of the amplifier when the feedback loop is not closed. It is 
generally measured, however, with the feedback loop closed, although at a very large 
gain. In an ideal op amp, it is infinite with infinite bandwidth. In practice, it is very large 
(up to 160 dB) at dc. At some frequency (the dominant pole) it starts to fall at 

6 dB/octave or 20 dB/decade. (An octave is a doubling in frequency and a decade is x10 
in frequency). This is referred to as a single-pole response. The dominant pole frequency 
will range from in the neighborhood of 10 Hz for some high precision amps to several 
kHz for some high speed amps. It will continue to fall at this rate until it reaches another 
pole in the response. This 2" pole will double the rate at which the open-loop gain falls, 
that is to 12 dB/octave or 40 dB/decade. If the open-loop gain has gone below 0 dB (unity 
gain) before the amp hits the 2" pole, the op amp will be unconditionally stable at any 
gain. This will be referred to as unity gain stable on the data sheet. If the 2" pole is 
reached while the loop gain is greater than 1 (0 db), then the amplifier may not be stable 
under some conditions. 


OPEN OPEN 
LOOP LOOP 
GAIN 6dB/OCTAVE GAIN 6dB/OCTAVE 
dB dB 
Single Pole Response Two Pole Response 


Figure. 1.29: Open-Loop Gain 


Since the open-loop gain falls by half with a doubling of frequency with a single pole 
response, there is what is called a constant gain-bandwidth product. At any point along 
the curve, if the frequency is multiplied by the gain at that frequency, the product is a 
constant. For example, if an amplifier has a 1 MHz gain bandwidth product, the open- 
loop gain will be 10 (20 dB) at 100 kHz, 100 (40 dB) at 10 kHz, etc. This is readily 
apparent on a Bode plot, which plots gain vs. frequency on a log-log scale. 


Since a voltage feedback op amp operates as a voltage in/voltage out device, its open- 
loop gain is a dimensionless ratio, so no unit is necessary. Data sheets sometimes express 
gain in V/mV or V/V instead of V/V, for the convenience of using smaller numbers. Or 
voltage gain can also be expressed in dB terms, as gain in dB = 20 x logAyo.. Thus an 
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open-loop gain of 1 V/uV (or 1000 V/mV or 1,000,000 V/V) is equivalent to 120 dB, and 
so on. 


GAIN 
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IF GAIN BANDWIDTH PRODUCT = X 
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Figure 1.30: Bode Plot (for VFB Amps) 


For very high precision work, the nonlinearity of the open-loop gain must be considered. 
Changes in the output voltage level and output loading are the most common causes of 
changes in the open-loop gain of op amps. A change in open-loop gain with signal level 
produces a nonlinearity in the closed-loop gain transfer function, which cannot be 
removed during system calibration. Most op amps have fixed loads, so Ayo, changes with 
load are not generally important. However, the sensitivity of Avo. to output signal level 
may increase for higher load currents. See Figure 1.31. 
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Figure 1.31: Open-Loop Nonlinearity 
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The severity of this nonlinearity varies widely from one device type to another, and 
generally isn’t specified on the data sheet. The minimum Ayor is always specified, and 
choosing an op amp with a high Avor will minimize the probability of gain nonlinearity 
errors. There is no way to compensate for Avor nonlinearity. 


Open-Loop Transresistance of a CFB Op Amp 


For current feedback amplifiers, the open-loop response is voltage out for a current in, so 
it is a transresistance (expressed in ohms) rather than a gain. This is generally referred to 
as a transimpedance, since there is an ac component as well as a dc term. The 
transimpedance of a CFB amp will usually be in the range of 500 kQ to 1 MQ. 


A CFB op amp open-loop transimpedance does not vary in the same way as a VFB open- 
loop gain. Therefore, a CFB op amp will not have the same gain-bandwidth product as 
VFB amps. While there is some variation of frequency response with frequency with a 
CFB amp, it is nowhere near 6 dB/octave. See Figure 1.32. 


When using the term transimpedance amplifier, there can be some confusion. An 
amplifier configured as a current to voltage (I/V) converter, typically in photodiode 
circuits, is also referred to as a transimpedance amplifier. But the photodiode application 
will generally use a FET input VFB amp rather than a CFB amp. This is because the 
current levels in the photodiode applications will be very low, not the most compatible 
with the low impedance input of a CDB op amp. 


GAIN 
dB 
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Figure 1.32: Open-Loop Gain of a CFB Op Amp 
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Offset Voltage 


If both inputs of an op amp are at exactly the same voltage, then the output should be at 
zero volts, since a differential of 0 V should produce an output of 0 V. In practice, 
however, there will typically be some voltage at the output. This is known as the offset 
voltage or Vos. The typical way to specify offset voltage is as the amount of voltage that 
must be added to the input to force 0 V out. This voltage, divided by the noise gain of the 
circuit, is the input offset voltage or input referred offset voltage. The offset voltage is 
usually input referred to eliminate the effect of circuit gain, which makes comparisons 
easier. The offset voltage is modeled as a voltage source, Vos, in series with the inverting 
input of the op amp as shown in Figure 1.33 . 


Figure 1.33: Offset Voltage 


Offset Voltage Drift 


The input offset voltage varies with temperature. Its temperature coefficient is known as 
TCV os, or more commonly, drift. Offset drift may be as low as 0.1 pV/°C (typical value 
for OP177F, a very high precision op amp). More typical drift values for a range of 
general purpose precision op amps lie in the range 1 wV/°C to 10 wV/°C. Most op amps 
have a specified value of TCVos, but some, instead, have a second value of maximum Vos 
that is guaranteed over the operating temperature range. Such a spec is less useful, 
because there is no guarantee that TC Vos is constant or monotonic. 


Drift with Time 


The offset voltage also changes as time passes, or ages. Aging is generally specified in 
uV/month or 1 V/1000 hours, but this can be misleading. Aging is not linear, but instead a 
nonlinear phenomenon that is proportional to the square root of the elapsed time. A drift 
rate of 1 uV/1000 hours therefore becomes about 3 pV/year (not 9 uV/year). Long-term 
drift of the OP177F is approximately 0.3 1 V/month. This refers to a time period after the 
first 30 days of operation. Excluding the initial hour of operation, changes in the offset 
voltage of these devices during the first 30 days of operation are typically less than 2 pV. 
The long term drift of offset voltage with time is not always specified, even for precision 
op amps. 
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Correction for Offset Voltage 


Early op amps typically had pins available for nulling out offset voltages. A 
potentiometer connected to these pins, and the wiper connected to one or the other of the 
supply voltages, allowed balancing the input stage, which, in turn, nulled out the offset 
voltage. See Figure 1.34. 


Makers of high precision op amps, such as Analog Devices (ADI) and Precision 
Monolithics (PMI) employed circuit design tricks to internally balance the input 
structures. ADI used laser trimming of the input stage load resistors to achieve balance. 
PMI used a technique call zener zapping to accomplish basically the same thing. 


V5 OR Vo, V5 


Figure 1.34: Offset Adjustment Pins 


Laser trimming used lasers to eat away part of the collector resistors to adjust their value. 
Zener zapping involved having a string of resistors, each bypassed by a semiconductor 
structure that is basically a zener diode. By applying a pulse of voltage these zener diodes 
would be shorted out (zapped). This adjusts the value of the resistor string. 


DigiTrim™ Technology 


DigiTrim is a technique which adjusts circuit offset performance by programming 
digitally weighted current sources, in essence a DAC. This technique makes use of the 
mixed signal capabilities of the CMOS process. While, historically, CMOS would not be 
the first choice for precision amplifiers, recent process improvements combined with the 
DigiTrim technology result in a very reasonable precision performance. In this patented 
new trim method, the trim information is entered through existing analog pins using a 
special digital keyword sequence. The adjustment values can be temporarily 
programmed, evaluated and readjusted for optimum accuracy before permanent 
adjustment is performed. After the trim is completed, the trim circuit is locked out to 
prevent the possibility of any accidental re-trimming by the end user. 
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A unique feature of this technique is that the adjustment is done after the chip is 
packaged. With zener zapping and laser trimming, the offset must be adjusted at the die 
level. Subsequent processing, mounting the chip on a header and encapsulating in plastic 
cause a shift in the offset. This is due to both the mechanical stress of the mounting 
(strain gauge effect) and the heat of molding the package. While the amount of the shift is 
well profiled, the ability to trim at the package level versus the chip level is a distinct 
advantage. 


The physical trimming, achieved by blowing polysilicon fuses, is very reliable. No extra 
pads or pins are required for this trim method and no special test equipment is needed to 
perform the trimming. The trimming is done through the input pins. A simplified 
representation of an amplifier with DigiTrim is shown in Figure 1.35. No testing is 
required at the wafer level assuming reasonable die yields. No special wafer fabrication 
process is required and circuits can even be produced by our foundry partners. All of the 
trim circuitry tend to scale with the process features so that as the process and the 
amplifier circuit shrink, the trim circuit also shrinks proportionally. The trim circuits are 
considerably smaller than normal amplifier circuits so that they contribute minimally to 
die cost. The trims are discrete as in link trimming and zener zapping but the required 
accuracy is easily achieved at a very small cost increase over an untrimmed part. 


The DigiTrim approach could also support user trimming of system offsets with a 
different amplifier design. This has not yet been implemented in a production part, but it 
remains a possibility. 


CLOCK 
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Figure 1.35: Simplified Schematic of the DigiTrim Technology 
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External Trim 


The offset adjustment pins started to disappear with the advent of dual op amps since 
there weren’t enough pins left for them in the 8-pin package. Therefore external 
adjustment techniques were required. 


External trimming out offset involves basically adding a small voltage to the input to 
counteract the offset. See Figure 1.36. The polarity of the voltage applied to the offset 
potentiometer will depend on the process used to manufacture the part as well as the 
polarity of the input devices (NPN or PNP). The offset can be accomplished with 
potentiometers, digital potentiometers or DACs. The major problem with external 
trimming is that the temperature coefficients of the internal and external components will 
probably not match. This will limit the effectiveness of the adjustment over temperature. 


In addition, the mechanical potentiometer is subject to aging and mechanical vibration. 


There is an increase in noise gain due to the added resistance and the potentiometer 
resistance. The resulting increase in noise gain may be reduced by making R3 much 
greater than R1. Note that otherwise, the signal gain might be affected as the offset 
potentiometer is adjusted. The gain may be stabilized, however, if R3 is connected to a 
fixed low impedance reference voltage sources, +Vr. 


(A) Fe (8) A 


Vin Vin 


Vv 
OUT 
Vout 


NOISE GAIN = NOISE GAIN = 


4+ B2 
1+ R1 
R1||(R3 + RallRg) 
ey iB 
-VR +Vp -Vr +Vp 
-_ R2 R2 Voyr=- B2 Vv, #1414 

Vout =~ ‘pq Vin * 'p3YR ouT ~~ Ra VIN [1+ | lars on 

MAX 
OFFSET OFFSET 


Rp=R1||R2_ IF Iy, ~ Ip, 
Rp< 502 IF Iy, # 1g. 


Figure 1.36: External Offset Adjustment 
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The digital potentiometer and DAC however can be adjusted in circuit, under control of a 
microprocessor or microcontroller, which could mitigate aging and temperature effects. 


If response to dc is not required, an alternative approach would be to use a circuit called a 
servo. See Figure 1.38. This circuit is basically an integrator, which is placed in a 
feedback loop around the main amplifier. A precision amplifier should be used for the 
integrator, it need not be fast enough to pass the full frequency spectrum that the main 
amplifier must. The circuit operates by taking the average dc level of the output and 
feeding it back to the main amplifier, in effect subtracting it from the signal. 


Figure 1.37: Using a DAC to Control Offset 


NONINVERTING Fo= 2nRC INVERTING 


Figure 1.38: Servo Controlled Offset 
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Input Bias Current 


In the ideal model of the op amp the inputs have infinite impedance and so no current 
flows into the input terminals. But since the most common input structure use bipolar 
junction transistors (BJTs), there is always some current required for operation, since the 
BJT is a current controlled device. This is referred to as bias current (Ig) or input bias 
current. In practice, there are always two input bias currents, Ip; and Ig (see 
Figure 1.39), one for each of the inputs. Values of Ig range from 60 fA (about one 
electron every three microseconds) in the AD549 electrometer, to tens of microamperes 
in some high speed op amps. Due to the inherent nature of monolithic op amp fabrication 
processing, these bias currents tend to be equal, but this isn’t guaranteed to be case. And 
in the case of current feedback amplifiers, the nonsymmetric nature of the inputs 
guarantees that the bias currents are different. 


Input bias current is a problem to the op amp user because it flows in external 
impedances and produces offset voltages, which add to system errors. Consider a 
noninverting unity gain buffer driven from a source impedance of 1 MQ. If Ip is 10 nA, it 
will introduce an additional 10 mV of error. Or, if the designer simply forgets about Ip 
and uses capacitive coupling, the circuit won’t work at all! This is because the bias 
currents need a DC return path to ground. If the dc return path is not there, the input of 
the op amp will drift to one of the rails. Or, if Ig is low enough, it may work momentarily 
while the capacitor charges, giving even more misleading results. The moral here is not to 
neglect the effects of Ip, in any op amp circuit. 


Figure 1.39: Input Bias Current 


Input Offset Current 


The difference in the bias currents is the input offset current. Normally the difference 
between the bias currents is small, so that the offset current is also small. In bias 
compensated op amps (see next section) the offset current is approximately equal to the 
bias current. 
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Compensating for Input Bias Current 


There are several ways to compensate for bias currents. It can be addressed by the 
manufacturer, or external techniques can be employed. 


There are basically two different ways that an IC manufacturer can deal with bias 
currents. 


The first is the use a “super-beta” transistors for the input stage. Super-beta transistors are 
specially processed devices with a very narrow base region. They typically have a current 
gain (8) of thousands or tens of thousands (rather than the more usual hundreds for 
standard BJT transistors). Op amps with super-beta input stages have much lower bias 
currents, but they also have more limited frequency response. Since the breakdown 
voltages of super-beta devices are typically quite low, they also require additional 
circuitry to protect the input stage from damage caused by overvoltage on the input. 


The second method of dealing with bias currents is to use a bias compensated input 
structure. See Figure 1.40. With a bias current compensated input, small current sources 
are added to the bases of the input devices. The idea is that the bias currents required by 
the input devices are provided by the current sources so that the net current seen by the 
external circuit is reduced considerably. 


VIN 


Figure 1.40: Input Bias Current Compensation 


Bias current compensated input stages have many of the good features of the simple 
bipolar input stage, namely: low voltage noise, low offset, and low drift. Additionally, 
they have low bias current which is fairly stable with temperature. However, their current 
noise is not very good, since current sources are added to the input. And their bias current 
matching is poor. These latter two undesired side effects result from the external bias 
current being the difference between the compensating current source and the input 
transistor base current. Both of these currents inevitably have noise. Since they are 
uncorrelated, the two noises add in a root-sum-of-squares fashion (even though the dc 
currents subtract). 
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Note that this can easily be verified, by examining the offset current spec (the difference 
in the bias currents). If internal bias current compensation exists, the offset current will be 
of the same magnitude as the bias current. Without bias current compensation, the offset 
current will generally be at least a factor of 10 smaller than the bias current. Note that 
these relationships generally hold, regardless of the exact magnitude of the bias currents. 


Since the resulting external bias current is the difference between two nearly equal 
currents, there is no reason why the net current should have a defined polarity. As a 
result, the bias currents of a bias-compensated op amp may not only be mismatched, they 
can actually flow in opposite directions! In most applications this isn’t important, but in 
some it can have unexpected effects (for example, the droop (change of voltage in the 
hold mode) of a sample-and-hold amplifier (SHA) built with a bias-compensated op amp 
may have either polarity). 


In many cases, the bias current compensation feature is not mentioned on an op amp data 
sheet. It is easy to determine if bias current compensation is being used by examining the 
bias current spec. If the bias current is specified as a “+” value, the op amp is most likely 
compensated for bias current. 


The designer can compensate for the effects of the bias current by equalizing the 
impedances seen by the two inputs. See Figure 1.40. If the impedances are equal, then the 
bias currents (which will tend to also be equal) flowing through them will produce the 
same offset voltage, which will appear as a common-mode signal. Since it is a common- 
mode signal it would tend to not add to the error due to the common-mode rejection 
(CMRR, to be discussed later in this section) of the amplifier. 
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Figure 1.41: Bias Current Compensation 
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Care should be used when applying this technique. It obviously won’t work with a bias 
compensated op amp, since the bias currents aren’t equal. With FET input amps, the 
impedance levels tend to be high and the bias currents are small, so the added effects of 
the Johnson noise of the high input impedances might be worse than the effects of the 
bias current flowing through them. Analysis needs to be performed. 


Calculating Total Output Offset Error Due to IB and VOS 


The equations shown in Figure 1.42 below are useful in referring all the offset voltage 
and induced offset voltage from bias current errors to the either the input (RTI) or the 
output (RTO) of the op amp. The choice of RTI or RTO is a matter of preference. 


The RTI value is useful in comparing the cumulative op amp offset error to the input 
signal. The RTO value is more useful if the op amp drives additional circuitry, to 
compare the net errors with that of the next stage. 
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Figure 1.42: Total Offset Voltage Calculations 


In any case, the RTO value is simply obtained by multiplying the RTI value by the stage 
noise gain, which is 1 + R2/R1. 


There are some simple rules towards minimization offset voltage and bias current errors. 
First, keep input/feedback resistance values low, to minimize offset voltage due to bias 
current effects. Second, use bias compensation resistors. Bypass these resistors with fairly 
large values of capacitance. This gives the advantage of the resistors at dc for bias 
currents, but shorts out the resistances at higher frequencies to minimize noise at higher 
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frequencies. Next, it is probably not wise to use this technique with FET input devices, 
since the value of the compensation resistor will likely add more noise than it will save in 
bias current compensation. If an op amp uses internal bias current compensation, don’t 
use the compensation resistance, since the bias currents will not match. When necessary, 
use external offset trim networks, for lowest induced drift. Select an appropriate precision 
op amp specified for low offset and drift, as opposed to trimming. 


Input Impedance 


VFB op amps normally have both differential and common-mode input impedances 
specified. Current feedback op amps normally specify the impedance to ground at each 
input. Different models may be used for different voltage feedback op amps, but in the 
absence of other information, it is usually safe to use the model in Figure 1.43. In this 
model the bias currents flow into the inputs from infinite impedance current sources. 


+ INPUT 


Figure 1.43: Input Impedance 


The common-mode input impedance data sheet spec (Zom+ and Zom-) is the impedance 
from either input to ground (NOT from both to ground). The differential input impedance 
(Zaise) 1s the impedance between the two inputs. These impedances are usually resistive 
and high (10° Q to 10'? Q.) with some shunt capacitance (generally a few pF, sometimes 
20 pF to 25 pF). In most op amp circuits, the inverting input impedance is reduced to a 
very low value by negative feedback, and only Zem+ and Zaire are of importance. 


A current feedback op amp is even more simple, as shown in Figure 1.44. Z+ is resistive, 
generally with some shunt capacitance, and high (10° Q to 10’ Q.) while Z- is reactive 

(L r C, depending on the device) but has a resistive component of 10 to 100 Q, varying 
from type to type. 
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+INPUT = RIB 


Z+ 


Figure 1.44: Current Feedback Input resistance 


Input Capacitance 


In general, the input capacitance is not an issue with high speed op amps. In certain 
applications, such as a photodiode amp, where the source impedance is high, it could 
come into play. With a very large source impedance, a relatively small capacitance could 
set up a zero in the transmission function. This could lead to instability. Since the noise 
gain of the amplifier is rising at 6 dB/octave, and the open-loop gain is falling at 

6 dB/octave, the intersection will be at 12 dB/octave, which is unstable. 


Another issue with FET input devices driven from a high impedance source in the 
noninverting configuration is the modulation of the input capacitance by the common- 
mode voltage. This leads to a level dependent distortion. To compensate for this effect, 
balancing the impedances as seen by the inputs is used. This is similar to the balancing 
used for input bias current, except that the balance is not just for dc. 


Input Common-Mode Voltage Range 


The input common-mode range is the allowable voltage on the input pins. It usually is not 
the full supply range. Classical system design used +15 V supplies with an expected 
dynamic range of +10 V, so the inputs really needed only to cover those ranges. 


However, the current trend is to smaller and smaller supply voltages. This increases the 
need to maximize the input dynamic range. Many low voltage op amps utilize “rail-to- 
rail” inputs. While there is no industry-standard definition for “rail-to rail,” at Analog 
Devices it is defined as swinging within 100 mV of either rail. Note that not all devices 
marketed as single supply are rail-to-rail, and not all devices that are marketed as rail-to- 
rail are able to swing to the rails on both input and output. You must read the data sheet 
carefully. 


Certain inputs, such as bias compensated and super beta op amps will further limit the 
input voltage range. 
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Differential Input Voltage 


Certain input structures require limiting of differential input voltage to prevent damage. 
These op amps will generally have back-to-back diodes across the inputs. This will not 
always show up in the simplified schematics of the amps. It will show up, however, as a 
differential input voltage spec of +700 mV maximum. 


In addition, you may find a spec for the maximum input differential current. Some amps 
have current limiting resistors built in, but these resistors raise the noise, so for low noise 
op amps they are left off. 


Supply Voltage 


Classical system design was +15 V supplies with an expected signal dynamic range of 
+10 V. Most early op amps were designed to operate on these voltages. The supply 
voltage typically had a very wide range. On the data sheet a range of allowable supply 
voltages was generally listed. It could be something like +4.5 V to +18 V, which is the 
spec for the AD712. In general there are some small changes in the specs for the same op 
amp operated on different supplies. This usually shows up as multiple spec pages, each at 
a different set of conditions, which usually means different supplies. 


Although the voltage spec was generally given as a symmetrical bipolar voltage, there is 
no reason that it had to be either symmetrical or bipolar. To the op amp a +15 V supply is 
the same as a +30 V/0 V supply or a +20 V/-10 V supply, as long as the inputs are biased 
in the active region (within the common-mode range). 


The current trend is to lower supply voltages. For high speed amps this is partially due to 
process limitations. Higher speeds imply small physical structures, which, in turn, imply 
lower breakdown voltages. Lower breakdown voltages imply lower supply voltages. 
Currently most high speed op amps require +5 V or single +5 V supplies. For general 
purpose op amps, supplies are getting as low as +1.8 V. Note that the term single-supply 
is sometimes used to indicate lower supply voltages. The two concepts are related, but, as 
pointed out above, single-supply does not necessarily mean low voltage. Keep the 
concepts separate. 


CMOS op amps are also generally operated with lower supplies. The trend in CMOS 
processes, again driven by digital circuits, emphasizes small and smaller geometries, with 
their attendant lower breakdown voltages. 


Quiescent Current 


The quiescent current is the current internally consumed by the op amp itself (no load). In 
general, high speed amps tend to draw more quiescent current than general purpose amps. 
In addition, for general purpose op amps, some performance parameters (noise and 
distortion in particular) tend to improve with higher current. On the other end of the 
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spectrum, the lowest quiescent current amps have severely limited bandwidth. Currently 
the lowest quiescent current device from Analog Devices is the OP290 at 3.5 LA. 


There is a strong demand for low quiescent current op amps. One driving application is 
battery powered equipment. While there is no industry standard for what “low power” 
means, at Analog Devices “low power” is defined as less than 1 mA of quiescent current. 
“Micropower” is defined as less than 100 pA quiescent current. Note that this is per 
amplifier, so a quad op amp will draw 4 this amount. Also note that this applies only to 
amplifiers. Low power can mean many things to many people. For instance a very high 
speed ADC may dissipate over 1 W! This can still be considered low power, since 
competing solutions can be over 4 W. 


Output Voltage Swing (Output Voltage High/Output Voltage Low) 


As pointed out above, classical system design used +15 V supplies with an expected 
dynamic range of +10 V. The standard output structure was an emitter follower (common 
collector) circuit. The base is a diode drop above the output. There must be some voltage 
above that for biasing the drive signal. So we need a spec on how much voltage we can 
expect from the output. If using reduced supply voltages this spec for overhead will 
remain constant. For example, if the spec is +12 V (min) on a +15 V supply, we should 
expect to achieve +6 V ona +9 V supply. 


Again, as we shrink the supply voltage, we need to maximize the output dynamic range. 
After all, if we lose 3 V to each of the supply rails, as in the example above, and we are 
operating on a +3 V supply, we will have a severely compressed dynamic range. What is 
typically done to increase the dynamic range is to change the configuration of the output 
stage from an emitter follower to a common emitter. The output will then be able to 
swing to within the Vcgsat of the output transistor. 


Allowing the output to swing close to the rail is referred to as “rail-to-rail.” As we 
discussed in the input voltage section there is no industry-standard rail-to-rail spec. At 
Analog Devices we define it, again, as being able to swing within 100 mV of either rail, 
with the added constraint of driving a 10 kQ load. The value of the load is important, 
since the Vcgsat of the output transistor is dependent on output current. Remember not all 
“single-supply” op amps are “rail-to-rail” and not all “rail-to-rail” are so on both input 
and output. You must read the data sheet. 


Output Current (Short-Circuit Current) 


Most general-purpose op amps have output stages which are protected against short 
circuits to ground or to either supply. This is commonly referred to as “infinite” short- 
circuit protection, since the amplifier can drive that value of current into the short circuit 
indefinitely. The output current that can be expected to be delivered by the op amp is the 
output current. Typically the limit is set so that the op amp can deliver 10 mA for general 
purpose op amps. 
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If an op amp is required to have both high precision and a large output current, it is 
advisable to use a separate output stage (within the feedback loop) to minimize self- 
heating of the precision op amp. This added amplifier is often called a buffer, since it 
typically will have a voltage gain = 1. 


There are some op amps that are designed to give large output currents. An example is 
the AD8534, which is a quad device that has an output current of 250 mA for each of the 
four sections. A word of warning—if you try to supply 250 mA from of all four sections 
at the same time, you will exceed the package dissipation spec. The amp will overheat, 
and could destroy itself. This problem gets worse with smaller packages, which have 
lower dissipation. 


High speed op amps typically do not have output currents limited to a low value, since it 
would affect their slew rate and ability to drive low impedances. Most high speed op 
amps will source and sink between 50 mA and 100 mA, though a few are limited to less 
than 30 mA. Even for high speed op amps that have short-circuit protection, junction 
temperatures may be exceeded (because of the high short-circuit current) resulting in 
device damage for prolonged shorts. 
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AC Specifications 


Noise 


This section discusses the noise generated within op amps, not external noise which they 
may pick up. External noise is important, and is discussed in detail in other texts, but in 
this section we are concerned solely with internal noise. 


There are three noise sources in an op amp: a voltage noise, which appears differentially 
across the two inputs and a current noise in each input. These sources are effectively 
uncorrelated (independent of each other). In fact, there is a slight correlation between the 
two noise currents, but it is too small to need consideration in practical noise analyses. In 
addition to these three internal noise sources, it is necessary to consider the Johnson noise 
of the external resistors, which are used with the op amp in the feedback network. 


Voltage Noise 


The voltage noise of different op amps may vary from under 1 nV/VHz to 20 nV/VHz, or 
even more. Bipolar op amps tend to have lower voltage noise than JFET amps. Voltage 
noise is specified on the data sheet, and it isn’t possible to predict it from other 
parameters. 


Figure 1.45: Voltage Noise 


Until recently, JFET input amplifiers tended to have comparatively high voltage noise 
(though they have very low current noise), and were thus more suitable for low noise 
applications in high impedance rather than low impedance circuitry. The AD645 and 
AD743/AD745 have very low values of both voltage and current noise. The AD645 specs 
at 10 kHz are 10 nV/VHz and 0.6 fA/VHz, and the AD743/AD745 specs at 10 kHz are 
2.9 nV/VHz and 6.9 fA/VHz. These make possible the design of low noise amplifier 
circuits, which have low noise over a wide range of source impedances. The cost of the 
lower voltage noise is large input devices, and hence large input capacitance. 
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Noise Bandwidth 


When calculating the bandwidth of the noise contribution we always use a bandwidth of 
1.57 f, to calculate the noise. The reason for this is that a Gaussian (white) noise source 
passed through a single pole filter with a cutoff frequency of Fc has the same spectral 
energy as the same source passed through a brick wall filter with a cutoff frequency of 
1.57 f,. A brick wall filter has a flat response up to the cutoff frequency above which it 
has infinite attenuation. Similarly, a two pole filter has an apparent corner frequency of 
approximately 1.2 f,. The error correction factor is usually negligible for filters having 


more than two poles. 


GAUSSIAN SINGLE POLE 
NOISE LOWPASS 
SOURCE FILTER, fc f 
SAME 
IDENTICAL LEVELS RMS NOISE 
LEVEL 
GAUSSIAN BRICK WALL | 


NOISE LOWPASS 
SOURCE FILTER, 1.57f¢ 


EQUIVALENT NOISE BANDWIDTH = 1.57 x fc 


Figure 1.47: Equivalent Noise Bandwidth 


Noise Figure 


Noise figure is rarely used with op amps. The noise figure of an amplifier is the amount 
(in dB) by which the noise of the amplifier exceeds the noise of a perfect noise-free 
amplifier in the same environment. The concept comes from RF and TV applications, 
where 50 Q or 75 Q transmission lines and terminations are ubiquitous, but is useless for 
an op amp, which may be used with a wide variety of impedances. Voltage noise spectral 
density and current noise spectral density are much more useful specs. 
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Current Noise 


Current noise can vary much more widely, from around 0.1 fA/VHz (in JFET 
electrometer op amps) to several pA/VHz (in high speed bipolar op amps). It is not 
always specified on data sheets, but may be calculated in cases (like simple BJT or JFET 
input devices) where all the bias current flows in the input junction, because in these 
cases it is simply the Schottky (or shot) noise of the bias current. It cannot be calculated 
for bias-compensated or current feedback op amps, where the external bias current is the 
difference of two internal current sources. The shot noise spectral density is simply 


21 bq / ~Hz, where Ip is the bias current (in amps) and q is the charge on an electron 
(1.6 x 10-19 ©), 


———_> 
IN 


hy ————> 


Figure 1.48: Current Noise 


The current noise for the inputs of a VFB op amp are uncorrelated and roughly equal in 
value. In the simple input structures, the current noise is the shot noise of the input bias 
current. In a bias-compensated op amp, the current noise can not be calculated. Also, 
since the inputs of a CFB op amp are different, the current noise for the two inputs can be 
very different. The 1/f corners will typically not match either. 


Current noise is only important when it flows in an impedance and generates a noise 
voltage. Therefore, the choice of a low noise op amp depends on the impedances around 
it. Consider an OP-27, a bias-compensated op amp with low voltage noise (3 nV/VHz), 
but quite high current noise (1 pA/VHz). With zero source impedance, the voltage noise 
will dominate. With a source resistance of 3 kQ, the current noise (1 pA/VHz flowing in 
3 kQ) will equal the voltage noise, but the Johnson noise of the 3 kQ resistor is 7 nV/VHz 
and so is dominant. With a source resistance of 300 kQ, the current noise increases a 
hundredfold to 300 nV/VHz, while the voltage noise continues unchanged, and the 
Johnson noise (which is proportional to the square root of the resistance) only increases 
tenfold. Here, current noise is dominant. 


Total Noise (Sum of Noise Sources) 


Uncorrelated noise voltages add in a “root-sum-of-squares” manner; i.e., noise voltages 
Vi, V2, V3 give a summed result of WVi> + V+ V3’). Noise powers, of course, add 
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normally. Thus, any noise voltage that is more than 3 to 5 times any of the others is 
dominant, and the others may generally be ignored. This simplifies noise assessment. 
Current noises flowing through resistance equal noise voltages 


ov BW = 1.57 Fo 
Fo, = CLOSED LOOP BANDWIDTH 


Vov= Bw [(In2)R,2] [NG] + [(In+2)R,2] [NG] + V,2 [NG] + 4kTR, [NG-1] + 4kTR, [NG-1] + 4kTR, [NG] 


Figure 1.49: Total Noise Calculation 


EXAMPLE: OP27 

Voltage Noise = 3nV / V Hz 
Current Noise = 1pA/ V¥ Hz 
T=25°C 


CONTRIBUTION VALUES OF R 
FROM 


AMPLIFIER 
VOLTAGE NOISE 


AMPLIFIER 
O CURRENT NOISE 
FLOWING INR 


JOHNSON 
NOISE OF R 


RTI NOISE (nV / ¥ Hz) 


Neglect R1 and R2 Dominant Noise Source is Highlighted 


Noise Contribution 


Figure 1.50: Dominant Noise Source Determined by Input impedance 


The choice of a low noise op amp depends on the source impedance of the signal, and at 
high impedances, current noise always dominates. 
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For low impedance circuitry, amplifiers with low voltage noise, such as the OP-27, will 
be the obvious choice, since they are inexpensive, and their comparatively large current 
noise will not affect the application (see Figure 1.50). At medium resistances, the 
Johnson noise of resistors is dominant, while at very high resistances, we must choose an 
op amp with the smallest possible current noise, such as the FET input devices AD549 or 
AD645. 


1/f Noise (Flicker Noise) 


So far, we have assumed that noise is white (i.e., its spectral density does not vary with 
frequency). This is true over most of an op amp’s frequency range, but at low frequencies 
the noise spectral density rises at 3 dB/octave, as shown in Figure 1.51. The power 
spectral density in this region is inversely proportional to frequency, and therefore the 
voltage noise spectral density is inversely proportional to the square root of the 
frequency. For this reason, this noise is commonly referred to as //f noise. Note, 
however, that some textbooks still use the older term flicker noise. 


NOISE 3dB/Octave 1 
nV/\Hz Cy i, = K\ [Fe 
or a 
pA/\Hz 1 
— CORNER 
en i, / 
; ! WHITE NOISE 


Fo LOG f 


~ 1/f Corner Frequency is a figure of merit for op amp 
noise performance (the lower the better) 


v Typical Ranges: 2Hz to 2kHz 


vy Voltage Noise and Current Noise do not necessarily 
have the same 1/f corner frequency 


Figure 1.51: 1/f Noise bandwidth 


The frequency at which this noise starts to rise is known as the //f corner frequency (Fc) 
and is a figure of merit—the lower it is, the better. The 1/f corner frequencies are not 
necessarily the same for the voltage noise and the current noise of a particular amplifier, 
and a current feedback op amp may have three 1/f corners: for its voltage noise, its 
inverting input current noise, and its noninverting input current noise. 
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The general equation which describes the voltage or current noise spectral density in the 


1/f region is: 
ens in =k FeV Eq. 1-16 


where k is the level of the “white” current or voltage noise level, and Fc is the 1/f corner 
frequency. 


The best low frequency, low noise amplifiers have corner frequencies in the range | Hz 
to 10 Hz, while JFET devices and more general purpose op amps have values in the range 
100 Hz to sometimes over 1 kHz. Very fast amplifiers, however, may make compromises 
in processing to achieve high speed which result in quite poor 1/f corners of several 
hundred Hz or even 1 kHz to 2 kHz. This is generally unimportant in the wideband 
applications for which they were intended, but may affect their use at audio frequencies, 
particularly in equalization circuits. 


20nV/div. 
(RTI) 
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Figure 1.52: Noise in the 0.1 Hz to 10 Hz. Bandwidth for the OP-213 


Popcorn Noise 


Popcorn noise is so-called because when played through an audio system, it sounds like 
cooking popcorn. It consists of random step changes of offset voltage that take place at 
random intervals in the 10+ millisecond timeframe. Such noise results from high levels of 
contamination and crystal lattice dislocation at the surface of the silicon chip, which, in 
turn, results from inappropriate processing techniques or poor quality raw materials. 
When monolithic op amps were first introduced in the 1960s, popcorn noise was a 
dominant noise source. Today, however, the causes of popcorn noise are well understood, 
raw material purity is high, contamination is low, and production tests for it are reliable 
so that no op amp manufacturer should have any difficulty in shipping products that are 
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substantially free of popcorn noise. For this reason, it is not even mentioned in most 
modern op amp textbooks or data sheets. 


RMS Noise Considerations 


As was discussed above, noise spectral density is a function of frequency. In order to 
obtain the rms noise, the noise spectral density curve must be integrated over the 
bandwidth of interest. 


In the 1/f region, the rms noise in the bandwidth f] to f2 is given by: 


Bo gl Lak i Eq. 1-17 
rms fi f f 


where k is the noise spectral density at 1 Hz. The total 1/f noise in a given band is a 
function of the ratio of the low and high band edge frequencies, since the actual 
frequency cancels out. It is necessary, however, that the upper band edge is still in the 1/f 
region for the above formula to be accurate. 


It is often desirable to convert rms noise measurements into peak-to-peak. In order to do 
this, one must have some understanding of the statistical nature of noise. For Gaussian 
noise and a given value of rms noise, statistics tell us that the chance of a particular peak- 
to-peak value being exceeded decreases sharply as that value increases—but this 
probability never becomes zero. 


% OF THE TIME NOISE WILL EXCEED 


NOMINAL PEAK-TO-PEAK NOMINAL PEAK-TO-PEAK VALUE 

2x<rms 32% 
3 X rms 13% 
4 xrms 4.6% 
5 X rms 1.2% 
6 <x rms 0.27% 

6.6 x rms” 0.10% 
7 X rms 0.046% 
8 xX rms 0.006% 


*“ MOST OFTEN USED CONVERSION FACTOR IS 6.6 


Figure 1.53: RMS to Peak-to-Peak voltage Comparison Chart 
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Thus, for a given rms noise, it is possible to predict the percentage of time that a given 
peak-to-peak value will be exceeded, but it is not possible to give a peak-to-peak value 
which will never be exceeded as shown in Figure 1.53. 


Peak-to-peak noise specs, therefore, must always be given for a specified time limit. The 
most common choice is for the peak-to-peak noise to be 6.6 times the rms value, which 
means the peak-to-peak level will be exceeded only 0.1% of the time. 


In many cases, the low frequency noise is specified as a peak-to-peak value within the 
bandwidth 0.1 Hz to 10 Hz. This is measured by inserting a 0.1 Hz to 10 Hz band-pass 
filter between the op amp and the measuring device. The measurement is often presented 
as a scope photo with a time scale of 1 s/div as shown in Figure 1.54 for the OP-213. 


20nV/div. 
(RTI) 


1s/div. 
9000 
1000 Si 
ACTIVE BFP 2eOre 
0.1 — 10Hz 
GAIN = 1000 
TOTAL GAIN 
NOISE GAIN = 10 = 1,000,000 


Figure 1.54: The Peak-to-Peak Noise in the 0.1 Hz to 10 Hz Bandwidth 
for the OP213 is Less Than 120 nV 


In practice, it is virtually impossible to measure noise within specific frequency limits 
with no contribution from outside those limits, since practical filters have finite roll-off 
characteristics. Fortunately, the measurement error introduced by a single-pole low-pass 
filter is readily computed. See the previous section on noise bandwidth. 


When computing rms noise for wide bandwidth op amps, 1/f noise becomes relatively 
insignificant. The dominant source of noise is Gaussian, or white noise. This noise has a 
relatively constant noise spectral density over a wide range of frequencies. The rms noise 
calculation is made by multiplying the noise spectral density by the square root of the 
equivalent noise bandwidth. 
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Total Output Noise Calculations 


We have already pointed out that any noise source which produces less than one third to 
one fifth of the noise of some other source can be ignored. (Both noise voltages must be 
measured at the same point in the circuit.) To analyze the noise performance of an op 
amp circuit, we must assess the noise contributions of each part of the circuit and 
determine which are significant. To simplify the following calculations, we shall work 
with noise spectral densities, rather than actual voltages, to leave bandwidth out of the 
expressions (the noise spectral density, which is generally expressed in V/VHz, is 
equivalent to the noise in a 1 Hz bandwidth). 


All resistors have a Johnson noise of V4kTBR , where k is Boltzmann’s Constant 
(1.38x10-23J/°K), T is the absolute temperature, B is the bandwidth, and R is the 
resistance. This is intrinsic—it is not possible to obtain resistors which do not have 
Johnson noise (unless operated a 0°K). 


If we consider the circuit in Figure 1.56, which is an amplifier consisting of an op amp 
and three resistors (Rp represents the source resistance at node A), we can find six 
separate noise sources: the Johnson noise of the three resistors, the op amp voltage noise, 
and the current noise in each input of the op amp. Each has its own contribution to the 
noise at the amplifier output. (Noise is generally specified RTI, or referred to the input, 
but it is often simpler to calculate the noise at the output and then divide it by the signal 
gain (not the noise gain) of the amplifier to obtain the RTI noise). 


VNR sor 


o—()}- 


ALL resistors have a voltage noise of V\.,= \ (4kTBR) 


T = Absolute Temperature = T (°C) + 273.15 
= B = Bandwidth (Hz) 


= k= Boltzmann’s Constant (1.38 x 10 ?3J/K) 


A 10000 resistor generates 4 nV /\Hz @ 25°C 


Figure 1.55: Resistor Noise 
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+ 
ed BW = 1.57 Fo, 
Fo, = CLOSED LOOP BANDWIDTH 


Vov= BW [(In-2)R,2] [NG] + [(In+2)R,2] [NG] + V,2 [NG] + 4kTR, [NG-1] + 4kTR, [NG-1] + 4kTR, [NG] 


Figure 1.56: Total Noise Calculation 


The circuit in Figure 1.57 represents a second-order system, where capacitor Cy 


represents the source capacitance, stray capacitance on the inverting input, the input 
capacitance of the op amp, or any combination of these. Cy causes a breakpoint in the 


noise gain, and C9 is the capacitor which must be added to obtain stability. Because of 
C, and C9, the noise gain is a function of frequency, and has peaking at the higher 
frequencies (assuming C7 is selected to make the second-order system critically damped). 


Vout 


Figure 1.57: Second Order Noise Model 
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A de signal applied to input A (B being grounded) sees a gain of: 

1 + Ro/Rj = DC Noise Gain [la] Eq. 1-18 
At higher frequencies, the gain from input A to the output becomes: 

1 + Co/Cy = AC Noise Gain oe 


The closed-loop bandwidth fo] is the point at which the Noise Gain intersects the open- 
loop gain. 


A dc signal applied to B (A being grounded) sees a gain of: 
-R2/Ry Eq. 1-20 
with a high frequency cutoff determined by R7C?: 
Bandwidth (B to Output) = 1/2nRyC> Eq. 1-21 


These are the noninverting and inverting gains and bandwidths, respectively, of the 
amplifier. 


OPEN-LOOP 
GAIN 


GAIN 
(dB) 


fo, = CLOSED-LOOP BANDWIDTH 


Tet: LOG f 


Figure 1.58: Second-Order System Noise Gain 


The current noise of the noninverting input, I+, flows in Rp and gives rise to a noise 
voltage of Int+Rp, which is amplified by [la, 1b], as are the op amp noise voltage, Vy, 
and the Johnson noise of Rp, which is ./4kTR p . The Johnson noise of Ry is amplified 
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by [2a] over a bandwidth of 1/2mR7C> [2b], and the Johnson noise of R2 is not amplified 
at all but is buffered directly to the output over a bandwidth of 1/2mR2C 2. The current 
noise of the inverting input, Ip, does not flow in Rj, as might be expected—negative 


feedback around the amplifier works to keep the potential at the inverting input 
unchanged, so that a current flowing from that pin is forced, by negative feedback, to 
flow in R2 only, resulting in a voltage at the amplifier output of I,-R2 over a bandwidth 


of 1/2nR2Cz2 (we could equally well consider the voltage caused by I,. flowing in the 
parallel combination of Rj and Rg and then amplified by the noise gain of the amplifier 
(see below), but the results are identical—only the calculations are more involved). 


If we consider these six noise contributions, we see that if Rp and R» are low, then the 


effect of current noise and Johnson noise will be minimized, and the dominant noise will 
be the op amp’s voltage noise. As we increase resistance, both Johnson noise and the 
voltage noise produced by noise currents will rise. If noise currents are low, then Johnson 
noise will take over from voltage noise as the dominant contributor. Johnson noise, 
however, rises with the square root of the resistance, while the current noise voltage rises 
linearly with resistance, so ultimately, as the resistance continues to rise, the voltage due 
to noise currents will become dominant. 


These noise contributions we have analyzed are not affected by whether the input is 
connected to node A or node B (the other being grounded or connected to some other low 
impedance voltage source), which is why the noninverting gain (1 + R9/R1), which is 


seen by the voltage noise of the op amp, Vy, is known as the “noise gain” of the 
amplifier. 


SIGNAL 


INPUT R, 
GAIN 


dB 


1+C1/C2 


NOISE: 
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= 1/27R,C, 
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Figure 1.59: Noise and Signal Gain for a Second-Order System 
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Calculating the total output rms noise of the op amp requires multiplying each of the six 
noise voltages by the appropriate gain and integrating over the appropriate frequency. 
The root-sum-square of all the output contributions then represents the total rms output 
noise. Fortunately, this cumbersome exercise may be greatly simplified in most cases by 
making the appropriate assumptions. 


The noise gain for a typical second-order system is shown in Figure 1.58. It is quite easy 
to perform the voltage noise integration in two steps, but notice that because of peaking, 
the majority of the output noise due to the input voltage noise will be determined by the 
high frequency portion where the noise gain is 1 + Cj/C2 This type of response is typical 


of second-order systems. The noise due to the inverting input current noise, Rj, and R2 is 
only integrated over the bandwidth 1/2mR2Cp. 


In high speed op amp applications, there are some further simplifications which can be 
made. The noise gain plot for a first-order system optimized for fast settling time is 
usually flat up to the closed-loop bandwidth frequency, with only a dB or so of gain 
peaking at the most. All noise sources may therefore be integrated over the closed-loop 
op amp bandwidth. 


Lvs NOTE: NEGLECT RESISTOR NOISE, I,, 


nt <e In. 


R,) |? 
Von = 1.578, | vz eal + |y2 Ry? 


f,, = CLOSED LOOP BANDWIDTH 


Figure 1.60: Current Feedback Amp Noise Model 


In high speed current feedback op amp circuits, the input voltage noise and the inverting 
input current noise are the dominant contributors to the output noise as shown in 
Figure 1.60. 
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Distortion 


Dynamic range of an op amp may be defined in several ways. One of the most common 
ways is to specify harmonic distortion, total harmonic distortion (THD), or total 
harmonic distortion plus noise (THD + N). Other related specs include intermodulation 
distortion (IMD), intercept points (IP), spurious-free dynamic range (SFDR), and 
multitone power ratio (MTPR), among others. 


THD (Total Harmonic Distortion) 


THD is the ratio of the harmonically related (2X, 3X, 4X, and so on the fundamental 
frequency) signal components caused by amplifier nonlinearity. Only the harmonically 
related signals are included in the measurement. The distortion components which make 
up total harmonic distortion are usually calculated by taking the square root of the sum of 
the squares of the first five or six harmonics of the fundamental. In many practical 
situations, however, there is negligible error if only the second and third harmonics are 
included since the higher order terms most often are greatly reduced in amplitude. 


THD + N (Total Harmonic Distortion plus Noise) 


THD + N is the residual signal with only the fundamental removed. It is important to note 
that the THD measurement does not include noise terms, while THD + N does. The noise 
in the THD + N measurement must be integrated over the measurement bandwidth. In 
narrow-band applications, the level of the noise may be reduced by filtering, in turn 
lowering the THD + N which increases the signal-to-noise ratio (SNR). Most times when 
a THD spec is quoted, it is really a THD + N spec, since most measurement systems do 
not differentiate harmonically related signals from the other signals. The THD 
measurement is generally made by notching out the fundamental signal and measuring 
the remaining signal (the residual). The definition of THD and THD + N is shown in 
Figure 1.60. 


@ V, = Signal Amplitude (RMS Volts) 
@ V>5 = Second Harmonic Amplitude (RMS Volts) 


@ V,,=nth Harmonic Amplitude (RMS Volts) 
Vnoise = RMS value of noise over measurement bandwidth 


JV 52 + Val + Vy2t 04 V2 4 V tees 
e THD +N= 2 3 4 n noise 


Vs 


2 2 2 2 
THD \ Vs + V3° + Vai +.--+ Vy, 


V 
Ss 
Figure 1.61: THD & THD + N Definitions 
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Intermodulation Distortion (IMD) 


Rather than simply examining the THD produced by a single tone sine wave input, it is 
often useful to look at the distortion products produced by two tones. As shown in 
Figure 1.61 two tones will produce intermodulation products. Intermodulation occurs 
when two (or more) signals are passed through a nonlinear system. And all systems are 
nonlinear, to some degree. Intermodulation products consist of sum and difference 
frequencies. The example shows the second and third order products produced by 
applying two frequencies, fj and f, to a nonlinear system. The second order products 


located at fp + fj and fp — f] are located relatively far away from the two tones, and may 


possibly be removed by filtering, depending on the bandwidth of the system. If the 
system is wideband, these distortion products may still be inband. The third order 
products located at 2f] + f> and 2f) + f; may likewise possibly be filtered. The third 


order products located at 2f) — fg and 2f7 — fj, however, are close to the original tones, 
and filtering them is difficult. 


(2) = SECOND ORDER IMD PRODUCTS 
(3) = THIRD ORDER IMD PRODUCTS 


NOTE: f, = 5MHz, f, = 6MHz 


@) 


3f, Ok +f 


1 4 56 7 1011 12 15 16 17 18 
FREQUENCY: MHz 


Figure 1.62: Intermodulation Distortion Products 


Third-Order Intercept Point (IP3), Second-Order Intercept Point (IP2) 


Intermodulation distortion products are of special interest in the RF area, and a major 
concern in the design of radio receivers. Third-order IMD products can mask out small 
signals in the presence of larger adjacent ones. Third order IMD is often specified in 
terms of the third-order intercept point (IP3) as shown in Figure 1.63. 
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Figure 1.63: IMD, Intercept Points, and Gain Compression 


If the system nonlinearity is approximated by a power series expansion, the second-order 
IMD amplitudes increase 2 dB for every 1 dB of signal increase. Similarly, the third- 
order IMD amplitudes increase 3 dB for every 1 dB of signal increase. Once the input 
reaches a certain level, however, the output signal begins to soft-limit, or compress due to 
things like power supply limits, output drive maximums and the like. But the second- and 
third-order intercept lines may be extended to intersect the extension of the output signal 
line. These intersections are called the second- and third-order intercept points, 
respectively. The values are usually referenced to the output power of the device 
expressed in dBm. So, while the IP3 point most often will never be reached in practice, it 
is still used as a figure of merit in high speed systems. 
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Figure 1.64: Typical IP3 Variation with Frequency 
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To determine the IP3 point, two spectrally pure tones are applied to the system. The 
output signal power of a single tone (in dBm) as well as the relative amplitude of the 
third-order products (referenced to a single tone) is plotted as a function of input signal 
power. With a low level (well below clipping) two-tone input signal, and two data points, 
draw the second and third order IMD lines as are shown in Figure 1.62, because one point 
and a slope determine each straight line. Where they intersect will be the second- and 
third-order intercept points, respectively. 


Figure 1.64 shows the third-order intercept value as a function of frequency for a typical 
voltage feedback amplifier. 


Assume the op amp output signal is 5 MHz and 2 V peak-to-peak into a 100 © load 
(50 © source and load termination). The voltage into the 50 Q load is therefore 1 V peak- 
to-peak, corresponding to +4 dBm. The value of the third-order intercept at 5 MHz is 
36 dBm. The difference between +36 dBm and +4 dBm is 32 dB. This value is then 
multiplied by 2 to yield 64 dB (the value of the third-order intermodulation products 
referenced to the power in a single tone). Therefore, the intermodulation products should 
be —64 dBc (dB below carrier frequency), or at a level of -60 dBm. Figure 1.62 shows the 
graphical analysis for this example. 


1 dB Compression Point 


Another parameter, which may be of interest, is the / dB compression point. This is the 
point at which the output signal is compressed by 1 dB from the ideal input/output 
transfer function. This occurs when the dynamic range of the amplifier output is reached 
and the output will not increase no matter how much the input to the amplifier increases 
(i.e., clipping). This point is also shown in Figure 1.63. 


SNR (Signal-to-Noise Ratio) 


The signal-to-noise ratio is the dynamic range of the system, usually expressed in dB. 
The reference level is the maximum signal level and the rms level of the noise is the 
floor. The bandwidth of the measurement must be specified. 


ENOB (Equivalent Number of Bits) 


If we take the SNR of the op amp and express it in bits we have ENOBs. The conversion 
formula is: 


SNR (in dB) — 1.76 
ENOB = Eq. 1-22 
~ 6.02 4 


Although we would mainly think of bits in converter applications, it is sometimes used in 
the context of op amps. Again, the bandwidth of the measurement must be specified. 
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Spurious-Free Dynamic Range (SFDR) 


SFDR is another measure of the dynamic range of the system. It can be measured two 
ways. The first is the difference between the maximum signal and the 1* distortion 
component of any type. It would be measured in dB. This would be the SFDR in dBFS. 
The other way to measure it is in relation to the actual signal strength. This would be the 
SFDR in dBc (meaning relative to the carrier). While this is again more commonly a 
converter spec, we sometimes see SFDR used in reference to op amps. 


FULL-SCALE (FS) 


SIGNAL (CARRIER) i 
SFDR (dBFS) 


dB 


0% WYO UWS 
Figure 1.65: Spurious-Free Dynamic Range (SFDR) 


The slew rate of an amplifier is the maximum rate of change of voltage at its output. It is 
expressed in V/s (or, more probably, V/us). Op amps may have different slew rates 
during positive- and negative going transitions, due to circuit design, but for this analysis 
we shall assume that good fast op amps have reasonably symmetrical slew rates. 


If we consider a sine wave with a p-p amplitude of 2 Vp and frequency f, the expression 
for the output voltage is: 


v(t)=Vp sin 2 nf t Eq. 1-23 


This has a maximum slew rate: 


es =2nfVp Eq. 1-24 


One note here—many high speed amplifiers will have overshoot. This means the output 
will go beyond the final value and will then have a damped oscillation around the final 
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value. This is call “ringing.” The amount of overshoot and ringing will be an indication 
of the phase margin of the amplifier. The higher the overshoot and the more ringing, the 
less phase margin. 


The slew rate is generally measured between 10% and 90% of the final value (although 
20% to 80% is sometimes also used). 


FINAL VALUE 
90% 


AV 
LEW RATE = —— 
: AT 


VOLTAGE 


10% 


1 AT ! RINGING 


TIME 


Figure 1.66: Slew Rate 


Full Power Bandwidth 
The maximum output frequency at which slew limiting occurs is directly proportional to 
slew rate and inversely proportional to the amplitude of the signal. This allows us to 
define the “full-power bandwidth” (FPBW) of an op amp. 

FPBW = Slew Rate/27Vp Eq. 1-25 
It is important to realize that both slew rate and full-power bandwidth can also depend 
somewhat on the power supply voltage being used and the load the amplifier is driving 


(particularly capacitive). 


In practice, the FPBW of the op amp should be approximately 5 to 10 times the 
maximum output frequency in order to achieve acceptable distortion performance. 
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Slew Rate = Maximum rate at which the output voltage of 
an op amp can change 


Ranges: A few volts / us to several thousand volts /us 


For a sinewave, V out = Vpsin2 rf t 
dV/dt =2nf V, cos 21 ft 


(AV/dt)max = 20Vy 


If 2 Vp = full output span of op amp, then 
Slew Rate = (dV/dt),4, = 27 * FPBW * V, 
FPBW = Slew Rate / 2m, 


Figure 1.67: Slew Rate and Full Power Bandwidth 


—3 dB Small Signal Bandwidth 


The —3 dB bandwidth of an op amp will almost always be greater than the full power 
bandwidth. This is because the signal doesn’t have to swing as far. Since Vp is reduced 
the bandwidth is increased. 


Bandwidth for 0.1 dB Flatness 


In demanding applications such as professional video, it is desirable to maintain a 
relatively flat bandwidth and linear phase up to some maximum specified frequency. This 
is because a change in gain or phase of the system will affect the color intensity or hue. 


Simply specifying the 3 dB bandwidth isn’t enough. It has become customary to specify 
the 0.1 dB bandwidth, or 0.1 dB bandwidth flatness. This means there is no more than 

0.1 dB ripple up to a specified 0.1 dB bandwidth frequency. Video buffer amplifiers 
generally have both the 3 dB and the 0.1 dB bandwidth specified. Figure 1.68 shows the 
frequency response of the AD8075 triple video buffer. 


Note that the 3 dB bandwidth is approximately 400 MHz. This can be determined from 
the response labeled “GAIN” in the graph, and the corresponding gain scale is shown on 
the left-hand vertical axis (at a scaling of 1 dB/division). The response scale for 
“FLATNESS” is on the right-hand vertical axis, at a scaling of 0.1 dB/division in this 
case. This allows the 0.1 dB bandwidth to be determined, which is about 65 MHz in this 
case. The major difference in the applicable bandwidth between the 3 dB and 0.1 dB 
criteria. It requires a 400 MHz bandwidth amplifier (as conventionally measured) to 
provide the 65 MHz 0.1 dB flatness rating. 
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Figure 1.68: 0.1 dB Gain Flatness 


It should be noted that these specs hold true when driving a 75 Q source and load 
terminated cable, which represents a resistive load of 150 Q. Any capacitive loading at 
the amplifier output could cause peaking in the frequency response, and should be 
avoided. 


Gain-Bandwidth Product 


For a VFB amplifier, if the gain at any particular frequency is multiplied by that 
frequency, the product is a constant. This is because in a 1“ order system a doubling of 
frequency causes a reduction in gain by a factor of 2. Therefore, this product becomes a 
useful figure of merit in comparing the bandwidth of op amps. 
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Figure 1.69: Gain-Bandwidth Product 
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CFB Frequency Dependence 


Current feedback op amps do not behave in the same way as voltage feedback types. 
They are not stable with capacitive feedback, nor are they so with a short circuit from 
output to inverting input. With a CFB op amp, there is an optimum feedback resistance 
for maximum bandwidth. Note that the value of this resistance may vary with supply 
voltage. If the feedback resistance is increased, the bandwidth is reduced. Conversely, if 
it is reduced, bandwidth increases, and the amplifier may become unstable. 
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Figure 1.70: CFB Op Amp Open-Loop Gain 


In a CFB op amp, for a given value of feedback resistance , the closed-loop bandwidth is 
largely unaffected by the noise gain, as shown in Figure 1.70. Thus it is not correct to 
refer to gain-bandwidth product, for a CFB amplifier, because of the fact that it is not 
constant. Gain is manipulated in a CFB op amp application by choosing the correct 
feedback resistor for the device, and then selecting the input resistor to yield the desired 
closed-loop gain. The signal gain (as determined by the feedback network) of a current 
feedback amplifier is identical to the case of a VFB op amp. 


AD8001AN (PDIP) AD8001AR (SOIC) AD8001ART (SOT-23-5) 
Gain Gain Gain 


Component 

R, (Q) 

R, (Q) 

R, (Nominal) (Q) 


R, (Q) 

R, (Nominal) (Q) 

Small Signal 
BW (MHz) 

0.1 db Flatness 
(MHz) 


Figure 1.71: Recommended Feedback Resistor Values for the AD8001 
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Typically, CFB op amp data sheets will provide a table of recommended resistor values, 
which provide maximum bandwidth for the device, over a range of gain, supply voltage 
and package type. It simplifies the design process considerably to use these tables. 


Settling Time 


The settling time of an amplifier is defined as the time it takes the output to respond to a 
step change of input and come within and remain within a defined error band, as 
measured relative to the 50% point of the input pulse (see Figure 1.72). There is no 
natural error band for an op amp (a DAC naturally has an error band of 1 LSB, or perhaps 
+1 LSB), so one must be chosen and defined. What is chosen will depend on the 
performance of the op amp, but since the value chosen will vary from device to device, 
comparisons are very difficult. This is true because settling is not linear, and many 
different time constants may be involved. Examples are early op amps _ using 
dielectrically isolated (DI) processes. These had very fast settling to 1% of full-scale, but 
they took almost forever to settle to 10 bits (0.1%). Similarly, some very high precision 
op amps have thermal effects which cause settling to 0.001% or better to take tens of ms, 
although they will settle to 0.025% in a few us. 


OUTPUT 


aden eee ee: 


DEAD SLEW RECOVERY FINAL 
TIME TIME TIME SETTLING 
— SETTLING TIME © —————> 


Error band is usually defined to be a percentage of the step 0.1 % 
0.05%, 0.01%, etc. 


Settling time is non-linear; it may take 30 times as long to settle to 
0.01% as to 0.1%. 


Manufacturers often choose an error band which makes the op 
amp look good. 


Figure 1.72: Settling time 
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It should also be noted that thermal effects could cause significant differences between 
short-term settling time (generally measured in nanoseconds) and long-term settling time 
(generally measured in microseconds or milliseconds). In many ac applications, long- 
term settling time is not important; but if it is, it must be measured on a much different 
time scale than short-term settling time. 


Rise Time and Fall Time 


For high speed op amps we might also have a spec for rise and fall times. While ideally 
they should be the same, there is typically some difference in practical op amps. Rise and 
fall times are measured by applying a square wave to the op amp and would be measured 
on the output waveform. This is closely related to slew rate. Also, as is done with slew 
rate, we generally measure between the 10% and 90% points, so that overshoot and 
ringing generally don’t enter into the picture. The input wave generally will be full scale, 
but occasionally it is specified for a smaller input signal. Overall rise and fall times are a 
less revealing spec than slew rate and settling time. 


Phase Margin 


Phase margin is the amount of phase shift when the (voltage feedback) amplifier’s gain 
passes through 0 dB. It is basically a measure of how close the 2™ pole of the system is to 
causing instability. Phase starts to change on the order of a decade before the corner 
frequency. The phase shift must be less than 180°. The phase margin is the 180°—the 
actual phase shift of the amplifier. Anything greater than 45° is usually acceptable. The 
higher the phase margin, the more stable the system. Capacitive loading will reduce the 
phase margin. 
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Figure 1.73: Phase Margin for the AD8054 
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The graph in Fig. 1.73, taken from the data sheet for the AD8054, shows that when the 
open-loop gain (left scale) falls below 0 dB, the phase margin is around 45° (right scale). 
This is a respectable value for phase margin. In general, you should avoid phase margins 
below 20° to 25°. 


CMRR (Common-Mode Rejection Ratio) 


If a signal is applied equally to both inputs of an op amp, so that the differential input 
voltage is unaffected, the output should not be affected. In practice, changes in common- 
mode voltage will produce changes in output. The op amp common-mode rejection ratio 
(CMRR) is the ratio of the common-mode gain to differential-mode gain. For example, if 
a differential input change of Y volts produces a change of 1 V at the output, and a 
common-mode change of X volts produces a similar change of 1V, then the CMRR is 
X/Y. When the common-mode rejection ratio is expressed in dB, it is generally referred 
to as common-mode rejection (CMR). Typical LF CMR values can be between 70 dB 
and 120 dB, but at higher frequencies, CMR deteriorates. In addition toa CMRR numeric 
spec, many op amp data sheets show a plot of CMR versus frequency, as shown in Figure 
1.74 for an OP177 op amp. 
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Figure 1.74: CMRR for the OP177 


CMRR produces a corresponding output offset voltage error in op amps configured in the 
noninverting mode as shown in Figure 1.74 


Note that inverting mode operating op amps will have less CMRR error. Since both 
inputs are held at a ground (or virtual ground), there is no CM dynamic voltage. 
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PSRR (Power Supply Rejection Ratio) 


If the supply of an op amp changes, its output should not, but it typically does. The spec 
of power supply rejection ratio or PSRR is defined similarly to the definition of CMRR. 
If a change of X volts in the supply produces the same output change as a differential 
input change of Y volts, then the PSRR on that supply is X/Y. The definition of PSRR 
assumes that both supplies are altered equally in opposite directions, otherwise the 
change will introduce a common-mode change as well as a supply change, and the 
analysis becomes considerably more complex. It is this effect which causes apparent 
differences in PSRR between the positive and negative supplies. 
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Figure 1.75: Power Supple Rejection Ratio 


Because op amp PSRR is frequency dependent, op amp power supplies must be well 
decoupled. At low frequencies, several devices may share a 10 pF to 50 uF capacitor on 
each supply, provided it is no more than 10 cm (PC track distance) from any of them. 


At high frequencies, each IC should have the supply leads decoupled by a low inductance 
0.1 uF (or so) capacitor with short leads and PC tracks. These capacitors must also 
provide a return path for HF currents in the op amp load. Typical decoupling circuits are 
shown in Figure 1-76. Further bypassing and decoupling information is found in 
Chapter 12. 
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Figure 1.76: Recommended Power Supply Decoupling 


Differential Gain 


Differential gain is a spec that originated for video applications. In early video processing 
equipment it was found that there was sometimes a change in the gain of the amplifier 
with dc level. More correctly, differential gain is the change in the color saturation level 
(amplitude of the color modulation) for a change in low frequency luma (brightness) 
amplitude. This modulation is obviously a distortion, changing the intensity of the color. 
Professional video editing equipment commonly strives to keep the total differential gain 
of the system below 1%. Modern, high performance video op amps have differential gain 
specs of < .01%. 


GOOD NOT SO GOOD 
Diff gain of about 20% 


Chrominance information only. Luminance information filtered out. 
Unfortunately, phase information is not so easily displayed 


Figure 1.77: Differential Gain Example 
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AD825-SPEC | FICATIO NS (@ 1, =+25°C and V, = +15 V de, unless otherwise noted) 


DIFFERENTIAL GAIN ERROR’ Rioap = 100 Q 
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Coop = 30 pF 0. ).0¢ Degrees 


DIFFERENTIAL GAIN (Percent) 


DIFFERENTIAL PHASE (Degrees) 


+5 +10 +15 
SUPPLY VOLTAGE (V) 


Figure 1.78: Differential Gain and Differential Phase Specifications 


Note smearing 


Figure 1.79: \Vectorscope Display of a Figure 1.80: Vectorscope Display 
“Good” Signal Showing ~15% Diff Gain 
Figure 1.81: Vectorscope Display Figure 1.82: Vectorscope Display 
Showing ~5° Diff Phase Showing~10% Diff Gain 


and ~9° Diff Phase 
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Differential Phase 


Differential phase is the change in hue (phase of the color modulation) for a change in 
low frequency luma (brightness) amplitude. This modulation is obviously a distortion, 
changing the hue of the color. Professional video editing equipment commonly strives to 
keep the total differential phase of the system below 1°. Modern, high performance video 
op amps have differential gain specs of < .01°. 


Phase Reversal 


Phase reversal is a problem that occurs in some op amp when the input common-mode of 
an op amp is exceeded. The mechanism is that one of the internal stages of the op amp no 
longer has a bias voltage across it and subsequently turns off. The effect is that the output 
waveform swings to the opposite rail until the input comes back into the common-mode 
range. See Figure 1.83. This became a big problem with the move toward lower supply 
voltages and single supplies. Advances in circuit design have resulted in op amps that do 
not suffer from phase reversal. If the op amp is designed to avoid phase reversal it is 
generally noted in the bullets or “Key Features” and not necessarily in the specification 
table. 


INPUT OUTPUT 


VERTICAL SCALE: 1V/ div. 
HORIZONTAL SCALE: 2ms/ div. 


Figure 1.83: Phase Reversal 


Channel Separation 


Channel separation, otherwise known as crosstalk, is a signal that couples from one 
amplifier in a package to another amplifier in the same package. The path is typically 
through the power supply, which will typically be shared between the amplifiers. Careful 
layout of the op amp chip can minimize the crosstalk. Careful external bypassing of the 
power supplies can also help. 
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Absolute Maximum Ratings 


The absolute maximum ratings are the voltage, current, and temperature limits of the op 
amp. Exceeding the absolute maximums can lead to the destruction of the op amp. 


Applying overvoltage to input pins is one very common way to destroy an op amp. 
Overvoltage conditions can be broken into two groups, overvoltage and ESD. 


ESD voltages typically run to the thousand of volts. Most of us have experienced ESD. 
Just shuffle your feet across a nylon carpet, especially in a dry environment, and touch a 
metal doorknob. Sparks will fly from your fingertips. CMOS circuits are especially prone 
to ESD. 


Overvoltages occur when the maximum voltage allowed on the op amp are exceeded. 
The maximum allowable voltage is typically set by the supply voltage, although there are 
a few exceptions. An overvoltage on the inputs will typically cause the input devices to 
turn into an SCR (silicon controlled rectifier) type structure, usually through the 
substrate. 

The failure mechanism is not the overvoltage per se, but instead the current that the 
overvoltage causes to flow. So if the current is limited, no catastrophic damage will be 
done. The general rule is to limit the current to 5 mA. 


ABSOLUTE MAXIMUM RATINGS! 


Supply Voltage 2... ee ee eee 12.6V 
Internal Power Dissipation @ 25°C? 
PDIP Package (N) .... 0.000. c cece eee eee ees 1L3W 
SOIG (RY: i ceetcc ac ce ise cs cocsesetevevesss ashe Ww 
S-Lead CERDIP iii cdivcc ccc ceederceccasces LW 
SOT-23-5 Package (RT) . TreTECerer Tree oh 
Input Voltage (Common Mode) sis bea cuiancnece Fawn Oe +V; 
Differential Input Voltage 2... 0.00006. eee cee +1.2V 


Output Short Circuit Duration 
ee eon Observe Power Derating Curves 


Storage Temperature Range N,R ......... -—65°C to +125°C 
Operating Temperature Range (A Grade) ... —40°C to +85°C 
Lead Temperature Range (Soldering 10sec) ......... 300°C 
NOTES 


‘Stresses above those listed under Absolute Maximum Ratings may cause perma- 
nent damage to the device. This is a stress rating only; functional operation of the 
device at these or any other conditions above those indicated in the operational 
section of this specification is not implied. Exposure to absolute maximum rating 
conditions for extended periods may affect device reliability. 

*Specification is for device in free air: 
8-Lead PDIP Package: 6, = 90°C/W 
8-Lead SOIC Package: 6, = 155°C/W 
8-Lead CERDIP Package: 4,4 = 110°C.W 
5-Lead SOT-23-5 Package: 8), = 260°C.W 


Figure 1.84: Typical Absolute Maximum Ratings (from AD80071) 
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While no catastrophic damage will be done, continually overstressing the inputs can 
cause a change in parameters like bias current and offset voltage. So even though you 
won’t necessarily destroy the amp, overvoltage should be avoided. 


2.0 


Ty= +150 C 


8-LEAD 
al CERDIP PACKAGE 


MAXIMUM POWER DISSIPATION (W) 


5-LEAD 
SOT-23-5 PACKAGE 


-50 -40 -30 -20 -10 0 10 20 30 40 50 60 70 80 90 
AMBIENT TEMPERATURE (°C) 


Figure 1.85: Maximum Power Chart (from the AD8001) 


Protection for overvoltage can consist of diodes from the input pins to the supplies and 
current limiting resistors. The diodes are typically Schottky diodes, used because of their 
lower forward voltage (typically 300 mV versus 700 mV for silicon). Protection devices 
should be applied with caution though. Some diodes can be leaky, which causes issues 
similar to those of bias currents. Some can also have fairly high capacitance, which may 
limit frequency response. This is especially true for high speed amps. Current limiting 
resistors raise the noise floor. Some op amps, such as the OP-27, include protection 
diodes, but still require current limiting. If an op amp has protection diodes it will 
typically have a spec for maximum differential input current. The protection circuit 
should also show up on the simplified schematic. 


Vs 


Rs 


V s 


Figure 1.86: Input Protection 
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Some op amps also have back to back diodes across the inputs. These are not for input 
overvoltage protection, but to limit the differential voltage. If these exist, there will be an 
absolute maximum spec of +700 mV for the differential input voltage. 


The overriding spec for temperature is the maximum junction temperature of 150°C. As 
this limit is approached the life expectancy of the amp (actually any semiconductor) goes 
down. 


The temperature gradient between the junction and the case is based on the thermal 
resistance of the package, which is called Osc. There is also a thermal resistance, Oca, 
from the package to the ambient. These thermal resistances add up linearly, so the total 
thermal resistance, 954, from the junction to the ambient is Osc + Oca. 


The maximum operation temperature rating has more to do with the temperature 


performance range of the rest of the specs of the op amp rather than any potential 
damage. 
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SECTION 3: HOW TO READ A DATA SHEET 


While there is not an industry standard concerning the format of data sheets, what they 
cover, what information is included and where that information is located, for the most 
part data sheets from various manufacturers generally are similar in construction. In this 
section we will take a look at several data sheets and try to give a feel for where to find 
certain information and how to interpret what is found. 


As a demonstration we will look at five data sheets, a precision amp 
(OP1177/OP2177/OP4177), a single supply amp (AD8531/AD8532/AD8534), a high 
speed VFB amp (AD8051/AD8052/AD8054), a CFB amp (AD8001) and the AD847. 
The part numbers chosen are arbitrary, they were chosen only to give a range of parts. 


The Front Page 


This page is designed to give you the basic information you might need to choose the 
part. Referring to Figure 1.87, we can break the front page up into 3 sections. 


Section | is the features. These bullet points are what are considered by the manufacturer 
to be the more important parameters of the product for its intended application. The 
targeted applications are typically listed as well. 


Section 2 is the product description. This typically covers some of what the manufacturer 
considers to be the salient features of the op amp. 


The 3™ section is the functional block diagram. For an op amp, this is typically the pin 
out of the various packages. For more complex parts, it will truly be a block diagram. 


The Specification Tables 


There are an unlimited number of conditions possible when measuring any given spec. 
Obviously, it is not possible to test all possible conditions. So a representative set of 
conditions are chosen. The test conditions are specified (1 in Figure 1.86). Occasionally if 
further clarification of or modification to the conditions are required, they are handled as 
footnotes (2 in Figure 1.86). 


In some cases, when the op amp is specified over a large range of conditions, there may 
be several spec pages. Each would have a different set of conditions. For instance, an op 
amp may be specified with a +15 V power supply, a +5 V power supply or a +5 V only 
supply. See the AD8051/AD8052/AD8054 data sheet as an example. 
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ANALOG 
DEVICES 


FEATURES 

Low Offset Voltage: 60 »V Max 

Very Low Offset Voltage Drift: 0.7 »V/°C Max 
Low Input Bias Current: 2 nA Max 

Low Noise: 8 nV/\Hz 

CMRR, PSRR, and Ayo > 120 dB Min 

Low Supply Current: 400 »pA/Amp 

Dual Supply Operation: +2.5 V to +15 V 
Unity Gain Stable 

No Phase Reversal 

Inputs Internally Protected Beyond Supply Voltage 


APPLICATIONS 
Wireless Base Station Control Circuits 
Optical Network Control Circuits 
Instrumentation 
Sensors and Controls 

Thermocouples 

RTDs 

Strain Bridges 

Shunt Current Measurements 
Precision Filters 


GENERAL DESCRIPTION 

The OPx177 family consists of very high-precision, single, dual, 
and quad amplifiers featuring extremely low offset voltage and 
drift, low input bias current, low noise, and low power con- 
sumption. Outputs are stable with capacitive loads of over 
1,000 pF with no external compensation. Supply current is less 
than 500 uA per amplifier at 30 V. Internal 500 Q series resis- 
tors protect the inputs, allowing input signal levels several volts 
beyond either supply without phase reversal. 


Unlike previous high-voltage amplifiers with very low offset voltages, the 
OP1177 and OP2177 are available in the tiny MSOP 8-lead sur- 
face-mount package, while the OP4177 is available in TSSOP14. 
Moreover, specified performance in the MSOP/TSSOP package is 
identical to performance in the SOIC package. 


OPx177 family offers the widest specified temperature range of 
any high-precision amplifier in surface-mount packaging. All 
versions are fully specified for operation from 40°C to +125°C for 
the most demanding operating environments. 


Applications for these amplifiers include precision diode power 
measurement, voltage and current level setting, and level detec- 
tion in optical and wireless transmission systems. Additional 
applications include line powered and portable instrumentation 


2 


Precision Low Noise, Low Input 


Bias Current Operational Amplifiers 


OP1177/0P2177/0P4177 


FUNCTIONAL BLOCK DIAGRAM 


8-Lead MSOP 
(RM-Suffix) 


nc co! 8ceoNC 
-IN CO i V+ 
+IN CO OP1177 — OUT 
v- coy4 § Fone 


NC = NO CONNECT 


8-Lead SOIC 
(R-Suffix) 


NC = NO CONNECT 


8-Lead MSOP 
(RM-Suffix) 


8-Lead SOIC 
(R-Suffix) 


OUTAC—I1 8EoV+ 

-INACS i ouT B 

+INAC op2i77 -—-INB 
v-co44 5 O+NB 


14-Lead SOIC 
(R-Suffix) 


14-Lead TSSOP 
(RU-Suffix) 


OP4177 


and controls—thermocouple, RTD, strain-bridge, and other 
sensor signal conditioning—and precision filters, 


The OP1177 (single) and the OP2177 (dual) amplifiers are 
available in the 8-lead MSOP and 8-lead SOIC packages. The 
OP4177 (quad) is available in 14-lead narrow SOIC and 14-lead 
TSSOP packages. MSOP and TSSOP packages are available in 
tape and reel only. 


Figure 1.87: Example Data Sheet Front Page 
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AD84 7-SPECI Fl CATIONS a Ty = +25°C, unless otherwise noted) ra 3 


Model ADBAT] ADSI7AR 
Pe Pa / Min Max Min Ty Units 


INPUT OFFSET VOLTAGE! 


Tyan to Tax 


Offset Drift 
INPUT BIAS CURRENT +5V,+15V 3.3 6.6 3.3 6.6 LA 
Tyan to Tax 7.2 10 HA 
INPUT OFFSET CURRENT +5V,415V 
Tyan to Tax 
Offset Current Drift 
OPEN-LOOP GAIN Vour =+2.5V 


Rioap = 500 Q 
Tin to Tax 
Rioap = 1502 
Vour=+10V 
Rioap = 1 kQ 
Tuan to Tax 


DYNAMIC PERFORMANCE 
Unity Gain Bandwidth 


Full Power Bandwidth? Vour=5 V p-p 
Rioap = 500 Q, 
Vout = 20 V p-p, 
Rioap = 1 kQ 
Slew Rate? Rroap = 1 kQ 
Settling Time 
to 0.1%, Rtoap = 250 Q -2.5V to +2.5V 
10 V Step, Ay =-1 
to 0.01%, Rpoap = 2502 -2.5Vt0 +2.5V 
10 V Step, Ay =-1 
Phase Margin Cioap = 10 pF 
Rroap= | kQ 
Differential Gain f= 4.4 MHz, Rioap = 1kQ 
Differential Phase f = 4.4 MHz, Rioap = 1 kQ 
COMMON-MODE REJECTION Vem =£2.5V 
Vom =£12 V 
Tyan to TMax 
POWER SUPPLY REJECTION Vs=+5Vtotl5V 
Tyan t0 Tax 
INPUT VOLTAGE NOISE f= 10 kHz 
INPUT CURRENT NOISE f= 10 kHz 


INPUT COMMON-MODE 
VOLTAGE RANGE 


OUTPUT VOLTAGE SWING Rioap = 500 Q 
Rioap = 150Q 
Rioap = 1 kQ 
Rioap = 5002 
Short-Circult Current 


INPUT RESISTANCE 
INPUT CAPACITANCE 


OUTPUT RESISTANCE Open Loop 15 15 Q 
POWER SUPPLY 
Operating Range +45 +18 +45 +18 Vv 
Quiescent Current +5V 4.8 6.0 4.8 6.0 mA 
Tyan to Tax 7.3 7.3 mA 
+15V 5.3 6.3 5.3 6.3 mA 
Twin to TMax 7.6 7.6 mA 


NOTES 
‘Input Offset Voltage Specifications are guaranteed after 5 minutes at Ty = +25°C. 
2Full Power Bandwidth = Slew Rate/2 m Vpgax. 


3Slew Rate is measured on rising edge. 
All min and max specifications are guaranteed, Specifications in boldface are 100% tested at final electrical test. 
Specifications subject to change without notice. 


Figure 1.88: Example Specification page 
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Parameter 


DYNAMIC PERFORMANCE 
~3 dB Small Signal Bandwidth 


Bandwidth for 0.1 dB Flatness 


Slew Rate 
Full Power Response 
Settling Time to 0.1% 


NOISE/DISTORTION PERFORMANCE 
Total Harmonic Distortion* 
Input Voltage Noise 
Input Current Noise 
Differential Gain Error (NTSC) 


Differential Phase Error (NTSC) 


Crosstalk 


DC PERFORMANCE 
Input Offset Voltage 


Offset Drift 
Input Bias Current 


Input Offset Current 
Open-Loop Gain 


INPUT CHARACTERISTICS 
Input Resistance 
Input Capacitance 
Input Common-Mode Voltage Range 
Common-Mode Rejection Ratio 


OUTPUT CHARACTERISTICS 
Output Voltage Swing 
Output Current 
Short-Circuit Current 


Capacitive Load Drive 


POWER SUPPLY 
Operating Range 
Quiescent Current/Amplifier 


AD8051/AD8052/AD8054 
SPEC | FICATI ONS (@hk= 25°¢[¥, = 5V] R, = 2 k® to 2.5 V, unless otherwise noted.) 


AD8051A/AD8052A 
Typ 


Conditions Min Max | Min 


G=41,Vo =0.2Vpp 
G=-1, +2, Vo = 0.2 Vp-p 
G = +2, Vo = 0.2 Vp-p, 
Ry = 150 2 to 2.5 V, 

Re = 806 Q for ADB8051A/ 
AD8052A 

Rp = 200 © for AD8054A 
G=-1, Vo=2 V Step 
G=+1,Vo =2Vp-p 
G=-1, Vo=2 V Step 


fc = 5 MHz, Vo =2 Vp-p, G= +2 
f= 10 kHz 

f= 10 kHz 
G=+2,R,=150Q9to2.5V 

Rp =1kOt02.5V 
G=+42,R,=1509t25V 
Rp=1kOt02.5V 

f=5 MHz, G=+2 


Ta-Tmax 


Tw-Tax 


Rp=2kQt02.5V 
Ta-Tmax 
RL=1509t025V 
Tay-Tmax 


290 
1.4 
-0.2 to +4 


Vem =0V to 3.5V 88 


Rp = 10 k0t02.5V 0.015 to 4.985 


Rp=2kQnt02.5V 0.1 t0 4.9 0.025 to 4.975 0.125 to 4.875 
RL = 1509 2.5V 0.3 to 4.625 0.2 to 4.8 0.55 to 4.4 
Vour =0.5V04.5V 45 

Tun-Tuax 45 

Sourcing 80 

Sinking 130 


50 


G = +1 (AD8051/AD8052) 
G = +2 (AD8054) 


ADS054A 


Typ Max | Unit 


dB 
nVVHz 
fA Hz 
% 
% 
Degrees 
Degrees 


1.5 
-0.2 to +4 
86 


0.03 to 4.975 
0.05 to 4.95 
0.25 to 4.65 
30 

30 

45 

85 


40 


Power Supply Rejection Ratio AVs=+t1V 
OPERATING TEMPERATURE RANGE | RT, RU, 
RN-14 
RM, RN-8 


*Refer to TPC 13. 


Specifications subject to change without notice. 
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AD8051/AD8052/AD8054 
SPECIFICATIONS c:,- art |v. =3V, R= 2k to 1.5 V, unless otherwise noted.) 


ADS8051A/AD8052A AD8054A 
Parameter Conditions Min Typ 


DYNAMIC PERFORMANCE 
~3 dB Small Signal Bandwidth G=+1,Vo =0.2Vp-p 70 
G=-1, +2, Vo = 0.2 Vp-p 
Bandwidth for 0.1 dB Flatness G= +2, Vo = 0.2 Vp-p, 
R, = 1502 25V, 
Rp = 402 © for AD8051A/AD8052A 
Rp = 200 © for AD8054A 


Slew Rate G=-1, Vo=2 V Step 

Full Power Response G=+1,Vo=1Vp-p 
Settling Time to 0.1% G=-1, Vo=2 V Step 

NOISE/DISTORTION PERFORMANCE 
Total Harmonic Distortion* fc = 5 MHz, Vo =2 Vp-p, 
G=-1,Rp=100 90 15V 

Input Voltage Noise f= 10 kHz 

Input Current Noise f= 10 kHz 


Differential Gain Error (NTSC) G=+2, Vom=1V 
R, = 150 Qto 1.5 V, 
Rp=1kQto1.5V 

Differential Phase Error (NTSC) G=+2,Vom=1V 
RL =1502t15V 
RL=1 kN 1.5V 

Crosstalk f=5 MHz, G=+2 


DC PERFORMANCE 
Input Offset Voltage 


Offset Drift 
Input Bias Current 


Input Offset Current 
Open-Loop Gain 


INPUT CHARACTERISTICS 
Input Resistance 300 
Input Capacitance 1.4 1.5 
Input Common-Mode Voltage Range 0.2 to +2 0.2 to +2 
Common-Mode Rejection Ratio Vom =O Vito 1.5V 88 86 
OUTPUT CHARACTERISTICS 
Output Voltage Swing RL =10kOt0 1.5V 0.01 to 2.99 0.025 to 2.98 
Rp=2kQt15V 0.075 to 2.9 0.02 to 2.98 0.1 to 2.9 0.35 to 2.965 
RL = 15000 1.5V 0.2to2.75 0.125 to 2.875 0.35 to 2.55 0.15 to 2.75 
Output Current Vour = 0.5 V to 2.5 V 45 25 
Tw-Tax 45 25 
Short-Circuit Current Sourcing 60 30 
Sinking 90 50 
Capacitive Load Drive G = +1 (AD8051/AD8052) 45 
G = +2 (AD8054) 35 
POWER SUPPLY 
Operating Range 3 12 3 12 Vv 
Quiescent Current/Amplifier 4.2 4.8 2.625 3.125 | mA 
Power Supply Rejection Ratio AVs=0.5V 68 80 68 80 dB 
OPERATING TEMPERATURE RANGE | RT, RU, 
RN-14 -40 +85 -40 +85 °C 
RM, RN-8 -40 +125 °C 


*Refer to TPC 13. 
Specifications subject to change without notice. 


Figure 1.90: Example Specification page 3 
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SPEC IFICATIONS (@T, = 25°C| Vs = +5 V, R, = 2k to Ground, unless otherwise noted.) 


AD8051A/AD8052A ADS054A 
Parameter Conditions Typ Typ 
DYNAMIC PERFORMANCE 
—3 dB Small Signal Bandwidth G=+41,Vo =0.2Vpp 
G =-1, +2, Vo = 0.2 Vp-p 
Bandwidth for 0.1 dB Flatness G = +2, Vo = 0.2 Vp-p, 
R, = 1509, 
Rp = 1.1 kQ for 
AD8051A/AD8052A 
Rp = 200 © for AD8054A 
Slew Rate G=-1, Vo =2 V Step 
Full Power Response G=+1,Vo =2Vp-p 
Settling Time to 0.1% G=-1, Vo=2 V Step 
NOISE/DISTORTION PERFORMANCE 
Total Harmonic Distortion fo = 5 MHz, Vo = 2 Vp-p, G= +2 
Input Voltage Noise f= 10 kHz 
Input Current Noise f= 10 kHz 
Differential Gain Error (NTSC) G= +2, RL = 1509 
Rp =1kQ 
Differential Phase Error (NTSC) G= +2, RL = 1509 
Rp =1kQ 
Crosstalk f=5 MHz, G=+2 


DC PERFORMANCE 
Input Offset Voltage 


Offset Drift 
Input Bias Current 


Input Offset Current 
Open-Loop Gain 


INPUT CHARACTERISTICS 
Input Resistance 290 
Input Capacitance 14 15 
Input Common-Mode Voltage Range 5.2 to +4 5.2 to +4 
Common-Mode Rejection Ratio Vem =-5 V to 43.5 V 88 86 
OUTPUT CHARACTERISTICS 
Output Voltage Swing RL =10kQ —4.98 to +4.98 ~4.97 to +4.97 
Rp =2ka 4.85 to +4.85 -4.97 to +4.97 4.8 to +4.8 4.9 to +4.9 
Ri = 1500 445to+4.3 -4.6 to +4.6 4.0 to +3.8 4.5 to +4.5 
Output Current Vour = 4.5 V to +4.5V 45 30 
Tha-Tax 45 30 
Short-Circuit Current Sourcing 60 
Sinking 
Capacitive Load Drive G = +1 (AD8051/AD8052) 
G = +2 (AD8054) 
POWER SUPPLY 
Operating Range 
Quiescent Current/Amplifier 
Power Supply Rejection Ratio AVs=+t1V 


OPERATING TEMPERATURE RANGE 


Specifications subject to change without notice. 


Figure 1.91: Example Specification page 4 
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On many op amps some individual specs may have multiple entries. This is for different 
performance levels. It can also be for different temperature ranges (usually commercial, 
industrial, or military). This can be seen in Figure 1-84 (3). 


Note that there are typically three possibilities for the specs, Min, Typ, and Max. See 
Figure 1-84 (3). At Analog Devices any spec in the min (minimum) and max (maximum) 
columns will be guaranteed by test. This can be a direct test, or, in some instances, testing 
one parameter will guarantee another. A typ (typical) spec is just that, typical. Depending 
on the particular spec, the deviation from the typical can be substantial. And you have no 
way of knowing what the range of variation on the typ spec is. Sometimes you will find a 
typ and a min (or max) for the same spec. This tells you that although the test limits are at 
a particular level (min or max) the typicals tend to run much better than the test limits. 
When designing, using typs is risky. You are much better off using mins or maxes for 
error budget analysis. 


Testing is one of the most expensive steps in the manufacturing of op amps. Therefore a 
more highly specified part will typically cost more than a less completely specified part. 
But, in your system, the higher specified part may be required to guarantee the circuit 
performance. 


The Absolute Maximums 


There is always a section just after the spec tables that contains the absolute maximum 
ratings. These are typically voltage and temperature related. 


The process used to fabricate the op amp will typically determine the maximum supply 
voltage. Maximum input voltages typically are limited to the supply voltages. It should 
be pointed out that the supply voltage is the instantaneous value, not the average, or final 
value. So if an op amp has voltages on its input but the supply voltage is not present. 
(which could occur during power up when one section of the system is powered but 
others aren’t) the op amp is overvoltaged, even if when the op amp power is applied, 
everything is within operational limits. 


Looking at Figure 1.92, the maximum input voltage spec is GND to Vs. The Differential 
input voltage maximum is +6 V. Note that both of these conditions must be met. So the 
input pins of the op amp must be between GND and Vs AND no more than 6 V from 
each other. 


The primary concern for semiconductor reliability is to keep the junction temperature 
below 150°C. There will be a 0;, given for the various package options. This is the 
thermal resistance. The units are °C/Watt. See Figure 1.92. To use this information first 
determine the power dissipation of the package. This would be the quiescent current 
times the supply voltage. Then take the maximum dissipation generated by the output 
stage (output current times the difference between the output voltage and the supply 
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voltage). Add these two together and you will have the total package dissipation, in 
Watts. Multiply the thermal resistance by the dissipation and you have the temperature 
rise. Start with the ambient temperature (in °C), take the rise calculated above and that 
will give you the junction temperature. Remember that the ambient temperature should 
be in operation. Circuits packaged in an enclosure, which is in turn placed in a rack with 
other equipment will have an internal ambient temperature that could be significantly 
above the air temperature where it is located. This must be considered. 


ABSOLUTE MAXIMUM RATINGS' 


Ce i ee 12.6V 
Internal Power Dissipation” 
Plastic DIP Package (N) «2. .ccncccceacnsseccnes 13W 
Small Outline Package (R) .............00seeeees 0.0W 
SOT=23-5 Package (RT) 2.20 600ceece evens wees cs 0.5 W 
Input Voltage (Common Mode) .............0000055 +V5 
Differential Input Voltage .............00000 00 eee +1.2V 


Output Short Circuit Duration 
PEtrrT eT eT ree ere Observe Power Derating Curves 


Storage Temperature Range N,R ......... -—65°C to +125°C 
Operating Temperature Range (A Grade) ... —40°C to +85°C 
Lead Temperature Range (Soldering10sec) ........ +300°C 
NOTES 


‘Stresses above those listed under Absolute Maximum Ratings may cause perma- 
nent damage to the device. This is astress rating only; functional operation of the 
device at these or any other conditions above those indicated in the operational 
section of this specification is notimplied. Exposure to absolute maximum rating 
conditions for extended periods may affect device reliability. 

Specification is for device in free air: 
8-Lead Plastic DIP Package: 6, = 90°C/W 
8-Lead SOIC Package: 4 = 155°C/W 
8-Lead Cerdip Package: 64 = 110°C/W 
5-Lead SOT-23-5 Package: 8), = 260°C/W 


Figure 1.92: Typical Absolute Maximum Ratings 


As an example, let’s take the AD8534. We will assume that it is being used as a line 
driver. The required output voltage range is 500 mV to 5 V. The maximum output current 
we expect from each of the four sections is 100 mA at a maximum output voltage of 5 V. 
This equates to a load of 50 Q. Let us say the circuit will operate on a supply of 5.5 V. 
This allows for a bit of headroom for the driver. If you plot the output voltage versus 
output current for an amplifier with a resistive load the maximum dissipation is 
approximately 55% of the maximum (see Figure 1.93). This is due to the fact that as the 
output voltage increases, the dissipation voltage (the difference between the output 
voltage and the supply voltage) decreases, even though the current keeps increasing. 
Remember it’s the power dissipation of the package, not the load, which will rise with 
increasing output voltage. The quiescent current (Iq) is 1.75 mA max over temperature 
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per amplifier. For the four amplifiers, then, the total quiescent dissipation is: 38.5 mW (Iq 
x Vs x 4). The maximum output dissipation is calculated from the following equation: 


V.- .55 * V.(max))2 
p 2 ( Ss o( )) Eq. 1-26 
7 R 
LOAD 


which calculates to 150 mW per amplifier or 600 mW total. The total dissipation is 
therefore 638.5 mW. 


We chose a TSSOP package because it was the smallest available. The 0j, for this 
package is 240°C/W. This gives a temperature rise of 154°C (240° C/W x 638.5 mW). If 
the ambient temperature is assumed to be 25°C (the usual value given for room 
temperature), the junction temperature would be 179°C! This is a problem. So we can see 
that even though we are operating the AD8534 below what would seem to be its 
maximum output current rating (which is 250 mA), the part will not be reliable since the 
junction temperature (150°C) will be exceeded. 


Percent Dissipation 
o 


Percent Full Scale 


Figure 1.93: Power Dissipation vs. Percent Full Scale 


Oja actually has two components, Ojc (the thermal resistance from the junction to the case) 
and 0, (the thermal resistance from the case to the ambient). They add linearly. We can’t 
do anything about the Oj, but by adding a heat sink we can change Oca to some degree. 
Most of the time with op amps, this is not an issue, but it could help for a high current 
output op amp in a small package as in the example above. 
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The Ordering Guide 


Many op amps are available in multiple packages and/or multiple temperature ranges. 
Each of the various combinations of package and temperature range requires a unique 
part number. This is spelled out in the ordering guide. See Figure 1.94. 


Just as a note, in the case of op amps, the commercial (0°C to 70°C) temperature range 
has become much less common. The reason for this is that most circuits yield to the 
industrial temperature range. It is less expensive to support fewer part types. Each 
discrete part number requires a separate test program, separate inventorying, etc. An 
exception to this rule is for parts designed for a specific application which is, by 
definition, commercial. Examples of this are consumer applications, such as audio. Wider 
temperature range for these parts offers no advantage. 


The industrial temperature range can also mean different things. The standard industrial 
temperature range is —40°C to +85°C. A common variant on this is what is commonly 
called the automotive temperature range —40°C to +105°C. O0°C to 100°C is also 
common. 


The military temperature range is —55°C to +125°C. 


ORDERING GUIDE 
Model Temperature Range Package Description Package Option Branding Information 
AD8531AKS* 40°C to +85°C 5-Lead SC70 KS-5 A7B 
AD8531AR 40°C to +85°C 8-Lead SOIC SO-8 
AD8531ART* 40°C to +85°C 5-Lead SOT-23 RT-5 A7A 
AD8532AR 40°C to +85°C 8-Lead SOIC SO-8 
AD8532ARM* 40°C to +85°C 8-Lead MSOP RM-8 ARA 
AD8532AN —40°C to +85°C 8-Lead Plastic DIP N-8 
AD8532ARU* 40°C to +85°C 8-Lead TSSOP RU-8 
AD8534AR 40°C to +85°C 14-Lead SOIC SO-14 
AD8534AN 40°C to +85°C 14-Lead Plastic DIP N-14 
AD8534ARU* 40°C to +85°C 14-Lead TSSOP RU-14 


*Available in reels only. 


Figure 1.94: Typical Ordering Guide 


The Graphs 


Many specs vary over the operational range of the op amp. An example is the variation of 
open-loop gain with frequency. See Figure 1.94. So to completely specify the open-loop 
gain of a part there would be an open-loop gain spec at dc, which typically would appear 
in the spec table, and a graph showing variation with frequency. The information 
presented in the graphs is not uniform from vendor to vendor or even from part to part 
from the same manufacturer. Higher performance parts tend to be more completely 
specified. For the most part the graphs will tend to be typical values. 
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How To READ A DATA SHEET 


The main body of the data sheet contains detailed information on the operation and 


applications of the op amp. 


The main body typically starts off with a section on the theory of operation of the part. 


| Typical Performance Characteristics—OP1177/0P2177/0P4177 
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Figure 1.95: Typical Performance Graphs 
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This is usually a short description of the various specs that are particularly to build was 
not the best approach. 


Typically simple calculations, noise for example, are worked out as examples. 


The rest of the body of the data sheet contains application information. Since its founding 
Analog Devices determined that just giving someone an amplifier and letting them go off 
on their own to try to build whatever it is that they want. Therefore, Analog Devices 
includes application information with the data sheet appropriate for the specific op amp. 
For instance, a precision op amp will emphasize offset and noise, while a high speed op 
amp will emphasize bandwidth and speed. 


Much of the information in the applications section is more relevant to other op amps 
than the one that it appears in. 


The last thing that is typically included in the data sheet is the package drawings. 


AD8531/AD8532/AD8534 


OUTLINE DIMENSIONS 


Dimensions shown in inches and (mm). 
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Figure 1.96: Typical Package Dimension Drawing 
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SECTION 4: CHOOSING AN OP AMP 


As we have seen in the previous sections, an op amp can have many specs. Now that we 
have gone over what those specs mean and how to read a data sheet we are ready to 
proceed to the next step. How, then, do you determine which amp best suits your needs? 


Step 1: Determine the Parameters 


The first step in the process is to determine what parameters are important to your design. 
To do this you must have a clear idea of: 


1) The input signal. 
a. Is ita voltage or a current? 
b. What are the frequency and the amplitude ranges? 
c. What is the impedance level of the surrounding circuit? 
2) The accuracy requirements. 
3) The output signal. 
a. What are the frequency and the amplitude ranges? 
b. What will the circuit be driving (another op amp stage, an 
ADC, a cable, etc.)? 
4) The physical environment. 
a. What is the operational temperature range? 
b. What is the size limitation? 
c. What power supplies are available? 


For instance, if you are designing a single-supply system that is going to be capacitively 
coupled, offsets probably aren’t a concern. If you are designing a system to interface to a 
low level physical sensor, then noise, de precision, and closed-loop gain are important, 
but bandwidth is probably of less importance, since the bandwidth of most physical 
sensors are relatively low. However, you do need enough bandwidth to support the 
required closed loop gain. 


Part of this process is determining the values for the various parameters. In doing this you 
should determine both an optimum value and an acceptable range. For example, you may 
have a target value of 500 pV for the offset voltage, but you may be able to live with 
1 mV and be relaxing this spec, a better overall fit could be made. The operating 
temperature range that the circuit will be required to operate in will affect this as well. 
The physical size of the package and the cost, as always, should be considered. It is also 
good practice to allow a little margin on the specs so that aging effects, etc., don’t cause 
the circuit to go out of spec. 
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Step 2: Prioritize the Parameters 


The next step is to prioritize these parameters. Typically one or two parameters are 
critical. A few more may be desirable but not required. Try not to overspecify the part. 
Remember that the more specified a part is the harder it will be to find an exact match, 
and the tighter the specs, the more expensive the part is likely to be. 


Step 3: Selecting the Part 


The next step is to finally select the part. The brute force method would be to gather data 
books and randomly start to look at the specs for each of the parts individually. This 
would quickly get out of hand. There are several tools that make the job much easier. 


The first is to use a selection guide. These appear frequently in magazine ads and 
promotional mailers. The problem with using these guides is that, in many instances, the 
lists are not all inclusive, but instead are usually focused on specific sub group, such as 
new products, single supply, or the like. The narrow focus may cause you to miss some 
otherwise acceptable options. 


ADI provides a piece of literature called The Short Form Designers Guide which is much 
better suited to the purpose. It contains all of ADI’s current product offering, sorted by 
function and performance. Two of the main parts of the short form are the product trees 
and selection guides. 


Using the amplifier section as an example, we can choose between several possibilities, 
each of which are expanded further in subsequent trees. This allows the designer to drill 
down to a particular amp which will be acceptable in his application. Fig. 1.90 to 

Fig. 1.92 shows part of the amplifier selection tree. 


The selection trees generally only give one, or maybe two, specs. It is designed to be the 
start of the selection process. More detailed specs are given in the selection guides, which 
will take a particular category corresponding to one of the sections of the selection trees, 
and then sort the parts by the relevant parameter. For example, single-supply precision 
amps would be sorted by open-loop gain, highest open-loop gain first. If there is more 
than one amp with the same open-loop gain, then the amps would be further sorted by the 
next parameter, in this case offset voltage. 


For high speed amplifiers the primary sorting spec is bandwidth, since this is the primary 
criteria of interest. 


In addition to the specs on which the parts are sorted, there are several other specs given. 
These include package size and cost. The cost quoted is generally the 1000 piece price for 
the base grade of the amplifier. It should be used for comparison purposes. Small 
quantities will typically be priced higher; higher quantities will generally be lower. 


An alternative is the parametric search engine. Here you enter the relevant parameters for 
your design. The op amp search is shown in Figures 1.96 — 1.99. You can also prioritize 
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the selection by clicking on the “priority” box. The search engine will then search the 
database of parts and it will come up with 10 alternatives. 


A particularly nice feature of the search engine is that if it can’t meet your selection 
criteria exactly, it will give a selection of parts that come close to matching your criteria. 
Where there is not a match the parameter is presented in red. This allows the designer the 
chance to evaluate how well his application lines up with available components. 


Design aids are covered in more detail in Chapter 13. 
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Figure 1.97: Selection Tree Top Level 
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Figure 1.98: Selection Tree, Amplifier, Top Level 
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Figure 1.99: Selection Guide, Amplifier example Page 
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Figure 1.100: Typical Amplifier Selection Guide Page 
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CHAPTER 2: OTHER LINEAR CIRCUITS 
SECTION 2.1: BUFFER AMPLIFIERS 


In the early days of high speed circuits, simple emitter followers were often used as high 
speed buffers. The term buffer was generally accepted to mean a unity-gain, open-loop 
amplifier. With the availability of matching PNP transistors, a simple emitter follower 
can be improved, as shown below in Figure 2.1A. This complementary circuit offers first- 
order cancellation of dc offset voltage, and can achieve bandwidths greater than 
100 MHz. Typical offset voltages without trimming are usually less than 50 mV, even 
with unmatched discrete transistors. 


Vout 


(A) HOS-100 (B) LH0033 


Figure 2.1: Early Open-Loop Hybrid Buffer Amplifiers: 
(A) HOS-100 Bipolar, (B) LHO0033 FET Input 


If high input impedance is required, a dual FET can be used as an input stage ahead of a 
complementary emitter follower, as shown in Figure 2.1B. This form of the buffer circuit 
was implemented by both National Semiconductor Corporation as the LH0033, and by 
Analog Devices as the ADLH0033. 


Circuits such as these achieved bandwidths of about 100 MHz at fairly respectable levels 


of harmonic distortion, typically better than -60 dBc. However, they suffered from dc 
and ac nonlinearities when driving loads less than 500 Q. 
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One of the first totally monolithic implementations of these functions was the Precision 
Monolithics, Inc. BUFO3 shown below in Figure 2.2 (see Reference 1). PMI is now a 
division of Analog Devices. This open-loop IC buffer achieved a bandwidth of about 
50 MHz for a 2 V peak-to-peak signal. 


The BUFO3 circuit is interesting because it demonstrates techniques that eliminated the 
requirement for the slow, bandwidth-limited vertical PNP transistors associated with 
most IC processes available at the time of the design (approximately 1979). 


° + ° e—O +Vy 
“ae t 10.4mA 
J2 OD re Q7 a 4 
Ny Ne 


Vout 


* e o. e OV, 
Figure 2.2: BUFO3 Monolithic Open-Loop Buffer—1979 Vintage 


One of the problems with all the open-loop buffers discussed thus far is that although 
high bandwidths can be achieved, the devices discussed don’t take advantage of negative 
feedback. Distortion and dc performance suffer considerably when open-loop buffers are 
loaded with typical video impedance levels of 50 Q, 75 Q , or 100 Q. The solution is to 
use a properly compensated wide bandwidth op amp in a unity-gain follower 
configuration. In the early days of monolithic op amps, process limitations prevented this, 
so the open-loop approach provided a popular interim solution. 


Practically all unity-gain-stable voltage or current feedback op amps can be used in a 
simple follower configuration. Usually, however, the general-purpose op amps are 
compensated to operate over a wide range of gains and feedback conditions. Therefore, 
bandwidth suffers somewhat at low gains, especially in the unity-gain noninverting 
mode, and additional external compensation is usually required. 
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Figure 2.3: Simple Unity-Gain Monolithic Buffers 


A practical solution is to compensate the op amp for the desired closed-loop gain, while 
including the gain setting resistors on-chip, as shown in Figure 2.4. Note that this form of 
op amp, internally configured as a buffer, may typically have no feedback pin. Also, 
putting the resistors and compensation on-chip also serves to reduce parasitics. 


There are a number of op amps optimized in this manner. Roy Gosser’s AD9620 (see 
Reference 2) was probably the earliest monolithic implementation. The AD9620 was a 
1990 product release, and achieved a bandwidth of 600 MHz using +5 V supplies. It was 
optimized for unity gain, and used the voltage feedback architecture. A newer design 
based on similar techniques is the AD9630, which achieves a 750 MHz bandwidth. 


ae 


Figure 2.4: Frequency Compensated Buffer 


The BUF04 unity gain buffer (see Reference 3) was released in 1994 and achieves a 
bandwidth of 120 MHz. This device was optimized for large signals and operates on 
supplies from +5 V to +15 V. Because of the wide supply range, the BUF04 is useful not 
only as a standalone unity-gain buffer, but also within a feedback loop with a standard op 
amp, to boost output. 


Although the common definition of a buffer is unity gain device, sometimes the term is 
used for a circuit with a gain of 2. Closed-loop buffers with a gain of 2 find wide 
applications as transmission line drivers, as shown below in Figure 2.5. The internally 
configured fixed gain of the amplifier compensates for the loss incurred by the source and 
load termination. Impedances of 50 Q, 75 OQ, and 100 © are popular cable impedances. 
The AD8074/AD8075 500 MHz triple buffers are optimized for gains of 1 and 2, 
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respectively. The dual AD8079A/AD8079B 260 MHz buffer is optimized for gains of 2 
and 2.2, respectively. 


Rt 
Rg = R, = Zo 
Ss Re AD8074 AD8075 AD8079A/B 
Triple Triple Dual 
Voltage Feedback | Voltage Feedback Voltage Feedback 
sity G=1 G=2 G=2/2.2 
. BW = 500MHz BW = 500MHz BW = 260MHz 
Vy = +5V Vg = +5V Vy = +5V 


Figure 2.5: Fixed-Gain Video Transmission Line Drivers 


In implementing a high speed unity-gain buffer with a voltage feedback op amp, there 
will typically be no resistor required in the feedback loop, which considerably simplifies 
the circuit. Note that this isn’t a 100% hard-and-fast rule, however, so always check the 
device data sheet to be sure. A unity-gain buffer with a current feedback op amp will 
always require a feedback resistor, typically in the range of 500 Q to 1000 Q. So, be sure 
to use a value appropriate to not only the basic part, but also the specific power supplies 
in use. 
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SECTION 2.2: GAIN BLOCKS 


While the op amp allows gain to be set with external resistors, there are a group of 
circuits that are designed to operate at a fixed gain. These parts are typically RF 
components. They also are typically designed to be operated in a 50 Q environment, with 
the inputs and outputs matched internally. Often the gain blocks are available in several 
gain settings. 


For example, the AD8354 RF gain block is a fixed-gain amplifier with single-ended input 
and output ports whose impedances are nominally equal to 50 Q over the frequency range 
100 MHz to 2.7 GHz. Consequently, it can be directly inserted into a 50 Q system with 
no impedance matching circuitry required. The input and output impedances are 
sufficiently stable versus variations in temperature and supply voltage that no impedance 
matching compensation is required. 


: BIAS AND VREF H VPOS 
INPT () () VOUT 


COM1() AD8354 () COM2 


Figure 2.6: AD8352 20 dB RF Gain Block 


Differential input and output gain blocks are also available. An example of a differential 
input, single-ended output device is the AD8129. See Figure 2.7 


Figure 2.7: AD8129/AD8130 Differential Input, Single-Ended Output Gain Block 
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Fully differential input and output devices are also available, such as the AD8350. See 
Figure 2.8. 


AD8350 


Figure 2.8: AD8&350 Differential In/Differential Out Gain Block 
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SECTION 2.3: INSTRUMENTATION AMPS 


The instrumentation amp is primarily used to amplify small differential voltages in the 
presence of (typically) larger common-mode voltages. 


In-Amp Definitions 


An in-amp is a precision closed-loop gain block. It has a pair of differential input 
terminals, and a single-ended output that works with respect to a reference or common 
terminal, as shown in Figure 2.9. The input impedances are balanced and high in value, 


typically >10° Q. Again, unlike an op amp, an in-amp uses an internal feedback resistor 
network, plus one (usually) gain set resistance, Rg. Also unlike an op amp is the fact that 
the internal resistance network and Rg are isolated from the signal input terminals. In 
amp gain can also be preset via an internal Rg by pin selection, (again isolated from the 
signal inputs). Typical in amp gains range from | to 1000. 


The in-amp develops an output voltage which is referenced to a pin usually designated 
REFERENCE, or Vrer. In many applications, this pin is connected to circuit ground, but 
it can be connected to other voltages, as long as they lie within the rated compliance 
range of the in-amp. This feature is especially useful in single-supply applications, where 
the output voltage is usually referenced to mid-supply (i.e., +2.5 V in the case of a+5 V 


supply). 


COMMON 
MODE 
VOLTAGE 


Vom 


Vom 
CMRR 


COMMON MODE ERROR (RTI) = 


Figure 2.9: The Generic Instrumentation Amplifier (In-Amp) 
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In order to be effective, an in-amp needs to be able to amplify microvolt-level signals, 
while simultaneously rejecting volts of common-mode (CM) signal at its inputs. This 
requires that in amps have very high common-mode rejection (CMR). Typical values of 
in-amp CMR are from 70 dB to over 100 dB (at dc), with CMR usually improving at 
higher gains. 


It is important to note that a CMR specification for dc inputs alone isn’t sufficient in most 
practical applications. In industrial applications, the most common cause of external 
interference is 50 Hz/60 Hz ac power-related noise (including harmonics). In differential 
measurements, this type of interference tends to be induced equally onto both in-amp 
inputs, so the interference appears as a CM input signal. Therefore, specifying CMR over 
frequency is just as important as specifying its dc value. Note that imbalance in the two 
source impedances will degrade the CMR of some in amps. Analog Devices fully 
specifies in-amp CMR at 50 Hz/60 Hz, with a source impedance imbalance of 1 kQ. 


Op Amp/In-Amp Functionality Differences 


An op amp is a general-purpose gain block— user-configurable in myriad ways using 
external feedback components of R, C, and (sometimes) L. The final configuration and 
circuit function using an op amp is truly whatever you make of it. 


In contrast to this, an instrumentation amp (in-amp) is a more constrained device in terms 
of functioning, and also the allowable range(s) of operating gain. People also often 
confuse in-amps as to their function, calling them “op amps.” But the converse is seldom 
(if ever) true. It should be understood that an in-amp is not just a special type op amp; the 
function of the two devices is actually fundamentally different. 


Perhaps a good way to differentiate the two devices is to remember that an op amp can be 
programmed to do almost anything, by virtue of its feedback flexibility. In contrast to 
this, an in-amp cannot be programmed to do just anything. It can only be programmed for 
gain, and then over a specific range. An op amp is configured via a number of external 
components, while an in-amp is configured by either one resistor, or by pin-selectable 
taps for its working gain. 


Subtractor or Difference Amplifiers 


A simple subtractor or difference amplifier can be constructed with four resistors and an 
op amp, as shown in Figure 2.10. It should be noted that this is not a true in-amp, but it is 
often used in applications where a simple differential to single-ended conversion is 
required. Because of its popularity, this circuit will be examined in more detail, in order 
to understand its fundamental limitations before discussing true in amp architectures. 
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Vout 
e) R2 
1+ Ry 
CMR = 20 logy, 
Kr 
R1' R2' REF 
V2 Where Kr = Total Fractional 
Mismatch of R1/ R2 TO 
R2 R1'/R2' 
Vout = (V2-V4) R4 
R2 - R2' 
R1 ~ Rt CRITICAL FOR HIGH CMR 


EXTREMELY SENSITIVE TO SOURCE IMPEDANCE IMBALANCE 


0.1% TOTAL MISMATCH YIELDS ~ 66dB CMR FOR R1 = R2 


Figure 2.10: Op Amp Subtractor or Difference Amplifier 


There are several fundamental problems with this simple circuit. First, the input 
impedance seen by V; and V2 isn’t balanced. The input impedance seen by Vj, is R1, but 
the input impedance seen by V2 is R1' + R2'. The configuration can also be quite 
problematic in terms of CMR, since even a small source impedance imbalance will 
degrade the workable CMR. This problem can be solved with well-matched open-loop 
buffers in series with each input (for example, using a precision dual op amp). But, this 
adds complexity to a simple circuit, and may introduce offset drift and nonlinearity. 


The second problem with this circuit is that the CMR is primarily determined by the 
resistor ratio matching, not the op amp. The resistor ratios R1/R2 and R1'/R2' must 
match extremely well to reject common-mode noise— at least as well as a typical op amp 
CMR of =100dB. Note also that the absolute resistor values are relatively unimportant. 


Picking four 1% resistors from a single batch may yield a net ratio matching of 0.1%, 
which will achieve a CMR of 66 dB (assuming R1 = R2). But if one resistor differs from 
the rest by 1%, the CMR will drop to only 46 dB. Clearly, very limited performance is 
possible using ordinary discrete resistors in this circuit (without resorting to hand 
matching). This is because the best standard off-the-shelf RNC/RNR style resistor 
tolerances are on the order of 0.1% (see Reference 1). 


In general, the worst-case CMR for a circuit of this type is given by the following 
equation (see References 2 and 3): 


Eq. 2-1 


CMR(dB) = 2010g) RR) ; 


4Kr 
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where Kr is the individual resistor tolerance in fractional form, for the case where four 
discrete resistors are used. This equation shows that the worst-case CMR for a tolerance 
build-up for four unselected same-nominal-value 1% resistors to be no better than 34 dB. 


A single resistor network with a net matching tolerance of Kr would probably be used for 
this circuit, in which case the expression would be as noted in the figure, or: 


CMR(dB) = 20 log 


A) Eq. 2-2 


A net matching tolerance of 0.1% in the resistor ratios therefore yields a worst-case dc 
CMR of 66 dB using Equation 2-2, and assuming R1 = R2. Note that either case assumes 
a significantly higher amplifier CMR (i.e., > 100 dB). Clearly for high CMR, such 
circuits need four single-substrate resistors, with very high absolute and TC matching. 
Such networks using thick/thin-film technology are available from companies such as 
Caddock and Vishay, in ratio matches of 0.01% or better. 


In implementing the simple difference amplifier, rather than incurring the higher costs 
and PCB real estate limitations of a precision op amp plus a separate resistor network, it 
is usually better to seek out a completely monolithic solution. 


REF(+) 


NC = NO CONNECT 


Vom = +270V for Vg = +15V 
Figure 2.11: High Common-Mode Current Sensing 
Using the AD629 Difference Amplifier 


An interesting variation on the simple difference amplifier is found in the AD629 
difference amplifier, optimized for high common-mode input voltages. A typical current- 
sensing application is shown in Figure 2.11. The AD629 is a differential-to-single-ended 
amplifier with a gain of unity. It can handle a common-mode voltage of +270 V with 
supply voltages of +15 V, with a small signal bandwidth of 500 kHz. 
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The high common-mode voltage range is obtained by attenuating the noninverting input 
(pin 3) by a factor of 20 times, using the RI—R2 divider network. On the inverting input, 
resistor R5 is chosen such that R5||R3 equals resistor R2. The noise gain of the circuit is 
equal to 20 [1 + R4/(R3||R5)], thereby providing unity gain for differential input voltages. 
Laser wafer trimming of the R1—RS thin film resistors yields a minimum CMR of 86 dB 
@ 500 Hz for the AD629B. Within an application, it is good practice to maintain 
balanced source impedances on both inputs, so dummy resistor Rcomp is chosen to equal 
to the value of the shunt sensing resistor Rsyunr. 
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The Three Op Amp Instrumentation Amplifier Topology 


For the highest precision and performance, the three op amp instrumentation amplifier 
topology is optimum for bridge and other offset transducer applications where high 
accuracy and low nonlinearity are required (Figure 2.12). 


ry AN/\; 
R1' 
R1 
Re VREF 
_ A2 NIN; N\/\; ce) 
+ - R3 2R1 
M Vour = Varo" Blas oa + VReF 


GAIN x 100 7 _ 44 2R1 
HM cmR< 20log 5s RIGMATCH M@ iFR2=R3, G=1+ Re 


Figure 2.12: The Three Op Amp In-Amp 


Resistor Rg sets the overall gain of this amplifier. It may be internal, external, or 
(software or pin-strap) programmable, depending upon the particular in-amp. In this 
configuration, CMR depends upon the ratio matching of R3/R2 to R3'/R2'. Furthermore, 
common-mode signals are only amplified by a factor of 1 regardless of gain (no 
common-mode voltage will appear across Rg, hence, no common-mode current will flow 
in it because the input terminals of an op amp will have no significant potential difference 
between them). 


As a result of the high ratio of differential to CM gain in Al-A2, CMR of this in-amp 
theoretically increases in proportion to gain. Large common-mode signals (within the Al- 
A2 op amp headroom limits) may be handled at all gains. Finally, because of the 
symmetry of this configuration, common-mode errors in the input amplifiers, if they 
track, tend to be canceled out by the subtractor output stage. These features explain the 
popularity of this three op amp in-amp configuration—it is capable of delivering the 
highest performance. 


The classic three op amp configuration has been used in a number of monolithic IC in- 
amps (see References 8 and 9). Besides offering excellent matching between the three 
internal op amps, thin film laser trimmed resistors provide excellent ratio matching and 
gain accuracy at much lower cost than using discrete precision op amps and resistor 
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networks. The AD620 (see Reference 10) is an excellent example of monolithic IC in 
amp technology. A simplified device schematic is shown in Figure 2.13 below. 


10kQ 


Dv, 


Figure 2.13: The AD620 In-Amp Simplified Schematic 


The AD620 is a highly popular in-amp and is specified for power supply voltages from 
+2.3 V to £18 V. Input voltage noise is only 9 nV/VHz @ 1 kHz. Maximum input bias 
current is only 1nA, due to the use of superbeta transistors for Q1 - Q2. 


Overvoltage protection is provided, in part, by the internal 400 © thin-film current-limit 
resistors in conjunction with the diodes connected from the emitter-to-base of Q1 and Q2. 
The gain G is set with a single external Rg resistor, as noted by equation 2-3. 


G = (49.4kQ/Rg) + 1 Eq. 2-3 


As can be noted from this expression and Fig. 2-13, the AD620 internal resistors are 
trimmed so that standard 1% or 0.1% resistors can be used to set gain to popular values. 
Single-supply operation of the three op amp in-amp requires an understanding of the 
internal node voltages. Figure 2.14 below shows a generalized diagram of the in-amp 
operating on a single +5 V supply. The maximum and minimum allowable output 
voltages of the individual op amps are designated Von (maximum high output) and Vor 
(minimum low output) respectively. 


Note that the gain from the common-mode voltage to the outputs of Al and A2 is unity. 
It can be stated that the sum of the common-mode voltage and the signal voltage at these 
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outputs must fall within the amplifier output voltage range. Obviously this configuration 
cannot handle input common-mode voltages of either zero volts or +5 V, because of 
saturation of Al and A2. The output reference is positioned halfway between Voy and 
Vor to allow for bipolar differential input signals. 


Vom + ovsic 


% Vout = GVsic + Veer 
Vsic e@ R2 R2 
2 WAY, WAY, Oo 
= GV 
Vom — —*sIG 
G = 1+ 28! ? 
Rg 


Figure 2.14: Three Op Amp In-Amp Single +5V Supply Restrictions 


While there is a number of good single-supply in amps, such as the AD627, the highest 
performance devices are still among those specified for traditional dual-supply operation, 
i.e., the just-discussed AD620. For certain applications, even such devices as the AD620, 
which has been designed for dual supply operation, can be used with full precision on a 
single-supply power system. 
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Precision Single-Supply Composite In-Amp 


One way to achieve both high precision and single-supply operation takes advantage of 
the fact that many popular sensors (e.g. strain gauges) provide an output signal which is 
inherently centered around an approximate mid-point of the supply voltage (and/or the 
reference voltage). Taking advantage of this basic point allows the inputs of a signal 
conditioning in-amp to be biased at “mid-supply.” As a consequence of this step, the 
inputs needn’t operate near ground or the positive supply voltage, and the in-amp can still 
be used with all its precision. 


Under these conditions, an AD620 dual-supply in-amp referenced to the supply midpoint 
followed by a rail-to-rail op amp output gain stage provides very high dc precision. 
Figure 2.15 illustrates one such high performance in-amp, which operates on a single 
+5 V supply. 


This circuit uses the AD620 as a low cost precision in-amp for the input stage, along with 
an AD822 JFET-input dual rail-to-rail output op amp for the output stage, comprised of 
Al and A2. The output stage operates at a fixed gain of 3, with overall gain set by Rc. 


10Hz 
NOISE 
FILTER 


Vout 
@) 


10mV TO 4.98V 


VREF 
O 


+2.5V 


Figure 2.15: A Precision Single-Supply Composite In-Amp 
with Rail-to-Rail Output 


In this circuit, R3 and R4 form a voltage divider which splits the supply voltage 
nominally in half to +2.5 V, with fine adjustment provided by a trimming potentiometer, 
P1. This voltage is applied to the input of Al, an AD822 voltage follower, which buffers 
it and provides a low impedance source needed to drive the AD620’s reference pin as 
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well as providing the output reference voltage Vrrr. Note that this feature allows a 
bipolar Vour to be measured with respect to this +2.5 V reference (not to GND). This is 
despite the fact that the entire circuit operates from a single (unipolar) supply. 


The other half of the AD822 is connected as a gain-of-3 inverter, so that it can output 
+2.5 V, “rail-to-rail,” with only +0.83 V required of the AD620. This output voltage level 
of the AD620 is well within the AD620’s capability, thus ensuring high linearity for the 
front end. 


The general gain expression for this composite in amp is the product of the gain of the 
AD620 stage, and the gain of inverting amplifier: 


GAIN = [42ako ‘ (22) Eq. 2-4 
RG R1 


For this example, an overall gain of 10 is realized with Rg = 21.5 kQ (closest standard 
value). The table shown in Figure 2.16 summarizes various Rg gain values, and the 
resulting performance for gains ranging from 10 to 1000. 


In this application, the allowable input voltage on either input to the AD620 must lie 
between +2 V and +3.5 V in order to maintain linearity. For example, at an overall circuit 
gain of 10, the common-mode input voltage range spans 2.25 V to 3.25 V, allowing room 
for the +0.25 V full-scale differential input voltage required to drive the output +2.5 V 
about Veer. 


CIRCUIT} Rg | Vog, RTI | TC Vog, RTI | NONLINEARITY] BAND WIDTH 
GAIN (9) (nV) (uV/°C) (ppm) * (kHz)** 
10 21.5k | 1000 1000 < 50 600 
30 5.49k | 430 430 < 50 600 
100 1.53k | 215 215 < 50 300 
300 499 150 150 < 50 120 
1000 149 150 150 < 50 30 


* Nonlinearity Measured Over Output Range: 0.1V < Voy7 < 4.90V 
** Without 10Hz Noise Filter 


Figure 2.16: Performance Summary of the +5V Single-Supply 
AD620/AD822 Composite In-Amp 
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The inverting configuration was chosen for the output buffer to facilitate system output 
offset voltage adjustment by summing currents into the A2 stage buffer’s feedback 
summing node. These offset currents can be provided by an external DAC, or from a 
resistor connected to a reference voltage. 


To reduce the effects of unwanted noise pickup, a filter capacitor is recommended across 
A2’s feedback resistance to limit the circuit bandwidth to the frequencies of interest. This 
capacitor forms a first-order low-pass filter with R2. The corner frequency is 10 Hz as 
shown, but this may be easily modified. The capacitor should be a high quality film type, 
such as polypropylene. 
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The Two Op Amp Instrumentation Amplifier Topology 


The circuit shown in Figure 2.17 is referred to as the two op amp in-amp. It is particularly 
applicable in single-supply systems. Dual IC op amps are used in most cases for good 
matching, such as the OP297 or the OP284. Most often a rail-to-rail op amp is indicated. 
The resistors are often a thin film laser trimmed array, possibly on the same chip. The in 
amp gain can be easily set with an external resistor, Rg. Without Rg, the gain is simply 
1 + R2/R1. In a practical application, the R2/R1 ratio is chosen for the desired minimum 
in-amp gain. 


Vout 


R2 | 2R2 
O || Vout = (V2- V4) 1+ R1 + Re + Veer 
VREF 
R2 _ R2' 
7 R1 R1' 
GAIN x 100 
MI cMR < 20log sane aISh 0 


Figure 2.17: The Two Op Amp Instrumentation Amplifier 


The input impedance of the two op amp in-amp is inherently high, permitting the 
impedance of the signal sources to be high and unbalanced. The dec common-mode 
rejection is limited by the matching of R1/R2 to R1'/R2'. If there is a mismatch in any of 
the four resistors, the dc common-mode rejection is limited to: 


Eq. 2-5 


CMR < 20 og| ee i 


%MISMATCH 


Notice that the net CMR of the circuit increases proportionally with the working gain of 
the in-amp, an effective aid to high performance at higher gains. 


IC in-amps are particularly well-suited to meeting the combined needs of ratio matching 
and temperature tracking of the gain-setting resistors. While thin film resistors fabricated 
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on silicon have an initial tolerance of up to +20%, laser trimming during production 
allows the ratio error (not absolute value) between the resistors to be reduced to 0.01% 
(100 ppm). Furthermore, the tracking between the temperature coefficients of the thin 
film resistors is inherently low and is typically less than 3 ppm/°C (0.0003%/°C). 


When dual supplies are used, Vref is normally connected directly to ground. In single- 
supply applications, Vrgr is usually connected to a low impedance voltage source equal 
to one-half the supply voltage. The gain from Vregr to node “A” is R1/R2, and the gain 
from node “A” to the output is R2'/R1'. This makes the gain from Ver to the output equal 
to unity, assuming perfect ratio matching. Note that it is critical that the source 
impedance seen by Vregr be low, otherwise CMR will be degraded. 


Vv 
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Von=4.9V 
Vo. =0-1V 


10kQO 10kQ 

R2 4 

10kO fi ViMIN= %G 1c —1)Vo, + Vn] > 1.3V 
VReEF © 2.5V 

1 

i Vimax SG 1c — 1)Von + Vane < 3.7V 
Vou tV 
Vv = OH OL 
REF 2 2.5V Vou- Vor 

M@ vo-valmax < te < 24v 


Figure 2.18: Two Op Amp In-Amp Single-Supply Restrictions 
forV,=+5V, G=2 


One major disadvantage of the two op amp in-amp design is that common-mode voltage 
input range must be traded off against gain. The amplifier Al must amplify the signal at 
V, by 1+ RI/R2. If R1 >> R2 (a low gain example in Figure 2.18), Al will saturate if the 
Vi common-mode signal is too high, leaving no Al headroom to amplify the wanted 
differential signal. For high gains (Rl<< R2), there is correspondingly more headroom at 
node “A,” allowing larger common-mode input voltages. 


The ac common-mode rejection of this configuration is generally poor because the signal 
path from V, to Vour has the additional phase shift of Al. In addition, the two amplifiers 
are operating at different closed-loop gains (and thus at different bandwidths). The use of 
a small trim capacitor “C” as shown in Fig. 2.17 can improve the ac CMR somewhat. 


2.19 


[Ca BASIC LINEAR DESIGN 


A low gain (G = 2) single-supply two op amp in-amp configuration results when Rg is 
not used, and is shown above in Figure 2.18. The input common-mode and differential 
signals must be limited to values which prevent saturation of either Al or A2. In the 
example, the op amps remain linear to within 0.1 V of the supply rails, and their upper 
and lower output limits are designated Voy and Vox, respectively. These saturation 
voltage limits would be typical for a single-supply, rail-rail output op amp (such as the 
AD822, for example). 


Using the Fig. 2.18 equations, the voltage at V; must fall between 1.3 V and 2.4 V to 
prevent Al from saturating. Notice that Vrrr is connected to the average of Vou and Vor 
(2.5 V). This allows for bipolar differential input signals with Vour referenced to +2.5 V. 


A high gain (G = 100) single-supply two op amp in-amp configuration is shown below in 
Figure 2.19. Using the same equations, note that voltage at V; can now swing between 
0.124 V and 4.876 V. Vreris again 2.5 V, to allow for bipolar input and output signals. 


R2 ae 
990kQ a ViMIN 2 = (G —1)Vo. + Vrer| > 0.124V 

Ver 6 2.5V - 
vi max< = (G - 1)Von + Ve < 4.876V 

Vaer= Vout VOL. » sy ; 


Vou-V 
M@ lv.-Valmax < eG < 0.048v 


Figure 2.19: Two Op Amp In-Amp Single-Supply Restrictions 
for V; = +5V, G = 100 


All of these discussions show that the conventional two op amp in-amp architecture is 
fundamentally limited, when operating from a single power supply. These limitations can 
be viewed in one sense as a restraint on the allowable input CM range for a given gain. 
Or, alternately, it can be viewed as limitation on the allowable gain range, for a given CM 
input voltage. 
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In summary, regardless of gain, the basic structure of the common two op amp in-amp 
does not allow for CM input voltages of zero when operated on a single-supply. The only 
route to removing these restrictions for single-supply operation is to modify the in-amp 
architecture. 
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In-Amp DC Error Sources 


The dc and noise specifications for in-amps differ slightly from conventional op amps, so 
some discussion is required in order to fully understand the error sources. 


The gain of an in-amp is usually set by a single resistor. If the resistor is external to the 
in-amp, its value is either calculated from a formula or chosen from a table on the data 
sheet, depending on the desired gain. 


Absolute value laser wafer trimming allows the user to program gain accurately with this 
single resistor. The absolute accuracy and temperature coefficient of this resistor directly 
affects the in-amp gain accuracy and drift. Since the external resistor will never exactly 
match the internal thin film resistor tempcos, a low TC (<25ppm/°C) metal film resistor 
should be chosen, preferably with a 0.1% or better accuracy. 


Often specified as having a gain range of | to 1000, or 1 to 10,000, many in-amps will 
work at higher gains, but the manufacturer will not guarantee a specific level of 
performance at these high gains. In practice, as the gain-setting resistor becomes smaller, 
any errors due to the resistance of the metal runs and bond wires become significant. 
These errors, along with an increase in noise and drift, may make higher single-stage 
gains impractical. In addition, input offset voltages can become quite sizable when 
reflected to output at high gains. For instance, a 0.5 mV input offset voltage becomes 5 V 
at the output for a gain of 10,000. For high gains, the best practice is to use an in-amp as 
a preamplifier, then use a post amplifier for further amplification. 


In a pin-programmable-gain in-amp such as the AD621, the gain-set resistors are 
internal, well matched, and the device gain accuracy and gain drift specifications include 
their effects. The AD621 is otherwise generally similar to the externally gain- 
programmed AD620. 


The gain error specification is the maximum deviation from the gain equation. 
Monolithic in amps such as the AD624C have very low factory-trimmed gain errors, with 
its maximum error of 0.02% at G = 1 and 0.25% at G = 500 being typical for this high 
quality in-amp. Notice that the gain error increases with increasing gain. Although 
externally connected gain networks allow the user to set the gain exactly, the temperature 
coefficients of the external resistors and the temperature differences between individual 
resistors within the network all contribute to the overall gain error. If the data is 
eventually digitized and presented to a digital processor, it may be possible to correct for 
gain errors by measuring a known reference voltage and then multiplying by a constant. 


Nonlinearity is defined as the maximum deviation from a straight line on the plot of 
output versus input. The straight line is drawn between the end-points of the actual 
transfer function. Gain nonlinearity in a high quality in-amp is usually 0.01% (100 ppm) 
or less, and is relatively insensitive to gain over the recommended gain range. 
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The total input offset voltage of an in-amp consists of two components (see Figure 2.20). 
Input offset voltage, Vosr, is the input offset component that is reflected to the output of 
the in-amp by the gain G. Output offset voltage, Voso, is independent of gain. 


At low gains, output offset voltage is dominant, while at high gains input offset 
dominates. The output offset voltage drift is normally specified as drift at G = 1 (where 
input effects are insignificant), while input offset voltage drift is given by a drift 
specification at a high gain (where output offset effects are negligible). 


The total output offset error, referred to the input (RTI), is equal to Vosi + Voso/G. In- 
amp data sheets may specify Vos and Voso separately, or give the total RTI input offset 
voltage for different values of gain. 


Rg/2 AR, ost Rg 


HM ilos= lest. 
| . Voso 
OFFSET (RTI) = ~°S° + V5, +IpARs +Igg(Rg + ARs) 


ME OFFSET (RTO) = Vogo + 6 Vos + IpARg +log(Rg + ARs) 


Figure 2.20: In-Amp Offset Voltage Model 


Input bias currents may also produce offset errors in in-amp circuits (Fig. 2.20, again). If 
the source resistance, Rs, is unbalanced by an amount, ARs, (often the case in bridge 
circuits), then there is an additional input offset voltage error due to the bias current, 
equal to IpARs (assuming that Ip; ~ Ip_ = Ip). This error is reflected to the output, scaled 
by the gain G. 


The input offset current, Ios, creates an input offset voltage error across the source 
resistance, RstARs, equal to Ios(Rs+ARs), which is also reflected to the output by the 
gain, G. 


In-amp common-mode error is a function of both gain and frequency. Analog Devices 
specifies in-amp CMR for a 1 kO source impedance unbalance at a frequency of 60 Hz. 


2.23 


[Ci BASIC LINEAR DESIGN 


The RTI common-mode error is obtained by dividing the common-mode voltage, Vcm, 
by the common-mode rejection ratio, CMRR. 


Figure 2.21 shows the CMR for the AD620 in-amp as a function of frequency, with a 
1 kQ source impedance imbalance. 
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Figure 2.21: AD620 In-Amp Common-Mode Rejection (CMR) 
vs. Frequency for 1kQ Source Imbalance 


Power supply rejection (PSR) is also a function of gain and frequency. For in-amps, it is 
customary to specify the sensitivity to each power supply separately, as shown in Figure 
2.22 for the AD620. The RTI power supply rejection error is obtained by dividing the 
power supply deviation from nominal by the power supply rejection ratio, PSRR. 


Because of the relatively poor PSR at high frequencies, decoupling capacitors are 
required on both power pins to an in-amp. Low inductance ceramic capacitors (0.01 uF to 
0.1 uF) are appropriate for high frequencies. Low ESR electrolytic capacitors should also 
be located at several points on the PC board for low frequency decoupling. 
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Figure 2.22: AD620 In-Amp Power Supply Rejection (PSR) vs. Frequency 


Note that these decoupling requirements apply to all linear devices, including op amps 
and data converters. Further details on power supply decoupling are found in Chapter 7. 


Now that all de error sources have been accounted for, a worst-case dc error budget can 
be calculated by reflecting all the sources to the in-amp input, as is illustrated by the table 
of Figure 2.23. 


ERROR SOURCE RTI VALUE 
Gain Accuracy (ppm) Gain Accuracy x FS Input 
Gain Nonlinearity (ppm) Gain Nonlinearity x FS Input 
Input Offset Voltage, Vog; Vosi 
Output Offset Voltage, Voso VosozG 
Input Bias Current, Ip, Flowing in ARg IRARs 
Input Offset Current, log, Flowing in Rg los(Rs + ARs) 
Common Mode Input Voltage, Vojyq Vom 7 CMRR 
Power Supply Variation, AV AVg + PSRR 


Figure 2.23: In-Amp DC Errors Referred to the Input (RTI) 


It should be noted that the dc errors can be referred to the in-amp output (RTO), by 
simply multiplying the RTI error by the in-amp gain. 
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In-Amp Noise Sources 


Since in-amps are primarily used to amplify small precision signals, it is important to 
understand the effects of all the associated noise sources. The in-amp noise model is 
shown in Figure 2-24. 


There are two sources of input voltage noise. The first is represented as a noise source, 
Vwi in series with the input, as in a conventional op amp circuit. This noise is reflected to 
the output by the in-amp gain, G. The second noise source is the output noise, Vno, 
represented as a noise voltage in series with the in-amp output. The output noise, shown 
here referred to as Vour, can be referred to the input by dividing by the gain, G. 


There are also two noise sources associated with the input noise currents Iy+ and Iy_. 
Even though In; and Iy_ are usually equal (Inv = In- = In), they are uncorrelated, and 
therefore, the noise they each create must be summed in a root-sum-squares (RSS) 
fashion. In; flows through one half of Rs, and Iy_ the other half. This generates two noise 
voltages, each having an amplitude, IyRs/2. Each of these two noise sources is reflected 
to the output by the in-amp gain, G. 


Rg/2 
IF Ig = ly. 


Vint In7Rg? 
MI NOISE (RTI) = BW: —s oye toe 


HE NOISE (RTO) = 2p 2 
( ) \BWe Vno2 + G4] Vii? + In“Rs 
2 


Mi BW = 1.57 = IN-AMP Bandwidth @ Gain=G 


Figure 2.24: In-Amp Noise Model 
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The total output noise is calculated by combining all four noise sources in an RSS 
manner: 


ae) ae 
NOISE (RTO) = VBW vio? +0°| yur? + BARS, INSTR") Eq. 2-6 
If In+ = In_- = In, 
Uae Te 2, IN?Rs? 
NOISE (RTO) = VBW_|VNQ~ +G*| VI ae eae Eq. 2-7 


The total noise, referred to the input (RTI) is simply the above expression divided by the 
in-amp gain, G: 


2 re, 
NOISE (RTI) = BW wo? {vy ack Eq. 2-8 
G 


In-amp data sheets often present the total voltage noise RTI as a function of gain. This 
noise spectral density includes both the input (Vnq) and output (Vno) noise contributions. 
The input current noise spectral density is specified separately. 


As in the case of op amps, the total in-amp noise RTI must be integrated over the 
applicable in-amp closed-loop bandwidth to compute an rms value. The bandwidth may 
be determined from data sheet curves that show frequency response as a function of gain. 


Regarding this bandwidth, some care must be taken in computing it, as it is often not 
constant bandwidth product relationship, as is true with VFB op amps. In the case of the 
AD620 in-amp family, for example, the gain-bandwidth pattern is more like that of a 
CFB op amp. In such cases, the safest way to predict the bandwidth at a given gain is to 
use the curves supplied within the data sheet. 
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In-Amp Bridge Amplifier Error Budget Analysis 


It is important to understand in-amp error sources in a typical application. Figure 2.25 
shows a 350 Q load cell with a full-scale output of 100 mV when excited with a 10 V 
source. The AD620 is configured for a gain of 100 using the external 499 © gain-setting 
resistor. The table shows how each error source contributes to a total unadjusted error of 
2145 ppm. Note, however, that the gain, offset, and CMR errors can all be removed with 
a system calibration. The remaining errors—gain nonlinearity and 0.1 Hz to 10 Hz 
noise— cannot be removed with calibration and ultimately limit the system resolution to 


42.8 ppm (approximately 14-bit accuracy). 


This example is of course just an illustration, but should be useful regarding the 
importance of addressing performance-limiting errors such as gain nonlinearity and LF 


noise. 


4990 


3500, 100mV FS 
LOAD CELL 


AD620B SPECS @ +25°C, +15V 
Vosit Voso/G = 55yuV max 
los = 0.5nA max 

Gain Error = 0.15% 

Gain Nonlinearity = 40ppm 
0.1Hz to 10Hz Noise = 280nVp-p 
CMR = 120dB @ 60Hz 


MAXIMUM ERROR CONTRIBUTION, +25°C 
FULLSCALE: Vy = 100mV, Voyz = 10V 


55uV = 100mV 550ppm 
awe 3500 x 0.5nA +100mV| 1.8ppm 
| Gainerror | 0.15% | 1500ppm 


Gain 40ppm 
Nonlinearity 


CMR Error 


40ppm 


120dB 
1ppm x 5V + 100mV 50ppm 


0.1Hz to 10Hz is 
4If Noise 280nV + 100mV 2.8ppm 


Total 
Unadjusted 
Error 


= 14 Bits Accurate 42.8ppm 
Error 


= 9 Bits Accurate 2145ppm 


Figure 2.25: AD620B Bridge Amplifier DC Error Budget 
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In-Amp Input Overvoltage Protection 


In their typical application as interface amplifiers for data acquisition systems, in-amps 
are often subjected to input overloads, i.e., voltage levels in excess of the full scale for the 
selected gain range. The manufacturer’s “absolute maximum” input ratings for the device 
should be closely observed. As with op amps, many in-amps have absolute maximum 


input voltage specifications equal to +Vs. 


In some cases, external series resistors (for current limiting) and diode clamps may be 
used to prevent overload, if necessary (see Figure 2.26). Some in-amps have built-in 
overload protection circuits in the form of series resistors. For example, the AD620 series 
have thin film resistors, and the substrate isolation they provide allows input voltages that 
can exceed the supplies. Other devices use series-protection FETs, for example, the 
AMP02 and the AD524, because they act as a low impedance during normal operation, 
and a high impedance during overvoltage fault conditions. In any instance, however, 
there are always finite safe limits to applied overvoltage (Fig. 2.26, again). 


OUTPUT 


Always Observe Absolute Maximum Data Sheet Specs! 

Schottky Diode Clamps to the Supply Rails Will Limit 

Input to Approximately tVg £0.3V, TVSs Limit Differential Voltage 

@ External Resistors (or Internal Thin-Film Resistors) Can Limit 
Input Current, but will Increase Noise 

@ Some In-Amps Have Series-Protection Input FETs for Lower Noise 

and Higher Input Over-Voltages (up to +60V, Depending on Device) 


Figure 2.26: In-Amp Input Overvoltage Considerations 


In some instances, an additional Transient Voltage Suppressor (TVS) may be required 
across the input pins to limit the maximum differential input voltage. This is especially 
applicable to three op amp in-amps operating at high gain with low values of Rg. 


A more detailed discussion of input overvoltage and EMI/RFI protection can be found in 
Chapter 11 of this book. 
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OTHER LINEAR CIRCUITS 
DIFFERENTIAL AMPLIFIERS 


SECTION 2.4: DIFFERENTIAL AMPLIFIERS 


Many high performance ADCs are now being designed with differential inputs. A fully 
differential ADC design offers the advantages of good CM rejection, reduction in second- 
order distortion products, and simplified dc trim algorithms. Although they can be driven 
single-ended, a fully differential driver usually optimizes overall performance. 


One of the most common ways to drive a differential input ADC is with a transformer. 
However, there are many applications where the ADCs cannot be driven with 
transformers because the frequency response must extend to dc. In these cases, 
differential drivers are required. 


A block diagram of the AD813X family of fully differential amplifiers optimized for 
ADC driving is shown in Figure 2.27 (see References 3-5). Figure 2.27A shows the 
details of the internal circuit, and Figure 2.27B shows the equivalent circuit. The gain is 
set by the external Rp and Rg resistors, and the CM voltage is set by the voltage on the 
Voc pin. The internal CM feedback forces the Vour:+ and Vour- outputs to be balanced, 
i.e., the signals at the two outputs are always equal in amplitude but 180° out of phase per 
the equation, 


Vocm =(VoutT+ + Vout-)/2 Eq. 2-9 


> Vout- 


Oo * + 
Vy. Re I 
> ® = Vocm 


> Vout+ 
Re 
(B) EQUIVALENT CIRCUIT: 
Vine Re 
NN > Vout 
R (~) Rg 
GAIN = — W > Vouts 
Rg Vine R 
Vocm eae) 


Figure 2.27: AD813x Differential ADC Driver Functional Diagram and 
Equivalent Circuit 
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The circuit can be used with either a differential or a single-ended input, and the voltage 
gain is equal to the ratio of Rg to Ra. 


If a buffered differential voltage output is required from a current output DAC, the 
AD813x-series of differential amplifiers can be used as shown in Figure 2.28. 


—_> 
0 TO 20mA 
0 TO +0.5V oe 
A 
OUT 
250 5V p-p 
DIFFERENTIAL 
- OUTPUT 
4990 
A; 
20 TO OmA 
+0.5 TO OV 250 


Vocm 


Figure 2.28: Buffering High Speed DACs Using AD813x Differential Amplifier 


The DAC output current is first converted into a voltage that is developed across the 25 Q 
resistors. The voltage is amplified by a factor of 5 using the AD813x. This technique is 
used in lieu of a direct I/V conversion to prevent fast slewing DAC currents from 
overloading the amplifier and introducing distortion. Care must be taken so that the DAC 
output voltage is within its compliance rating. 


The Voc input on the AD813x can be used to set a final output CM voltage within the 
range of the AD813x. If transmission lines are to be driven at the output, adding a pair of 


75 QO resistors will allow this. 


Note also that these amplifiers can be used with single-ended inputs as well. Grounding 
one of the inputs turns these amplifiers into single-ended-to-differential converters. 
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SECTION 2.5: ISOLATION AMPS 


Analog Isolation Techniques 


There are many applications where it is desirable, or even essential, for a sensor to have 
no direct (“galvanic”) electrical connection with the system to which it is supplying data. 
This might be in order to avoid the possibility of dangerous voltages or currents from one 
half of the system doing damage in the other, or to break an intractable ground loop. Such 
a system is said to be “isolated” and the arrangement that passes a signal without galvanic 
connections is known as an isolation barrier. 


The protection of an isolation barrier works in both directions, and may be needed in 
either, or even in both. The obvious application is where a sensor may encounter high 
voltages, such as monitoring the current in an ac induction motor, and the system it is 
driving must be protected. Or a sensor may need to be isolated from accidental high 
voltages arising downstream, in order to protect its environment: examples include the 
need to prevent the ignition of explosive gases by sparks at sensors and the protection 
from electric shock of patients whose ECG, EEG, or EMG is being monitored. The ECG 
case is interesting, as protection may be required in both directions: the patient must be 
protected from accidental electric shock, but if the patient’s heart should stop, the ECG 
machine must be protected from the very high voltages (>7.5 kV) applied to the patient 
by the defibrillator which will be used to attempt to restart it. 


Just as interference, or unwanted information, may be coupled by electric or magnetic 
fields, or by electromagnetic radiation, these phenomena may be used for the 
transmission of wanted information in the design of isolated systems. 


The most common isolation amplifiers use transformers, which exploit magnetic fields, 
and another common type uses small high voltage capacitors, exploiting electric fields. 
Optoisolators, which consist of an LED and a photocell, provide isolation by using light, 
a form of electromagnetic radiation. Different isolators have differing performance: some 
are sufficiently linear to pass high accuracy analog signals across an isolation barrier. 
With others, the signal may need to be converted to digital form before transmission for 
accuracy is to be maintained (note this is a common V/F converter application). 


Transformers are capable of analog accuracy of 12 bits to 16 bits and bandwidths up to 
several hundred kHz, but their maximum voltage rating rarely exceeds 10 kV, and is 
often much lower. Capacitively-coupled isolation amplifiers have lower accuracy, 
perhaps 12-bits maximum, lower bandwidth, and lower voltage ratings—but they are low 
cost. Optical isolators are fast and cheap, and can be made with very high voltage ratings 
(4 kV to 7 kV is one of the more common ratings), but they have poor analog domain 
linearity, and are not usually suitable for direct coupling of precision analog signals. 


Linearity and isolation voltage are not the only issues to be considered in the choice of 
isolation systems. Operating power is, of course, essential. Both the input and the output 
circuitry must be powered, and unless there is a battery on the isolated side of the 
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isolation barrier (which is possible, but rarely convenient), some form of isolated power 
must be provided. Systems using transformer isolation can easily use a transformer 
(either the signal transformer or another one) to provide isolated power, but it is 
impractical to transmit useful amounts of power by capacitive or optical means. Systems 
using these forms of isolation must make other arrangements to obtain isolated power 
supplies— this is a powerful consideration in favor of choosing transformer isolated 
isolation amplifiers: they almost invariably include an isolated power supply. 


The isolation amplifier has an input circuit that is galvanically isolated from the power 
supply and the output circuit. In addition, there is minimal capacitance between the input 
and the rest of the device. Therefore, there is no possibility for dc current flow, and 
minimum ac-coupling. Isolation amplifiers are intended for applications requiring safe, 
accurate measurement of low frequency voltage or current (up to about 100 kHz) in the 
presence of high common-mode voltage (to thousands of volts) with high common-mode 
rejection. They are also useful for line-receiving of signals transmitted at high impedance 
in noisy environments, and for safety in general-purpose measurements, where dc and 
line-frequency leakage must be maintained at levels well below certain mandated 
minimums. Principal applications are in electrical environments of the kind associated 
with medical equipment, conventional and nuclear power plants, automatic test 
equipment, and industrial process control systems. 


AD210 3-Port Isolator 


A basic form of isolator is the three-port isolator (input, power, output all isolated) is 
shown in Figure 2.29. Note that in this diagram, the input circuits, output circuits, and 
power source are all isolated from one another. This figure represents the circuit 
architecture of a self-contained isolator, the AD210 (see References | and 2). 


An isolator of this type requires power from a two-terminal dc power supply (PWR, 
PWR COM). An internal oscillator (50 kHz) converts the dec power to ac, which is 
transformer-coupled to the shielded input section, then converted to dc for the input stage 
and the auxiliary power output. The output current capability of this output is typically 
limited to +15 mA. 


The ac carrier is also modulated by the input stage amplifier output, transformer-coupled 
to the output stage, demodulated by a phase-sensitive demodulator (using the carrier as 
the reference), filtered, and buffered using isolated dc power derived from the carrier. 


The AD210 allows the user to select gains from | to 100, using external resistors with the 


input section op amp. Bandwidth is 20 kHz, and voltage isolation is 2500 V rms 
(continuous) and + 3500 Vpgax (continuous). 
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Figure 2.29: AD210 3-Port Isolation Amplifier 


The AD210 is a 3-port isolation amplifier, thus the power circuitry is isolated from both 
the input and the output stages and may therefore be connected to either (or to neither), 
without change in functionality. It uses transformer isolation to achieve 3500 V isolation 
with 12-bit accuracy. 


Motor Control Isolation Amplifier 


HIGH VOLAGE 
AC INPUT < 2500V RMS 


OUTPUT 


m1 
ee OUTPUT 
FILTER O Vo 


0.010 6250 


FOR G = 100 


Figure 2.30: Motor Control Current Sensing 


A typical isolation amplifier application using the AD210 is shown in Figure 2.30. The 
AD210 is used with an AD620 instrumentation amplifier in a current-sensing system for 
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motor control. The input of the AD210, being isolated, can be directly connected to a 
110 V or 230 V power line without protection being necessary. The input section’s 
isolated +15 V powers the AD620, which senses the voltage drop in a small value current 
sensing resistor. The AD210 input stage op amp is simply connected as a unity-gain 
follower, which minimizes its error contribution. The 110 V rms or 230 V rms common- 
mode voltage is ignored by this isolated system 


Within this system the AD620 preamp is used as the system scaling control point, and 
will produce and output voltage proportional to motor current, as scaled by the sensing 
resistor value and gain as set by the AD620’s Rg. The AD620 also improves overall 
system accuracy, as the AD210 Vos is 15 mV, versus the AD620’s 30 uV (with less drift 
also). Note that if higher dc offset and drift are acceptable, the AD620 may be omitted 
and the AD210 connected at a gain of 100. 


Optional Noise Reduction Post Filter 


Due to the nature of this type of carrier-operated isolation system, there will be certain 
operating situations where some residual ac carrier component will be superimposed 
upon the recovered output dc signal. When this occurs, a low impedance passive RC filter 
section following the output stage may be used (if the following stage has a high input 
impedance, 1.e., nonloading to this filter). Note that will be the case for many high input 
impedance sampling ADCs, which appear essentially as small capacitors. A 150 Q 
resistance and 1 nF capacitor will provide a corner frequency of about 1kHz. Note also 
that the capacitor should be a film type for low errors, such as polypropylene. As an 
option an active filter may be utilized. Since the output of the filter is low impedance (the 
output of an op amp) it may be used where the low output is required. Also note that it 
may be possible to include the antialiasing requirement of the ADC into this filter. 


Two-Port Isolator 


A two port isolator differs from a three port isolator in that the power section is not 
isolated from the output section. The AD215 is an example of a high speed, two-port 
isolation amplifier, designed to isolate and amplify wide bandwidth analog signals (see 
Reference 3). The innovative circuit and transformer design of the AD215 ensures wide- 
band dynamic characteristics, while preserving dc performance specifications. An AD215 
block diagram is shown in Figure 2.31. 


The AD215 provides complete galvanic isolation between the input and output of the 
device, which also includes the user-available front-end isolated bipolar power supply. 
The functionally complete design, powered by a +15 V dec supply on the output side, 
eliminates the need for a user supplied isolated dc/de converter. This permits the designer 
to minimize circuit overhead and reduce overall system design complexity and 
component costs. 
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The AD215 has a+10 V input/output range, a specified gain range of 1 V/V to 10 V/V, a 
buffered output with offset trim and a user-available isolated front end power supply 
which produces +15 V de at +10 mA. 
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Figure 2.31: AD215 120 kHz Low Distortion 2-Port Isolation Amplifier 
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OTHER LINEAR CIRCUITS 
DIGITAL ISOLATION 


SECTION 2.6: DIGITAL ISOLATION TECHNIQUES 


While not a linear circuit, digital isolation is closely related to isolation amplifiers, so 
they will be discussed here. 


Analog isolation amplifiers find many applications where a high isolation is required, 
such as in medical instrumentation. Digital isolation techniques provide similar galvanic 
isolation, and are a reliable method of transmitting digital signals without ground noise. 


Vpp1 (5V) 4250. -----2-neoeoeoeo> bennesececeneneneey410KQ Va (5V) 
1 I T 


Vout 


VV GND, HIGH VOLTAGE GND2 
ISOLATION BARRIER 


Uses Light for Transmission Over a High Voltage Barrier 

The LED is the Transmitter, and the Phototransistor is the Receiver 
High Voltage Isolation: 5000V to 7000V RMS 

Non-Linear -- Best for Digital or Frequency Information 

Rise and Fall-times can be 10 to 20us in Slower Devices 


Example: Siemens ILQ-1 Quad (http://‘www.siemens.com) 


Figure 2.32: Digital lsolation Using LED / Phototransistor Opto-couplers 


Opto-couplers (also called opto-isolators) are useful and available in a wide variety of 
styles and packages. A typical opto-coupler based on an LED and a phototransitor is 
shown in Figure 2.32. A current of approximately 10 mA drives an LED transmitter, with 
light output is received by a phototransistor. The light produced by the LED saturates the 
phototransistor. Input/output isolation of 5000 V rms to 7000 V rms is common. 
Although fine for digital signals, opto-couplers are too nonlinear for most analog 
applications. In addition, the transfer characteristics of the opto-coupler changes with 
time. Also, since the phototransistor is often being saturated, response times can range 
from 10 ps to 20 us in slower devices, limiting high speed applications. 


A much faster opto-coupler architecture is shown in Figure 2.33 and is based on an LED 
and a photodiode. The LED is again driven with a current of approximately 10 mA. This 
produces a light output sufficient to generate enough current in the receiving photodiode 
to develop a valid high logic level at the output of the transtmpedance amplifier. Speed 
can vary widely between opto-couplers, and the fastest ones have propagation delays of 
20 ns typical, and 40 ns maximum, and can handle data rates up to 25 MBd for NRZ data. 
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This corresponds to a maximum square wave operating frequency of 12.5 MHz, and a 
minimum allowable passable pulse width of 40 ns. 
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Figure 2.33: Digital lsolation using LED / photodiode opto-couplers 


AD260/AD261 High Speed Logic Isolators 


The AD260/AD261 family of digital isolators operates on a principle of transformer- 
coupled isolation (see Reference 4). They provide isolation for five digital control signals 
to/from high speed DSPs, microcontrollers, or microprocessors. The AD260 also has a 
1.5 W transformer for a 3.5 kV rms isolated external dc/de power supply circuit. 
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Figure 2.34: AD260/AD261 digital isolators 
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Each line of the AD260 can handle digital signals up to 20 MHz (40 MBd) with a 
propagation delay of only 14 ns which allows for extremely fast data transmission. 
Output waveform symmetry is maintained to within +1 ns of the input so the AD260 can 
be used to accurately isolate time-based pulse width modulator (PWM) signals. 


A simplified schematic of one channel of the AD260/AD261 is shown in Figure 2.34. 
The data input is passed through a Schmitt trigger circuit, through a latch, and a special 
transmitter circuit which differentiates the edges of the digital input signal and drives the 
primary winding of a proprietary transformer with a set-high/set-low signal. 


The secondary of the isolation transformer drives a receiver with the same set-hi/set-low 
data, which regenerates the original logic waveform. An internal circuit operating in the 
background interrogates all inputs about every 5 us, and in the absence of logic 
transitions, sends appropriate set-hi/set-low data across the interface. Recovery time from 
a fault condition or at power-up is thus between 5 us and 10 us. 


The power transformer (available on the AD260) is designed to operate between 150 kHz 
and 250 kHz and will easily deliver more than 1 W of isolated power when driven push- 
pull (S V) on the transmitter side. Different transformer taps, rectifier and regulator 
schemes will provide combinations of +5 V, 15 V, 24 V, or even 30 V or higher. 


The transformer output voltage when driven with a low voltage-drop drive will be 

37 V p-p across the entire secondary with a 5 V push-pull drive. The availability of low 
cost digital isolators such as those previously discussed solves most system isolation 
problems in data acquisition systems as shown in Figure 2.35. In the upper example, 
digitizing the signal first, then using digital isolation eliminates the problem of analog 
isolation amplifiers. While digital isolation can be used with parallel output ADCs 
provided the bandwidth of the isolator is sufficient, it is more practical with ADCs that 
have serial outputs. This minimizes cost and component count. A 3-wire interface (data, 
serial clock, framing clock) is all that is required in these cases. 
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Figure 2.35: Practical application of digital isolation in data acquisition systems 
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An alternative (lower example) is to use a voltage-to-frequency converter (VFC) as a 
transmitter and a frequency-to-voltage converter (FVC) as a receiver. In this case, only 
one digital isolator is required. 


iCoupler® Technology 


In many industrial applications, such as process control systems or data acquisition and 
control systems, digital signals must be transmitted from various sensors to a central 
controller for processing and analysis. The controller then needs to transmit commands as 
a result of the analysis performed, coupled with user inputs to various actuators, to 
achieve certain operations. To maintain safety voltage at the user interface and to prevent 
transients from being transmitted from the sources, galvanic isolation is required. There 
are three commonly known classes of isolation devices: opto-couplers, capacitively 
coupled isolators, and transformer-based isolators. Opto-couplers rely on light emitting 
diodes to convert the electrical signals to light signals and on photodetectors to convert 
the light signals back to electrical signals. The intrinsic low conversion efficiencies for 
electrical light conversion and slow response photodetectors lead to opto-coupler 
limitations in terms of lifetime, speed, and power assumption. The capacitively coupled 
isolators have limitations in their size and ability to reject common-mode voltage 
transients, while the traditional transformer assembly based isolators are bulky and 
expensive. All these isolators are restricted, moreover, because of integrated circuit 
integration limitations and the fact that they often need hybrid packaging. 


Recently iCoupler, a new isolation technology based on chip scale transformers, was 
developed by Analog Devices. The first product was the ADuM1100 single-channel 
digital isolator. (Coupler technology leverages thick-film processing techniques to build 
microscale on-chip transformers and achieves thousands of volts of isolation on a chip. 


iCoupler isolated transformers can be monolithically integrated with standard silicon ICs 
and can be fabricated in single- or multichannel configurations. The bidirectional nature 
of inductive coupling further facilitates bidirectional signal transfer. The combination of 
high bandwidth for these on-chip transformers and fine scale CMOS circuitry leads to 
isolators of unmatched performance characteristics in power, speed, timing accuracy, and 
ease of use. 


ADuM1100 Architecture: A Single-Channel Digital Isolator 


The ADuM1100 is a single-channel 100 Mbps digital isolator. It has two ICs packaged in 
an 8-lead SOIC package. A cross-section view of the ADuM1100 is shown in 
Figure 2.36. There are two lead frame paddles inside the package, with a gap between 
them of about 0.4 mm. The molding compound has breakdown strength over 25 kV/mm, 
so the 0.4 mm gap filled with molding compound provides greater than 10 kV insulation 
between the substrates of two IC chips. 
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The driver chip sitting on the left paddle takes the input digital signal, encodes it, and 
drives the encoded differential signal through bond wires to the top coils of the 
transformers built on top of the receiver chip sitting on the right paddle. The driver die is 
a standard CMOS chip, and the receiver die is a CMOS chip with the additional 
structures of two polyimide layers and transformer primary coil fabricated on top of the 
passivation. The polyimide between the top and bottom coils is about 20 um thick. The 
breakdown strength of the cured polyimide film is greater than 300 V/m, so 20 um of 
polyimide provides greater than 6 kV of insulation between a given transformer’s coils. 
This provides a comfortable margin over the production test voltage of 3 kV rms. 


TOP COIL 
BOTTOM COIL 


POLYIMIDE 
LAYERS 


(a) (b) 
Figure 2.36: Cross-sectional view of ADUM1100 in an 8-lead SOIC package; 
Figure b. Cross-sectional view of the top coil and polyimide layers 


Because of the structural quality of these wafer processed polyimide films, no partial 
discharge over 5 pC can be detected, even at 3 kV rms. The top coil is gold plated, with a 
4 um thick layer, and the coil track width and spacing between the turns are all 4 um. The 
polyimide layers have good mechanical elongation and tensile strength, which also helps 
the adhesion between the polyimide layers or between polyimide layer and deposited 
metal layer. The minimum interaction between the gold film and the polyimide film, 
coupled with high temperature stability of the polyimide film, results in a system that 
provides reliable insulation when subjected to various types of environmental stress. 


In addition to the fact that thousands of volts of isolation can be achieved on-chip, the 
ADuM110 also makes it possible to transmit very high bandwidth signals very 
efficiently, accurately, and reliably. Figure 2.37 is a simplified schematic of the 
ADuM1100. To guarantee input stability, the front glitch filter filters out pulses narrower 
than a pulse width of approximately 2 ns. Upon the receipt of a signal edge, a | ns pulse 
is sent to either Coil 1 or Coil 2. (For a leading edge signal it is sent to Coil 1, and for a 
falling edge signal to Coil 2.) Once the short pulses are transmitted to the secondary coils 
(the bottom coils in this case), they are amplified and the input signal is reconstructed 
through an SR flip-flop to appear as an isolated output. The wide bandwidth of these 
microscale transformers and high speed CMOS make the transmission of these short 
nanosecond pulses possible. Since only signal edges are being used, this transmission 
scheme is very power efficient. With a very energetic pulse having a current ramping to 
100 mA within 1 ns, the average current for a 1 Mbps input signal is only 50 pA. Some 
additional power is dissipated by the switching of the surrounded CMOS gates. At 5 V, 
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an additional 50 »A/Mbps is needed if the total capacitance of the CMOS gates is 20 pF. 
The typical opto-coupler, on the other hand, dissipates over 10 mA, even operating at 

1 Mbps. This represents two orders of magnitude (100x) improvement in power 
dissipation provided by iCoupler isolators. 


If there is no input change for a certain period of time, approximately 1 us, the 
monostable generates a | ns pulse and sends it to Coil 1 or Coil 2, depending on the input 
logic level. The 1 ns refreshing pulse is sent to Coil 1 if input is high and is sent to Coil 2 
if input is low. This helps maintain de correctness for the isolator because normally 
pulses are transmitted only on reception of a signal edge. The receiver includes a 
watchdog circuit that will timeout at 2 us if it is not reset by an incoming pulse. If a 
timeout happens, the receiver output will return to a default safe level (logic high in the 
ADuM1100). The combination of refresh and watchdog functions provides the additional 
advantage of detecting the failure of any field device on the system side. With other 
isolators, this would ordinarily require the use of an extra isolated data channel. 


The bandwidth of the isolator is dependent on the input filter bandwidth within. For 
example, 500 Mbps can be achieved with a 2 ns input filter. For the ADuM1100, we 
chose a signal bandwidth of 100 MBad, still 2< faster than the fastest opto-couplers. Very 
tight edge symmetry between input and output logic signals is also preserved due to the 
instantaneous nature of the inductive coupling between these microscale on-chip coils. 


The ADuM1100 has edge symmetry of better than 2 ns for 5 V operation. As the 
bandwidth of isolation systems continues to expand, the iCoupler technology will be 
capable of meeting the challenge while opto-coupler technology is likely to struggle. 


dns 
aaa | [= SET_HI SPULE 1 


var va 
S| Ry Vv 


— - Clea 
ASTABLE DIFF 


REFRESH 


TIME OUT 


: 
DIFF WATCHDOG 


vey 
Figure 2.37: ADuM1100 Simplified Schematic 
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In addition to the improvements in efficiency and bandwidth iCoupler technology 
provides, it also offers a more robust and reliable isolation solution than competitive 
offerings. Because high voltage transients are present in many data acquisition and 
control systems, the ability of the isolator to prevent transients from affecting the logic 
controller is very important. High performance opto-couplers have transient immunity of 
less than 10 kV/us, while the ADuM1100 has a transient immunity better than 25 kV/ps. 
The induced error voltage at the receiver input induced by an input-output transient is 
given by: 
v= c#R LV Eq. 2-10 
dt 

where: 

C is the capacitance between the input coil and the receiver coil 

R is the resistance of the bottom coil 

dV/dt is the magnitude of the transient 


In the ADuM1100, the capacitance between the top (input) coil and the bottom (receiver) 
coil is only 0.2 pF, while the bottom coil has a resistance of 80 Q. Thus the error signal 
induced on the bottom coil by a 25 kV/us transient on the top coil is only 0.4 V, much 
less than the receiver detection threshold. The transient immunity of iCoupler isolators 
can be optimized through careful selection of the decoder detection threshold, the 
resistance of the receiving coil, and, of course, the capacitance between the top and 
bottom coils. 


One recurring question about transformer-based isolators involves their magnetic 
immunity capability. Since iCouplers use air core technology, no magnetic components 
are present and the problem of magnetic saturation for the core material does not exist. 
Therefore, ‘Couplers have essentially infinite dc field immunity. The limitation on the 
ADuM1100’s ac magnetic field immunity is set by the condition in which the induced 
error voltage in the receiving coil (the bottom coil in this case) is made sufficiently large, 
either to falsely set or reset the decoder. The voltage induced across the bottom coil is 
given by: 


v= Blam, n= 1,2,...N Eg. 2-11 


where: 
f= magnetic flux density (Gauss) 
N= number of turns in receiving coil 
rn = radius of nth turn in receiving coil (cm) 


Because of the very small geometry of the receiving coil in the ADuM1100, even a wire 
carrying 1000 A at 1 MHz and positioned only 1 cm away from the ADuM1100 would 
not induce an error voltage large enough to falsely trigger the decoder. Note that at 
combinations of strong magnetic field and high frequency, any loops formed by printed 
circuit board traces could induce error voltages sufficiently large to trigger the thresholds 
of succeeding circuitry. Typically the PC board design rather than the isolator itself is the 
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limiting factor in the presence of such big magnetic transients. In addition to magnetic 
immunity, the level of electromagnetic radiation emitted from the iCoupler device is a 
concern. Using far-field approximation: 


P= 16017I?=r,4; n= 1,2,...,N Eq. 2-12 


where: 
P = total radiated power 
Z=coil loop current 


Again, given the very small geometry of the coils, the total radiated power is still less 
than 50 pW, even if the part is operating at 0.5 GHz. 


ADuM130x/ADuM140x: Multichannel Products 


In addition to the many performance improvements discussed previously, iCoupler 
technology also offers tremendous advantages in terms of integration. The optical 
interference makes the realization of multichannel opto-couplers very difficult. 


Transformers based on iCoupler technology can be easily integrated onto a single chip. 
Furthermore, one data channel can transmit signals in one direction, say from the top coil 
to the bottom coil, while the neighboring channel can transmit a signal in the other 
direction, from the bottom coil to the top coil. The bidirectional nature of inductive 
coupling makes this possible. 


Additional products consist of five 3-channel and 4-channel products covering all 
possible channel directionality configurations. Besides providing flexible channel 
configurations, they support both 3 V and 5 V operation at either side of the isolation 
barrier and support the use of these isolators as level translators. One side could be at 
2.7 V, for example, while the other side could be at 5.5 V. The edge symmetry of 2 ns is 
preserved over all possible supply configurations at all temperatures from —40°C to 
+100°C. The ability to mix bidirectional channels of isolation in a single package enables 
users to reduce the size and cost of their systems. 


For the ADuM1100, two transformers are used to transmit a single channel of data. One 
is dedicated to transmit pulses representing the signal’s leading edge or updating input 
high, and the other is dedicated to transmit pulses representing the signal’s falling edge or 
updating input low. For the ADuM130x/ADuM140x product family, a single transformer 
is used for each data channel. The ADuM140x shown in Figure 2.38 has four 
transformers in total. The leading edge and falling edge are encoded differently, and the 
encoded pulses are combined in the same transformer; as a result, the receiver has 
responsibility for decoding the pulses to see whether they are for leading edge or falling 
edge. The output signal is then reconstructed correspondingly. 


Of course, there is a penalty for using a single transformer per data channel rather than 
using two transformers per data channel. The propagation delay is longer for the single 
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transformer architecture because of the additional encode and decode time needed. The 
penalty for bandwidth is hardly a factor, even at input speed of 100 Mbps. 


In contrast to the ADuM1100, the ADuM130x/ADuM140x uses a dedicated transformer 
chip, separate from the receiver integrated circuit. This partitioning exemplifies the ease 
of integration for iCoupler technology. Besides standalone multichannel isolators, the 
iCoupler technology can be embedded with other data acquisition and control ICs to 
make the use of isolation even more transparent. Consequently, in the future, system 
designers will be able to devote their time to improving system functionality, rather than 
worrying about isolation. 


Figure 2.38: ADuM140xX Die Photograph 
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Figure 2.39: Block Diagrams for the ADuM1400 (a), ADuM1401 (b) 
and ADuM1402 (c) 
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SECTION 2.7: ACTIVE FEEDBACK AMPLIFIERS 


The AD8129/AD8130 differential line receivers, along with their predecessor, the 
AD830, utilize a novel amplifier topology called active feedback (see Reference 8). A 
simplified block diagram of these devices is shown below in Figure 2.40. 


The AD830 and the AD8129/AD8130 have two sets of fully differential inputs, available 
at Vxi— Vx2 and Vy1— Vyz, respectively. Internally, the outputs of the two GM stages are 
summed and drive a buffer output stage. 


In this device the overall feedback loop forces the internal currents Ix and Iy to be equal. 
This condition forces the differential voltages Vx; — Vx2 and Vy; — Vy2 to be equal and 
opposite in polarity. Feedback is taken from the output back to one input differential pair, 
while the other pair is driven directly by an input differential input signal. 


R1 Feedback Forces ly=ly —”. Vx4— Vx =— (Vyq — Vy) = Vy2 


= R2 
Vout = E $ Ba | Vy2 
= R2 
Vout = E z Ba | Vi Vy 


Figure 2.40: The AD830/AD8129/AD8130 Active Feedback Amplifier Topology 


An important point of this architecture is that high CM rejection is provided by the two 
differential input pairs, so CMR is not dependent on resistor bridges and their associated 
matching problems. The inherently wideband balanced circuit and the quasi-floating 
operation of the driven input provide the high CMR, which is typically 100 dB at de. 
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One way to view this topology is as a standard op amp in a noninverting mode with a pair 
of differential inputs in place of the op amps standard inverting and noninverting inputs. 
The general expression for the stage’s gain “G” is like a noninverting op amp, or: 


Vv 
Ge OEr ge Eq. 2-13 
VIN Rl 


As should be noted, this expression is identical to the gain of a noninverting op amp 
stage, with R2 and R1 in analogous positions. 


The AD8129 is a low noise, high gain (G = 10 or greater) version of this family, intended 
for applications with very long cables where signal attenuation is significant. The related 
AD8130 device is stable at a gain of one. It is used for those applications where lower 
gains are required, such as a gain-of-2, for driving source and load terminated cables. 


The AD8129 and AD8130 have a wide power supply range, from single +5 V to +12 V, 
allowing wide common-mode and differential-mode voltage ranges. The wide common- 
mode range enables the driver/receiver pair to operate without isolation transformers in 
many systems where the ground potential difference between driver and receiver 
locations is several volts. Both devices include a logic-controlled power-down function. 


Both devices have high, balanced input impedances, and achieve 70 dB CMR @ 
10 MHz, providing excellent rejection of high-frequency common-mode signals. 
Figure 2.41 shows AD8130 CMR for various supplies. As can be noted, it can be as high 
as 95 dB at 1 MHz, an impressive figure considering that no trimming is required. 
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Figure 2.41: AD8130 Common-Mode Rejection vs. Frequency 
for 2.5 V, +5 V, and +12 V Supplies 
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The typical 3 dB bandwidth for the AD8129 is 200 MHz, while the 0.1 dB bandwidth is 
30 MHz in the SOIC package, and 50 MHz in the wSOIC package. The conditions for 
these specifications are for Vs = +5 V and G= 10. 


The typical 3 dB bandwidth for the AD8130 is 270 MHz, and the 0.1 dB bandwidth is 
45 MHz, in either package. The conditions for these specifications are for Vs = +5 V and 
G = 1. Typical differential gain and phase specifications for the AD8130 for G = 2, 
Vs =+5 V, and Ry = 150 © are 0.13 % and 0.15°, respectively. 
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Notes: 
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SECTION 2.8: LOGARITHMIC AMPLIFIERS 


The term “logarithmic amplifier” (generally abbreviated “log amp’) is something of a 
misnomer, and “Logarithmic Converter” would be a better description. The conversion of 
a signal to its equivalent logarithmic value involves a nonlinear operation, the 
consequences of which can be confusing if not fully understood. It is important to realize 
that many of the familiar concepts of linear circuits are irrelevant to log amps. For 
example, the incremental gain of an ideal log amp approaches infinity as the input 
approaches zero, and a change of offset at the output of a log amp is equivalent to a 
change of amplitude at its input—not a change of input offset. 


For the purposes of simplicity in our initial discussions, we shall assume that both the 
input and the output of a log amp are voltages, although there is no particular reason why 
logarithmic current, transimpedance, or transconductance amplifiers could not also be 
designed. 


If we consider the equation y = log(x) we find that every time x is multiplied by a 
constant A, y increases by another constant Al. Thus if log(K) = K1, then log(AK) = K1 
+ Al, log(A2K) = K1 + 2A1, and log(K/A) = K1 — A1. This gives a graph as shown in 
Figure 2.42, where y is zero when x is unity, y approaches minus infinity as x approaches 
zero, and which has no values for y for which x is negative. 


Y 


Figure 2.42: Graph of Y = Log(X) 
On the whole, log amps do not behave in this way. Apart from the difficulties of 
arranging infinite negative output voltages, such a device would not, in fact, be very 


useful. A log amp must satisfy a transfer function of the form: 
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over some range of input values which may vary from 100:1 (40 dB) to over 1,000,000: 1 
(120 dB). 


With inputs very close to zero, log amps cease to behave logarithmically, and most then 
have a linear Vjn/Voyt law. This behavior is often lost in device noise. Noise often limits 


the dynamic range of a log amp. The constant, Vy> has the dimensions of voltage, 
because the output is a voltage. The input, Vjp, is divided by a voltage, Vy, because the 
argument of a logarithm must be a simple dimensionless ratio. 


A graph of the transfer characteristic of a log amp is shown in Figure 2.43. The scale of 
the horizontal axis (the input) is logarithmic, and the ideal transfer characteristic is a 
straight line. When Vjn = Vx, the logarithm is zero (log 1 = 0). Vx is therefore known as 


the intercept voltage of the log amp because the graph crosses the horizontal axis at this 
value of Vin. 
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Figure 2.43: Log Amp Transfer Function 


The slope of the line is proportional to Vy- When setting scales, logarithms to the base 10 
are most often used because this simplifies the relationship to decibel values: when 
Vin = 10 Vx, the logarithm has the value of 1, so the output voltage is Vy. When 
Vin = 100 Vx, the output is 2 Vy ,and so forth. Vy can therefore be viewed either as the 
“slope voltage” or as the “volts per decade factor.” 


The logarithm function is indeterminate for negative values of x. Log amps can respond 
to negative inputs in three different ways: (1) They can give a full-scale negative output 
as shown in Figure 2.44. (2) They can give an output which is proportional to the log of 
the absolute value of the input and disregards its sign as shown in Figure 2.45. This type 
of log amp can be considered to be a full-wave detector with a logarithmic characteristic, 
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Figure 2.44: Basic Log Amp 
(Saturates with Negative Inputs) 
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Figure 2.45: Detecting Log Amp 
(Output Polarity Independent of Input Polarity) 
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Figure 2.46: Log Video or "True Log Amp" 
(Symmetrical Response to Positive or Negative Signals) 
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and is often referred to as a detecting log amp. (3) They can give an output which is 
proportional to the log of the absolute value of the input and has the same sign as the 
input as shown in Figure 2.46. This type of log amp can be considered to be a video amp 
with a logarithmic characteristic, and may be known as a logarithmic video (log video) 
amplifier or, sometimes, a true log amp (although this type of log amp is rarely used in 
video-display-related applications). 


There are three basic architectures which may be used to produce log amps: the basic 
diode log amp, the successive detection log amp, and the true log amp which is based on 
cascaded semi-limiting amplifiers. The successive detection log amp and the true log amp 
are discussed in the RF/IF section. 


The voltage across a silicon diode is proportional to the logarithm of the current through 
it. If a diode is placed in the feedback path of an inverting op-amp, the output voltage will 
be proportional to the log of the input current as shown in Figure 2.47. In practice, the 
dynamic range of this configuration is limited to 40 dB to 60 dB because of nonideal 
diode characteristic, but if the diode is replaced with a diode-connected transistor as 
shown in Figure 2.48, the dynamic range can be extended to 120 dB or more. This type of 
log amp has three disadvantages: (1) both the slope and intercept are temperature 
dependent; (2) it will only handle unipolar signals; and (3) its bandwidth is both limited 
and dependent on signal amplitude. 
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Figure 2.47: The Diode/Op Amp Log Amp 
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Figure 2.48: Transistor/Op Amp Log Amp 
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Where several such log amps are used on a single chip to produce an analog computer 
which performs both log and antilog operations, the temperature variation in the log 
operations is unimportant, since it is compensated by a similar variation in the 
antilogging. This makes possible the AD538 (Figure 2.49), a monolithic analog computer 
which can multiply, divide, and raise to powers. Where actual logging is required, 
however, the AD538 and similar circuits require temperature compensation 
(Reference 7). The major disadvantage of this type of log amp for high frequency 
applications, though, is its limited frequency response—which cannot be overcome. 
However carefully the amplifier is designed, there will always be a residual feedback 
capacitance Ce, (often known as Miller capacitance), from output to input which limits the 


high frequency response. 


INTERNAL 
VOLTAGE 
REFERENCE 


Figure 2.49: AD538 block diagram 


What makes this Miller capacitance particularly troublesome is that the impedance of the 
emitter-base junction is inversely proportional to the current flowing in it—so that if the 
log amp has a dynamic range of 1,000,000:1, then its bandwidth will also vary by 
1,000,000:1. In practice, the variation is less because other considerations limit the large 
signal bandwidth, but it is very difficult to make a log amp of this type with a small- 
signal bandwidth greater than a few hundred kHz. 


We also discuss high speed log amps in the RF/IF section (Section 4.4) 
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SECTION 2.9 HIGH SPEED CLAMPING AMPLIFIERS 


There are many situations where it is desirable to clamp the output of an op amp to 
prevent overdriving the circuitry which follows. Specially designed high speed, fast 
recovery clamping amplifiers offer an attractive alternative to designing external 
clamping/protection circuits. The AD8036/AD8037 low distortion, wide bandwidth 
clamp amplifiers represent a significant breakthrough in this technology. These devices 
allow the designer to specify a high (V4) and low (V{_) clamp voltage. The output of the 


device clamps when the input exceeds either of these two levels. The AD8036/AD8037 
offer superior clamping performance compared to competing devices that use output- 
clamping. Recovery time from overdrive is less than 5 ns. 


The key to the AD8036 and AD8037’s fast, accurate clamp and amplifier performance is 
their proprietary input clamp architecture. This new design reduces clamp errors by more 
than 10x over previous output clamp based circuits, as well as substantially increasing the 
bandwidth, precision, and versatility of the clamp inputs. 
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Figure 2.50: AD8036/AD8037 Clamp Amplifier Equivalent Circuit 


Figure 2.50 is an idealized block diagram of the AD8036 connected as a unity gain 
voltage follower. The primary signal path comprises Al (a 1200 V/us, 240 MHz high 
voltage gain, differential to single-ended amplifier) and A2 (a G = +1 high current gain 
output buffer). The AD8037 differs from the AD8036 only in that Al is optimized for 
closed-loop gains of two or greater. 
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The input clamp section is comprised of comparators Cy and Cy, which drive switch S1 
through a decoder. The unity-gain buffers in series with the +V]N, Vy, and VJ], inputs 


isolate the input pins from the comparators and S1 without reducing bandwidth or 
precision. 


The two comparators have about the same bandwidth as Al (240 MHz), so they can keep 
up with signals within the useful bandwidth of the AD8036. To illustrate the operation of 
the input clamp circuit, consider the case where Vy is referenced to +1 V, VJ, is open, 


and the AD8036 is set for a gain of +1 by connecting its output back to its inverting input 
through the recommended 140 QO feedback resistor. Note that the main signal path always 
operates closed loop, since the clamping circuit only affects Al’s noninverting input. 


If a 0 V to +2 V voltage ramp is applied to the AD8036’s +Vyy for the connection just 
described, VOUT should track +Vyj perfectly up to +1 V, then should limit at exactly 
+1 V as +V]N continues to +2 V. 


In practice, the AD8036 comes close to this ideal behavior. As the +VyjN input voltage 
ramps from zero to 1 V, the output of the high limit comparator Cy starts in the off state, 
as does the output of C.. When +Vyj just exceeds Vy (practically, by about 18 mV), 
Cy changes state, switching S1 from “A” to “B” reference level. Since the + input of Al 
is now connected to Vy, further increases in +VyV have no effect on the AD8036’s 
output voltage. The AD8036 is now operating as a unity-gain buffer for the Vy input, as 
any variation in Vy, for Vy > 1 V, will be faithfully produced at Voy. 


Operation of the AD8036 for negative input voltages and negative clamp levels on VY, is 
similar, with comparator Cy controlling S1. Since the comparators see the voltage on the 
+V]N pin as their common reference level, the voltage Vy and Vy are defined as “High” 
or “Low” with respect to +VyN. For example, if V]N is set to zero volts, Vy is open, and 
Vi is +1 V, comparator Cy, will switch S1 to “C,” so the AD8036 will buffer the voltage 
on V__ and ignore +VqN. 


The performance of the AD8036/AD8037 closely matches the ideal just described. The 
comparator’s threshold extends from 60 mV inside the clamp window defined by the 
voltages on Vy and Vy to 60 mV beyond the window’s edge. Switch S1 is implemented 


with current steering, so that Al’s + input makes a continuous transition from say, V]N to 
Vy as the input voltage traverses the comparator’s input threshold from 0.9 V to 1.0 V 
for Vy = 1.0 V. 


The practical effect of the nonideal operation is to soften the transition from amplification 
to clamping modes, without compromising the absolute clamp limit set by the input 
clamping circuit. Figure 2.51 is a graph of VouT versus VyxN for the AD8036 and a 


typical output clamp amplifier. Both amplifiers are set for G =+1 and Vy =+1 V. 
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Figure 2.51: Comparison of Input and Output Clamping 


The worst-case error between Vout (ideally clamped) and Vout (actual) is typically 
18 mV times the amplifier closed-loop gain. This occurs when Vyj equals Vy (or VL). 
As VIN goes above and/or below this limit, VOUT will stay within 5 mV of the ideal 


value. 


In contrast, the output clamp amplifier’s transfer curve typically will show some 
compression starting at an input of 0.8 V, and can have an output voltage as far as 
200 mV over the clamp limit. In addition, since the output clamp causes the amplifier to 
operate open-loop in the clamp mode, the amplifier’s output impedance will increase, 
potentially causing additional errors, and the recovery time is significantly longer. 


It is important that a clamped amplifier such as the AD8036/AD8037 maintain low levels 
of distortion when the input signals approach the clamping voltages. Figure 2.52 shows 
the second and third harmonic distortion for the amplifiers as the output approaches the 
clamp voltages. The input signal is 20 MHz, the output signal is 2 V peak-to-peak, and 
the output load is 100 Q. 


Recovery from step voltage which is two times over the clamping voltage is shown in 
Figure 2.53. The input step voltage starts at +2 V and goes to 0 V (left-hand traces on 
scope photo). The input clamp voltage (V}) is set at +1 V. The right-hand trace shows 


the output waveform. 
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Figure 2.52: AD8036/AD8037 Distortion Near Clamping Region, 
Output = 2 V p-p, Load = 100 Q f = 20 MHz 
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Figure 2.53: AD8036/AD8037 Overdrive (2x) Recovery 


Figure 2.54 shows the AD9002 8-bit, 125 MSPS flash converter driven by the AD8037 
(240 MHz bandwidth) clamping amplifier. The clamp voltages on the AD8037 are set to 
+0.55 V and —-0.55 V, referenced to the +0.5 V input signal, with the external resistive 
dividers. The AD8037 also supplies a gain of two, and an offset of —1 V (using the 
AD780 voltage reference), to match the 0 V to —2 V input range of the AD9002 flash 
converter. The output signal is clamped at +0.1 V and —2.1 V. This multifunction 
clamping circuit therefore performs several important functions as well as preventing 
damage to the flash converter which occurs if its input exceeds +0.5 V, thereby forward 
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biasing the substrate diode. The 1N5712 Schottky diode adds further protection during 
power-up. 
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Figure 2.54: AD9002 8-Bit, 125 MSPS Flash Converter 
Driven by an AD8037 Clamp Amplifier 


The feedback resistor, R2 = 301 Q, is selected for optimum bandwidth per the data sheet 
recommendation. For a gain of 2, the parallel combination of R1 and R3 must also equal 
R2: 
R1-R3 
R1+R3 
(nearest 1% standard resistor value). 


= R2 =3010 Eq. 2-15 


In addition, the Thevenin equivalent output voltage of the AD780 +2.5 V reference and 
the R3/RI1 divider must be +1 V to provide the —1 V offset at the output of the AD8037. 


ale Ivolt Eq. 2-16 
R1 + R3 


Solving the equations yields Rl = 499 Q, R3 = 750 Q (using the nearest 1% standard 
resistor values). 


Other input and output voltages ranges can be accommodated by appropriate changes in 
the external resistors. 


Further examples of applications of these fast clamping op amps are given in 
Reference 9. 
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Notes: 
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SECTION 2.10: COMPARATORS 


A comparator is similar to an op amp. It has two inputs, inverting and noninverting, and 
an output. But it is specifically designed to compare the voltages between its two inputs. 
Therefore it operates in a nonlinear fashion. The comparator operates open-loop, 
providing a two-state logic output voltage. These two states represent the sign of the net 
difference between the two inputs (including the effects of the comparator input offset 
voltage). Therefore, the comparator’s output will be a Logic 1 if the input signal on the 
noninverting input exceeds the signal on the inverting input (plus the offset voltage, Vos) 


and a Logic 0 for the opposite case. A comparator is normally used in applications where 
some varying signal level is compared to a fixed level (usually a voltage reference). Since 
it is, in effect, a 1-bit analog-to-digital converter (ADC), the comparator is a basic 
element in all ADCs. 
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Figure 2.55: Comparator Symbol 


Comparator dc specifications are similar to those of op amps: input offset voltage, input 
bias current, offset and drift, common-mode input range, gain, CMR, and PSR. Standard 
logic-related dc, timing and interface specs are associated with the comparator outputs. 


The key comparator ac specification is propagation delay: it is the time required for the 
output to reach the 50% point of a transition, after the differential input signal crosses the 
offset voltage—when driven by a square wave (typically 100 mV in amplitude) to a 
prescribed value of input overdrive (usually 5 mV or 10 mV). See Figure 2.55. 


The propagation delay in practical comparators decreases somewhat as the input 


overdrive is increased. This variation in propagation delay as a function of overdrive is 
called dispersion. See Figure 2.56. 
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Figure 2.56: Propagation Delay 


The addition of hysteresis, which is application of a small amount of positive feedback, to 
a comparator’s transfer function is often useful in a noisy environment, or where it is 
undesirable for the comparator to toggle continuously between states when the input 
signal is at or near the switching threshold. This is true when a relatively slowly changing 
input is compared to a dc level. Noise can cause the output to toggle between the output 
levels many times. The transfer function for a comparator with hysteresis is shown in 
Figure 2.58. 
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Figure 2.57: Delay Dispersion 
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If the input voltage approaches the switching threshold (Voz) from the negative direction, 
the comparator will switch from a 0 to a | when the input crosses Vog + Vy/2. The 


° 


“new” switching threshold now becomes Vog — Vq/2. The comparator output will 
remain in a | state until the threshold Vg, — Vq/2 is crossed, coming from the positive 
direction. Input noise centered around Vgg will not cause the comparator to switch states 


unless it exceeds the region bounded by Vog + V/2. 
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Figure 2.58: Effects of Hysteresis 


Hysteresis can be accomplished with two resistors, see Figure 2.59, the amount of 
hysteresis is proportional to the resistors’ ratio. The signal input to the comparator may 
be applied to either the inverting or the noninverting input, but if it is applied to the 
inverting input its source impedance must be low enough to have insignificant effect on 
R1 (of course if the source impedance is sufficiently predictable it may be used as R1). 
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Figure 2.59: Application of Hysteresis 
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If the trip voltage is midway between the two comparator output voltages (as is the case 
with a symmetrical power supply and a ground reference) then the introduction of 
hysteresis will move the positive and negative thresholds equal distances from the trip 
point voltage, but if the trip point is nearer to one output than to the other the thresholds 
will be asymmetrically placed about the trip point voltage. 


To calculate the hysteresis, assume the comparator output voltages are V, and Vy, 
respectively. The comparator trip point voltage is Vos. The negative threshold is: 


(R1 + R2) Vog — RIV, 


Eq. 2-17 
R2 
And the positive threshold voltage is: 
(R1 + R2) Vos — RIV, Eq. 2-18 
R2 


No external hysteresis 5 mV external hysteresis 


Figure 2.60: Hysteresis Helps Clean Up Comparator Response. 


A problem encountered with external hysteresis is that output voltage depends on supply 
voltage and loading. This means the hysteresis voltage can vary from application to 
application; though this affects resolution, it need not be a serious problem, since the 
hysteresis is usually a very small fraction of the range and can tolerate a safety margin of 
two or three (or more) times what one might calculate. Swapping in a few comparators 
can help confidence in the safety margin. Don’t use wirewound resistors for feedback; 
their inductance can make matters worse. 


Some comparators have hysteresis built in. An example of this is the AD790. See 
Figure 2.61. The hysteresis voltage is nominally 500 wV. This, of course, can be 
overridden by applying external hysteresis. 


The AD790 has an additional advantage. The supplies on the input (analog) side are not 
necessarily those on the output. The output swing is from Vyocic to GND. The input 
supplies can be +15 V down to +5 V and ground. 
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Figure 2.61: AD790 Block Diagram. 


It is quite common for the output of a comparator to be open collector (open drain). This 
allows interfacing to whatever logic level is appropriate to the following circuitry. Note 
that the maximum allowable output voltage must be observed, but this is usually not too 
great an issue. 


A window comparator makes use of two comparators with different reference voltages 
and a common input voltage. The comparators are connected to logic in such a way that 
the final output logic level is asserted when the input signal falls between the two 
reference voltages (Figure 2.62). 


Figure 2.62: Window Comparator 


Many comparators have an internal latch. The latch-enable signal has two states: 
compare (track) and /atch (hold). When the latch-enable signal is in the compare state, 
the comparator output continuously responds to the sign of the net differential input 
signal. When the latch-enable signal transitions to the latch state, the comparator output 
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goes to either a Logic 1 or a Logic 0, depending on the sign of the differential input 
signal at the instant of the transition (at this point, we are neglecting the setup and hold- 
time, as well as the output propagation delay associated with the latch-enable function). 
Even though many comparators have a latch-enable function, they are often operated 
only in the compare mode. 


The comparator internal latch-enable function is particularly useful in ADC applications 
because it allows the comparator decision to be recorded at a known instant of time. Flash 
converters make use of this concept and are constructed of many parallel comparators 
which share a common latch-enable line. Typical timing associated with the latch-enable 
function is shown in Figure 2.63. The delay between the assertion of latch-enable and the 
50% point of the output logic swing is referred to as /atch-enable to output delay. It may 
be different for positive and negative-going outputs. The other key specification 
associated with the latch-enable function is the minimum allowable latch-enable pulse 
width. This specification determines the maximum frequency at which the comparator 
can be strobed. 
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Figure 2.63: Effects of Output Latch 


Fast comparators are somewhat difficult to apply because of their high gain and 
bandwidth. Proper application of high speed layout, grounding, decoupling, and signal 
routing is mandatory when using comparators. This can not be overemphasized. The 
biggest problem is their tendency to oscillate when the input signal is very near to or 
equal to the switching threshold. This can also happen when a slow signal is compared to 
a dc reference. Hysteresis and the use of a narrow latch-enable pulse will generally help 
these conditions. TTL comparators are more likely to oscillate than ECL ones because of 
their large output swings and fast edges, often combined with power supply current 
spikes as the output changes state. This can lead to feedback to the input in the form of 
noise. 
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Using Op Amps as Comparators 


Even though op amps and comparators may seem interchangeable at first glance there are 
some important differences. 


Comparators are designed to work open-loop, they are designed to drive logic from their 
outputs, and they are designed to work at high speed with minimal instability. Op-amps 
are not designed for use as comparators, they may saturate if over-driven which may 
cause it to recover comparatively slowly. Many have input stages which behave in 
unexpected ways when used with large differential voltages, in fact, in many cases, the 
differential input voltage range of the op amp is limited. And op amp outputs are rarely 
compatible with logic. 


Yet many people still try to use op amps as comparators. While this may work at low 
speeds and low resolutions, many times the results are not satisfactory. Not all of the 
issues involved with using an op amp as a comparator can be resolved by reference to the 
op amp data sheet, since op amps are not intended for use as comparators. 


The most common issues are speed (as we have already mentioned), the effects of input 
structures (protection diodes, phase inversion in FET amplifiers, and many others), output 
structures which are not intended to drive logic, hysteresis and stability, and common- 
mode effects. 


Speed 


Most comparators are quite fast, but so are some op amps. Why must we expect low 
speed when using an op amp as a comparator? 


A comparator is designed to be used with large differential input voltages, whereas op- 
amps normally operate with their differential input voltage minimized by negative 
feedback. When an op amp is over-driven, sometimes by only a few millivolts, some of 
its stages may saturate. If this occurs the device will take a comparatively long time to 
come out of saturation and will therefore be much slower than if it always remained 
unsaturated. 


The time to come out of saturation of an overdriven op-amp is likely to be considerably 
longer than the normal group delay of the amplifier, and will often depend on the amount 
of overdrive. Since few op amps have this desaturation time specified for various 
amounts of overdrive it will generally be necessary to determine, by experiment, the 
behavior of the amplifier under the conditions of overdrive to be expected in a particular 
application. 
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The results of such experiments should be regarded with suspicion and the values of 
propagation delay through the op-amp comparator which is chosen for worst-case design 
calculations should be at least twice the worst value seen in any experiment. 


OUTPUT OF OP AMP USED AS COMPARATOR 
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Figure 2.64: Effects of Saturation on Amplifier Speed 
When Used as a Comparator 


Output Considerations 


The output of a comparator will be designed to drive a particular logic family or families, 
while the output of an op amp is designed to swing from supply rail to supply rail. 


Frequently the logic being driven by the op amp comparator will not share the op amp’s 
supplies and the op amp rail-to-rail swing may go outside the logic supply rails—this will 
probably destroy the logic circuitry, and the resulting short-circuit may destroy the op 
amp as well. 


There are three types of logic which we must consider: ECL, TTL and CMOS. 


ECL is a very fast current steering logic family. It is unlikely that an op amp would be 
used as a comparator in applications where ECL’s highest speed is involved, for reasons 
given above, so we shall usually be concerned only to drive ECL logic levels from an op 
amp’s signal swing and some additional loss of speed due to stray capacities will be 
unimportant. To do this we need only three resistors, as shown in Figure 2.65. 


R1, R2, and R3 are chosen so that when the op amp output is positive the level at the gate 
is —0.8 V, and when it is low it is —1.6 V. ECL is occasionally used with positive, rather 
than negative, supplies (i.e., the other rail is connected to ground), the same basic 
interface circuit may be used but the values must be recalculated. 
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Figure 2.65: Op Amp Comparator Driving ECL Logic 


Although CMOS and TTL input structures, logic levels, and current flows are quite 
different (although some CMOS is specified to work with TTL input levels) the same 
interface circuitry will work perfectly well with both types of logic, since they both work 
for Logic 0 near to 0 V and Logic | near to 5 V. 
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Figure 2.66: Op Amp Comparator Driving TTL or CMOS Logic 
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The simplest interface uses a single N-channel MOS transistor and a pull-up resistor, Ry. 
A similar circuit may be made with an NPN transistor, Rp, and an additional transistor 
and diode. These circuits are simple, inexpensive and reliable, and may be connected 
with several transistors in parallel and a single Ry to give a “wired-or” function, but the 
speed of the 0 to | transition depends on the value of Ry and the stray capacity of the 
output node. The lower the value of Ry, the faster, but the higher the power consumption. 
By using two MOS devices, one P-channel and one N-channel, it is possible to make a 
CMOS/TTL interface using only two components which has no quiescent power 
consumption in either state. 


Furthermore, it may be made inverting or noninverting by simple positioning of 
components. It does, however, have a large current surge during switching, when both 
devices are on at once, and unless MOS devices with high channel resistance are used a 
current limiting resistor may be necessary to reduce this effect. It is also important, in this 
application and the one in Figure 2.67, to use MOS devices with gate-source breakdown 
voltages, Vbgs, greater than the output voltages of the comparator in either direction. A 


value of Vpgs > +25 V is common in MOS devices and is usually adequate, but many 


MOS devices contain gate protection diodes which reduce the value—these should not be 
used. 
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Figure 2.67: Op Amp Comparator with CMOS Drive 
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Input Circuitry 


There are a number of effects which must be considered regarding the inputs of op amps 
used as comparators. The first-level assumption engineers make about all op amps and 
comparators is that they have infinite input impedance and can be regarded as open 
circuits (except for current feedback (transimpedance) op amps, which have a high 
impedance on their noninverting input but a low impedance of a few tens of Q on their 
inverting input). 


But many op amps (especially bias-compensated ones such as the OP-07 and its many 
descendants) contain protective circuitry to prevent large voltages damaging input 
devices. 


Others contain more complex input circuitry, which only has high impedance when the 
differential voltage applied to it is less than a few tens of mV, or which may actually be 
damaged by differential voltages of more than a few volts. It is therefore necessary, when 
using an op amp as a comparator, to study the data sheet to determine how the input 
circuitry behaves when large differential voltages are applied to it. (It is always necessary 
to study the data sheet when using an integrated circuit to ensure that its nonideal 
behavior (and every integrated circuit ever made has some nonideal behavior) is 
compatible with the proposed application—it is just more important than usual in the 
present case.) 


Of course some comparator applications never involve large differential voltages—or if 
they do the comparator input impedance when large differential voltages are present is 
comparatively unimportant. In such cases it may be appropriate to use as a comparator an 
op amp whose input circuitry behaves non-linearly—but the issues involved must be 
considered, not just ignored. 


Figure 2.68: Op Amp Input Structure with Protection 


As mentioned elsewhere in this seminar, nearly all BIFET op amps exhibit anomalous 
behavior when their inputs are close to one of their supplies (usually the negative supply). 
Their inverting and noninverting inputs may become interchanged. If this should occur 
when the op amp is being used as a comparator the phase of the system involved will be 
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inverted, which could well be inconvenient. The solution is, again, careful reading of the 
data sheet to determine just what common-mode range is acceptable. 


Also, absence of negative feedback means that, unlike that of op amp circuits, the input 
impedance is not multiplied by the loop gain. As a result, the input current varies as the 
comparator switches. Therefore the driving impedance, along with parasitic feedbacks, 
can play a key role in affecting circuit stability. While negative feedback tends to keep 
amplifiers within their linear region, positive feedback forces them into saturation. 
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SECTION 2.11: ANALOG MULTIPLIERS 


A multiplier is a device having two input ports and an output port. The signal at the 
output is the product of the two input signals. If both input and output signals are 
voltages, the transfer characteristic is the product of the two voltages divided by a scaling 
factor, K, which has the dimension of voltage (see Figure 2.69). From a mathematical 
point of view, multiplication is a four quadrant operation—that is to say, that both inputs 
may be either positive or negative and the output can be positive or negative. Some of the 
circuits used to produce electronic multipliers, however, are limited to signals of one 
polarity. If both signals must be unipolar, we have a single quadrant multiplier, and the 
output will also be unipolar. If one of the signals is unipolar, but the other may have 
either polarity, the multiplier is a two quadrant multiplier, and the output may have either 
polarity (and is bipolar). The circuitry used to produce one- and two-quadrant multipliers 
may be simpler than that required for four quadrant multipliers, and since there are many 
applications where full four quadrant multiplication is not required, it is common to find 
accurate devices which work only in one or two quadrants. An example is the AD539, a 
wideband dual two-quadrant multiplier which has a single unipolar Vy input with a 


relatively limited bandwidth of 5 MHz, and two bipolar Vy inputs, one per multiplier, 
with bandwidths of 60 MHz. A block diagram of the AD539 is shown in Figure 2.71. 


K = SCALE FACTOR 


Figure 2.69: Multiplier Block Diagram 
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Figure 2.70: Multiplier Input/Output Relationships 
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Figure 2.71: AD539 Block Diagram 


The simplest electronic multipliers use logarithmic amplifiers. The computation relies on 
the fact that the antilog of the sum of the logs of two numbers is the product of those 
numbers (see Figure 2.72). 


DIVISION 
x —{ toc | —fii>—{ arise] peS>—[nwrace | — x* 
LOG ANTILOG » 4 
RAISING TO A POWER A 


Figure 2.72: Log Amps as Multiplier 
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The disadvantages of this type of multiplication are the very limited bandwidth and single 
quadrant operation. A far better type of multiplier uses the Gilbert Cell. This structure 
was invented by Barrie Gilbert, now of Analog Devices, in the late 1960s. See 
References | and 2. 


There is a linear relationship between the collector current of a silicon junction transistor 
and its transconductance (gain) which is given by 


dIg / dVpe = Ig / kT Eq. 2-19 
where 

I, = the collector current 

Vbe = the base-emitter voltage 


q = the electron charge (1 .60219x10"') 
k = Boltzmann's constant (1.38062x107°) 
T = the absolute temperature. 


This relationship may be exploited to construct a multiplier with a differential (long- 
tailed) pair of silicon transistors, as shown in Figure 2.73. 


This is a rather poor multiplier because (1) the Y input is offset by the Vpe—which 
changes nonlinearly with Vy; (2) the X input is non-linear as a result of the exponential 
relationship between I, and Vpe; and (3) the scale factor varies with temperature. 


Vx 
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Figure 2.73: Simple Multiplier 
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Gilbert realized that this circuit could be linearized and made temperature stable by 
working with currents, rather than voltages, and by exploiting the logarithmic I,/Vphe 
properties of transistors (See Figure 2.74). The X input to the Gilbert Cell takes the form 
of a differential current, and the Y input is a unipolar current. The differential X currents 
flow in two diode-connected transistors, and the logarithmic voltages compensate for the 
exponential Vpe/I¢ relationship. Furthermore, the q/kT scale factors cancel. This gives 


the Gilbert Cell the linear transfer function 


Aly I Eq. 2-20 


As it stands, the Gilbert Cell has three inconvenient features: (1) its X input is a 
differential current; (2) its output is a differential current; and (3) its Y input is a unipolar 
current—so the cell is only a two quadrant multiplier. 


By cross-coupling two such cells and using two voltage-to-current converters (as shown 
in Figure 2.75), we can convert the basic architecture to a four quadrant device with 
voltage inputs, such as the AD534. At low and medium frequencies, a subtractor 
amplifier may be used to convert the differential current at the output to a voltage. 
Because of its voltage output architecture, the bandwidth of the AD534 is only about 

1 MHz, although the AD734, a later version, has a bandwidth of 10 MHz. 


Alg='o4-le2 


lea Ic2 


Figure 2.74: Four Quadrant Gilbert Cell 


In Figure 2.75, QIA & QIB, and Q2A & Q2B form the two core long-tailed pairs of the 
two Gilbert Cells, while Q3A and Q3B are the linearizing transistors for both cells. In 
Figure 2.75 there is an operational amplifier acting as a differential current to single- 
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ended voltage converter, but for higher speed applications, the cross-coupled collectors of 
QI and Q2 form a differential open collector current output (as in the AD834 500 MHz 
multiplier). 


The translinear multiplier relies on the matching of a number of transistors and currents. 
This is easily accomplished on a monolithic chip. Even the best IC processes have some 
residual errors, however, and these show up as four dc error terms in such multipliers. In 
early Gilbert Cell multipliers, these errors had to be trimmed by means of resistors and 
potentiometers external to the chip, which was somewhat inconvenient. With modern 
analog processes, which permit the laser trimming of SiCr thin film resistors on the chip 
itself, it is possible to trim these errors during manufacture so that the final device has 
very high accuracy. Internal trimming has the additional advantage that it does not reduce 
the high frequency performance, as may be the case with external trimpots. 


Because the internal structure of the translinear multiplier is necessarily differential, the 
inputs are usually differential as well (after all, if a single-ended input is required it is not 
hard to ground one of the inputs). This is not only convenient in allowing common-mode 
signals to be rejected, it also permits more complex computations to be performed. The 
ADS534 (shown previously in Figure 2.71) is the classic example of a four-quadrant 
multiplier based on the Gilbert Cell. It has an accuracy of 0.1% in the multiplier mode, 
fully differential inputs, and a voltage output. However, as a result of its voltage output 
architecture, its bandwidth is only about 1 MHz. 


+V5 


Figure 2.75: A Multiplier and an Op Amp Configured as a Divider 
in Both Inverting and Noninverting Mode. 
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Multipliers can be placed in the feedback loop of op amps to form several useful 
functions. Figure 2.76 illustrates the basic principle of analog computation that a function 
generator in a negative feedback loop computes the inverse function (provided, of course, 


that the function is monotonic over the range of operations). 


FUNCTION [YIN 
J(*) 


lout 


-1 
Vout? (in) 


NOTE: FUNCTION MUST BE MONOTONIC 
OVER THE RELEVANT RANGE 


Figure 2.76: Generating an Inverse Function 


Figure 2.77: A Divider Circuit 


High speed multipliers are also discussed in the RF/IF section (Section 4.3) 
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SECTION 2.12: RMS TO DC CONVERTERS 


The root mean square (rms) is a fundamental measurement of the magnitude of an ac 
signal. Defined practically, the rms value assigned to the ac signal is the amount of dc 
required to produce an equivalent amount of heat in the same load. Defined 
mathematically, the rms value of a voltage is defined as the value obtained by squaring 
the signal, taking the average, and then taking the square root. The averaging time must 
be sufficiently long to allow filtering at the lowest frequencies of operation desired. A 
complete discussion of rms to de converters can be found in Reference 13, but we will 
show a few examples of how efficiently analog circuits can perform this function. 


The first method, called the explicit method, is shown in Figure 2.78. The input signal is 
first squared by a multiplier. The average value is then taken by using an appropriate 
filter, and the square root is taken using an op amp with a second squarer in the feedback 
loop. This circuit has limited dynamic range because the stages following the squarer 
must try to deal with a signal that varies enormously in amplitude. This restricts this 
method to inputs which have a maximum dynamic range of approximately 10:1 (20 dB). 
However, excellent bandwidth (greater than 100 MHz) can be achieved with high 
accuracy if a multiplier such as the AD834 is used as a building block (see Figure 2.75). 
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Figure 2.78: Explicit RMS Computation 
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Figure 2.79: Wideband RMS Measurement 


Figure 2.79 shows the circuit for computing the rms value of a signal using the implicit 
method. Here, the output is fed back to the direct-divide input of a multiplier such as the 
AD734. In this circuit, the output of the multiplier varies linearly (instead of as the 
square) with the rms value of the input. This considerably increases the dynamic range of 
the implicit circuit as compared to the explicit circuit. The disadvantage of this approach 
is that it generally has less bandwidth than the explicit computation. 


2 (vy?) 
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Figure 2.80: Implicit RMS Calculation 
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While it is possible to construct such an rms circuit from an AD734, it is far simpler to 
design a dedicated rms circuit. The Vin2/Vz circuit may be current driven and need only 
be one quadrant if the input first passes through an absolute value circuit. 


Figure 2.81 shows a simplified diagram of a typical monolithic rms/de converter, the 
ADS536A. It is subdivided into four major sections: absolute value circuit (active 
rectifier), squarer/divider, current mirror, and buffer amplifier. The input voltage VIN, 


which can be ac or dc, is converted to a unipolar current, Ij, by the absolute value circuit 
A, Az. Ij drives one input of the one-quadrant squarer/divider which has the transfer 


function: I4 = 1;2/13. The output current, 14, of the squarer/divider drives the current 
mirror through a lowpass filter formed by R1 and externally connected capacitor, Cay. 
If the RICayv time constant is much greater than the longest period of the input signal, 
then I4 is effectively averaged. The current mirror returns a current, I3, which equals 
AVG[I4], back to the squarer/divider to complete the implicit rms computation. Thus: 

14 = AVG [12/4] = Iyrms eGee 
The current mirror also produces the output current, Igy , which equals 214. Ipyt can be 


used directly or converted to a voltage with R2 and buffered by A4 to provide a low 
impedance voltage output. The transfer function becomes: 


Vout = 2R2*lims = VIN ms Eq. 2-22 


The dB output is derived from the emitter of Q3, since the voltage at this point is 
proportional to —logVyN. Emitter follower, Q5, buffers and level shifts this voltage, so 


that the dB output voltage is zero when the externally supplied emitter current (IR FF) to 
Q5 approximates I3. However, the gain of the dB circuit has a TC of approximately 
3300 ppm/°C and must be temperature compensated. 


There are a number of commercially available rms/dc converters in monolithic form 
which make use of these principles. The AD536A is a true rms/de converter with a 
bandwidth of approximately 450 kHz for V rms > 100 mV rms, and 2 MHz bandwidth 


for V rms > | V rms. The AD636 is designed to provide 1MHz bandwidth for low-level 


signals up to 200 mV rms. The AD637 has a 600 kHz bandwidth for 100 mV rms signals, 
and an 800 MHz bandwidth for 1 V rms signals. Low cost, general purpose rms/dc 
converters such as the AD736 and AD737 (power-down option) are also available. 
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Figure 2.81: The AD536A Monolithic RMS-to-DC Converter 
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SECTION 2.13: PROGRAMMABLE GAIN AMPLIFIERS 


Most systems with wide dynamic range need some method of adjusting the input signal 
level to the analog-to-digital-converter (ADC). The ADC compares the input signal to a 
fixed voltage reference (+5 V or +10 V are typical values). To achieve the rated precision 
of the converter, the maximum input should be fairly near its full scale voltage. However, 
transducers have a wide range of output voltages. High gain is needed for a small sensor 
voltage, but with a large transducer output, a high gain will cause the amplifier or ADC to 
saturate. So some type of controllable gain device is needed. Such a device has a gain that 
is controlled by a de voltage or, more commonly, a digital input. This device is known as 
a programmable gain amplifier, or PGA. 


To understand the benefits of variable gain, assume an ideal PGA with two settings, gains 
of 1 and 2. The dynamic range of the system is increased by 6 dB. Increasing the gain to 
4 results in a 12 dB increase in dynamic range. 


If the LSB of an ADC is equivalent to 10 mV of input voltage, the ADC cannot resolve 
smaller signals, but when the gain of the PGA is increased to 2, input signals of 5 mV 
may be resolved. Thus, the processor can combine PGA gain information with the digital 
output of the ADC to increase its resolution by one bit. Essentially, this is the same as 
adding additional resolution to the ADC. 


GAIN 
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= A PGA With a Gain from 1 to 2 Theoretically 
Increases the Dynamic Range by 6dB, A Gain of 1 to 
4 Gives 12dB Increase, etc. 


Figure 2.82: Programmable Gain Amplifier (PGA) 


In practice, PGAs are not ideal, and their error sources must be studied. The most 
fundamental problem with PGA design is accurate gain programming. Electromechanical 
relays have minimal Ron, but are otherwise unsuitable for gain switching. They are 


slow, large, and expensive. Silicon switches, as discussed in the section on switches and 
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multiplexers (Chapter 7 of this book), have quite large RON, which is both voltage- and 


temperature-variable, and stray capacities, which may affect the ac parameters of a PGA 
using them. 


To understand how Ron can affect the performance of a PGA, let us consider a poor 
PGA design (Figure 2.83). An op amp is configured in the standard noninverting gain 
circuit with four different gain setting resistors, each grounded by a switch. Most silicon 
switches have on resistance in the range of 100 Q to 500 Q. Even if the on resistance 
were as low as 25 Q, the error for a gain of 16 would be 2.4%, much worse than 8-bits. 
Furthermore, ROn drifts over temperature, and varies from switch to switch. If the value 
of the feedback and gain setting resistors were increased, noise and offset would become 
a problem. The only way to achieve accuracy with this circuit is to replace silicon 
switches with relays which have virtually no on resistance. 


™ Gain Accuracy Limited by Switch’s On Resistance, R and 
Ron Modulation 


M Ron Typically 100 - 5000 for a CMOS Or JFET Switch 
m@ Even With R,,= 250,There is a 2.4% Gain Error for Ay = 16 
M@ Ron Drift Over Temperature Limits Accuracy 


m@ Only Solution is to Use Very Low R,,, Switches (Relays) 


Figure 2.83: How Not to Build a PGA 


It is better to use a circuit where RON 1s unimportant. In Figure 2.84, the switch is placed 


in series with the inverting input of an op amp. Since the input impedance of an op amp is 
very large, the RON of the switch is irrelevant. The gain is now determined by the 


external resistors. The RON may add a small offset error if the op amp bias current is 
significant. 
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Vout 


H Ron is Not in Series With Gain Setting Resistors 
™ Ronis Very Small Compared to Input Impedance 


# Only a Slight Offset Error Occurs Due to the Bias 
Current Flowing Through the Switch 


Figure 2.84: Alternative PGA Configuration Negates Effect of Ron 
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Figure 2.85: Monolithic Software Programmable PGA Instrumentation Amplifier 
(AD526) 


2.89 


[a BASIC LINEAR DESIGN 


The AD526 amplifier uses this method of building a PGA and integrates it onto a single 
chip. The AD526 has five binary gain settings from 1 to 16, and its internal JFET 
switches are connected to the inverting input of the amplifier. The gain resistors are laser 
trimmed. The maximum gain error is only 0.02%, far better than the 2.4% error in Figure 
2.85. The linearity is also very good at 0.001%. The AD526 is controlled by a latched 
digital interface. 


This same design can be used to build the discrete PGA shown in Figure 2.86. It uses a 
single op amp, a quad switch, and precision resistors. The low-noise AD797 replaces the 
JFET input op amp of the AD526, but almost any voltage feedback op amp could be used 
in this circuit. The ADG412 was picked for its low on resistance of 35 Q. The resistors 
were chosen to give gains of 1, 10, 100, and 1000, but if other gains are required, the 
resistor values may easily be altered. Ideally, a trimmed resistor network should be used 
both for initial gain accuracy and for low drift over temperature. The 20 pF capacitor 
ensures stability and holds the output voltage when the gain is switched. The control 
signal to the switches turns one switch off a few nanoseconds before the second switch 
turns on. During this break, the op amp is open-loop. If the capacitor was not used, the 
output would start slewing. Instead, the capacitor holds the output voltage during the 
switching. Since the time that both switches are open is very short, only 20 pF is needed. 
For slower switches, a larger capacitor may be necessary. 
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Figure 2.86: A Very Low Noise PGA 
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The PGA’s input voltage noise spectral density is only 1.65 nV/VHz at 1 kHz, only 
slightly higher than the noise performance of the AD797 alone. The increase is due to the 
noise of the ADG412, and the current noise of the AD797 flowing through the on 
resistance. The noise was measured at a gain of 1000 (worst case). 


The accuracy of the PGA is important in determining the overall accuracy of a system. 
The AD797 has a bias current of 0.9 nA, which, flowing in 35 Q Ron, results in an 


additional offset error of 31.5 WV. Combined with the AD797 offset, the total Vos 


becomes 71.5 nV (max). Offset temperature drift is affected by the change in bias current 
and on resistance. Calculations show that the total temperature coefficient increases from 
0.6 uV/°C to 1.6 pV/°C. These errors are small, and may not matter, but it is important to 
be aware of them. In practice, circuit accuracy and TC will be determined by the external 
resistors. Input characteristics such as common-mode range and input bias current are 
determined solely by the AD797. The circuit could be converted to single supply simply 
by changing the op amp. The switches do not need to be changed. 


Another PGA configuration uses a DAC in the feedback loop of an op amp to adjust the 
gain under digital control (Figure 2.87). The digital code of the DAC controls its 
attenuation. Attenuating the feedback signal increases the closed-loop gain. A 
noninverting PGA of this type requires a multiplying DAC with a voltage output (a 
multiplying DAC is a DAC with a wide reference voltage range which includes zero). For 
most applications of the PGA, the reference input must be capable of handling bipolar 
signals. The AD7846 is a 16-bit converter that meets these requirements. In this 
application, it is used in standard 2-quadrant multiplying mode. The OP-213 is a low 
drift, low noise amplifier, but the choice of amplifier is flexible, and depends on the 
application. The input voltage range depends on the output swing of the AD7846, which 
is 3 V less than the positive supply, and 4 V above the negative supply. A 1000 pF 
capacitor is used in the feedback loop for stability. 


DBO**-DB15 CS R/W LDACCLR 
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.Figure 2.87: Using a Multiplying DAC in a Feedback Loop to Create a Divider 
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The gain of the circuit is set by adjusting the digital inputs of the DAC, according to the 
equation given in Figure 2.87. Do_15 represents the decimal value of the digital code. 
For example, if all the bits were set high, the gain would be 65,536/65,535 = 1.000015. If 
the eight least significant bits are set high and the rest low, the gain would be 65,536/255 
= 257. 


Figure 2.88 shows the small signal response at a gain of 1 with a 100 mV square wave 
input. The bandwidth is a fairly high 4 MHz. However, this does reduce with gain, and 
for a gain of 256, the bandwidth is only 600 Hz. If the gain-bandwidth product were 


constant, the bandwidth in a gain of 256 should be 15.6 kHz; but the internal capacitance 
of the DAC reduces the bandwidth to 600 Hz. 


Bandwidth (G=+1) =4MHz 
Bandwidth (G=+256) = 600Hz 
Nonlinearity (G=+1) = 0.001% 
Offset =100yV 

Noise = 50nV/VHz 


Gain Accuracy (G=+1) = 0.003% 
Gain Accuracy (G=+256) = 0.1% 


Top Trace: Input, 50mV/div. 
Bottom Trace: Output, 50mV/div. 
Horizontal Scale: 10us/div. 


Figure 2.88: Performance of the Circuit in Figure 2.87 


The gain accuracy of the circuit is determined by the resolution of the DAC and the gain 
setting. At a gain of 1, all bits are on, and the accuracy is determined by the DNL 
specification of the DAC, which is +1 LSB maximum. Thus, the gain accuracy is 
equivalent to 1 LSB in a 16-bit system, or 0.003%. However, as the gain is increased, 
fewer of the bits are on. For a gain of 256, only Bit 8 is turned on. The gain accuracy is 
still dependent on the +1 LSB of DNL, but now that is compared to only the lowest eight 
bits. Thus, the gain accuracy is reduced to 1 LSB in an 8-bit system, or 0.4%. If the gain 
is increased above 256, the gain accuracy is reduced further. The designer must 
determine an acceptable level of accuracy. In this particular circuit, the gain was limited 
to 256. 


Noninverting PGA circuits using an op amp are easily adaptable to single-supply 
operation, but the instrumentation amplifier topology does not lend itself to single-supply 
applications. However, the AMP-04 can be used with an external switch to produce the 
single supply instrumentation PGA shown in Figure 2.85. This circuit has selectable 
gains of 1, 10, 100, and 500, which are controlled by an ADG511. The ADG511 was 


2.92 


OTHER LINEAR CIRCUITS 
PROGRAMMABLE GAIN AMPLIFIERS 


chosen as a single-supply switch with a low Ron of 45 Q. The gain of this circuit is 
dependent on the ROn of the switches. Trimming is required at the higher gains to 


achieve accuracy. At a gain of 500, two switches are used in parallel, but their resistance 
causes a 10% gain error in the absence of adjustment. 


10nF= 0.1nF 
G Y 10 M G=100kQIRG 


mM RG Isa Combination of 
Switch Ron and the 
External Resistor 


GAIN OF 500 O 
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E GAIN OF 100 © MH Trim Required at High G 
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3 GANOFIO O Of Ron 

| wr M Relays Can Be Used 


to Avoid Trim 


Figure 2.89: Single-Supply Instrumentation Amp PGA 


Certain £-A ADCs (AD7710, AD7711, AD7712 and AD7713, for example) have built-in 
PGAs. Circuit design is much easier because an external PGA and its control logic are 
not needed. Furthermore, all the errors of the PGA are included in the specifications of 
the ADC, making error calculations simple. The PGA gain is controlled over the same 
serial interface as the ADC, and the gain setting is factored into the conversion, saving 
additional calculations to determine input voltage. This combination of ADC and PGA is 
very powerful and enables the realization of a highly accurate system, with a minimum of 
circuit design. The PGA function in this case is not a separate block requiring matching 
of resistors for accuracy in line with the expectation of the X-A ADC. It is accomplished 
by modulating the duty cycle of the switched capacitors in the modulator, thus changing 
the gain. 


High speed VGAs are discussed in the RF/IF section (Section 4.6) 
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Figure 2.90: PGA built into a 3-A ADC 
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SECTION 2.14: AUDIO APPLICATIONS 


Amplifiers 


There are no specific audio specifications that apply to amplifiers. Obviously the 
amplifier needs to be of appropriate bandwidth and be low distortion. Several types have 
found application in the audio field. These include the AD797, OP275 and the AD711/ 
AD712/ AD713. 


One application specific audio IC is the SSM2019 microphone preamplifier (see Figure 
2.91). For use as a microphone preamplifier in high fidelity applications, a primary 
concern is that the circuit be low noise. The specification for the SSM2019 is 1 nV/VHz. 
The input to the SSM2019 is fully differential to interface with balanced microphones. 


_ Vout ___ | 10kQ 11 (Vv 
(+IN) — (-IN) Re 


Figure 2.91: SSM2019 Microphone Amplifier 


There is another application for microphone preamplifiers. Here the emphasis is on voice 
intelligibility rather than low noise. The target application is in communications system 
and public address systems. The SSM2165/SSM2166/SSM2167 family is a complete and 
flexible solution for conditioning microphone inputs. A low noise voltage controlled 
amplifier (VCA) provides a gain that is dynamically adjusted by a control loop to 
maintain a set compression characteristic. The compression ratio is set by a single resistor 
and can be varied from 1:1 to over 15:1 relative to the fixed rotation point. Signals above 
the rotation point are limited to prevent overload and to eliminate “popping.” A 
downward expander (noise gate) prevents amplification of noise or hum. This results in 
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optimized signal levels prior to digitization, thereby eliminating the need for additional 
gain or attenuation in the digital domain that could add noise or impair accuracy of 
speech recognition algorithms. The block diagram of the SSM2165 is shown in Figure 
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Figure 2.93: Typical Transfer Characteristics for the SSM2165 
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Speaker driver power amplifiers are another application specific audio area. The main 
application challenge here is delivering enough audio power in a limited supply voltage 
environment such as is typically found in computers and games, while keeping the 
package power dissipation down to safe levels. As an example, the SSM2211 
(Figure 2.94) is a high performance audio amplifier that delivers 1 W rms of low 
distortion audio power into a bridge-connected 8 Q speaker load, (or 1.5 W rms into 4 Q 
load). The SSM2211 is available in SO-8 and LFCSP (lead frame chip scale package) 
surface-mount packages. The SO-8 features the patented Thermal Coastline lead frame. 
The thermal coastline package is further discussed in the power section. 
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Figure 2.94: SSM2211 Typical application 
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Figure 2.95: SSM2211 typical performance 
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VCAs (Voltage Controlled Amplifiers) 


Audio signal levels are often controlled by using low distortion VCAs (voltage controlled 
amplifiers) in the signal path. By using controlled rate-of-change drive to the VCAs, the 
“clicking” associated with switched resistive networks is eliminated. For example, the 
SSM2018T is a low noise, low distortion VCA applicable in high performance audio 
systems. The “T’ suffix indicates a version that is factory trimmed for distortion and 
requires no subsequent user adjustments are required. 
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Figure 2.97: The Distortion Characteristics of the SSM2018 
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Figure 2.98: SSM2160 block diagram 
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Despite the sonic advantages of using analog control of the signal level, it is sometimes 
useful to have the control voltage under digital control. In this case a DAC can be added 
to the VCA. An example of this configuration is the SSM2160 which allows digital 
control of volume of six audio channels, with a master level control and individual 
channel controls. Low distortion VCAs (voltage controlled amplifiers) are used in the 
signal path. Each channel is controlled by a dedicated 5-bit DAC providing 32 levels of 
gain. A master 7-bit DAC feeds every control port giving 128 levels of attenuation. Step 
sizes are nominally 1 dB and can be changed by external resistors. Channel balance is 
maintained over the entire master control range. Upon power-up, all outputs are 
automatically muted. A 3-wire or 4-wire serial data bus enables interfacing with most 
popular microcontrollers. 


Line Drivers and Receivers 


The function of sending/receiving audio signals between various system components has 
traditionally involved trade-offs of one form or another. Fully differential or balanced 
transmission systems are best at rejecting low frequency and RF noise, so they are used 
for highest performance, and are discussed in some detail following. 


A typical audio system block diagram using differential or balanced transmission is 
shown in Figure 2.99. In concept, a balanced transmission system like this could use 
several input/output coupling schemes within the driver and receiver. Some major points 
distinguishing coupling method details are discussed briefly below, before addressing 
actual circuits. 
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Figure 2.99: An Audio Balanced Transmission System 


A point worth noting is that the + voltage drive to the line need not be exactly balanced to 
reap the benefits of balanced transmission. In fact the drive can be asymmetrical to some 
degree, and the signal will still be received at Vour with correct amplitude, and with good 
noise rejection. What does need to be provided is two well-balanced line-driving 
impedances, Ro; and Ro. Also, in conjunction with these balanced drive impedances, the 
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associated (+) and (—) receiver input impedances should also be equal. The technical 
reasons for this will be apparent shortly. 


Audio Line Receivers 


An audio line receiver is simply a subtractor amplifier (Figure 2.100). From a de and ac 
trim/balance perspective, the Figure 2.100 topology is most effective with resistors and 
amplifiers made simultaneously in a single monolithic IC. 


In applying circuits of the Figure 2.100 type (or other topologies which resistively load 
the source), a designer must bear in mind that all external resistances added to the four 
resistances can potentially degrade CMR, unless kept to proportional value increases. To 
place this in perspective, a 2.5 Q or 0.01% mismatch can easily occur with wiring, and if 
not balanced out, this mismatch will degrade the CMR of otherwise perfectly matched 
25 kQ resistors to 86 dB. These circuits are therefore best fed from balanced, low 
impedance drive sources, preferably 25 Q or less. 


The SSM2141 and SSM2143 are monolithic IC line receivers which work very much like 
the circuit of Figure 2.101 differing only in their individual gains. The SSM2141 operates 
as a unity gain device, while the SSM2143 operates either at a nominal gain of 0.5 
(—6 dB), or it can optionally be strapped with the input/output of the resistor pairs 
reversed, to operate at a gain of 2 (6 dB). 


Figure 2.100: A Simple Line Receiver Using a 4-Resistor Differential Amplifier 


Both devices operate from supplies up to +18 V, can drive 600 Q loads, and they have 
low distortion and excellent CMR characteristics. For reference, the op amp used in these 
receivers is similar to one half of an OP271. The output appears at Pin 6 and is 
uncommitted, with conventional use it gets tied to Ry (Pin 5) for feedback. However, if 
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desired, an external in-loop buffer can optionally be added. This step will allow either 
line receiver device to drive even lower Z loads if desired. 


Perhaps the most outstanding attribute of these devices is their CMR performance, shown 
in Figure 2.101(a) (this data are for the SSM2141, but the SSM2143 is similar). For the 
SSM2141 the dc-to-1 kHz CMR is typically 100 dB, and even at 10 kHz it is still about 
80 dB. The SSM2143 (not shown), using lower resistor values, has a somewhat lower 
typical CMR of 90 dB, but maintains this to about 10 kHz. The SSM2141 THD + N 
performance also shown in Figure 2.101(b) is also very good for both 600 Q and 100 kQ 
loads. 
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Figure 2.101: SSM2143 Common-Mode Rejection and THD 


With a companion differential line driver (next section), these two line receivers allow 
convenient as well as flexible interfacing between points in audio systems, as well as 
other instrumentation up to 100 kHz. However, they both are also more generally useful 
as flexible gain blocks within a system, not necessarily requiring the full CM 
performance aspects. For example, they are useful as either precise inverting or 
noninverting gains blocks, due to the very accurate internal resistor ratios. With the 
SSM2141 typical gain accuracy of 0.001%, very precise, single chip unity gain inverters 
and summers can be built at low overall cost. 


Audio Line Drivers 
Unlike the case for the differential line receiver, a standard circuit topology for 


differential line drivers is not quite as clear-cut. Two circuit types are discussed in this 
section, with their contrasts in performance and complexity. 
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On the other hand, the inherent features of laser trimmed monolithic technology can 
make a complex circuit such as the balanced line driver thoroughly practical. Like the 
SSM2141 and SSM2143 line receivers, applying these concepts to a driver circuit results 
in an efficient and useful IC. This product, the SSM2142 balanced line driver, is shown in 


functional form in Figure 2.102. 


FUNCTIONAL DIAGRAM 
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Figure 2.103: Balanced Audio Transmission System 
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The SSM2142 is designed for a single-ended to differential gain of 2 times, and in use 
can be simply strapped with the respective FORCE/SENSE pins tied together. In a 
system application, the SSM2142 is used with either an SSM2143 or an SSM2141 line 
receiver, with the differential mode signal being transmitted via shielded twisted pair 
cable. This hookup comprises a complete single-ended to differential and back to single- 
ended transmission system, with noise isolation in the process 


With the use of the SSM2143 gain of 0.5, the SSM2142 gain of 2 is complemented, and 
the overall system gain is unity. If the SSM2141 is used as the receiver, the gain is 2 
overall. The THD + N performance of the unity gain SSM2142/SSM2143 system is 
shown in Figure 9.104, for the conditions of a 5 V rms input/output signal, both 
with/without a 500' cable. 


As should be obvious, these drivers do not offer galvanic isolation, which means that in 


all applications there must be a dc current path between the grounds of the driver and the 
final receiver. In practice however this isn’t necessarily a problem. 
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Figure 2.104: Balanced Audio Transmission System Performance 
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Class-D Audio Power Amplifiers 


Theory of Operation 


A Class-D audio amplifier is basically a switch-mode or PWM (pulse width modulated) 
amplifier and is one of a number of different classes of amplifiers. Following is a look at 
the definitions for the main classifications: 


Class-A — In a Class-A amplifier, the output device(s) are continuously conducting for 
the entire cycle, or in other words there is always bias current flowing in the output 
devices. This topology has the least distortion and is the most linear, but at the same time 
is the least efficient, at around 20%. Therefore, the quiescent dissipation is high. In fact 
the dissipation is constant, regardless of how much power is delivered to the load. A 
Class-A amplifier output is typically not complementary, with a high and low side output 
device(s). 


Class-B — In a Class-B amplifier the output device(s) only conduct for half the sinusoidal 
cycle (one conducts for the positive half cycle, and one conducts for the negative half 
cycle). If there is no signal, then there is no current flow in the output devices. This class 
of amplifier is obviously more efficient than Class-A, at about 50%, but has some 
distortion at the crossover point due to the time it takes to turn one device off and turn the 
other device on. This is referred to as crossover notch distortion. Since it occurs at the 
point of minimum signal (the zero crossing), its effect is very obvious. 


(A) (B) (C) 


Figure 2.105: Example output stages 
(A) Class-A, (B) Class-B, and (C) Class-AB 


Class-AB — This type of amplifier is a combination of the above two types, and is 
probably the most common type of power amplifier in existence. Here both devices are 
allowed to conduct at the same time, but just by a small amount near the crossover point. 
Hence each device is conducting for more than half a cycle but less than the whole cycle, 
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so the inherent nonlinearity (crossover distortion) of Class-B designs is overcome, 
without the inefficiencies of a Class-A design. Efficiencies for Class-AB amplifiers can 
also be about 50%. There are variations of Class-AB, depending on how much of the 
cycle both of the output devices conduct. Obviously, the more they both conduct, the 
lower the efficiency, but also the higher the linearity. 


Class-D — This class of amplifier is a switching amplifier as mentioned above. In this 
type of amplifier, the switches are either fully on or fully off, significantly reducing the 
power losses in the output devices. This is very similar to the difference between linear 
power regulators and switch-mode regulators. 


Efficiencies of 90% to 95% are possible. Audio Class-D amplifiers use a modulator to 
convert the input audio signal into a switching waveform used to control the output 
switches. Pulse-width modulation (PWM) is the most commonly used modulation 
scheme. In PWM, the audio signal is used to modulate a PWM carrier signal which 
drives the output devices. The output devices then drive a low-pass filter to remove the 
high frequency PWM carrier frequency, while retaining the desired audio content. The 
speaker is one of the elements in this filter, and is situated at the filter output. 


Class-D amplifiers take on many different forms, some can have digital inputs and some 
can have analog inputs. 


However, audio quality in PWM amplifiers can be limited: THD is typically 0.1% or 
worse, and PSRR is poor (see Reference 1). PSRR can be improved by sensing power 
supply variations and adjusting the modulator’s behavior to compensate, as proposed in 
(see Reference 1). However, this alone will not suppress the THD produced by inherent 
PWM nonlinearity or power-stage non-linearity. 


This THD and power supply noise can both be suppressed with feedback from the power 
stage outputs (see Reference 2), which incorporates the feedback around an analog PWM 
modulator. 


PWM is attractive because it allows > 100 dB audio-band SNR at low clock rates near 
400 kHz, limiting switching losses. Also, many PWM modulators are stable to near 100% 
modulation, allowing high output power before overloading. However, PWM has several 
problems. First, the PWM process inherently adds distortion in many modulation 
schemes (see Reference 3) and second, harmonics of the PWM switching frequency 
produce EMI in the AM band. 


XA modulation does not share these problems, but nonetheless hasn’t traditionally been 
used for Class-D (see reference 3), because conventional 1-bit £-A modulators are only 
stable to 50% modulation, and power efficiency is limited because typical output data 
rates are > 1 MHz, when = 64x oversampling rate is needed to achieve sufficient audio 
band SNR. However, Analog Devices has enhanced the traditional 1-bit £-A architecture 
to overcome these problems, and created =-A-based Class-D amplifier chips which have 
performance advantages over competitor PWM-based products. 
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DEVICE ARCHITECTURE 


The AD1990/AD1992/AD1994/AD1996 chips are 2-channel Bridge Tied Load (BTL) 
switching audio power amplifiers with integrated X-A modulator. Hereafter, AD199x will 
be used to refer to this product family. 


The AD199x modulator accepts a low power analog input signal (of 5 V p-p maximum 
amplitude), and generates a switching waveform to drive speakers directly. One of the 
two modulators can control both output stages thereby providing twice the current for 
single-channel applications. A digital, microcontroller-compatible interface provides 
control of reset, mute, and PGA gain as well as output signals for thermal and over- 
current error conditions. The output stage can operate from supply voltages ranging from 
8 V to 20 V. The analog modulator and digital logic operate from a 5 V supply. 


The power stage of the AD199x is arranged internally as four transistor pairs, which are 
used as two H-bridge outputs to provide stereo amplification. The transistor pairs are 
driven by the output of the Z-A modulator. A user selectable non-overlap time is provided 
between the switching of the high side transistor and low side transistor to ensure that 
both transistors are never on at the same time. The AD199x implements turn-on pop 
suppression to eliminate any pops or clicks following a reset or un-mute. 


Analog Input Section 


The analog input section uses an internal amplifier to bias the input signal to the 
reference level. A dc blocking capacitor should be connected to remove any external dc 
bias contained in the input signal. 


The Sigma-Delta Modulator 


The modulator uses a 1-bit, seventh-order feedforward architecture. The quantizer output 
drives the switching power stage, whose pulses are fed back to a continuous-time (CT) 
first integrator. This allows fullest possible integration of the pulse waveform, 
maximizing error correction. If the first integrator were discrete-time (DT), its sampling 
process would often miss important information about errors in pulse edge timing and 
shape, which would reduce the error-correcting effectiveness of the feedback loop. 


The CT integrator bandwidth of 100 kHz gives antialias filtering for the subsequent DT, 
switched-capacitor (SC) integrators. The SC integrators and quantizer are clocked at 
6 MHz, corresponding to 128 oversampling. 


For the modulator, seventh order is more than enough to achieve 100 dB SNR with 
traditional aggressive noise shaping (see Reference 5). However, this gives instability for 
modulation > 50%, limiting the maximum output power with stable operation to just 25% 
of theoretical full power. To overcome this limitation, we use less aggressive noise- 
shaping to maintain stability to 90% modulation. This gives good sound quality at higher 
power, but requires high modulator order to get acceptable SNR. 
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Fortunately, all integrators after the first can be SC. The high first integrator gain relaxes 
noise requirements for the SC ones, allowing small sampling caps (50 fF), and low power 
single-stage op amps. Resonator feedbacks to integrators 2, 4, and 6 reduce low- 
frequency noise, by placing NTF zeroes at 12 kHz, 22 kHz, and 40 kHz. When PVDD = 
12 V, integrated audio-band quantization noise is 25 V rms and additional thermal noise 
yields total integrated audio noise of 50 uV rms. Maximum output is 7.8 V rms, giving 
104 dB dynamic range. 


The modulator described to this point would become unstable for large inputs > 90% full- 
scale. Output transients resulting from the instability would bear little relationship to the 
desired signal, and would sound bad. To solve this problem, the modulator input is 
monitored, and when large signals that could cause instability are detected, Integrators 3 
to 7 of the modulator are reset. This effectively converts the modulator to a second order, 
unconditionally stable configuration. The loop gain is reduced relative to the “normal” 
seventh-order configuration, so that noise-shaping is less effective and more quantization 
noise reaches the output. However, this elevated noise is superimposed on a large output 
signal that is now closer to the desired waveform, and the composite sound is better than 
when the modulator is allowed to become unstable. 


Driving the H-Bridge 


Each channel of the switching amplifier is controlled by a 4 transistor H-bridge to give a 
differential output stage. The outputs of the H-bridges, OUTR+, OUTR-, OUTL+, and 
OUTL- will switch between PVDD and PGND as determined by the sigma delta (2-A) 
modulator. The power supply that is used to drive the power stage of the AD199x should 
be in the range of +8 V to +20 V and be capable of supplying enough current to drive the 
load. This power supply is connected across the PVDD and PGND pins. The feedback 
pins, NFR+, NFR-, NFL+, and NFL-, are used to supply negative feedback to the 
modulator. The pins are connected to the outputs of the H-bridge using a resistor divider 
network as shown in Figure 2.106. 


External Schottky diodes can be used to reduce power loss during the nonoverlap time 
when neither of the high-side or low-side transistors is on. During this time neither 
transistor is driving the OUTx pin. The purpose of the inductors is to keep current 
flowing. 


For example the OUTx pin may approach and pass the PGND level to achieve this. When 
the voltage at the OUTx pin is 0.7 V below PGND the parasitic diode associated with the 
low side transistor will become forward biased and turn on. When the high side transistor 
turns on the voltage at OUTx will rise to PVDD and will reverse bias the parasitic diode. 
However, by its nature the parasitic diode has a long reverse recovery time and current 
will continue to flow through it to PGND thus causing the entire circuit to draw more 
current than necessary. The addition of the Schottky diodes prevents this happening. 
When the OUTx pin goes more than 0.3 V below PGND the Schottky diode becomes 
forward biased. When the high side transistor turns on the Schottky diode becomes 
reverse biased. The reverse recovery time of the Schottky diode is significantly faster 
than the parasitic diode so far less current is wasted. A similar effect happens when the 
inductor induces a current which drives the OUTx pin above PVDD. Figure 2.106 shows 
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how the external components of a system are connected to the pins of the AD199x to 
form the H bridge configuration. 


PVDD PVDD 


EXTERNAL COMPONENTS 


71046-0004 


Figure 2.106: H-Bridge Configuration 


AMPLIFIER GAIN 


Selecting the Modulator Gain 


The AD199x modulator can be thought of as a switching analog amplifier with a voltage 
gain controlled by two external resistors forming a resistor divider between the OUTxx 
pins and PGND. The centre of the resistor divider is connected to the appropriate 
feedback pin NFx. Selecting the gain along with the PVDD Voltage will determine how 
much power can be delivered to a load for a fixed input signal. The gain of the modulator 
is controlled by the values of R1 and R2 (see Figure 2.106) according to the equation: 


Gain = (R2 + R1)/R2 (Eq. 2-23) 


If the voltage at the NFx pins exceeds 5 V, ESD protection circuitry will turn on, to 
protect low voltage circuitry inside the chip that’s connected to NFx. When the protection 
circuit is active it introduces nonlinear behavior into the modulator feedback loop, which 
degrades audio quality. To avoid this, Rl, R2, and the gain should be selected in a 
manner that limits max voltage at NFx to < 5 V. For optimal modulator stability and 
audio quality, use the formula: 


Gain = (R1 + R2)/R2 = PVDD/3.635 (Eq. 2-24) 


The ratio of the resistances sets the gain rather than the absolute values. However, the 
dividers provide a path from the high voltage supply to ground, so the values should be 
large enough to produce negligible loss due to quiescent current. 
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The chip contains a calibration circuit to minimize voltage offsets at the speaker, which 
helps to minimize clicks and pops when muting or un-muting. Optimal performance is 
achieved for the offset calibration circuit when the feedback divider resistors sum to 

6 kQ. (Meaning that (R1+R2) = 6 kQ). 


Power-Up Considerations 


Careful power-up of the AD100X is necessary to ensure correct operation and avoid 
possible latch-up issues. The AD199x should be powered-up with RST/PDN and MUTE 
held low until all the power supplies have stabilized. Once the supplies have stabilized 
the AD199x can be brought out of reset by bringing RST/PDN high and then MUTE can 
be brought high as required. 


On/Off/Mute Pop Noise Suppression 


The AD199x features pop suppression which is activated when the part is reset or taken 
out of mute. The pop suppression is achieved by pulsing the power outputs to bring the 
outputs of the LC filter from 0 V to midscale in a controlled fashion. This feature 
eliminates unwanted transients on both the outputs and the high voltage power supply. 


Thermal Protection 


The AD199x features thermal protection. When the die temperature exceeds 
approximately 135°C the Thermal Warning Error output (ERR1) is asserted. If the die 
temperature exceeds approximately 150°C the Thermal Shutdown Error output (ERR2) is 
asserted. If this occurs, the part shuts down to prevent damage. When the die temperature 
drops below approximately 120°C both error outputs are negated and the part returns to 
normal operation. 


Over-Current Protection 


The AD199x features over-current or short-circuit protection. If the current through any 
power transistors exceeds 4 A the part goes into mute and the over-current error output 
(ERRO) is asserted. This is a latched error and does not clear automatically. To clear the 
error condition and restore normal operation, the part must be either reset, or MUTE must 
be asserted and negated. 


Good board layout and decoupling are vital for correct operation of the AD199x. Due to 
the fact that the part switches high currents there is the potential for large PVDD bounce 
each time a transistor switches. This can cause unpredictable operation of the part. To 
avoid this potential problem, close chip decoupling is essential. It is also recommended 
that the decoupling capacitors are placed on the same side of the board as the AD199x, 
and connected directly to the PVDD and PGND pins. By placing the decoupling 
capacitors on the other side of the board and decoupling through vias the effectiveness of 
the decoupling is reduced. This is because vias have inductive properties and therefore 
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Figure 2.107: Typical Stereo Mode Application Circuit 


prevent very fast discharge of the decoupling capacitors. Best operation is achieved with 
at least one decoupling capacitor on each side of the AD199x, or (optionally) two 
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capacitors per side can be used to further reduce the series resistance of the capacitor. If 
these decoupling recommendations cannot be followed and decoupling through vias is 
the only option, the vias should be made as large as possible to increase surface area, 
thereby reducing inductance and resistance. 
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Figure 2.108: AD199x Block diagram 


Application Considerations 


Audio Fidelity and EMI Reduction 


The AD199x amplifiers deliver audiophile sound quality (THD <0.003%; SNR > 103 dB; 
PSRR> 65 dB) with 50% lower heat dissipation than traditional linear amplifiers. The 
THD performance is 40 dB better than typical open-loop competitors and 10 dB to 20 dB 
better than most closed-loop ones. This breakthrough performance is achieved through 
Analog Devices’ closed-loop, mixed-signal integration of seventh-order X-A modulator 
technology with high power output drive circuitry and bridge circuitry. Radiated and 
conducted out-of-band RF emissions are minimized with Analog Devices’ advanced 
modulation techniques and closed-loop, &-A architecture to enable a significant reduction 
in EMI. 


Power levels range from stereo 5 W (mono 10 W) to stereo 40 W (mono 80 W). The 
AD1994 can be configured in a modulator-only mode. This, coupled with external high 
power FETs enables very high power amplification, limited only by the power stage 
design. The parts also incorporate critical peripheral functions, including pop/click 
suppression circuitry as well as short-circuit, overload, and temperature protection. 

2A12 


OTHER LINEAR CIRCUITS 
AUDIO APPLICATIONS 


THD+N for 1 kHz sine wave 


Figure 2.109 and 2.110 shows FFTs measured with signals of 1 kHz at 1 uW and 1 W 


output power levels. The 1 uW FFT (Figure 2.109) demonstrates that the noise floor is 
tone-free for low-power inputs. 


FFT for i,W ikHz sine, measured at LC filter output 
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Noise |ntegrated 20Hz|—> 20kHz = 50 


Power (dBV) 
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Figure 2.109: THD+N for a 1 kHz Sine Wave at 1 uW 
The 1 W power level in Figure 2.110 is intended to represent a realistic listening level. 


Harmonic distortion is evident, but the 0.00121% THD is an unprecedented level for this 
signal condition in a single-chip Class-D amplifier. 


FFT for 1W 1kHz sine, measured at LC filter output 


Power (dBV) 


Frequency (Hz) x 10° 
Figure 2.110: THD+N for a 1 kHz Sine Wave at 1 W 
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Figure 2.111 shows how THD varies with frequency, when the signal condition is a sine 
wave of 1 W output power. 


THD vs. frequency, measured at LC filter output 
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Figure 2.111: 1 kHz Distortion vs. Frequency 


Higher modulator loop gain at low frequencies enables better correction of modulator and 
power stage errors, giving better THD than at higher frequencies. THD is actually 
0.001% (—100 dB) or better up to hundreds of Hz. The apparent THD improvement at 
audio frequencies above 6 kHz is a misleading artifact of the measurement setup, which 
was unable to detect harmonics beyond its 20 kHz bandwidth. For 20 kHz fundamentals, 
actual THD is near 0.01% (—80 dB), at ultrasonic, inaudible frequencies. 


THD + N vs. Output Power, 1 kHz Sine 


Figure 14 shows how THD + N varies with output power, for 1 kHz sine waves. There 
are two curves in the plot. The first (0) is for a low power application where PVDD = 12 
V and the load is 6 Q (the default measurement setup). The second (x) is for a higher 
power application where PVDD = 20 V and the load is 4 Q. 


In these curves, there are three distinct regions of performance. The first is at the lowest 
output power levels, where the modulator is seventh order, and THD + N is best. The 
second performance region is at significant output power, when the modulator order is 
lowered from seventh to second to prevent instability. The second-order configuration 
only allows 65 dB THD +N , because quantization noise is now elevated due to the 
lower modulator order. However, this higher noise is difficult to hear above the loud, 
energetic output. The third performance region is at highest output powers, where 
clipping occurs, and distortion associated with clipping causes THD to degrade rapidly. 
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THD+N vs. output power, 1kHz sine, meas. at LC filter output 
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Figure 2.113 shows the intermodulation distortion (IMD) resulting from a 1 W 19 kHz 
and 20 kHz twin-tone stimulus. The 1 kHz second-order product is approximately 98 dB 


below the tones. 


IMD 


10° 
2.115 


Frequency (Hz) 
Figure 2.113: Intermodulation distortion (IMD) 
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Crosstalk 


Crosstalk between channels is a concern in chips with multiple audio channels. To 
investigate crosstalk, we drove one channel of the chip with a 1 kHz, 1W (+7.8 dBV) sine 
wave, while leaving the other channel idle (0 input). We then measured the idle channel: 
results are shown in figure 2.114. The —-89 dBV 1 kHz tone in the idle channel is 97 dB 


below the driven channel’s signal. 
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Figure 2.114: Crosstalk 


Power efficiency 


Figure 2.115 shows power efficiency up to 5 W output power. The 50 mW/channel 
modulator power consumption and power stage consumption are both included in this 
calculation. (If we included only the power stage consumption but excluded the 
modulator, as is sometimes done, the efficiency number would improve). 
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Efficiency vs. output power, for sine input 
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Figure 2.115: Efficiency vs. Output Power 
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SECTION 2.15: AUTO-ZERO AMPLIFIERS 


Chopper Amplifiers 


Chopper type amplifier topologies have existed for decades. Initial chopper designs 
actually involved switching the ac coupled input signal and synchronous demodulation of 
the ac signal to re-establish the dc signal. See Figure 2.116. While these amplifiers 
achieved very low offset, low offset drift, and very high gain, they had limited bandwidth 
(it is a sampled system after all) and required filtering to remove the large ripple voltages 
generated by the chopping action. In the earliest implementations the chopping switches 
were actually relays, commonly switching on the order of 400 Hz. 


CHOPPER 


SWITCH 


Z = AUTO-ZERO 


Vout 


Figure 2.116: Classic Chopper Amplifier Simplified Schematic 


Virtually all modern IC chopper amplifiers actually use an auto-zero approach utilizing a 
two (or more) stage composite amplifier structure similar to the chopper-stabilized 
scheme. See Figure 2.117. One stage provides nulling action, while the other provides 
wideband response. Together, the two stages provide very high voltage gain as they are 
connected in series. 


Chopper-stabilized amplifiers solved the bandwidth limitations of the classic 
implementation by combining the chopper amplifier (used as a stabilizing amplifier) with 
a conventional wideband amplifier that remained in the signal path. Since the main 
signal path is not sampled, the bandwidth of the system is determined by the bandwidth 
of the signal amplifier. It can exceed the chopping frequency. 
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These chopper stabilized designs are capable of inverting operation only since the 
stabilizing amplifier is connected to the non-inverting input of the wideband amplifier. 


-IN O 


+IN O 


C1 Ss S = SAMPLE 


Q : Z = AUTO-ZERO 


Figure 2.117: Auto-Zero Amplifier Simplified Schematic 


In this approach, the inputs of the nulling stage are shorted together during the first phase 
of the operational cycle. During this nulling phase, amplified feedback is used to virtually 
eliminate the offset of the nulling stage. The feedback voltage is impressed on a storage 
capacitor so that during the second, or “output,” phase the offset remains nulled while the 
inputs are now connected to the signal of interest. 


In the output phase, the nulled input stage and the wideband stage in series amplify the 
signal. The output of the nulled stage is impressed on a storage capacitor so that when the 
cycle returns to the nulling phase (inputs shorted together), the output continues to reflect 
the last input voltage value. Higher frequency signals bypass the nulling stage through 
feed-forward techniques, making wide bandwidth operation possible. 


While this technique provides dc accuracy and better frequency response, along with the 


flexibility of inverting and noninverting configurations, it is prone to high levels of digital 
switching noise that may limit the usefulness of the wider bandwidth. 
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Auto-Zero Amplifiers Improves on Choppers 


ADIs auto-zero amplifiers use a similar architecture with some major improvements. 
Dual nulling loops, special switching logic and innovative compensation techniques 
result in dynamic performance improvements while minimizing total die area. The 
result—amplifiers that retain the high gain and dc precision of the auto-zero approach 
while minimizing the negative effects of digital switching on the analog signal—at half 
the cost. Typical offset voltage is under 1 pV and the offset drift is Jess than 10 nV/°C. 
Voltage gain is more than 10 million, while PSRR and CMRR are well above 120 dB. 
Input voltage noise is only 1 nV p-p from de to 10 Hz. 


Many auto-zero amplifiers are plagued by long overload recovery times due to the 
complicated settling behavior of the internal nulling loops after saturation of the outputs. 
Analog Devices auto-zero amplifiers have been designed so that internal settling occurs 
within one or two clock cycles after output saturation occurs. The result is that the 
overload recovery time is more than an order of magnitude shorter than previous designs 
and is comparable to conventional amplifiers. 


The careful design and layout of the AD855x amplifiers reduces digital clock noise and 
aliasing effects by as much as 40 dB versus older designs. 


In many cases the bandwidth required by the applications is such that the small amount of 
digital feedthrough can be eliminated by filtering. Output filtering is also useful in 
limiting the broadband noise of the signal amplifier. 


The AD857x reduces the effects of digital switching on the analog signal by using a 
patented digital spread-spectrum technique. As can be seen from Figures 2.118 and 
2.119, the AD857x virtually eliminates the energy spike seen in other auto-zero 
amplifiers at the switching frequency. It also reduces aliasing products between the 
chopping clock and the input signal to the noise floor. The only penalty for this 
breakthrough performance is a slight increase in voltage noise from the industry-best 
1 pV p-p from de to 10 Hz. of the AD855x design. 
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Figure 2.118: Output Spectrum of Auto-Zero Amplifiers with Fixed Frequency 
and Spread Spectrum Chopping 
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Figure 2.119: Output Voltage of Auto-Zero Amplifiers with Fixed Frequency and 
Spread Spectrum Chopping 
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Implementation 


The actual circuit implementation of an IC auto-zero amplifier is much more complicated 
than the simplified version described above. Multiple nulling loops are combined with 
innovative compensation and signal paths are fully differential. Internal voltages are 
controlled carefully to prevent saturation of the nulling circuitry. In addition, special logic 
designs are utilized and careful layout is required to minimize parasitic effects. These 
techniques result in stable, reliable operation and minimize unwanted digital interaction 
with the analog signals. 


The frequency response of the nulling and wideband amplifiers is carefully tailored so 
that low frequency errors (dc circuit offsets and low frequency noise) are nulled while 
high frequency signals are amplified as in a conventional op amp. This nulling of low 
frequency errors has an important consequence for voltage noise. The very low frequency 
1/f noise behavior seen in conventional amplifiers is not present in auto-zero amplifiers. 
For applications with long measurement times on slowly varying signals, the noise 
performance is better than the best low noise conventional amplifier designs. 


In this IC implementation, the size of the on-chip storage capacitors is limited to achieve 
a cost-effective die size. The small storage capacitors require careful attention to the 
switch design and layout so that charge injection effects do not create large offset errors. 
Switch leakage must also be minimized to maintain circuit accuracy, especially at high 
temperatures. In the AD855x and AD857x amplifiers, the switches have been optimized 
for accurate operation up to +125°C 


80 
Chopper: AD8571/72/74 


25 ice Fanaa | jeesuneceneesssenaneennerssaneesneee] 70 


_ IF CORNER ..... - 


20 
Fo = 0.7Hz 
iced ee em eee eee 
15 AV, : 50 
\ /S Vv ' 
WHITE : 
10 ee eee, ae eee = ( ) 40 siteccitoesttccria rs Hesecalssetlactectesstaleertboasstinc 
0.1 1 10 100 0.01 0.1 1 10 
FREQUENCY (Hz) FREQUENCY (Hz) 
NOISE BW BIPOLAR (OP177) CHOPPER (AD8571/72/74) 
0.1Hz to 10Hz 0.238yuV p-p 1.3 uV p-p 


0.01Hz to 1Hz 0.135yV 0.41p1V 


0.001Hz to 0.1Hz 
0.0001Hz to 0.01Hz 0.118yV p-p 0.042uV p-p 


Figure 2.120: Noise Comparison between Conventional Precision Amplifiers 
and Chopper Stabilized Op Amps 
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Operation Description 


The simplified circuit (Figure 2.121) consists of the nulling amplifier (Aq), the wideband 
amplifier (Ag), storage capacitors (Cv: and Cyz) and switches for the inputs and storage 
capacitors. There are two phases (A and B) per clock cycle. 


In Phase A, the auto-zero phase, the nulling amplifier auto-zeros itself while the 
wideband amplifier amplifies the input signal directly. The inputs of the nulling amp are 
shorted together and to the inverting input terminal (common-mode input voltage). The 
nulling amplifier nulls its inherent offset voltage through its nulling terminal gain (-Ba). 
The nulling voltage is also impressed on Cy. The signal at the input terminals is 
amplified directly by the wideband amplifier. 


Voss 


Vout 


Vout 


VNA 
Figure 2.122: Auto-Zero Amplifier, Output Phase 
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In phase B, the output phase, both amplifiers amplify the input signal. The inputs of the 
nulling amplifier are connected to the input terminals. The nulling voltage of the nulling 
amplifier is now stored on capacitor Cy and continues to minimize its output offset 
voltage. The instantaneous input signal is amplified by the nulling amplifier into the 
wideband amplifier through the wideband amplifier nulling terminal gain (Bg). The 
output voltage of the nulling amplifier is also impressed on storage capacitor Cy. The 
total amplifier gain is approximately equal to the product of the nulling amplifier gain 
and the wideband amplifier gain. The total offset voltage is approximately equal to the 
sum of the nulling amplifier and wideband amplifier offset voltages divided by the gain 
of the wideband amplifier nulling terminal. By making this gain very large, the total 
amplifier effective offset voltage becomes very small. 


Both Vosa and Vosp are high-pass filtered “corner frequency” of high-pass filter set by 
chopping frequency. 


As the cycle returns to the nulling phase, the stored voltage on Cy continues to 
effectively correct the dc offset of the composite amplifier. The cycle from nulling to 
output phase is repeated continuously at a rate set by the internal clock and logic circuits. 
This model circuit, while simplified from the actual design, accurately depicts the 
essentials of the auto-zero technique. 


A more rigorous analysis is available in the data sheets for the AD855x. 
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CHAPTER 3: SENSORS 


SECTION 3.1: POSITIONAL SENSORS 


Linear Variable Differential Transformers (LVDTs) 


The linear variable differential transformer (LVDT) is an accurate and reliable method 
for measuring linear distance. LVDTs find uses in modern machine-tool, robotics, 
avionics, and computerized manufacturing. 


The LVDT (see Figure 3.1) is a position-to-electrical sensor whose output is proportional 
to the position of a movable magnetic core. The core moves linearly inside a transformer 
consisting of a center primary coil and two outer secondary coils wound on a cylindrical 
form. The primary winding is excited with an AC voltage source (typically several kHz), 
inducing secondary voltages which vary with the position of the magnetic core within the 
assembly. The core is usually threaded in order to facilitate attachment to a 
nonferromagnetic rod which in turn in attached to the object whose movement or 
displacement is being measured. 


THREADED 
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SOURCE 


SCHAEVITZ r 
E100 - ‘.L--POSITION 4 


POSITION 4, 


Figure 3.1: Linear Variable Differential Transformer (LVDT) 


The secondary windings are wound out of phase with each other, and when the core is 
centered the voltages in the two secondary windings oppose each other, and the net 
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output voltage is zero. When the core is moved off center, the voltage in the secondary 
toward which the core is moved increases, while the opposite voltage decreases. The 
result is a differential voltage output which varies linearly with the core's position. 
Linearity is excellent over the design range of movement, typically 0.5% or better. The 
LVDT offers good accuracy, linearity, sensitivity, infinite resolution, as well as 
frictionless operation and ruggedness. 


A wide variety of measurement ranges are available in different LVDTs, typically from 
+100 um to +25 cm. Typical excitation voltages range from 1 V to 24 Vrms, with 
frequencies from 50 Hz to 20 kHz. 


Note that a true null does not occur when the core is in center position because of 


mismatches between the two secondary windings and leakage inductance. Also, simply 
measuring the output voltage VOUT will not tell on which side of the null position the 
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Figure 3.2: Improved LVDT Output Signal Processing 


A signal conditioning circuit which removes these difficulties is shown in Figure 3.2 
where the absolute values of the two output voltages are subtracted. Using this technique, 
both positive and negative variations about the center position can be measured. While a 
diode/capacitor-type rectifier could be used as the absolute value circuit, the precision 
rectifier shown in Figure 3.3 is more accurate and linear. The input is applied to a V/I 
converter which in turn drives an analog multiplier. The sign of the differential input is 
2 
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detected by the comparator whose output switches the sign of the V/I output via the 
analog multiplier. The final output is a precision replica of the absolute value of the input. 
These circuits are well understood by IC designers and are easy to implement on modern 
bipolar processes. 
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Figure 3.3: Precision Absolute Value Circuit 
(Full Wave Rectifier) 


The industry-standard AD598 LVDT signal conditioner shown in Figure 3.4 (simplified 
form) performs all required LVDT signal processing. The on-chip excitation frequency 
oscillator can be set from 20 Hz to 20 kHz with a single external capacitor. Two absolute 
value circuits followed by two filters are used to detect the amplitude of the A and B 
channel inputs. Analog circuits are then used to generate the ratiometric function 
[A — B]/[A + B]. Note that this function is independent of the amplitude of the primary 
winding excitation voltage, assuming the sum of the LVDT output voltage amplitudes 
remains constant over the operating range. This is usually the case for most LVDTs, but 
the user should always check with the manufacturer if it is not specified on the LVDT 
data sheet. Note also that this approach requires the use of a 5-wire LVDT. 


A single external resistor sets the AD598 excitation voltage from approximately 1 Vrms 
to 24 Vrms. Drive capability is 30 mArms. The AD598 can drive an LVDT at the end of 
300 feet of cable, since the circuit is not affected by phase shifts or absolute signal 
magnitudes. The position output range of VoyT is +11 V for a 6 mA load and it can 


drive up to 1000 feet of cable. The Va and Vp inputs can be as low as 100 mV RMS. 


The AD698 LVDT signal conditioner (see Figure 3.5 ) has similar specifications as the 
ADS598 but processes the signals slightly differently and uses synchronous demodulation. 
The A and B signal processors each consist of an absolute value function and a filter. The 
A output is then divided by the B output to produce a final output which is ratiometric 
and independent of the excitation voltage amplitude. Note that the sum of the LVDT 
secondary voltages does not have to remain constant in the AD698. 
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Figure 3.4: AD598 LVDT Signal Conditioner (Simplified) 
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Figure 3.5: AD698 LVDT Signal Conditioner (Simplified) 


The AD698 can also be used with a half-bridge (similar to an auto-transformer) LVDT as 
shown in Figure 3.6. In this arrangement, the entire secondary voltage is applied to the B 
processor, while the center-tap voltage is applied to the A processor. The half-bridge 
LVDT does not produce a null voltage, and the A/B ratio represents the range-of-travel of 
the core. 
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Figure 3.6: Half-Bridge LVDT Configuration 


It should be noted that the LVDT concept can be implemented in rotary form, in which 
case the device is called a rotary variable differential transformer (RVDT). The shaft is 
equivalent to the core in an LVDT, and the transformer windings are wound on the 
stationary part of the assembly. However, the RVDT is linear over a relatively narrow 
range of rotation and is not capable of measuring a full 360° rotation. Although capable 
of continuous rotation, typical RVDTs are linear over a range of about +40° about the 
null position (0°). Typical sensitivity is 2 to 3mV per volt per degree of rotation, with 
input voltages in the range of 3Vrms at frequencies between 400 Hz and 20 kHz. The 0° 
position is marked on the shaft and the body. 
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Hall Effect Magnetic Sensors 


If a current flows in a conductor (or semiconductor) and there is a magnetic field present 
which is perpendicular to the current flow, then the combination of current and magnetic 
field will generate a voltage perpendicular to both (see Figure 3.7). This phenomenon is 
called the Hall Effect, was discovered by E. H. Hall in 1879. The voltage, Vy, is known 
as the Hall Voltage. Vy is a function of the current density, the magnetic field, and the 


charge density and carrier mobility of the conductor. 
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Figure 3.7: Hall Effect Sensor 


The Hall effect may be used to measure magnetic fields (and hence in contact-free 
current measurement), but its commonest application is in motion sensors where a fixed 
Hall sensor and a small magnet attached to a moving part can replace a cam and contacts 
with a great improvement in reliability. (Cams wear and contacts arc or become fouled, 
but magnets and Hall sensors are contact free and do neither.) Since Vy is proportional to 


magnetic field and not to rate of change of magnetic field like an inductive sensor, the 
Hall Effect provides a more reliable low speed sensor than an inductive pickup. 


Although several materials can be used for Hall effect sensors, silicon has the advantage 
that signal conditioning circuits can be integrated on the same chip as the sensor. CMOS 
processes are common for this application. A simple rotational speed detector can be 
made with a Hall sensor, a gain stage, and a comparator as shown in Figure 3.8. The 
circuit is designed to detect rotation speed as in automotive applications. It responds to 
small changes in field, and the comparator has built-in hysteresis to prevent oscillation. 
Several companies manufacture such Hall switches, and their usage is widespread. 
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There are many other applications, particularly in automotive throttle, pedal, suspension, 
and valve position sensing, where a linear representation of the magnetic field is desired. 
The AD22151 is a linear magnetic field sensor whose output voltage is proportional to a 
magnetic field applied perpendicularly to the package top surface (see Figure 3.9). The 
AD22151 combines integrated bulk Hall cell technology and conditioning circuitry to 
minimize temperature related drifts associated with silicon Hall cell characteristics. 
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Figure 3.8: Hall Effect Sensor Used as a Rotational Sensor 


The architecture maximizes the advantages of a monolithic implementation while 
allowing sufficient versatility to meet varied application requirements with a minimum 
number of external components. Principal features include dynamic offset drift 
cancellation using a chopper-type op amp and a built-in temperature sensor. Designed for 
single +5 V supply operation, low offset and gain drift allows operation over a —40°C to 
+150°C range. Temperature compensation (set externally with a resistor R1) can 
accommodate a number of magnetic materials commonly utilized in position sensors. 
Output voltage range and gain can be easily set with external resistors. Typical gain range 
is usually set from 2 mV/Gauss to 6 mV/Gauss. Output voltage can be adjusted from 
fully bipolar (reversible) field operation to fully unipolar field sensing. The voltage 
output achieves near rail-to-rail dynamic range (+0.5 V to +4.5 V), capable of supplying 
1 mA into large capacitive loads. The output signal is ratiometric to the positive supply 
rail in all configurations. 
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Figure 3.9: AD22151 Linear Output Magnetic Field Sensor 
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Resolvers and Synchros 


Machine-tool and robotics manufacturers have increasingly turned to resolvers and 
synchros to provide accurate angular and rotational information. These devices excel in 
demanding factory applications requiring small size, long-term reliability, absolute 
position measurement, high accuracy, and low-noise operation. 


A diagram of a typical synchro and resolver is shown in Figure 3.10. Both synchros and 
resolvers employ single-winding rotors that revolve inside fixed stators. In the case of a 
simple synchro, the stator has three windings oriented 120° apart and electrically 
connected in a Y-connection. Resolvers differ from synchros in that their stators have 
only two windings oriented at 90°. 
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Figure 3.10: Synchros and Resolvers 


Because synchros have three stator coils in a 120° orientation, they are more difficult than 
resolvers to manufacture and are therefore more costly. Today, synchros find decreasing 
use, except in certain military and avionic retrofit applications. 


Modern resolvers, in contrast, are available in a brushless form that employ a transformer 
to couple the rotor signals from the stator to the rotor. The primary winding of this 
transformer resides on the stator, and the secondary on the rotor. Other resolvers use 
more traditional brushes or slip rings to couple the signal into the rotor winding. 
Brushless resolvers are more rugged than synchros because there are no brushes to break 
or dislodge, and the life of a brushless resolver is limited only by its bearings. Most 
resolvers are specified to work over 2 V to 40 Vrms and at frequencies from 400 Hz to 
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10 kHz. Angular accuracies range from 5 arc-minutes to 0.5 arc-minutes. (There are 60 
arc-minutes in one degree, and 60 arc-seconds in one arc-minute. Hence, one arc-minute 
is equal to 0.0167 degrees). 


In operation, synchros and resolvers resemble rotating transformers. The rotor winding is 
excited by an AC reference voltage, at frequencies up to a few kHz. The magnitude of the 
voltage induced in any stator winding is proportional to the sine of the angle, 0, between 
the rotor coil axis and the stator coil axis. In the case of a synchro, the voltage induced 
across any pair of stator terminals will be the vector sum of the voltages across the two 
connected coils. 


For example, if the rotor of a synchro is excited with a reference voltage, Vsinmt, across 
its terminals R1 and R2, then the stator's terminal will see voltages in the form: 


S1 to S3 = V sinat sinO Eq. 3-1 
S3 to S2 = V sinat sin (8 + 120°) Eq. 3-2 
S2 to S1 = V sinat sin (8 + 240°), Eq. 3-3 


where 6 is the shaft angle. 


In the case of a resolver, with a rotor AC reference voltage of Vsinat, the stator's 
terminal voltages will be: 


S1 to S3 = V sinot sin 8 Eq. 3-4 
S4 to S2 = V sinat sin(O + 90°) = V sinat cos0. Eq. 3-5 


It should be noted that the 3-wire synchro output can be easily converted into the 
resolver-equivalent format using a Scott-T transformer. Therefore, the following signal 
processing example describes only the resolver configuration. 


A typical resolver-to-digital converter (RDC) is shown functionally in Figure 3.11. The 
two outputs of the resolver are applied to cosine and sine multipliers. These multipliers 
incorporate sine and cosine lookup tables and function as multiplying digital-to-analog 
converters. Begin by assuming that the current state of the up/down counter is a digital 
number representing a trial angle, p. The converter seeks to adjust the digital angle, 9, 
continuously to become equal to, and to track 0, the analog angle being measured. The 
resolver's stator output voltages are written as: 


V1 =V sinot sin8 Eq. 3-6 
V2 = V sinawt cos Eq. 3-7 


where 0 is the angle of the resolver's rotor. The digital angle @ is applied to the cosine 
multiplier, and its cosine is multiplied by V1 to produce the term: 


V sinat sin® cose. Eq. 3-8 
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Figure 3.11: Resolver to Digital Converter (RDC) 


The digital angle @ is also applied to the sine multiplier and multiplied by V7 to product 


the term: 


V sinat cosO sing. Eq. 3-9 


These two signals are subtracted from each other by the error amplifier to yield an AC 
error signal of the form: 


V sinat [sin8 cose — cos8@ sing]. Eq. 3-10 
Using a simple trigonometric identity, this reduces to: 


V sinat [sin (0 —o)]. Eq. 3-11 


The detector synchronously demodulates this AC error signal, using the resolver's rotor 
voltage as a reference. This results in a DC error signal proportional to sin(0—@). 
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The DC error signal feeds an integrator, the output of which drives a voltage-controlled- 
oscillator (VCO). The VCO, in turn, causes the up/down counter to count in the proper 
direction to cause: 


sin (09—@) > 0. Eq. 3-12 
When this is achieved, 
0-90, Eq. 3-13 
and therefore 
o=0 Eq. 3-14 


to within one count. Hence, the counter's digital output, @, represents the angle 0. The 
latches enable this data to be transferred externally without interrupting the loop's 
tracking. 
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Inductosyns 


Synchros and resolvers inherently measure rotary position, but they can make linear 
position measurements when used with lead screws. An alternative, the Inductosyn™ 
(registered trademark of Farrand Controls, Inc.) measures linear position directly. In 
addition, Inductosyns are accurate and rugged, well-suited to severe industrial 
environments, and do not require ohmic contact. 


The linear Inductosyn consists of two magnetically coupled parts; it resembles a 
multipole resolver in its operation (see Figure 3.12). One part, the scale, is fixed (e.g. 
with epoxy) to one axis, such as a machine tool bed. The other part, the slider, moves 
along the scale in conjunction with the device to be positioned (for example, the machine 
tool carrier). 


The scale is constructed of a base material such as steel, stainless steel, aluminum, or a 
tape of spring steel, covered by an insulating layer. Bonded to this is a printed-circuit 
trace, in the form of a continuous rectangular waveform pattern. The pattern typically has 
a cyclic pitch of 0.1 inch, 0.2 inch, or 2 millimeters. The slider, about 4 inches long, has 
two separate but identical printed circuit traces bonded to the surface that faces the scale. 
These two traces have a waveform pattern with exactly the same cyclic pitch as the 
waveform on the scale, but one trace is shifted one-quarter of a cycle relative to the other. 
The slider and the scale remain separated by a small air gap of about 0.007 inch. 
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Figure 3.12: Linear Inductosyn 
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Inductosyn operation resembles that of a resolver. When the scale is energized with a sine 
wave, this voltage couples to the two slider windings, inducing voltages proportional to 
the sine and cosine of the slider's spacing within the cyclic pitch of the scale. If S is the 
distance between pitches, and X is the slider displacement within a pitch, and the scale is 
energized with a voltage V sinwt, then the slider windings will see terminal voltages of: 


V (sine output) = V sinot sin[27X/S] Eq. 3-15 


V (cosine output) = V sinat cos[27X/S]. Eq. 3-16 


As the slider moves the distance of the scale pitch, the voltages produced by the two 
slider windings are similar to those produced by a resolver rotating through 360°. The 
absolute orientation of the Inductosyn is determined by counting successive pitches in 
either direction from an established starting point. Because the Inductosyn consists of a 
large number of cycles, some form of coarse control is necessary in order to avoid 
ambiguity. The usual method of providing this is to use a resolver or synchro operated 
through a rack and pinion or a lead screw. 


In contrast to a resolver's highly efficient transformation of 1:1 or 2:1, typical 
Inductosyns operate with transformation ratios of 100:1. This results in a pair of 
sinusoidal output signals in the millivolt range which generally require amplification. 


Since the slider output signals are derived from an average of several spatial cycles, small 
errors in conductor spacing have minimal effects. This is an important reason for the 
Inductosyn's very high accuracy. In combination with 12-bit RDCs, linear Inductosyns 
readily achieve 25 microinch resolutions. 


Rotary inductosyns can be created by printing the scale on a circular rotor and the slider's 
track pattern on a circular stator. Such rotary devices can achieve very high resolutions. 
For instance, a typical rotary Inductosyn may have 360 cyclic pitches per rotation, and 
might use a 12-bit RDC. The converter effectively divides each pitch into 4096 sectors. 
Multiplying by 360 pitches, the rotary Inductosyn divides the circle into a total of 
1,474,560 sectors. This corresponds to an angular resolution of less than 0.9 arc seconds. 
As in the case of the linear Inductosyn, a means must be provided for counting the 
individual pitches as the shaft rotates. This may be done with an additional resolver 
acting as the coarse measurement. 
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Accelerometers 


Accelerometers are widely used to measure tilt, inertial forces, shock, and vibration. They 
find wide usage in automotive, medical, industrial control, and other applications. 
Modern micromachining techniques allow these accelerometers to be manufactured on 
CMOS processes at low cost with high reliability. Analog Devices iIMEMS® (Integrated 
Micro Electro Mechanical Systems) accelerometers represent a breakthrough in this 
technology. A significant advantage of this type of accelerometer over piezoelectric-type 
charge-output accelerometers is that DC acceleration can be measured (e.g. they can be 
used in tilt measurements where the acceleration is a constant 1g). 


The basic unit cell sensor building block for these accelerometers is shown in Figure 
3.13. The surface micromachined sensor element is made by depositing polysilicon on a 
sacrificial oxide layer that is then etched away leaving the suspended sensor element. The 
actual sensor has tens of unit cells for sensing acceleration, but the diagram shows only 
one cell for clarity. The electrical basis of the sensor is the differential capacitor (CS1 and 
CS2) which is formed by a center plate which is part of the moving beam and two fixed 
outer plates. The two capacitors are equal at rest (no applied acceleration). When 
acceleration is applied, the mass of the beam causes it to move closer to one of the fixed 
plates while moving further from the other. This change in differential capacitance forms 
the electrical basis for the conditioning electronics shown in Figure 3.14. 
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Figure 3.13: ADXL-Family Micromachined Accelerometers 
(Top View of IC) 
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Figure 3.14: Accelerometer Internal Signal Conditioning 


The sensor's fixed capacitor plates are driven differentially by a 1 MHz square wave: the 
two square wave amplitudes are equal but are 180° out of phase. When at rest, the values 
of the two capacitors are the same, and therefore the voltage output at their electrical 
center (i.e., at the center plate attached to the movable beam) is zero. When the beam 
begins to move, a mismatch in the capacitance produces an output signal at the center 
plate. The output amplitude will increase with the acceleration experienced by the sensor. 
The center plate is buffered by Al and applied to a synchronous demodulator. The 
direction of beam motion affects the phase of the signal, and synchronous demodulation 
is therefore used to extract the amplitude information. The synchronous demodulator 
output is amplified by A2 which supplies the acceleration output voltage, VourT. 


An interesting application of low-g accelerometers is measuring tilt. Figure 3.15 shows 
the response of an accelerometer to tilt. The accelerometer output on the diagram has 
been normalized to 1g fullscale. The accelerometer output is proportional to the sine of 
the tilt angle with respect to the horizon. Note that maximum sensitivity occurs when the 
accelerometer axis is perpendicular to the acceleration. This scheme allows tilt angles 
from —90° to +90° (180° of rotation) to be measured. However, in order to measure a full 
360° rotation, a dual-axis accelerometer must be used. 
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Figure 3.15: Using an Accelerometer to Measure Tilt 


Figure 3.16 shows a simplified block diagram of the ADXL202 dual axis +2 g 
accelerometer. The output is a pulse whose duty cycle contains the acceleration 
information. This type of output is extremely useful because of its high noise immunity, 
and the data is transmitted over a single wire. Standard low cost microcontrollers have 
timers which can be easily used to measure the T1 and T2 intervals. The acceleration in g 
is then calculated using the formula: 


A(g) = 8[TI/T2 —- 0.5]. Eq. 3-17 


Note that a duty cycle of 50 % (T1 = T2) yields a Og output. T2 does not have to be 
measured for every measurement cycle. It need only be updated to account for changes 
due to temperature. Since the T2 time period is shared by both X and Y channels, it is 
necessary to only measure it on one channel. The T2 period can be set from 0.5 ms to 
10 ms with an external resistor. 


Analog voltages representing acceleration can be obtained by buffering the signal from 
the XpyLT and YFILT outputs or by passing the duty cycle signal through an RC filter to 


reconstruct its DC value. 


A single accelerometer cannot work in all applications. Specifically, there is a need for 
both low-g and high-g accelerometers. Low-g devices are useful in such applications as 
tilt measurements, but higher-g accelerometers are needed in applications such as airbag 
crash sensors. 
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Figure 3.16: ADXL202 +2g Dual Axis Accelerometer 
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iMEMS* Angular-Rate-Sensing Gyroscope 


The new ADXRS150 and ADXRS300 gyros, with full-scale ranges of 150°/s and 300°/s, 
represent a quantum jump in gyro technology. The first commercially available surface- 
micromachined angular rate sensors with integrated electronics, they are smaller—with 
lower power consumption, and better immunity to shock and vibration—than any gyros 
having comparable functionality. 


Gyroscope Description 


Gyroscopes are used to measure angular rate—how quickly an object turns. The rotation 
is typically measured in reference to one of three axes: yaw, pitch, or roll. Figure 3.17 
shows a diagram representing each axis of sensitivity relative to a package mounted to a 
flat surface. Depending on how a gyro normally sits, its primary axis of sensitivity can be 
one of the three axes of motion: yaw, pitch, or roll. The ADXRS150 and ADXRS300 are 
yaw-axis gyros, but they can measure rotation about other axes by appropriate mounting 
orientation. For example, at the right of Fig. 3.17 a yaw-axis device is positioned to 
measure roll. 
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Fig. 3.17: Gyro Axes of Rotational Sensitivity 


A gyroscope with one axis of sensitivity can also be used to measure other axes by 
mounting the gyro differently, as shown in the right-hand diagram. Here, a yaw-axis 
gyro, such as the ADXRS150 or ADXRS300, is mounted on its side so that the yaw axis 
becomes the roll axis. 


As an example of how a gyro could be used, a yaw-axis gyro mounted on a turntable 
rotating at 33 1/3 rpm (revolutions per minute) would measure a constant rotation of 360° 


3.19 


[a BASIC LINEAR DESIGN 


times 33 1/3 rpm divided by 60 seconds, or 200°/s. The gyro would output a voltage 
proportional to the angular rate, as determined by its sensitivity, measured in millivolts 
per degree per second (mV/°/s). The full-scale voltage determines how much angular rate 
can be measured, so in the example of the turntable, a gyro would need to have a full- 
scale voltage corresponding to at least 200°/s. Full-scale is limited by the available 
voltage swing divided by the sensitivity. The ADXRS300, for example, with 1.5 V full- 
scale and a sensitivity of 5 mV/°/s, handles a full-scale of 300°/s. The ADXRS150, has a 
more limited full-scale of 150°/s but a greater sensitivity of 12.5 mV/°/s. 


One practical application is to measure how quickly a car turns by mounting a gyro inside 
the vehicle; if the gyro senses that the car is spinning out of control, differential braking 
engages to bring it back into control. The angular rate can also be integrated over time to 
determine angular position—particularly useful for maintaining continuity of GPS-based 
navigation when the satellite signal is lost for short periods of time. 


Coriolis Acceleration 


Analog Devices’ ADXRS gyros measure angular rate by means of Coriolis acceleration. 
The Coriolis effect can be explained as follows, starting with Figure 3.16. Consider 
yourself standing on a rotating platform, near the center. Your speed relative to the 
ground is shown as the arrow lengths in Figure 3.18. If you were to move to a point near 
the outer edge of the platform, your speed would increase relative to the ground, as 
indicated by the longer blue arrow. The rate of increase of your tangential speed, caused 
by your radial velocity, is the Coriolis acceleration (after Gaspard G. de Coriolis, 1792- 
1843—a French mathematician). 
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Figure 3.18: Coriolis acceleration example. 
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If Q is the angular rate and 7 the radius, the tangential velocity is Or. So, if r changes at 
speed, v, there will be a tangential acceleration Qv. This is half of the Coriolis 
acceleration. There is another half from changing the direction of the radial velocity 
giving a total of 2Ov. If you have mass, M, the platform must apply a force, 2MQv, to 
cause that acceleration, and the mass experiences a corresponding reaction force. 


Motion in 2 dimensions 


Consider the position coordinate, z = re”, in the complex plane. Differentiating with 
respect to time, ¢, the velocity is: 
dz _ dr dO. jo 


—e? + ire 
dt 


The two terms are the respective radial and tangential components, the latter arising from 
the angular rate. Differentiating again, the acceleration is: 


2 
dz | dr ii,.dr dd a .drdd i», .. #0 x d0 | jo! Eg. 3-20 
—= = | —— 9? + j§ — +] j —— ei + - r|— q. 
dt? [few at dt a “at dt ote dt? ee dt @ 


The first term is the radial linear acceleration and the fourth term is the tangential 
component arising from angular acceleration. The last term is the familiar centripetal 
acceleration needed to constrain r. The second and third terms are tangential and are the 
Coriolis acceleration components. They are equal, respectively arising from the changing 
direction of the radial velocity and from the changing magnitude of the tangential 
velocity. If the angular rate and radial velocities are constant, 


dQ _ 


ao Eq.3-21 
and 
dr 
dt ~ Eq. 3-22 
then 
dz = r:) 2 id Eq. 3-23 
qe lT2Qve"—O re 


where the angular component, ie”’, indicates a tangential direction in the sense of positive 
6 for the Coriolis acceleration, 2Ov, and -¢" indicates towards the center (1.e., 
centripetal) for the Q’r component 


The ADXRS gyros take advantage of this effect by using a resonating mass analogous to 
the person moving out and in on a rotating platform. The mass is micromachined from 
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polysilicon and is tethered to a polysilicon frame so that it can resonate only along one 
direction. 


Figure 3.19 shows that when the resonating mass moves toward the outer edge of the 
rotation, it is accelerated to the right and exerts on the frame a reaction force to the left. 
When it moves toward the center of the rotation, it exerts a force to the right, as indicated 


by the arrows. 
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Figure 3.19: Coriolis Effect Demo 1 
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Figure 3.20: Schematic of the gyro’s mechanical structure. 


To measure the Coriolis acceleration, the frame containing the resonating mass is 
tethered to the substrate by springs at 90° relative to the resonating motion, as shown in 
Figure 3.20. This figure also shows the Coriolis sense fingers that are used to capacitively 
sense displacement of the frame in response to the force exerted by the mass, as described 
Figure 3.19, a demonstration of the Coriolis effect in response to a resonating silicon 
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mass suspended inside a frame. The orange arrows indicate the force applied to the 
structure, based on status of the resonating mass. 


In figure 3.21 the frame and resonating mass are displaced laterally in response to the 
Coriolis effect. The displacement is determined from the change in capacitance between 
the Coriolis sense fingers on the frame and those attached to the substrate. 


further on. If the springs have a stiffness, K, then the displacement resulting from the 
reaction force will be 2 QvM/K 


Figure 3.21: Displacement due to the Coriolis Effect 


Figure 3.21, which shows the complete structure, demonstrates that as the resonating 
mass moves, and as the surface to which the gyro is mounted rotates, the mass and its 
frame experience the Coriolis acceleration and are translated 90° from the vibratory 
movement. As the rate of rotation increases, so does the displacement of the mass and the 
signal derived from the corresponding capacitance change. 


It should be noted that the gyro may be placed anywhere on the rotating object and at any 
angle, so long as its sensing axis is parallel to the axis of rotation. The above explanation 
is intended to give an intuitive sense of the function and has been simplified by the 
placement of the gyro. 


Capacitive Sensing 


ADXRS gyros measure the displacement of the resonating mass and its frame due to the 
Coriolis effect through capacitive sensing elements attached to the resonator, as shown in 
Figures 3.19, 20, and 21. These elements are silicon beams inter-digitated with two sets 
of stationary silicon beams attached to the substrate, thus forming two nominally equal 
capacitors. Displacement due to angular rate induces a differential capacitance in this 
system. If the total capacitance is C and the spacing of the beams is g, then the 
differential capacitance is 2 QvMC/eK, and is directly proportional to the angular rate. 
The fidelity of this relationship is excellent in practice, with nonlinearity less than 0.1%. 
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The ADXRS gyro electronics can resolve capacitance changes as small as 12 x 107! 
farads (12 zeptofarads) from beam deflections as small as 0.00016 Angstroms 
(16 femtometers). The only way this can be utilized in a practical device is by situating 
the electronics, including amplifiers and filters, on the same die as the mechanical sensor. 
The differential signal alternates at the resonator frequency and can be extracted from the 
noise by correlation. 


These sub atomic displacements are meaningful as the average positions of the surfaces 
of the beams, even though the individual atoms on the surface are moving randomly by 
much more. There are about 1012 atoms on the surfaces of the capacitors, so the 
statistical averaging of their individual motions reduces the uncertainty by a factor of 
106. So why can’t we do 100 times better? The answer is that the impact of the air 
molecules causes the structure to move—although similarly averaged, their effect is far 
greater! So why not remove the air? The device is not operated in a vacuum because it is 
a very fine, thin film weighing only 4 micrograms; its flexures, only 1.7 microns wide, 
are suspended over the silicon substrate. Air cushions the structure, preventing it from 
being destroyed by violent shocks—even those experienced during firing of a guided 
shell from a howitzer (as demonstrated recently) 
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Figure 3.22: Photograph of mechanical sensor. 


Figure 3.22 shows that the ADXRS gyros include two structures to enable differential 
sensing in order to reject environmental shock and vibration. 
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Integration of electronics and mechanical elements is a key feature of products such as 
the ADXRS150 and ADXRS300, because it makes possible the smallest size and cost for 
a given performance level. Figure 3.23 is a photograph of the ADXRS die, highlighting 
the integration of the mechanical rate sensor and the signal conditioning electronics. 
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Figure 3.23: Photograph of ADXRS gyro die 


The ADXRS150 and ADXRS300 are housed in an industry-standard package that 
simplifies users’ product development and production. The ceramic package—a 32-pin 
ball grid-array, (BGA)—measures 7 mm wide by 7 mm deep by 3 mm tall. It is at least 
100 times smaller than any other gyro having similar performance. Besides their small 
size, these gyros consume 30 mW, far less power than similar gyros. The combination of 
small size and low power make these products ideally suited for consumer applications 
such as toy robots, scooters, and navigation devices. 


Immunity to Shock and Vibration 


One of the most important concerns for a gyro user is the device’s ability to reliably 
provide an accurate angular rate-output signal—even in the presence of environmental 
shock and vibration. One example of such an application is automotive rollover detection, 
in which a gyro is used to detect whether or not a car (or SUV) is rolling over. Some 
rollover events are triggered by an impact with another object, such as a curb, that results 
in a shock to the vehicle. If the shock saturates the gyro sensor, and the gyro cannot filter 
it out, then the airbags may not deploy. Similarly, if a bump in the road results in a shock 
or vibration that translates into a rotational signal, the airbags might deploy when not 
needed—a considerable safety hazard! 
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As can be seen, the ADXRS gyros employ a novel approach to angular rate-sensing that 
makes it possible to reject shocks of up to 1,000 g — they use two resonators to 
differentially sense signals and reject common-mode external accelerations that are 
unrelated to angular motion. This approach is, in part, the reason for the excellent 
immunity of the ADXRS gyros to shock and vibration. The two resonators in Figure 3.22 
are mechanically independent, and they operate anti-phase. As a result, they measure the 
same magnitude of rotation, but give outputs in opposite directions. Therefore, the 
difference between the two sensor signals is used to measure angular rate. This cancels 
non-rotational signals that affect both sensors. The signals are combined in the internal 
hard-wiring ahead of the very sensitive preamplifiers. Thus, extreme acceleration 
overloads are largely prevented from reaching the electronics—thereby allowing the 
signal conditioning to preserve the angular rate output during large shocks. This scheme 
requires that the two sensors be well-matched, precisely fabricated copies of each other. 
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SECTION 3.2: TEMPERATURE SENSORS 


Introduction 


Measurement of temperature is critical in modern electronic devices, especially 
expensive laptop computers and other portable devices with densely packed circuits 
which dissipate considerable power in the form of heat. Knowledge of system 
temperature can also be used to control battery charging as well as prevent damage to 
expensive microprocessors. 


Compact high power portable equipment often has fan cooling to maintain junction 
temperatures at proper levels. In order to conserve battery life, the fan should only 
operate when necessary. Accurate control of the fan requires a knowledge of critical 
temperatures from the appropriate temperature sensor. 


Accurate temperature measurements are required in many other measurement systems 
such as process control and instrumentation applications. In most cases, because of low- 
level nonlinear outputs, the sensor output must be properly conditioned and amplified 
before further processing can occur. 


Except for IC sensors, all temperature sensors have nonlinear transfer functions. In the 
past, complex analog conditioning circuits were designed to correct for the sensor 
nonlinearity. These circuits often required manual calibration and precision resistors to 
achieve the desired accuracy. Today, however, sensor outputs may be digitized directly 
by high resolution ADCs. Linearization and calibration is then performed digitally, 
thereby reducing cost and complexity. 


Resistance Temperature Devices (RTDs) are accurate, but require excitation current and 
are generally used in bridge circuits. Thermistors have the most sensitivity but are the 
most non-linear. However, they are popular in portable applications such as measurement 
of battery temperature and other critical temperatures in a system. 


Modern semiconductor temperature sensors offer high accuracy and high linearity over 
an operating range of about —55°C to +150°C. Internal amplifiers can scale the output to 
convenient values, such as 10 mV/°C. They are also useful in cold-junction- 
compensation circuits for wide temperature range thermocouples. Semiconductor 
temperature sensors can be integrated into multi-function ICs which perform a number of 
other hardware monitoring functions. 


Figure 3.24 lists the most popular types of temperature transducers and_ their 
characteristics. 


3.29 


[Ca BASIC LINEAR DESIGN 


3.30 


THERMOCOUPLE 


RTD 


THERMISTOR 
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Widest Range: 
-—184°C to +2300°C 


Range: 
—200°C to +850°C 
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0°C to +100°C 


Range: 
—55°C to +150°C 


High Accuracy and 
Repeatability 


Fair Linearity 


Poor Linearity 


Linearity: 1°C 


Accuracy: 1°C 


Needs Cold Junction Requires Requires Requires Excitation 
Compensation Excitation Excitation 
Low-Voltage Output Low Cost High Sensitivity | 10mV/K, 20mV/K, 


or 1pHA/K Typical 
Output 


Figure 3.24: Types of Temperature Sensors 
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Semiconductor Temperature Sensors 


Modern semiconductor temperature sensors offer high accuracy and high linearity over 
an operating range of about —55°C to +150°C. Internal amplifiers can scale the output to 
convenient values, such as 10 mV/°C. They are also useful in cold-junction- 
compensation circuits for wide temperature range thermocouples. 


All semiconductor temperature sensors make use of the relationship between a bipolar 
junction transistor's (BJT) base-emitter voltage to its collector current: 


Vae= KT ip(te) Eq. 3-24 
q Is 


where k is Boltzmann's constant, T is the absolute temperature, q is the charge of an 
electron, and I, is a current related to the geometry and the temperature of the transistors. 


(The equation assumes a voltage of at least a few hundred mV on the collector, and 
ignores Early effects.) 


If we take N transistors identical to the first (see Figure 3.25) and allow the total current 


I, to be shared equally among them, we find that the new base-emitter voltage is given by 
the equation 


ee KT ja( Je) Eq. 3-25 


c 
N TRANSISTORS 


AVBE = VBE - VN = yin 


INDEPENDENT OF Ic, Is 


Figure 3.25: Basic Relationships for Semiconductor Temperature Sensors 
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Neither of these circuits is of much use by itself because of the strongly temperature 
dependent current I, but if we have equal currents in one BJT and N similar BJTs then 
the expression for the difference between the two base-emitter voltages is proportional to 
absolute temperature and does not contain Ig. 


Vp 2 Ven = VN =< in(4e) KT inf Io Eq.3-26 
q I, q N-I, 
kT I I 
AVBE = VBE - Yn = l e| ~tn{ Je_| Eq.3-2 
BE = VBE ~YN =~) off n Nelg q.3-27 


AVBE = VBE — VN = = 


+Vin 


“"BROKAW CELL" 


Veanpcap = 1-205V 
O 


<_ Vn 


kT VBE 
AVBE = VBE -— VN = _ R2 


(Q1) 


| R1 kT 
© |Vptat = 2 Ro q_ In(N) 


R1 


Figure 3.26: Classic Bandgap Temperature Sensor 


The circuit shown in Figure 3.26 implements the above equation and is known as the 
"Brokaw Cell" (see Reference 10). The voltage AVpp = VpR -— VN appears across 


resistor R2. The emitter current in Q2 is therefore AVRR/R2. The op amp's servo loop 
and the resistors, R, force the same current to flow through Q1. The Q1 and Q2 currents 
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are equal and are summed and flow into resistor R1. The corresponding voltage 
developed across R1 is proportional to absolute temperature (PTAT) and given by: 


2R1(VBE - VN), RI KT 


-VPTAT = “2 go Eq. 3-29 


R2 R2 


The bandgap cell reference voltage, VRBANDGAP: appears at the base of QI and is the 
sum of VBE(QI) and VptaT. VBE(Q1) is complementary to absolute temperature 
(CTAT), and summing it with Vp-aT causes the bandgap voltage to be constant with 


respect to temperature (assuming proper choice of R1/R2 ratio and N to make the 
bandgap voltage equal to 1.205 V). This circuit is the basic band-gap temperature sensor, 
and is widely used in semiconductor temperature sensors. 


Current Out Temperature Sensors 


This type of temperature sensor produces a current output proportional to absolute 
temperature. For supply voltages between 4 V and 30 V the device acts as a high 
impedance constant current regulator with an output proportional to absolute temperature 
with a typical transfer function of 1 uA/°K. This means that at 25°C there will be 298 pA 
flowing in the loop. 


A current output temperature sensor such as the AD590 is particularly useful in remote 
sensing applications. These devices are insensitive to voltage drops over long lines due to 
their high impedance current outputs. The output characteristics also make this type of 
device easy to multiplex: the current can be switched by a simple logic gate as shown in 
the figure. 


Current Output 
Temperature 
Sensor (AD590) 


Zone 1 Zone 2 


ImvV/°K 1K 


Figure 3.27: Multiplexed AD590 Application 
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Current and Voltage Output Temperature Sensors 


The concepts used in the bandgap temperature sensor discussion above can be used as the 
basis for a variety of IC temperature sensors to generate either current or voltage outputs. 


SG Vs = +5V 
0.1yF 


eee ee ee ee a a a a a a 


R(T 


AD22100 


Figure 3.28: Ratiometric Voltage Output Sensor 


In some cases, it is desirable for the output of a temperature sensor to be ratiometric with 
its supply voltage. The AD22100 (see Figure 3.29) has an output that is ratiometric with 
its supply voltage (nominally 5 V) according to the equation: 


Vv Vv 
Vout = = ; [ars V+ ae * va | Eq.3-30 


The circuit shown in Figure 3.28 uses the AD22100 power supply as the reference to the 
ADC, thereby eliminating the need for a precision voltage reference. 


The thermal time constant of a temperature sensor is defined to be the time required for 
the sensor to reach 63.2% of the final value for a step change in the temperature. 
Figure 3.29 shows the thermal time constant of the ADT45/ADT50 series of sensors with 
the SOT-23-3 package soldered to 0.338" x 0.307" copper PC board as a function of air 
flow velocity. Note the rapid drop from 32 seconds to 12 seconds as the air velocity 
increases from 0 (still air) to 100 LFPM. As a point of reference, the thermal time 
constant of the ADT45/ADT50 series in a stirred oil bath is less than 1 second, which 
verifies that the major part of the thermal time constant is determined by the case. 
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The power supply pin of these sensors should be bypassed to ground with a 0.1 uF 
ceramic capacitor having very short leads (preferably surface mount) and located as close 
to the power supply pin as possible. Since these temperature sensors operate on very little 
supply current and could be exposed to very hostile electrical environments, it is 
important to minimize the effects of EMI/RFI on these devices. The effect of RFI on 
these temperature sensors is manifested as abnormal DC shifts in the output voltage due 
to rectification of the high frequency noise by the internal IC junctions. In those cases 
where the devices are operated in the presence of high frequency radiated or conducted 
noise, a large value tantalum electrolytic capacitor (>2.2 uF) placed across the 0.1 uF 
ceramic may offer additional noise immunity. 


35 


SOT-23-3 SOLDERED TO 0.338" x 0.307" Cu PCB 
_ V+ =2.7V TO 5V 
NO LOAD 


TIME 
CONSTANT- 
SECONDS 


0 100 200 300 400 500 600 700 
AIR VELOCITY - LFPM 
Figure 3.29: Thermal Response in Forced Air for SOT-23-2 Package 


3.35 


[C4 BASIC LINEAR DESIGN 


Thermocouple Principles and Cold-Junction Compensation 


Thermocouples are small, rugged, relatively inexpensive, and operate over the widest 
range of all temperature sensors. They are especially useful for making measurements at 
extremely high temperatures (up to +2300°C) in hostile environments. They produce only 
millivolts of output, however, and require precision amplification for further processing. 
They also require cold-junction-compensation (CJC) techniques which will be discussed 
shortly. They are more linear than many other sensors, and their non-linearity has been 
well characterized. Some common thermocouples are shown in Figure 3.30. The most 
common metals used are Iron, Platinum, Rhodium, Rhenium, Tungsten, Copper, Alumel 
(composed of Nickel and Aluminum), Chromel (composed of Nickel and Chromium) and 
Constantan (composed of Copper and Nickel). 


TYPICAL NOMINAL ANSI 
JUNCTION MATERIALS USEFUL SENSITIVITY | DESIGNATION 
RANGE (°C) (yuV/°C) 
Platinum (6%)/ Rhodium- 38 to 1800 7.7 B 
Platinum (30%)/Rhodium 
Tungsten (5%)/Rhenium - 0 to 2300 16 Cc 
Tungsten (26%)/Rhenium 
Chromel - Constantan 0 to 982 76 E 
Iron - Constantan 0 to 760 55 J 
Chromel - Alumel —184 to 1260 39 K 
Platinum (13%)/Rhodium- 0 to 1593 11.7 R 
Platinum 
Platinum (10%)/Rhodium- 0 to 1538 10.4 ) 
Platinum 
Copper-Constantan —184 to 400 45 T 


Figure 3.30: Common Thermocouples 


Figure 3.31 shows the voltage-temperature curves of three commonly used 
thermocouples, referred to a O°C fixed-temperature reference junction. Of the 
thermocouples shown, Type J thermocouples are the most sensitive, producing the largest 
output voltage for a given temperature change. On the other hand, Type S thermocouples 
are the least sensitive. These characteristics are very important to consider when 
designing signal conditioning circuitry in that the thermocouples' relatively low output 
signals require low-noise, low-drift, high-gain amplifiers. 


To understand thermocouple behavior, it is necessary to consider the non-linearities in 


their response to temperature differences. Figure 3.31 shows the relationships between 
sensing junction temperature and voltage output for a number of thermocouple types (in 
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all cases, the reference co/d junction is maintained at 0°C). It is evident that the responses 
are not quite linear, but the nature of the non-linearity is not so obvious. 


Figure 3.32 shows how the Seebeck coefficient (the change of output voltage with 
change of sensor junction temperature - 1.e., the first derivative of output with respect to 
temperature) varies with sensor junction temperature (we are still considering the case 
where the reference junction is maintained at 0°C). 


When selecting a thermocouple for making measurements over a particular range of 
temperature, we should choose a thermocouple whose Seebeck coefficient varies as little 
as possible over that range. 
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Figure 3.31: Thermocouple Output Voltages for Type J, K and S 
Thermocouples 


For example, a Type J thermocouple has a Seebeck coefficient which varies by less than 
1 pV/°C between 200 and 500°C, which makes it ideal for measurements in this range. 


Presenting these data on thermocouples serves two purposes: First, Figure 3.30 illustrates 
the range and sensitivity of the three thermocouple types so that the system designer can, 
at a glance, determine that a Type S thermocouple has the widest useful temperature 
range, but a Type J thermocouple is more sensitive. Second, the Seebeck coefficients 
provide a quick guide to a thermocouple's linearity. Using Figure 3.31, the system 
designer can choose a Type K thermocouple for its linear Seebeck coefficient over the 
range of 400°C to 800°C or a Type S over the range of 900°C to 1700°C. The behavior 
of a thermocouple's Seebeck coefficient is important in applications where variations of 
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temperature rather than absolute magnitude are important. These data also indicate what 
performance is required of the associated signal conditioning circuitry. 


70 


SEEBECK COEFFICIENT - pV/ °C 
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Figure 3.32: Thermocouple Seebeck Coefficient vs. Temperature 


To use thermocouples successfully we must understand their basic principles. Consider 
the diagrams in Figure 3.33. 


A. THERMOELECTRIC VOLTAGE C. THERMOCOUPLE MEASUREMENT 
Metal A Metal A 
vi-V2 
Metal A ‘ 
Thermoelectric V1 T1 T2 v2 
EMF 
Metal B y Metal B 
B. THERMOCOUPLE D. THERMOCOUPLE MEASUREMENT 
Copper Copper 
Metal A R Metal A 
Metal A Metal A 
I -_ 
v1 T1 T2 §V2 V1 v2 
Metal B Metal B 


R = Total Circuit Resistance 
1=(V1-V2)/R V=V1-V2, If T3=T4 


Figure 3.33: Thermocouple Basics 
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If we join two dissimilar metals at any temperature above absolute zero, there will be a 
potential difference between them (their "thermoelectric e.m.f." or "contact potential") 
which is a function of the temperature of the junction (Figure 3.33A). If we join the two 
wires at two places, two junctions are formed (Figure 3.33B). If the two junctions are at 
different temperatures, there will be a net e.m-f. in the circuit, and a current will flow 
determined by the e.m.f. and the total resistance in the circuit (Figure 3.33B). If we break 
one of the wires, the voltage across the break will be equal to the net thermoelectric e.m.f. 
of the circuit, and if we measure this voltage, we can use it to calculate the temperature 
difference between the two junctions (Figure 3.33C). We must always remember that a 
thermocouple measures the temperature difference between two junctions, not the 
absolute temperature at one junction. We can only measure the temperature at the 
measuring junction if we know the temperature of the other junction (often called the 
"reference" junction or the "cold" junction). 


But it is not so easy to measure the voltage generated by a thermocouple. Suppose that 
we attach a voltmeter to the circuit in Figure 3.33C (Figure 3.33D). The wires attached to 
the voltmeter will form further thermojunctions where they are attached. If both these 
additional junctions are at the same temperature (it does not matter what temperature), 
then the "Law of Intermediate Metals" states that they will make no net contribution to 
the total e.m.f. of the system. If they are at different temperatures, they will introduce 
errors. Since every pair of dissimilar metals in contact generates a thermoelectric e.m.f. 
(including copper/solder, kovar/copper [kovar is the alloy used for IC leadframes] and 
aluminum/kovar [at the bond inside the IC]), it is obvious that in practical circuits the 
problem is even more complex, and it is necessary to take extreme care to ensure that all 
the junction pairs in the circuitry around a thermocouple, except the measurement and 
reference junctions themselves, are at the same temperature. 


Thermocouples generate a voltage, albeit a very small one, and do not require excitation. 
As shown in Figure 3.33D, however, two junctions (Tl, the measurement junction and 
T2, the reference junction) are involved. If T2 = T1, then V2 = V1, and the output voltage 
V = 0. Thermocouple output voltages are often defined with a reference junction 
temperature of 0°C (hence the term cold or ice point junction), so the thermocouple 
provides an output voltage of 0 V at 0°C. To maintain system accuracy, the reference 
junction must therefore be at a well-defined temperature (but not necessarily 0°C). A 
conceptually simple approach to this need is shown in Figure 3.34. Although an ice/water 
bath is relatively easy to define, it is quite inconvenient to maintain. 


Today an ice-point reference, and its inconvenient ice/water bath, is generally replaced by 
electronics. A temperature sensor of another sort (often a semiconductor sensor, 
sometimes a thermistor) measures the temperature of the cold junction and is used to 
inject a voltage into the thermocouple circuit which compensates for the difference 
between the actual cold junction temperature and its ideal value (usually 0°C) as shown 
in Figure 3.35. Ideally, the compensation voltage should be an exact match for the 
difference voltage required, which is why the diagram gives the voltage as f(T2) (a 
function of T2) rather than KT2, where K is a simple constant. In practice, since the cold 
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Figure 3.34: Classic Cold-Junction Compensation 
Using an Ice-Point (0 °C) Reference Junction 
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V(OUT) = V(T1) - V(T2) + V(COMP) 
IF V(COMP) = V(T2) - V(0°C), THEN 


V(OUT) += V(T1) - V(0°C) 


Figure 3.35: Using a Temperature Sensor for Cold-Junction Compensations 


junction is rarely more than a few tens of degrees from 0°C, and generally varies by little 
more than +10°C, a linear approximation (V = KT2) to the more complex reality is 
sufficiently accurate and is what is often used. (The expression for the output voltage of a 
thermocouple with its measuring junction at T°C and its reference at 0°C is a polynomial 


of the form V = K,T + KyT2 + K3T3 +..., but the values of the coefficients K, K3, etc. 
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are very small for most common types of thermocouple. References 8 and 9 give the 
values of these coefficients for a wide range of thermocouples.) 


When electronic cold-junction compensation is used, it is common practice to eliminate 
the additional thermocouple wire and terminate the thermocouple leads in the isothermal 
block in the arrangement shown in Figure 3.36. The Metal A-Copper and the Metal B- 
Copper junctions, if at the same temperature, are equivalent to the Metal A-Metal B 
thermocouple junction in Figure 3.35. 


praseeccccccseeenennnnnny COPPER 
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1@ V1 TEMPERATURE 
COMPENSATION 
a CIRCUIT 
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Ne : COPPER 
T2 


ISOTHERMAL BLOCK 


Figure 3.36: Terminating Thermocouple Leads Directly to an Isothermal Block 


The circuit in Figure 3.37 conditions the output of a Type K thermocouple, while 
providing cold-junction compensation, for temperatures between 0°C and 250°C. The 
circuit operates from single +3.3 V to +12 V supplies and has been designed to produce 
an output voltage transfer characteristic of 10 mV/°C. 


A Type K thermocouple exhibits a Seebeck coefficient of approximately 41 wV/°C; 
therefore, at the cold junction, the TMP35 voltage output sensor with a temperature 
coefficient of 10 mV/°C is used with R1 and R2 to introduce an opposing cold-junction 
temperature coefficient of -41 uV/°C. This prevents the isothermal, cold-junction 
connection between the circuit's printed circuit board traces and the thermocouple's wires 
from introducing an error in the measured temperature. This compensation works 
extremely well for circuit ambient temperatures in the range of 20°C to 50°C. Over a 
250°C measurement temperature range, the thermocouple produces an output voltage 
change of 10.151 mV. Since the required circuit's output full-scale voltage change is 
2.5 V, the gain of the circuit is set to 246.3. Choosing R4 equal to 4.99 kQ sets R5 equal 
to 1.22 MQ. Since the closest 1% value for R5 is 1.21 MQ, a 50 kQ potentiometer is 
used with RS for fine trim of the full-scale output voltage. Although the OP193 is a 
single-supply op amp, its output stage is not rail-to-rail, and will only go down to about 
0.1 V above ground. For this reason, R3 is added to the circuit to supply an output offset 
voltage of about 0.1V for a nominal supply voltage of 5 V. This offset (10°C) must be 
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subtracted when making measurements referenced to the OP193 output. R3 also provides 
an open thermocouple detection, forcing the output voltage to greater than 3 V should the 
thermocouple open. Resistor R7 balances the DC input impedance of the OP193, and the 
0.1 uF film capacitor reduces noise coupling into its non-inverting input. 
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Figure 3.37: Using a Temperature Sensor 
for Cold-Junction Compensation (TMP35) 


The AD594/AD595 is a complete instrumentation amplifier and thermocouple cold 
junction compensator on a monolithic chip (see Figure 3.38). It combines an ice point 
reference with a precalibrated amplifier to provide a high level (10 mV/°C) output 
directly from the thermocouple signal. Pin-strapping options allow it to be used as a 
linear amplifier-compensator or as a switched output set-point controller using either 
fixed or remote set-point control. It can be used to amplify its compensation voltage 
directly, thereby becoming a stand-alone Celsius transducer with 10 mV/°C output. In 
such applications it is very important that the IC chip is at the same temperature as the 
cold junction of the thermocouple, which is usually achieved by keeping the two in close 
proximity and isolated from any heat sources. 


The AD594/AD595 includes a thermocouple failure alarm that indicates if one or both 
thermocouple leads open. The alarm output has a flexible format which includes TTL 
drive capability. The device can be powered from a single-ended supply (which may be 
as low as +5 V), but by including a negative supply, temperatures below 0°C can be 
measured. To minimize self-heating, an unloaded AD594/AD595 will operate with a 
supply current of 160 WA, but is also capable of delivering +5 mA to a load. 


The AD594 is precalibrated by laser wafer trimming to match the characteristics of type J 
(iron/constantan) thermocouples, and the ADS595 is laser trimmed for type K 
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(chromel/alumel). The temperature transducer voltages and gain control resistors are 
available at the package pins so that the circuit can be recalibrated for other thermocouple 
types by the addition of resistors. These terminals also allow more precise calibration for 
both thermocouple and thermometer applications. The AD594/AD595 is available in two 
performance grades. The C and the A versions have calibration accuracies of +1°C and 
+3°C, respectively. Both are designed to be used with cold junctions between 0 to +50°C. 
The circuit shown in Figure 7.11 will provide a direct output from a type J thermocouple 
(AD594) or a type K thermocouple (AD595) capable of measuring 0 to +300°C. 


+5V 


BROKEN 
THERMOCOUPLE Vout 
ALARM , 10mv/°C 


O- 


OVERLOAD 
DETECT 


TYPE J: AD594 
TYPE K: AD595 


THERMOCOUPLE AD594/AD595 


Figure 3.38: AD594/AD595 Monolithic Thermocouple Amplifier 
with Cold-Junction Compensation 


The AD596/AD597 are monolithic set-point controllers which have been optimized for 
use at elevated temperatures as are found in oven control applications. The device cold- 
junction compensates and amplifies a type J/K thermocouple to derive an internal signal 
proportional to temperature. They can be configured to provide a voltage output 
(10mV/°C) directly from type J/K thermocouple signals. The device is packaged in a 
10-pin metal can and is trimmed to operate over an ambient range from +25°C to 
+100°C. The AD596 will amplify thermocouple signals covering the entire —200°C to 
+760°C temperature range recommended for type J thermocouples while the AD597 can 
accommodate —200°C to +1250°C type K inputs. They have a calibration accuracy of 
+4°C at an ambient temperature of 60°C and an ambient temperature stability 
specification of 0.05°C/°C from +25°C to +100°C. 


None of the thermocouple amplifiers previously described compensate for thermocouple 
non-linearity, they only provide conditioning and voltage gain. High resolution ADCs 
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such as the AD77XX family can be used to digitize the thermocouple output directly, 
allowing a microcontroller to perform the transfer function linearization as shown in 
Figure 3.39. The two multiplexed inputs to the ADC are used to digitize the 
thermocouple voltage and the cold-junction temperature sensor outputs directly. The 
input PGA gain is programmable from | to 128, and the ADC resolution is between 16 
and 22 bits (depending upon the particular ADC selected). The mIcrocontroller performs 
both the cold-junction compensation and the linearization arithmetic. 


3V OR 5V 
(DEPENDING ON ADC) 


(Heesoeehessaes= 


CONTROL 
TMP35 | | REGISTER 
=i AIN1- 


MUX ZA OUTPUT 
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THERMO | 
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G=1 TO 128 
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Figure 3.39: AD77XX XA ADC Used with TMP35 Temperature Sensor 
for Cold-Junction Compensation 
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Auto-zero Amplifier for Thermocouple Measurements 


In addition to the devices mentioned above, ADI has released an auto-zero 
instrumentation amplifier, the AD8230, designed to amplify thermocouple and bridge 
outputs. Through the use of auto-zeroing, this product has an offset voltage drift of less 
than 50 nV/°C which is 1,000 times less than the signal produced by a typical 
thermocouple. This allows very accurate measurement of the thermocouple signal. In 
addition, the instrumentation amplifier architecture rejects common mode voltages that 
often appear when using thermocouples for temperature measurement. This product is 
typically used in applications involving a bank of thermocouples with one temperature 
reference point which is compensated for in the system micro-controller. Other 
applications include highly accurate bridge transducer measurements. 


Auto-zeroing is a dynamic offset and drift cancellation technique that reduces input 
referred voltage offset to the nV level and voltage offset drift to the nV/°C level. A 
further advantage of dynamic offset cancellation is the reduction of low frequency noise, 
in particular the 1/f component. 


The AD8230 is an instrumentation amplifier that uses an auto-zeroing topology and 
combines it with high common-mode signal rejection. The internal signal path consists of 
an active differential sample-and-hold stage (pre-amp) followed by a differential 
amplifier (gain amp). Both amplifiers implement auto-zeroing to minimize offset and 
drift. A fully differential topology increases the immunity of the signals to parasitic noise 
and temperature effects. Amplifier gain is set by two external resistors for convenient TC 
matching. 


VREF O Rg Rr 


Figure 3.40: Phase A of the Sampling Phase 
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The signal sampling rate is controlled by an on-chip, 6 kHz oscillator and logic to derive 
the required nonoverlapping clock phases. For simplification of the functional 
description, two sequential clock phases, A and B, are used to distinguish the order of 
internal operation as depicted in the first figure, respectively. 


During Phase A, the sampling capacitors are connected to the inputs. The input signal’s 
difference voltage, Vpirr, is stored across the sampling capacitors, Csampie. Since the 
sampling capacitors only retain the difference voltage, the common-mode voltage is 
rejected. During this period, the gain amplifier is not connected to the preamplifier so its 
output remains at the level set by the previously sampled input signal held on Cyorp, as 
shown in the second figure. 


PREAMP GAIN AMP 


Figure 3.41: Phase B of the Sampling Phase 


In Phase B, the differential signal is transferred to the hold capacitors refreshing the value 
stored on Cyortp. The output of the preamplifier is held at a common-mode voltage 
determined by the reference potential, Vrer. In this manner, the AD8230 is able to 
condition the difference signal and set the output voltage level. The gain amplifier 
conditions the updated signal stored on the hold capacitors, Cop. 


The AD8230 may be used to condition thermocouples as shown in the figure. It has 


voltage overload protection and an RFI filter in front. Input overload protection is 
provided by the BAV199 diodes at each input. 
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Resistance Temperature Detectors (RTDs) 


The Resistance Temperature Detector, or the RTD, is a sensor whose resistance changes 
with temperature. Typically built of a platinum (Pt) wire wrapped around a ceramic 
bobbin, the RTD exhibits behavior which is more accurate and more linear over wide 
temperature ranges than a thermocouple. Figure 3.42 illustrates the temperature 
coefficient of a 10002 RTD and the Seebeck coefficient of a Type S thermocouple. Over 
the entire range (approximately —200°C to +850°C), the RTD is a more linear device. 
Hence, linearizing an RTD is less complex. 


# Platinum (Pt) the Most Common 
@ 100, 1000Q Standard Values 
m Typical TC = 0.385% / °C, 
0.3850 /°C for 100Q Pt RTD 
™ Good Linearity - Better than Thermocouple, 
Easily Compensated 


0.400 -— 11.5 
RTD 1000 PERTD eee bat 
RESISTANCE 9475 |_ eo TYPE § 10.5 THERM UPLE 
TC, AQ/°C weet? THERMOCOUPLE SEEBECK 
< 9.50 COEFFICIENT, 
0.350 [—- ? pV /°C 
- 8.50 
0.325 [- : 
a 7.50 
0.300 oe 6.50 
0.275 ——EEE———Ee 


0 400 


TEMPERATURE - °C 


Figure 3.42: Resistance Temperature Detectors (RTD) 


Unlike a thermocouple, however, an RTD is a passive sensor and requires current 
excitation to produce an output voltage. The RTD's low temperature coefficient of 
0.385%/°C requires similar high-performance signal conditioning circuitry to that used 
by a thermocouple; however, the voltage drop across an RTD is much larger than a 
thermocouple output voltage. A system designer may opt for large value RTDs with 
higher output, but large-valued RTDs exhibit slow response times. Furthermore, although 
the cost of RTDs is higher than that of thermocouples, they use copper leads, and 
thermoelectric effects from terminating junctions do not affect their accuracy. And 
finally, because their resistance is a function of the absolute temperature, RTDs require 
no cold-junction compensation. 
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Caution must be exercised using current excitation because the current through the RTD 
causes heating. This self-heating changes the temperature of the RTD and appears as a 
measurement error. Hence, careful attention must be paid to the design of the signal 
conditioning circuitry so that self-heating is kept below 0.5°C. Manufacturers specify 
self-heating errors for various RTD values and sizes in still and in moving air. To reduce 
the error due to self-heating, the minimum current should be used for the required system 
resolution, and the largest RTD value chosen that results in acceptable response time. 


Another effect that can produce measurement error is voltage drop in RTD lead wires. 
This is especially critical with low-value 2-wire RTDs because the temperature 
coefficient and the absolute value of the RTD resistance are both small. If the RTD is 
located a long distance from the signal conditioning circuitry, then the lead resistance can 
be ohms or tens of ohms, and a small amount of lead resistance can contribute a 
significant error to the temperature measurement. To illustrate this point, let us assume 
that a 100Q platinum RTD with 30-gauge copper leads is located about 100 feet from a 
controller's display console. The resistance of 30-gauge copper wire is 0.105 (2/ft, and the 
two leads of the RTD will contribute a total 21 © to the network which is shown in 
Figure 3.43. This additional resistance will produce a 55°C error in the measurement! 
The leads' temperature coefficient can contribute an additional, and possibly significant, 
error to the measurement. To eliminate the effect of the lead resistance, a 4-wire 
technique is used. 


R= 10.50 


° \y 


COPPER 


1000 
Pt RTD 


R = 10.50 


° Ny 


COPPER 


RESISTANCE TC OF COPPER = 0.40%/°C @ 20°C 


RESISTANCE TC OF PtRTD =0.385%/ °C @ 20°C 


Figure 3.43: A 100 Q Pt RTD with 100 Feet of 30- Gauge Lead Wires 


In Figure 3.44, a 4-wire, or Kelvin, connection is made to the RTD. A constant current is 
applied though the FORCE leads of the RTD, and the voltage across the RTD itself is 
measured remotely via the SENSE leads. The measuring device can be a DVM or an 
instrumentation amplifier, and high accuracy can be achieved provided that the 
measuring device exhibits high input impedance and/or low input bias current. Since the 
SENSE leads do not carry appreciable current, this technique is insensitive to lead wire 
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length. Sources of errors are the stability of the constant current source and the input 
impedance and/or bias currents in the amplifier or DVM. 


RTDs are generally configured in a four-resistor bridge circuit. The bridge output is 
amplified by an instrumentation amplifier for further processing. However, high 
resolution measurement ADCs such as the AD77XX series allow the RTD output to be 
digitized directly. In this manner, linearization can be performed digitally, thereby easing 
the analog circuit requirements. 


FORCE R SENSE 
LEAD a LEAD 
taba AME OR ine 
Pt RTD : 
FORCE R SENSE 
LEAD airias LEAD 


Figure 3.44: Four-Wire or Kelvin Connection to Pt RTD 
For Accurate Measurements 


Figure 3.45 shows a 100 Q Pt RTD driven with a 400 pA excitation current source. The 
output is digitized by one of the AD77XX series ADCs. Note that the RTD excitation 
current source also generates the 2.5 V reference voltage for the ADC via the 6.25 kQ 
resistor. Variations in the excitation current do not affect the circuit accuracy, since both 
the input voltage and the reference voltage vary ratiometrically with the excitation 
current. However, the 6.25 kQ resistor must have a low temperature coefficient to avoid 
errors in the measurement. The high resolution of the ADC and the input PGA (gain of 1 
to 128) eliminates the need for additional conditioning circuits. 


The ADT70 is a complete Pt RTD signal conditioner which provides an output voltage of 
5 mV/°C when using a 1 kO RTD (see Figure 3.46). The Pt RTD and the | kO reference 
resistor are both excited with ImA matched current sources. This allows temperature 
measurements to be made over a range of approximately —50°C to +800°C. 
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Figure 3.45: Interfacing a Pt RTD to a High Resolution XA ADC 
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Figure 3.46: Conditioning the Pt RTD Using the ADT70 
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The ADT70 contains the two matched current sources, a precision rail-to-rail output 
instrumentation amplifier, a 2.5 V reference, and an uncommitted rail-to-rail output op 
amp. The ADT71 is the same as the ADT70 except the internal voltage reference is 
omitted. A shutdown function is included for battery powered equipment that reduces the 
quiescent current from 3 mA to 10 LA. The gain or full-scale range for the Pt RTD and 
ADT701 system is set by a precision external resistor connected to the instrumentation 
amplifier. The uncommitted op amp may be used for scaling the internal voltage 
reference, providing a "Pt RTD open" signal or "over temperature" warning, providing a 
heater switching signal, or other external conditioning determined by the user. The 
ADT70 is specified for operation from —40°C to +125°C and is available in 20-pin DIP 
and SOIC packages. 
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Thermistors 


Similar in function to the RTD, thermistors are low-cost temperature-sensitive resistors 
and are constructed of solid semiconductor materials which exhibit a positive or negative 
temperature coefficient. Although positive temperature coefficient devices are available, 
the most commonly used thermistors are those with a negative temperature coefficient. 
Figure 3.47 shows the resistance-temperature characteristic of a commonly used NTC 
(Negative Temperature Coefficient) thermistor. The thermistor is highly non-linear and, 
of the three temperature sensors discussed, is the most sensitive. 
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Figure 3.45: Resistance Characteristics of a 10 kQ NTC Thermistors 


The thermistor's high sensitivity (typically, -44,000 ppm/°C at 25°C, as shown in 
Figure 3.46), allows it to detect minute variations in temperature which could not be 
observed with an RTD or thermocouple. This high sensitivity is a distinct advantage over 
the RTD in that 4-wire Kelvin connections to the thermistor are not needed to 
compensate for lead wire errors. To illustrate this point, suppose a 10 kQ NTC 
thermistor, with a typical 25°C temperature coefficient of —44,000 ppm/°C, were 
substituted for the 100 Q Pt RTD in the example given earlier, then a total lead wire 
resistance of 21 © would generate less than 0.05°C error in the measurement. This is 
roughly a factor of 500 improvement in error over an RTD. 
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Figure 3.46: Temperature Coefficient of a 10 kQ NTC Thermistor 


However, the thermistor's high sensitivity to temperature does not come without a price. 
As was shown in Figure 3.46, the temperature coefficient of thermistors does not 
decrease linearly with increasing temperature as it does with RTDs; therefore, 
linearization is required for all but the narrowest of temperature ranges. Thermistor 
applications are limited to a few hundred degrees at best because they are more 
susceptible to damage at high temperatures. Compared to thermocouples and RTDs, 
thermistors are fragile in construction and require careful mounting procedures to prevent 
crushing or bond separation. Although a thermistor's response time is short due to its 
small size, its small thermal mass makes it very sensitive to self-heating errors. 


Thermistors are very inexpensive, highly sensitive temperature sensors. However, we 
have shown that a thermistor's temperature coefficient varies from —44,000 ppm/°C at 
25°C to —29,000 ppm/°C at 100°C. Not only is this non-linearity the largest source of 
error in a temperature measurement, it also limits useful applications to very narrow 
temperature ranges if linearization techniques are not used. 


It is possible to use a thermistor over a wide temperature range only if the system 
designer can tolerate a lower sensitivity to achieve improved linearity. One approach to 
linearizing a thermistor is simply shunting it with a fixed resistor. Paralleling the 
thermistor with a fixed resistor increases the linearity significantly. As shown in 
Figure 3.47, the parallel combination exhibits a more linear variation with temperature 
compared to the thermistor itself. Also, the sensitivity of the combination still is high 
compared to a thermocouple or RTD. The primary disadvantage to this technique is that 
linearization can only be achieved within a narrow range. 
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Figure 3.47: Linearization of NTC Thermistor Using a 5.17 kQ Shunt Resistor 


The value of the fixed resistor can be calculated from the following equation: 


_ RT2-(RT1+RT3)—2-RT1-RT3 
RTUPRT3=2-RT2 


R Eq. 3-31 


> 


where RT1 is the thermistor resistance at T1, the lowest temperature in the measurement 
range, RT3 is the thermistor resistance at T3, the highest temperature in the range, and 
RT2 is the thermistor resistance at T2, the midpoint, T2 = (T1 + T3)/2. 


For a typical 10 kQ NTC thermistor, RT1 = 32,650 Q at 0°C, RT2 = 6,532 Q at 35°C, 
and RT3 = 1,752 Q at 70°C. This results in a value of 5.17 kQ for R. The accuracy 
needed in the signal conditioning circuitry depends on the linearity of the network. For 
the example given above, the network shows a non-linearity of — 2.3°C /+ 2.0 °C. 


The output of the network can be applied to an ADC to perform further linearization as 
shown in Figure 7.21. Note that the output of the thermistor network has a slope of 
approximately —10 mV/°C, which implies a 12-bit ADC has more than sufficient 
resolution. 
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Figure 3.48: Linearized Thermistor Amplifier 
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Digital Output Temperature Sensors 


Temperature sensors which have digital outputs have a number of advantages over those 
with analog outputs, especially in remote applications. Opto-isolators can also be used to 
provide galvanic isolation between the remote sensor and the measurement system. A 
voltage-to-frequency converter driven by a voltage output temperature sensor 
accomplishes this function, however, more sophisticated ICs are now available which are 
more efficient and offer several performance advantages. 


The TMP03/TMP04 digital output sensor family includes a voltage reference, Vp[TAT 


generator, sigma-delta ADC, and a clock source (see Figure 3.49). The sensor output is 
digitized by a first-order sigma-delta modulator, also known as the "charge balance" type 
analog-to-digital converter. This converter utilizes time-domain oversampling and a high 
accuracy comparator to deliver 12 bits of effective accuracy in an extremely compact 
circuit. 


The output of the sigma-delta modulator is encoded using a proprietary technique which 
results in a serial digital output signal with a mark-space ratio format (see Figure 3.50) 
that is easily decoded by any microprocessor into either degrees centigrade or degrees 
Fahrenheit, and readily transmitted over a single wire. Most importantly, this encoding 
method avoids major error sources common to other modulation techniques, as it is 
clock-independent. The nominal output frequency is 35 Hz at +25°C, and the device 
operates with a fixed high-level pulse width (T1) of 10ms. 
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Figure 3.49: Digital Out Temperature Sensor: TMP03/04 
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TEMPERATURE (°C) = 235 — (Ao ) 
TEMPERATURE (°F) = 455 — (720% ui) 


T1 Nominal Pulse Width = 10ms 

+1.5°C Error Over Temp, +0.5°C Non-Linearity (Typical) 
Specified —40°C to +100°C 

Nominal T1/T2 @ 0°C = 60% 

Nominal Frequency @ +25°C = 35Hz 

6.5mW Power Consumption @ 5V 

TO-92, SO-8, or TSSOP Packages 


Figure 3.50: TMP03/TMP04 Output Format 


The TMP03/TMP04 output is a stream of digital pulses, and the temperature information 
is contained in the mark-space ratio per the equations: 


Temperature (°C) = 235 — (40oxT1) Eq. 3-32 
Temperature (°F) = 455 — [ToxT Eq. 3-33 


Popular microcontrollers, such as the 80C51 and 68HC11, have on-chip timers which can 
easily decode the mark-space ratio of the TMP03/TMP04. A typical interface to the 
80C51 is shown in Figure 3.51. Two timers, labeled Timer 0 and Timer / are 16 bits in 
length. The 80C51's system clock, divided by twelve, provides the source for the timers. 
The system clock is normally derived from a crystal oscillator, so timing measurements 
are quite accurate. Since the sensor's output is ratiometric, the actual clock frequency is 
not important. This feature is important because the microcontroller's clock frequency is 
often defined by some external timing constraint, such as the serial baud rate. 


Software for the sensor interface is straightforward. The microcontroller simply monitors 
I/O port P1.0, and starts Timer 0 on the rising edge of the sensor output. The 
microcontroller continues to monitor P1.0, stopping Timer 0 and starting Timer 1 when 
the sensor output goes low. When the output returns high, the sensor's T1 and T2 times 
are contained in registers Timer 0 and Timer 1, respectively. Further software routines 
can then apply the conversion factor shown in the equations above and calculate the 
temperature. 
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Figure 3.51: Interfacing a TMP04 to a Microcontroller 


Thermostatic Switches and Setpoint Controllers 


Temperature sensors used in conjunction with comparators can act as thermostatic 
switches. ICs such as the AD22105 accomplish this function at low cost and allow a 
single external resistor to program the setpoint to 2°C accuracy over a range of —40°C to 
+150°C (see Figure 3.52). The device asserts an open collector output when the ambient 
temperature exceeds the user-programmed setpoint temperature. The ADT05 has 
approximately 4°C of hysteresis which prevents rapid thermal on/off cycling. The ADT05 
is designed to operate on a single supply voltage from +2.7 V to +7.0 V facilitating 
operation in battery powered applications as well as industrial control systems. Because 
of low power dissipation (200 unW @ 3.3 V), self-heating errors are minimized, and 
battery life is maximized. An optional internal 200 kQ pull-up resistor is included to 
facilitate driving light loads such as CMOS inputs. 


The setpoint resistor is determined by the equation: 


Repp es 00k, Eq.3-34 
TsETOCC) + 281.6°C 


The setpoint resistor should be connected directly between the Rept pin (Pin 4) and the 


GND pin (Pin 5). If a ground plane is used, the resistor may be connected directly to this 
plane at the closest available point. 


The setpoint resistor can be of nearly any resistor type, but its initial tolerance and 
thermal drift will affect the accuracy of the programmed switching temperature. For most 
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applications, a 1% metal-film resistor will provide the best tradeoff between cost and 
accuracy. Once Rg has been calculated, it may be found that the calculated value does 
not agree with readily available standard resistors of the chosen tolerance. In order to 
achieve a value as close as possible to the calculated value, a compound resistor can be 
constructed by connecting two resistors in series or parallel. 


+Vg =2.7V TO7V 
AD22105 


TEMP 
SENSOR 


Figure 3.52: AD22105 Thermostatic Switch 


The TMP01 is a dual setpoint temperature controller which also generates a PTAT output 
voltage (see Figure 3.53). It also generates a control signal from one of two outputs when 
the device is either above or below a specific temperature range. Both the high/low 
temperature trip points and hysteresis band are determined by user-selected external 
resistors. 


The TMPO1 consists of a bandgap voltage reference combined with a pair of matched 
comparators. The reference provides both a constant 2.5 V output and a PTAT output 
voltage which has a precise temperature coefficient of 5 mV/K and is 1.49 V (nominal) at 
+25°C. The comparators compare VPTAT with the externally set temperature trip points 
and generate an open-collector output signal when one of their respective thresholds has 
been exceeded. 


Hysteresis is also programmed by the external resistor chain and is determined by the 
total current drawn out of the 2.5 V reference. This current is mirrored and used to 
generate a hysteresis offset voltage of the appropriate polarity after a comparator has 
been tripped. The comparators are connected in parallel, which guarantees that there is no 
hysteresis overlap and eliminates erratic transitions between adjacent trip zones. 


3.59 


[C4 BASIC LINEAR DESIGN 


TMP01 


TEMPERATURE O V+ 
SENSOR AND 
VOLTAGE 
R41 ee REFERENCE 
OVER 
R2— 
WINDOW 
COMPARATOR 
UNDER 
R3 
HYSTERESIS VPTAT 


GENERATOR 


Figure 3.53: TMP01 Programmable Setpoint Controller 
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Microprocessor Temperature Monitoring 


Today's computers require that hardware as well as software operate properly, in spite of 
the many things that can cause a system crash or lockup. The purpose of hardware 
monitoring is to monitor the critical items in a computing system and take corrective 
action should problems occur. 


Microprocessor supply voltage and temperature are two critical parameters. If the supply 
voltage drops below a specified minimum level, further operations should be halted until 
the voltage returns to acceptable levels. In some cases, it is desirable to reset the 
microprocessor under "brownout" conditions. It is also common practice to reset the 
microprocessor on power-up or power-down. Switching to a battery backup may be 
required if the supply voltage is low. 


Under low voltage conditions it is mandatory to inhibit the microprocessor from writing 
to external CMOS memory by inhibiting the Chip Enable signal to the external memory. 


Many microprocessors can be programmed to periodically output a "watchdog" signal. 
Monitoring this signal gives an indication that the processor and its software are 
functioning properly and that the processor is not stuck in an endless loop. 


The need for hardware monitoring has resulted in a number of ICs, traditionally called 
"microprocessor supervisory products," which perform some or all of the above 
functions. These devices range from simple manual reset generators (with debouncing) to 
complete microcontroller-based monitoring sub-systems with on-chip temperature 
sensors and ADCs. Analog Devices' ADM-family of products is specifically to perform 
the various microprocessor supervisory functions required in different systems. 


CPU temperature is critically important in the Pentium microprocessors. For this reason, 
all new Pentium devices have an on-chip substrate PNP transistor which is designed to 
monitor the actual chip temperature. The collector of the substrate PNP is connected to 
the substrate, and the base and emitter are brought out on two separate pins of the 
Pentium II. 


The ADM1021 Microprocessor Temperature Monitor is specifically designed to process 
these outputs and convert the voltage into a digital word representing the chip 
temperature. The simplified analog signal processing portion of the ADM1021 is shown 
in Figure 3.54. 


The technique used to measure the temperature is identical to the "AVpR" principle 


previously discussed. Two different currents (I and N-Dare applied to the sensing 
transistor, and the voltage measured for each. In the ADM1021, the nominal currents are 
I=6 pA, (N= 17), N-I= 102 pA. 
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The change in the base-emitter voltage, AVpp, is a PTAT voltage and given by the 
equation: 


AVBE = “inn. Eq. 3-35 


Figure 3.54 shows the external sensor as a substrate transistor, provided for temperature 
monitoring in the microprocessor, but it could equally well be a discrete transistor. If a 
discrete transistor is used, the collector should be connected to the base and not grounded. 
To prevent ground noise interfering with the measurement, the more negative terminal of 
the sensor is not referenced to ground, but is biased above ground by an internal diode. If 
the sensor is operating in a noisy environment, C may be optionally added as a noise 
filter. Its value is typically 2200 pF, but should be no more than 3000 pF. 
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Figure 3.54: ADM1021 Microprocessor Temperature Monitor 
Input Signal Conditioning Circuits 


To measure AVpp, the sensing transistor is switched between operating currents of I and 
N-I. The resulting waveform is passed through a 65 kHz lowpass filter to remove noise, 
then to a chopper-stabilized amplifier which performs the function of amplification and 
synchronous rectification. The resulting DC voltage is proportional to AVBR and is 
digitized by an 8-bit ADC. To further reduce the effects of noise, digital filtering is 
performed by averaging the results of 16 measurement cycles. 


In addition, the ADM1021 contains an on-chip temperature sensor, and its signal 
conditioning and measurement is performed in the same manner. 
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One LSB of the ADC corresponds to 1°C, so the ADC can theoretically measure from — 
128°C to +127°C, although the practical lowest value is limited to -65°C due to device 
maximum ratings. The results of the local and remote temperature measurements are 
stored in the local and remote temperature value registers, and are compared with limits 
programmed into the local and remote high and low limit registers as shown in 
Figure 3.55. An ALERT output signals when the on-chip or remote temperature is out of 
range. This output can be used as an interrupt, or as an SMBus alert. 


The limit registers can be programmed, and the device controlled and configured, via the 
serial System Management Bus (SMBus). The contents of any register can also be read 
back by the SMBus. Control and configuration functions consist of: switching the device 
between normal operation and standby mode, masking or enabling the ALERT output, 
and selecting the conversion rate which can be set from 0.0625 Hz to 8 Hz. 
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Figure 3.55: ADM1021 Simplified Block Diagram 
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SECTION 3.3: CHARGE COUPLED DEVICES (CCDs) 


Charge coupled devices (CCDs) contain a large number of small photocells called 
photosites or pixels which are arranged either in a single row (linear arrays) or in a matrix 
(area arrays). CCD area arrays are commonly used in video applications, while linear 
arrays are used in facsimile machines, graphics scanners, and pattern recognition 
equipment. 


The linear CCD array consists of a row of image sensor elements (photosites, or pixels) 
which are illuminated by light from the object or document. During one exposure period 
each photosite acquires an amount of charge which is proportional to its illumination. 
These photosite charge packets are subsequently switched simultaneously via transfer 
gates to an analog shift register. The charge packets on this shift register are clocked 
serially to a charge detector (storage capacitor) and buffer amplifier (source follower) 
which convert them into a string of photo-dependent output voltage levels (see 
Figure 3.56). While the charge packets from one exposure are being clocked out to the 
charge detector, another exposure is underway. The analog shift register typically 
operates at frequencies between | and 10 MHz. 
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Figure 3.56: Linear CCD Array 


The charge detector readout cycle begins with a reset pulse which causes a FET switch to 
set the output storage capacitor to a known voltage. The switching FETs capacitive 
feedthrough causes a reset glitch at the output as shown in Figure 3.57. The switch is then 
opened, isolating the capacitor, and the charge from the last pixel is dumped onto the 
capacitor causing a voltage change. The difference between the reset voltage and the final 
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voltage (video level) shown in Figure 9.87 represents the amount of charge in the pixel. 
CCD charges may be as low as 10 electrons, and a typical CCD output sensitivity is 
0.6 wV/electron. Most CCDs have a saturation output voltage of about 1 V (see 
Reference 16). 


RESET 


J GLITCH 


ccD 
OUTPUT 


<— PIXELPERIOD —>" t 
1 


Figure 3.57: CCD Output Waveform 


Since CCDs are generally fabricated on MOS processes, they have limited capability to 
perform on-chip signal conditioning. Therefore the CCD output is generally processed by 
external conditioning circuits. 


CCD output voltages are small and quite often buried in noise. The largest source of 
noise is the thermal noise in the resistance of the FET reset switch. This noise may have a 
typical value of 100 to 300 electrons rms (approximately 60 to 180 mVyms). This noise 
occurs as a sample-to-sample variation in the CCD output level and is common to both 
the reset level and the video level for a given pixel period. A technique called correlated 
double sampling (CDS)is often used to reduce the effect of this noise. Figure 9.88 shows 
two circuit implementations of the CDS scheme. In the top circuit, the CCD output drives 
both SHAs. At the end of the reset interval, SHA1 holds the reset voltage level. At the 
end of the video interval, SHA2 holds the video level. The SHA outputs are applied to a 
difference amplifier which subtracts one from the other. In this scheme, there is only a 
short interval during which both SHA outputs are stable, and their difference represents 
AV, so the difference amplifier must settle quickly. 


Another arrangement is shown in the bottom half of Figure 3.58, which uses three SHAs 
and allows either for faster operation or more time for the difference amplifier to settle. In 
this circuit, SHA1 holds the reset level so that it occurs simultaneously with the video 
level at the input to SHA2 and SHA3. When the video clock is applied simultaneously to 
SHA2 and SHA3, the input to SHA2 is the reset level, and the input to SHA3 the video 
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level. This arrangement allows the entire pixel period (less the acquisition time of SHA2 
and SHA3) for the difference amplifier to settle. 
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Figure 3.58: Correlated Double Sampling (CDS) 
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SECTION 3-4: BRIDGE CIRCUITS 


An Introduction to Bridges 


This section discusses the fundamental bridge circuit concept. To gain greatest 
appreciation of these ideas, it should be studied along with those sections discussing 
precision op amp in Chapters 1. These sections can be read sequentially if the reader 
already understands the design issues related to precision op amp applications. 


Resistive elements are some of the most common sensors. They are inexpensive, and 
relatively easy to interface with signal-conditioning circuits. Resistive elements can be 
made sensitive to temperature, strain (by pressure or by flex), and light. Using these basic 
elements, many complex physical phenomena can be measured, such as: fluid or mass 
flow (by sensing the temperature difference between two calibrated resistances), dew- 
point humidity (by measuring two different temperature points), etc. 


@ Strain Gages 120Q, 3500, 35000 
@ Weigh-Scale Load Cells 350Q - 35000 

@ Pressure Sensors 350Q - 35000 

@ Relative Humidity 100kQ -10MQ 

@ Resistance Temperature Devices (RTDs) 100Q , 10000 

@ Thermistors 100Q -10MQ 


Figure 3.59: Sensor resistances used in bridge circuits span a wide dynamic 
range 


Sensor element resistance can range from less than 100 © to several hundred kQ, 
depending on the sensor design and the physical environment to be measured. Figure 
3.59 indicates the wide range of sensor resistance encountered. For example, RTDs are 
typically 100 Q or 1000 Q. Thermistors are typically 3500 Q or higher. 


Resistive sensors such as RTDs and strain gages produce relatively small percentage 
changes in resistance, in response to a change in a physical variable such as temperature 
or force. For example, platinum RTDs have a temperature coefficient of about 
0.385%/°C. Thus, in order to accurately resolve temperature to 1°C, the overall 
measurement accuracy must be much better than 0.385 QO when using a 100 Q RTD. 


Strain gages present a significant measurement challenge because the typical change in 
resistance over the entire operating range of a strain gage may be less than 1% of the 
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nominal resistance value. Accurately measuring small resistance changes is therefore 
critical when applying resistive sensors. 


A simple method for measuring resistance is to force a constant current through the 
resistive sensor, and measure the voltage output. This requires both an accurate current 
source and an accurate means of measuring the voltage. Any change in the current will be 
interpreted as a resistance change. In addition, the power dissipation in the resistive 
sensor must be small and in accordance with the manufacturer's recommendations, so that 
self-heating does not produce errors. As a result, the drive current must be small, which 
tends to limit the resolution of this approach. 


VB 


THE WHEATSTONE BRIDGE: 
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Figure 3.60: The basic Wheatstone bridge produces an output null when the 
ratios of sidearm resistances match 


A resistance bridge, shown in Figure 3.60, offers an attractive alternative for measuring 
small resistance changes accurately. This is a basic Wheatstone bridge (actually 
developed by S. H. Christie in 1833), and is a prime example. It consists of four resistors 
connected to form a quadrilateral, a source of excitation voltage Vz (or, alternately, a 
current) connected across one of the diagonals, and a voltage detector connected across 
the other diagonal. The detector measures the difference between the outputs of the two 
voltage dividers connected across the excitation voltage, Vp. The general form of the 
bridge output Vo is noted in the figure. 


There are two principal ways of operating a bridge such as this. One is by operating it as 
a null detector, where the bridge measures resistance indirectly by comparison with a 
similar standard resistance. On the other hand, it can be used as a device that reads a 
resistance difference directly, as a proportional voltage output. 


When R1/R4 = R2/R3, the resistance bridge is said to be at a null, irrespective of the 
mode of excitation (current or voltage, AC or DC), the magnitude of excitation, the mode 
of readout (current or voltage), or the impedance of the detector. Therefore, if the ratio of 
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R2/R3 is fixed at K, a null is achieved when R1 = K-R4. If R1 is unknown and R4 is an 
accurately determined variable resistance, the magnitude of R1 can be found by adjusting 
R4 until an output null is achieved. Conversely, in sensor-type measurements, R4 may be 
a fixed reference, and a null occurs when the magnitude of the external variable (strain, 
temperature, etc.) is such that Rl = K-R4. 


Null measurements are principally used in feedback systems involving electromechanical 


and/or human elements. Such systems seek to force the active element (strain gage, RTD, 
thermistor, etc.) to balance the bridge by influencing the parameter being measured. 
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Figure 3.61: The output voltage sensitivity and linearity of constant voltage drive 
bridge configurations differs according to the number of active elements 


For the majority of sensor applications employing bridges, however, the deviation of one 
or more resistors in a bridge from an initial value is measured as an indication of the 
magnitude (or a change) in the measured variable. In these cases, the output voltage 
change is an indication of the resistance change. Because very small resistance changes 
are common, the output voltage change may be as small as tens of millivolts, even with 
the excitation voltage Vg = 10 V (typical for a load cell application). 


In many bridge applications, there may not just be a single variable element, but two, or 
even four elements, all of which may vary. Figure 3.61 above shows a family of four 
voltage-driven bridges, those most commonly suited for sensor applications. In the four 
cases the corresponding equations for Vo relate the bridge output voltage to the excitation 
voltage and the bridge resistance values. In all cases we assume a constant voltage drive, 
Vp. Note that since the bridge output is always directly proportional to Vp, the 
measurement accuracy can be no better than that of the accuracy of the excitation 
voltage. 
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In each case, the value of the fixed bridge resistor “R” is chosen to be equal to the 
nominal value of the variable resistor(s). The deviation of the variable resistor(s) about 
the nominal value is assumed to be proportional to the quantity being measured, such as 
strain (in the case of a strain gage), or temperature (in the case of an RTD). 


The sensitivity of a bridge is the ratio of the maximum expected change in the output 
voltage to the excitation voltage. For instance, if Vg = 10 V, and the fullscale bridge 
output is 10 mV, then the sensitivity is 1 mV/V. For the four cases of Figure 3.61, 
sensitivity can be said to increase going left-right, or as more elements are made variable. 


The single-element varying bridge of Figure 3.61A is most suited for temperature sensing 
using RTDs or thermistors. This configuration is also used with a single resistive strain 
gage. All the resistances are nominally equal, but one of them (the sensor) is variable by 
an amount AR. As the equation indicates, the relationship between the bridge output and 
AR is not linear. For example, if R = 100 Q and AR = 0.1 © (0.1% change in resistance), 
the output of the bridge is 2.49875 mV for Vg = 10 V. The error is 2.50000 mV 
— 2.49875 mV, or 0.00125 mV. Converting this to a % of fullscale by dividing by 
2.5 mV yields an end-point linearity error in percent of approximately 0.05%. (Bridge 
end-point linearity error is calculated as the worst error in % FS from a straight line 
which connects the origin and the end point at FS, i.e., the FS gain error is not included). 
If AR = 1 Q, (1% change in resistance), the output of the bridge is 24.8756 mV, 
representing an end-point linearity error of approximately 0.5%. The end-point linearity 
error of the single-element bridge can be expressed in equation form: 


Single-Element Varying Bridge End-Point Linearity Error ~ % Change in Resistance + 2 


It should be noted that the above nonlinearity refers to the nonlinearity of the bridge 
itself and not the sensor. In practice, most sensors themselves will exhibit a certain 
specified amount of nonlinearity, which must also be accounted for in the final 
measurement. 


In some applications, the bridge nonlinearity noted above may be acceptable. But, if not, 
there are various methods available to linearize bridges. Since there is a fixed relationship 
between the bridge resistance change and its output (shown in the equations), software 
can be used to remove the linearity error in digital systems. Circuit techniques can also be 
used to linearize the bridge output directly, and these will be discussed shortly. 


There are two cases to consider in the instance of a two-element varying bridge. In Case 1 
(Figure 3.61B), both of the diagonally opposite elements change in the same direction. 
An example would be two identical strain gages mounted adjacent to each other, with 
their axes in parallel. 


The nonlinearity for this case, 0.5%/%, the same as that of the single-element varying 
bridge of Figure 3.61A. However, it is interesting to note the sensitivity is now improved 
by a factor of 2, vis-a-vis the single-element varying setup. The two-element varying 
bridge is commonly found in pressure sensors and flow meter systems. 
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A second case of the two-element varying bridge, Case 2, is shown in Figure 3.61C. This 
bridge requires two identical elements that vary in opposite directions. This could 
correspond to two identical strain gages: one mounted on top of a flexing surface, and 
one on the bottom. Note that this configuration is now linear, and like two-element 
varying Case 1, it has twice the sensitivity of the Figure 3.61A configuration. Another 
way to view this configuration is to consider the terms R+AR and R—AR as comprising 
two sections of a linear potentiometer. 


The all-element varying bridge of Figure 3.61D produces the most signal for a given 
resistance change, and is inherently linear. It is also an industry-standard configuration 
for load cells constructed from four identical strain gages. Understandably, it is also one 
of the most popular bridge configurations. 
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Figure 3.62: The output voltage sensitivity and linearity of constant current drive 
bridge configurations also differs according to the number of active elements 


Bridges may also be driven from constant current sources, as shown in Figure 3.62, for 
the corresponding cases of single, dual, dual, and four active element(s). As with the 
voltage-driven bridges, the analogous output expressions are noted, along with the 
sensitivities. 


Current drive, although not as popular as voltage drive, does have advantages when the 
bridge is located remotely from the source of excitation. One advantage is that the wiring 
resistance doesn’t introduce errors in the measurement; another is simpler, less expensive 
cabling. Note also that with constant current excitation, all bridge configurations are 
linear except the single-element varying case of Figure 3.62A. 


In summary, there are many design issues relating to bridge circuits, as denoted by 
Figure 3.63 below. After selecting the basic configuration, the excitation method must be 
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determined. The value of the excitation voltage or current must first be determined, as 
this directly influences sensitivity. Recall that the fullscale bridge output is directly 
proportional to the excitation voltage (or current). Typical bridge sensitivities are 1 mV/V 
to 10 mV/V. 


Although large excitation voltages yield proportionally larger fullscale output voltages, 
they also result in higher bridge power dissipation, and thus raise the possibility of sensor 
resistor self-heating errors. On the other hand, low values of excitation voltage require 
more gain in the conditioning circuits, and also increase sensitivity to low level errors 
such as noise and offset voltages. 

@ Selecting Configuration (1, 2, 4 - Element Varying) 

@ Selection of Voltage or Current Excitation 

@ Ratiometric Operation 

@ Stability of Excitation Voltage or Current 

@ Bridge Sensitivity: FS Output / Excitation Voltage 
1mV / V to 10mV / V Typical 
@ Fullscale Bridge Outputs: 10mV - 100mV Typical 
@ Precision, Low Noise Amplification / Conditioning 

Techniques Required 

@ Linearization Techniques May Be Required 


@ Remote Sensors Present Challenges 


Figure 3.63: A number of bridge considerations impact design choices 


Regardless of the absolute level, the stability of the excitation voltage or current directly 
affects the overall accuracy of the bridge output, as is evident from the Vp and Ip terms in 
the output expressions. Therefore stable references and/or ratiometric drive techniques 
are required, to maintain highest accuracy. 


Here, ratiometric simply refers to the use of the bridge drive voltage of a voltage-driven 
bridge (or a current-proportional voltage, for a current-driven bridge) as the reference 
input to the ADC that digitizes the amplified bridge output voltage. In this manner the 
absolute accuracy and stability of the excitation voltage becomes a second order error. 
Examples to follow illustrate this point further. 
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Amplifying and Linearizing Bridge Outputs 


The output of a single-element varying bridge may be amplified by a single precision op- 
amp connected as shown in Figure 3.64. Unfortunately this circuit, although attractive 
because of relative simplicity, has poor overall performance. Its gain predictability and 
accuracy are poor, and it unbalances the bridge due to loading from Rr and the op amp 
bias current. The Rr resistors must be carefully chosen and matched to maximize 
common mode rejection (CMR). Also, it is difficult to maximize the CMR while at the 
same time allowing different gain options. Gain is dependent upon the bridge resistances 
and Rr. In addition, the output is nonlinear, as the configuration does nothing to address 
the intrinsic bridge non-linearity. In summary, the circuit isn’t recommended for 
precision use. 


Sa Zig RF Vv 


Figure 3.64: Using a single op amp as a bridge amplifier 


However, a redeeming feature of this circuit is that it is capable of single supply 
operation, with a solitary op amp. Note that the Rr resistor connected to the non-inverting 
input is returned to Vs/2 (rather than ground) so that both positive and negative AR 
values can be accommodated, with the bipolar op amp output swing referenced to Vs/2. 


A much better approach is to use an instrumentation amplifier (in-amp) for the required 
gain, as shown in Figure 3.65. This efficient circuit provides better gain accuracy, with 
the in-amp gain usually set with a single resistor, Rg. Since the amplifier provides dual, 
high-impedance loading to the bridge nodes, it does not unbalance or load the bridge. 
Using modern in-amp devices with gains ranging from 10-1000, excellent common mode 
rejection and gain accuracy can be achieved with this circuit. 


However, due to the intrinsic characteristics of the bridge, the output is still nonlinear 
(see expression). As noted earlier, this can be corrected in software (assuming that the in- 
amp output is digitized using an analog-to-digital converter and followed by a 
microcontroller or microprocessor). 
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The in-amp can be operated on either dual supplies as shown, or alternately, on a single 
positive supply. In the figure, this corresponds to —Vs = 0. This is a key advantageous 
point, due the fact that all such bridge circuits bias the in-amp inputs at Vp/2, a voltage 
range typically compatible with amplifier bias requirements. In-amps such as the AD620 
family, the AD623, and AD627 can be used in single (or dual) supply bridge 
applications, provided their restrictions on the gain and input and output voltage swings 
are observed. 


VB 


OPTIONAL RATIOMETRIC OUTPUT 


* SEE TEXT REGARDING 
SINGLE-SUPPLY OPERATION 


Figure 3.65: A generally preferred method of bridge amplification employs an 
instrumentation amplifier for stable gain and high CMR 


The bridge in this example is voltage driven, by the voltage Vg. This voltage can 
optionally be used for an ADC reference voltage, in which case it also is an additional 
output, VREF- 


Various techniques are available to linearize bridge outputs, but it is important to 
distinguish between the linearity of the bridge equation (discussed earlier), and the sensor 
response linearity to the phenomenon being sensed. For example, if the active sensor 
element is an RTD, the bridge used to implement the measurement might have perfectly 
adequate linearity; yet the output could still be nonlinear, due to the RTD device's 
intrinsic nonlinearity. Manufacturers of sensors employing bridges address the 
nonlinearity issue in a variety of ways, including keeping the resistive swings in the 
bridge small, shaping complementary nonlinear response into the active elements of the 
bridge, using resistive trims for first-order corrections, and others. In the examples which 
follow, what is being addressed is the linearity error of the bridge configuration itself (as 
opposed to a sensor element within the bridge). 


Figure 3.66 shows a single-element varying active bridge circuit, in which an op amp 


produces a forced bridge null condition. For this single-element varying case, only the op 
amp feedback resistance varies, with the remaining three resistances fixed. 


3.76 


SENSORS 
BRIDGE CIRCUITS 


As used here, the op amp output provides a buffered, ground referenced, low impedance 
output for the bridge measurement, effectively suppressing the Vp/2 CM bridge 
component at the op amp inputs. 


V/ 


Figure 3.66: Linearizing a single-element varying bridge (Method 1) 


The circuit works by adding a voltage in series with the variable resistance arm. This 
voltage is equal in magnitude and opposite in polarity to the incremental voltage across 
the varying element, and is linear with AR. As can be noted, the three constant “R” 
valued resistances and the op amp operate to drive a constant current in the variable 
resistance. This is the basic mechanism that produces the linearized output. 


This active bridge has a sensitivity gain of two over the standard single-element varying 
bridge (Figure 3.62A, again). The key point is that the bridge’s incremental resistance/ 
voltage output becomes linear, even for large values of AR. However, because of a still 
relatively small output signal, a second amplifier must usually follow this bridge. Note 
also that the op amp used in this circuit requires dual supplies, because its output must go 
negative for conditions where AR is positive. 


Another circuit for linearizing a single-element varying bridge is shown in Figure 3.67. 
The top node of the bridge is excited by the voltage, Vg. The bottom of the bridge is 
driven in complementary fashion by the left op amp, which maintains a constant current 
of V,/R in the varying resistance element, R + AR. Like the circuit of Figure 3.66, the 
constant current drive for the single-element variable resistance provides the mechanism 
for linearity improvement. Also, because of the fact that the bridge left-side center node 
is ground-referenced by the op amp, this configuration effectively suppresses CM 
voltages. This has the virtue of making the op amp selection somewhat less critical. Of 
course, performance parameters of high gain, low offset/noise, and high stability are all 
still needed. 
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Figure 3.67: Linearizing a single-element varying bridge (Method 2) 


The output signal is taken from the right-hand leg of the bridge, and is amplified by a 
second op amp, connected as a non-inverting gain stage. With the scaling freedom 
provided by the second op amp, the configuration is very flexible. The net output is 
linear, and has a bridge-output referred sensitivity comparable to the single-element 
varying circuit of Figure 3.66. 


The circuit in Figure 3.67 requires two op amps operating on dual supplies. In addition, 
paired resistors R1-R2 must be ratio matched and stable types, for overall accurate and 
stable gain. The circuit can be a practical one using a dual precision op amp, such as an 
AD708, the OP2177 or the OP213. 


A closely related circuit for linearizing a voltage-driven, two-element varying bridge can 
be adapted directly from the basic circuit of Figure 3.67. This form of the circuit, shown 
in Figure 3.68, is identical to the previous single-element varying case, with the exception 
that the resistance between Vz and the op amp (+) input is now also variable (i.e., both 
diagonal R + AR resistances vary, in a like manner). 


For the same applied voltage Vz, this form of the circuit has twice the sensitivity, which 
is evident in the output expressions. A dual supply op amp is again required, and 
additional gain may also be necessary. 


The two-element varying bridge circuit shown in Figure 3.69 uses an op amp, a sense 
resistor, and a voltage reference, set up in a feedback loop containing the sensing bridge. 
The net effect of the loop is to maintain a constant current through the bridge of 
Ig = Vrer/Rsense. The current through each leg of the bridge remains constant (Ip/2) as 
the resistances change, therefore the output is a linear function of AR. An in-amp 
provides the additional gain. 
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Figure 3.70: Linearizing a two-element varying current-driven bridge (Method 2) 


This circuit can be operated on a single supply with the proper choice of amplifiers and 
signal levels. If ratiometric operation of an ADC is desired, the Vrer voltage can be used 
to drive the ADC. 
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Driving Remote Bridges 


Wiring resistance and noise pickup are the biggest problems associated with remotely 
located bridges. Figure 3.71 shows a 350 Q strain gage, which is connected to the rest of 
the bridge circuit by 100 feet of 30 gage twisted pair copper wire. The resistance of the 
wire at 25°C is 0.105 Q/ft, or 10.5 © for 100 ft. The total lead resistance in series with the 
350 Q strain gage is therefore 21 Q. The temperature coefficient of the copper wire is 
0.385%/°C. Now we will calculate the gain and offset error in the bridge output due to a 
+10°C temperature rise in the cable. These calculations are easy to make, because the 
bridge output voltage is simply the difference between the output of two voltage dividers, 
each driven from a +10 V source. 


+10V 100 FEET, 30 GAGE COPPER WIRE = 10.50 @ 25°C 
TC = 0.385%/°C 

ASSUME +10°C TEMPERATURE CHANGE 
NUMBERS IN () ARE @ +35°C 


>, Rigap 10.5 (10.904) 


0 > 23.45mV i 1 STRAIN GAGE 


5.44mV — 28.83mV) } 
(5.44mV > 28.83m ) 3500 > 353.50 FS 


Reap 10.50 (10.9040) 


OFFSET ERROR OVER TEMPERATURE = +23%FS 


GAIN ERROR OVER TEMPERATURE = -0.26%FS 
Figure 3.71: Wiring resistance related errors with remote bridge sensor 


The fullscale variation of the strain gage resistance (with flex) above its nominal 350 Q 
value is +1% (+3.5 Q), corresponding to a fullscale strain gage resistance of 353.5 Q 
which causes a bridge output voltage of +23.45 mV. Notice that the addition of the 21 O 
Rcomp resistor compensates for the wiring resistance and balances the bridge when the 
strain gage resistance is 350 Q. Without Rcomp, the bridge would have an output offset 
voltage of 145.63 mV for a nominal strain gage resistance of 350 Q. This offset could be 
compensated for in software just as easily, but for this example, we chose to do it with 
Rcowp. 


Assume that the cable temperature increases +10°C above nominal room temperature. 
This results in a total lead resistance increase of +0.404 Q (10.5 Qx0.00385/°Cx 10°C) in 
each lead. Note: The values in parentheses in the diagram indicate the values at +35°C. 
The total additional lead resistance (of the two leads) is +0.808 Q. With no strain, this 
additional lead resistance produces an offset of +5.44 mV in the bridge output. Fullscale 
strain produces a bridge output of +28.83 mV (a change of +23.39 mV from no strain). 
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Thus the increase in temperature produces an offset voltage error of +5.44 mV (+23% 
fullscale) and a gain error of —0.06 mV (23.39 mV — 23.45 mV), or —0.26% fullscale. 
Note that these errors are produced solely by the 30 gage wire, and do not include any 
temperature coefficient errors in the strain gage itself. 


The effects of wiring resistance on the bridge output can be minimized by the 3-wire 
connection shown in Figure 3.72. We assume that the bridge output voltage is measured 
by a high impedance device, therefore there is no current in the sense lead. Note that the 
sense lead measures the voltage output of a divider: the top half is the bridge resistor plus 
the lead resistance, and the bottom half is strain gage resistance plus the lead resistance. 
The nominal sense voltage is therefore independent of the lead resistance. When the 
strain gage resistance increases to fullscale (353.5 Q), the bridge output increases to 
+24.15 mV. 


+10V 100 FEET, 30 GAGE COPPER WIRE = 10.50 @ 25°C 
TC = 0.385%/°C 

ASSUME +10°C TEMPERATURE CHANGE 
NUMBERS IN () ARE @ +35°C 


Rieap 10.59 (10.9040) 
VAVA 


' STRAIN GAGE 
0 > 24.15mV Re <— 1=0 


(0+ 24.13mv) | vV\ 3500 — 353.50 FS 
Ry gap 10-52 (10.9040) 


3500 


1 
+ 


OFFSET ERROR OVER TEMPERATURE = 0%FS 


GAIN ERROR OVER TEMPERATURE = -0.08%FS 


Figure 3.72: Remote bridge wiring resistance errors are reduced with 3-wire 
sensor connection 


Increasing the temperature to +35°C increases the lead resistance by +0.404 Q in each 
half of the divider. The fullscale bridge output voltage decreases to +24.13 mV because 
of the small loss in sensitivity, but there is no offset error. The gain error due to the 
temperature increase of +10°C is therefore only —0.02 mV, or —0.08% of fullscale. 
Compare this to the +23% fullscale offset error and the —0.26% gain error for the two- 
wire connection shown in Figure 3.72. 


The three-wire method works well for remotely located resistive elements which make up 
one leg of a single-element varying bridge. However, all-element varying bridges 
generally are housed in a complete assembly, as in the case of a load cell. When these 
bridges are remotely located from the conditioning electronics, special techniques must 
be used to maintain accuracy. 
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Of particular concern is maintaining the accuracy and stability of the bridge excitation 
voltage. The bridge output is directly proportional to the excitation voltage, and any drift 
in the excitation voltage produces a corresponding drift in the output voltage. 


For this reason, most all-element varying bridges (such as load cells) are six-lead 
ssemblies: two leads for the bridge output, two leads for the bridge excitation, and two 
sense leads. To take full advantage of the additional accuracy that these extra leads allow, 
a method called Kelvin or 4-wire sensing is employed, as shown in Figure 3.73 below. 


In this setup the drive voltage Vz is not applied directly to the bridge, but goes instead to 
the input of the upper precision op amp, which is connected in a feedback loop around 
the bridge (+) terminal. Although there may be a substantial voltage drop in the +FORCE 
lead resistance of the remote cable, the op amp will automatically correct for it, since it 
has a feedback path through the +SENSE lead. The net effect is that the upper node of the 
remote bridge is maintained at a precise level of Vg (within the capability of the op amp 
used, of course). A similar situation occurs with the bottom precision op amp, which 
drives the bridge (-) terminal to a ground level, as established by the op amp input ground 
reference. Again, the voltage drop in the -FORCE lead is relatively immaterial, because 
of the sensing at the —SENSE terminal. 


es — +VB 
+FORCE / : 
/ Reap \ 
+SENSE | \ = kK 


/\/ ¥ 
NAVA > 0 
VV 
\ Rieap / 


Figure 3.73: A Kelvin sensing system with a 6-wire voltage-driven bridge 
connection and precision op amps minimizes errors due to wire lead resistances 


In both cases, the sense lines go to high impedance op amp inputs, thus there is minimal 
error due to the bias current induced voltage drop across their lead resistance. The op 
amps maintain the required excitation voltage at the remote bridge, to make the voltage 
measured between the (+) and (-) sense leads always equal to Vz. 
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Note— a subtle point is that the lower op amp will need to operate on dual supplies, since 
the drive to the -FORCE lead will cause the op amp output to go negative. Because of 
relatively high current in the bridge (~30 mA), current buffering stages at the op amp 
outputs are likely advisable for this circuit. 


Although Kelvin sensing eliminates errors due to voltage drops in the bridge wiring 
resistance, the basic drive voltage Vg must still be highly stable since it directly affects 
the bridge output voltage. In addition, the op amps must have low offset, low drift, and 
low noise. Ratiometric operation can be optionally added, simply by using Vz to drive 
the ADC reference input. 


The constant current excitation method shown in Figure 3.74 below is another method for 
minimizing the effects of wiring resistance on the measurement accuracy. This system 
drives a precise current I through the bridge, proportioned as per the expression in the 
figure. An advantage of the circuit in Figure 3.74 is that it only uses one amplifier. 


oo VREF 
<— | Fae ‘ 
/ Rieap | 
4-LEAD i 
BRIDGE i 
Vo 
VV $ 
ee p= —REF RSENSE 
RsENSE 


Figure 3.74: A 4-wire current-driven bridge scheme also minimizes errors due to 
wire lead resistances, plus allows simpler cabling 


However, the accuracy of the reference, the sense resistor, and the op amp all influence 
the overall accuracy. While the precision required of the op amp should be obvious, one 
thing not necessarily obvious is that it may be required to deliver appreciable current, 
when I is more than a few mA (which it will be with standard 350 Q bridges). In such 
cases, current buffering of the op amp is again in order. 


Therefore for highest precision with this circuit, a buffer stage is recommended. This can 
be as simple as a small transistor, since the bridge drive is unidirectional. 
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System offset minimization 


Maintaining an accuracy of 0.1% or better with a fullscale bridge output voltage of 
20 mV requires that the sum of all offset errors be less than 20 uV. Parasitic 
thermocouples are cases in point, and if not given due attention, they can cause serious 
temperature drift errors. All dissimilar metal-metal connections generate voltages 
between a few and tens of microvolts for a 1°C temperature differential, are basic 
thermocouple fact-of-life. 


Fortunately however, within a bridge measurement system the signal connections are 
differential, therefore this factor can be used to minimize the impact of parasitic 
thermocouples. 


THERMOCOUPLE VOLTAGE 
= 35yV/ °C x (T1 -— T2) 
+ Ve 
lIpt+ > 
| T1 | Vee 
os aN ' ( ) 4: 
Vv ; T2 i AMP 
Oo} ar 
Va / -— 
Bo 
COPPER KOVAR 
TRACES PINS 


Figure 3.75: Typical sources of offset voltage within bridge measurement 
systems 


Figure 3.75 shows some typical sources of offset error that are inevitable in a system. 
Within a differential signal path, only those thermocouple pairs whose junctions are 
actually at different temperatures will degrade the signal. The diagram shows a typical 
parasitic junction formed between the copper printed circuit board traces and the kovar 
pins of an IC amplifier. 


This thermocouple voltage is about 35 uV/°C temperature differential. Note that this 
package-PC trace thermocouple voltage is significantly less when using a plastic package 
with a copper lead frame (recommended). Regardless of what package is used, all metal- 
metal connections along the signal path should be designed so that minimal temperature 
differences occur between the sides. 


The amplifier offset voltage and bias currents are further sources of offset error. The 
amplifier bias current must flow through the source impedance. Any unbalance in either 
the source resistances or the bias currents produce offset errors. In addition, the offset 
voltage and bias currents are a function of temperature. 
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High performance low offset, low offset drift, low bias current, and low noise precision 
amplifiers such as the AD707, the OP177 or OP1177 are required. In some cases, 
chopper-stabilized amplifiers such as the AD8551/AD8552/AD8554 may be a solution. 


AC bridge excitation such as that shown in Figure 3.76 below can effectively remove 
offset voltage effects in series with a bridge output, Vo. 


The concept is simple, and can be described as follows. The net bridge output voltage is 
measured under the two phased-sequence conditions, as shown. A first measurement 
(top) drives the bridge at the top node with excitation voltage Vg. This yields a first-phase 
measurement output Va, where Va is the sum of the desired bridge output voltage Vo and 
the net offset error voltage Eos. 


In the second measurement (bottom) the polarity of the bridge excitation is then reversed, 


and a second measurement, Vz, is made. Subtracting Vg from Va yields 2Vo, and the 
offset error term Eos cancels as noted from the mathematical expression in the figure. 


+Vp Eos = SUM OF ALL OFFSET ERRORS 


NORMAL 
DRIVE 
VOLTAGES 


REVERSE 
DRIVE 
VOLTAGES 


Figure 3.76: AC bridge excitation minimizes system offset voltages 


Obviously, a full implementation of this technique requires a highly accurate 
measurement ADC such as the AD7730 (see Reference 5) as well as a microcontroller to 
perform the subtraction. 


Note that if a ratiometric reference is desired, the ADC must also accommodate the 
changing polarity of the reference voltage, as well as sense the magnitude. Again, the 
AD7730 includes this capability. 
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A very powerful combination of bridge circuit techniques is shown in Figure 3.77, an 
example of a high performance ADC. In Figure 3.77A is shown a basic DC operated 
ratiometric technique, combined with Kelvin sensing to minimize errors due to wiring 
resistance, which eliminates the need for an accurate excitation voltage. 


The AD7730 measurement ADC can be driven from a single supply voltage of 5 V, 
which in this case is also used to excite the remote bridge. Both the analog input and the 
reference input to the ADC are high impedance and fully differential. By using the + and 
— SENSE outputs from the bridge as the differential reference voltage to the ADC, there 
is no loss in measurement accuracy if the actual bridge excitation voltage varies. 


4FORCE a [sv |ssvieay 
/ Reap} AVpp = Vp 
6-LEAD | ssensE / 
BRIDGE : >|+ Veer 
AD7730 
+A ADC 
“AN - 24 BITS 
”|-VRer 
\ i GND 
-FORCE \ RLEAD / 
‘ el a VW 
(A) DC excitation (B) AC excitation (simplified) 


Figure 3.77: Ratiometric DC or AC operation with Kelvin sensing can be 
implemented using the AD7730 ADC 


To implement AC bridge operation of the AD7730, an "H" bridge driver of P-Channel 
and N-Channel MOSFETs can be configured as shown in Figure 3.77B (note — 
dedicated bridge driver chips are available, such as the Micrel MIC4427). This scheme, 
added to the basic functionality of the AD7730 configuration of Figure 3.77A greatly 
increases the utility of the offset canceling circuit, as generally outlined in the preceding 
discussion of Figure 3.76. 


Because of the on-resistance of the H-bridge MOSFETs, Kelvin sensing must also be 
used in these AC bridge applications. It is also important that the drive signals be non- 
overlapping, as noted, to prevent excessive MOSFET switching currents. The AD7730 
ADC has on-chip circuitry which generates the required non-overlapping drive signals to 
implement this AC bridge excitation. All that needs adding is the switching bridge as 
noted in Figure 3.77B. 


The AD7730 is one of a family of sigma-delta ADCs with high resolution (24 bits) and 
internal programmable gain amplifiers (PGAs) and is ideally suited for bridge 
applications. These ADCs have self- and system calibration features, which allow offset 
and gain errors due to the ADC to be minimized. For instance, the AD7730 has an offset 
drift of 5 nV/°C and a gain drift of 2 ppm/°C. Offset and gain errors can be reduced to a 
few microvolts using the system calibration feature. 
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SECTION 3-5: STRAIN, FORCE, PRESSURE AND FLOW 
MEASUREMENTS 


Strain Gages 


The most popular electrical elements used in force measurements include the resistance 
strain gage, the semiconductor strain gage, and piezoelectric transducers. The strain gage 
measures force indirectly by measuring the deflection it produces in a calibrated carrier. 
Pressure can be converted into a force using an appropriate transducer, and strain gage 
techniques can then be used to measure pressure. Flow rates can be measured using 
differential pressure measurements, which also make use of strain gage technology. 
These principles are summarized in Figure 3.78 below. 


@ Strain: Strain Gage, PiezoElectric Transducers 
@ Force: Load Cell 

@ Pressure: Diaphragm to Force to Strain Gage 

@ Flow: Differential Pressure Techniques 


Figure 3.78: Strain gages are directly or indirectly the basis for a variety of 
physical measurements 


The resistance-based strain gage uses a resistive element which changes in length, hence 
resistance, as the force applied to the base on which it is mounted causes stretching or 
compression. It is perhaps the most well known transducer for converting force into an 
electrical variable. 


An unbonded strain gage consists of a wire stretched between two points. Force acting 
upon the wire (area = A, length = L, resistivity = p) will cause the wire to elongate or 
shorten, which will cause the resistance to increase or decrease proportionally according 
to: 


R=pL/A Eq. 3-36 


and, 
AR/R = GF -AL/L Eq. 3-37 


where GF = Gage factor (2.0 to 4.5 for metals, and more than 150 for semiconductors). 


In this expression, the dimensionless quantity AL/L is a measure of the force applied to 
the wire and is expressed in microstrains (1 we = 10 ° em/cm) which is the same as parts- 
per-million (ppm). 
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From equation 3-37, note that larger gage factors result in proportionally larger resistance 
changes, hence this implies greater strain gage sensitivity. These concepts are 
summarized in the drawing of Figure 3.79 below. 


FORCE 
R= pl 
A 
STRAIN = = GF = 
SENSING 
— WIRE 
GF = GAGE FACTOR 
AREA=A 2 TO 4.5 FOR METALS 
LENGTH =L >150 FOR SEMICONDUCTORS 
RESISTIVITY =p 
RESISTANCE =R 
AL 
| =MICROSTRAINS ( pe ) 
FORCE 1 pe =1%10-cm/cm=1 ppm 


Figure 3.79: Operating principles of a basic unbonded strain gage 


A bonded strain gage consists of a thin wire or conducting film arranged in a coplanar 
pattern and cemented to a base or carrier. The basic form of this type of gage is shown in 
Figure 3.80. 


This strain gage is normally mounted so that as much as possible of the length of the 
conductor is aligned in the direction of the stress that is being measured, 1.e., 
longitudinally. Lead wires are attached to the base and brought out for interconnection. 
Bonded devices are considerably more practical and are in much wider use than are the 
aforementioned unbonded devices. 


Perhaps the most popular version is the foil-type gage, produced by photo-etching 
techniques, and using similar metals to the wire types. Typical alloys are of copper-nickel 
(Constantan), nickel-chromium (Nichrome), nickel-iron, platinum-tungsten, etc. This 
strain gage type is shown in Figure 3.81. 


Gages having wire sensing elements present a small surface area to the specimen; this 
reduces leakage currents at high temperatures and permits higher isolation potentials 
between the sensing element and the specimen. Foil sensing elements, on the other hand, 
have a large ratio of surface area to cross-sectional area and are more stable under 
extremes of temperature and prolonged loading. The large surface area and thin cross 
section also permit the device to follow the specimen temperature and facilitate the 
dissipation of self-induced heat. 
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Figure 3.80: A bonded wire strain gage 
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Figure 3.81: A metal foil strain gage 
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Semiconductor strain gages 


Semiconductor strain gages make use of the piezoresistive effect in certain 
semiconductor materials such as silicon and germanium in order to obtain greater 
sensitivity and higher-level output. 


Semiconductor gages can be produced to have either positive or negative changes when 
strained. They can be made physically small while still maintaining a high nominal 
resistance. 


Semiconductor strain gage bridges may have 30 times the sensitivity of bridges 
employing metal films, but are temperature sensitive and difficult to compensate. Their 
change in resistance with strain is also nonlinear. They are not in as widespread use as the 
more stable metal-film devices for precision work; however, where sensitivity is 
important and temperature variations are small, they may have some advantage. 


Instrumentation is similar to that for metal-film bridges but is less critical because of the 
higher signal levels and decreased transducer accuracy. Figure 3.82 summarizes the 
relative performance of metal and semiconductor strain gages. 


PARAMETER METAL SEMICONDUCTOR 
STRAIN GAGE STRAIN GAGE 
Measurement Range 0.1 to 40,000 pe 0.001 to 3000 pe 
Gage Factor 2.0 to 4.5 50 to 200 
Resistance, Q 120, 350, 600, ..., 5000 1000 to 5000 
Resistance 0.1% to 0.2% 1% to 2% 
Tolerance 
Size, mm 0.4 to 150 1to5 


Standard: 3 to 6 


Figure 3.82: A comparison of metal and 
semiconductor type strain gages 


Strain gages can be used to measure force, as shown in Figure 3.82, where a cantilever 
beam is slightly deflected by the applied force. Four strain gages are used to measure the 
flex of the beam, two on the top, and two on the bottom. The gages are connected in a 
four-element bridge configuration. Recall from the last section that this configuration 
gives maximum sensitivity and is inherently linear. This configuration also offers first- 
order correction for temperature drift in the individual strain gages. 


Strain gages are low-impedance devices, consequently they require significant excitation 
power to obtain reasonable levels of output voltage. A typical strain-gage based load cell 
bridge will have a 350 © impedance and is specified as having a sensitivity in a range 
3-10 millivolts full scale, per volt of excitation. 
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Figure 3.83: A beam force sensor using a strain gage bridge 


+Vp 
+SENSE 


+Vout 


-Vout 


—-SENSE 
Vp 


Figure 3.84: A load cell comprised of 4 strain gages is shown in physical (top) 


and electrical (bottom) representations 


The load cell is composed of four individual strain gages arranged as a bridge, as shown 
in Figure 3.84. For a 10 V bridge excitation voltage with a rating of 3 mV/V, 30 
millivolts of signal will be available at full scale loading. 
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While increasing the drive to the bridge can increase the output, self-heating effects are a 
significant limitation to this approach— they can cause erroneous readings, or even 
device destruction. One technique for evading this limitation is to use a low duty cycle 
pulsed drive signal for the excitation. 


Many load cells have the +"SENSE" connections as shown, to allow the signal- 
conditioning electronics to compensate for DC drops in the wires (Kelvin sensing as 
discussed in the last section). This brings the wires to a total of 6 for the fully 
instrumented bridge. Some load cells may also have additional internal resistors, for 
temperature compensation purposes. 


Pressures in liquids and gases are measured electrically by a variety of pressure 
transducers. A number of mechanical converters (including diaphragms, capsules, 
bellows, manometer tubes, and Bourdon tubes) are used to measure pressure by 
measuring an associated length, distance, or displacement, and to measure pressure 
changes by the motion produced, as shown by Figure 3.85. 


The output of this mechanical interface is then applied to an electrical converter such as a 
strain gage, or piezoelectric transducer. Unlike strain gages, piezoelectric pressure 
transducers are typically used for high-frequency pressure measurements (such as sonar 
applications, or crystal microphones). 


PRESSURE 


SOURCE STRAIN GAGE 


MECHANICAL 
OUTPUT 
PRESSURE SIGNAL 
SENSOR CONDITIONING 
(DIAPHRAGM) ELECTRONICS 


Figure 3.85: Pressure sensors use strain gages for indirect pressure 
measurement 


There are many ways of defining flow (mass flow, volume flow, laminar flow, turbulent 
flow). Usually the amount of a substance flowing (mass flow) is the most important, and 
if the fluid's density is constant, a volume flow measurement is a useful substitute that is 
generally easier to perform. One commonly used class of transducers, which measures 
flow rate indirectly, involves the measurement of pressure. 


Flow can be derived by taking the differential pressure across two points in a flowing 
medium - one at a static point and one in the flow stream. Pitot tubes are one form of 
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device used to perform this function, where flow rate is obtained by measuring the 
differential pressure with standard pressure transducers. 


Differential pressure can also be used to measure flow rate using the venturi effect by 
placing a restriction in the flow. Although there are a wide variety of physical parameters 
being sensed, the electronics interface is very often strain gage based. 


Bridge Signal Conditioning Circuits 


The remaining discussions of this section deal with applications that apply the bridge and 
strain gage concepts discussed thus far in general terms. 


An example of an all-element varying bridge circuit is a fatigue monitoring strain sensing 
circuit, as shown in Figure 3.86. The full bridge is an integrated unit, which can be 
attached to the surface on which the strain or flex is to be measured. In order to facilitate 
remote sensing, current mode bridge drive is used. The remotely located bridge is 
connected to the conditioning electronics through a 4-wire shielded cable. The OP177 
precision op amp servos the bridge current to 10mA, being driven from an AD589 
reference voltage of 1.235V. Current buffering of the op amp is employed in the form of 
the PNP transistor, for lowest op amp self-heating, and highest gain linearity. 


-3.500V = -3500yE 
+5.000V = +5000ue 


+15V 


STRAIN SENSOR: 
Columbia Research Labs 2682 
Range: —3500ye to +5000yuE 


Output: 10.25mV/1000pue 30.1kQ 


Figure 3.86: A precision strain gage sensor amplifier using a remote current- 
driven 1kQ bridge, a buffered precision op amp driver, and a precision in-amp 
100X gain stage 
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The strain gauge produces an output of 10.25 mV/1000 ps. The signal is amplified by the 
AD620 in-amp, which is configured for a gain of 100 times, via an effective Rg of 500 . 
Full-scale voltage calibration is set by adjusting the 100 © gain potentiometer such that, 
for a sensor strain of —3500 us, the output reads —3.500 V; and for a strain of +5000 ps, 
the output registers +5.000 V. The measurement may then be digitized with an ADC 
which has a 10 V fullscale input range. 


The 0.1uF capacitor across the AD620 input pins serves as an EMI/RFI filter in 
conjunction with the bridge resistance of 1 kQ. The corner frequency of this filter is 
approximately 1.6 kHz. 


Another example is a load cell amplifier circuit, shown in Figure 3.87. This circuit is 
more typical of a bridge workhorse application. It interfaces with a typical 350 Q load 
cell, and can be configured to accommodate typical bridge sensitivities over a range of 
3-10 mV/V. 


A 10.000 V bridge excitation excitation is derived from an AD588 10 V reference, with 
an OP177 and 2N2219A used as a buffer. The 2N2219A is within the OP177 feedback 
loop and supplies the necessary bridge drive current (28.57 mA). This insures that the op 
amp performance will not be compromised. The Kelvin sensing scheme used at the 
bridge provides for low errors due to wiring resistances, and a precision zener diode 
reference, the AD588, provides lowest excitation drift and scaling with temperature 
changes. 


+10.000V 


2N2219A 


+10.000V 


3500 475Q 1000 


1 wT Use with 
AD620 
8 
AD621B or V 
OUT 


AD620B 
(see text) 


3500 


0 TO +10.000V FS 


350Q LOAD CELL 
100mV FS 


Figure 3.87: A precision 350 load cell amplifier, using a buffered voltage-driven 
configuration with Kelvin sensing and a precision in-amp 
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To ensure highest linearity is preserved, a low drift instrumentation amplifier is used as 
the gain stage. This design has a minimum number of critical resistors and amplifiers, 
making the entire implementation accurate, stable, and cost effective. In addition to low 
excitation voltage TC, another stability requirement is minimum in-amp gain TC. Both 
factors are critical towards insuring stable circuit scaling over temperature. 


With the use of the AD621B in-amp as shown, the scaling is for a precise gain of 100 (as 
set by the pin 1-8 jumper), for lowest in-amp gain TC. The AD621B is specified for a 
very low gain TC, only 5 ppm/°C. The gain of 100 translates a 100 mV fullscale bridge 
output to a nominal 10 V output. Alternately, an AD620B could also be used, with the 
optional gain network consisting of the fixed 475 © resistor, and 100 © potentiometer for 
gain adjustment. This will provide a 50 ppm/°C gain TC for the in-amp, plus the TC of 
the external parts (which should have low temperature coefficients). 


While the lowest TC is provided by the fixed gain AD621 setup, it doesn’t allow direct 
control of overall scaling. To retain the very lowest TC, scaling could be accomplished 
via a software auto-calibration routine. Alternately, the AD588 and OP177 reference/op 
amp stage could be configured for a variable excitation voltage (as opposed to a fixed 
10.000 V as shown). Variable gain in the reference voltage driver will effectively alter 
the excitation voltage as seen by the bridge, and thus provide flexible overall system 
scaling. Of course, it is imperative that such a scheme be implemented with low TC 
resistances. 


As shown previously, a precision load cell is usually configured as a 350 Q bridge. 
Figure 3.88 shows a precision load cell amplifier, within a circuit possessing the 
advantage of being powered from just a single power supply. 


1960 28.70. 


Figure 3.88: A single-supply load cell amplifier 


As noted previously, the bridge excitation voltage must be both precise and stable, 
otherwise it can introduce measurement errors. In this circuit, a precision REF195 5 V 
reference is used as the bridge drive, allowing a TC as low as 5 ppm/°C. The REF195 
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reference can also supply more than 30 mA to a load, so it can drive a 350 Q bridge 
(~14 mA) without need of a buffer. The dual OP213 is configured as a gain-of-100, two 
op amp in-amp. The resistor network sets the gain according to the formula: 


10kKQ | 20kKQ_ | 
1kQ § 196Q +2870 


100 Eq. 3-38 


For optimum CMR, the 10 kQ/1 kQ resistor ratio matching should be precise. Close 
tolerance resistors (+0.5% or better) should be used, and all resistors should be of the 
same type. 


For a zero volt bridge output signal, the amplifier will swing to within 2.5 mV of 0 V. 
This is the minimum output limit of the OP213. Therefore, if an offset adjustment is 
required, the adjustment should start from a positive voltage at Verr and adjust Veer 
downward until the output (Vour) stops changing. This is the point where the amplifier 
limits the swing. Because of the single supply design, the amplifier cannot sense input 
signals which have negative polarity. 


If linearity around or at zero volts input is required, or if negative polarity signals must be 
processed, the Vrer connection can be connected to a stable voltage which is mid-supply 
(i.e., 2.5 V) rather than ground. Note that when Vpgr is not at ground, the output must be 
referenced to Vrser. An advantage of this type of referencing is that the output is now 
bipolar, with respect to Vrgr. 


The AD7730 24-bit sigma-delta ADC is ideal for direct conditioning of bridge outputs, 
and requires no interface circuitry (see Reference 10). A simplified connection diagram 
was shown in Figure 3.77A (again). The entire circuit operates on a single +5 V supply, 
which also serves as the bridge excitation voltage. Note that the measurement is 
ratiometric, because the sensed bridge excitation voltage is also used as the ADC 
reference. Variations in the +5 V supply do not affect the accuracy of the measurement. 


The AD7730 has an internal programmable gain amplifier which allows a fullscale bridge 
output of +10 mV to be digitized to 16-bit accuracy. The AD7730 has self and system 
calibration features which allow offset and gain errors to be minimized with periodic 
recalibrations. 


A "chop" or AC mode option minimizes the offset voltage and drift and operates 
similarly to a chopper-stabilized amplifier. The effective input voltage noise RTI will be 
approximately 40 nV rms, or 264 nV peak-to-peak. This corresponds to a resolution of 13 
ppm, or approximately 16.5-bits . Gain linearity is also approximately 16-bits. 
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CHAPTER 4: RF/IF CIRCUITS 


Introduction 


From cellular phones to 2-way pagers to wireless Internet access, the world is becoming 
more connected, even though wirelessly. No matter the technology, these devices are 
basically simple radio transceivers (transmitters and receivers). In the vast majority of 
cases the receivers and transmitters are a variation on the superheterodyne radio shown in 
Figure 4.1 for the receiver and Figure 4.2 for the transmitter. 


VY 


Figure 4.1: Basic Superheterodyne Radio Receiver 


Figure 4.2: Basic Superheterodyne Radio Transmitter 
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The basic concept of operation is as follows. For the receiver, the signal from the antenna 
is amplified in the radio frequency (RF) stage. The output of the RF stage is one input of 
a mixer. A Local Oscillator (LO) is the other input. The output of the mixer is at the 
Intermediate Frequency (IF). The concept here is that is much easier to build a high gain 
amplifier string at a narrow frequency band than it is to build a wideband, high gain 
amplifier. Also, the modulation bandwidth is typically very much smaller than the carrier 
frequency. A second mixer stage converts the signal to the baseband. The signal is then 
demodulated (demod). The modulation technique is independent from the receiver 
technology. The modulation scheme could be amplitude modulation (AM), frequency 
modulation (FM), phase modulation or some form of quadrature amplitude modulation 
(QAM), which is a combination of amplitude and phase modulation. 


To put some numbers around it, let us consider a broadcast FM signal. The carrier 
frequency is in the range of 98 MHz to 108 MHz. The IF frequency is almost always 
10.7 MHz. The baseband is 0 Hz to 15 kHz. This is the sum of the right and left audio 
frequencies. There is also a modulation band centered at 38 kHz that is the difference of 
the left and right audio signals. This difference signal is demodulated and summed with 
the sum signal to generate the separate left and right audio signals. 


On the transmit side the mixers convert the frequencies up instead of down. 


These simplified block diagrams neglect some of the refinements that may be 
incorporated into these designs, such as power monitoring and control of the transmitter 
power amplifier as achieved with the “True-Power’” circuits. 


As technology has improved, we have seen the proliferation of IF sampling. ADCs of 
sufficient performance have been developed which allows the sampling of the signal at 
the IF frequency range, with demodulation occurring in the digital domain. This allows 
for system simplification by eliminating a mixer stage. 


In addition to the basic building blocks that are the subject of this chapter, these circuit 


blocks often appear as building blocks in larger application specific integrated circuits 
(ASIC). 
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SECTION 4.1: MIXERS 


The Ideal Mixer 


An idealized mixer is shown in Figure 4.3. An RF (or IF) mixer (not to be confused with 
video and audio mixers) is an active or passive device that converts a signal from one 
frequency to another. It can either modulate or demodulate a signal. It has three signal 
connections, which are called ports in the language of radio engineers. These three ports 
are the radio frequency (RF) input, the local oscillator (LO) input, and the intermediate 
frequency (IF) output. 


IDEAL MIXER 
ARINpUE IF OUTPUT 
> 
fRF fRF+fLo 
fRF -fLo 
LO INPUT 
fLO 


Figure 4.3: The Mixing Process 


A mixer takes an RF input signal at a frequency fpf, mixes it with a LO signal at a 
frequency fL,Q, and produces an IF output signal that consists of the sum and difference 
frequencies, fpf + ff,Q. The user provides a bandpass filter that follows the mixer and 
selects the sum (fpf + fL,0) or difference (fpf — fo) frequency. 


Some points to note about mixers and their terminology: 

e When the sum frequency is used as the IF, the mixer is called an upconverter; when the 
difference is used, the mixer is called a downconverter. The former is typically used in a 
transmit channel, the latter in a receive channel. 

e In a receiver, when the LO frequency is below the RF, it is called low-side injection and 


the mixer a low-side downconverter; when the LO is above the RF, it is called high-side 
injection, and the mixer a high-side downconverter. 
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e Each of the outputs is only half the amplitude (one-quarter the power) of the individual 
inputs; thus, there is a loss of 6 dB in this ideal linear mixer. (In a practical multiplier, the 
conversion loss may be greater than 6 dB, depending on the scaling parameters of the 
device. Here, we assume a mathematical multiplier, having no dimensional attributes.) 


A mixer can be implemented in several ways, using active or passive techniques. 


Ideally, to meet the low noise, high linearity objectives of a mixer we need some circuit 
that implements a polarity-switching function in response to the LO input. Thus, the 
mixer can be reduced to Figure 4.4, which shows the RF signal being split into in-phase 
(0°) and anti-phase (180°) components; a changeover switch, driven by the local 
oscillator (LO) signal, alternately selects the in-phase and antiphase signals. Thus 
reduced to essentials, the ideal mixer can be modeled as a sign-switcher. 


RF INPUT e IF OUTPUT 
° | 


SWITCH, fLo 


Figure 4.4: An Ideal Switching Mixer 


In a perfect embodiment, this mixer would have no noise (the switch would have zero 
resistance), no limit to the maximum signal amplitude, and would develop no 
intermodulation between the various RF signals. Although simple in concept, the 
waveform at the intermediate frequency (IF) output can be very complex for even a small 
number of signals in the input spectrum. Figure 3.43 shows the result of mixing just a 
single input at 11 MHz with an LO of 10 MHz. 


The wanted IF at the difference frequency of 1 MHz is still visible in this waveform, and 
the 21 MHz sum is also apparent. How are we to analyze this? 


We still have a product, but now it is that of a sinusoid (the RF input) at Wpp and a 
variable that can only have the values +1 or —1, that is, a unit square wave at @, 9. The 
latter can be expressed as a Fourier series 


Sto= a { SIN®, ot ~ I/, sin3@; ot as VY, sin5@, ot =" sates } Eq. 4-] 
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NAAT 
TUITE AT TTT 
RF AAI TT 
AVA 

LO Horizontal: 

200ns/div. 
WANT TTT fT CT 
IF ACU OTT 


HNTAGAEUVTE A ARAL TULN 
Tenn 


Figure 4.5: Inputs and Output for an Ideal Switching Mixer 
for fre = 11MHz, fro = 10OMHz 


Thus, the output of the switching mixer is its RF input, which we can simplify as sin@p-t, 
multiplied by the above expansion for the square wave, producing 


Sip = 4/, { sin@gpt sin@, ot —!/3 sin@pgt sin3@; ot 
+ !/, sinS@ppt sinsS@;ot — ....} Eq. 4-2 


Now expanding each of the products, we obtain 


Sir = ae { SIN(OpF + Wr o)t a SIN(@pp _ Or o)t 
= I/, Sin(OpF + 30, 0)t = I/, SIN(OpF = 3M, 0)t 
+ 1/5 sin(@pp t+ 5@zo)t + !/5 sin(@pp—5 @po)t —... } Eq. 4-3 


or simply 
Sip = 7/, { Sin(@pp + Oy o)t + sin(@pp — Op o)t + harmonics } Eq. 4-4 


The most important of these harmonic components are sketched in Figure 4.6 for the 
particular case used to generate the waveform shown in Figure 4.5, that is, fpp = 11 MHz 
and f9 = 10 MHz. Because of the 2/n term, a mixer has a minimum 3.92 dB insertion 
loss (and noise figure) in the absence of any gain. 
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Figure 4.6: Output Spectrum for a Switching Mixer 
for fpr = 11MHz and fro = 10MHz 


Note that the ideal (switching) mixer has exactly the same problem of image response to 
© Lo — Mpg as the linear multiplying mixer. The image response is somewhat subtle, as it 


does not immediately show up in the output spectrum: it is a latent response, awaiting the 
occurrence of the “wrong” frequency in the input spectrum. 


Diode-Ring Mixer 


For many years, the most common mixer topology for high-performance applications has 
been the diode-ring mixer, one form of which is shown in Figure 4.7. The diodes, which 
may be silicon junction, silicon Schottky-barrier or gallium-arsenide types, provide the 
essential switching action. We do not need to analyze this circuit in great detail, but note 
in passing that the LO drive needs to be quite high—often a substantial fraction of one 
watt—in order to ensure that the diode conduction is strong enough to achieve low noise 
and to allow large signals to be converted without excessive spurious nonlinearity. 


Because of the highly nonlinear nature of the diodes, the impedances at the three ports are 
poorly controlled, making matching difficult. Furthermore, there is considerable coupling 
between the three ports; this, and the high power needed at the LO port, make it very 
likely that there will be some component of the (highly-distorted) LO signal coupled back 
toward the antenna. Finally, it will be apparent that a passive mixer such as this cannot 
provide conversion gain; in the idealized scenario, there will be a conversion loss of 2/n 
[as Eq. 4-4 shows], or 3.92 dB. A practical mixer will have higher losses, due to the 
resistances of the diodes and the losses in the transformers. 
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MIXER 
LO RF 
IN IN 


Figure 4.7: Diode-Ring Mixer 


Users of this type of mixer are accustomed to judging the signal handling capabilities by 
a Level rating. Thus, a Level-17 mixer needs +17 dBm (50 mW) of LO drive and can 
handle an RF input as high as +10 dBm (+1 V). A typical mixer in this class would be the 
Mini-Circuits LRMS-1H, covering 2 MHz to 500 MHz, having a nominal insertion loss 
of 6.25 dB (8.5 dB max), a worst-case LO-RF isolation of 20 dB and a worst-case LO-IF 
isolation of 22 dB (these figures for an LO frequency of 250 MHz to 500 MHz). The 
price of this component is approximately $10.00 in small quantities. Even the most 
expensive diode-ring mixers have similar drive power requirements, high losses and high 
coupling from the LO port. 


The diode-ring mixer not only has certain performance limitations, but it is also not 
amenable to fabrication using integrated circuit technologies, at least in the form shown 
in Figure 4.7. In the mid sixties it was realized that the four diodes could be replaced by 
four transistors to perform essentially the same switching function. This formed the basis 
of the now-classical bipolar circuit shown in Figure 4.8, which is a minimal configuration 
for the fully-balanced version. Millions of such mixers have been made, including 
variants in CMOS and GaAs. We will limit our discussion to the BJT form, an example 
of which is the Motorola MC1496, which, although quite rudimentary in structure, has 
been a mainstay in semi-discrete receiver designs for about 25 years. 


The active mixer is attractive for the following reasons: 

e It can be monolithically integrated with other signal processing circuitry. 

e It can provide conversion gain, whereas a diode-ring mixer always has an insertion loss. 
(Note: Active mixers may have gain. The Analog Devices' AD831 active mixer, for 
example, amplifies the result in Eq. 4-4 by 2/2 to provide unity gain from RF to IF.) 


e It requires much less power to drive the LO port. 


e It provides excellent isolation between the signal ports. 
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e Is far less sensitive to load-matching, requiring neither diplexer nor broadband 
termination. 


Using appropriate design techniques it can provide trade-offs between third-order 
intercept (3OI or IP3) and the 1 dB gain-compression point (P; gp), on the one hand, and 


total power consumption (Pp) on the other. (That is, including the LO power, which in a 
passive mixer is hidden in the drive circuitry.) 


Basic Operation of the Active Mixer 


Unlike the diode-ring mixer, which performs the polarity-reversing switching function in 
the voltage domain, the active mixer performs the switching function in the current 
domain. Thus the active mixer core (transistors Q3 through Q6 in Figure 4.8) must be 
driven by current-mode signals. The voltage-to-current converter formed by Q1 and Q2 
receives the voltage-mode RF signal at their base terminals and transforms it into a 
differential pair of currents at their collectors. 


IF OUTPUT —————> ° 


me Q3 a4 5 Q6 — 
LO N 


INPUT e 
O 
O ar Q2 
RF 
INPUT ’ 
O 


dD IEE 


Figure 4.8: Classic Active Mixer 


A second point of difference between the active mixer and diode ring mixer, therefore, is 
that the active mixer responds only to magnitude of the input voltage, not to the input 
power; that is, the active mixer is not matched to the source. (The concept of matching is 
that both the current and the voltage at some port are used by the circuitry which forms 
that port). By altering the bias current, Ipp, the transconductance of the input pair QI-—Q2 
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can be set over a wide range. Using this capability, an active mixer can provide variable 
gain. 


A third point of difference is that the output (at the collectors of Q3—Q6) is in the form of 
a current, and can be converted back to a voltage at some other impedance level to that 
used at the input, hence, can provide further gain. By combining both output currents 
(typically, using a transformer) this voltage gain can be doubled. Finally, it will be 
apparent that the isolation between the various ports, in particular, from the LO port to 
the RF port, is inherently much lower than can be achieved in the diode ring mixer, due 
to the reversed-biased junctions that exist between the ports. 


Briefly stated, though, the operation is as follows. In the absence of any voltage 
difference between the bases of Q1 and Q2, the collector currents of these two transistors 
are essentially equal. Thus, a voltage applied to the LO input results in no change of 
output current. Should a small dc offset voltage be present at the RF input (due typically 
to mismatch in the emitter areas of Q1 and Q2), this will only result in a small 
feedthrough of the LO signal to the IF output, which will be blocked by the first IF filter. 


Conversely, if an RF signal is applied to the RF port, but no voltage difference is applied 
to the LO input, the output currents will again be balanced. A small offset voltage (due 
now to emitter mismatches in Q3—Q6) may cause some RF signal feedthrough to the IF 
output; as before, this will be rejected by the IF filters. It is only when a signal is applied 
to both the RF and LO ports that a signal appears at the output; hence, the term doubly- 
balanced mixer. 


Active mixers can realize their gain in one other way: The matching networks used to 
transform a 50 © source to the (usually) high input impedance of the mixer provides an 
impedance transformation and thus voltage gain due to the impedance step up. Thus, an 
active mixer that has loss when the input is terminated in a broadband 50 © termination 
can have “gain” when an input matching network is used. 
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SECTION 4.2: MODULATORS 


Modulators (sometimes called balanced-modulators, doubly-balanced modulators or 
even on occasions high level mixers) can be viewed as sign-changers. The two inputs, X 
and Y, generate an output W, which is simply one of these inputs (say, Y) multiplied by 
just the sign of the other (say, X), that is W = Y* sign (X). Therefore, no reference 
voltage is required. A good modulator exhibits very high linearity in its signal path, with 
precisely equal gain for positive and negative values of Y, and precisely equal gain for 
positive and negative values of X. Ideally, the amplitude of the X input needed to fully 
switch the output sign is very small, that is, the X-input exhibits a comparator-like 
behavior. In some cases, where this input may be a logic signal, a simpler X-channel can 
be used. 


As an example, the AD8345 is a silicon RFIC quadrature modulator, designed for use 
from 250 MHz to 1000 MHz. Its excellent phase accuracy and amplitude balance enable 
the high performance direct modulation of an IF carrier. 


The AD8345 accurately splits the external LO signal into two quadrature components 
through the polyphase phase-splitter network. The two I and Q LO components are mixed 
with the baseband I and Q differential input signals. Finally, the outputs of the two 
mixers are combined in the output stage to provide a single-ended 50 Q drive at VOUT. 


\Z Se, 


ina 


a 
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Figure 4.9: AD8345 Block Diagram 
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SECTION 4.3: ANALOG MULTIPLIERS 


A multiplier is a device having two input ports and an output port. The signal at the 
output is the product of the two input signals. If both input and output signals are 
voltages, the transfer characteristic is the product of the two voltages divided by a scaling 
factor, K, which has the dimension of voltage (see Figure 4.10). From a mathematical 
point of view, multiplication is a four quadrant operation—that is to say that both inputs 
may be either positive or negative and the output can be positive or negative. Some of the 
circuits used to produce electronic multipliers, however, are limited to signals of one 
polarity. If both signals must be unipolar, we have a single quadrant multiplier, and the 
output will also be unipolar. If one of the signals is unipolar, but the other may have 
either polarity, the multiplier is a two quadrant multiplier, and the output may have either 
polarity (and is bipolar). The circuitry used to produce one- and two-quadrant multipliers 
may be simpler than that required for four quadrant multipliers, and since there are many 
applications where full four quadrant multiplication is not required, it is common to find 
accurate devices which work only in one or two quadrants. An example is the AD539, a 
wideband dual two-quadrant multiplier which has a single unipolar Vy input with a 


relatively limited bandwidth of 5 MHz, and two bipolar Vy inputs, one per multiplier, 
with bandwidths of 60 MHz. A block diagram of the AD539 is shown in Figure 4.12. 


V 
x 
Vy° V 
Vout = a 
K 
Vy 
K = SCALE FACTOR 
Figure 4.10: An Analog Multiplier Block Diagram 
Type Vx Vy Vout 
Single Quadrant Unipolar Unipolar Unipolar 


Two Quadrant Bipolar Unipolar Bipolar 


Four Quadrant Bipolar Bipolar Bipolar 


Figure 4.11: Definition of Multiplier Quadrants 
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EXTERNAL 
OP AMPS 


Figure 4.12: AD539 Block Diagram 
The simplest electronic multipliers use logarithmic amplifiers. The computation relies on 


the fact that the antilog of the sum of the logs of two numbers is the product of those 
numbers (see Figure 4.13). 
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Figure 4.13: Multiplication Using Log Amps 
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The disadvantages of this type of multiplication are the very limited bandwidth and single 
quadrant operation. A far better type of multiplier uses the Gilbert Cell. This structure 
was invented by Barrie Gilbert, now of Analog Devices, in the late 1960s. (See 
References | and 2). 


There is a linear relationship between the collector current of a silicon junction transistor 
and its transconductance (gain) which is given by 


dg / dVbe = lg / KT Pans 


where 
I = the collector current 
Vibe = the base-emitter voltage 


q = the electron charge (1 .60219x10"') 
k = Boltzmann's constant (1.3 8062x107) 
T = the absolute temperature. 


This relationship may be exploited to construct a multiplier with a differential (long- 
tailed) pair of silicon transistors, as shown in Figure 4.14. 


This is a rather poor multiplier because (1) the Y input is offset by the Vpe—which 
changes nonlinearly with Vy; (2) the X input is nonlinear as a result of the exponential 
relationship between I, and Vpe; and (3) the scale factor varies with temperature. 


Vy (NEGATIVE) 


eB ie 
10,010 


q Vy + Vie 
lea - Ino = Al. = —- |———_= 
i a as 
= 8.3 x 10°6 (Vy + 0.6) Vy @ 25°C 


Figure 4.14: Basic Transconductance Multiplier 
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Gilbert realized that this circuit could be linearized and made temperature stable by 
working with currents, rather than voltages, and by exploiting the logarithmic I¢/Vpe 
properties of transistors (See Figure 4.15.) The X input to the Gilbert Cell takes the form 
of a differential current, and the Y input is a unipolar current. The differential X currents 
flow in two diode-connected transistors, and the logarithmic voltages compensate for the 
exponential Vpe/I¢ relationship. Furthermore, the q/kT scale factors cancel. This gives 


the Gilbert Cell the linear transfer function 


Alp = 2 Eq. 4-6 


Figure 4.15: Gilbert Cell 


As it stands, the Gilbert Cell has three inconvenient features: (1) its X input is a 
differential current; (2) its output is a differential current; and (3) its Y input is a unipolar 
current—so the cell is only a two quadrant multiplier. 


By cross-coupling two such cells and using two voltage-to-current converters (as shown 
in Figure 4.16), we can convert the basic architecture to a four quadrant device with 
voltage inputs, such as the AD534. At low and medium frequencies, a subtractor 
amplifier may be used to convert the differential current at the output to a voltage. 
Because of its voltage output architecture, the bandwidth of the AD534 is only about 
1 MHz, although the AD734, a later version, has a bandwidth of 10 MHz. 


In Figure 4.16, QIA and QIB, Q2A and Q2B form the two core long-tailed pairs of the 
two Gilbert Cells, while Q3A and Q3B are the linearizing transistors for both cells. In 
Figure 3.35 there is an operational amplifier acting as a differential current to single- 
ended voltage converter, but for higher speed applications, the cross-coupled collectors of 
QI and Q2 form a differential open collector current output (as in the AD834 500 MHz 
multiplier). 
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Figure 4.16: A 4-Quadrant Translinear Multiplier 


The translinear multiplier relies on the matching of a number of transistors and currents. 
This is easily accomplished on a monolithic chip. Even the best IC processes have some 
residual errors, however, and these show up as four dc error terms in such multipliers. 
Offset voltage on the X input shows up as feedthrough of the Y input. Conversely, offset 
voltage on the Y input shows up as feedthrough of the X input. Offset voltage on the Z 
input causes offset of the output signal and resistor mismatch causes gain error. In early 
Gilbert Cell multipliers, these errors had to be trimmed by means of resistors and 
potentiometers external to the chip, which was somewhat inconvenient. With modern 
analog processes, which permit the laser trimming of SiCr thin film resistors on the chip 
itself, it is possible to trim these errors during manufacture so that the final device has 
very high accuracy. Internal trimming has the additional advantage that it does not reduce 
the high frequency performance, as may be the case with external trim potentiometers. 


Because the internal structure of the translinear multiplier is necessarily differential, the 
inputs are usually differential as well (after all, if a single-ended input is required it is not 
hard to ground one of the inputs). This is not only convenient in allowing common-mode 
signals to be rejected, it also permits more complex computations to be performed. The 
AD534 (shown previously in Figure 4.16) is the classic example of a four-quadrant 
multiplier based on the Gilbert Cell. It has an accuracy of 0.1% in the multiplier mode, 
fully differential inputs, and a voltage output. However, as a result of its voltage output 
architecture, its bandwidth is only about 1 MHz. 


For wideband applications, the basic multiplier with open collector current outputs is 
used. The AD834 is an 8-pin device with differential X inputs, differential Y inputs, 
differential open collector current outputs, and a bandwidth of over 500 MHz. A block 
diagram is shown in Figure 4.17. 
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Figure 4.17: AD834 500 MHz 4 Quadrant Multiplier 


The AD834 is a true linear multiplier with a transfer function of 


, Vx eVy 
out “17 02500 Eq. 4-7 


Its X and Y offsets are trimmed to 500 pV (3 mV max), and it may be used in a wide 
variety of applications including multipliers (broadband and narrowband), squarers, 
frequency doublers, and high frequency power measurement circuits. A consideration 
when using the AD834 is that, because of its very wide bandwidth, its input bias currents, 
approximately 50 uA per input, must be considered in the design of input circuitry lest, 
flowing in source resistances, they give rise to unplanned offset voltages. 


A basic wideband multiplier using the AD834 is shown in Figure 4.18. The differential 
output current flows in equal load resistors, RI and R2, to give a differential voltage 
output. This is the simplest application circuit for the device. Where only the high 
frequency outputs are required, transformer coupling may be used, with either simple 
transformers see Fig. 4.19), or for better wideband performance, transmission line or 
"Ruthroff" transformers. 


Low speed multipliers are also discussed in Chapter 2 (Section 2.11). 
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Figure 4.18: Basic AD834 Multiplier 
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Figure 4.19: Transformer Coupled AD834 Multiplier 
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SECTION 4.4: LOGARITHMIC AMPLIFIERS 


In Chapter 2 (Section 2.8) we discussed low frequency logarithmic (log) amps. In this 
section we discuss high frequency applications. 


The classic diode/op amp (or transistor/op amp) log amp suffers from limited frequency 
response, especially at low levels. For high frequency applications, detecting and true log 
architectures are used. Although these differ in detail, the general principle behind their 
design is common to both: instead of one amplifier having a logarithmic characteristic, 
these designs use a number of similar cascaded linear stages having well-defined large 
signal behavior. 


Consider N cascaded limiting amplifiers, the output of each driving a summing circuit as 
well as the next stage (Figure 4.20). If each amplifier has a gain of A dB, the small signal 
gain of the strip is NA dB. 


If the input signal is small enough for the last stage not to limit, the output of the 
summing amplifier will be dominated by the output of the last stage. 


INPUT 


OUTPUT 


Figure 4.20: Basic Multistage Log Amp Architecture 


As the input signal increases, the last stage will limit, and so will not add any more gain. 
Therefore it will now make a fixed contribution to the output of the summing amplifier, 
but the incremental gain to the summing amplifier will drop to (N — 1)A dB. As the input 
continues to increase, this stage in turn will limit and make a fixed contribution to the 
output, and the incremental gain will drop to (N — 2)A dB, and so forth—until the first 
stage limits, and the output ceases to change with increasing signal input. 


The response curve is thus a set of straight lines as shown in Figure 4.21. The total of 
these lines, though, is a very good approximation to a logarithmic curve, and in practical 
cases, is an even better one, because few limiting amplifiers, especially high frequency 
ones, limit quite as abruptly as this model assumes. 
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Figure 4.21: Basic Multistage Log Amp Response 
(Uniploar Case) 


The choice of gain, A, will also affect the log linearity. If the gain is too high, the log 
approximation will be poor. If it is too low, too many stages will be required to achieve 
the desired dynamic range. Generally, gains of 10 dB to 12 dB (3 to 4x) are chosen. 


This is, of course, an ideal and very general model—it demonstrates the principle, but its 
practical implementation at very high frequencies is difficult. Assume that there is a delay 
in each limiting amplifier of t nanoseconds (this delay may also change when the 
amplifier limits but let's consider first order effects!). The signal which passes through all 
N stages will undergo delay of Nt nanoseconds, while the signal which only passes one 
stage will be delayed only t nanoseconds. This means that a small signal is delayed by 

Nt nanoseconds, while a large one is “smeared,” and arrives spread over Nt nanoseconds. 
A nanosecond equals a foot at the speed of light, so such an effect represents a spread in 
position of Nt feet in the resolution of a radar system—which may be unacceptable in 
some systems (for most log amp applications this is not a problem). 


A solution is to insert delays in the signal paths to the summing amplifier, but this can 
become complex. Another solution is to alter the architecture slightly so that instead of 
limiting gain stages, we have stages with small signal gain of A and large signal 
(incremental) gain of unity (0 dB). We can model such stages as two parallel amplifiers, a 
limiting one with gain, and a unity gain buffer, which together feed a summing amplifier 
as shown in Figure 4.22. 
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Figure 4.22: Structure and Performance of True Log Amp Element, and of a Log 
Amp Formed by Several Such Elements 


The successive detection log amp consists of cascaded limiting stages as described above, 
but instead of summing their outputs directly, these outputs are applied to detectors, and 
the detector outputs are summed as shown in Figure 4.23. If the detectors have current 
outputs, the summing process may involve no more than connecting all the detector 
outputs together. 
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Figure 4.23: Successive Detection Log Amp 
with Log and Limiter Outputs 


Log amps using this architecture have two outputs: the log output and a limiting output. 
In many applications, the limiting output is not used, but in some (FM receivers with 
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“S”-meters, for example), both are necessary. The limited output is especially useful in 
extracting the phase information from the input signal in polar demodulation techniques. 


The log output of a successive detection log amplifier generally contains amplitude 
information, and the phase and frequency information is lost. This is not necessarily the 
case, however, if a half-wave detector is used, and attention is paid to equalizing the 
delays from the successive detectors—but the design of such log amps is demanding. 


The specifications of log amps will include noise, dynamic range, frequency response 
(some of the amplifiers used as successive detection log amp stages have low frequency 
as well as high frequency cutoff), the slope of the transfer characteristic (which is 
expressed as V/dB or mA/dB depending on whether we are considering a voltage- or 
current-output device), the intercept point (the input level at which the output voltage or 
current is zero), and the Jog linearity. (See Figures 4.23 and 4.24.) 
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Figure 4.24: Successive Detection Log Linearity 


In the past, it has been necessary to construct high performance, high frequency 
successive detection log amps (called log strips) using a number of individual monolithic 
limiting amplifiers such as the Plessey SL-1521-series. Recent advances in IC processes, 
however, have allowed the complete log strip function to be integrated into a single chip, 
thereby eliminating the need for costly hybrid log strips. 


The AD641 log amp contains five limiting stages (10 dB per stage) and five full-wave 
detectors in a single IC package, and its logarithmic performance extends from dc to 
250 MHz. Furthermore, its amplifier and full-wave detector stages are balanced so that, 
with proper layout, instability from feedback via supply rails is unlikely. A block diagram 
of the AD641 is shown in Figure 4.25. Unlike many previously integrated circuit log 
amps, the AD641 is laser trimmed to high absolute accuracy of both slope and intercept, 
and is fully temperature compensated. The transfer function for the AD641 as well as the 
log linearity is shown in Figure 4.26. 
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Figure 4.26: DC Logarithmic Transfer Function and Error Curve 
for a Single AD641 


Because of its high accuracy, the actual waveform driving the AD641 must be considered 
when calculating responses. When a waveform passes through a log function generator, 
the mean value of the resultant waveform changes. This does not affect the slope of the 
response, but the apparent intercept is modified. 


The AD641 is calibrated and laser trimmed to give its defined response to a dc level or a 
symmetrical 2 kHz square wave. It is also specified to have an intercept of 2 mV for a 
sine wave input (that is to say a 2 kHz sine wave of amplitude 2 mV peak [not peak-to- 
peak] gives the same mean output signal as a dc or square wave signal of 1 mV). 
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The waveform also affects the ripple or nonlinearity of the log response. This ripple is 
greatest for dc or square wave inputs because every value of the input voltage maps to a 
single location on the transfer function, and thus traces out the full nonlinearities of the 
log response. By contrast, a general time-varying signal has a continuum of values within 
each cycle of its waveform. The averaged output is thereby “smoothed” because the 
periodic deviations away from the ideal response, as the waveform “sweeps over” the 
transfer function, tend to cancel. As is clear in Figure 4.27, this smoothing effect is 
greatest for a triwave. 


INPUT PEAK INTERCEPT ERROR (RELATIVE 
WAVEFORM OR RMS FACTOR TO A DC INPUT) 
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Triwave RMS 1.569 (e/V3) -3.91dB 
Gaussian Noise RMS 1.887 —5.52dB 


Figure 4.27: The Effects of Waveform on Intercept Point 
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Figure 4.28: The Effect of the Waveform on AD641 Log Linearity 
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Each of the five stages in the AD641 has a gain of 10 dB and a full-wave detected output. 
The transfer function for the device was shown in Figure 4.26 along with the error curve. 
Note the excellent log linearity over an input range of 1 mV to 100 mV (40 dB). 
Although well suited to RF applications, the AD641 is dc-coupled throughout. This 
allows it to be used in LF and VLF systems, including audio measurements, sonar, and 
other instrumentation applications requiring operation to low frequencies or even dc. 


The limiter output of the AD641 has better than 1.6 dB gain flatness (-44 dBm to 0 dBm 


@ 10.7 MHz) and less than 2° phase variation, allowing it to be used as a polar 
demodulator. 
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SECTION 4.5: TRUE-POWER DETECTORS 


In many systems, cellular phones as an example, monitoring of the transmit signal 
amplitude is required. The AD8362 is a true rms-responding power detector that has a 
60 dB measurement range. It is intended for use in a variety of high frequency 
communication systems and in instrumentation requiring an accurate response to signal 
power. It can operate from arbitrarily low frequencies to over 2.7 GHz and can accept 
inputs that have rms values from | mV to at least 1 V rms, with peak crest factors of up 
to 6, exceeding the requirements for accurate measurement of CDMA signals. Unlike 
earlier rms-to-de converters, the response bandwidth is completely independent of the 
signal magnitude. The —3 dB point occurs at about 3.5 GHz. 


The input signal is applied to a resistive ladder attenuator that comprises the input stage 
of a variable gain amplifier. The 12 tap points are smoothly interpolated using a 
proprietary technique to provide a continuously variable attenuator, which is controlled 
by a voltage applied to the VSET pin. The resulting signal is applied to a high 
performance broadband amplifier. Its output is measured by an accurate, square law 
detector cell. The fluctuating output is then filtered and compared with the output of an 
identical squarer, whose input is a fixed dc voltage applied to the VTGT pin, usually the 
accurate reference of 1.25 V provided at the VREF pin. 


AD8362 


Figure 4.29: AD8362 Block Diagram 
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The difference in the outputs of these squaring cells is integrated in a high gain error 
amplifier, generating a voltage at the VOUT pin with rail-to-rail capabilities. In a 
controller mode, this low noise output can be used to vary the gain of a host system’s RF 
amplifier, thus balancing the setpoint against the input power. Optionally, the voltage at 
VSET may be a replica of the RF signal’s amplitude modulation, in which case the 
overall effect is to remove the modulation component prior to detection and low-pass 
filtering. The corner frequency of the averaging filter may be lowered without limit by 
adding an external capacitor at the CLPF pin. 
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Figure 4.30: AD8362 Internal Structure 


The AD8362 can be used to determine the true power of a high frequency signal having a 
complex low frequency modulation envelope (or simply as a low frequency rms 
voltmeter). The high-pass corner generated by its offset-nulling loop can be lowered by a 
capacitor added on the CHPF pin. 


Used as a power measurement device, VOUT is strapped to VSET, and the output is then 
proportional to the logarithm of the rms value of the input; that is, the reading is 
presented directly in decibels, and is conveniently scaled 1 V per decade, that is, 
50 mV/dB; other slopes are easily arranged. In controller modes, the voltage applied to 
VSET determines the power level required at the input to null the deviation from the 
setpoint. The output buffer can provide high load currents. 
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The AD8362 can be powered down by a logic high applied to the PWDN pin, i.e., the 
consumption is reduced to about 1.3 mW. It powers up within about 20 us to its nominal 
operating current of 20 mA at 25°C. 
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Figure 4.31: AD8362 Typical Application 
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SECTION 4.6: VARIABLE GAIN AMPLIFIERS 


Voltage Controlled Amplifiers 


Many monolithic variable-gain amplifiers use techniques that share common principles 
that are broadly classified as translinear, a term referring to circuit cells whose functions 
depend directly on the very predictable properties of bipolar junction transistors, notably 
the linear dependence of their transconductance on collector current. Since the discovery 
of these cells in 1967, and their commercial exploitation in products developed during the 
early 1970s, accurate wide bandwidth analog multipliers, dividers, and variable gain 
amplifiers have invariably employed translinear principles. 


While these techniques are well understood, the realization of a high performance 
variable-gain amplifier (VGA) requires special technologies and attention to many subtle 
details in its design. As an example, the AD8330 is fabricated on a proprietary silicon-on- 
insulator, complementary bipolar IC process and draws on decades of experience in 
developing many leading-edge products using translinear principles to provide an 
unprecedented level of versatility. Figure 4.32 shows a basic representative cell 
comprising just four transistors. This, or a very closely related form, is at the heart of 
most translinear multipliers, dividers, and VGAs. The key concepts are as follows: First, 
the ratio of the currents in the left-hand and right-hand pairs of transistors are identical; 
this is represented by the modulation factor, x, which may have values between —1 and 
+1. Second, the input signal is arranged to modulate the fixed tail current Ip to cause the 
variable value of x introduced in the left-hand pair to be replicated in the right-hand pair, 
and thus generate the output by modulating its nominally fixed tail current Iy, Third, the 
current-gain of this cell is very exactly G = Iy/Ip over many decades of variable bias 
current. 
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Figure 4.32: Translinear Variable Gain Cell 
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In practice, the realization of the full potential of this circuit involves many other factors, 
but these three elementary ideas remain essential. By varying Iw, the overall function is 
that of a two-quadrant analog multiplier, exhibiting a linear relationship to both the signal 
modulation factor x and this numerator current. On the other hand, by varying Ip, a two- 
quadrant analog divider is realized, having a hyperbolic gain function with respect to the 
input factor x, controlled by this denominator current. The AD8330 exploits both modes 
of operation. However, since a hyperbolic gain function is generally of less value than 
one in which the decibel gain is a linear function of a control input, a special interface is 
included to provide either increasing or decreasing exponential control of Ip. 


The VGA core of the AD8330 contains a much elaborated version of the cell shown in 
Figure 4.32. The current called Ip is controlled exponentially (linear in decibels) through 
the decibel gain interface at the pin Vpgs and its local common Cyn. The gain span (that 
is, the decibel difference between maximum and minimum values) provided by this 
control function is slightly more than 50 dB. The absolute gain from input to output is a 
function of source and load impedance and also depends on the voltage on a second gain- 
control pin, Vac. 
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Figure 4.33: AD8&330 Block Diagram 
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X-AMP® 


Most VCAs made with analog multipliers have gain which is /inear in volts with respect 
to the control voltage, moreover they tend to be noisy. There is a demand, however, for a 
VCA which combines a wide gain range with constant bandwidth and phase, low noise 
with large signal-handling capabilities, and low distortion with low power consumption, 
while providing accurate, stable, /inear-in-dB gain. The X-AMP family achieve these 
demanding and conflicting objectives with a unique and elegant solution (for exponential 
amplifier). The concept is simple: A fixed-gain amplifier follows a passive, broadband 
attenuator equipped with special means to alter its attenuation under the control of a 
voltage (see Figure 4.34). The amplifier is optimized for low input noise, and negative 
feedback is used to accurately define its moderately high gain (about 30 dB to 40 dB) and 
minimize distortion. Since this amplifier's gain is fixed, so also are its ac and transient 
response characteristics, including distortion and group delay; since its gain is high, its 
input is never driven beyond a few millivolts. Therefore, it is always operating within its 


small signal response range. 
GAT1 
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Figure 4.34: X-AMP Block Diagram 


The attenuator is a 7-section (8-tap) R-2R ladder network. The voltage ratio between all 
adjacent taps is exactly 2 dB, or 6.02 dB. This provides the basis for the precise linear-in- 
dB behavior. The overall attenuation is 42.14 dB. As will be shown, the amplifier’s input 
can be connected to any one of these taps, or even interpolated between them, with only a 
small deviation error of about +0.2 dB. The overall gain can be varied all the way from 
the fixed (maximum) gain to a value 42.14 dB less. For example, in the AD600, the fixed 
gain is 41.07 dB (a voltage gain of 113); using this choice, the full gain range is —1.07 dB 
to +41.07 dB. The gain is related to the control voltage by the relationship Ggp = 32 VG 


+ 20 where VG is in volts. 
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The gain at VG = 0 is laser trimmed to an absolute accuracy of +0.2 dB. The gain scaling 


is determined by an on-chip band gap reference (shared by both channels), laser trimmed 
for high accuracy and low temperature coefficient. Figure 4.35 shows the gain versus the 
differential control voltage for both the AD600 and the AD602. 
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Figure 4.35: X-AMP Transfer Function 


In order to understand the operation of the X-AMP family, consider the simplified 
diagram shown in Figure 4.36. Notice that each of the eight taps is connected to an input 
of one of eight bipolar differential pairs, used as current-controlled transconductance 
(2m) stages; the other input of all these gy, stages is connected to the amplifier’s gain- 


determining feedback network, Rp]/RF2. When the emitter bias current, Ip, is directed to 


one of the eight transistor pairs (by means not shown here), it becomes the input stage for 
the complete amplifier. 
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Figure 4.36: X-AMP Schematic 
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When If is connected to the pair on the left-hand side, the signal input is connected 


directly to the amplifier, giving the maximum gain. The distortion is very low, even at 
high frequencies, due to the careful open-loop design, aided by the negative feedback. If 
If were now to be abruptly switched to the second pair, the overall gain would drop by 


exactly 6.02 dB, and the distortion would remain low, because only one gy stage remains 
active. 


In reality, the bias current is gradually transferred from the first pair to the second. When 
Ig is equally divided between two gm stages, both are active, and the situation arises 


where we have an op amp with two input stages fighting for control of the loop, one 
getting the full signal, and the other getting a signal exactly half as large. 


Analysis shows that the effective gain is reduced, not by 3 dB, as one might first expect, 
but rather by 20log1.5, or 3.52 dB. This error, when divided equally over the whole 
range, would amount to a gain ripple of +0.25 dB; however, the interpolation circuit 
actually generates a Gaussian distribution of bias currents, and a significant fraction of Ip 


always flows in adjacent stages. This smoothes the gain function and actually lowers the 
ripple. As Ig moves further to the right, the overall gain progressively drops. 


The total input-referred noise of the X-AMP is 1.4 nV/VHz: only slightly more than the 
thermal noise of a 100 Q resistor which is 1.29 nV/VHz at 25°C. The input-referred noise 
is constant regardless of the attenuator setting, therefore the output noise is always 
constant and independent of gain. 


The AD8367 is a high performance 45 dB variable gain amplifier with linear-in-dB gain 
control for use from low frequencies up to several hundred megahertz. It includes an 
onboard detector which is used to build an automatic gain controlled amplifier. The 
range, flatness, and accuracy of the gain response are achieved using Analog Devices’ 
X-AMP architecture, the most recent in a series of powerful proprietary concepts for 
variable gain applications, which far surpasses what can be achieved using competing 
techniques. 


The input is applied to a 200 Q resistive ladder network, having nine sections each of 
5 dB loss, for a total attenuation of 45 dB. At maximum gain, the first tap is selected; at 
progressively lower gains, the tap moves smoothly and continuously toward higher 
attenuation values. The attenuator is followed by a 42.5 dB fixed gain feedback 
amplifier—essentially an operational amplifier with a gain bandwidth product of 
100 GHz—and is very linear, even at high frequencies. The output third order intercept is 
+20 dBV at 100 MHz (+27 dBm re 200 Q), measured at an output level of 1 V p-p with 
Vs = 5 V. The analog gain-control interface is very simple to use. It is scaled at 
20 mV/dB, and the control voltage, Vea, runs from 50 mV at —2.5 dB to 950 mV at 
+42.5 dB. In the inverse-gain mode of operation, selected by a simple pin-strap, the gain 
decreases from +42.5 dB at Vcain = 50 mV to —2.5 dB at Voain = 950 mV. This inverse 
mode is needed in AGC applications, which are supported by the integrated square-law 
detector, whose set point is chosen to level the output to 354 mV rms, regardless of the 
wave shape. A single external capacitor sets up the loop averaging time. 
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Figure 4.37: AD8367 Block Diagram 


Digitally Controlled VGAs 


In some cases it may be advantageous to have the control of the signal level under digital 
control. The AD8370 is a low cost, digitally controlled, variable gain amplifier that 
provides precision gain control, high IP3, and low noise figure. The AD8370 has 
excellent distortion performance and wide bandwidth. For wide input, dynamic range 
applications, the AD8370 provides two input ranges: high gain mode and low gain mode. 
A vernier 7-bit transconductance (Gm) stage provides 28 dB of gain range at better than 
2 dB resolution, and 22 dB of gain range at better than 1 dB resolution. A second gain 
range, 17 dB higher than the first, can be selected to provide improved noise 
performance. The AD8370 is powered on by applying the appropriate logic level to the 
PWUP pin. When powered down, the AD8370 consumes less than 4 mA and offers 
excellent input to output isolation. The gain setting is preserved when operating in a 
power-down mode. 


Gain control of the AD8370 is through a serial 8-bit gain control word. The MSB selects 


between the two gain ranges, and the remaining seven adjust the overall gain in precise 
linear gain steps. 
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Figure 4.38: AD8370 Block Diagram 


Variable gain amplifiers are also discussed in Chapter 2 (Sections 2.3 and 2.14) 
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SECTION 4.7: DIRECT DIGITAL SYNTHESIS 


A frequency synthesizer generates multiple frequencies from one or more frequency 
references. These devices have been used for decades, especially in communications 
systems. Many are based upon switching and mixing frequency outputs from a bank of 
crystal oscillators. Others have been based upon well understood techniques utilizing 
phase-locked loops (PLLs). These will be discussed in the following section. 


DDS (Direct Digital Synthesis) 


With the widespread use of digital techniques in instrumentation and communications 
systems, a digitally-controlled method of generating multiple frequencies from a 
reference frequency source has evolved called Direct Digital Synthesis (DDS). The basic 
architecture is shown in Figure 4.39. In this simplified model, a stable clock drives a 
programmable-read-only-memory (PROM) which stores one or more integral number of 
cycles of a sine wave (or other arbitrary waveform, for that matter). As the address 
counter steps through each memory location, the corresponding digital amplitude of the 
signal at each location drives a DAC which in turn generates the analog output signal. 
The spectral purity of the final analog output signal is determined primarily by the DAC. 
The phase noise is basically that of the reference clock. 


Because a DDS system is a sampled data system, all the issues involved in sampling must 
be considered: quantization noise, aliasing, filtering, etc. For instance, the higher order 
harmonics of the DAC output frequencies fold back into the Nyquist bandwidth, making 
them unfilterable, whereas, the higher order harmonics of the output of PLL-based 
synthesizers can be filtered. There are other considerations which will be discussed 
shortly. 
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Figure 4.39: Fundamental Direct Digital Synthesis System 
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A fundamental problem with this simple DDS system is that the final output frequency 
can be changed only by changing the reference clock frequency or by reprogramming the 
PROM, making it rather inflexible. A practical DDS system implements this basic 
function in a much more flexible and efficient manner using digital hardware called a 
Numerically Controlled Oscillator (NCO). A block diagram of such a system is shown in 
Figure 4.40. 
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Figure 4.40: A Flexible DDS System 


The heart of the system is the phase accumulator whose contents are updated once each 
clock cycle. Each time the phase accumulator is updated, the digital number, M, stored in 
the delta phase register is added to the number in the phase accumulator register. Assume 
that the number in the delta phase register is 00...01 and that the initial content of the 
phase accumulator is 00...00. The phase accumulator is updated by 00...01 on each clock 


cycle. If the accumulator is 32-bits wide, 232 clock cycles (over 4 billion) are required 
before the phase accumulator returns to 00...00, and the cycle repeats. 


The truncated output of the phase accumulator serves as the address to a sine (or cosine) 
lookup table. Each address in the lookup table corresponds to a phase point on the sine 
wave from 0° to 360°. The lookup table contains the corresponding digital amplitude 
information for one complete cycle of a sine wave. (Actually, only data for 90° is 
required because the quadrature data is contained in the two MSBs). The lookup table 
therefore maps the phase information from the phase accumulator into a digital amplitude 
word, which, in turn, drives the DAC. 
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Figure 4.41: Digital Phase Wheel 


Consider the case for n = 32, and M = 1. The phase accumulator steps through each of 
232 possible outputs before it overflows and restarts. The corresponding output sine wave 


frequency is equal to the input clock frequency divided by 232. If M = 2, then the phase 
accumulator register rolls over twice as fast, and the output frequency is doubled. This 
can be generalized as follows: 


For an n-bit phase accumulator (n generally ranges from 24 to 32 in most DDS systems), 


there are 2" possible phase points. The digital word in the delta phase register, M, 
represents the amount the phase accumulator is incremented each clock cycle. If f, is the 


clock frequency, then the frequency of the output sine wave is equal to: 


M-f, Eq. 4-8 


This equation is known as the DDS “tuning equation.” Note that the frequency resolution 
of the system is equal to f,/2". For n = 32, the resolution is greater than one part in four 
billion! In a practical DDS system, all the bits out of the phase accumulator are not 
passed on to the lookup table, but are truncated, leaving only the first 13 MSBs to 15 
MSBs. This reduces the size of the lookup table and does not affect the frequency 
resolution. The phase truncation only adds a small but acceptable amount of phase noise 
to the final output. 
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Figure 4.42: Calculated Output Spectrum Shows 90 dB SFDR 
for a 15-Bit Phase Truncation and an Ideal 12-bit DAC 


The resolution of the DAC is typically two bits to four bits less than the width of the 
lookup table. Even a perfect N-bit DAC will add quantization noise to the output. Figure 
4.42 shows the calculated output spectrum for a 32-bit phase accumulator, 15-bit phase 
truncation, and an ideal 12-bit DAC. The value of M was chosen so that the output 
frequency was slightly offset from 0.25 times the clock frequency. Note that the spurs 
caused by the phase truncation and the finite DAC resolution are all at least 90 dB below 
the full-scale output. This performance far exceeds that of any commercially available 
12-bit DAC and is adequate for most applications. 


The basic DDS system described above is extremely flexible and has high resolution. The 
frequency can be changed instantaneously with no phase discontinuity by simply 
changing the contents of the M-register. However, practical DDS systems first require the 
execution of a serial, or byte-loading sequence, to get the new frequency word into an 
internal buffer register which precedes the parallel-output M-register. This is done to 
minimize package pin count. After the new word is loaded into the buffer register, the 
parallel-output delta phase register is clocked, thereby changing all the bits 
simultaneously. The number of clock cycles required to load the delta-phase buffer 
register determines the maximum rate at which the output frequency can be changed. 
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Aliasing in DDS Systems 


There is one important limitation to the range of output frequencies that can be generated 
from the simple DDS system. The Nyquist Criteria states that the clock frequency 
(sample rate) must be at least twice the output frequency. Practical limitations restrict the 
actual highest output frequency to about 1/3 the clock frequency. Figure 4.43 shows the 
output of a DAC in a DDS system where the output frequency is 30 MHz and the clock 
frequency is 100 MHz. An antialiasing filter must follow the reconstruction DAC to 
remove the lower image frequency (100 MHz — 30 MHz = 70 MHz) as shown in Figure 
4.43. 
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Figure 4.43: Aliasing ina DDS System 


Note that the amplitude response of the DAC output (before filtering) follows a sin(x)/x 
response with zeros at the clock frequency and multiples thereof. The exact equation for 
the normalized output amplitude, A(f)), is given by: 


sin [fe 
fo 
tifa 
fo 


A(f9) = Eq. 4-9 


where fo is the output frequency and f, is the clock frequency. 


This roll-off is because the DAC output is not a series of zero-width impulses (as in a 
perfect re-sampler), but a series of rectangular pulses whose width is equal to the 
reciprocal of the update rate. The amplitude of the sin(x)/x response is down 3.92 dB at 
the Nyquist frequency (1/2 the DAC update rate). In practice, the transfer function of the 
reconstruction (antialiasing) filter can be designed to compensate for the sin(x)/x roll-off 
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so that the overall frequency response is relatively flat up to the maximum output DAC 
frequency (generally 1/3 the update rate). 


Another important consideration is that, unlike a PLL-based system, the higher order 
harmonics of the fundamental output frequency in a DDS system will fold back into the 
baseband because of aliasing. These harmonics cannot be removed by the antialiasing 
filter. For instance, if the clock frequency is 100 MHz, and the output frequency is 

30 MHz, the second harmonic of the 30 MHz output signal appears at 60 MHz (out of 
band), but also at 100 MHz — 60 MHz = 40 MHz (the aliased component). Similarly, the 
third harmonic (which would occur at 90 MHz) appears inband at 100 MHz — 90 MHz = 
10 MHz, and the fourth harmonic at 120 MHz — 100 MHz = 20 MHz. Higher order 
harmonics also fall within the Nyquist bandwidth (dc to f,/2). The location of the first 


four harmonics is shown in the diagram. 


DDS Systems as ADC Clock Drivers 


DDS systems such as the AD9850 provide an excellent method of generating the 
sampling clock to the ADC, especially when the ADC sampling frequency must be under 
software control and locked to the system clock (see Figure 4.44). The true DAC output 
current Ipyt, drives a 200 Q, 42 MHz low-pass filter which is source and load terminated, 
thereby making the equivalent load 100 Q. The filter removes spurious frequency 
components above 42 MHz. The filtered output drives one input of the AD9850 internal 
comparator. The complementary DAC output current drives a 100 © load. The output of 
the 100 kQ resistor divider placed between the two outputs is decoupled and generates 
the reference voltage for the internal comparator. 


The comparator output has a 2 ns rise and fall time and generates a TTL/CMOS- 
compatible square wave. The jitter of the comparator output edges is less than 20 ps rms. 
True and complementary outputs are available if required. 
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Figure 4.44: Using a DDS System as ADC Clock Drivers 
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In the circuit shown (Figure 4.44), the total output rms jitter for a 40 MSPS ADC clock is 
50 ps rms, and the resulting degradation in SNR must be considered in wide dynamic 
range applications 


Amplitude Modulation in a DDS System 


Amplitude modulation in a DDS system can be accomplished by placing a digital 
multiplier between the lookup table and the DAC input as shown in Figure 4.45. Another 
method to modulate the DAC output amplitude is to vary the reference voltage to the 
DAC. In the case of the AD9850, the bandwidth of the internal reference control 
amplifier is approximately 1 MHz. This method is useful for relatively small output 
amplitude changes as long as the output signal does not exceed the +1 V compliance 
specification. 
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Figure 4.45: Amplitude Modulation ina DDS System 


Spurious Free Dynamic Range Considerations in DDS Systems 


In many DDS applications, the spectral purity of the DAC output is of primary concern. 
Unfortunately, the measurement, prediction, and analysis of this performance is 
complicated by a number of interacting factors. 


Even an ideal N-bit DAC will produce harmonics in a DDS system. The amplitude of 
these harmonics is highly dependent upon the ratio of the output frequency to the clock 
frequency. This is because the spectral content of the DAC quantization noise varies as 
this ratio varies, even though its theoretical rms value remains equal to q/V 12 (where q is 
the weight of the LSB). The assumption that the quantization noise appears as white 
noise and is spread uniformly over the Nyquist bandwidth is simply not true in a DDS 
system (it is more apt to be a true assumption in an ADC-based system, because the ADC 


4.47 


[a BASIC LINEAR DESIGN 


adds a certain amount of noise to the signal which tends to “dither” or randomize the 
quantization error. However, a certain amount of correlation still exists). For instance, if 
the DAC output frequency is set to an exact submultiple of the clock frequency, then the 
quantization noise will be concentrated at multiples of the output frequency, i.e., it is 
highly signal dependent. If the output frequency is slightly offset, however, the 
quantization noise will become more random, thereby giving an improvement in the 
effective SFDR. 


This is illustrated in Figure 4.46, where a 4096 (4k) point FFT is calculated based on 
digitally generated data from an ideal 12-bit DAC. In the left-hand diagram, the ratio 
between the clock frequency and the output frequency was chosen to be exactly 32 
(128 cycles of the sine wave in the FFT record length), yielding an SFDR of about 
78 dBc. In the right-hand diagram, the ratio was changed to 32.25196850394 (127 cycles 
of the sine wave within the FFT record length), and the effective SFDR is now increased 
to 92 dBc. In this ideal case, we observed a change in SFDR of 14 dB just by slightly 
changing the frequency ratio. 
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Figure 4.46: Effect of Ratio of Clock to Output Frequency on Theoretical 
12-Bit DAC SFDR Using 4096-Point FFT 


Best SFDR can therefore be obtained by the careful selection of the clock and output 
frequencies. However, in some applications, this may not be possible. In ADC-based 
systems, adding a small amount of random noise to the input tends to randomize the 
quantization errors and reduce this effect. The same thing can be done in a DDS system 
as shown in Figure 4.47 (Reference 5). The pseudo-random digital noise generator output 
is added to the DDS sine amplitude word before being loaded into the DAC. The 
amplitude of the digital noise is set to about 1/2 LSB. This accomplishes the 
randomization process at the expense of a slight increase in the overall output noise floor. 
In most DDS applications, however, there is enough flexibility in selecting the various 
frequency ratios so that dithering is not required. 
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Figure 4.47: Injection of Digital Dither ina DDS System to 
Randomize Quantization Noise and Increase SFDR 
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SECTION 4.8: PHASE-LOCKED LOOPS (PLLs) 


A phase-locked loop is a feedback system combining a voltage controlled oscillator and a 
phase comparator so connected that the oscillator maintains a constant phase angle 
relative to a reference signal. Phase-locked loops can be used, for example, to generate 
stable output frequency signals from a fixed low-frequency signal. The phase-locked loop 
can be analyzed in general as a negative feedback system with a forward gain term and a 
feedback term. A simple block diagram of a voltage-based negative-feedback 

system is shown in Figure 4.48. 


e(s) 


Figure 4.48. Standard Negative-Feedback Control System Model 


In a phase-locked loop, the error signal from the phase comparator is proportional to the 
relative phase of the input and feedback signals. The average output of the phase detector 
will be constant when the input and feedback signals are the same frequency. The 

usual equations for a negative-feedback system apply. 


Forward Gain = G(s) Eq. 4-10 
S =jo = j2nf Eq. 4-11 
: G(s) 
Closed Loop Gain = 1+G(s)HG) Eq.4-12 


Loop Gain = G(s) * H(s) Eq. 4-13 


Because of the integration in the loop, at low frequencies the steady state gain, G(s), is 
high and 


Vo ee oe 
Vb Closed Loop Gain = H Eq. 4-14 
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The components of a PLL that contribute to the loop gain include: 
1. The phase detector (PD) and charge pump (CP). 
2. The loop filter, with a transfer function of Z(s) 
3. The voltage-controlled oscillator (VCO), with a sensitivity of KV/s 
4. The feedback divider, 1/N 


FEEDBACK DIVIDER 


Figure 4.49: Basic Phase-Locked Loop Model. 


If a linear element like a four-quadrant multiplier is used as the phase detector, and the 
loop filter and VCO are also analog elements, this is called an analog, or /inear PLL 
(LPLL). If a digital phase detector (EXOR gate or J-K flip flop) is used, and everything 
else stays the same, the system is called a digital PLL (DPLL). If the PLL is built 
exclusively from digital blocks, without any passive components or linear elements, it 
becomes an all-digital PLL (ADPLL). 


In commercial PLLs, the phase detector and charge pump together form the error detector 
block. When Fo x N Frer, the error detector will output source/sink current pulses to the 
low-pass loop filter. This smoothes the current pulses into a voltage which in turn drives 
the VCO. The VCO frequency will then increase or decrease as necessary, by Ky * AV, 
where Ky is the VCO sensitivity in MHz/Volt and AV is the change in VCO input 
voltage. This will continue until e(s) is zero and the loop is locked. The charge pump and 
VCO thus serves as an integrator, seeking to increase or decrease its output frequency to 
the value required so as to restore its input (from the phase detector) to zero. 


The overall transfer function (CLG or Closed-Loop Gain) of the PLL can be expressed 
simply by using the CLG expression for a negative feedback system as given above. 


Fo_ _ Forward Gain Eq. 4-15 
Feaé 1+ Loop Gain 


When GH is much greater than 1, we can say that the closed loop transfer function for the 
PLL system is N and so: 


Four = N x Frer Eq. 4-16 
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Figure 4.50: VCO transfer function. 


The loop filter is a low-pass type, typically with one pole and one zero. The transient 
response of the loop depends on: 

1. The magnitude of the pole/zero, 

2. The charge pump magnitude, 

3. The VCO sensitivity, 

4. The feedback factor, N. 


All of the above must be taken into account when designing the loop filter. In addition, 
the filter must be designed to be stable (usually a phase margin of 90° is recommended). 
The 3-dB cutoff frequency of the response is usually called the loop bandwidth, BW. 
Large loop bandwidths result in very fast transient response. However, this is not always 
advantageous, since there is a tradeoff between fast transient response and reference spur 
attenuation. 


PLL Synthesizer Basic Building Blocks 


A PLL synthesizer can be considered in terms of several basic building blocks. Already 
touched upon, they will now be dealt with in greater detail: 


Phase-Frequency Detector (PFD) 
Reference Counter (R) 

Feedback Counter (N) 

The Phase-Frequency Detector (PFD) 


The heart of a synthesizer is the phase detector—or phase-frequency detector. This is 
where the reference frequency signal is compared with the signal fed back from the VCO 
output, and the resulting error signal is used to drive the loop filter and VCO. In a digital 
PLL (DPLL) the phase detector or phase-frequency detector is a logical element. 


4.53 


[i BASIC LINEAR DESIGN 


The three most common implementations are: 
Exclusive-or (EXOR) Gate 
J-K Flip-Flop 
Digital Phase-Frequency Detector 


Here we will consider only the PFD, the element used in the ADF411X and ADF421X 
synthesizer families, because—unlike the EXOR gate and the J-K flip flop—its output is 
a function of both the frequency difference and the phase difference between the two 
inputs when it is in the unlocked state. Figure 4.53 shows one implementation of a PFD, 
basically consisting of two D-type flip flops. One Q output enables a positive current 
source; and the other Q output enables a negative current source. Assuming that, in this 
design, the D-type flip flop is positive-edge triggered, the states are these (Q1, Q2): 


11—both outputs high, is disabled by the AND gate (U3) back to the CLR pins on 
the flip flops. 

00—both PI and N1 are turned off and the output, OUT, is essentially in a high 
impedance state. 

10—P1 is turned on, N1 is turned off, and the output is at V+. 

01—P1 is turned off, N1 is turned on, and the output is at V-. 


Ve 


OUT 


V- (OV) 
Figure 4.53: Typical PFD using D-type flip flops 


Consider now how the circuit behaves if the system is out of lock and the frequency at 
+IN is much higher than the frequency at —IN, as exemplified in Figure 4.54. 
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Figure 4.54: PFD waveforms, out of frequency and phase lock. 


Since the frequency at +IN is much higher than that at —IN, the output spends most of its 
time in the high state. The first rising edge on +IN forces the output high and this state is 
maintained until the first rising edge occurs on —IN. In a practical system this means that 
the output, and thus the input to the VCO, is driven higher, resulting in an increase in 
frequency at —IN. This is exactly what is desired. If the frequency on +IN were much 
lower than on —IN, the opposite effect would occur. The output at OUT would spend 
most of its time in the low condition. This would have the effect of driving the VCO in 
the negative direction and again bring the frequency at -IN much closer to that at +IN, to 
approach the locked condition. Figure 4.55 shows the waveforms when the inputs are 
frequency-locked and close to phase-lock. 


Figure 4.55: PFD waveforms, in frequency lock but out of phase lock. 


Since +IN is leading —IN, the output is a series of positive current pulses. These pulses 
will tend to drive the VCO so that the —-IN signal become phase-aligned with that on +IN. 
When this occurs, if there were no delay element between U3 and the CLR inputs of U1 
and U2, it would be possible for the output to be in high-impedance state, producing 
neither positive nor negative current pulses. This would not be a good situation. The 
VCO would drift until a significant phase error developed and started producing either 
positive or negative current pulses once again. Over a relatively long period of time, the 
effect of this cycling would be for the output of the charge pump to be modulated by a 
signal that is a subharmonic of the PFD input reference frequency. Since this could be a 
low frequency signal, it would not be attenuated by the loop filter and would result in 
very significant spurs in the VCO output spectrum, a phenomenon known as the backlash 
effect. The delay element between the output of U3 and the CLR inputs of Ul and U2 
ensures that it does not happen. With the delay element, even when the +IN and —IN are 
perfectly phase-aligned, there will still be a current pulse generated at the charge pump 
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output. The duration of this delay is equal to the delay inserted at the output of U3 and is 
known as the anti-backlash pulse width. 


The Reference Counter 


In the classical Integer-N synthesizer, the resolution of the output frequency is 
determined by the reference frequency applied to the phase detector. So, for example, if 
200 kHz spacing is required (as in GSM phones), then the reference frequency must be 
200 kHz. However, getting a stable 200 kHz frequency source is not easy. A sensible 
approach is to take a good crystal-based high frequency source and divide it down. For 
example, the desired frequency spacing could be achieved by starting with a 10 MHz 
frequency reference and dividing it down by 50. This approach is shown in the diagram 
in Figure 4.56. 


REFERENCE 
DIVIDER 
=R 


LOW 
PASS 
FILTER 


+N 
COUNTER 


Four = Free x N/R 


PHASE 
DETECTOR 


Foy: = F, x N 
Four = (Free /R) xN 
Four = (Free) x (N/R) 


Figure 4.56: Using a reference counter in a PLL synthesizer. 


The Feedback Counter, N 


The N counter, also known as the N divider, is the programmable element that sets the 
relationship between the input and output frequencies in the PLL. The complexity of the 
N counter has grown over the years. In addition to a straightforward N counter, it has 
evolved to include a prescaler, which can have a dual modulus. 


This structure has emerged as a solution to the problems inherent in using the basic 
divide-by-N structure to feed back to the phase detector when very high-frequency 
outputs are required. For example, let’s assume that a 900 MHz output is required with 
10 kHz spacing. A 10 MHz reference frequency might be used, with the R-Divider set at 
1000. Then, the N-value in the feedback would need to be of the order of 90,000. This 
would mean at least a 17-bit counter capable of operating at an input frequency of 
900 MHz. 


To handle this range, it makes sense to precede the programmable counter with a fixed 
counter element to bring the very high input frequency down to a range at which standard 
CMOS counters will operate. This counter, called a prescaler, is shown in Figure 4.57. 
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However, using a standard prescaler introduces other complications. The system 
resolution is now degraded (F; x P). This issue can be addressed by using a dual-modulus 
prescaler (Figure 64.58). It has the advantages of the standard prescaler but without any 
loss in system resolution. A dual-modulus prescaler is a counter whose division ratio can 
be switched from one value to another by an external control signal. By using the dual- 
modulus prescaler with an A and B counter, one can still maintain output resolution of Fy. 


REFERENCE 
DIVIDER 
+R 


LOW 
PASS 
FILTER 


PHASE 
DETECTOR 
+N PRESCALER 
COUNTER =p 


Figure 4.57: Basic prescaler 


Four = F, x NXP 
Four = (Fpee/R) X NX P 
Four = (Frer) X (NP/R) 


However, the following conditions must be met: 
1. The output signals of both counters are High if the counters have not timed out. 
2. When the B counter times out, its output goes Low, and it immediately loads 
both counters to their preset values. 
3. The value loaded to the B counter must always be greater than that loaded to 
the A counter. 


REFERENCE 
DIVIDER 


= PHASE Bee F 
DETECTOR baal our 


+B 
COUNTER 
O 
O 
=A CONTROL: 
we COUNTER LOW P, 
HIGH (P + 1) 


TOTAL NUMBER OF COUNTS OF F,,,, IN A FULL F, CYCLE 
Ax (P+1)+(B-A)P 
AP + A+ BP-AP 


DUAL MODULUS 
PRESCALER 
+P/P+ 1 


BP+A 
Four = F, X (BP + A) 
Four = (Faee/R) X (BP + A) 


Figure 4.58: Dual-modulus prescaler 
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Assume that the B counter has just timed out and both counters have been reloaded with 
the values A and B. Let’s find the number of VCO cycles necessary to get to the same 
state again. 


As long as the A counter has not timed out, the prescaler is dividing down by P + 1. So, 
both the A and B counters will count down by | every time the prescaler counts (P + 1) 
VCO cycles. This means the A counter will time out after ((P + 1) x A) VCO cycles. 


At this point the prescaler is switched to divide-by-P. It is also possible to say that at this 
time the B counter still has (B — A) cycles to go before it times out. How long will it take 


to do this: ((B — A) x P). The system is now back to the initial condition where we started. 


The total number of VCO cycles needed for this to happen is: 


N=(A x (P+ 1))+((B—A) x P) Eq. 4-17 
=AP+A+BP—AP Eq. 4.18 
=A+BP Eq. 4-19 


When using a dual-modulus prescaler, it is important to consider the lowest and highest 
values of N. What we really want here is the range over which it is possible to change N 
in discrete integer steps. Consider the expression N = A + BP. To ensure a continuous 
integer spacing for N, A must be in the range 0 to (P — 1). Then, every time B is 
incremented there is enough resolution to fill in all the integer values between BP and 
(B + 1)P. As was already noted for the dual-modulus prescaler, B must be greater than or 
equal to A for the dual modulus prescaler to work. From these we can say that the 
smallest division ratio possible while being able to increment in discrete integer steps is: 


Nun = (Buin X P) + Amin Eq. 4-20 
=(P-1)*P)+0 Eq. 4-21 
=P? —P Eq. 4-22 


The highest value of N is given by: 

Nuax = (Buax * P) + Amax Eq.4-23 
In this case Ay4x and Byyzy are simply determined by the size of the A and B counters. 
Now for a practical example with the ADF4111. Let’s assume that the prescaler is 


programmed to 32/33. The A counter is 6 bits wide, which means A can be 2° — 1 = 63. 
The B counter is 13 bits wide, which means B can be 2'*— 1 = 8191. 


Numw = P2-—P=992 Eq. 4-24 

Nuax = (Bax * P) + Auax Eq. 4-25 
= (8191 x 32) + 63 Eq. 4-26 
= 262175 
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Fractional-N Synthesizers 


Many of the emerging wireless communication systems have a need for faster switching 
and lower phase noise in the local oscillator (LO). Integer N synthesizers require a 
reference frequency that is equal to the channel spacing. This can be quite low and thus 
necessitates a high N. This high N produces a phase noise that is proportionally high. The 
low reference frequency limits the PLL lock time. Fractional-N synthesis is a means of 
achieving both low phase noise and fast lock time in PLLs. The technique was originally 
developed in the early 1970s. This early work was done mainly by Hewlett Packard and 
Racal. The technique originally went by the name of “digiphase” but it later became 
popularly named fractional-N. In the standard synthesizer, it is possible to divide the RF 
signal by an integer only. This necessitates the use of a relatively low reference frequency 
(determined by the system channel spacing) and results in a high value of N in the 
feedback. Both of these facts have a major influence on the system settling time and the 
system phase noise. The low reference frequency means a long settling time, and the high 
value of N means larger phase noise. 


If division by a fraction could occur in the feedback, it would be possible to use a higher 
reference frequency and still achieve the desired channel spacing. This lower fractional 
number would also mean lower phase noise. 


In fact it is possible to implement division by a fraction over a long period of time by 
alternately dividing by two integers (divide by 2.5 can be achieved by dividing 
successively by 2 and 3). So, how does one divide by X or (X + 1) (assuming that the 
fractional number is between these two values)? Well, the fractional part of the number 
can be allowed to accumulate at the reference frequency rate. 

F 


REF 


LOW 
PASS 
FILTER 


PULSE 
REMOVING 
CIRCUIT 


REMOVE COMMAND 
OVERFLOW 


Figure 4.59: Fractional-N Synthesizer 


Then every time the accumulator overflows, this signal can be used to change the N 
divide ratio. This is done in Figure 8 by removing one pulse being fed to the N counter. 
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This effectively increases the divide ratio by one every time the accumulator overflows. 
Also, the bigger the number in the F register, the more often the accumulator overflows 
and the more often division by the larger number occurs. This is exactly what is desired 
from the circuit. There are some added complications, however. The signal being fed to 
the phase detector from the divide-by-N circuit is not a uniform stream of regularly 
spaced pulses. Instead the pulses are being modulated at a rate determined by the 
reference frequency and the programmed fraction. This, in turn, modulates the phase 
detector output and drives the VCO input. The end result is a high spurious content at the 
output of the VCO. Major efforts are currently under way to minimize these spurs. Up to 
now, monolithic fractional-N synthesizers have failed to live up to expectations but the 
eventual benefits that may be realized mean that development is continuing at a rapid 
pace. 


Noise in Oscillator Systems 


In any oscillator design, frequency stability is of critical importance. We are interested in 
both long-term and short-term stability. Long-term frequency stability is concerned with 
how the output signal varies over a long period of time (hours, days, or months). It is 
usually specified as the ratio, Af/f for a given period of time, expressed as a percentage or 
in dB. Short-term stability, on the other hand, is concerned with variations that occur over 
a period of seconds or less. These variations can be random or periodic. A spectrum 
analyzer can be used to examine the short-term stability of a signal. Figure 4.60 shows a 
typical spectrum, with random and discrete frequency components causing both a broad 
skirt and spurious peaks. 


Random Noise Fluctuation 


Amplitude 


Discrete Spurious Signal 


ae 


fo Frequency 


Figure 4.60: Short-Term Stability in Oscillators 


The discrete spurious components could be caused by known clock frequencies in the 
signal source, power line interference, and mixer products. The broadening caused by 
random noise fluctuation is due to phase noise. It can be the result of thermal noise, shot 
noise, and/or flicker noise in active and passive devices. 
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Phase Noise in Voltage-Controlled Oscillators 


Before we look at phase noise in a PLL system, it is worth considering the phase noise in 
a voltage-controlled oscillator (VCO). An ideal VCO would have no phase noise. Its 
output as seen on a spectrum analyzer would be a single spectral line. In practice, of 
course, this is not the case. There will be jitter on the output, and a spectrum analyzer 
would show phase noise. To help understand phase noise, consider a phasor 
representation, such as that shown in Figure 4.61. 


A signal of angular velocity @o and peak amplitude Vspx is shown. Superimposed on this 
is an error signal of angular velocity ,,.. A® rms represents the rms value of the phase 
fluctuations and is expressed in rms degrees. 


In many radio systems, an overall integrated phase error specification must be met. This 
overall phase error is made up of the PLL phase error, the modulator phase error and the 
phase error due to base band components. In GSM, for example, the total allowed is 
5° rms. 


Figure 4.61: Phasor Representation of Phase Noise 
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Leeson’s Equation 


Leeson (see Reference 6) developed an equation to describe the different noise 
components in a VCO. 


2 
FkT f 
Lpm ~ 10 log “oF fe] Eq. 4-27 


where: 
Lpw is single-sideband phase noise density (dBc/Hz) 
F is the device noise factor at operating power level A (linear) 
k is Boltzmann’s constant, 1.38 x 10-23 J/K 
T is temperature (K) 
A is oscillator output power (W) 
Q, is loaded Q (dimensionless) 
fo is the oscillator carrier frequency 
Jm is the frequency offset from the carrier 


For Leeson’s equation to be valid, the following must be true: 

¢ fm, the offset frequency from the carrier, is greater than the 1/f 
flicker corner frequency; 

* the noise factor at the operating power level is known; 

* the device operation is linear; 

* QO includes the effects of component losses, device loading, and 
buffer loading; 

* a single resonator is used in the oscillator. 


Leeson’s equation only applies in the knee region between the break (f1) to the transition 
from the “1/f’ (more generally 1/fg) flicker noise frequency to a frequency beyond which 
amplified white noise dominates (f2). This is shown in Figure 4.62 [g = 3]. f; should be 
as low as possible; typically, it is less than 1 kHz, while f2 is in the region of a few MHz. 
High performance oscillators require devices specially selected for low 1/f transition 
frequency. 
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Figure 4.62: Phase Noise in a VCO vs. Frequency Offset 


Some guidelines to minimizing the phase noise in VCOs are: 


L, 


2: 
3 


Keep the tuning voltage of the varactor sufficiently high 

(typically between 3 V and 3.8 V) 

Use filtering on the dc voltage supply. 

Keep the inductor Q as high as possible. Typical off-the-shelf coils provide a Q 
of between 50 and 60. 


. Choose an active device that has minimal noise figure as well as low flicker 


frequency. The flicker noise can be reduced by the use of feedback elements. 


. Most active device exhibit a broad U-shaped noise-figure-vs.-bias-current 


curve. Use this information to choose the optimal operating bias current for the 
device. 


. Maximize the average power at the tank circuit output. 
. When buffering the VCO, use devices with the lowest possible noise figure. 


4.63 


[i BASIC LINEAR DESIGN 


Closing the Loop 


Having looked at phase noise in a free-running VCO and how it can be minimized, we 
will now consider the effect of closing the loop on phase noise. 


Figure 4.63 shows the main phase noise contributors in a PLL. The system transfer 
function may be described by the following equations. 


G 
Closed Loop Gain =~ __ Eq. 4-27 
1+GH 
Ky* K, *Z(s) 
c= : Eq. 4-28 
H=— Eq. 4-29 
N 4: 
Ky *K, * Z(s) 
S 
Closed Loop Gain == 7____ 
Ka * K, * Z(s) Eq. 4-30 
N*s 


For the discussion that follows, we will define Spgr as the noise that appears on the 
reference input to the phase detector. It is dependent on the reference divider circuitry 
and the spectral purity of the main reference signal. Sy is the noise due to the feedback 
divider appearing at the frequency input to the phase detector. Scp is the noise due to the 
phase detector (depending on its implementation). And Syco is the phase noise of the 
VCO as described by equations developed earlier. 


Scp Svco 


PHASE DETECTOR CHARGE PUMP 


Figure 4.63: PLL Phase-Noise Contributors 
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The overall phase noise performance at the output depends on the terms described above. 
All the effects at the output are added in an rms fashion to give the total noise of the 
system. Thus: 


where: 
S De is the total phase noise power at the output 
X’ is the noise power at the output due to Sy and Sper. 
Y’ is the noise power at the output due to Scp. 
Z’ is the noise power at the output due to Syco. 


The noise terms at the Pp inputs, Srgr and Sy, will be operated on in the same fashion as 
Freer and will be multiplied by the closed-loop gain of the system. 


x¢=[ Spur? +57] + [ c}' Eq. 4-32 
1+G 4 


At low frequencies, inside the loop bandwidth, 


aie Eq. 4-33 
and 


x2 [ Sp2-+ 82] x? Big. 4-34 


At high frequencies, outside the loop bandwidth, 


GH>> 1 Eq. 4-35 


and 


xX? —> 0 Eq. 4-36 


The overall output noise contribution due to the phase detector noise, Scp, can be 
calculated by referencing Scp back to the input of the PFD. The equivalent noise at the 
PD input is Scp/Kg. This is then multiplied by the closed-loop gain: 


Y= San: * aS ie Ge : 
P Ky 1+ GH Eq. 4-37 


Finally, the contribution of the VCO noise, Syco, to the output phase noise is calculated 
in a similar manner. The forward gain this time is simply 1. Therefore its contribution to 
the output noise is: 


2 
2 2 1 
Z’ = Srco" « | Eq. 4-38 


4.65 


[i BASIC LINEAR DESIGN 


G, the forward loop gain of the closed-loop response, is usually a low pass function; it is 
very large at low frequencies and small at high frequencies. H is a constant, 1/N. The 
denominator of the above expression is therefore low pass, so Syco is actually highpass 
filtered by the closed loop. A similar description of the noise contributors in a PLL/VCO 
can be found in Reference 1. Recall that the closed-loop response is a low-pass filter with 
a 3-dB cutoff frequency, BW, denoted the Joop bandwidth. For frequency offsets at the 
output less than BW, the dominant terms in the output phase noise response are X and Y, 
the noise terms due to reference noise, N (counter noise), and charge pump noise. 


Keeping Sy and Sper to a minimum, keeping Kg large and keeping N small will thus 
minimize the phase noise inside the loop bandwidth, BW. Because N programs the output 
frequency, it is not generally available as a factor in noise reduction. For frequency 
offsets much greater than BW, the dominant noise term is that due to the VCO, Svco. 
This is due to the high-pass filtering of the VCO phase noise by the loop. A small value 
of BW would be desirable as it would minimize the total integrated output noise (phase 
error). However a small BW results in a slow transient response and increased 
contribution from the VCO phase noise inside the loop bandwidth. The loop bandwidth 
calculation therefore must trade off transient response and total output integrated phase 
noise. 


To show the effect of closing the loop on a PLL, Figure 4.64 shows an overlay of the 
output of a free-running VCO and the output of a VCO as part of a PLL. Note that the in- 
band noise of the PLL has been attenuated compared to that of the free-running VCO. 
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Figure 4.64: Phase Noise on a Free-Running VCO and a PLL Connected VCO 
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Phase Noise Measurement 


One of the most common ways of measuring phase noise is with a high frequency 
spectrum analyzer. Figure 4.65 is a typical example of what would be seen. 


Amplitude 


S,(f) = Psp / P, 


fp f Frequency 
S,(f) in dB = 10 x log [S,(f)], dBo/Hz 


Figure 4.65: Phase Noise Definition. 


With the spectrum analyzer we can measure the spectral density of phase fluctuations per 
unit bandwidth. VCO phase noise is best described in the frequency domain where the 
spectral density is characterized by measuring the noise sidebands on either side of the 
output signal center frequency. Phase noise power is specified in decibels relative to the 
carrier (dBc/Hz) at a given frequency offset from the carrier. The following equation 
describes this SSB phase noise (dBc/Hz). 


P 
S.(f) = 10 log — Eq. 4-39 
Pssp 


The 10 MHz, 0 dBm reference oscillator, available on the spectrum analyzer’s rear-panel 
connector, has excellent phase noise performance. The R divider, N divider, and the 
phase detector are part of ADF4112 frequency synthesizer. These dividers are 
programmed serially under the control of a PC. The frequency and phase noise 
performance are observed on the spectrum analyzer. 


Figure 4.67 illustrates a typical phase noise plot of a PLL synthesizer using an ADF4112 
PLL with a Murata VCO, MQE520-1880. The frequency and phase noise were measured 
in a 5 kHz span. The reference frequency used was frer = 200 kHz (R = 50) and the 
output frequency was 1880 MHz (N = 9400). If this were an ideal world PLL synthesizer, 
a single discrete tone would be displayed rising up above the spectrum analyzer’s noise 
floor. What is displayed here is the tone, with the phase noise due to the loop 
components. The loop filter values were chosen to give a loop bandwidth of 
approximately 20 kHz. The flat part of the phase noise for frequency offsets less than the 
loop bandwidth is actually the phase noise as described by X2 and Y2 in the section 
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“closing the loop” for cases where f is inside the loop bandwidth. It is specified at a 
1 kHz offset. The value measured, the phase-noise power in a | Hz bandwidth, was 
85.86 dBc/Hz. It is made up of the following: 


1. Relative power in dBc between the carrier and the sideband noise at 1 kHz 
offset. 

2. The spectrum analyzer displays the power for a certain resolution 
bandwidth (RBW). In the plot, a 10 Hz RBW is used. To represent this 
power in a | Hz bandwidth, 10log(RBW) must be subtracted from the 
value obtained from (1). 

3. A correction factor, which takes into account the implementation of the 
RBW, the log display mode and detector characteristic, must be added to 
the result obtained in (2). 

4. Phase noise measurement with the HP 8561E can be made quickly by 
using the marker noise function, MKR NOISE. This function takes into 
account the above three factors and displays the phase noise in dBc/Hz. 
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Figure 4.66: Measuring Phase Noise with a Spectrum Analyzer 
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Figure 4.67: Typical Spectrum-Analyzer Output. 
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The phase noise measurement above is the total output phase noise at the VCO output. If 
we want to estimate the contribution of the PLL device (noise due to phase detector, 
R & N dividers and the phase detector gain constant), the result must be divided by N2 
(or 20 * log N be subtracted from the above result). This gives a phase-noise floor of 
[-85.86 — 20 * log(9400)] = —165.3 dBc/Hz. 


Reference Spurs 


In an integer-N PLL (where the output frequency is an integer multiple of the reference 
input), reference spurs are caused by the fact that the charge pump output is being 
continuously updated at the reference frequency rate. Consider again the basic model for 
the PLL. This is shown again in Figure 4.68. 


Error Detector Loop Filter yco 


Feedback Divider 
Figure 4.68: Basic PLL Model 
When the PLL is in lock, the phase and frequency inputs to the PFD (frer and fy) are 
essentially equal, and, in theory, one would expect that there to be no output from the 
PFD. However, this can create problems so the PFD is designed such that, in the locked 


condition, the current pulses from the charge pump will typically be as shown in 
Figure 4.69. 


lout | | 


Figure 4.69: Output Current Pulses from the PFD Charge Pump. 
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Although these pulses have a very narrow width, the fact that they exist means that the dc 
voltage driving the VCO is modulated by a signal of frequency frer. This produces 
reference spurs in the RF output occurring at offset frequencies that are integer multiples 
of frer. A spectrum analyzer can be used to detect reference spurs. Simply increase the 
span to greater than twice the reference frequency. A typical plot is shown in Figure 4.70. 


In this case the reference frequency is 200 kHz and the diagram clearly shows reference 
spurs at +200 kHz from the RF output of 1880 MHz. The level of these spurs is —90 dB. 
If the span were increased to more than four times the reference frequency, we would 
also see the spurs at (2 x frgr). 
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Figure 4.70: Output Spectrum Showing Reference Spurs. 


Charge Pump Leakage Current 


When the CP output from the synthesizer is programmed to the high impedance state, 
there should, in theory, be no leakage current flowing. In practice, in some applications 
the level of leakage current will have an impact on overall system performance. For 
example, consider an application where a PLL is used in open loop mode for frequency 
modulation—a simple and inexpensive way of implementing FM that also allows higher 
data rates than modulating in closed-loop mode. For FM, a closed-loop method works 
fine but the data rate is limited by the loop bandwidth. 


A system that uses open-loop modulation is the European cordless telephone system, 


DECT. The output carrier frequencies are in a range of 1.77 GHz to 1.90 GHz and the 
data rate is high; 1.152 Mbps. 
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Figure 4.70: Block Diagram of Open-Loop Modulation. 


A block diagram of open-loop modulation is shown in Figure 4.70. The principle of 
operation is as follows: The loop is initially closed to lock the RF output, 
four = N frer. The modulating signal is turned on and at first the modulation signal is 
simply the de mean of the modulation. The loop is then opened, by putting the CP output 
of the synthesizer into high-impedance mode, and the modulation data is fed to the 
Gaussian filter. The modulating voltage then appears at the VCO where it is multiplied 
by Ky. When the data burst finishes, the loop is returned to the closed-loop mode of 
operation. 


As the VCO usually has a high sensitivity (typical figures are between 20 MHz/V and 
80 MHz/V), any small voltage drift before the VCO will cause the output carrier 
frequency to drift. This voltage drift, and hence the system frequency drift, is directly 
dependent on the leakage current of the charge pump, CP, when in the high impedance 
state. This leakage will cause the loop capacitor to charge or discharge depending on the 
polarity of the leakage current. For example, a leakage current of 1 nA would cause the 
voltage on the loop capacitor (1000 pF for example) to charge or discharge by 
dV/dt = I/C (1 V/s in this case). This, in turn, would cause the VCO to drift. So, if the 
loop is open for 1 ms and the Ky of the VCO is 50 MHz/V, the frequency drift caused by 
1 nA leakage into a 1000 pF loop capacitor would be 50 kHz. In fact, the DECT bursts 
are generally shorter (0.5 ms), so the drift will be even less in practice for the loop 
capacitance and leakage current used in the example. However, it does serve to illustrate 
the importance of charge-pump leakage in this type of application. 
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CHAPTER 5: FUNDAMENTALS OF SAMPLED 
DATA SYSTEMS 


INTRODUCTION 


To fully understand the specifications for converters it is beneficial to cover the 
fundamentals of sampling theory. 


SECTION 5.1: CODING AND QUANTIZING 


Analog-to-digital converters (ADCs) translate analog measurements, which are 
characteristic of most phenomena in the “real world,” to digital language, used in 
information processing, computing, data transmission, and control systems. Digital-to- 
analog converters (DACs) are used in transforming transmitted or stored data, or the 
results of digital processing, back to “real-world” variables for control, information 
display, or further analog processing. The relationships between inputs and outputs of 
ADCs and DACs are shown in Figure 5.1. 


1 VreF 


MSB O—_ +FS 
O— 
DIGITAL as N-BIT > ANALOG _) RANGE 
INPUT ° DAC OUTPUT (SPAN) 
N-BITS ° y 
LSB O—+ 0 OR-FS 
7 VReF 
L___¢ MSB 
+FS —o 
i ANALOG N-BIT /—~° DIGITAL 
RANGE inpuT | ADC : OUTPUT 
(SPAN) _ N-BITS 
y -——O LSB 
0 OR-FS 


Figure 5.1: Analog-to-Digital Converter (ADC) and Digital-to-Analog Converter 
(DAC) Input and Output Definitions 


Analog input variables, whatever their origin, are most frequently converted by 
transducers into voltages or currents. These electrical quantities may appear as fast or 
slow “dc” continuous direct measurements of a phenomenon in the time domain, as 
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modulated ac waveforms (using a wide variety of modulation techniques), or in some 
combination, with a spatial configuration of related variables to represent shaft angles. 
Examples of the first are outputs of thermocouples, potentiometers on dc references, and 
analog computing circuitry; of the second, “chopped” optical measurements, ac strain 
gage or bridge outputs, and digital signals buried in noise; and of the third, synchros and 
resolvers. 


The analog variables to be dealt with in this chapter are those involving voltages or 
currents representing the actual analog phenomena. They may be either wideband or 
narrowband. They may be either scaled from the direct measurement, or subjected to 
some form of analog preprocessing, such as linearization, combination, demodulation, 
filtering, sample-hold, etc. 


As part of the process, the voltages and currents are “normalized” to ranges compatible 
with assigned ADC input ranges. Analog output voltages or currents from DACs are 
direct and in normalized form, but they may be subsequently post-processed (e.g., scaled, 
filtered, amplified, etc.). 


Information in digital form is normally represented by arbitrarily fixed voltage levels 
referred to “ground,” either occurring at the outputs of logic gates, or applied to their 
inputs. The digital numbers used are all basically binary; that is, each “bit,” or unit of 
information has one of two possible states. These states are “off,” “false,” or “0,” and 
“on,” “true,” or “1.” It is also possible to represent the two logic states by two different 
levels of current, however this is much less popular than using voltages. There is also no 
particular reason why the voltages need be referenced to ground—as in the case of 
emitter coupled logic (ECL), positive emitter coupled logic (PECL) or low voltage 
differential signaling logic (LVDS) for example. 


Words are groups of levels representing digital numbers; the levels may appear 
simultaneously in parallel, on a bus or groups of gate inputs or outputs, serially (or in a 
time sequence) on a single line, or as a sequence of parallel bytes (i.e., “byte-serial’’) or 
nibbles (small bytes). For example, a 16-bit word may occupy the 16 bits of a 16-bit bus, 
or it may be divided into two sequential bytes for an 8-bit bus, or four 4-bit nibbles for a 
4-bit bus. 


A unique parallel or serial grouping of digital levels, or a number, or code, is assigned to 
each analog level which is quantized (i.e., represents a unique portion of the analog 
range). A typical digital code would be this array: 


a7 a a5a48a3 aa; a9=~1N0111001 


It is composed of eight bits. The “1” at the extreme left is called the “most significant bit” 
(MSB, or Bit 1), and the one at the right is called the "least significant bit" (LSB, or bit 
N: 8 in this case). The meaning of the code, as a number, a character, or a representation 
of an analog variable, is unknown until the code and the conversion relationship have 
been defined. It is important not to confuse the designation of a particular bit (i.e., Bit 1, 
Bit 2, etc.) with the subscripts associated with the “a” array. The subscripts correspond to 
power of 2 associated with the weight of a particular bit in the sequence. 
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The best-known code is natural or straight binary (base 2). Binary codes are most 
familiar in representing integers; i.e., in a natural binary integer code having N bits, the 
LSB has a weight of 2° (i.e., 1), the next bit has a weight of 2' (i.e., 2), and so on up to 
the MSB, which has a weight of 2" (ie., 2‘/2). The value of a binary number is 
obtained by adding up the weights of all non-zero bits. When the weighted bits are added 
up, they form a unique number having any value from 0 to 2“ 1, 


Often, for convenience, a binary number is expressing in hexadecimal (base 16). This 
reduces the length of the word and makes it easier to read. Fig. 5.2 shows the 
relationship between binary and hexadecimal (commonly referred to as “hex’”). 


BINARY HEX BINARY HEX 
0000 0 1000 8 
0001 1 1001 9 
0010 2 1010 A 
0011 3 1011 B 
0100 4 1100 Cc 
0101 5 1101 D 
0110 6 1110 E 
0111 7 1111 F 


Figure 5.2: The Relationship Between Binary and Hexadecimal 


WHOLE NUMBERS: 
Number, 9 = ay_42N-1 + an gas +... +a,21 + ag2° 
MSB LSB 


Example: 1011 a = (1x23) + (0x22)+ (1x21)+ (1x29) 
8 + 0 + 2 + 1 = 1449 


FRACTIONAL NUMBERS: 
Number 9 = ay yz! + an_o 224+ + a,2{N-1) + ag2-N 
MSB LSB 


Example: 0. 101125 (1x0. 5) + + (0%0.25) + (1%0.125) + (1%0.0625) 
0.5 0 + 0.125 + 0.0625 = 0.68754, 


Figure 5.3: Representing a Base-10 Number with a Binary Number (Base-2) 


In converter technology, full-scale (abbreviated FS) is independent of the number of bits 
of resolution, N. A more useful coding is fractional binary which is always normalized to 
full-scale. Integer binary can be interpreted as fractional binary if all integer values are 
divided by 2’. For example, the MSB has a weight of % (i.e., 2/2‘ = 2"), the next bit 
has a weight of 4 (i.e., Pings and so forth down to the LSB, which has a weight of jo" 
(i.e., 2%). When the weighted bits are added up, they form a number with any of 2% 
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values, from 0 to (1 — 2%) of full-scale. Additional bits simply provide more fine 
structure without affecting full-scale range. The relationship between base-10 numbers 
and binary numbers (base-2) are shown in Figure 5.3 along with examples of each. 


Unipolar Codes 


In data conversion systems, the coding method must be related to the analog input range 
(or span) of an ADC or the analog output range (or span) of a DAC. The simplest case is 
when the input to the ADC or the output of the DAC is always a unipolar positive voltage 
(current outputs are very popular for DAC outputs, much less for ADC inputs). The most 
popular code for this type of signal is straight binary and is shown in Figure 5.3 for a 4- 
bit converter. Notice that there are 16 distinct possible levels, ranging from the all-zeros 
code 0000, to the all-ones code 1111. It is important to note that the analog value 
represented by the all-ones code is not full-scale (abbreviated FS), but FS — 1 LSB. This 
is a common convention in data conversion notation and applies to both ADCs and 
DACs. Figure 5.4 gives the base-10 equivalent number, the value of the base-2 binary 
code relative to full-scale (FS), and also the corresponding voltage level for each code 
(assuming a +10 V full-scale converter). 


BASE 10 

SGER SCALE +10 VFS | BINARY 

+15 +FS — 1 LSB = 15/16 FS 9.375 1111 

+14 +7/8 FS 8.750 1110 

+13 +13/16 FS 8.125 1101 

+12 +3/4 FS 7.500 1100 

+11 +11/16 FS 6.875 1011 

+10 +5/16 FS 6.250 1010 

+9 +9/16 FS 5.625 1001 

+8 +1/2 FS 5.000 1000 

+7 +7/16 FS 4.375 0111 

+6 +3/8 FS 3.750 0110 

+5 +5/16 FS 3.125 0101 

+4 +1/4 FS 2.500 0100 

+3 +3/16 FS 1.875 0011 

+2 +1/8 FS 1.250 0010 

+1 1 LSB = +1/16 FS 0.625 0001 

0 0 0.000 0000 


Figure 5.4: Unipolar Binary Code, 4-Bit Converter 
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Figure 5.5 shows the transfer function for an ideal 3-bit DAC with straight binary input 
coding. Notice that the analog output is zero for the all-zeros input code. As the digital 
input code increases, the analog output increases 1 LSB (1/8 scale in this example) per 
code. The most positive output voltage is 7/8 FS, corresponding to a value equal to FS — 
1 LSB. The mid-scale output of 1/2 FS is generated when the digital input code is 100. 


FS 


ANALOG “e 
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“a | 
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Figure 5.5: Transfer Function for Ideal Unipolar 3-Bit DAC 
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Figure 5.6: Transfer Function for Ideal 3-Bit Unipolar ADC 
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The transfer function of an ideal 3-bit ADC is shown in Figure 5.6. There is a range of 
analog input voltage over which the ADC will produce a given output code, and this 
range is the quantization uncertainty and is equal to 1 LSB. Note that the width of the 
transition regions between adjacent codes is zero for an ideal ADC. In practice, however, 
there is always transition noise associated with these levels, and therefore the width is 
non-zero. It is customary to define the analog input corresponding to a given code by the 
code center which lies halfway between two adjacent transition regions (illustrated by the 
black dots in the diagram). This requires that the first transition region occur at 2 LSB. 
The full-scale analog input voltage is defined by 7/8 FS, (FS — 1 LSB). 


Bipolar Codes 


In many systems, it is desirable to represent both positive and negative analog quantities 
with binary codes. Either offset binary, twos complement, ones complement, and sign 
magnitude codes will accomplish this, but offset binary and twos complement are by far 
the most popular. The relationships between these codes for a 4-bit system is shown in 
Figure 5.7. Note that the values are scaled for a +5 V full-scale input/output voltage 
range. 


E10 OFFSET | TWOS ONES SIGN 
NUMBER SCALE t5V FS | pinary | comp. | comp. MAG. 
+7 HFS-1LSB= +7/8 FS) +4.375| 1111 | 0111 | 0111 0111 
+6 +3/4 FS| +3.750 | 1110 | 0110 | 0110 0110 
+5 +5/8 FS| +3.125| 1101 |, 0101 | 0101 0101 
+4 +1/2 FS| +2.500| 1100 | 0100 | 0100 0100 
+3 +3/8 FS| +1.875 | 1011 |, 0011 | 0011 0011 
+2 +1/4 FS) +1.250| 1010 | 0010 | 0010 0010 
+1 +1/8 FS} +0.625 | 1001 | 0001 / 0001 0001 
0 0} 0.000; 1000 | 0000 |*0000 | *1000 
—1 -—1/8 FS) -0.625| 0111 | 1111 | 1110 1001 
-2 -—1/4FS| -1.250; 0110 | 1110 | 1101 1010 
—3 —3/8 FS} -1.875 | 0101 | 1101 | 1100 1011 
-4 -1/2 FS) -2.500 | 0100 | 1100 | 1011 1100 
-5 —5/8 FS} -3.125| 0011 | 1011 | 1010 1101 
-6 -3/4FS) -3.750 | 0010 | 1010 | 1001 1110 
oT | FS + 1LSB=-7/8 Fs) -4.375| 0001 | 1001 | 1000 | 1444. 
-8 —FS;} -5.000 | 0000 | 1000 
ONES __ SIGN 
Oa COMP. __MAG. 


0+; 0000 0000 


* 
CODES NOT NORMALLY USED o-| 141114 1000 


IN COMPUTATIONS (SEE TEXT) 


Figure 5.7: Bipolar Codes, 4-Bit Converter 


5.6 


FUNDAMENTALS OF SAMPLED DATA SYSTEMS 
CODING AND QUANTIZING 


For offset binary, the zero signal value is assigned the code 1000. The sequence of codes 
is identical to that of straight binary. The only difference between a straight and offset 
binary system is the half-scale offset associated with analog signal. The most negative 
value (-FS + 1 LSB) is assigned the code 0001, and the most positive value (+FS — 1 
LSB) is assigned the code 1111. Note that in order to maintain perfect symmetry about 
mid-scale, the all-zeros code (0000) representing negative full-scale (-FS) is not normally 
used in computation. It can be used to represent a negative off-range condition or simply 
assigned the value of the 0001 (-FS + 1 LSB). 


The relationship between the offset binary code and the analog output range of a bipolar 
3-bit DAC is shown in Figure 5.8. The analog output of the DAC is zero for the zero- 
value input code 100. The most negative output voltage is generally defined by the 001 
code (-FS + 1 LSB), and the most positive by 111 (+FS — 1 LSB). The output voltage for 
the 000 input code is available for use if desired, but makes the output nonsymmetrical 
about zero and complicates the mathematics. 


The offset binary output code a bipolar 3-bit ADC as a function of its analog input is 
shown in Figure 5.9. Note that zero analog input defines the center of the mid-scale code 
100. As in the case of bipolar DACs, the most negative input voltage is generally defined 
by the 001 code (-FS + 1 LSB), and the most positive by 111 (+FS — 1 LSB). As 
discussed above, the 000 output code is available for use if desired, but makes the output 
nonsymmetrical about zero and complicates the mathematics. 


ANALOG / 
output *8>  » 
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Figure 5.8: Transfer Function for Ideal Bipolar 3-Bit DAC 
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Twos complement is identical to offset binary with the most significant bit (MSB) 
complemented (inverted). This is obviously very easy to accomplish in a data converter, 
using a simple inverter or taking the complementary output of a “D” flip-flop. The 
popularity of twos complement coding lies in the ease with which mathematical 
operations can be performed in computers. Twos complement, for conversion purposes, 
consists of a binary code for positive magnitudes (0 sign bit), and the twos complement 
of each positive number to represent its negative. The twos complement is formed 
arithmetically by complementing the number and adding 1 LSB. For example, —3/8 FS is 
obtained by taking the twos complement of +3/8 FS. This is done by first complementing 
+3/8 FS, 0011 obtaining 1100. Adding 1 LSB, we obtain 1101. 


Twos complement makes subtraction easy. For example, to subtract 3/8 FS from 4/8 FS, 
add 4/8 to —3/8, or 0100 to 1101. The result is 0001, disregarding the extra carry, or 1/8. 


Ones complement can also be used to represent negative numbers, although it is much 
less popular than twos complement and rarely used today. The ones complement is 
obtained by simply complementing all of a positive number’s digits. For instance, the 
ones complement of 3/8 FS (0011) is 1100. A ones complemented code can be formed by 
complementing each positive value to obtain its corresponding negative value. This 
includes zero, which is then represented by either of two codes, 0000 (referred to as 0+) 
and 1111 (referred to as 0—). This ambiguity must be dealt with mathematically, and 
presents obvious problems relating to ADCs and DACs for which there is a single code 
which represents zero. 


Te — 
ar 
A H 
110+ 3 
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fi 
DIGITAL = 101-7 nr au 
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v4 
001+ + -—e— 
a 
ae 
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Figure 5.9: Transfer Function for Ideal 3-Bit Bipolar ADC 
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Sign-magnitude would appear to be the most straightforward way of expressing signed 
analog quantities digitally. Simply determine the code appropriate for the magnitude and 
add a polarity bit. Sign-magnitude BCD is popular in bipolar digital voltmeters, but has 
the problem of two allowable codes for zero. It is therefore unpopular for most 
applications involving ADCs or DACs. 


Figure 5.10 summarizes the relationships between the various bipolar codes: offset 
binary, twos complement, ones complement, and sign-magnitude and shows how to 
covert between them. 


The last code to be considered in this section is binary-coded-decimal (BCD), where each 
base-10 digit (0 to 9) in a decimal number is represented as the corresponding 4-bit 
straight binary word as shown in Figure 5.11. The minimum digit 0 is represented as 
0000, and the digit 9 by 1001. This code is relatively inefficient, since only 10 of the 16 
code states for each decade are used. It is, however, a very useful code for interfacing to 
decimal displays such as in digital voltmeters. 


To Convert From 
Sign Magnitude 2's Complement Offset Binary 1's Complement 


2 Complement MSB 
| | psaeee If new MSB = 1, If MSB = 1, 
Sign Magnitude e complement eompement 


ipa other bits, other bits 
a add 00...01 


If MSB = 1, 

2's Complement | complement Complement If MSB = 1, 
other bits, MSB add 00...01 
add 00...01 


Complement MSB 

If new MSB =0 Complement MSB 
Offset binary complement Complement No If new MSB = 0, 

other bits, MSB Change add 00...01 

add 00...01 


If MSB = 1, If MSB = 1 Complement MSB 
1's Complement complement add 11...11 If new MSB = 1, 
other bits add 11...11 


Figure 5.10: Relationships among Bipolar Codes 
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Gececs SCALE +10V FS | DECADE 1 DECADE 2 DECADE 3 DECADE 4 
+15 }+FS-—1LSB= +15/16FS | 9.375 1001 0011 0111 0101 
+14 +7/8 FS 8.750 1000 0111 0101 0000 
+13 +13/16 FS 8.125 1000 0001 0010 0101 
+12 +3/4 FS 7.500 0111 0101 0000 0000 
+11 +11/16 FS 6.875 0110 1000 0111 0101 
+10 +5/8 FS 6.250 0110 0010 0101 0000 
+9 +9/16 FS 5.625 0101 0110 0010 0101 
+8 +1/2 FS 5.000 0101 0000 0000 0000 
+7 +7/16 FS | 4.375 0100 0011 0111 0101 
+6 +3/8 FS 3.750 0011 0111 0101 0000 
+5 +5/16 FS 3.125 0011 0001 0010 0101 
+4 +1/4FS | 2.500 0010 0101 0000 0000 
+3 +3/16 FS 1.875 0001 1000 0111 0101 
+2 +1/8 FS 1.250 0001 0010 0101 0000 
+1 1LSB = +1/16 FS 0.625 0000 0110 0010 0101 

0 0 0.000 0000 0000 0000 0000 


Figure 5.11: Binary Coded Decimal (BCD) Code 


Complementary Codes 


Some forms of data converters (for example, early DACs using monolithic NPN quad 
current switches), require standard codes such as natural binary or BCD, but with all bits 
represented by their complements. Such codes are called complementary codes. All the 
codes discussed thus far have complementary codes which can be obtained by this 
method. 


In a 4-bit complementary-binary converter, 0 is represented by 1111, half-scale by 0111, 
and FS — 1 LSB by 0000. In practice, the complementary code can usually be obtained by 
using the complementary output of a register rather than the true output, since both are 
available. 


Sometimes the complementary code is useful in inverting the analog output of a DAC. 
Today many DACs provide differential outputs which allow the polarity inversion to be 
accomplished without modifying the input code. Similarly, many ADCs provide 
differential logic inputs which can be used to accomplish the polarity inversion. 
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DAC and ADC Static Transfer Functions and DC Errors 


The most important thing to remember about both DACs and ADCs is that either the 
input or output is digital, and therefore the signal is quantized. That is, an N-bit word 
represents one of 2 possible states, and therefore an N-bit DAC (with a fixed reference) 
can have only 2N possible analog outputs, and an N-bit ADC can have only 2 possible 
digital outputs. As previously discussed, the analog signals will generally be voltages or 
currents. 


The resolution of data converters may be expressed in several different ways: the weight 
of the least significant bit (LSB), parts per million of full-scale (ppm FS), millivolts 
(mV), etc. Different devices (even from the same manufacturer) will be specified 
differently, so converter users must learn to translate between the different types of 
specifications if they are to compare devices successfully. The size of the least significant 
bit for various resolutions is shown in Figure 5.12. 


RESOLUTION VOLTAGE ppm FS % FS dB FS 
N 2N (10V FS) 
2-bit 4 2.5V 250,000 25 -12 
4-bit 16 625 mV 62,500 6.25 24 
6-bit 64 156 mV 15,625 1.56 — 36 
8-bit 256 39.1 mV 3,906 0.39 — 48 
10-bit 1,024 9.77 mV (10 mV) 977 0.098 -60 
12-bit 4,096 2.44 mV 244 0.024 -72 
14-bit 16,384 610 pV 61 0.0061 - 84 
16-bit 65,536 153 pV 15 0.0015 -96 
18-bit 262,144 38 Vv 4 0.0004 — 108 
20-bit 1,048,576 9.54 uV (10 pV) 1 0.0001 — 120 
22-bit 4,194,304 2.38 pV 0.24 0.000024 — 132 
24-bit 16,777,216 596 nV* 0.06 0.000006 — 144 


*600nV is the Johnson Noise in a 10kHz BW of a 2.2kQ Resistor @ 25°C 


Remember: 10-bits and 10V FS yields an LSB of 10mV, 1000ppm, or 0.1%. 
All other values may be calculated by powers of 2. 


Figure 5.12: Quantization: The Size of a Least Significant Bit (LSB) 


Before we can consider the various architectures used in data converters, it is necessary 
to consider the performance to be expected, and the specifications which are important. 
The following sections will consider the definition of errors and specifications used for 
data converters. This is important in understanding the strengths and weaknesses of 
different ADC/DAC architectures. 


Figure 5.13 shows the ideal transfer characteristics for a 3-bit unipolar DAC and a 3-bit 
unipolar ADC. In a DAC, both the input and the output are quantized, and the graph 
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consists of eight points—while it is reasonable to discuss the line through these points, it 
is very important to remember that the actual transfer characteristic is not a line, but a 
number of discrete points. 
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Figure 5.13: Transfer Functions for Ideal 3-Bit DAC and ADC 


The input to an ADC is analog and is not quantized, but its output is quantized. The 
transfer characteristic therefore consists of eight horizontal steps. When considering the 
offset, gain, and linearity of an ADC we consider the line joining the midpoints of these 
steps—often referred to as the code centers. 


For both DACs and ADCs, digital full-scale (all 1s) corresponds to 1 LSB below the 
analog full-scale (FS). The (ideal) ADC transitions take place at 2 LSB above zero, and 
thereafter every LSB, until 1/2 LSB below analog full-scale. Since the analog input to an 
ADC can take any value, but the digital output is quantized, there may be a difference of 
up to 2 LSB between the actual analog input and the exact value of the digital output. 
This is known as the quantization error or quantization uncertainty as shown in Figure 
5.15. In ac (sampling) applications this quantization error gives rise to quantization noise 
which will be discussed in Section 5.3 of this chapter. 


As previously discussed, there are many possible digital coding schemes for data 
converters: straight binary, offset binary, Is complement, 2s complement, sign 
magnitude, gray code, BCD, and others. This section, being devoted mainly to the analog 
issues surrounding data converters, will use simple binary and offset binary in its 
examples and will not consider the merits and disadvantages of these, or any other forms 
of digital code. 


The examples in Figure 5.13 use unipolar converters, whose analog port has only a single 
polarity. These are the simplest type, but bipolar converters are generally more useful in 
real-world applications. There are two types of bipolar converters: the simpler is merely a 
unipolar converter with an accurate 1 MSB of negative offset (and many converters are 
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arranged so that this offset may be switched in and out so that they can be used as either 
unipolar or bipolar converters at will), but the other, known as a sign-magnitude 
converter is more complex, and has N bits of magnitude information and an additional bit 
which corresponds to the sign of the analog signal. Sign-magnitude DACs are quite rare, 
and sign-magnitude ADCs are found mostly in digital voltmeters (DVMs). The unipolar, 
offset binary, and sign-magnitude representations are shown in Figure 5.14. 


UNIPOLAR OFFSET BIPOLAR SIGN MAGNITUDE 
BIPOLAR 
7 FS-1LSB FS -—1LSB + FS-1LSB 


1 AND ALL "0"s 


-FS + -(FS-1LSB) 


Figure 5.14: Unipolar and Bipolar Converters 


The four de errors in a data converter are offset error, gain error, and two types of 
linearity error (differential and integral). Offset and gain errors are analogous to offset 
and gain errors in amplifiers as shown in Figure 5.15 for a bipolar input range. (Though 
offset error and zero error, which are identical in amplifiers and unipolar data converters, 
are not identical in bipolar converters and should be carefully distinguished.). The 
transfer characteristics of both DACs and ADCs may be expressed as D = K + GA, where 
D is the digital code, A is the analog signal, and K and G are constants. In a unipolar 
converter, K is zero, and in an offset bipolar converter, it is —1 MSB. The offset error is 
the amount by which the actual value of K differs from its ideal value. 


The gain error is the amount by which G differs from its ideal value, and is generally 
expressed as the percentage difference between the two, although it may be defined as the 
gain error contribution (in mV or LSB) to the total error at full-scale. These errors can 
usually be trimmed by the data converter user. Note, however, that amplifier offset is 
trimmed at zero input, and then the gain is trimmed near to full-scale. The trim algorithm 
for a bipolar data converter is not so straightforward. 
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Figure 5.15: Data Converter Offset and Gain Error 


The integral linearity error of a converter is also analogous to the linearity error of an 
amplifier, and is defined as the maximum deviation of the actual transfer characteristic of 
the converter from a straight line, and is generally expressed as a percentage of full-scale 
(but may be given in LSBs). For an ADC, the most popular convention is to draw the 
straight line through the midpoints of the codes, or the code centers. There are two 
common ways of choosing the straight line: endpoint and best straight line as shown in 
Figure 5.16. 
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Figure 5.16: Method of Measuring Integral Linearity Errors 
(Same Converter on Both Graphs) 
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In the endpoint system, the deviation is measured from the straight line through the origin 
and the full-scale point (after gain adjustment). This is the most useful integral linearity 
measurement for measurement and control applications of data converters (since error 
budgets depend on deviation from the ideal transfer characteristic, not from some 
arbitrary “best fit’), and is the one normally adopted by Analog Devices, Inc. 


The best straight line, however, does give a better prediction of distortion in ac 
applications, and also gives a lower value of “linearity error” on a data sheet. The best fit 
straight line is drawn through the transfer characteristic of the device using standard 
curve fitting techniques, and the maximum deviation is measured from this line. In 
general, the integral linearity error measured in this way is only 50% of the value 
measured by endpoint methods. This makes the method good for producing impressive 
data sheets, but it is less useful for error budget analysis. For ac applications, it is even 
better to specify distortion than dc linearity, so it is rarely necessary to use the best 
straight line method to define converter linearity. 


The other type of converter nonlinearity is differential nonlinearity (DNL). This relates to 
the linearity of the code transitions of the converter. In the ideal case, a change of 1 LSB 
in digital code corresponds to a change of exactly 1 LSB of analog signal. In a DAC, a 
change of 1 LSB in digital code produces exactly 1 LSB change of analog output, while 
in an ADC there should be exactly | LSB change of analog input to move from one 
digital transition to the next. Differential linearity error is defined as the maximum 
amount of deviation of any quantum (or LSB change) in the entire transfer function from 
its ideal size of 1 LSB. 


Where the change in analog signal corresponding to 1 LSB digital change is more or less 
than 1 LSB, there is said to be a DNL error. The DNL error of a converter is normally 
defined as the maximum value of DNL to be found at any transition across the range of 
the converter. Figure 5.17 shows the nonideal transfer functions for a DAC and an ADC 
and shows the effects of the DNL error. 
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Figure 5.17: Transfer Functions for Non-Ideal 3-Bit DAC and ADC 
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The DNL of a DAC is examined more closely in Figure 5.18. If the DNL of a DAC is 
less than —1 LSB at any transition, the DAC is nonmonotonic i.e., its transfer 
characteristic contains one or more localized maxima or minima. A DNL greater than 

+1 LSB does not cause nonmonotonicity, but is still undesirable. In many DAC 
applications (especially closed-loop systems where nonmonotonicity can change negative 
feedback to positive feedback), it is critically important that DACs are monotonic. DAC 
monotonicity is often explicitly specified on data sheets, although if the DNL is 
guaranteed to be less than 1 LSB (i.e.,/|DNL| < 1 LSB) then the device must be 
monotonic, even without an explicit guarantee. 
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Figure 5.18: Details of DAC Differential Nonlinearity 


In Figure 5.19, the DNL of an ADC is examined more closely on an expanded scale. 
ADCs can be nonmonotonic, but a more common result of excess DNL in ADCs is 
missing codes. Missing codes in an ADC are as objectionable as nonmonotonicity in a 
DAC. Again, they result from DNL <—1 LSB. 


Not only can ADCs have missing codes, they can also be nonmonotonic as shown in 
Figure 5.22. As in the case of DACs, this can present major problems—especially in 
servo applications. 


In a DAC, there can be no missing codes—each digital input word will produce a 
corresponding analog output. However, DACs can be nonmonotonic as previously 
discussed. In a straight binary DAC, the most likely place a nonmonotonic condition can 
develop is at midscale between the two codes: 011...11 and 100...00. If a nonmonotonic 
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condition occurs here, it is generally because the DAC is not properly calibrated or 
trimmed. A successive approximation ADC with an internal nonmonotonic DAC will 
generally produce missing codes but remain monotonic. However it is possible for an 
ADC to be nonmonotonic—again depending on the particular conversion architecture. 
Figure 5.20 shows the transfer function of an ADC which is nonmonotonic and has a 
missing code. 
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Figure 5.20: Nonmonotonic ADC with Missing Code 
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ADCs which use the subranging architecture divide the input range into a number of 
coarse segments, and each coarse segment is further divided into smaller segments—and 
ultimately the final code is derived. This process is described in more detail in Chapter 3 
of this book. An improperly trimmed subranging ADC may exhibit nonmonotonicity, 
wide codes, or missing codes at the subranging points as shown in Figure 5.21 A, B, and 
C, respectively. This type of ADC should be trimmed so that drift due to aging or 
temperature produces wide codes at the sensitive points rather than nonmonotonic or 
missing codes. 
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Figure 5.21: Errors Associated with Improperly Trimmed Subranging ADC 


Defining missing codes is more difficult than defining nonmonotonicity. All ADCs suffer 
from some inherent transition noise as shown in Figure 5.22 (think of it as the flicker 
between adjacent values of the last digit of a DVM). As resolutions and bandwidths 
become higher, the range of input over which transition noise occurs may approach, or 
even exceed, 1 LSB. High resolution wideband ADCs generally have internal noise 
sources which can be reflected to the input as effective input noise summed with the 
signal. The effect of this noise, especially if combined with a negative DNL error, may be 
that there are some (or even all) codes where transition noise is present for the whole 
range of inputs. There are therefore some codes for which there is no input which will 
guarantee that code as an output, although there may be a range of inputs which will 
sometimes produce that code. 
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Figure 5.22: Combined Effects of Code Transition Noise and DNL 


For low resolution ADCs, it may be reasonable to define no missing codes as a 
combination of transition noise and DNL which guarantees some level (perhaps 0.2 LSB) 
of noise-free code for all codes. However, this is impossible to achieve at the very high 
resolutions achieved by modern sigma-delta ADCs, or even at lower resolutions in wide 
bandwidth sampling ADCs. In these cases, the manufacturer must define noise levels and 
resolution in some other way. Which method is used is less important, but the data sheet 
should contain a clear definition of the method used and the performance to be expected. 


The discussion thus far has not dealt with the most important dc specifications associated 


with data converters. Other less important specifications require only a definition. There 
are also AC specifications. Converter specifications are covered in Chapter 3. 
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SECTION 5.2: SAMPLING THEORY 


This section discusses the basics of sampling theory. A block diagram of a typical real- 
time sampled data system is shown in Figure 5.23. Prior to the actual analog-to-digital 
conversion, the analog signal usually passes through some sort of signal conditioning 
circuitry which performs such functions as amplification, attenuation, and filtering. The 
low-pass/band-pass filter is required to remove unwanted signals outside the bandwidth 
of interest and prevent aliasing. 

[. |‘ 


f, LPF LPF 
——> OR | > eel DsP |4 yee —> OR -—> 
BPF BPF 


AMPLITUDE DISCRETE 
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Figure 5.23: Sampled Data System 


The system shown in Figure 5.23 is a real-time system, i.e., the signal to the ADC is 
continuously sampled at a rate equal to f;, and the ADC presents a new sample to the 
DSP at this rate. In order to maintain real-time operation, the DSP must perform all its 
required computation within the sampling interval, 1/f,, and present an output sample to 
the DAC before arrival of the next sample from the ADC. An example of a typical DSP 
function would be a digital filter. 


In the case of FFT analysis, a block of data is first transferred to the DSP memory. The 
FFT is calculated at the same time a new block of data is transferred into the memory, in 
order to maintain real-time operation. The DSP must calculate the FFT during the data 
transfer interval so it will be ready to process the next block of data. 


Note that the DAC is required only if the DSP data must be converted back into an 
analog signal (as would be the case in a voice-band or audio application, for example). 
There are many applications where the signal remains entirely in digital format after the 
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initial A/D conversion. Similarly, there are applications where the DSP is solely 
responsible for generating the signal to the DAC, such as in CD player electronics. If a 
DAC is used, it must be followed by an analog anti-imaging filter to remove the image 
frequencies. Finally, there are slower speed industrial process control systems where 
sampling rates are much lower—regardless of the system, the fundamentals of sampling 
theory still apply. 


There are two key concepts involved in the actual analog-to-digital and digital-to-analog 
conversion process: discrete time sampling and finite amplitude resolution due to 
quantization. An understanding of these concepts is vital to data converter applications. 


The Need for a Sample-and-Hold Amplifier Function 


The generalized block diagram of a sampled data system shown in Figure 5.23 assumes 
some type of ac signal at the input. It should be noted that this does not necessarily have 
to be so, as in the case of modern digital voltmeters (DVMs) or ADCs optimized for dc 
measurements, but for this discussion assume that the input signal has some upper 
frequency limit fa. 
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Figure 5.24: Input Frequency Limitations of Nonsampling ADC (Encoder) 


Most ADCs today have a built-in sample-and-hold function (SHA), thereby allowing 
them to process ac signals. This type of ADC is referred to as a sampling ADC. However, 
many early ADCs, such as the Analog Devices’ industry-standard AD574, were not of 
the sampling type, but simply encoders as shown in Figure 5.24. If the input signal to a 
SAR ADC (assuming no SHA function) changes by more than 1 LSB during the 
conversion time (8 us in the example), the output data can have large errors, depending 
on the location of the code. Most ADC architectures are subject to this type of error— 
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some more, some less—with the possible exception of flash converters having well- 
matched comparators. 


Assume that the input signal to the encoder is a sine wave with a full-scale amplitude 
(q2/2), where q is the weight of 1 LSB. 


v(t) = q (2/2) sin (2n ft). Eq. 5.1 
Taking the derivative: 

dv/dt = q 2nf (2/2) cos (2n ft). Eq. 5.2 
The maximum rate of change is therefore: 

dv/dt |max = q 2nf (2/2). Eq. 5.3 
Solving for f: 

f = (dv/dt |max /(q m 2°). Eq. 5.4 


If N = 12, and 1 LSB change (dv = q) is allowed during the conversion time (dt = 8 us), 
then the equation can be solved for finax, the maximum full-scale signal frequency that can 
be processed without error: 


fnax = 9.7 Hz. 


This implies any input frequency greater than 9.7 Hz is subject to conversion errors, even 
though a sampling frequency of 100 kSPS is possible with the 8 us ADC (this allows an 
extra 2 us interval for an external SHA to re-acquire the signal after coming out of the 
hold mode). 


To process ac signals, a sample-and-hold function is added. The ideal SHA is simply a 
switch driving a hold capacitor followed by a high input impedance buffer. The input 
impedance of the buffer must be high enough so that the capacitor is discharged by less 
than 1 LSB during the hold time. The SHA samples the signal in the sample mode, and 
holds the signal constant during the ho/d mode. The timing is adjusted so that the encoder 
performs the conversion during the hold time. A sampling ADC can therefore process 
fast signals—the upper frequency limitation is determined by the SHA aperture jitter, 
bandwidth, distortion, etc., not the encoder. In the example shown, a good sample-and- 
hold could acquire the signal in 2 us, allowing a sampling frequency of 100 kSPS, and 
the capability of processing input frequencies up to 50 kSPS. A complete discussion of 
the SHA function including these specifications follows later in this chapter. 
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The Nyquist Criteria 


A continuous analog signal is sampled at discrete intervals, t; = 1/f,, which must be 
carefully chosen to ensure an accurate representation of the original analog signal. It is 
clear that the more samples taken (faster sampling rates), the more accurate the digital 
representation, but if fewer samples are taken (lower sampling rates), a point is reached 
where critical information about the signal is actually lost. The mathematical basic of 
sampling was set forth by Harry Nyquist of Bell Telephone Laboratories in two classic 
papers published in 1924 and 1928, respectively. (See References 1 and 2). Nyquist's 
original work was shortly supplemented by R. V. L. Hartley (Reference 3). These papers 
formed the basis for the PCM work to follow in the 1940s, and in 1948, Claude Shannon 
wrote his classic paper on communication theory (Reference 4). 


Simply stated, the Nyquist criteria require that the sampling frequency be at least twice 
the highest frequency contained in the signal, or information about the signal will be lost. 
If the sampling frequency is less than twice the maximum analog signal frequency, a 
phenomenon known as aliasing will occur. 


¢ A signal with a maximum BANDWIDTH f, must be sampled at a rate f, 
> 2 f, or information about the signal will be lost because of aliasing 


¢ Aliasing occurs whenever f, < 2 f, 


¢@ The concept of aliasing is widely used | communications applications 
such as direct IF-to-digital conversion 


¢ A signal which has frequencyncomponents between f, and f, must be 
sampled at least at a rate f, > 2 (f,, — f,) to prevent alias components 
from overlapping the signal frequncies. 


Figure 5.25: Nyquist’s Criteria 


In order to understand the implications of aliasing in both the time and frequency 
domain, first consider case of a time domain representation of a single tone sine wave 
sampled as shown in Figure 5.26. In this example, the sampling frequency f, is not at 
least 2f,, but only slightly more than the analog input frequency f,—the Nyquist criteria is 
violated. Notice that the pattern of the actual samples produces an aliased sine wave at a 
lower frequency equal to f; — fa. 


The corresponding frequency domain representation of this scenario is shown in Figure 
5.27B. Now consider the case of a single frequency sine wave of frequency f, sampled at 
a frequency f, by an ideal impulse sampler (see Figure 5.27A). Also assume that f, > 2f, 
as shown. The frequency-domain output of the sampler shows aliases or images of the 
original signal around every multiple of f;, i.e. at frequencies equal to |+ Kf; + fa|, K = 1, 
2, 3,4, ... 
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Figure 5.26: Aliasing in the Time Domain 
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Figure 5.27: Analog Signal f. Sampled @ f; Using Ideal Sampler 
Has Images (Aliases) at |+ Kfs + fal, K = 1, 2, 3, ... 


The Nyquist bandwidth is defined to be the frequency spectrum from dc to f,/2. The 
frequency spectrum is divided into an infinite number of Nyquist zones, each having a 
width equal to 0.5 f,; as shown. In practice, the ideal sampler is replaced by an ADC 
followed by an FFT processor. The FFT processor only provides an output from dec to 
f,/2, 1.e., the signals or aliases which appear in the first Nyquist zone. 
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Now consider the case of a signal which is outside the first Nyquist zone (Figure 5.27B). 
The signal frequency is only slightly less than the sampling frequency, corresponding to 
the condition shown in the time domain representation in Figure 5.26. Notice that even 
though the signal is outside the first Nyquist zone, its image (or alias), fs — fa, falls inside. 
Returning to Figure 5.27A, it is clear that if an unwanted signal appears at any of the 
image frequencies of f,, it will also occur at f,, thereby producing a spurious frequency 
component in the first Nyquist zone. 


This is similar to the analog mixing process and implies that some filtering ahead of the 
sampler (or ADC) is required to remove frequency components which are outside the 
Nyquist bandwidth, but whose aliased components fall inside it. The filter performance 
will depend on how close the out-of-band signal is to f,/2 and the amount of attenuation 
required. 


Baseband Antialiasing Filters 


Baseband sampling implies that the signal to be sampled lies in the first Nyquist zone. It 
is important to note that with no input filtering at the input of the ideal sampler, any 
frequency component (either signal or noise) that falls outside the Nyquist bandwidth in 
any Nyquist zone will be aliased back into the first Nyquist zone. For this reason, an 
antialiasing filter is used in almost all sampling ADC applications to remove these 
unwanted signals. 


Properly specifying the antialiasing filter is important. The first step is to know the 
characteristics of the signal being sampled. Assume that the highest frequency of interest 
is f,. The antialiasing filter passes signals from dc to f, while attenuating signals above fa. 


Assume that the corner frequency of the filter is chosen to be equal to f,. The effect of the 
finite transition from minimum to maximum attenuation on system dynamic range is 
illustrated in Figure 5.28A. 


Assume that the input signal has full-scale components well above the maximum 
frequency of interest, f,. The diagram shows how full-scale frequency components above 
f; — f, are aliased back into the bandwidth dc to f,. These aliased components are 
indistinguishable from actual signals and therefore limit the dynamic range to the value 
on the diagram which is shown as DR. 


Some texts recommend specifying the antialiasing filter with respect to the Nyquist 
frequency, f,/2, but this assumes that the signal bandwidth of interest extends from dc to 
f,/2 which is rarely the case. In the example shown in Figure 5.28A, the aliased 
components between f, and f,/2 are not of interest and do not limit the dynamic range. 


The antialiasing filter transition band is therefore determined by the corner frequency fa, 


the stopband frequency f, — f,, and the desired stopband attenuation, DR. The required 
system dynamic range is chosen based on the requirement for signal fidelity. 
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Figure 5.28: Oversampling Relaxes Requirements 
on Baseband Antialiasing Filter 


Filters become more complex as the transition band becomes sharper, all other things 
being equal. For instance, a Butterworth filter gives 6 dB attenuation per octave for each 
filter pole. Achieving 60 dB attenuation in a transition region between 1 MHz and 2 MHz 
(1 octave) requires a minimum of 10 poles—not a trivial filter, and definitely a design 
challenge. 


Therefore, other filter types are generally more suited to high speed applications where 
the requirement is for a sharp transition band and in-band flatness coupled with linear 
phase response. Elliptic filters meet these criteria and are a popular choice. There are a 
number of companies which specialize in supplying custom analog filters. TTE is an 
example of such a company (Reference 5). 


From this discussion, we can see how the sharpness of the antialiasing transition band can 
be traded off against the ADC sampling frequency. Choosing a higher sampling rate 
(oversampling) reduces the requirement on transition band sharpness (hence, the filter 
complexity) at the expense of using a faster ADC and processing data at a faster rate. 
This is illustrated in Figure 5.28B which shows the effects of increasing the sampling 
frequency by a factor of K, while maintaining the same analog corner frequency, fz, and 
the same dynamic range, DR, requirement. The wider transition band (f, to Kf, — fa) 
makes this filter easier to design than for the case of Figure 5.28A. 


The antialiasing filter design process is started by choosing an initial sampling rate of 2.5 
to 4 times f,. Determine the filter specifications based on the required dynamic range and 
see if such a filter is realizable within the constraints of the system cost and performance. 
If not, consider a higher sampling rate which may require using a faster ADC. It should 
be mentioned that sigma-delta ADCs are inherently oversampling converters, and the 
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resulting relaxation in the analog antialiasing filter requirements is therefore an added 
benefit of this architecture. 


The antialiasing filter requirements can also be relaxed somewhat if it is certain that there 
will never be a full-scale signal at the stopband frequency f; — f,. In many applications, it 
is improbable that full-scale signals will occur at this frequency. If the maximum signal at 
the frequency f; — f, will never exceed X dB below full-scale, then the filter stopband 
attenuation requirement is reduced by that same amount. The new requirement for 
stopband attenuation at f, — f, based on this knowledge of the signal is now only DR — 

X dB. When making this type of assumption, be careful to treat any noise signals which 
may occur above the maximum signal frequency f, as unwanted signals which will also 
alias back into the signal bandwidth. 


Undersampling 


Thus far we have considered the case of baseband sampling, 1.e., all the signals of interest 
lie within the first Nyquist zone. Figure 5.29A shows such a case, where the band of 
sampled signals is limited to the first Nyquist zone, and images of the original band of 
frequencies appear in each of the other Nyquist zones. 
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Figure 5.29: Undersampling and Frequency Translation Between Nyquist Zones 


Consider the case shown in Figure 5.29B, where the sampled signal band lies entirely 
within the second Nyquist zone. The process of sampling a signal outside the first 
Nyquist zone is often referred to as undersampling, or harmonic sampling (also referred 
to as band-pass sampling, IF sampling, direct IF to digital conversion). Note that the first 
Nyquist zone image contains all the information in the original signal, with the exception 
of its original location (the order of the frequency components within the spectrum is 
reversed, but this is easily corrected by re-ordering the output of the FFT). 
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Figure 5.29C shows the sampled signal restricted to the third Nyquist zone. Note that the 
first Nyquist zone image has no frequency reversal. In fact, the sampled signal 
frequencies may lie in any unique Nyquist zone, and the first Nyquist zone image is still 
an accurate representation (with the exception of the frequency reversal which occurs 
when the signals are located in even Nyquist zones). At this point we can clearly restate 
the Nyquist criteria: 


A signal must be sampled at a rate equal to or greater than twice its bandwidth in order 
to preserve all the signal information. 


Notice that there is no mention of the precise Jocation of the band of sampled signals 
within the frequency spectrum relative to the sampling frequency. The only constraint is 
that the band of sampled signals be restricted to a single Nyquist zone, 1.e., the signals 
must not overlap any multiple of f,/2 (this, in fact, is the primary function of the 
antialiasing filter). 


Sampling signals above the first Nyquist zone has become popular in communications 
because the process is equivalent to analog demodulation. It is becoming common 
practice to sample IF signals directly and then use digital techniques to process the signal, 
thereby eliminating the need for the IF demodulator and filters. Clearly, however, as the 
IF frequencies become higher, the dynamic performance requirements on the ADC 
become more critical. The ADC input bandwidth and distortion performance must be 
adequate at the IF frequency, rather than only baseband. This presents a problem for most 
ADCs designed to process signals in the first Nyquist zone, therefore, an ADC suitable 
for undersampling applications must maintain dynamic performance into the higher order 
Nyquist zones. 


Antialiasing Filters in Undersampling Applications 


Figure 5.30 shows a signal in the second Nyquist zone centered around a carrier 
frequency, f,, whose lower and upper frequencies are f; and f2. The antialiasing filter is a 
band-pass filter. The desired dynamic range is DR, which defines the filter stopband 
attenuation. The upper transition band is f2 to 2f,— f2, and the lower is f| to f, — f;. As in 
the case of baseband sampling, the antialiasing filter requirements can be relaxed by 
proportionally increasing the sampling frequency, but f, must also be increased so that it 
is always centered in the second Nyquist zone. 


Two key equations can be used to select the sampling frequency, f;, given the carrier 
frequency, f,, and the bandwidth of its signal, Af. The first is the Nyquist criteria: 


fe 2AT.. Eq. 5.5 
The second equation ensures that f, is placed in the center of a Nyquist zone: 


Af, 
f, = 
2NZ-1 


Eq. 5.6 
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where NZ = 1, 2, 3, 4, .... and NZ corresponds to the Nyquist zone in which the carrier 
and its signal fall (see Figure 5.36). 
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Figure 5.30: Antialiasing Filter for Undersampling 


NZ is normally chosen to be as large as possible while still maintaining f, > 2Af. This 
results in the minimum required sampling rate. If NZ is chosen to be odd, then f, and its 
signal will fall in an odd Nyquist zone, and the image frequencies in the first Nyquist 
zone will not be reversed. Trade-offs can be made between the sampling frequency and 
the complexity of the antialiasing filter by choosing smaller values of NZ (hence a higher 
sampling frequency). 


5.30 


FUNDAMENTALS OF SAMPLED DATA SYSTEMS 
SAMPLING THEORY 


ZONE NZ -1 ZONE NZ ZONE NZ +1 
i. et 


ss ! ! ! SS 


fc 
0.5f5 >< 0.5fs >< 0.5f, ——> 
Af 
@ f, > 2Af @ f, = —*— , NZ=1,2,3,... 


2NZ - 1 


Figure 5.31: Centering an Undersampled Signal within a Nyquist Zone 


As an example, consider a 4 MHz wide signal centered around a carrier frequency of 
71 MHz. The minimum required sampling frequency is therefore 8 MSPS. Solving 
Eq. 5.6 for NZ using f, = 71 MHz and f; = 8 MSPS yields NZ = 18.25. However, NZ 
must be an integer, so we round 18.25 to the next lowest integer, 18. Solving Eq. 5.6 
again for f, yields f, = 8.1143 MSPS. The final values are therefore f, = 8.1143 MSPS, 
f, = 71 MHz, and NZ = 18. 


Now assume that we desire more margin for the antialiasing filter, and we select f, to be 
10 MSPS. Solving Eq. 5.6 for NZ, using fe = 71 MHz and f, = 10 MSPS yields NZ = 
14.7. We round 14.7 to the next lowest integer, giving NZ = 14. Solving Eq. 5.6 again for 
f; yields f, = 10.519 MSPS. The final values are therefore f, = 10.519 MSPS, f, = 
71 MHz, and NZ = 14. 


The above iterative process can also be carried out starting with f; and adjusting the 
carrier frequency to yield an integer number for NZ. 
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Introduction 


There are two basic type of converters, digital-to-analog (DACs or D/As) and analog-to- 
digital (ADCs or A/Ds). Their purpose is fairly straightforward. In the case of DACs, 
they output an analog voltage that is a proportion of a reference voltage, the proportion 
based on the digital word applied. In the case of the ADC, a digital representation of the 
analog voltage that is applied to the ADCs input is outputted, the representation 
proportional to a reference voltage. 


In both cases the digital word is almost always based on a binarily weighted proportion. 
The digital input or output is arranged in words of varying widths, referred to as bits, 
typically anywhere from 6 bits to 24 bits. In a binarily weighted system each bit is worth 
half of the bit to its left and twice the bit to its right. The greater the number of bits in the 
digital word, the finer the resolution. These bits are typically arranged in groups of four, 
called bytes, for convenience. 


For a better understanding of the relationship between the digital domain and the analog 
domain please refer to the section on sampling theory. 


As stated earlier, we shall look at the operation of converters primarily from a “black 
box” view. We will concern ourselves less with the internal construction of the converter 
and more with its operation. We cannot, however, completely ignore the internal 
architecture because in many cases it is relevant to operational advantages or limitations. 
There are a number of works that cover the internal workings of the converters in much 
more detail (see References). 


Another point that should be kept in mind is the difference between accuracy and 
resolution. The resolution of a converter is the number of bits in its digital word. The 
accuracy is the number of those bits that meet the specifications. For instance, a DAC 
might have 16 bits of resolution, but might only be monotonic to 14 bits. This means that 
the assured accuracy of the DAC will be no better than 14 bits. Also, an audio ADC 
might have a digital word width of 16 bits, but the SNR may be only 70 dB. This means 
that the accuracy will only be at the 12-bit level. This is not to say that the other bits are 
irrelevant. With further processing, typically filtering, often the accuracy can be 
improved. While these terms are similar and sometimes used interchangeably, the 
distinction between the two should be remembered. 


We shall examine the DAC first. 
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Digital-to-Analog Converters (DACs or D/As) Introduction 


What we commonly refer to as a DAC today is typically quite a bit more. The DAC will 
typically have the converter itself and a collection of support circuitry built into the chip. 


The first DACs were board level designs, built from discrete components, including 
vacuum tubes as the switching elements. Monolithic DACs began to appear in the early 
°70s. These early examples were actually sub-blocks of the DAC. An example of this 
would be the AD550, which was a 4 bit binarily weighted current source. This current 
source block would be mated to a separate part, such as the AD850, which contained a 
resistor array and CMOS switches. Together these would form the basic DAC. As we 
moved on in time these functions were integrated on the same die, additional digital 
circuitry, specifically latches to store the digital input, were added. Then a second rank of 
latches was often added. The purpose of the second rank was to allow the microprocessor 
or microcontroller to write to many DACs in a system and the updated them all at the 
same time. The input rank of latches could also be a shift register, which would allow a 
serial interface. 
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Figure 6.1: The Basic DAC 
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On the back end, since the output of the DAC is often a current, an op amp is often added 
to perform the current-to-voltage (I/V) conversion. On the front end a voltage reference is 
often added. 


Process limitations did not allow the integration of all these sub-blocks to occur at once. 
Initially, the processes used to make the various sub-blocks were not compatible. The 
process that made the best switches was typically not the best for the amplifier and the 
reference. As the processes became more advanced these limitations became less. Today 
CMOS can make acceptable amplifiers and processes combining bipolar and CMOS 
together exist. 


There are several advantages to including all this additional circuitry in one package. The 
first is the obvious advantage of reducing the chip count. This reduces the size of the 
circuitry and increases the reliability. Probably more important is that the circuit designer 
now doesn’t have to concern himself with the accuracy of several parts in a system. The 
system is now one part and tested by the manufacturer as a unit. 


Next we will look at the various DAC architectures. When we refer to DACs here we are 
referring to the basic converter rather than the complete system. 


Kelvin Divider (String DAC) 


The simplest structure of all is the Kelvin divider or string DAC as shown in Figure 6.2. 
An N-bit version of this DAC simply consists of 2‘ equal resistors in series and 2 
switches (usually CMOS), one between each node of the chain and the output. The output 
is taken from the appropriate tap by closing just one of the switches (there is some slight 
digital complexity involved in decoding to 1 of 2‘ switches from N-bit data). 


This architecture is simple, has a voltage output and is inherently monotonic—even if a 
resistor is accidentally short-circuited, output n cannot exceed output n + 1. It is linear if 
all the resistors are equal, but may be made deliberately nonlinear if a nonlinear DAC is 
required. The output is a voltage, but it has the disadvantage of having a relatively large 
output impedance. This output impedance is also code dependant (the impedance changes 
with changes to the digital input). In many cases it will be beneficial to follow the output 
of the DAC with an op amp to buffer this output impedance and present a low impedance 
source to the following circuitry. 


Since only two switches operate during a transition it is a low glitch architecture (the 
concept of glitch will be examined in a following section). Also, the switching glitch is 
not code-dependent, making it ideal for low distortion applications. Because the glitch is 
constant regardless of the code transition, the frequency content of the glitch is at the 
DAC update rate and its harmonics—not at the harmonics of the DAC output signal 
frequency. The major drawback of the Kelvin DAC is the large number of resistors and 
switches required for high resolution. There are 2‘ resistors required, so a 10 bit DAC 
would require 1024 switches and resistors, and as a result it was not commonly used as a 
simple DAC architecture until the recent advent of very small IC feature sizes made it 
very practical for low and medium resolution (typically up to 10 bits) DACs. 
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Figure 6.2: Simplest Voltage-Output Thermometer DAC: 
The Kelvin Divider 


As we mentioned in the section on sampling theory, the output of a DAC for an all 1s 
code is 1 LSB below the reference, so a Kelvin divider DAC intended for use as a 
general-purpose DAC has a resistor between the reference terminal and the first switch as 
shown in Figure 6.2. 


Segmented String DACs 


A variation of the Kelvin divider is the segmented string DAC. Here we reduce the 
number of resistors required by segmenting. Figure 6.3 shows two varieties of segmented 
voltage-output DAC. The architecture in Figure 6.3A is sometimes called a Kelvin- 
Varley Divider. Since there are buffers between the first and second stages, the second 
string DAC does not load the first, and the resistors in the second string do not need to 
have the same value as the resistors in the first. All the resistors in each string, however, 
do need to be equal to each other or the DAC will not be linear. The examples shown 
have 3-bit first and second stages but for the sake of generality, let us refer to the first 
(MSB) stage resolution as M-bits and the second (LSB) as K-bits for a total of N= M + 
K bits. The MSB DAC has a string of 2™ equal resistors and a string of 2“ equal resistors 
in the LSB DAC. As an example, if we make a 10-bit string DAC out of two 5-bit 
sections, each segment would have 2° or 32 resistors, for a total of 64, as opposed to the 
1024 required for a standard Kelvin divider. This is an obvious advantage. 
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Figure 6.3: Segmented Voltage-Output DACs 


Buffer amplifiers can have offset, of course, and this can cause nonmonotonicity in a 
buffered segmented string DAC. 


In the simpler configuration of a buffered Kelvin-Varley divider buffer (Figure 6.3A), 
buffer A is always “below” (at a lower potential than) buffer B, and the extra tap labeled 
“A” on the LSB string DAC is not necessary. The data decoding is just two priority 
encoders. 


But if the decoding of the MSB string DAC is made more complex so that buffer A can 
only be connected to the taps labeled “A” in the MSB string DAC, and buffer B to the 
taps labeled “B,” then it is not possible for buffer offsets to cause nonmonotonicity. Of 
course, the LSB string DAC decoding must change direction each time one buffer 
“leapfrogs” the other, and taps A and B on the LSB string DAC are alternately not 
used—but this involves a fairly trivial increase in logic complexity and is justified by the 
increased performance. 


Rather than using a second string of resistors, a binary R-2R DAC can be used to 
generate the three LSBs as shown in Figure 6.3B. This voltage-output DAC (Figure 6.3B) 
consists of a 3-bit string DAC followed by a 3-bit buffered voltage-mode ladder network. 
Again the number of resistors require for the DAC is reduced. 


An unbuffered version of the segmented string DAC is shown in Figure 6.4. This version 
is more clever in concept. Here, the resistors in the two strings must be equal, except that 
the top resistor in the MSB string must be smaller—1/2* of the value of the others—and 
the LSB string has 2“ — 1 resistors rather than 2“. Because there are no buffers, the LSB 
string appears in parallel with the resistor in the MSB string that it is switched across and 
loads it. This drops the voltage across that MSB resistor by | LSB of the LSB DAC— 
which is exactly what is required. The output impedance of this DAC, being unbuffered, 
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varies with changing digital code. This circuit is intrinsically monotonic since it is 
unbuffered (and, of course, can be manufactured on CMOS processes which make 
resistors and switches but not high precision amplifiers, so it may be cheaper as well). 
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Dennis Dempsey and Christopher Gorman, "Digital-to-Analog Converter," 
U.S. Patent 5,969,657, filed July 27, 1997, issued October 19, 1999. 


Figure 6.4: Segmented Unbuffered String DACs Use Patented Architecture 


In order to understand this clever concept better, the actual voltages at each of the taps 
has been worked out and labeled for the 6-bit segmented DAC composed of two 3-bit 
string DACs shown in Figure 6.4. The reader is urged to go through this simple analysis 
with the second string DAC connected across any other resistor in the first string DAC 
and verify the numbers. A detailed mathematical analysis of the unbuffered segmented 
string DAC can be found in the relevant patent filed by Dennis Dempsey and Christopher 
Gorman of Analog Devices in 1997 (Reference 14). 


Digital Potentiometers 


Another variation of the string DAC is the digital potentiometer. A simple digital 
potentiometer is shown in Figure 6.5. 


The major difference is that the lower arm of the potentiometer (terminal B) is not 
connected to ground, but is instead left floating. The absolute values of the resistors in a 
Kelvin DAC typically are not critical. They are limited by the available material. They 
must, of course, be the same as each other. In a digital potentiometer the end-to-end 
resistance is specified. The accuracy of the end to end resistance is on the order of a 
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mechanical potentiometer. Digital potentiometers are typically available in end-to-end 
resistance values from 10 kQ to 1 MQ. Lower values of end-to-end resistance are 
difficult since the on resistance of the CMOS switches is on the order of the resistor 
segment, so the linearity of the pot suffers at the low end. 
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Figure 6.5: A Slight Modification to a Kelvin DAC Yields a "Digital Potentiometer" 


The advantages to digital potentiometers are many. Even the lowest resolution digital 
potentiometers have better setability than their mechanical counterparts. Also, they are 
immune to mechanical vibration and oxidation of the wiper contact. Obviously, 
adjustments can be made without human intervention. 


In most digital potentiometers the voltage on the input pins can not exceed the supplies 
(typically 3 V or 5 V) due to the CMOS switches used in their construction, but certain 
models are designed for +15 V operation. 


Another design feature on many of the digital potentiometers is that on power up 
(sometimes from an internal timer, sometimes controlled by an external pin) the wiper is 
shorted to one of the terminals. This is useful since output on power up is undefined until 
it is written to. Since it might take a while (relatively) for the micro-controller to initialize 
itself and then get around to initializing the rest of the system, having the digital 
potentiometer in a known state can be useful. Some digital potentiometers incorporate 
nonvolatile logic so that their settings are retained when they are turned off. 


One time programmable (OTP) versions of digital potentiometers have become available. 


Here the digital code is locked into the potentiometer once the setting had been 
determined. The technology used is fuseable links. A variation on this theme is the two 
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times programeable (TTP) digital potentiometer. This allows the nonvolatile settings to 
be modified one time. The block diagram of a TTP digital potentiometer is shown in 
Figure 6.6. 


RDAC 
REGISTER 
hs 
5 ae ADDRESS 
2 DECODE 


Figure 6.6: Two Times Programmable (TTP) Digital Potentiometer Block 
Diagram 


Thermometer (Fully Decoded) DACs 


There is a current-output DAC architecture analogous to a string DAC which consists of 
2‘ — 1 switchable current sources (which may be resistors and a voltage reference or may 
be active current sources) connected to an output terminal. This output must be at, or 
close to, ground. Figure 6.7 shows a thermometer DAC which use resistors connected to 
a reference voltage to generate the currents. 


If active current sources are used as shown in Figure 6.8, the output may have more 
compliance (the allowable voltage on the output pin which still guarantees performance), 
and a resistive load is typically used to develop an output voltage. The load resistor must 
be chosen so that at maximum output current the output terminal remains within its rated 
compliance voltage 


Once a current in a thermometer DAC is switched into the circuit by increasing the 
digital code, any further increases do not switch it out again. The structure is thus 
inherently monotonic, irrespective of inaccuracies in the currents. Again, like the Kelvin 
divider, only the advent of high density IC processes has made this architecture practical 
for general purpose medium resolution DACs, although a slightly more complex 
version—shown in the next diagram—is quite widely used in high speed applications. 
Unlike the Kelvin divider, this type of current-mode DAC does not have a unique name, 
although both types may be referred to as fully decoded DACs or thermometer DACs. 


6.9 


[4 BASIC LINEAR DESIGN 


3-TO-7 CURRENT 
DECODER OUTPUT INTO 
o VIRTUAL 
GROUND 
(USUALLY AN 
OP-AMP I-V 
CONVERTER) 
3-BIT 
DIGITAL 
INPUT 


Figure 6.7: The Simplest Current-Output Thermometer (Fully Decoded) DAC 


A DAC where the currents are switched between two output lines—one of which is often 
grounded, but may, in the more general case, be used as the inverted output—is more 
suitable for high speed applications because switching a current between two outputs is 
far less disruptive, and so causes a far lower glitch than simply switching a current on and 
off. This architecture is shown in Figure 6.9. 
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Figure 6.8: Current Sources Improve the Basic 
Current-Output Thermometer DAC 
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Figure 6.9: High Speed Thermometer DAC with 
Complementary Current Outputs 


But the settling time of this DAC still varies with initial and final code, giving rise to 
intersymbol distortion (ISI). This can be addressed with even more complex switching 
where the output current is returned to zero before going to its next value. Note that 
although the current in the output is returned to zero it is not “turned off’—the current is 
dumped to ground when it is not being used, rather than being switched on and off. The 
techniques involved are too complex to discuss in detail here but can be found in the 
references. 


In the normal (linear) version of this DAC, all the currents are nominally equal. Where it 
is used for high speed reconstruction, its linearity can also be improved by dynamically 
changing the order in which the currents are switched by ascending code. Instead of code 
001 always turning on current A; code 010 always turning on currents A and B, code 011 
always turning on currents A, B, and C; etc. the order of turn-on relative to ascending 
code changes for each new data point. This can be done quite easily with a little extra 
logic in the decoder. The simplest way of achieving it is with a counter which increments 
with each clock cycle so that the order advances: ABCDEFG, BCDEFGA, CDEFGAB, 
etc., but this algorithm may give rise to spurious tones in the DAC output. A better 
approach is to set a new pseudo-random order on each clock cycle—this requires a little 
more logic, but even complex logic is now very cheap and easily implemented on CMOS 
processes. There are other, even more complex, techniques which involve using the data 
itself to select bits and thus turn current mismatch into shaped noise. Again they are too 
complex for a book of this sort. (See references for a more detailed discussion). 
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Binary Weighted Current Source 


The voltage-mode binary-weighted resistor DAC shown in Figure 6.10 is usually the 
simplest textbook example of a DAC. However, this DAC is not inherently monotonic 
and is actually quite hard to manufacture successfully at high resolutions due to the large 
spread in component (resistor) values. In addition, the output impedance of the voltage- 
mode binary DAC changes with the input code. 


R/8 R/4 R/2 R 
LSB MSB 
O 
VREF | | | | 
oO 
WA 


Adapted from: B. D. Smith, "Coding by Feedback Methods," Proceedings of the 
I. R. E., Vol. 41, August 1953, pp. 1053-1058 


Figure 6.10: Voltage-Mode Binary-Weighted Resistor DAC 


Current-mode binary weighted DACs are shown in Figure 6.11A (resistor-based), and 
Figure 6.11B (current-source based). An N-bit DAC of this type consists of N weighted 
current sources (which may simply be resistors and a voltage reference) in the ratio 
1:2:4:8:....:.2%". The LSB switches the 2‘! current, the MSB the 1 current, etc. The 
theory is simple but the practical problems of manufacturing an IC of an economical size 
with current or resistor ratios of even 128:1 for an 8-bit DAC are enormous, especially as 
they must have matched temperature coefficients. This architecture is virtually never 
used on its own in integrated circuit DACs, although, again, 3-bit or 4-bit versions have 
been used as components in more complex structures. For example, the AD550 
mentioned at the beginning of this section is an example of a binary-weighted DAC. 


If the MSB current is slightly low in value, it will be less than the sum of all the other bit 
currents, and the DAC will not be monotonic (the differential nonlinearity of most types 
of DAC is worst at major bit transitions). 


However, there is another binary-weighted DAC structure which has recently become 
widely used. This uses binary-weighted capacitors as shown in Figure 6.12. The problem 
with a DAC using capacitors is that leakage causes it to lose its accuracy within a few 
milliseconds of being set. This may make capacitive DACs unsuitable for general- 
purpose DAC applications, but it is not a problem in successive approximation ADCs, 


6.12 


CONVERTERS 
DIGITAL-TO-ANALOG CONVERTER ARCHITECTURES 


since the conversion is complete in a few us or less—long before leakage has any 
appreciable effect. 


(A) RESISTOR (B) CURRENT SOURCE 
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Figure 6.11: Current-Mode Binary-Weighted DACs 


SWITCHES SHOWN IN TRACK (SAMPLE) MODE 


Figure 6.12: Capacitive Binary-Weighted DAC in 
Successive Approximation ADC 


The use of capacitive charge redistribution DACs offers another advantage as well—the 
DAC itself behaves as a sample-and-hold circuit (SHA), so not only is an external SHA 
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unnecessary with these ADCs, there is no need to allocate separate chip area for a 
separate integral SHA. 


R-2R Ladder 


One of the most common DAC building-block structures is the R-2R resistor ladder 
network shown in Figure 3.15. It uses resistors of only two different values, and their 
ratio is 2:1. An N-bit DAC requires 2N resistors, and they are quite easily trimmed. There 
are also relatively few resistors to trim. 


R R R 
WOW WN 


2R 2R 2R 2R 2R 


Figure 6.13: 4-Bit R-2R Ladder Network 


This structure is the basis of a large family of DACs. Figure 6.14 is the block diagram of 
the AD7524, which is typical of a basic current output CMOS DAC. The diagram shows 
the structure of the DAC. 
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Figure 6.14: AD7524 CMOS DAC Block Diagram 
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The input impedance (basically the value of the resistors) is not a closely specified 
parameter. The specified range is 4:1 (5 kQ min, 20 kQ max, although it is typically 
closer than that). It is the relative accuracy, not the absolute accuracy of the resistors that 
is of interest. In most applications the absolute value is not important. Certain 
applications exist where the value does matter. In these instances, the parts must be 
selected at test. 


Note the extra resistor added at the Reggppack pin. This is designed to be the feedback 
resistor for the I/V op amp. This resistor is trimmed along with the rest of the resistors so 
it tracks. Also, since it is made of the same material as the rest of the resistors, therefore 
having the same temperature coefficient, and is on the same substrate, hence at the same 
temperature, it will track over temperature. 


Figure 6.15 shows a more modern example of a CMOS DAC, the AD7394. Several 
trends are obvious here. First off, the output is voltage, not current. Advancements in 
process technology have allowed reasonable quality CMOS op amps to be created. Also 
note the two ranks of latches. The purpose of these latches is to allow the micro- 
controller to write to all converters in a system and then update them all at the same time. 
This will be covered on more detail in a later section. Note also the power on reset 
circuit. Since the wake up state of a CMOS DAC is undefined and not repeatable, many 
modern DACs include a circuit to force the output to either half scale of minimum scale, 
depending on whether the intended application is unipolar or bipolar. Probably the most 
obvious difference is that this is a multiple DAC package. Shrinking device geometries 
have allowed more circuitry to be included, even with the smaller packages in use today. 


VrerB VperA 


DAC A| 8 
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Figure 6.15: AD7394 Quad CMOS DAC Block Diagram 
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The previous examples were CMOS devices, that is to say, that the switches were 
implemented with CMOS switches. The switches could also be implemented with bipolar 
transistors (BJT). An example of this is the classic DAC-08. Its block diagram is shown 
in Figure 6.16. One major difference in the BJT implementation is that the switch allows 
current in one direction, versus the CMOS switch, which can allow bidirectional current. 
This limits the BJT DAC to 2-quadrant operation while the CMOS version can be 
4-quadrant. Supplies tend to be different as well. 


MSB (LSB) 
V+ Vic Bi B2 B3 B4 B5 B6 B7 B8 
O O 


13 1 5 6 7 8 9 10 11 12 


BIAS 
NETWORK 


Figure 6.16: DAC-08 Block Diagram 


There are two ways in which the R-2R ladder network may be used as a DAC—known 
respectively as the voltage mode and the current mode (they are sometimes called 
“normal” mode and “inverted” mode, but as there is no consensus on whether the voltage 
mode or the current mode is the “normal” mode for a ladder network this nomenclature 
can be misleading, although in most cases the current mode would be considered the 
“normal” mode). Each mode has its advantages and disadvantages. 


In the current-mode R-2R ladder DAC shown in Figure 6.17, the gain of the DAC may be 
adjusted with a series resistor at the Vrer terminal, since in the current mode, the end of 
the ladder, with its code-independent impedance, is used as the Vrrr terminal; and the 
ends of the arms are switched between ground and an output line which must be held at 
ground potential. The normal connection of a current-mode ladder network output is to an 
op amp’s inverting input (virtual ground), but stabilization of this op amp is complicated 
by the DAC output impedance variation with digital code. 
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Figure 6.17: Current-Mode R-2R Ladder Network DAC 


Current-mode operation has a larger switching glitch than voltage mode since the 
switches connect directly to the output line(s). However, since the switches of a current- 
mode ladder network are always at ground potential, their design is less demanding and, 
in particular, their voltage rating does not affect the reference voltage rating. If switches 
capable of carrying current in either direction (such as CMOS devices) are used, the 
reference voltage may have either polarity, or may even be ac. Such a structure is one of 
the most common types used as a multiplying DAC (MDAC) which will be discussed 
later in this section. 


Since the switches are always at, or very close to, ground potential, the maximum 
reference voltage may greatly exceed the logic voltage, provided the switches are make- 
before-break—which they are in this type of DAC. It is not unknown for a CMOS 
MDAC to accept a +30 V reference (or even a 60-V peak-to-peak ac reference) while 
working from a single 5 V supply. 


In the voltage mode R-2R ladder DAC shown in Figure 6.18, the “rungs” or arms of the 
ladder are switched between Veer and ground, and the output is taken from the end of the 
ladder. The output may be taken as a voltage, but the output impedance is independent of 
code, so it may equally well be taken as a current into a virtual ground. 


The voltage output is an advantage of this mode, as is the constant output impedance, 
which eases the stabilization of any amplifier connected to the output node. Additionally, 
the switches switch the arms of the ladder between a low impedance Vref connection and 
ground, which is also, of course, low impedance, so capacitive glitch currents tend not to 
flow in the load. On the other hand, the switches must operate over a wide voltage range 
(Vrer to ground), which is difficult from a design and manufacturing viewpoint, and the 
reference input impedance varies widely with code, so that the reference input must be 
driven from a very low impedance. In addition, the gain of the DAC cannot be adjusted 
by means of a resistor in series with the Vrer terminal. 


6.17 


[4 BASIC LINEAR DESIGN 


2R s 2R 2R 2R 2R 


LSB MSB 


we | ii ff [J 


Adapted from: B. D. Smith, "Coding by Feedback Methods," Proceedings of the 
I. R. E., Vol. 41, August 1953, pp. 1053-1058 


Figure 6.18: Voltage-Mode R-2R Ladder Network DAC 


Probably the most important advantage to the voltage mode is that it allows single-supply 
operation. This is because the op amp that is commonly used as I/V converter in the 
current mode converter is in the inverting configuration so would require a negative 
output for a positive input, assuming ground reference. Of course you could bias 
everything up to a rail-splitter ground, but that introduces other issues into the system. 


Multiplying DACs (MDACs) 


In most cases the reference to a DAC is a highly stable dc voltage. In some instances, 
however, it is useful to have a variable reference. The R-2R ladder structure using CMOS 
switches can easily handle a bipolar signal on its input. Having the ability to have bipolar 
(positive and negative) signals on the input allows construction of 2-quadrant and 
4-quadrant Multiplying DACs. Figure 6.19 shows the schematic and Table I outlines the 
operation of a 2-quadrant MDAC and Figure 6.20 shows the schematic and Table II 
outlines the operation of a 4-quadrant MDAC for an 8-bit DAC. 


DACs utilizing bipolar transistors as switches, such as the DAC-08 above, cannot 
accommodate bipolar signals on the reference. Therefore they can only implement 
2-quadrant MDACs. In addition, the reference voltage can not go all the way to 0 V. The 
maximum allowable range is typically from 10% to 100% of the allowable reference 
voltage range. 


One of the main applications of the MDAC is as a variable gain amplifier, where the gain 
is controlled by the digital word applied to the MDAC. 
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SIGNAL GROUND 


Figure 6.19: 2-Quadrant Multiplying DAC 


Table I. Unipolar Binary Code Table 


Digital Input 
MSB_ LSB Analog Output 
1111 1111 -Vrer (255/256) 
1000 0001 -Vrer (129/256) 
1000 0000 Veep (128/256) = -Vppp/2 
O111 1111 -Vrer (127/256) 
0000 0001 -Vrep (1/256) 
0000 0000 -Vrer (0/256) = 0 
Note: 1 LSB = (2°8)(Vpep) = 1/256 (Veep) 
R4 20kQ 


SIGNAL GROUND 
Figure 6.20: 4-Quadrant Multiplying DAC 


Table II. Bipolar (Offset Binary) Code Table 


Digital Input 

MSB_ LSB Analog Output 
1111 1111 +Vpep (127/128) 
1000 0001 +Vpep (1/128 ) 
1000 0000 0 

Ol11 1111 -Vrer (1/128) 
0000 0001 -Vrep (127/128) 
0000 0000 -Vrep (128/128) 


Note: 1 LSB = (277) (Veer) = 1/128 (Veep) 
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The frequency response of the MDAC is limited by the parasitic capacitance across the 
switches in the off condition. As the frequency goes up the impedance of the capacitors 
goes down, effectively bypassing the switch. This reduces the off isolation at higher 
frequencies. Typically the frequency response of an MDAC will be on the order of 
1 MHz. 


Segmented DACs 


So far we have considered mostly basic DAC architectures. When we are required to 
design a DAC with a specific performance, it may well be that no single architecture is 
ideal. In such cases, two or more DACs may be combined in a single higher resolution 
DAC to give the required performance. These DACs may be of the same type or of 
different types and need not each have the same resolution. For example, the segmented 
string DAC is a segmented DAC where 2 Kelvin DACs are cascaded. 


Typically, one DAC handles the MSBs, another handles the LSBs, and their outputs are 
added in some way. The process is known as “segmentation,” and these more complex 
structures are called “segmented DACs.” There are many different types of segmented 
DACs and some, but by no means all, will be illustrated in the next few diagrams. It is 
sometimes not obvious from looking at the data sheet that a particular DAC is segmented. 
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Figure 6.21: Segmented Current-Output DACs: 
(A) Resistor-Based, (B) Current-Source Based 


Very high speed DACs for video, communications, and other HF reconstruction 
applications are often built with arrays of fully decoded current sources. The two or three 
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LSBs may use binary-weighted current sources. It is extremely important that such DACs 
have low distortion at high frequency, and there are several important issues to be 
considered in their design. 


Two examples of segmented current-output DAC structures are shown in Figure 6.21. 
Figure 6.21A shows a resistor-based approach for the 7-bit DAC where the 3 MSBs are 
fully decoded, and the 4 LSBs are derived from an R-2R network. Figure 6.21B shows a 
similar implementation using current sources. The current source implementation is by 
far the most popular for today's high-speed reconstruction DACs. 


It is also often desirable to utilize more than one fully decoded thermometer section to 
make up the total DAC. Figure 6.22 shows a 6-bit DAC constructed from two fully 
decoded 3-bit DACs. As previously discussed, these current switches must be driven 
simultaneously from parallel latches in order to minimize the output glitch. 
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Figure 6.22: 6-Bit Current-Output Segmented DAC 
Based on Two 3-Bit Thermometer DACs 


The AD9775 14-bit, 160-MSPS (input)/400-MSPS (output) TxDAC' uses three sections 
of segmentation as shown in Figure 6.23. Other members of the AD977x-family and the 
AD985x-family also use this same basic core. 


The first 5 bits (MSBs) are fully decoded and drive 31 equally weighted current switches, 
each supplying 512 LSBs of current. The next 4 bits are decoded into 15 lines which 
drive 15 current switches, each supplying 32 LSBs of current. The 5 LSBs are latched 
and drive a traditional binary-weighted DAC which supplies 1 LSB per output level. A 
total of 51 current switches and latches are required to implement this ultra low glitch 
architecture. 
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Figure 6.23: AD9775 TxDAC 14-Bit CMOS DAC Core 


Decoding must be done before the new data is applied to the DAC so that all the data is 
ready and can be applied simultaneously to all the switches in the DAC. This is generally 
implemented by using a separate parallel latch for the individual switches in fully 
decoded array. If all switches were to change state instantaneously and simultaneously 
there would be no skew glitch—by very careful design of propagation delays around the 
chip and time constants of switch resistance and stray capacitance the update 
synchronization can be made very good, and hence the glitch-related distortion is very 


small. 


Sigma-Delta DACs 


Sigma-Delta DACs will be discussed in detail in the Sigma-Delta section. 
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I/V Converters 
Modern IC DACs provide either voltage or current outputs. Figure 6.24 below shows 


three fundamental configurations, all with the objective of using an op amp for a buffered 
output voltage. 


(A) 


(B) (C) 


Figure 6.24: Buffering DAC Outputs with Op Amps 


Figure 6.24A shows a buffered voltage output DAC. In many cases, the DAC output can 
be used directly, without additional buffering. If an additional op amp is needed, it is 
usually configured in a noninverting mode, with gain determined by R1 and R2. 


There are two basic methods for dealing with a current output DAC. 


A direct method to convert the output current into a voltage is shown in Figure 6.24C. 
This circuit is usually called a current-to-voltage converter, or I/V. In this circuit, the 
DAC output drives the inverting input of an op amp, with the output voltage developed 
across the R2 feedback resistor. In this approach the DAC output always operates at 
virtual ground (which may give a linearity improvement vis-a-vis Fig. 6.24B). 


In Figure 6.24B, a voltage is simply developed across external load resistor, RL. This is 
typically done with high speed op amps. An external op amp can be used to buffer and/or 
amplify this voltage if required. The output current is dumped into a resistor instead of 
into an op amp directly since the fast edges may exceed the slew rate of the amplifier and 
cause distortion. Many DACs supply full-scale currents of 20 mA or more, thereby 
allowing reasonable voltages to be developed across fairly low value load resistors. For 
instance, fast settling video DACs typically supply nearly 30 mA full-scale current, 


6.23 


[4 BASIC LINEAR DESIGN 


allowing 1 V to be developed across a source and load terminated 75 Q coaxial cable 
(representing a dc load of 37.5 Q to the DAC output). 


The general selection process for an op amp used as a DAC buffer is that the performance 
of the op amp should not compromise the performance of the DAC. The basic 
specifications of interest are DC accuracy, noise, settling time, bandwidth, distortion, etc. 


Differential to Single-Ended Conversion Techniques 


A general model of a modern current output DAC is shown in Figure 6.25. This model is 
typical of the AD976X and AD977X TxDAC series (see Reference 1). 


Current output is more popular than voltage output, especially at audio frequencies and 
above. If the DAC is fabricated on a bipolar or BiCMOS process, it is likely that the 
output will sink current, and that the output impedance will be less than 500 Q (due to the 
internal R/2R resistive ladder network). On the other hand, a CMOS DAC is more likely 
to source output current and have a high output impedance, typically greater than 100 kQ. 


lout 


Figure 6.25: Model of High Speed DAC Output 


Another consideration is the output compliance voltage—the maximum voltage swing 
allowed at the output in order for the DAC to maintain its linearity. This voltage is 
typically 1 V to 1.5 V, but will vary depending upon the DAC. Best DAC linearity is 
generally achieved when driving a virtual ground, such as an op amp I/V converter. 
Modern current output DACs usually have differential outputs, to achieve high CM 
rejection and reduce the even-order distortion products. Full-scale output currents in the 
range of 2 to 20 mA are common. 


In most applications, it is desirable to convert the differential output of the DAC into a 
single-ended signal, suitable for driving a coax line. This can be readily achieved with an 
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RF transformer, provided low frequency response is not required. Figure 6.26 shows a 
typical example of this approach. The high impedance current output of the DAC is 
terminated differentially with 50 ©, which defines the source impedance to the 
transformer as 50 Q. 


The resulting differential voltage drives the primary of a 1:1 RF transformer, to develop a 
single-ended voltage at the output of the secondary winding. The output of the 50 Q LC 
filter is matched with the 50 Q load resistor RL, and a final output voltage of 1 V p-p is 
developed. 
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Figure 6.26: Differential Transformer Coupling 


The transformer not only serves to convert the differential output into a single-ended 
signal, but it also isolates the output of the DAC from the reactive load presented by the 


LC filter, thereby improving overall distortion performance. 
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Figure 6.27: Differential DC Coupled Output Using a Dual Supply Op Amp 
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An op amp connected as a differential to single-ended converter can be used to obtain a 
single-ended output when frequency response to DC is required. In Figure 6.28 the 
AD8055 op amp is used to achieve high bandwidth and low distortion (see Reference 2). 
The current output DAC drives balanced 25 Q resistive loads, thereby developing an out- 
of-phase voltage of 0 V to +0.5 V at each output. The AD8055 is configured for a gain of 
8, to develop a final single-ended ground-referenced output voltage of 2 V p-p. Note that 
because the output signal swings above and below ground, a dual-supply op amp is 
required. 


The Critter capacitor forms a differential filter with the equivalent 50 Q differential 
output impedance. This filter reduces any slew induced distortion of the op amp, and the 
optimum cutoff frequency of the filter is determined empirically to give the best overall 
distortion performance. 


A modified form of the Figure 6.26 circuit can also be operated on a single supply, 
provided the CM voltage of the op amp is set to mid-supply (+2.5 V). This is shown in 
Figure 6.28. The output voltage is 2 V p-p centered around a CM voltage of +2.5 V. This 
CM voltage can be either developed from the +5 V supply using a resistor divider, or 
directly from a +2.5 V voltage reference. If the +5 V supply is used as the CM voltage, it 
must be heavily decoupled to prevent supply noise from being amplified. 
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Figure 6.28: Differential DC Coupled Output Using a Single-Supply Op Amp 
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Single-Ended Current-to-Voltage Conversion 


Single-ended current-to-voltage conversion is easily performed using a single op amp as 
an I/V converter, as shown in Figure 6.29. The 10 mA full-scale DAC current from the 
AD768 (see Reference 3) develops a 0 V to +2 V output voltage across the 200 Q Rr. 


Driving the virtual ground of the AD8055 op amp minimizes any distortion due to 
nonlinearity in the DAC output impedance. In fact, most high resolution DACs of this 
type are factory trimmed using an I/V converter. 


It should be recalled, however, that using the single-ended output of the DAC in this 
manner will cause degradation in the CM rejection and increased second-order distortion 
products, compared to a differential operating mode. 
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Figure 6.29: Single-Ended I/V Op Amp Interface for Precision 16-bit 
AD768 DAC 


The Cr feedback capacitor should be optimized for best pulse response in the circuit. The 
equations given in the diagram should only be used as guidelines. A more detailed 
analysis of this circuit is given in the References. 


Differential Current-to-Differential Voltage Conversion 


If a buffered differential voltage output is required from a current output DAC, the 
AD813X-series of differential amplifiers can be used as shown in Figure 6.30. 
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The DAC output current is first converted into a voltage that is developed across the 25 Q 
resistors. The voltage is amplified by a factor of 5 using the AD813X. This technique is 
used in lieu of a direct I/V conversion to prevent fast slewing DAC currents from 
overloading the amplifier and introducing distortion. Care must be taken so that the DAC 
output voltage is within its compliance rating. 
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Figure 6.30: Buffering High Speed DACs using AD813X Differential Amplifier 


The Vocm input on the AD813X can be used to set a final output CM voltage within the 
range of the AD813X. If transmission lines are to be driven at the output, adding a pair of 
75 Q. resistors will allow this. 


Digital Interfaces 


The earliest monolithic DACs contained little, if any, logic circuitry, and parallel data had 
to be maintained on the digital input to maintain the digital output. Today almost all 
DACs are latched and data need only be written to them, not maintained. Some even have 
nonvolatile latches and remember settings while turned off. 


There are innumerable variations of DAC digital input structure, which will not be 
discussed here, but the nearly all are described as “double-buffered.” A double-buffered 
DAC has two sets of latches. Data is initially latched in the first rank and subsequently 
transferred to the second as shown in Figure 6.31. There are two reasons why this 
arrangement is useful. 


The first is that it allows data to enter the DAC in many different ways. A DAC without a 
latch, or with a single latch, must be loaded in parallel with all bits at once, since 
otherwise its output during loading may be totally different from what it was or what it is 
to become. A double-buffered DAC, on the other hand, may be loaded with parallel data, 
or with serial data, or with 4-bit or 8-bit words, or whatever, and the output will be 
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unaffected until the new data is completely loaded and the DAC receives its update 
instruction. 


OUTPUT LATCH 


DIGITAL 


ee INPUT STRUCTURE: TRANSFERS DATA SUTPUE 
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INPUT 


f, = SAMPLING FREQUENCY 


OUTPUT STROBE - 
MAY GO TO MANY DACs 


Figure 6.31: Double-Buffered DAC Permits Complex 
Input Structures and Simultaneous Update 


The other convenience of the double-buffered structure is that many DACs may be 
updated simultaneously: data is loaded into the first rank of each DAC in turn, and when 
all is ready, the output buffers of all the DACs are updated at once. There are many DAC 
applications where the output of a number of DACs must change simultaneously, and the 
double-buffered structure allows this to be done very easily. 


Most early monolithic high resolution DACs had parallel or byte-wide data ports and 
tended to be connected to parallel data buses and address decoders and addressed by 
microprocessors as if they were very small write-only memories. (Some parallel DACs 
are not write-only, but can have their contents read as well—this is convenient for some 
applications, but is not very common.) A DAC connected to a data bus is vulnerable to 
capacitive coupling of logic noise from the bus to the analog output Serial interfaces are 
less vulnerable to such noise (since fewer noisy pins are involved), use fewer pins, and 
therefore take less board space, and are frequently more convenient for use with modern 
microprocessors, most of which have serial data ports. Some, but not all, of such serial 
DACs have data outputs as well as data inputs so that several DACs may be connected in 
series and data clocked to them all from a single serial port. This arrangement is often 
referred to as "daisy-chaining." 


Of course, serial DACs cannot be used where high update rates are involved, since the 
clock rate of the serial data would be too high. Some very high speed DACs actually have 
two parallel data ports and use them alternately in a multiplexed fashion (sometimes this 
is called a “ping-pong” input) to reduce the data rate on each port as shown in 
Figure 6.32. The alternate loading (ping-pong) DAC in the diagram loads from port A 
and port B alternately on the rising and falling edges of the clock, which must have a 
mark-space ratio close to 50:50. The internal clock multiplier ensures that the DAC itself 
is updated with data A and data B alternately at exactly 50:50 time ratio, even if the 
external clock is not so precise. 
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Figure 6.32: Alternate Loading (Ping-Pong) High Speed DAC 


Historically integrated circuit logic circuitry (with the exception of emitter coupled logic 
or ECL) operated from 5 V supplies and had compatible logic levels—with a few 
exceptions 5 V logic would interface with other 5 V logic. Today, with the advent of low 
voltage logic operating with supplies of 3.3 V, 2.7 V, or even less, it is important to 
ensure that logic interfaces are compatible. There are several issues which must be 
considered—absolute maximum ratings, worst case logic levels, and timing. The logic 
inputs of integrated circuits generally have absolute maximum ratings, as do most other 
inputs, of 300 mV outside the power supply. Note that these are instantaneous ratings. If 
an IC has such a rating and is currently operating from a +5 V supply then the logic 
inputs may be between —0.3 V and +5.3 V—but if the supply is not present then that 
input must be between +0.3 V and —0.3 V, not the -0.3 V to +5.3 V which are the limits 
once the power is applied—ICs cannot predict the future. 


The reason for the rating of 0.3 V is to ensure that no parasitic diode inside the IC is ever 
turned on by a voltage outside the IC’s absolute maximum rating. It is quite common to 
protect an input from such over-voltage with a Schottky diode clamp. At low 
temperatures the clamp voltage of a Schottky diode may be a little more than 0.3 V, and 
so the IC may see voltages just outside its absolute maximum rating. Although, strictly 
speaking, this subjects the IC to stresses outside its absolute maximum ratings and so is 
forbidden, this is an acceptable exception to the general rule provided the Schottky diode 
is at a similar temperature to the IC that it is protecting (say within +10°C). 


Some low voltage devices, however, have inputs with absolute maximum ratings which 
are substantially greater than their supply voltage. This allows such circuits to be driven 
by higher voltage logic without additional interface or clamp circuitry. But it is important 
to read the data sheets and ensure that both logic levels and absolute maximum voltages 
are compatible for all combinations of high and low supplies. 


This is the general rule when interfacing different low-voltage logic circuitry—it is 
always necessary to check both that at the lowest value of its power supply the logic 1 
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output from the driving circuit applied to its worst-case load is greater than the specified 
minimum logic | input for the receiving circuit, and that, again with its lowest value of 
power supply and with its output sinking maximum allowed current, the logic 0 output is 
less than the specified logic 0 input of the receiver. If the logic specifications of your 
chosen devices do not meet these criteria it will be necessary to select different devices, 
use different power supplies, or use additional interface circuitry to ensure that the 
required levels are available. Note that additional interface circuitry will introduce extra 
delays in timing. 


It is not sufficient to build an experimental set-up and test it. In general, logic thresholds 
are generously specified and usually logic circuits will work correctly well outside their 
specified limits—but it is not possible to rely on this in a production design. At some 
point a batch of devices near the limit on low output swing will be required to drive some 
devices needing slightly more drive than usual—and will be unable to do so. 


One of the latest developments in high speed logic interface is LVDS. Low voltage 
differential signaling (LVDS) presents a solution to the high speed converter interface 
problem by mitigating the effects of CMOS single-ended interfaces and accommodating 
higher data rates. The LVDS standard specifies a p-p voltage swing of 350 mV around a 
common-mode voltage of 1.2 V, which facilitates transmission of high-speed differential 
digital signals with balanced current, thereby reducing the slew rate requirement. 
Reducing the slew rate eliminates the gradients that result in noise from ground bounce 
that are present in conventional CMOS drivers. Ground-bounce noise can couple back 
into sensitive analog circuits and degrade the converter's dynamic range. Parallel LVDS 
interfaces enable much higher data rates and optimum dynamic performance, in high- 
speed data converters. 


LVDS also offers some benefit in reduced EMI. The EMI fields generated by the 
opposing currents will tend to cancel each other (for matched edge rates). Trace length, 
skew, and discontinuities will reduce this benefit and should be avoided. 


LVDS also offers simpler timing constraints compared to a demuxed CMOS solution at 
similar data rates. A demuxed databus requires a synchronization signal that is not 
required in LVDS. In demuxed CMOS buses, a clock equal to one-half the ADC sample 
rate is needed, adding cost and complexity, that is not required in LVDS. In general, the 
LVDS is more forgiving and can lead to a simpler, cleaner design. 


Figure 6.33: LVDS Output Levels 


The LVDS specification (IEEE Standard 1596.3) was developed as an extension to the 
1992 SCI protocol (IEEE Standard 1596-1992). The original SCI protocol was suitable 
for high speed packet transmissions in high end computing and used ECL levels. 
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However, for low end and power sensitive applications, a new standard was needed. 
LVDS signals were chosen because the voltage swing is smaller than that of ECL 
outputs, allowing for lower power supplies in power sensitive designs. 


Unlike CMOS, which is typically a voltage output, LVDS is a current output technology. 
LVDS outputs for high performance converters should be treated differently than 
standard LVDS outputs used in digital logic. While standard LVDS can drive 1 m to 

10 m in high speed digital applications (dependent on data rate), it is not recommended to 
let a high performance converters drive that distance. It is recommended to keep the 
output trace lengths short (<2 in.), minimizing the opportunity for any noise coupling 
onto the outputs from the adjacent circuitry, which may get back to the analog outputs. 
The differential output traces should be routed close together, maximizing common-mode 
rejection with the 100 © termination resistor close to the receiver. Users should pay 
attention to PCB trace lengths to minimize any delay skew. 


A typical differential microstrip PCB trace cross section is shown in Figure 6.34. 
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Figure 6.34: PCB Trace Spacing 


Power supply decoupling is very important with these fast (<0.5 ns) edge rates. A low 
inductance, surface-mount capacitor should be placed at every power supply and ground 
pin as close to the converter as possible. Placing the decoupling caps on the other side of 
the PCB is not recommended, since the via inductance will reduce the effective 
decoupling. The differential Zo will tend to be slightly lower than twice the single-ended 
Zo of each conductor due to proximity effects—the Zo of each line should be designed to 
be slightly higher than 50 Q. Simulation can be used in critical applications to verify 
impedance matching. In short runs, this should not be critical. 


6.32 


CONVERTERS 
DIGITAL-TO-ANALOG CONVERTER ARCHITECTURES 


Data Converter Logic: Timing and other Issues 


It is not the purpose of this brief section to discuss logic architectures, so we shall not 
define the many different data converter logic interface operations and their timing 
specifications except to note that data converter logic interfaces may be more complex 
than you expect—do not expect that because there is a pin with the same name on 
memory and interface chips it will behave in exactly the same way in a data converter. 
Unfortunately, there is not a standard nomenclature for pin functionality, even for the 
same manufacturer. The data sheet should always be consulted to determine the operation 
of all control pins. Also some data converters reset to a known state on power-up but 
many more do not. 


But it is very necessary to consider general timing issues. The new low voltage processes 
which are used for many modern data converters have a number of desirable features. 
One which is often overlooked by users (but not by converter designers!) is their higher 
logic speed. DACs built on older processes frequently had logic which was orders of 
magnitude slower than the microprocessors that they interfaced with and it was 
sometimes necessary to use separate buffers, or multiple WAIT instructions, to make the 
two compatible. Today it is much more common for the write times of DACs to be 
compatible with those of the fast logic with which they interface. 


Nevertheless not all DACs are speed compatible with all logic interfaces and it is still 
important to ensure that minimum data set-up times and write pulse widths are observed. 
Again, experiments will often show that devices work with faster signals than their 
specification requires—but at the limits of temperature or supply voltage some may not 
and interfaces should be designed on the basis of specified rather than measured timing. 


Interpolating DACs (Interpolating TxDACs) 


The concept of oversampling, to be discussed in another section (on sampling theory), 
can be applied high speed DACs typically used in communications applications. 
Oversampling relaxes the requirements on the output filter as well as increasing the SNR 
due to process gain. 


Assume a traditional DAC is driven at an input word rate of 30 MSPS (see 
Figure 6.35A). Assume the DAC output frequency is 10 MHz. The image frequency 
component at 30 MHz — 10 MHz = 20 MHz must be attenuated by the analog 
reconstruction filter, and the transition band of the filter is therefore 10 MHz to 20 MHz. 
Assume that the image frequency must be attenuated by 60 dB. The filter must therefore 
go from a passband of 10 MHz to 60 dB stopband attenuation over the transition band 
lying between 10 MHz and 20 MHz (one octave). Filter gives 6 dB attenuation per 
octave for each pole. Therefore, a minimum of 10 poles is required to provide the desired 
attenuation. This is a fairly aggressive filter and would involve high Q sections which 
would be difficult to align and manufacture. Filters become even more complex as the 
transition band becomes narrower. 
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Assume that we increase the DAC update rate to 60 MSPS and insert a "zero" between 
each original data sample. The parallel data stream is now 60 MSPS, but we must now 
determine the value of the zero-value data points. This is done by passing the 60 MSPS 
data stream with the added zeros through a digital interpolation filter which computes the 
additional data points. The response of the digital filter relative to the 2-times 
oversampling frequency is shown in Figure 6.35B. The analog antialiasing filter 
transition zone is now 10 MHz to 50 MHz (the first image occurs at 2f, — f, = 60 — 10 = 
50 MHz). This transition zone is a little greater than 2 octaves, implying that a 5-pole or 
6-pole Butterworth filter is sufficient. 
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Figure 6.35: Analog Filter Requirements for f, = 10 MHz: 
(A) f. = 30 MSPS, and (B) f, = 60 MSPS 


The AD9773/AD9775/AD9777 (12-/14-/16-bit) series of Transmit DACs (TxDAC) are 
selectable 2x, 4x, or 8x oversampling interpolating dual DACs, and a simplified block 
diagram is shown in Figure 6.36. These devices are designed to handle 12-/14-/16-bit 
input word rates up to 160 MSPS. The output word rate is 400 MSPS maximum. For an 
output frequency of 50 MHz, an input update rate of 160 MHz, and an oversampling ratio 
of 2x, the image frequency occurs at 320 MHz — 50 MHz = 270 MHz. The transition 
band for the analog filter is therefore 50 MHz to 270 MHz. Without 2x oversampling, the 
image frequency occurs at 160 MHz — 50 MHz = 110 MHz, and the filter transition band 
is 60 MHz to 110 MHz. 
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Figure 6.36: Oversampling Interpolating TxDAC Simplified Block Diagram 


Reconstruction Filters 


The output of a DAC is not a continuously varying waveform, but instead a series of dc 
levels. This output must be passed through a filter to remove the high frequency 
components and smooth waveform into a more truly analog waveform. 


The concept of filtering is discussed in more detail in Chapter 8. 


In general, to preserve spectral purity, the images of the DAC output must be attenuated 
below the resolution of DAC. To use the example sited above, we assume that the DAC 
output pass-band is 10 MHz. The sample rate is 30 MHz. Therefore the image of the 
pass-band that must be attenuated is 30 MHz — 10 MHz = 20 MHz. This is the sample 
rate minus the pass-band frequency. The DAC in this example is a 10-bit device, which 
would indicate a distortion level of —60 dB. So a reconstruction filter should reduce the 
image by 60 dB while not attenuating the fundamental at all. Since a filter attenuates at 

6 dB/pole, this would indicate that a 10" order filter would be required. 


There are several other considerations that must be taken into account. 

First is that most filter cutoffs are measured at the —3 dB point. Therefore, if we do not 
want the fundamental attenuated, some margin in the filter is required. The graphs in the 
filter section will help illustrate this point. This will cause the transition band to become 


narrower and thus the order of the filter to increase. 


Secondly, there is a phenomenon called “sinc.” 
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Sin(x)/(x) (sinc) 


The output of a D/A converter is not a continually varying wave form bit instead a series 
of DC levels. The DAC puts out a de level until it is told to put out a new level. This is 
illustrated in Figure 6.37. 


Figure 6.37: Output of a DAC 


The width of the pulses is 1/Fs. The spectrum of each pulse is the sin (x)/x curve. This is 
also known as the sinc curve. This response is added to the response of the reconstruction 
filter to provide the overall response of the converter. This will cause an amplitude error 
as the output frequency approaches the Nyquist frequency (Fs/2). The value of the sinc 
function is shown in Figure 6.38. Some high speed DACs incorporate an inverse filter 
(in the digital domain) to compensate for this rolloff. 
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Figure 6.38: Sinc (sin x/x) Curve (Normalized to Fs) 
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Intentionally Nonlinear DACs 


Thus far, we have emphasized the importance of maintaining good differential and 
integral linearity. However, there are situations where ADCs and DACs which have been 
made intentionally nonlinear (but maintaining good differential linearity) are useful, 
especially when processing signals having a wide dynamic range. One of the earliest uses 
of nonlinear data converters was in the digitization of voice-band signals for pulse code 
modulation (PCM) systems. Major contributions were made at Bell Labs during the 
development of the T1 carrier system. The motive for the nonlinear ADCs and DACs was 
to reduce the total number of bits (and therefore the serial transmission rate) required to 
digitize voice channels. Straight linear encoding of a voice channel required 11-bits or 
12-bits at an 8 kSPS per channel sampling rate. In the 1960s Bell Labs determined that 
7-bit nonlinear encoding was sufficient, and later in the 1970s went to 8-bit nonlinear 
encoding for better performance. 


The nonlinear transfer function allocates more quantization levels out of the total range 
for small signals and fewer for large amplitude signals. In effect, this reduces the 
quantization noise associated with small signals (where it is most noticeable) and 
increases the quantization noise for larger signals (where it is less noticeable). The term 
companding is generally used to describe this form of encoding. 


The logarithmic transfer function chosen is referred to as the “Bell 1-255” standard, or 
simply “p-law.” A similar standard developed in Europe is referred to as “A-law.” The 
Bell u-law allows a dynamic range of about 4000:1 using 8 bits, whereas an 8-bit linear 
data converter provides a range of only 256:1. 


The first generation channel bank (D1) used temperature controlled resistor-diode 
networks for “compressors” ahead of a 7-bit linear ADC in the transmitter to generate the 
logarithmic transfer function. Corresponding resistor-diode “expandors” having an 
inverse transfer function followed the 7-bit linear DAC in the receiver. The next 
generation D2 channel banks used nonlinear ADCs and DACs to accomplish the 
compression/expansion functions in a much more reliable and cost-effective manner and 
eliminated the need for the temperature-controlled diode networks. 


In his 1953 classic paper, B. D. Smith proposed that the transfer function of a successive 
approximation ADC utilizing a nonlinear internal DAC in the feedback path would be the 
inverse transfer function of the DAC (Reference 8). The same basic DAC could therefore 
be used in the ADC and also for the reconstruction DAC. Later in the 1960s and early 
1970s, nonlinear ADC and DAC technology using piecewise linear approximations of the 
desired transfer function allowed low cost, high volume implementations (References 18- 
23). These nonlinear 8-bit, 8-kSPS data converters became popular telecommunications 
building blocks. 


The nonlinear transfer function of the 8-bit DAC is first divided into 16 segments 
(chords) of different slopes—the slopes are determined by the desired nonlinear transfer 
function. The 4 MSBs determine the segment containing the desired data point, and the 
individual segment is further subdivided into 16 equal quantization levels by the 4 LSBs 
of the 8-bit word. This is shown in Figure 6.39 for a 6-bit DAC, where the first three bits 
identify one of the eight possible chords, and each chord is further subdivided into eight 
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equal levels defined by the 3 LSBs. The 3 MSBs are generated using a nonlinear string 
DAC, and the 3 LSBs are generated using a 3-bit binary R-2R DAC. 
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Figure 6.39: Nonlinear 6-Bit Segmented DAC 


In 1982, Analog Devices introduced the LOGDAC” AD7111 monolithic multiplying 
DAC featuring wide dynamic range using a logarithmic transfer function. The basic DAC 
in the LOGDAC is a linear 17-bit voltage-mode R-2R DAC preceded by an 8-bit input 
decoder (A functional diagram of the LOGDAC is shown in Figure 6.40). The LOGDAC 
can attenuate an analog input signal, Vin, over the range 0 dB to 88.5 dB in 0.375 dB 
steps. The degree of attenuation across the DAC is determined by a nonlinear-coded 8-bit 
word applied to the onboard decode logic. This 8-bit word is mapped into the appropriate 
17-bit word which is then applied to a 17-bit, R-2R ladder. In addition to providing the 
logarithmic transfer function, the LOGDAC also acts as a full four-quadrant multiplying 
DAC. 


With the introduction of high resolution linear ADCs and DACs, the method used in the 
LOGDAC is widely used today to implement various nonlinear transfer functions such as 
the u-law and A-law companding functions required for telecommunications and other 
applications. Figure 6.41 shows a general block diagram of the modern approach. The 
u-law or A-law companded input data is mapped into data points on the transfer function 
of a high resolution DAC. This mapping can be easily accomplished by a simple lookup 
table in either hardware, software, or firmware. A similar nonlinear ADC can be 
constructed by digitizing the analog input signal using a high resolution ADC and 
mapping the data points into a shorter word using the appropriate transfer function. A big 
advantage of this method is that the transfer curve does not have to be approximated with 
straight line segments as in the earlier method, thereby providing more accuracy. 
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Figure 6.40: AD7111 LOGDAC (Released 1982) 
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Figure 6.41: General Nonlinear DAC 


6.39 


[4 BASIC LINEAR DESIGN 


SECTION 6.2: ANALOG-TO-DIGITAL CONVERTER 
ARCHITECTURES 


The basic ADC function is shown in Figure 6.42. This could also be referred to as a 
quantizer. Most ADC chips also include some of the support circuitry, such as clock 
oscillator for the sampling clock, reference (REF), the sample and hold function, and 
output data latches. In addition to these basic functions, some ADCs have additional 
circuitry built in. These functions could include multiplexers, sequencers, auto-calibration 
circuits, programmable gain amplifiers (PGAs), etc. 
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Figure 6.42: Basic ADC Function 


Similar to DACs, some ADCs use external references and have a reference input 
terminal, while others have an output from an internal reference. In some instances, the 
ADC may have an internal reference that is pinned out through a resistor. This 
connection allows the reference to be filtered (using the internal R and an external C) or 
by allowing the internal reference to be overdriven by an external reference. The 
AD789X family of parts is an example of ADC that use this type of connection. The 
simplest ADCs, of course, have neither—the reference is on the ADC chip and has no 
external connections. 


If an ADC has an internal reference, its overall accuracy is specified when using that 
reference. If such an ADC is used with a perfectly accurate external reference, its 
absolute accuracy may actually be worse than when it is operated with its own internal 
reference. This is because it is trimmed for absolute accuracy when working with its own 
actual reference voltage, not with the nominal value. Twenty years ago it was common 
for converter references to have accuracies as poor as +5% since these references were 
trimmed for low temperature coefficient rather than absolute accuracy, and the 
inaccuracy of the reference was compensated in the gain trim of the ADC itself. Today 
the problem is much less severe, but it is still important to check for possible loss of 
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absolute accuracy when using an external reference with an ADC which has a built-in 
one. 


ADCs which have reference terminals must, of course, specify their behavior and 
parameters. If there is a reference input the first specification will be the reference input 
voltage—and of course this has two values, the absolute maximum rating, and the range 
of voltages over which the ADC performs correctly. 


Most ADCs require that their reference voltage is within quite a narrow range whose 
maximum value is less than or equal to the ADC's Vpp. 


The reference input terminal of an ADC may be buffered as shown in Figure 6.43, in 
which case it has input impedance (usually high) and bias current (usually low) 
specifications, or it may connect directly to the ADC. In either case, the transient currents 
developed on the reference input due to the internal conversion process need good 
decoupling with external low inductance capacitors. Good ADC data sheets recommend 
appropriate decoupling networks. 


Any, all or none of these pins may be 
connected internally or brought off the chip. 
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Figure 6.43: ADC with Reference and Buffer 


The reference output may be buffered or unbuffered. If it is buffered, the maximum 
output current will probably be specified. In general such a buffer will have a 
unidirectional output stage which sources current but does not allow current to flow into 
the output terminal. If the buffer does have a push-pull output stage (not as common), the 
output current will probably be defined as +(SOME VALUE) mA. If the reference output 
is unbuffered, the output impedance may be specified, or the data sheet may simply 
advise the use of a high input impedance external buffer. 

There are some instances where the power supply is the reference. In these cases it is 
imperative to make sure the power supply is clean. 
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The sampling clock input is a critical function in an ADC and a source of some 
confusion. It could truly be the sampling clock. This frequency would typically be 
several times higher than the sampling rate of the converter. It could also be a convert 
start (or encode) command which would happen once per conversion. Pipeline 
architecture devices and sigma delta (-A) converters are continuously converting and 
have no convert start command. 


Regardless of the ADC, it is extremely important to read the data sheet and determine 
exactly what the external clock requirements are, because they can vary widely from one 
ADC to another. 


At some point after the assertion of the sampling clock, the output data is valid. This data 
may be in parallel or serial format depending upon the ADC. Early successive 
approximation ADCs such as the AD574 simply provided a STATUS output (STS) 
which went high during the conversion, and returned to the low state when the output 
data was valid. In other ADCs, this line is variously called busy, end-of-conversion 
(EOC), data ready, etc. Regardless of the ADC, there must be some method of knowing 
when the output data is valid—and again, the data sheet is where this information can 
always be found. 


Another detail which can cause trouble is the difference between EOC and DRDY (data 
ready). EOC indicates that conversion has finished, DRDY that data is available at the 
output. In some ADCs, EOC functions as DRDY—in others, data is not valid until 
several tens of nanoseconds after the EOC has become valid, and if EOC is used as a data 
strobe, the results will be unreliable. 


There are one or two other practical points which are worth remembering about the logic 
of ADCs. On power-up, many ADCs do not have logic reset circuitry and may enter an 
anomalous logical state. Several conversions may be necessary to restore their logic to 
proper operation so: (a) the first few conversions after power-up should never be trusted, 
and (b) control outputs (EOC, data ready, etc.) may behave in unexpected ways at this 
time (and not necessarily in the same way at each power-up), and (c) care should be taken 
to ensure that such anomalous behavior cannot cause system latch-up. For example, EOC 
(end-of-conversion) should not be used to initiate conversion if there is any possibility 
that EOC will not occur until the first conversion has taken place, as otherwise initiation 
will never occur. 


Some low-power ADCs now have power-saving modes of operation variously called 
standby, power-down, sleep, etc. When an ADC comes out of one of these low-power 
modes, there is a certain recovery time required before the ADC can operate at its full 
specified performance. The data sheet should therefore be carefully studied when using 
these modes of operation. 


As a final example, some ADCs use CS (Chip Select) edges to reset internal logic, and it 
may not be possible to perform another conversion without asserting or reasserting CS 
(or it may not be possible to read the same data twice, or both). 

For more detail, it is important to read the whole data sheet before using an ADC since 
there are innumerable small logic variations from type to type. Unfortunately, many data 
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sheets are not as clear as one might wish, so it is also important to understand the general 
principles of ADCs in order to interpret data sheets correctly. That is one of the purposes 
of this section. 


There are a couple of general trend in ADCs that should be addressed. The first is the 
general trend toward lower supply voltages. This is partially due to the processes, 
particularly CMOS, which are used to manufacture the chips. Increasing demand for 
speed has driven the feature size of the processes down. This typically results in lower 
breakdown voltages for the transistors. This, in turn, requires lower supply voltages. Very 
few new parts are developed with the legacy +15 V supplies and +10 V input range. 


Since the input signal range of the ADCs is shrinking, there is also a trend towards 
differential inputs. This helps improve the dynamic range of a converter, typically by 
6 dB. There could be even further improvement since the common-mode ground 
referenced noise is rejected. In many cases the differential input can be driven single 
endedly (with the resultant reduction of SNR). Occasionally the REF input might also be 
differential. 
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The Comparator: A 1-Bit ADC 


A comparator is a 1-bit ADC (see Figure 6.44). If the input is above a threshold, the 
output has one logic value, below it has another. There is no ADC architecture which 
does not use at least one comparator of some sort. So while a 1 bit ADC is of very 
limited usefulness it is a building block for other architectures. 
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Figure 6.44: The Comparator: A 1-Bit ADC 


Comparators used as building blocks in ADCs need good resolution which implies high 
gain. This can lead to uncontrolled oscillation when the differential input approaches 
zero. In order to prevent this, hysteresis is often added to comparators using a small 
amount of positive feedback. Figure 6.44 shows the effects of hysteresis on the overall 
transfer function. Many comparators have a millivolt or two of hysteresis to encourage 
“snap” action and to prevent local feedback from causing instability in the transition 
region. Note that the resolution of the comparator can be no less than the hysteresis, so 
large values of hysteresis are generally not useful. 
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Successive Approximation ADCs 


The successive approximation ADC has been the mainstay of data acquisition for many 
years. Recent design improvements have extended the sampling frequency of these ADCs 
into the megahertz region. 


The basic successive approximation ADC is shown in Figure 6.45. It performs 
conversions on command. On the assertion of the CONVERT START command, the 
sample-and-hold (SHA) is placed in the hold mode, and all the bits of the successive 
approximation register (SAR) are reset to “0” except the MSB which is set to “1.” The 
SAR output drives the internal DAC. If the DAC output is greater than the analog input, 
this bit in the SAR is reset, otherwise it is left set. The next most significant bit is then set 
to “1.” If the DAC output is greater than the analog input, this bit in the SAR is reset, 
otherwise it is left set. The process is repeated with each bit in turn. When all the bits 
have been set, tested, and reset or not as appropriate, the contents of the SAR correspond 
to the value of the analog input, and the conversion is complete. These bit “tests” can 
form the basis of a serial output version SAR-based ADC. 
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Figure 6.45: Basic Successive Approximation ADC 
(Feedback Subtraction ADC) 


The fundamental timing diagram for a typical SAR ADC is shown in Figure 6.46. The 
end of conversion is generally indicated by an end-of-convert (EOC), data-ready 
(DRDY), or a busy signal (actually, not-BUSY indicates end of conversion). The 
polarities and name of this signal may be different for different SAR ADCs, but the 
fundamental concept is the same. At the beginning of the conversion interval, the signal 
goes high (or low) and remains in that state until the conversion is completed, at which 
time it goes low (or high). The trailing edge is generally an indication of valid output 


6.45 


[4 BASIC LINEAR DESIGN 


data, but the data sheet should be carefully studied—in some ADCs additional delay is 
required before the output data is valid. 
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Figure 6.46: Typical SAR ADC Timing 


An N-bit conversion takes N steps. It would seem on superficial examination that a 16-bit 
converter would have twice the conversion time of an 8-bit one, but this is not the case. 
In an 8-bit converter, the DAC must settle to 8-bit accuracy before the bit decision is 
made, whereas in a 16-bit converter, it must settle to 16-bit accuracy, which takes a lot 
longer. In practice, 8-bit successive approximation ADCs can convert in a few hundred 
nanoseconds, while 16-bit ones will generally take several microseconds. 


While there are some variations, the fundamental timing of most SAR ADCs is similar 
and relatively straightforward. The conversion process is initiated by asserting a 
CONVERT START signal. This signal is typically named something like CONVST or 
CS. This signal is a usually a negative-going pulse whose positive-going edge actually 
initiates the conversion. The internal sample-and-hold (SHA) amplifier is placed in the 
hold mode on this edge, and the various bits are determined using the SAR algorithm. 
The negative-going edge of the CONVST pulse causes a signal typically called EOC 
(End Of Conversion) or BUSY to go high. When the conversion is complete, the BUSY 
line goes low (or EOC goes high), indicating the completion of the conversion process. 
In most cases the trailing edge of the BUSY line can be used as an indication that the 
output data is valid and can be used to strobe the output data into an external register. 


There may also be other control lines. And sometimes control lines have dual function. 
This is primarily done when the chip is pin limited. Because of the many variations in 
terminology and design, the individual data sheet should always be consulted when using 
a specific ADC. 
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It should also be noted that some SAR ADCs require an external high frequency clock in 
addition to the CONVERT START command. In most cases, there is no need to 
synchronize the two. The frequency of the external clock, if required, generally falls in 
the range of 1 MHz to 30 MHz depending on the conversion time and resolution of the 
ADC. Other SAR ADCs have an internal oscillator which is used to perform the 
conversions and only require the CONVERT START command. Because of their 
architecture, SAR ADCs generally allow single-shot conversion at any repetition rate 
from dc to the converter's maximum conversion rate. 


Notice that the overall accuracy and linearity of the SAR ADC is determined primarily by 
the internal DAC. Until recently, most precision SAR ADCs used laser-trimmed thin-film 
DACs to achieve the desired accuracy and linearity. The thin-film resistor trimming 
process adds cost, and the thin-film resistor values may be affected when subjected to the 
mechanical stresses of packaging. 


For these reasons, switched capacitor (or charge-redistribution) DACs have become 
popular in newer SAR ADCs. The advantage of the switched capacitor DAC is that the 
accuracy and linearity is primarily determined by photolithography, which in turn 
controls the capacitor plate area and the capacitance as well as matching. In addition, 
small capacitors can be placed in parallel with the main capacitors which can be switched 
in and out under control of autocalibration routines to achieve high accuracy and linearity 
without the need for thin-film laser trimming. Temperature tracking between the switched 
capacitors can be better than | ppm/°C, thereby offering a high degree of temperature 
stability. 
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Figure 6.47: 3-Bit Switched Capacitor DAC 
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A simple 3-bit capacitor DAC is shown in Figure 6.47. The switches are shown in the 
track, or sample mode where the analog input voltage, Arn, is constantly charging and 
discharging the parallel combination of all the capacitors. The hold mode is initiated by 
opening Sin, leaving the sampled analog input voltage on the capacitor array. Switch Sc 
is then opened allowing the voltage at node A to move as the bit switches are 
manipulated. If S1, S2, S3, and S4 are all connected to ground, a voltage equal to —Amw 
appears at node A. Connecting S1 to Vrer adds a voltage equal to Vrrr/2 to —Ar. The 
comparator then makes the MSB bit decision, and the SAR either leaves S1 connected to 
Veer or connects it to ground depending on the comparator output (which is high or low 
depending on whether the voltage at node A is negative or positive, respectively). A 
similar process is followed for the remaining two bits. At the end of the conversion 
interval, S1, $2, S3, S4, and Sy are connected to Ayn, Sc is connected to ground, and the 
converter is ready for another cycle. 


Note that the extra LSB capacitor (C/4 in the case of the 3-bit DAC) is required to make 
the total value of the capacitor array equal to 2C so that binary division is accomplished 
when the individual bit capacitors are manipulated. 


The operation of the capacitor DAC (cap DAC) is similar to an R-2R resistive DAC. 
When a particular bit capacitor is switched to Vrer, the voltage divider created by the bit 
capacitor and the total array capacitance (2 C) adds a voltage to node A equal to the 
weight of that bit. When the bit capacitor is switched to ground, the same voltage is 
subtracted from node A. 


An example of charge redistribution successive approximation ADCs is Analog Devices’ 
PulSAR © series. The AD7677 is a 16-bit, 1-MSPS, PulSAR, fully differential, ADC that 
operates from a single 5 V power supply (see Figure 6.48). The part contains a high speed 
16-bit sampling ADC, an internal conversion clock, error correction circuits, and both 
serial and parallel system interface ports. The AD7677 is hardware factory calibrated and 
comprehensively tested to ensure such ac parameters as signal-to-noise ratio (SNR) and 
total harmonic distortion (THD), in addition to the more traditional dc parameters of gain, 
offset, and linearity. It features a very high sampling rate mode (Warp) and, for 
asynchronous conversion rate applications, a fast mode (Normal) and, for low power 
applications, a reduced power mode (Impulse) where the power is scaled with the 
throughput. 


The operation of a successive approximation ADC is as follows. Using Figure 6.49 as an 
example, one side of the balance is loaded with half scale (in this case 32 lbs.). Call this 
the proof mass. The test mass is then put on the other side of the balance. If the test mass 
is greater, as it is in this case, the proof mass is retained, otherwise it is discarded. Next a 
proof mass equal to 4 scale is added. Again, if the test mass 1s still greater the proof mass 
is retained, otherwise it is rejected. It the example it is rejected. This process is continued, 
each time cutting the proof mass in half, until the desired resolution is reached. The proof 
masses are added up. This will equal the mass of the test mass, to the resolution of the 
test. 
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Figure 6.48: AD7677 16-Bit 1-MSPS Switched Capacitor PulsAR ADC 


In a SAR ADC the proof mass is a voltage provided by the DAC. It is compared to the 
input, corresponding to the test mass, by the comparator. Keeping track of output of each 
test and setting the DAC is accomplished by the successive approximation register. 


The digital output is basically serial in nature, but SAR ADCs are generally available in 
both serial and parallel output formats. 
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Figure 6.49: Successive Approximation ADC Algorithm 
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Flash Converters 


Flash ADCs (sometimes called parallel ADCs) are the fastest type of ADC and use large 
numbers of comparators. An N-bit flash ADC consists of 2N resistors and 2N-1 
comparators arranged as in Figure 6.50. Each comparator has a reference voltage which 
is | LSB higher than that of the one below it in the chain. For a given input voltage, all 
the comparators below a certain point will have their input voltage larger than their 
reference voltage and a “1” logic output, and all the comparators above that point will 
have a reference voltage larger than the input voltage and a “0” logic output. The 2N—1 
comparator outputs therefore behave in a way analogous to a mercury thermometer, and 
the output code at this point is sometimes called a thermometer code. Since 2N-1 data 
outputs are not really practical, they are processed by a decoder to generate an N-bit 


binary output. 
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Figure 6.50: 3-Bit All-Parallel (Flash) Converter 


The input signal is applied to all the comparators at once, so the thermometer output is 
delayed by only one comparator delay from the input, and the encoder N-bit output by 
only a few gate delays on top of that, so the process is very fast. However, the 
architecture uses large numbers of resistors and comparators and is limited to low 
resolutions, and if it is to be fast, each comparator must run at relatively high power 
levels. Hence, the problems of flash ADCs include limited resolution, high power 
dissipation because of the large number of high speed comparators (especially at 
sampling rates greater than 50 MSPS), and relatively large (and therefore expensive) chip 
sizes. In addition, the resistance of the reference resistor chain must be kept low to supply 
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adequate bias current to the fast comparators, so the voltage reference has to source quite 
large currents (typically > 10 mA). 


Each comparator has a voltage-variable junction capacitance, and this signal-dependent 
capacitance results in most flash ADCs having reduced ENOB and higher distortion at 
high input frequencies. For this reason, most flash converters must be driven with a 
wideband op amp which is tolerant to the capacitive load presented by the converter as 
well as high speed transients developed on the input. 


Power dissipation is always a big consideration in flash converters, especially at 
resolutions above eight bits. A clever technique was used AD9410 10-bit, 210 MSPS 
ADC called interpolation to minimize the number of preamplifiers in the flash converter 
comparators and also reduce the power (2.1 W). The method is shown in Figure 6.51 (see 
reference). 
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Figure 6.51: “Interpolating” Flash Reduces the Number 
of Preamplifiers by Factor of Two 


The preamplifiers (labeled “A1,” “A2,” etc.) are low-gain g,, stages whose bandwidth is 
proportional to the tail currents of the differential pairs. Consider the case for a positive- 
going ramp input which is initially below the reference to AMP Al, V1. As the input 
signal approaches V1, the differential output of Al approaches zero (i.e., A =A ), and the 
decision point is reached. The output of Al drives the differential input of LATCH 1. As 
the input signals continues to go positive, A continues to go positive, and B begins to go 
negative. The interpolated decision point is determined when A = B. As the input 
continues positive, the third decision point is reached when B = B. This novel 
architecture reduces the ADC input capacitance and thereby minimizes its change with 
signal level and the associated distortion. The AD9410 also uses an input sample-and- 
hold circuit for improved ac linearity. 
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Subranging, Error Corrected, and Pipelined ADCs 


A basic, two-stage N-bit subranging ADC is shown in Figure 6.52. The ADC is based on 
two separate conversions—a coarse conversion (N1 bits) in the MSB sub-ADC (SADC) 
followed by a fine conversion (N2 bits) in the LSB sub-ADC. Early subranging ADCs 
nearly always used flash converters as building blocks, but a number of recent ADCs 
utilize other architectures for the individual ADCs. 


The conversion process begins placing the sample-and-hold in the hold mode followed by 
a coarse N1-bit sub-ADC (SADC) conversion of the MSBs. The digital outputs of the 
MSB converter drive an N1-bit sub-DAC (SDAC) which generates a coarsely quantized 
version of the analog input signal. The N1-bit SDAC output is subtracted from the held 
analog signal, amplified, and applied to the N2-bit LSB SADC. The amplifier provides 
gain, G, sufficient to make the “residue” signal exactly fill the input range of the 
N2 SADC. The output data from the Nl SADC and the N2 SADC are latched into the 
output registers yielding the N-bit digital output code, where N = N1 + N2. 
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Figure 6.52: N-bit Two-Stage Subranging ADC 


In order for this simple subranging architecture to work satisfactorily, both the N1 SADC 
and SDAC (although they only have N1 bits of resolution) must be better than N-bits 
accurate. The residue signal offset and gain must be adjusted such that it precisely fills 
the range of the N2 SADC as shown in Figure 3.66A. If the residue signal drifts by more 
than 1 LSB (referenced to the N2 SADC), then there will be missing codes as shown in 
Figure 3.66B where the residue signal enters the out-of-range regions labeled “X” and 
“Y.” Any nonlinearity or drift in the N1 SADC will also cause missing codes if it exceeds 
1 LSB referenced to N-bits. In practice, an 8-bit subranging ADC with N1 = 4 bits and 
N2 = 4 bits represents a realistic limit to this architecture in order to maintain no missing 
codes over a reasonable operating temperature range. 
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Figure 6.53: Residue Waveforms at Input of N2 Sub-ADC 


When the interstage alignment is not correct, missing codes will appear in the overall 
ADC transfer function as shown in Figure 6.54. If the residue signal goes into positive 
overrange (the “X” region), the output first “sticks” on a code and then “jumps” over a 
region leaving missing codes. The reverse occurs if the residue signal is negative 
overrange. 
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Figure 6.54: Missing Codes Due to MSB SADC Nonlinearity or 
Interstage Misalignment 
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In order to reliably achieve higher than 8-bit resolution using the subranging approach, a 
technique generally referred to as digital corrected subranging, digital error correction, 
overlap bits, redundant bits, etc. is utilized. 


Figure 6.55 shows two methods that can be used to design a pipeline stage in a 
subranging ADC. Figure 6.55A shows two pipelined stages which use an interstage T/H 
in order to provide interstage gain and give each stage the maximum possible amount of 
time to process the signal at its input. In Figure 6.55B a multiplying DAC is used to 
provide the appropriate amount of interstage gain as well as the subtraction function. 
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Figure 6.55: Generalized Pipeline Stages in a 
Subranging ADC with Error Correction 


The term “pipelined” architecture refers to the ability of one stage to process data from 
the previous stage during any given clock cycle. At the end of each phase of a particular 
clock cycle, the output of a given stage is passed on to the next stage using the T/H 
functions and new data is shifted into the stage. Of course this means that the digital 
outputs of all but the last stage in the “pipeline” must be stored in the appropriate number 
of shift registers so that the digital data arriving at the correction logic corresponds to the 
same sample. 


Figure 6.56 shows a timing diagram of a typical pipelined subranging ADC. Notice that 
the phases of the clocks to the T/H amplifiers are alternated from stage to stage such that 
when a particular T/H in the ADC enters the hold mode it holds the sample from the 
preceding T/H, and the preceding T/H returns to the track mode. The held analog signal 
is passed along from stage to stage until it reaches the final stage in the pipelined ADC— 
in this case, a flash converter. When operating at high sampling rates, it is critical that the 
differential sampling clock be kept at a 50% duty cycle for optimum performance. Duty 


6.54 


CONVERTERS 
ANALOG-TO-DIGITAL CONVERTER ARCHITECTURES 


cycles other than 50% affect all the T/H amplifiers in the chain—some will have longer 
than optimum track times and shorter than optimum hold times; while others suffer 
exactly the reverse condition. Several newer pipelined ADCs including the 12-bit, 65- 
MSPS AD9235 and the 12-bit, 210-MSPS AD9430 have on-chip clock conditioning 
circuits to control the internal duty cycle while allowing some variation in the external 
clock duty cycle. 
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Figure 6.56: Clock Issues in Pipelined ADCs 


The effects of the “pipeline” delay (sometimes called latency) in the output data as shown 
in Figure 6.57 for the AD9235 12-bit 65-MSPS ADC where there is a 7-clock cycle 
pipeline delay. 


N+2 N+8 


ANALOG 


N N+1 
| 

INPUT 

| 

I 

| 

| 


I 
Pout —XN-2 X_N-s X_n-7 X neo X nos X nea X nes X ne2 X nei XN) 


te! Mt top = 6.0ns MAX 
1 2.0ns MIN 


PIPELINE DELAY (LATENCY) = 7 CLOCK CYCLES i 


Figure 6.57: Typical Pipelined ADC Timing for AD9235 1 2-Bit, 65-MSPS ADC 
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Note that the pipeline delay is a function of the number of stages and the particular 
architecture of the ADC under consideration—the data sheet should always be consulted 
for the exact details of the relationship between the sampling clock and the output data 
timing. In many applications the pipeline delay will not be a problem, but if the ADC is 
inside a feedback loop the pipeline delay may cause instability. The pipeline delay can 
also be troublesome in multiplexed applications or when operating the ADC in a "single- 
shot" mode. Other ADC architectures—such as successive approximation—may be better 
suited to these types of applications. 


The pipelined error correcting ADC has become very popular in modern ADCs requiring 
wide dynamic range and low levels of distortion. There are many possible ways to design 
a pipelined ADC, and we will now look at just a few of the tradeoffs. Figure 6.58A shows 
a pipelined ADC designed with identical stages of k-bits each. This architecture uses the 
same core hardware in each stage, offers a few other advantages, but does necessarily 
optimize the ADC for best possible performance. Figure 6.58B shows the simplest form 
of this architecture where k = 1. 
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Figure 6.58: Basic Pipelined ADC with Identical Stages 


In order to optimize performance at the 12-bit level, for example, 1-bit per stage pipeline 
is more commonly used with a multibit front-end and back-end ADC as shown in 
Figure 6.59. 


Another less popular type of error corrected subranging architecture is the recirculating 
subranging ADC. The concept is similar to the error corrected subranging architecture 
previously discussed, but in this architecture, the residue signal is recirculated through a 
single ADC and DAC stage using switches and a programmable gain amplifier (PGA). 
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The major problem with this technique is the PGA. Its gain bandwidth product will limit 
the frequency response at higher gains. Also matching of the various gains could be 
problematic. 


1-BIT PIPELINED STAGES 


Figure 6.59: Multibit and 1-Bit Pipelined Core Combined 
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Figure 6.60: Kinniment, et. al., 1966 Pipelined 7-bit, 9-MSPS 
Recirculating ADC Architecture 
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Serial Bit-Per-Stage Binary and Gray Coded (Folding) ADCs 


Various architectures exist for performing A/D conversion using one stage per bit. 
Figure 6.61 shows the overall concept. In fact, a multistage subranging ADC with one bit 
per stage and no error correction is one form as previously discussed. In this approach, 
the input signal must be held constant during the entire conversion cycle. There are 
N stages, each of which has a bit output and a residue output. The residue output of one 
stage is the input to the next. The last bit is detected with a single comparator as shown. 
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Figure 6.61: Generalized Bit-Per-Stage ADC Architecture 
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Figure 6.62: Single-Stage Transfer Function for Binary ADC 
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The basic stage for performing a single binary bit conversion is shown in Figure 6.62. It 
consists of a gain-of-two amplifier, a comparator, and a 1-bit DAC. Assume that this is 
the first stage of the ADC. The MSB is simply the polarity of the input, and that is 
detected with the comparator which also controls the 1-bit DAC. The 1-bit DAC output is 
summed with the output of the gain-of-two amplifier. The resulting residue output is then 
applied to the next stage. In order to better understand how the circuit works, the diagram 
shows the residue output for the case of a linear ramp input voltage which traverses the 
entire ADC range, —Vp to +Vr. Notice that the polarity of the residue output determines 
the binary bit output of the next stage. 


A simplified 3-bit serial-binary ADC is shown in Figure 6.63, and the residue outputs are 
shown in Figure 6.64. Again, the case is shown for a linear ramp input voltage whose 
range is between —Vr and +Vr. Each residue output signal has discontinuities which 
correspond to the point where the comparator changes state and causes the DAC to 
switch. The fundamental problem with this architecture is the discontinuity in the residue 
output waveforms. Adequate settling time must be allowed for these transients to 
propagate through all the stages and settle at the final comparator input. As presented 
here, the prospects of making this architecture operate at high speed are dismal. However 
using the 1.5-bit-per stage pipelined architecture previously discussed in this section 
makes it much more attractive at high speeds. 
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Figure 6.63: 3-Bit Serial ADC with Binary Output 


Although the binary method is discussed in his paper, B. D. Smith also describes a much 
preferred bit-per-stage architecture based on absolute value amplifiers (magnitude 
amplifiers, or simply MagAMPs™). This scheme has often been referred to as serial- 
Gray (since the output coding is in Gray code), or folding converter because of the shape 
of the transfer function. Performing the conversion using a transfer function that produces 
an initial Gray code output has the advantage of minimizing discontinuities in the residue 
output waveforms and offers the potential of operating at much higher speeds than the 
binary approach. 


6.59 


[4 BASIC LINEAR DESIGN 


INPUT 0 


BINARY; 000 : 001: 010 : 011: 100 | 101 |: 110 : 111 
CODE ! ; 


Figure 6.64: Input and Residue Waveforms of 3-Bit Binary Ripple ADC 


The basic folding stage is shown functionally in Figure 6.65 along with its transfer 
function. The input to the stage is assumed to be a linear ramp voltage whose range is 
between —Vpr and +Vr. The comparator detects the polarity of the input signal and 
provides the Gray bit output for the stage. It also determines whether the overall stage 
gain is +2 or —2. The reference voltage Vp is summed with the switch output to generate 
the residue signal which is applied to the next stage. The polarity of the residue signal 
determines the Gray bit for the next stage. The transfer function for the folding stage is 
also shown in Figure 6.65. 
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Figure 6.65: Folding Stage Functional Equivalent Circuit 
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A 3-bit MagAMP folding ADC is shown in Figure 6.66, and the corresponding residue 
waveforms in Figure 6.67. As in the case of the binary ripple ADC, the polarity of the 
residue output signal of a stage determines the value of the Gray bit for the next stage. 
The polarity of the input to the first stage determines the Gray MSB; the polarity of R1 
output determines the Gray bit-2; and the polarity of R2 output determines the Gray bit-3. 
Notice that unlike the binary ripple ADC, there is no abrupt transition in any of the 
folding stage residue output waveforms. This makes operation at high speeds quite 
feasible. 
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Figure 6.66: 3-bit Folding ADC Block Diagram 
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Figure 6.67: Input and Residue Waveforms for 3-Bit Folding ADC 
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Modern IC circuit designs implement the transfer function using current-steering open- 
loop gain techniques which can be made to operate much faster. Fully differential stages 
(including the SHA) also provide speed, lower distortion, and yield 8-bit accurate folding 
stages with no requirement for thin film resistor laser trimming. 


An example of a fully differential gain-of-two MagAMP folding stage is shown in 

Figure 6.68. The differential input signal is applied to the degenerated-emitter differential 
pair QI, Q2 and the comparator. The differential input voltage is converted into a 
differential current which flows in the collectors of QI, Q2. If +IN is greater than —IN, 
cascode-connected transistors Q3, Q6 are on, and Q4, Q6 are off. The differential signal 
currents therefore flow through the collectors of Q3, Q6 into level-shifting transistors Q7, 
Q8, and into the output load resistors, developing the differential output voltage between 
+OUT and —OUT. The overall differential voltage gain of the circuit is two. 


If +IN is less than —IN (negative differential input voltage), the comparator changes stage 
and turns Q4, Q5 on and Q3, Q6 off. The differential signal currents flow from Q5 to Q7 
and from Q4 to Q8, thereby maintaining the same relative polarity at the differential 
output as for a positive differential input voltage. The required offset voltage is developed 
by adding a current IopfF to the emitter current of Q7 and subtracting it from the emitter 
current of Q8. 


The differential residue output voltage of the stage drives the next stage input, and the 
comparator output represents the Gray code output for the stage. 
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Figure 6.68: A Modern Current-Steering MagAMP Stage 


6.62 


CONVERTERS 
ANALOG-TO-DIGITAL CONVERTER ARCHITECTURES 


The MagAMP architecture offers lower power and can be extended to sampling rates 
previously dominated by flash converters. For example, the AD9054A 8-bit, 200 MSPS 
ADC is shown in Figure 6.69. The first five bits (Gray code) are derived from five 
differential MagAMP stages. The differential residue output of the fifth MagAMP stage 
drives a 3-bit flash converter, rather than a single comparator. 


The Gray-code output of the five MagAMPs and the binary-code output of the 3-bit flash 
are latched, all converted into binary, and latched again in the output data register. 
Because of the high data rate, a demultiplexed output option is provided. 
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Figure 6.69: AD9054A 8-bit, 200-MSPS ADC Functional Diagram 
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Counting and Integrating ADC Architectures 


Although counting-based ADCs are not well suited for high speed applications, they are 
ideal for high resolution, low frequency applications, especially when combined with 
integrating techniques. 
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U.S. Patent 2,272,070, Filed November 22, 1939, Issued February 3, 1942 


Figure 6.70: A. H. Reeves’ 5-bit Counting ADC 


The counting ADC technique (see Figure 6.70) basically uses a sampling pulse to take a 
sample of the analog signal, set an R/S flip-flop, and simultaneously start a controlled 
ramp voltage. The ramp voltage is compared with the input, and when they are equal, a 
pulse is generated which resets the R/S flip-flop. The output of the flip-flop is a pulse 
whose width is proportional to the analog signal at the sampling instant. This pulse width 
modulated (PWM) pulse controls a gated oscillator, and the number of pulses out of the 
gated oscillator represents the quantized value of the analog signal. This pulse train can 
be easily converted to a binary word by driving a counter. In Reeves' system, a master 
clock of 600 kHz was used, and a 100:1 divider generated the 6-kHz sampling pulses. 
The system uses a 5-bit counter, and 31 counts (out of the 100 counts between sampling 
pulses) therefore represents a full-scale signal. The technique can obviously be extended 
to higher resolutions. 
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Charge Run-Down ADCs 


The charge run-down ADC architecture shown in Figure 6.71 first samples the analog 
input and stores the voltage on a fixed capacitor. The capacitor is then discharged with a 
constant current source, and the time required for complete discharge is measured using a 
counter. Notice that in this approach, the overall accuracy is dependent on the magnitude 
of the capacitor, the magnitude of the current source, as well as the accuracy of the 
timebase. 
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Figure 6.71 Charge Run-Down ADC 


Ramp Run-Up ADCs 


In the ramp run-up architecture shown in Figure 6.71, a ramp generator is started at the 
beginning of the conversion cycle. The counter then measures the time required for the 
ramp voltage to equal the analog input voltage. The counter output is therefore 
proportional to the value of the analog input. In an alternate version (shown dotted in 
Figure 6.72), the ramp voltage generator is replaced by a DAC which is driven by the 
counter output. The advantage of using the ramp is that the ADC is always monotonic, 
whereas overall monotonicity is determined by the DAC when it is used as a substitute. 


The accuracy of the ramp run-up ADC depends on the accuracy of the ramp generator (or 
the DAC) as well as the oscillator. 
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Figure 6.72: Ramp Run-Up ADC 


Tracking ADCs 


The tracking ADC architecture shown in Figure 6.73 continually compares the input 
signal with a reconstructed representation of the input signal. The up/down counter is 
controlled by the comparator output. If the analog input exceeds the DAC output, the 
counter counts up until they are equal. If the DAC output exceeds the analog input, the 
counter counts down until they are equal. It is evident that if the analog input changes 
slowly, the counter will follow, and the digital output will remain close to its correct 
value. If the analog input suddenly undergoes a large step change, it will be many 
hundreds or thousands of clock cycles before the output is again valid. The tracking ADC 
therefore responds quickly to slowly changing signals, but slowly to a quickly changing 
one. 


The simple analysis above ignores the behavior of the ADC when the analog input and 
DAC output are nearly equal. This will depend on the exact nature of the comparator and 
counter. If the comparator is a simple one, the DAC output will cycle by 1 LSB from just 
above the analog input to just below it, and the digital output will, of course, do the same 
—there will be | LSB of flicker. Note that the output in such a case steps every clock 
cycle, irrespective of the exact value of analog input, and hence always has unity 
Mark/Space ratio. In other words, there is no possibility of taking a mean value of the 
digital output and increasing resolution by oversampling. 
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Figure 6.73: Tracking ADC 


A more satisfactory, but more complex arrangement would be to use a window 
comparator with a window 1-2 LSB wide. When the DAC output is high or low the 
system behaves as in the previous description, but if the DAC output is within the 
window, the counter stops. This arrangement eliminates the flicker, provided that the 
DAC DNL never allows the DAC output to step across the window for 1 LSB change in 
code. 


Tracking ADCs are not very common. Their slow step response makes them unsuitable 
for many applications, but they do have one asset: their output is continuously available. 
Most ADCs perform conversions: i.e., on receipt of a “start convert” command (which 
may be internally generated), they perform a conversion and, after a delay, a result 
becomes available. Providing that the analog input changes slowly, the output of a 
tracking ADC is always available. This is valuable in synchro-to-digital and resolver to 
digital converters (SDCs and RDCs), and this is the application where tracking ADCs are 
most often used. Another valuable characteristic of tracking ADCs is that a fast transient 
on the analog input causes the output to change only one count. This is very useful in 
noisy environments. Notice the similarity between a tracking ADC and a successive 
approximation ADC. Replacing the up/down counter with SAR logic yields the 
architecture for a successive approximation ADC. 
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Voltage-to-Frequency Converters (VFCs) 


A voltage-to-frequency converter (VFC) is an oscillator whose frequency is linearly 
proportional to a control voltage (a high accuracy VCO). The VFC/counter ADC is 
monotonic and free of missing codes, integrates noise, and can consume very little power. 
It is also very useful for telemetry applications, since the VFC, which is small, cheap, and 
low-powered can be mounted on the experimental subject (patient, wild animal, artillery 
shell, etc.) and communicate with the counter by a telemetry link as shown in 
Figure 6.74. 


There are two common VFC architectures: the current- steering multivibrator VFC and 
the charge-balance VFC. The charge-balanced VFC may be made in asynchronous or 
synchronous (clocked) forms. There are many more VFO (variable frequency oscillator) 
architectures, including the ubiquitous 555 timer, but the key feature of VFCs is 
linearity—few VFOs are very linear. 
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Figure 6.74: Voltage-to-Frequency Converter (VFC) and Frequency Counter 
Make a Low Cost, Versatile, High-Resolution ADC 


The current-steering multivibrator VFC is actually a current-to-frequency converter 
rather than a VFC, but, as shown in Figure 6.75, practical circuits invariably contain a 
voltage-to-current converter at the input. The principle of operation is evident: the current 
discharges the capacitor until a threshold is reached, and when the capacitor terminals are 
reversed, the half-cycle repeats itself. The waveform across the capacitor is a linear 
tri-wave, but the waveform on either terminal with respect to ground is the more complex 
waveform shown. 


Practical VFCs of this type have linearities around 14-bits, and comparable stability, 
although they may be used in ADCs with higher resolutions without missing codes. The 
performance limits are set by comparator threshold noise, threshold temperature 
coefficient, and the stability and dielectric absorption (DA) of the capacitor, which is 
generally a discrete component. The comparator/voltage reference structure shown in the 
diagram is more of a representation of the function performed than the actual circuit used, 
which is much more integrated with the switching, and correspondingly harder to 
analyze. 
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Figure 6.75: A Current Steering VFC 


This type of VFC is simple, inexpensive, and low powered, and most run from a wide 
range of supply voltages. They are ideally suited for low cost medium accuracy (12 bit) 
ADC and data telemetry applications. 


The charge balance VFC shown in Figure 6.76 is more complex, more demanding in its 
supply voltage and current requirements, and more accurate. It is capable of 16-bit to 
18-bit linearity. 
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Figure 6.76: Charge Balance Voltage-to-Frequency Converter (VFC) 
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The integrator capacitor charges from the signal as shown in Figure 6.76. When it passes 
the comparator threshold, a fixed charge is removed from the capacitor, but the input 
current continues to flow during the discharge, so no input charge is lost. The fixed 
charge is defined by the precision current source and the pulse width of the precision 
monostable. The output pulse rate is thus accurately proportional to the rate at which the 
integrator charges from the input. 


At low frequencies, the limits on the performance of this VFC are set by the stability of 
the current source and the monostable timing (which depends on the monostable 
capacitor, among other things). The absolute value and temperature stability of the 
integration capacitor do not affect the accuracy, although its leakage and dielectric 
absorption (DA) do. At high frequencies, second-order effects, such as switching 
transients in the integrator and the precision of the monostable when it is retriggered very 
soon after the end of a pulse, take their toll on accuracy and linearity. 


The changeover switch in the current source addresses the integrator transient problem. 
By using a changeover switch instead of the on/off switch more common on older VFC 
designs: (a) there are no on/off transients in the precision current source and (b) the 
output stage of the integrator sees a constant load—most of the time the current from the 
source flows directly in the output stage; during charge balance, it still flows in the output 
stage, but through the integration capacitor. 


The stability and transient behavior of the precision monostable present more problems, 
but the issue may be avoided by replacing the monostable with a clocked bistable 
multivibrator. This arrangement is known as a synchronous VFC or SVFC and is shown 
in Figure 6.77. 
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Figure 6.77: Synchronous VFC (SVFC) 
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The difference from the previous circuit is quite small, but the charge balance pulse 
length is now defined by two successive edges of the external clock. If this clock has low 
jitter, the charge will be very accurately defined. The output pulse will also be 
synchronous with the clock. SVFCs of this type are capable of up to 18-bit linearity and 
excellent temperature stability. 


This synchronous behavior is convenient in many applications, since synchronous data 
transfer is often easier to handle than asynchronous. It does mean, however, that the 
output of an SVFC is not a pure tone (plus harmonics, of course) like a conventional 
VFC, but contains components harmonically related to the clock frequency. The display 
of an SVFC output on an oscilloscope is especially misleading and is a common cause of 
confusion—a change of input to a VFC produces a smooth change in the output 
frequency, but a change to an SVFC produces a change in probability density of output 
pulses N and N+1 clock cycles after the previous output pulse, which is often 
misinterpreted as severe jitter and a sign of a faulty device (see Figure 6.78). 


Another problem with SVFCs is nonlinearity at output frequencies related to the clock 
frequency. If we study the transfer characteristic of an SVFC, we find nonlinearities close 
to sub-harmonics of the clock frequency Fc as shown in Figure 6.79. They can be found 
at F(/3, Fc/4, and Fc/6. This is due to stray capacitance on the chip (and in the circuit 
layout!) and coupling the clock signal into the SVFC comparator which causes the device 
to behave as an injection-locked, phase-locked loop (PLL). This problem is intrinsic to 
SVFCs, but is not often serious: if the circuit card is well laid out, and clock amplitude 
and dv/dts kept as low as practical, the effect is a discontinuity in the transfer 
characteristic of less than 8 LSBs (at 18-bit resolution) at Fc¢/3 and F¢/4, and less at other 
sub-harmonics. This is frequently tolerable, since the frequencies where it occurs are 
known. Of course, if the circuit layout or decoupling is poor, the effect may be much 
larger, but this is the fault of poor design and not the SVFC itself. 
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Figure 6.78: VFC and SVFC Waveforms 


6.71 


[4 BASIC LINEAR DESIGN 


FS 
OUTPUT 
FREQUENCY 
NONLINEARITIES CAUSED BY 
INJECTION LOCKING DUE TO CLOCK 
2/3 FS FEEDTHROUGH 
SHOULD ONLY BE 6-8 LSBs AT 
1/2 FS 18-BITS WITH PROPER LAYOUT AND 
DECOUPLING 
1/3 FS NONLINEARITIES OCCUR AT 


SUBHARMONICS OF THE CLOCK, 
WHERE FS = F,, ,,,/2 


INPUT 
Figure 6.79: SVFC Nonlinearity 


It is evident that the SVFC is quantized, while the basic VFC is not. It does NOT follow 
from this that the counter/VFC ADC has higher resolution (neglecting nonlinearities) 
than the counter/SVFC ADC, because the clock in the counter also sets a limit to the 
resolution. 


When a VFC has a large input, it runs quickly and (counting for a short time) gives good 
resolution, but it is hard to get good resolution in a reasonable sample time with a 
slow-running VFC. In such a case, it may be more practical to measure the period of the 
VFC output (this does not work for an SVFC), but of course the resolution of this system 
deteriorates as the input (and the frequency) increases. However, if the counter/timer 
arrangement is made “smart,” it is possible to measure the approximate VFC frequency 
and the exact period of not one, but N cycles (where the value of N is determined by the 
approximate frequency), and maintain high resolution over a wide range of inputs. The 
AD1170 modular ADC released in 1986 is an example of this architecture. 


VFCs have more applications than as a component in ADCs. Since their output is a pulse 
stream, it may easily be sent over a wide range of transmission media (PSN, radio, 
optical, IR, ultrasonic, etc.). It need not be received by a counter, but by another VFC 
configured as a frequency-to-voltage converter (FVC). This gives an analog output, and a 
VFC-FVC combination is a very useful way of sending a precision analog signal across 
an isolation barrier. 
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Dual Slope/Multi-Slope ADCs 


The dual-slope ADC architecture was truly a breakthrough in ADCs for high resolution 
applications such as digital voltmeters (DVMs), etc. A simplified diagram is shown in 
Figure 6.80, and the integrator output waveforms are shown in Figure 6.81. 
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Figure 6.81: Dual Slope ADC Integrator Output Waveforms 


The input signal is applied to an integrator; at the same time a counter is started, counting 
clock pulses. After a predetermined amount of time (T), a reference voltage having 
opposite polarity is applied to the integrator. At that instant, the accumulated charge on 
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the integrating capacitor is proportional to the average value of the input over the interval 
T. The integral of the reference is an opposite-going ramp having a slope of Vrgrr/RC. At 
the same time, the counter is again counting from zero. When the integrator output 
reaches zero, the count is stopped, and the analog circuitry is reset. Since the charge 
gained is proportional to Vin - T, and the equal amount of charge lost is proportional to 
Vrer * tx, then the number of counts relative to the full scale count is proportional to t,/T, 
or Vin/Vrer. If the output of the counter is a binary number, it will therefore be a binary 
representation of the input voltage. 


Dual-slope integration has many advantages. Conversion accuracy is independent of both 
the capacitance and the clock frequency, because they affect both the up-slope and the 
down-slope by the same ratio. 


The fixed input signal integration period results in rejection of noise frequencies on the 
analog input that have periods that are equal to or a sub-multiple of the integration time 
T. Proper choice of T can therefore result in excellent rejection of 50-Hz or 60-Hz line 
ripple as shown in Figure 6.82. 


Errors caused by bias currents and the offset voltages of the integrating amplifier and the 
comparator as well as gain errors can be cancelled by using additional charge/discharge 


cycles to measure “zero” and “full-scale” and using the results to digitally correct the 
initial measurement, as in the quad-slope architecture. 
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Figure 6.82: Frequency Response of Integrating ADC 
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The triple-slope architecture retains the advantages of the dual-slope, but greatly 
increases the conversion speed at the cost of added complexity. The increase in 
conversion speed is achieved by accomplishing the reference integration (ramp-down) at 
two distinct rates: a high-speed rate, and a “vernier” lower speed rate. The counter is 
likewise divided into two sections, one for the MSBs and one for the LSBs. In a properly 
designed triple-slope converter, a significant increase in speed can be achieved while 
retaining the inherent linearity, differential linearity, and stability characteristics 
associated with dual-slope ADCs. 
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Resolver-to-Digital Converters (RDCs) and Synchros 


Machine-tool and robotics manufacturers have increasingly turned to resolvers and 
synchros to provide accurate angular and rotational information. These devices excel in 
demanding factory applications requiring small size, long-term reliability, absolute 
position measurement, high accuracy, and low noise operation. 


A diagram of a typical synchro and resolver is shown in Figure 6.83. Both synchros and 
resolvers employ single-winding rotors that revolve inside fixed stators. In the case of a 
simple synchro, the stator has three windings oriented 120° apart and electrically 
connected in a Y-connection. Resolvers differ from synchros in that their stators have 
only two windings oriented at 90°. 


= STATOR S2 
ROTOR SYNCHRO 
R41 


$1 TO S3=V sin at sin 0 
$3 TO S2 =V sin ot sin (6 + 120°) 
$2 TO S1 =V sin ot sin (8 + 240°) 


Vsin ot 


R2 
$3 
RESOLVER 
s4 =o 
—> $1 TO S3=V sin wt sin 6 
STATOR STATOR $4 TO S2=Vsin at sin (6 + 90°) 


=V sin wt cos 0 


Figure 6.83: Synchros and Resolvers 


Because synchros have three stator coils in a 120° orientation, they are more difficult than 
resolvers to manufacture and are therefore more costly. Today, synchros find decreasing 
use, except in certain military and avionic retrofit applications. 


Modern resolvers, in contrast, are available in a brushless form that employ a transformer 
to couple the rotor signals from the stator to the rotor. The primary winding of this 
transformer resides on the stator, and the secondary on the rotor. Other resolvers use 
more traditional brushes or slip rings to couple the signal into the rotor winding. 
Brushless resolvers are more rugged than synchros because there are no brushes to break 
or dislodge, and the life of a brushless resolver is limited only by its bearings. Most 
resolvers are specified to work over 2 V to 40 V rms and at frequencies from 400 Hz to 
10 kHz. Angular accuracies range from 5 arc-minutes to 0.5 arc-minutes. (There are 
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60 arc-minutes in one degree, and 60 arc-seconds in one arc-minute. Hence, one 
arc-minute is equal to 0.0167 degrees). 


In operation, synchros and resolvers resemble rotating transformers. The rotor winding is 
excited by an ac reference voltage, at frequencies up to a few kHz. The magnitude of the 
voltage induced in any stator winding is proportional to the sine of the angle, 0, between 
the rotor coil axis and the stator coil axis. In the case of a synchro, the voltage induced 
across any pair of stator terminals will be the vector sum of the voltages across the two 
connected coils. 


For example, if the rotor of a synchro is excited with a reference voltage, Vsinmt, across 
its terminals R1 and R2, then the stator's terminal will see voltages in the form: 


S1 to S3 = V sinat sinO Eq. 6.1 
S3 to S2 = V sinat sin (6 + 120°) Eq. 6.2 
S2 to S1 = V sinat sin (0 + 240°), Eq. 6.3 


where @is the shaft angle. 


In the case of a resolver, with a rotor ac reference voltage of Vsinot, the stator's terminal 
voltages will be: 


S1 to S3 = V sinat sin 0 Eq. 6.4 
S4 to S2 = V sinwt sin(@ + 90°) = V sinat cosd. Eq. 6.5 


It should be noted that the 3-wire synchro output can be easily converted into the 
resolver-equivalent format using a Scott-T transformer. Therefore, the following signal 
processing example describes only the resolver configuration. 


A typical resolver-to-digital converter (RDC) is shown functionally in Figure 6.84. The 
two outputs of the resolver are applied to cosine and sine multipliers. These multipliers 
incorporate sine and cosine lookup tables and function as multiplying digital-to-analog 
converters. Begin by assuming that the current state of the up/down counter is a digital 
number representing a trial angle, p. The converter seeks to adjust the digital angle, 9, 
continuously to become equal to, and to track 0, the analog angle being measured. The 
resolver's stator output voltages are written as: 


V1 =V sinot sin® Eq. 6.6 
V2 = V sinat cos Eq. 6.7 


where @ is the angle of the resolver’s rotor. The digital angle @ is applied to the cosine 
multiplier, and its cosine is multiplied by V1 to produce the term: 


V sinwt sin cos@. Eq. 6.8 
The digital angle ¢ is also applied to the sine multiplier and multiplied by V2 to product 


the term: 
V sinawt cos@ sing. Eq. 6.9 
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Figure 6.84: Resolver-to-Digital Converter (RDC) 
These two signals are subtracted from each other by the error amplifier to yield an ac 
error signal of the form: 
V sinat [sin cos@ — cos@ sing]. Eq. 6.10 
Using a simple trigonometric identity, this reduces to: 
V sinat [sin (0 —o)]. Eq. 6.11 


The detector synchronously demodulates this ac error signal, using the resolver’s rotor 
voltage as a reference. This results in a de error signal proportional to sin(0—0). 


The de error signal feeds an integrator, the output of which drives a voltage-controlled- 
oscillator (VCO). The VCO, in turn, causes the up/down counter to count in the proper 
direction to cause: 


Sin (0— @) > 0. Eq. 6.12 
When this is achieved, 
8-9 > 0, Eq. 6.13 
and therefore 
p=98 Eq. 6.14 
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to within one count. Hence, the counter’s digital output,p, represents the angle 0. The 
latches enable this data to be transferred externally without interrupting the loop's 
tracking. 


This circuit is equivalent to a so-called type-2 servo loop, because it has, in effect, two 
integrators. One is the counter, which accumulates pulses; the other is the integrator at the 
output of the detector. In a type-2 servo loop with a constant rotational velocity input, the 
output digital word continuously follows, or tracks the input, without needing externally 
derived convert commands, and with no steady state phase lag between the digital output 
word and actual shaft angle. An error signal appears only during periods of acceleration 
or deceleration. 


As an added bonus, the tracking RDC provides an analog dc output voltage directly 
proportional to the shaft's rotational velocity. This is a useful feature if velocity is to be 
measured or used as a stabilization term in a servo system, and it makes tachometers 
unnecessary. 


Since the operation of an RDC depends only on the ratio between input signal 
amplitudes, attenuation in the lines connecting them to resolvers doesn’t substantially 
affect performance. For similar reasons, these converters are not greatly susceptible to 
waveform distortion. In fact, they can operate with as much as 10% harmonic distortion 
on the input signals; some applications actually use square-wave references with little 
additional error. 


Tracking ADCs are therefore ideally suited to RDCs. While other ADC architectures, 
such as successive approximation, could be used, the tracking converter is the most 
accurate and efficient for this application. 


Because the tracking converter doubly integrates its error signal, the device offers a high 
degree of noise immunity (12 dB per octave rolloff). The net area under any given noise 
spike produces an error. However, typical inductively coupled noise spikes have equal 
positive and negative going waveforms. When integrated, this results in a zero net error 
signal. The resulting noise immunity, combined with the converter’s insensitivity to 
voltage drops, lets the user locate the converter at a considerable distance from the 
resolver. Noise rejection is further enhanced by the detector's rejection of any signal not 
at the reference frequency, such as wideband noise. 


The AD2S90 is one of a number of integrated RDCs offered by Analog Devices. The 
general architecture is similar to that of Figure 6.83. Further details on synchro and 


resolver-to-digital converters can be found in the references. 


Syncros and resolvers are also discussed in Chapter 3 (section 3.1) 
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conversion). 
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SECTION 6.3: SIGMA-DELTA CONVERTERS 


Historical Perspective 


The sigma-delta (Z-A) ADC architecture had its origins in the early development phases 
of pulse code modulation (PCM) systems—specifically, those related to transmission 
techniques called delta modulation and differential PCM. (An excellent discussion of 
both the history and concepts of the sigma-delta ADC can be found by Max Hauser in 
Reference 1). 


The driving force behind delta modulation and differential PCM was to achieve higher 
transmission efficiency by transmitting the changes (delta) in value between consecutive 
samples rather than the actual samples themselves. 


In delta modulation, the analog signal is quantized by a one-bit ADC (a comparator) as 
shown in Figure 6.85A. The comparator output is converted back to an analog signal with 
a 1-bit DAC, and subtracted from the input after passing through an integrator. The shape 
of the analog signal is transmitted as follows: a 1 indicates that a positive excursion has 
occurred since the last sample, and a 0 indicates that a negative excursion has occurred 
since the last sample. 
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Figure 6.85: Delta Modulation and Differential PCM 


If the analog signal remains at a fixed dc level for a period of time, a pattern alternating 
of Os and Is is obtained. It should be noted that differential PCM (see Figure 6.85B) uses 
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exactly the same concept except a multibit ADC is used rather than a comparator to 
derived the transmitted information. 


Since there is no limit to the number of pulses of the same sign that may occur, delta 
modulation systems are capable of tracking signals of any amplitude. In theory, there is 
no peak clipping. However, the theoretical limitation of delta modulation is that the 
analog signal must not change too rapidly. The problem of slope clipping is shown in 
Figure 6.86. Here, although each sampling instant indicates a positive excursion, the 
analog signal is rising too quickly, and the quantizer is unable to keep pace. 


i 
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Figure 6.86: Quantization Using Delta Modulation 


Slope clipping can be reduced by increasing the quantum step size or increasing the 
sampling rate. Differential PCM uses a multibit quantizer to effectively increase the 
quantum step sizes at the increase of complexity. Tests have shown that in order to obtain 
the same quality as classical PCM, delta modulation requires very high sampling rates, 
typically 20x the highest frequency of interest, as opposed to Nyquist rate of 2x. 


For these reasons, delta modulation and differential PCM have never achieved any 
significant degree of popularity, however a slight modification of the delta modulator 
leads to the basic sigma-delta architecture, one of the most popular high resolution ADC 
architectures in use today. 


The basic single and multibit first-order sigma-delta ADC architecture is shown in 
Figures 6.87A and 6.87B, respectively. Note that the integrator operates on the error 
signal, whereas in a delta modulator, the integrator is in the feedback loop. The basic 
oversampling sigma-delta modulator increases the overall signal-to-noise ratio at low 
frequencies by shaping the quantization noise such that most of it occurs outside the 
bandwidth of interest. The digital filter then removes the noise outside the bandwidth of 
interest, and the decimator reduces the output data rate back to the Nyquist rate. 
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Figure 6.87: Single and Multibit Sigma-Delta ADCs 


The IC sigma-delta ADC offers several advantages over the other architectures, 
especially for high resolution, low frequency applications. First and foremost, the single- 
bit sigma-delta ADC is inherently monotonic and requires no laser trimming. The sigma- 
delta ADC also lends itself to low cost foundry CMOS processes because of the digitally 
intensive nature of the architecture. Examples of early monolithic sigma-delta ADCs are 
given in References 13-21. Since that time there has been a constant stream of process 


and design improvements in the fundamental architecture proposed in the early works 
cited above. 
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Sigma-Delta (x-A) or Delta-Sigma (A-2)? Editor's Notes from Analog 
Dialogue Vol. 24-2, 1990, by Dan Sheingold 


This is not the most earth-shaking of controversies, and many readers may wonder what 
the fuss is all about—if they wonder at all. The issue is important to both editor and 
readers because of the need for consistency; we’d like to use the same name for the same 
thing whenever it appears. But which name? In the case of the modulation technique that 
led to a new oversampling A/D conversion mechanism, we chose sigma-delta. Here’s 
why. 


Ordinarily, when a new concept is named by its creators, the name sticks; it should not be 
changed unless it is erroneous or flies in the face of precedent. The seminal paper on this 
subject was published in 1962 (References 9, 10), and its authors chose the name “delta- 
sigma modulation,” since it was based on de/ta modulation but included an integration 
(summation, hence ~). 


Delta-sigma was apparently unchallenged until the 1970s, when engineers at AT&T were 
publishing papers using the term sigma-delta. Why? According to Hauser (Reference 1), 
the precedent had been to name variants of delta modulation with adjectives preceding 
the word “delta.” Since the form of modulation in question is a variant of delta 
modulation, the sigma, used as an adjective—so the argument went—should precede the 
delta. 


Many engineers who came upon the scene subsequently used whatever term caught their 
fancy, often without knowing why. It was even possible to find both terms used 
interchangeably in the same paper. As matters stand today, sigma-delta is in widespread 
use, probably for the majority of citations. Would its adoption be an injustice to the 
inventors of the technique? 


We think not. Like others, we believe that the name delta-sigma is a departure from 
precedent. Not just in the sense of grammar, but also in relation to the hierarchy of 
operations. Consider a block diagram for embodying an analog root-mean-square 
(finding the square root of the mean of a squared signal) computer. First the signal is 
squared, then it is integrated, and finally it is rooted (see Figure 6.88). 


If we were to name the overall function after the causal order of operations, it would have 
to be called a “square mean root” function. But naming in order of the hierarchy of its 
mathematical operations gives us the familiar—and undisputed—name, root mean- 
square. Consider now a block diagram for taking a difference (delta), and then 
integrating it (sigma). 


Its causal order would give delta-sigma, but in functional hierarchy it is sigma-delta, 
since it computes the integral of a difference. We believe that the latter term is correct 


and follows precedent; and we have adopted it as our standard. 


Dan Sheingold, 1990. 
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Figure 6.88: Sigma-Delta (5-A) or Delta-Sigma (A-5)? 
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Basics of Sigma-Delta ADCs 


Sigma-Delta Analog-Digital Converters (2-A ADCs) have been known for over thirty 
years, but only recently has the technology (high density digital VLSI) existed to 
manufacture them as inexpensive monolithic integrated circuits. They are now used in 
many applications where a low cost, low bandwidth, low power, high resolution ADC is 
required. 


There have been innumerable descriptions of the architecture and theory of X-A ADCs, 
but most commence with a maze of integrals and deteriorate from there. Some engineers 
who do not understand the theory of operation of X-A ADCs and are convinced, from 
study of a typical published article, which it is too complex to comprehend easily. 


There is nothing particularly difficult to understand about X-A ADCs, as long as you 
avoid the detailed mathematics, and this section has been written in an attempt to clarify 
the subject. A X-A ADC contains very simple analog electronics (a comparator, voltage 
reference, a switch, and one or more integrators, and analog summing circuits), and quite 
complex digital computational circuitry. This circuitry consists of a digital signal 
processor (DSP) which acts as a filter (generally, but not invariably, a low-pass filter). It 
is not necessary to know precisely how the filter works to appreciate what it does. To 
understand how a X-A ADC works, familiarity with the concepts of oversampling, 
quantization noise shaping, digital filtering, and decimation is required. 


Let us consider the technique of over-sampling with an analysis in the frequency domain. 
Where a de conversion has a quantization error of up to '2 LSB, a sampled data system 
has quantization noise. A perfect classical N-bit sampling ADC has an rms quantization 
noise of q/V12 uniformly distributed within the Nyquist band of de to f,/2 (where q is the 
value of an LSB and f, is the sampling rate) as shown in Figure 6.89A. Therefore, its 
SNR with a full-scale sinewave input will be (6.02N + 1.76) dB. If the ADC is less than 
perfect, and its noise is greater than its theoretical minimum quantization noise, then its 
effective resolution will be less than N-bits. Its actual resolution (often known as its 
Effective Number of Bits or ENOB) will be defined by: 


ENOBS ee Eq. 6.15 
6.02dB 


If we choose a much higher sampling rate, Kf; (see Figure 6.89B), the rms quantization 
noise remains q/V12, but the noise is now distributed over a wider bandwidth dc to Kf,/2. 
If we then apply a digital low-pass filter (LPF) to the output, we remove much of the 
quantization noise, but do not affect the wanted signal—so the ENOB is improved. We 
have accomplished a high resolution A/D conversion with a low resolution ADC. The 
factor K is generally referred to as the oversampling ratio. It should be noted at this point 
that oversampling has an added benefit in that it relaxes the requirements on the analog 
antialiasing filter. 
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Figure 6.89: Oversampling, Digital Filtering, Noise Shaping, and Decimation 


Since the bandwidth is reduced by the digital output filter, the output data rate may be 
lower than the original sampling rate (Kf,) and still satisfy the Nyquist criterion. This 
may be achieved by passing every Mth result to the output and discarding the remainder. 
The process is known as “decimation” by a factor of M. Despite the origins of the term 
(decem is Latin for ten), M can have any integer value, provided that the output data rate 
is more than twice the signal bandwidth. Decimation does not cause any loss of 
information (see Figure 6.89B). 


If we simply use oversampling to improve resolution, we must oversample by a factor of 
22N to obtain an N-bit increase in resolution. The Z-A converter does not need such a 
high oversampling ratio because it not only limits the signal passband, but also shapes the 
quantization noise so that most of it falls outside this passband as shown in Figure 6.89C. 


If we take a 1-bit ADC (generally known as a comparator), drive it with the output of an 
integrator, and feed the integrator with an input signal summed with the output of a 1-bit 
DAC fed from the ADC output, we have a first-order =-A modulator as shown in 
Figure 6.90. Add a digital low-pass filter (LPF) and decimator at the digital output, and 
we have a X-A ADC—the 2-A modulator shapes the quantization noise so that it lies 
above the passband of the digital output filter, and the ENOB is therefore much larger 
than would otherwise be expected from the oversampling ratio. 
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Figure 6.90: First-Order Sigma-Delta ADC 


Intuitively, a X-A ADC operates as follows. Assume a dc input at Vin. The integrator is 
constantly ramping up or down at node A. The output of the comparator is fed back 
through a 1-bit DAC to the summing input at node B. The negative feedback loop from 
the comparator output through the 1-bit DAC back to the summing point will force the 
average dc voltage at node B to be equal to Vin. This implies that the average DAC 
output voltage must equal to the input voltage Vin. The average DAC output voltage is 
controlled by the ones-density in the 1-bit data stream from the comparator output. As the 
input signal increases towards +Vrer, the number of “ones” in the serial bit stream 
increases, and the number of “zeros” decreases. Similarly, as the signal goes negative 
towards —Vper, the number of “ones” in the serial bit stream decreases, and the number of 
“zeros” increases. From a very simplistic standpoint, this analysis shows that the average 
value of the input voltage is contained in the serial bit stream out of the comparator. The 
digital filter and decimator process the serial bit stream and produce the final output data. 


For any given input value in a single sampling interval, the data from the 1-bit ADC is 
virtually meaningless. Only when a large number of samples are averaged, will a 
meaningful value result. The sigma-delta modulator is very difficult to analyze in the 
time domain because of this apparent randomness of the single-bit data output. If the 
input signal is near positive full-scale, it is clear that there will be more 1s than Os in the 
bit stream. Likewise, for signals near negative full-scale, there will be more Os than Is in 
the bit stream. For signals near midscale, there will be approximately an equal number of 
ls and Os. Figure 6.91 shows the output of the integrator for two input conditions. The 
first is for an input of zero (midscale). To decode the output, pass the output samples 
through a simple digital low-pass filter that averages every four samples. The output of 
the filter is 2/4. This value represents bipolar zero. If more samples are averaged, more 
dynamic range is achieved. For example, averaging four samples gives two bits of 
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resolution, while averaging eight samples yields 4/8, or three bits of resolution. In the 
bottom waveform of Figure 6.91, the average obtained for four samples is 3/4, and the 
average for eight samples is 6/8. 
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Figure 6.91: Sigma-Delta Modulator Waveforms 


Further time-domain analysis is not productive, and the concept of noise shaping is best 
explained in the frequency domain by considering the simple X-A modulator model in 
Figure 6.92. 


The integrator in the modulator is represented as an analog low-pass filter with a transfer 
function equal to H(f) = 1/f. This transfer function has an amplitude response which is 
inversely proportional to the input frequency. The 1-bit quantizer generates quantization 
noise, Q, which is injected into the output summing block. If we let the input signal be X, 
and the output Y, the signal coming out of the input summer must be X — Y. This is 
multiplied by the filter transfer function, 1/f, and the result goes to one input to the output 
summer. By inspection, we can then write the expression for the output voltage Y as: 


Y==(X-¥)+Q. Eq. 6.16 


This expression can easily be rearranged and solved for Y in terms of X, f, and Q: 


a, Eq. 6.17 
f+1 f+41 
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Figure 6.92: Simplified Frequency Domain Linearized Model 
of a Sigma-Delta Modulator 


Note that as the frequency f approaches zero, the output voltage Y approaches X with no 
noise component. At higher frequencies, the amplitude of the signal component 
approaches zero, and the noise component approaches Q. At high frequency, the output 
consists primarily of quantization noise. In essence, the analog filter has a low-pass effect 
on the signal, and a high-pass effect on the quantization noise. Thus the analog filter 
performs the noise shaping function in the X-A modulator model. 


For a given input frequency, higher order analog filters offer more attenuation. The same 
is true of 2-A modulators, provided certain precautions are taken. 


By using more than one integration and summing stage in the X-A modulator, we can 
achieve higher orders of quantization noise shaping and even better ENOB for a given 
over-sampling ratio as is shown in Figure 6.93 for both a first and second-order &-A 
modulator. 


The block diagram for the second-order =-A modulator is shown in Figure 6.94. Third, 
and higher, order X-A ADCs were once thought to be potentially unstable at some values 
of input—tecent analyses using finite rather than infinite gains in the comparator have 
shown that this is not necessarily so, but even if instability does start to occur, it is not 
important, since the DSP in the digital filter and decimator can be made to recognize 
incipient instability and react to prevent it. 
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Figure 6.94: Second-Order Sigma-Delta ADC 


Figure 6.95 shows the relationship between the order of the £-A modulator and the 
amount of over-sampling necessary to achieve a particular SNR. For instance, if the 
oversampling ratio is 64, an ideal second-order system is capable of providing an SNR of 
about 80 dB. This implies approximately 13 effective number of bits (ENOB). Although 
the filtering done by the digital filter and decimator can be done to any degree of 
precision desirable, it would be pointless to carry more than 13 binary bits to the outside 
world. Additional bits would carry no useful signal information, and would be buried in 
the quantization noise unless post-filtering techniques were employed. Additional 
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resolution can be obtained by increasing the oversampling ratio and/or by using a higher- 
order modulator. 
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Figure 6.95: SNRvs. Oversampling Ratio for 
First, Second, and Third-Order Loops 


Idle Tone Considerations 


In our discussion of sigma-delta ADCs up to this point, we have made the assumption 
that the quantization noise produced by the sigma-delta modulator is random and 
uncorrelated with the input signal. Unfortunately, this is not entirely the case, especially 
for the first-order modulator. Consider the case where we are averaging 16 samples of 
the modulator output in a 4-bit sigma-delta ADC. 


Figure 6.96 shows the bit pattern for two input signal conditions: an input signal having 
the value 8/16, and an input signal having the value 9/16. In the case of the 9/16 signal, 
the modulator output bit pattern has an extra 1 every 16th output. This will produce 
energy at f,/16, which translates into an unwanted tone. If the oversampling ratio is less 
than 16, this tone will fall into the pass band. In audio applications these tones are 
referred to as “idle tones.” 


Figure 6.97 shows the correlated idling pattern behavior for a first order sigma-delta 
modulator, and Figure 6.98 shows the relatively uncorrelated pattern for a second-order 
modulator. For this reason, virtually all sigma-delta ADCs contain at least a second- 
order modulator loop. 
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Figure 6.96: Repetitive Bit Pattern in Sigma-Delta Modulator Output 
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Figure 6.97: Idling Patterns for First-Order 
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Figure 6.98: Idling Patterns for Second-Order Sigma-Delta Modulator 
(Integrator Output) 
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Higher Order Loop Considerations 


In order to achieve wide dynamic range, sigma-delta modulator loops greater than 
second-order are necessary, but present real design challenges. First of all, the simple 
linear models previously discussed are no longer fully accurate. Loops of order greater 
than two are generally not guaranteed to be stable under all input conditions. The 
instability arises because the comparator is a nonlinear element whose effective “gain” 
varies inversely with the input level. This mechanism for instability causes the following 
behavior: if the loop is operating normally, and a large signal is applied to the input that 
overloads the loop, the average gain of the comparator is reduced. The reduction in 
comparator gain in the linear model causes loop instability. This causes instability even 
when the signal that caused it is removed. In actual practice, such a circuit would 
normally oscillate on power-up due to initial conditions caused by turn-on transients. As 
an example, the AD1879 dual audio ADC released in 1994 by Analog Devices used a 
fifth-order loop. Extensive nonlinear stabilization techniques were required in this and 
similar higher order loop designs (References 22-26). 


Multibit Sigma-Delta Converters 


So far we have considered only sigma-delta converters which contain a single-bit ADC 
(comparator) and a single-bit DAC (switch). The block diagram of Figure 6.99 shows a 
multi-bit sigma-delta ADC which uses an n-bit flash ADC and an n-bit DAC. Obviously, 
this architecture will give a higher dynamic range for a given oversampling ratio and 
order of loop filter. Stabilization is easier, since second-order loops can generally be 
used. Idling patterns tend to be more random thereby minimizing tonal effects. 
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Figure 6.99: Multibit Sigma-Delta ADC 
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The real disadvantage of this technique is that the linearity depends on the DAC linearity, 
and thin film laser trimming is required to approach 16-bit performance levels. This 
makes the multi-bit architecture extremely impractical to implement on mixed-signal ICs 
using traditional binary DAC techniques. 


However, fully decoded thermometer DACs coupled with proprietary data scrambling 
techniques as used in a number of Analog Devices’ audio ADCs and DACs, including the 
24-bit stereo AD1871 (see References 27 and 28) can achieve high SNR and low 
distortion using the multibit architecture. A simplified block diagram of the AD1871 
ADC is shown in Figure 6.100. 
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Figure 6.100: AD1871 24-Bit, 96-kSPS Stereo Audio Multibit Sigma-Delta ADC 


The AD1871’s analog X-A modulator section comprises a second-order multibit 
implementation using Analog Device's proprietary technology for best performance. As 
shown in Figure 6.101, the two analog integrator blocks are followed by a flash ADC 
section that generates the multibit samples. 


The output of the flash ADC, which is thermometer encoded, is decoded to binary for 
output to the filter sections and is scrambled for feedback to the two integrator stages. 
The modulator is optimized for operation at a sampling rate of 6.144 MHz (which is 
128 x f; at 48-kHz sampling and 64 x f, at 96-kHz sampling). The A-weighted dynamic 
range of the AD1871 is typically 105 dB. 


6.99 


[4 BASIC LINEAR DESIGN 


DIGITAL 
OUTPUT 
(4 BITS/6.144MHz) 


FEEDBACK DACs 


Figure 6.101: Details of the AD1871 Second-Order Modulator 
and Data Scrambler 


Digital Filter Implications 


The digital filter is an integral part of all sigma-delta ADCs—there is no way to remove 
it. The settling time of this filter affects certain applications especially when using sigma- 
delta ADCs in multiplexed applications. The output of a multiplexer can present a step 
function input to an ADC if there are different input voltages on adjacent channels. In 
fact, the multiplexer output can represent a full-scale step voltage to the sigma-delta ADC 
when channels are switched. Adequate filter settling time must be allowed, therefore, in 
such applications. This does not mean that sigma-delta ADCs shouldn’t be used in 
multiplexed applications, just that the settling time of the digital filter must be 
considered. Some newer sigma-delta ADCs are actually optimized for use in multiplexed 
applications. 
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Figure 6.102: AD1871 24-Bit, 96-kSPS Stereo Sigma-Delta ADC 
Digital Filter Characteristics 
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For example, the group delay through the AD1871 digital filter is 910 us (sampling at 
48 kSPS) and 460 us (sampling at 96 kSPS)—this represents the time it takes for a step 
function input to propagate through one-half the number of taps in the digital filter. The 
total settling time is therefore approximately twice the group delay time. The input 
oversampling frequency is 6.144 MSPS for both conditions. The frequency response of 
the digital filter in the AD1871 ADC is shown in Figure 6.102. 


In other applications, such as low frequency, high resolution 24-bit measurement sigma- 
delta ADCs (such as the AD77xx-series), other types of digital filters may be used. For 
instance, the SINC’ response is popular because it has zeros at multiples of the 
throughput rate. For instance a 10-Hz throughput rate produces zeros at 50 Hz and 60 Hz 
which aid in ac power line rejection. The frequency response of a typical 2-A ADC, the 
AD7730 is shown if Figure 6.103. 
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Figure 6.103: AD7730 Digital Filter Response 


6.101 


[4 BASIC LINEAR DESIGN 


High Resolution Measurement Sigma-Delta ADCs 


In order to better understand the capability of sigma-delta measurement ADCs and the 
power of the technique, a modern example, the AD7730, will be examined in detail. The 
AD7730 is a member of the AD77XX family and is shown in Figure 6.104. This ADC 
was specifically designed to interface directly to bridge outputs in weigh scale 
applications. The device accepts low level signals directly from a bridge and outputs a 
serial digital word. There are two buffered differential inputs which are multiplexed, 
buffered, and drive a PGA. The PGA can be programmed for four differential unipolar 
analog input ranges: 0 V to +10 mV, 0 V to +20 mV, 0 V to +40 mV, and 0 V to +80 mV 
and four differential bipolar input ranges: +10 mV, +20 mV, +40 mV, and +80 mV. 


The maximum peak-to-peak, or noise-free resolution achievable is 1 in 230,000 counts, 
or approximately 18-bits. It should be noted that the noise-free resolution is a function of 
input voltage range, filter cutoff, and output word rate. Noise is greater using the smaller 
input ranges where the PGA gain must be increased. Higher output word rates and 
associated higher filter cutoff frequencies will also increase the noise. 
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Figure 6.104: AD7730 Sigma-Delta Single-Supply Bridge ADC 


The analog inputs are buffered on-chip allowing relatively high source impedances. Both 
analog channels are differential, with a common-mode voltage range that comes within 
1.2 V of AGND and 0.95 V of AVDD. The reference input is also differential, and the 
common-mode range is from AGND to AVDD. 


6.102 


CONVERTERS 
SIGMA-DELTA CONVERTERS 


The 6-bit DAC is controlled by on-chip registers and can remove TARE (pan weight) 
values of up to +80 mV from the analog input signal range. The resolution of the TARE 
function is 1.25 mV with a +2.5 V reference and 2.5 mV with a +5 V reference. 


The output of the PGA is applied to the X-A modulator and programmable digital filter. 
The serial interface can be configured for three-wire operation and is compatible with 
microcontrollers and digital signal processors. The AD7730 contains self-calibration and 
system-calibration options and has an offset drift of less than 5 nV/°C and a gain drift of 
less than 2 ppm/°C. This low offset drift is obtained using a chop mode which operates 
similarly to a chopper-stabilized amplifier. 


The oversampling frequency of the AD7730 is 4.9152 MHz, and the output data rate can 
be set from 50 Hz to 1200 Hz. The accuracy of the output of the ADC is dependant on the 
output data rate as shown in Tables I and I of Figure 6.105. These are taken from the 
AD7730. Note that the accuracy is also dependent on the PGA gain as well. 


Table I. Output Noise vs. Input Range and Update Rate (CHP = 1) 
Typical Output RMS Noise in nV 


Output -3dB SF Settling Time Settling Time Input Range Input Range Input Range Input Range 
Data Rate| Frequency | Word Normal Mode — Fast Mode = +80 mV = +40 mV =+20 mV = +10 mV 
50 Hz 460 ms 60 ms 115 75 55 40 

100 Hz 230 ms 30 ms 155 105 75 60 

150 Hz 153 ms 20 ms 200 135 95 70 

200 Hz* 115 ms 15 ms 225 145 100 80 

400 Hz 57.5 ms 7.5 ms 335 225 160 110 


*Power-On Default 


Table II. Peak-to-Peak Resolution vs. Input Range and Update Rate (CHP = 1) 


Peak-to-Peak Resolution in Counts (Bits) 


Output -3dB SF Settling Time Settling Time Input Range Input Range Input Range Input Range 
Data Rate | Frequency | Word Normal Mode Fast Mode = +80 mV = +40 mV =+20 mV = +10 mV 
50 Hz 460 ms 60 ms 230k (18) 175k (17.5) 120k (17) 80k (16.5) 
100 Hz 230 ms 30 ms 170k (17.5) 125k (17) 90k (16.5) 55k (16) 

150 Hz 153 ms 20 ms 130k (17) 100k (16.5) 70k (16) 45k (15.5) 
200 Hz* 115 ms 15 ms 120k (17) 90k (16.5) 65k (16) 40k (15.5) 


400 Hz 57.5 ms 7.5 ms 80k (16.5) 55k (16) 40k (15.5) 30k (15) 


*Power-On Default 


Figure 6.105: Resolution vs. Output Data Rate and Gain for the AD7730 


This is easy to understand. The quantization is performed at the master clock rate 
(4.9152 MHz). If the data rate is increased, there is less time for filtering, so the measured 
result is noisier. Also as gain is increased, noise is increased as well. 


While the output data word is 24 bits wide, there will not be a constant 24-bit data output, 
even with the input grounded. As seen in Table I, the maximum accuracy is on the order 
of 18 bits peak-to-peak. This gives rise to a new way of specifying accuracy. This is noise 
free counts. For the AD7730 this is 230,000. 


The clock source can be provided via an external clock or by connecting a crystal 
oscillator across the MCLK IN and MCLK OUT pins. 
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The AD7730 can accept input signals from a dc-excited bridge. It can also handle input 
signals from an ac-excited bridge by using the ac excitation clock signals (ACX and 
ACX). These are non-overlapping clock signals used to synchronize the external 
switches which drive the bridge. The ACX clocks are demodulated on the AD7730 input. 
The AD7730 contains two 100 nA constant current generators, one source current from 
AVDD to AIN(+) and one sink current from AIN(—) to AGND. The currents are switched 
to the selected analog input pair under the control of a bit in the Mode Register. These 
currents can be used in checking that a sensor is still operational before attempting to take 
measurements on that channel. If the currents are turned on and a full-scale reading is 
obtained, then the sensor has gone open circuit. If the measurement is 0 V, the sensor has 
gone short circuit. In normal operation, the burnout currents are turned off by setting the 
proper bit in the Mode Register to 0. 


The AD7730 contains an internal programmable digital filter. The filter consists of two 
sections: a first stage filter, and a second stage filter. The first stage is a sinc’ low-pass 
filter. The cutoff frequency and output rate of this first stage filter is programmable. The 
second stage filter has three modes of operation. In its normal mode, it is a 22-tap FIR 
filter that processes the output of the first stage filter. When a step change is detected on 
the analog input, the second stage filter enters a second mode (FASTStep') where it 
performs a variable number of averages for some time after the step change, and then the 
second stage filter switches back to the FIR filter mode. The third option for the second 
stage filter (SKIP mode) is that it is completely bypassed so the only filtering provided on 
the AD7730 is the first stage. Both the FASTStep mode and SKIP mode can be enabled 
or disabled via bits in the control register. Again, there will be an affect on accuracy. 
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Figure 6.106: AD7730 Digital Filter Response 


Figure 6.106 shows the full frequency response of the AD7730 when the second stage 
filter is set for normal FIR operation. This response is with the chop mode enabled and an 
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output word rate of 200 Hz and a clock frequency of 4.9152 MHz. The response is shown 
from dc to 100 Hz. The rejection at 50 Hz + 1 Hz and 60 Hz + 1 Hz is better than 88 dB. 


Figure 6.107 shows the step response of the AD7730 with and without the FASTStep 
mode enabled. The vertical axis shows the code value and indicates the settling of the 
output to the input step change. The horizontal axis shows the number of output words 
required for that settling to occur. The positive input step change occurs at the 5th output. 
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Figure 6.107: AD7730 Digital Filter Settling Time Showing FASTStep Mode 


In the normal mode (F'AS7Step disabled), the output has not reached its final value until 
the 23rd output word. In FASTStep mode with chopping enabled, the output has settled to 
the final value by the 7th output word. Between the 7th and the 23rd output, the 
FASTStep mode produces a settled result, but with additional noise compared to the 
specified noise level for normal operating conditions. It starts at a noise level comparable 
to the SKIP mode, and as the averaging increases ends up at the specified noise level. The 
complete settling time required for the part to return to the specified noise level is the 
same for FASTStep mode and normal mode. The FASTStep mode gives a much earlier 
indication of where the output channel is going and its new value. This feature is very 
useful in weigh scale applications to give a much earlier indication of the weight, or in an 
application scanning multiple channels where the user does not have to wait the full 
settling time to see if a channel has changed. 


Note, however, that the FASTStep mode is not particularly suitable for multiplexed 
applications because of the excess noise associated with the settling time. For 
multiplexed applications, the full 23-cycle output word interval should be allowed for 
settling to a new channel. This points out the fundamental issue of using 2-A ADCs in 
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multiplexed applications. There is no reason why they won’t work, provided the internal 
digital filter is allowed to settle fully after switching channels. 
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Figure 6.108: AD7730 Bridge Application (Simplified Schematic) 


The AD7730 gives the user access to the on-chip calibration registers allowing an 
external microprocessor to read the device's calibration coefficients and also to write its 
own calibration coefficients to the part from prestored values in external E2PROM. This 
gives the microprocessor much greater control over the AD7730's calibration procedure. 
It also means that the user can verify that the device has performed its calibration 
correctly by comparing the coefficients after calibration with prestored values in 
E2PROM. Since the calibration coefficients are derived by performing a conversion on 
the input voltage provided, the accuracy of the calibration can only be as good as the 
noise level the part provides in the normal mode. To optimize calibration accuracy, it is 
recommended to calibrate the part at its lowest output rate where the noise level is lowest. 
The coefficients generated at any output rate will be valid for all selected output update 
rates. This scheme of calibrating at the lowest output data rate does mean that the 
duration of the calibration interval is longer. 


The AD7730 requires an external voltage reference, however, the power supply may be 
used as the reference in the ratiometric bridge application shown in Figure 6.108. In this 
configuration, the bridge output voltage is directly proportional to the bridge drive 
voltage which is also used to establish the reference voltages to the AD7730. Variations 
in the supply voltage will not affect the accuracy. The SENSE outputs of the bridge are 
used for the AD7730 reference voltages in order to eliminate errors caused by voltage 
drops in the lead resistances. 
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Band-pass Sigma-Delta Converters 


The &-A ADCs that we have described so far contain integrators, which are low-pass 
filters, whose pass band extends from dc. Thus, their quantization noise is pushed up in 
frequency. At present, most commercially available X-A ADCs are of this type (although 
some which are intended for use in audio or telecommunications applications contain 
band-pass rather than low-pass digital filters to eliminate any system dc offsets). But 
there is no particular reason why the filters of the X-A modulator should be LPFs, except 
that traditionally ADCs have been thought of as being baseband devices, and that 
integrators are somewhat easier to construct than band-pass filters. If we replace the 
integrators in a X-A ADC with band-pass filters (BPFs) as shown in Figure 6.109, the 
quantization noise is moved up and down in frequency to leave a virtually noise-free 
region in the pass band (see References 31, 32, and 33). If the digital filter is then 
programmed to have its pass band in this region, we have a X-A ADC with a band-pass, 
rather than a low-pass characteristic. Such devices would appear to be useful in direct IF- 
to-digital conversion, digital radios, ultrasound, and other undersampling applications. 
However, the modulator and the digital BPF must be designed for the specific set of 
frequencies required by the system application, thereby somewhat limiting the flexibility 
of this approach. 


In an undersampling application of a band-pass X-A ADC, the minimum sampling 
frequency must be at least twice the signal bandwidth, BW. The signal is centered around 
a carrier frequency, f,. A typical digital radio application using a 455-kHz center 
frequency and a signal bandwidth of 10 kHz is described in Reference 32. An 
oversampling frequency Kf; = 2 MSPS and an output rate fy = 20 kSPS yielded a 
dynamic range of 70 dB within the signal bandwidth. 
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Figure 6.109: Replacing Integrators with Resonators 
Gives a Band-Pass Sigma-Delta ADC 
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Another example of a band-pass is the AD9870 IF Digitizing Subsystem having a 
nominal oversampling frequency of 18 MSPS, a center frequency of 2.25 MHz, and a 
bandwidth of 10 kHz to 150 kHz (see details in Reference 33). 


Sigma-Delta DACs 


Sigma-delta DACs operate very similarly to sigma-delta ADCs, however in a sigma-delta 
DAC, the noise shaping function is accomplished with a digital modulator rather than an 
analog one. 
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Figure 6.110: Sigma-Delta DACs 


A x-A DAC, unlike the X-A ADC, is mostly digital (see Figure 6.110A). It consists of an 
“interpolation filter” (a digital circuit which accepts data at a low rate, inserts zeros at a 
high rate, and then applies a digital filter algorithm and outputs data at a high rate), a X-A 
modulator (which effectively acts as a low-pass filter to the signal but as a high-pass filter 
to the quantization noise, and converts the resulting data to a high speed bit stream), and a 
1-bit DAC whose output switches between equal positive and negative reference 
voltages. The output is filtered in an external analog LPF. Because of the high 
oversampling frequency, the complexity of the LPF is much less than the case of 
traditional Nyquist operation. 


It is possible to use more than one bit in the X-A DAC, and this leads to the multibit 
architecture shown in Figure 3.147B. The concept is similar to that of interpolating DACs 
previously discussed in Chapter 2, with the addition of the digital sigma-delta modulator. 
In the past, multibit DACs have been difficult to design because of the accuracy 
requirement on the n-bit internal DAC (this DAC, although only n-bits, must have the 
linearity of the final number of bits, N). The AD185x-series of audio DACs, however, 
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use a proprietary data scrambling technique (called data directed scrambling) which 
overcomes this problem and produces excellent performance with respect to all audio 
specifications (see References 27 and 28). For instance, the AD1853 dual 24-bit, 92 kSPS 
DAC has greater than 104 dB THD + N at a 48 kSPS sampling rate. 


One of the newest members of this family is the AD1955 multibit sigma-delta audio 
DAC shown in Figure 6.111. The AD1955 also uses data directed scrambling, supports a 
multitude of DVD audio formats, and has an extremely flexible serial port. THD + N is 
typically 110 dB. 
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Figure 6.111: AD1955 Multibit Sigma-Delta Audio DAC 
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Summary 


Sigma-delta ADCs and DACs have proliferated into many modern applications including 
measurement, voice-band, audio, etc. The technique takes full advantage of low cost 
CMOS processes and therefore makes integration with highly digital functions such as 
DSPs practical. Resolutions up to 24-bits are currently available, and the requirements on 
analog antialiasing/anti-imaging filters are greatly relaxed due to oversampling. Modern 
techniques such as the multibit data scrambled architecture minimize problems with idle 
tones which plagued early sigma-delta products. 


Many sigma-delta converters offer a high level of user programmability with respect to 
output data rate, digital filter characteristics, and self-calibration modes. Multichannel 
sigma-delta ADCs are now available for data acquisition systems, and most users are 
well-educated with respect to the settling time requirements of the internal digital filter in 
these applications. 
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SECTION 6.4: DEFINING THE SPECIFICATONS 


In specifying a converter there are basically two sets of specifications used for data 
converters. They can simplistically be divided into de and ac specifications. Which you 
are more concemed with is based primarily on the application. DC specifications are 
more common with lower frequency applications. Here we are measuring against a 
reference. In ac specifications we are less concerned with absolute accuracy and more 
concerned with relative accuracy. This is not to say the reference is unimportant. It’s just 
that we are typically interested in a relative number rather than an absolute. Distortion is 
always relative to the fundamental, for instance. While there is no direct conversion 
between the two, it is possible to infer that you need good linearity to get good distortion. 
It is rare to have a converter specified both ways. 


Another point that should be made here is the difference between resolution and 
accuracy. While the two terms sometimes tend to be used interchangeably, they are not 
the same thing. 


Resolution can be defined as the number of bits in the data word of the converter. 
Accuracy is the number of those bits that meet the specifications. As an example, an 
audio converter may have a data bus width of 24 bits, but only a signal to noise (SNR) 
range of 120 dB. 120 dB roughly corresponds to an accuracy of 20 bits. While 120 dB is 
not poor performance, it is not 24 bit performance. 


You should keep in mind the magnitude in volts as well as in bits of the resolution of the 
converter that you are considering. This is shown in Figure 6.112 for a full-scale level of 
2 V (note that there is some rounding off of the voltages in this table). This level is not 
uncommon for modern systems and is the typical standard for line level audio 
measurement. Remember that Gaussian noise of the system will probably set the lower 
limit of the accuracy spec. For example, 600 nV is the Johnson Noise in a 10 kHz BW of 
a 2.2 kQ resistor @ 25°C. This corresponds to approximately 21.5 bits. 


And some systems use even smaller full scales. Notably the AD7730 2-A ADC system is 


designed to operate with full-scale inputs down to 10 mV. With a 24-bit resolution this 
means a LSB weighting of 596 nV. 
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Figure 6.112: LSB size fora 2 V Full-Scale Input 
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SECTION 6.5: DAC AND ADC STATIC TRANSFER FUNCTIONS 
AND DC ERRORS 


The four primary dc errors in a data converter are offset error, gain error, and two types 
of linearity error (differential and integral). Offset and gain errors are analogous to offset 
and gain errors in amplifiers as shown in Figure 6.113 for a bipolar input range. (Though 
offset error and zero error, which are identical in amplifiers and unipolar data converters, 
are not identical in bipolar converters and should be carefully distinguished.) 


The transfer characteristics of both DACs and ADCs may be expressed as D = K + GA, 
where D is the digital code, A is the analog signal, and K and G are constants. In a 
unipolar converter, K is zero, and in an offset bipolar converter, it is —1 MSB. The offset 
error is the amount by which the actual value of K differs from its ideal value. 
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Figure 6.113: Data Converter Offset and Gain Error 


The gain error is the amount by which G differs from its ideal value, and is generally 
expressed as the percentage difference between the two, although it may be defined as the 
gain error contribution (in mV or LSB) to the total error at full-scale. These errors can 
usually be trimmed by the data converter user. Note, however, that amplifier offset is 
trimmed at zero input, and then the gain is trimmed near to full-scale. The trim algorithm 
for a bipolar data converter is not so straightforward. 


The integral linearity error of a converter is also analogous to the linearity error of an 
amplifier, and is defined as the maximum deviation of the actual transfer characteristic of 
the converter from a straight line, and is generally expressed as a percentage of full-scale 
(but may be given in LSBs). For an ADC, the most popular convention is to draw the 
straight line through the mid-points of the codes, or the code centers. There are two 
common ways of choosing the straight line: end point and best straight line as shown in 
Figure 6.114. 
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Figure 6.114: Method of Measuring Integral Linearity Errors 
(Same Converter on Both Graphs) 


In the endpoint system, the deviation is measured from the straight line through the origin 
and the full-scale point (after gain adjustment). This is the most useful integral linearity 
measurement for measurement and control applications of data converters (since error 
budgets depend on deviation from the ideal transfer characteristic, not from some 
arbitrary “best fit’), and is the one normally adopted by Analog Devices, Inc. 


The best straight line, however, does give a better prediction of distortion in ac 
applications, and also gives a lower value of “linearity error” on a data sheet. The best fit 
straight line is drawn through the transfer characteristic of the device using standard 
curve fitting techniques, and the maximum deviation is measured from this line. In 
general, the integral linearity error measured in this way is only 50% of the value 
measured by end point methods. This makes the method good for producing impressive 
data sheets, but it is less useful for error budget analysis. For ac applications, it is even 
better to specify distortion than dc linearity, so it is rarely necessary to use the best 
straight line method to define converter linearity. 


The other type of converter nonlinearity is differential nonlinearity (DNL). This relates to 
the linearity of the code transitions of the converter. In the ideal case, a change of 1 LSB 
in digital code corresponds to a change of exactly 1 LSB of analog signal. In a DAC, a 
change of 1 LSB in digital code produces exactly 1 LSB change of analog output, while 
in an ADC there should be exactly 1 LSB change of analog input to move from one 
digital transition to the next. Differential linearity error is defined as the maximum 
amount of deviation of any quantum (or LSB change) in the entire transfer function from 
its ideal size of 1 LSB. 


Where the change in analog signal corresponding to 1 LSB digital change is more or less 
than | LSB, there is said to be a DNL error. The DNL error of a converter is normally 
defined as the maximum value of DNL to be found at any transition across the range of 
the converter. Figure 6.115 shows the nonideal transfer functions for a DAC and an ADC 
and shows the effects of the DNL error. 
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Figure 6.115: Transfer Functions for Nonideal 3-Bit DAC and ADC 
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Figure 6.116: Details of DAC Differential Nonlinearity 


The DNL of a DAC is examined more closely in Figure 6.116. If the DNL of a DAC is 
less than —1 LSB at any transition, the DAC is nonmonotonic 1.e., its transfer 
characteristic contains one or more localized maxima or minima. A DNL greater than +1 
LSB does not cause nonmonotonicity, but is still undesirable. In many DAC applications 
(especially closed-loop systems where nonmonotonicity can change negative feedback to 
positive feedback), it is critically important that DACs are monotonic. DAC monotonicity 
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is often explicitly specified on data sheets, although if the DNL is guaranteed to be less 
than 1 LSB (i.e., |DNL| < 1 LSB) then the device must be monotonic, even without an 
explicit guarantee. 
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Figure 6.118: Nonmonotonic ADC with Missing Code 
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In Figure 6.117, the DNL of an ADC is examined more closely on an expanded scale. 
ADCs can be nonmonotonic, but a more common result of excess DNL in ADCs is 
missing codes. Missing codes in an ADC are as objectionable as nonmonotonicity in a 
DAC. Again, they result from DNL <—1 LSB. 


Not only can ADCs have missing codes, they can also be nonmonotonic as shown in 
Figure 6.118. As in the case of DACs, this can present major problems—especially in 
servo applications. 


In a DAC, there can be no missing codes—each digital input word will produce a 
corresponding analog output. However, DACs can be nonmonotonic as previously 
discussed. In a straight binary DAC, the most likely place a nonmonotonic condition can 
develop is at midscale between the two codes: 011...11 and 100...00. If a nonmonotonic 
condition occurs here, it is generally because the DAC is not properly calibrated or 
trimmed. A successive approximation ADC with an internal nonmonotonic DAC will 
generally produce missing codes but remain monotonic. However it is possible for an 
ADC to be nonmonotonic—again depending on the particular conversion architecture. 
Figure 6.118 shows the transfer function of an ADC which is nonmonotonic and has a 
missing code. 
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Figure 6.119: Errors Associated with Improperly Trimmed Subranging ADC 


ADCs which use the swbranging architecture divide the input range into a number of 
coarse segments, and each coarse segment is further divided into smaller segments—and 
ultimately the final code is derived. This process is described in more detail in Chapter 4 
of this book. An improperly trimmed subranging ADC may exhibit nonmonotonicity, 
wide codes, or missing codes at the subranging points as shown in Figure 6.119 A, B, and 
C, respectively. This type of ADC should be trimmed so that drift due to aging or 
temperature produces wide codes at the sensitive points rather than nonmonotonic or 
missing codes. 
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Defining missing codes is more difficult than defining nonmonotonicity. All ADCs suffer 
from some inherent transition noise as shown in Figure 6.120 (think of it as the flicker 
between adjacent values of the last digit of a DVM). As resolutions and bandwidths 
become higher, the range of input over which transition noise occurs may approach, or 
even exceed, 1 LSB. High resolution wideband ADCs generally have internal noise 
sources which can be reflected to the input as effective input noise summed with the 
signal. The effect of this noise, especially if combined with a negative DNL error, may be 
that there are some (or even all) codes where transition noise is present for the whole 
range of inputs. There are therefore some codes for which there is no input which will 
guarantee that code as an output, although there may be a range of inputs which will 
sometimes produce that code. 
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Figure 6.120: Combined Effects of Code Transition Noise and DNL 


For low resolution ADCs, it may be reasonable to define no missing codes as a 
combination of transition noise and DNL which guarantees some level (perhaps 0.2 LSB) 
of noise-free code for all codes. However, this is impossible to achieve at the very high 
resolutions achieved by modern sigma-delta ADCs, or even at lower resolutions in wide 
bandwidth sampling ADCs. In these cases, the manufacturer must define noise levels and 
resolution in some other way. Which method is used is less important, but the data sheet 
should contain a clear definition of the method used and the performance to be expected. 
A complete discussion of effective input noise follows later in this chapter. 


The discussion thus far has not dealt with the most important dc specifications associated 
with data converters. Other less important specifications require only a definition. 


Accuracy, Absolute. Absolute accuracy error of a DAC is the difference between actual 
analog output and the output that is expected when a given digital code is applied to the 
converter. Error is usually commensurate with resolution, i.e., less 1/2 LSB of full-scale, 
for example. However, accuracy may be much better than resolution in some 
applications; for example, a 4-bit reference supply having only 16 discrete digitally 
chosen levels would have a resolution of 1/16, but it might have an accuracy to within 
0.01 % of each ideal value. 
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Absolute accuracy error of an ADC at a given output code is the difference between the 
actual and the theoretical analog input voltages required to produce that code. Since the 
code can be produced by any analog voltage in a finite band (see Quantizing 
Uncertainty), the “input required to produce that code” is defined as the midpoint of the 
band of inputs that will produce that code. For example, if 5 volts, +1.2 mV, will 
theoretically produce a 12-bit half-scale code of 1000 0000 0000, then a converter for 
which any voltage from 4.997 V to 4.999 V will produce that code will have absolute 
error of (1/2)(4.997 + 4.999) —-5 V =+2 mV. 


Sources of error include gain (calibration) error, zero error, linearity errors, and noise. 
Absolute accuracy measurements should be made under a set of standard conditions with 
sources and meters traceable to an internationally accepted standard. 


Accuracy, Logarithmic DACs. The difference (measured in dB) between the actual 
transfer function and the ideal transfer function, as measured after calibration of gain 
error at 0 dB. 


Accuracy, Relative. Relative accuracy error, expressed in %, ppm, or fractions of 1 LSB, 
is the deviation of the analog value at any code (relative to the full analog range of the 
device transfer characteristic) from its theoretical value (relative to the same range), after 
the full-scale range (FSR) has been calibrated (see Full-Scale Range). 


Since the discrete analog values that correspond to the digital values ideally lie on a 
straight line, the specified worst case relative accuracy error of a linear 
ADC or DAC can be interpreted as a measure of end-point nonlinearity (see Linearity). 


The “discrete points” of a DAC transfer characteristic are measured by the actual analog 
outputs. The “discrete points” of an ADC transfer characteristic are the midpoints of the 
quantization bands at each code (see Accuracy, Absolute). 


Temperature Coefficient. In general, temperature instabilities are expressed as %/°C, 
ppm/°C, fractions of 1 LSB per degree C, or as a change in a parameter over a specified 
temperature range. Measurements are usually made at room temperature and at the 
extremes of the specified range, and the temperature coefficient (tempco, TC) is defined 
as the change in the parameter, divided by the corresponding temperature change. 
Parameters of interest include gain, linearity, offset (bipolar), and zero. 


a. Gain Tempco: Two factors principally affect converter gain stability with 
temperature. In fixed-reference converters, the reference voltage will vary with 
temperature. The reference circuitry and switches (and comparator in aid converters) will 
also contribute to the overall gain TC. 


b. Linearity Tempco: Sensitivity of linearity (integral and/or differential linearity) 
to temperature, in % FSR/°C or ppm FSR/°C, over the specified range. Monotonic 
behavior in DACs is achieved if the differential nonlinearity is less than 1 LSB at any 
temperature in the range of interest. The differential nonlinearity temperature coefficient 
may be expressed as a ratio, as a maximum change over a temperature range, and/or 
implied by a statement that the device is monotonic over the specified temperature range. 
To avoid missing codes in noiseless ADCs, it is sufficient that the differential 
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nonlinearity error magnitude be greater than —1 LSB at any temperature in the range of 
interest. The differential nonlinearity temperature coefficient is often implied by the 
statement that there are no missed codes when operating within a specified temperature 
range. In DACs, the differential nonlinearity TC is often implied by the statement that the 
DAC is monotonic over a specified temperature range. 


c. Zero TC (unipolar converters): The temperature stability of a unipolar 
fixed-reference DAC, measured in % FSR/°C or ppm FSR/°C, is principally affected by 
current leakage (current-output DAC), and offset voltage and bias current of the output 
op amp (voltage-output DAC). The zero stability of an ADC is dependent on the zero 
stability of the DAC or integrator and/or the input buffer and the comparator. It is 
typically expressed in pV/°C or in percent or ppm of full-scale range (FSR) per degree C. 


d. Offset Tempco: The temperature coefficient of the all-DAC-switches-off 
(minus full-scale) point of a bipolar converter (in % FSR/°C or ppm FSR/°C) depends on 
three major factors—the tempco of the reference source, the voltage zero-stability of the 
output amplifier, and the tracking capability of the bipolar-offset resistors and the gain 
resistors. In an ADC, the corresponding tempco of the negative full-scale point depends 
on similar quantities—the tempco of the reference source, the voltage stability of the 
input buffer and the sample-and-hold, and the tracking capabilities of the bipolar offset 
resistors and the gain-setting resistors. 


Common-Mode Range. Common-mode rejection usually varies with the magnitude of the 
range through which the input signal can swing, determined by the sum of the common- 
mode and the differential voltage. Common-mode range is that range of total input 
voltage over which specified common-mode rejection is maintained. For example, if the 
common-mode signal is +5 V and the differential signal is +5 V, the common-mode 
range is +10 V. 


Common-Mode Rejection (CMR) is a measure of the change in output voltage when both 
inputs are changed by equal amounts of ac and/or de voltage. Common-mode rejection is 
usually expressed either as a ratio (e.g., CMRR = 1,000,000:1), or in decibels: CMR = 
20logiop CMRR; if CMRR = 10°. CMR = 120 dB. A CMRR of 10° means that 1 volt of 
common mode is processed by the device as though it were a differential signal of 1- 
microvolt at the input. 


CMR is usually specified for a full-range common-mode voltage change (CMV), at a 
given frequency, and a specified imbalance of source impedance (e.g., 1 kQ source 
unbalance, at 60 Hz). In amplifiers, the common-mode rejection ratio is defined as the 
ratio of the signal gain, G, to the common-mode gain (the ratio of common-mode signal 
appearing at the output to the CMV at the input. 


Common-Mode Voltage (CMV). A voltage that appears in common at both input 
terminals of a device, with respect to its output reference (usually "ground"). For inputs, 
V, and V2, with respect to ground, CMV = /4(V, + V2). An ideal differential-input device 
would ignore CMV. Common-mode error (CME) 1s any error at the output due to the 
common-mode input voltage. The errors due to supply-voltage variation, an internal 
common- mode effect, are specified separately. 
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Compliance-Voltage Range. For a current source (e.g., a current-output DAC), the 
maximum range of (output) terminal voltage for which the device will maintain the 
specified current-output characteristics. 


Differential Analog Input Resistance, Differential Analog Input Capacitance, and 
Differential Analog Input Impedance. The real and complex impedances measured at 
each analog input port of an ADC. The resistance is measured statically and the 
capacitance and differential input impedances are measured with a network analyzer. 


Differential Analog Input Voltage Range. The peak-to-peak differential voltage that must 
be applied to the converter to generate a full-scale response. Peak differential voltage is 
computed by observing the voltage on a single pin and subtracting the voltage from the 
other pin, which is 180 degrees out of phase. Peak-to-peak differential is computed by 
rotating the inputs phase 180 degrees and taking the peak measurement again. Then the 
difference is computed between both peak measurements. 


Full-Scale Range (FSR). For binary ADCs and DACs, that magnitude of voltage, current, 
or-in a multiplying DAC-gain, of which the MSB is specified to be exactly one-half or 
for which any bit or combination of bits is tested against its (their) prescribed ideal 
ratio(s). FSR is independent of resolution; the value of the LSB (voltage, current, or gain) 
is 2" FSR. There are several other terms, with differing meanings, that are often used in 
the context of discussions or operations involving full-scale range. They are: 


Full-scale—similar to full-scale range, but pertaining to a single polarity. Thus, 
full-scale for a unipolar device is twice the prescribed value of the MSB and has the same 
polarity. For a bipolar device, positive or negative full-scale is that positive or negative 
value, of which the next bit after the polarity bit is tested to be one-half. 


Span—the scalar voltage or current range corresponding to FSR. 


All-1’s—All bits on, the condition used, in conjunction with all-zeros, for gain 
adjustment of an ADC or DAC, in accordance with the manufacturer's instructions. Its 
magnitude, for a binary device, is (l— 2’) FSR. All-1’s is a positive-true definition of a 
specific magnitude relationship; for complementary coding the “all-I's” code will actually 
be all zeros. To avoid confusion, all-l’s should never be called "full-scale;" FSR and FS 
are independent of the number of bits, all-l’s isn't. 


All-0’s—All bits off, the condition used in offset (and gain) adjustment of a DAC 
or ADC, according to the manufacturer's instructions. All-0’s corresponds to zero output 
in a unipolar DAC and negative full-scale in an offset bipolar DAC with positive output 
reference. In a sign-magnitude device, all-0’s refers to all bits after the sign bit. 
Analogous to “all-l’s,” “all-0’s” is a positive-true definition of the all-bits-off condition; 
in a complementary-coded device, it is expressed by all ones. To avoid confusion, all-0’s 
should not be called “zero” unless it accurately corresponds to true analog zero output 
from a DAC. 


The best way of defining the critical points for an actual device is a brief table of critical 


codes and the ideal voltages, currents, or gains to which they correspond, with the 
conditions for measurement defined. 
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Gain: The “gain” of a converter is that analog scale factor setting that establishes the 
nominal conversion relationship, e.g., 10 volts full-scale. In a multiplying DAC or 
ratiometric ADC, it is indeed a gain. In a device with fixed internal reference, it is 
expressed as the full-scale magnitude of the output parameter (e.g., 10 volts or 2 
milliamperes). In a fixed-reference converter, where the use of the internal reference is 
optional, the converter gain and the reference may be specified separately. Gain and zero 
adjustment are discussed under zero. 


Impedance, Input: The dynamic load of an ADC presented to its input source. In 
unbuffered CMOS switched-capacitor ADCs, the presence of current transients at the 
converter's clock frequency mandates that the converter be driven from a low impedance 
(at the frequencies contained in the transients) in order to accurately convert. For 
buffered-input ADCs, the input impedance is generally represented by a resistive and 
capacitive component. 


Input-Referred Noise (Effective Input Noise): Input-referred noise can be viewed as the 
net effect of all internal ADC noise sources referred to the input. It is generally expressed 
in LSBs rms, but can also be expressed as a voltage. It can be converted to a peak-to-peak 
value by multiplying by the factor 6.6. The peak-to-peak input-referred noise can then be 
used to calculate the noise-free code resolution. (See noise-free code resolution). 


Leakage Current, Output: Current which appears at the output terminal of a DAC with all 
bits “off.” For a converter with two complementary outputs (for example, many fast 
CMOS DACs), output leakage current is the current measured at OUT 1, with all digital 
inputs Jow—and the current measured at OUT 2, with all digital inputs high. 


Output Propagation Delay: For an ADC having a single-ended sampling (or ENCODE) 
clock input, the delay between the 50% point of the sampling clock and the time when all 
output data bits are within valid logic levels. For an ADC having differential sampling 
clock inputs, the delay is measured with respect to the zero-crossing of the differential 
sampling clock signal. 


Output Voltage Tolerance: For a reference, the maximum deviation from the normal 
output voltage at 25°C and specified input voltage, as measured by a device traceable to a 
recognized fundamental voltage standard. 


Overload: An input voltage exceeding the ADC's full-scale input range producing an 
overload condition. 


Overvoltage Recovery Time: Overvoltage recovery time is defined as the amount of time 
required for an ADC to achieve a specified accuracy after an overvoltage (usually 50% 
greater than full-scale range), measured from the time the overvoltage signal reenters the 
converter's range. The ADC should act as an ideal limiter for out-of-range signals, 
producing a positive or negative full-scale code during the overvoltage condition. Some 
ADCs provide over- and under-range flags to allow gain-adjustment circuits to be 
activated. 


Overrange, Overvoltage: An input signal that exceeds the input range of an ADC, but is 
less than an overload. 
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Power-Supply Rejection Ratio (PSRR: The ratio of a change in de power supply voltage 
to the resulting change in the specified device error, expressed in percentage, parts per 
million, or fractions of 1 LSB. It may also be expressed logarithmically, in dB (PSR = 20 
logio (PSRR)). 


Power Supply Sensitivity. The sensitivity of a converter to changes in the power supply 
voltages is normally expressed in terms of percent-of-full-scale change in analog value or 
fractions of 1 LSB—(DAC output, ADC output code-center) for a 1% de change in the 
power supply, e.g., 0.05%/% AVs. Power supply sensitivity may also be expressed in 
relation to a specified maximum dc shift of power supply voltage. A converter might be 
considered “good” if the change in reading at full-scale does not exceed +’ LSB for a 
3% change in power supply voltage. Even better specs are necessary for converters 
designed for direct battery operation. 


Ratiometric: The output of an ADC is a digital number proportional to the ratio of (some 
measure of) the input to a reference voltage. Most requirements for conversions call for 
an absolute measurement, i.e., against a fixed reference; but this presumes that the signal 
applied to the converter is either reference independent, or in some way derived from 
another fixed reference. However, real references are not truly fixed; the references for 
both the converter and the signal source vary with time, temperature, loading, etc. 
Therefore, if the converter is used with signal sources that also rely on references (for 
example, strain-gage bridges, RTDs, thermistors), it makes sense to replace this 
multiplicity of references by a single system reference; reference-caused errors will tend 
to cancel out. This can be done by using the converter's internal reference (if it has one) 
as the system reference. Another way is to use a separate external system reference, 
which also becomes the reference for a ratiometric converter. 


Over limited ranges, ratiometric conversion can also serve as a substitute for analog or 
digital signal division (where the denominator changes by less than '2LSB during the 
conversion). The signal input is the numerator; the reference input is the denominator. 


Total Unadjusted Error: A comprehensive specification on some devices which includes 


full-scale error, relative-accuracy and zero-code errors, under a specified set of 
conditions. 
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Notes: 
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SECTION 6.6: DATA CONVERTER AC ERRORS 


This section examines the ac errors associated with data converters. Many of the errors 
and specifications apply equally to ADCs and DACs, while some are more specific to 
one or the other. All possible specifications are not discussed here, only the most popular 
ones. 
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Figure 6.121: Dynamic Performance Analysis of an Ideal N-bit ADC 


In most applications, the input to the ADC is a band of frequencies (usually summed with 
some noise), so the quantization noise tends to be random. In spectral analysis 
applications (or in performing FFTs on ADCs using spectrally pure sinewaves—see 
Figure 6.121), however, the correlation between the quantization noise and the signal 
depends upon the ratio of the sampling frequency to the input signal. This is 
demonstrated in Figure 6.122, where an ideal 12-bit ADCs output is analyzed using a 
4096-point FFT. In the left-hand FFT plot, the ratio of the sampling frequency to the 
input frequency was chosen to be exactly 32, and the worst harmonic is about 76 dB 
below the fundamental. The right hand diagram shows the effects of slightly offsetting 
the ratio to 4096/127 = 32.25196850394, showing a relatively random noise spectrum, 
where the SFDR is now about 92 dBc. In both cases, the rms value of all the noise 
components is approximately q/V 12, but in the first case, the noise is concentrated at 
harmonics of the fundamental. 
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Figure 6.122: Effect of Ratio of Sampling Clock to Input Frequency 
on SFDR for Ideal 12-bit ADC 
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Note that this variation in the apparent harmonic distortion of the ADC is an artifact of 
the sampling process and the correlation of the quantization error with the input 
frequency. In a practical ADC application, the quantization error generally appears as 
random noise because of the random nature of the wideband input signal and the 
additional fact that there is a usually a small amount of system noise which acts as a 
dither signal to further randomize the quantization error spectrum. 


It is important to understand the above point, because single-tone sine wave FFT testing 
of ADCs is a universally accepted method of performance evaluation. In order to 
accurately measure the harmonic distortion of an ADC, steps must be taken to ensure that 
the test setup truly measures the ADC distortion, not the artifacts due to quantization 
noise correlation. This is done by properly choosing the frequency ratio and sometimes 
by injecting a small amount of noise (dither) with the input signal. The exact same 
precautions apply to measuring DAC distortion with an analog spectrum analyzer. 


Figure 6.123 shows the FFT output for an ideal 12-bit ADC. Note that the average value 
of the noise floor of the FFT is approximately 100 dB below full-scale, but the theoretical 
SNR of a 12-bit ADC is 74 dB. The FFT noise floor is not the SNR of the ADC, because 
the FFT acts like an analog spectrum analyzer with a bandwidth of f,/M, where M is the 
number of points in the FFT. The theoretical FFT noise floor is therefore 
10log}9(M/2) dB below the quantization noise floor due to the processing gain of the 
FFT. In the case of an ideal 12-bit ADC with an SNR of 74 dB, a 4096-point FFT would 
result in a processing gain of 10log;9(4096/2) = 33 dB, thereby resulting in an overall 
FFT noise floor of 74 + 33 = 107 dBc. In fact, the FFT noise floor can be reduced even 
further by going to larger and larger FFTs; just as an analog spectrum analyzer’s noise 
floor can be reduced by narrowing the bandwidth. When testing ADCs using FFTs, it is 
important to ensure that the FFT size is large enough so that the distortion products can 
be distinguished from the FFT noise floor itself. 


ADC FULLSCALE 
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Figure 6.123: Noise Floor for an Ideal 12-bit ADC Using 4096-point FFT 
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Noise in Practical ADCs 


A practical sampling ADC (one that has an integral sample-and-hold), regardless of 
architecture, has a number of noise and distortion sources as shown in Figure 6.124. The 
wideband analog front-end buffer has wideband noise, nonlinearity, and also finite 
bandwidth. The SHA introduces further nonlinearity, bandlimiting, and aperture jitter. 
The actual quantizer portion of the ADC introduces quantization noise, and both integral 
and differential nonlinearity. In this discussion, assume that sequential outputs of the 
ADC are loaded into a buffer memory of length M and that the FFT processor provides 
the spectral output. Also assume that the FFT arithmetic operations themselves introduce 
no significant errors relative to the ADC. However, when examining the output noise 
floor, the FFT processing gain (dependent on M) must be considered. 
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Figure 6.124: ADC Model Showing Noise and Distortion Sources 


Equivalent Input Referred Noise 


Wideband ADC internal circuits produce a certain amount of rms noise due to resistor 
and kT/C noise. This noise is present even for dc-input signals, and accounts for the fact 
that the output of most wideband (or high resolution) ADCs is a distribution of codes, 
centered around the nominal value of a dc input (see Figure 6.125). To measure its value, 
the input of the ADC is either grounded or connected to a heavily decoupled voltage 
source, and a large number of output samples are collected and plotted as a histogram 
(sometimes referred to as a grounded-input histogram). Since the noise is approximately 
Gaussian, the standard deviation of the histogram is easily calculated (see Reference 6), 
corresponding to the effective input rms noise. It is common practice to express this rms 
noise in terms of LSBs rms, although it can be expressed as an rms voltage referenced to 
the ADC full-scale input range. 
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Figure 6.125: Effect of Input-Referred Noise on ADC "Grounded Input" 
Histogram 


Noise-Free (Flicker-Free) Code Resolution 


The noise-free code resolution of an ADC is the number of bits beyond which it is 
impossible to distinctly resolve individual codes. The cause is the effective input noise 
(or input-referred noise) associated with all ADCs and described above. This noise can be 
expressed as an rms quantity, usually having the units of LSBs rms. Multiplying by a 
factor of 6.6 converts the rms noise into peak-to-peak noise (expressed in LSBs peak-to- 
peak). The total range of an N-bit ADC is 2“ LSBs. The noise-free (or flicker-free) 
resolution can be calculated using the equation: 


Noise-Free Code Resolution = log, (2‘/Peak-to-Peak Noise). Eq. 6.17 


The specification is generally associated with high-resolution sigma-delta measurement 
ADCs, but is applicable to all ADCs. 


The ratio of the FS range to the rms input noise is sometimes used to calculate resolution. 

In this case, the term effective resolution is used. Note that under identical conditions, 

effective resolution is larger than noise-free code resolution by logo(6.6), or 
approximately 2.7 bits. 

Effective Resolution = log; (2‘/RMS Input Noise) Eq. 6.18 

Effective Resolution = Noise-Free Code Resolution + 2.7 bits. Eq. 6.19 


The calculations are summarized in Figure 6.126. 
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@ Effective Input Noise = Cy rms 


@ Peak-to-Peak Input Noise = 6.6 Oe ring 


@ Noise-Free Code Resolution = log, |_Peak-to-Peak Input nae 


Peak-to-Peak Input Noise 


= logs 


Peak-to-Peak Input Noise (LSBs) 


" : Pn Peak-to-Peak Input Range 
Eff Resol =| 
@ "Effective Resolution Og> , RMS Input Noise : 


QN 
= logs : 
RMS Input Noise (LSBs) 


= Noise-Free Code Resolution + 2.7 bits 


Figure 6.126: Calculating Noise-Free (Flicker-Free) Code Resolution 
from Input-Referred Noise 


Dynamic Performance of Data Converters 


There are various ways to characterize the ac performance of ADCs. In the early years of 
ADC technology (over 30 years ago) there was little standardization with respect to ac 
specifications, and measurement equipment and techniques were not well understood or 
available. Over nearly a 30 year period, manufacturers and customers have learned more 
about measuring the dynamic performance of converters, and the specifications shown in 
Figure 6.127 represent the most popular ones used today. Practically all the specifications 
represent the converter’s performance in the frequency domain. The FFT is the heart of 
practically all these measurements and is discussed in more detail in a latter section. 


Integral and Differential Nonlinearity Distortion Effects 


One of the first things to realize when examining the nonlinearities of data converters is 
that the transfer function of a data converter has artifacts which do not occur in 
conventional linear devices such as op amps or gain blocks. The overall integral 
nonlinearity of an ADC is due to the integral nonlinearity of the front-end and SHA as 
well as the overall integral nonlinearity in the ADC transfer function. However, 
differential nonlinearity is due exclusively to the encoding process and may vary 
considerably dependent on the ADC encoding architecture. Overall integral nonlinearity 
produces distortion products whose amplitude varies as a function of the input signal 
amplitude. For instance, second-order intermodulation products increase 2 dB for every 
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1-dB increase in signal level, and third-order products increase 3 dB for every 1-dB 
increase in signal level. 


$+ HH HHHHHH HH 


Harmonic Distortion 

Worst Harmonic 

Total Harmonic Distortion (THD) 

Total Harmonic Distortion Plus Noise (THD + N) 
Signal-to-Noise-and-Distortion Ratio (SNAD, or S/N +D) 
Effective Number of Bits (ENOB) 
Signal-to-Noise Ratio (SNR) 

Analog Bandwidth (Full-Power, Small-Signal) 
Spurious Free Dynamic Range (SFDR) 
Two-Tone Intermodulation Distortion 

Multi-tone Intermodulation Distortion 

Noise Power Ratio (NPR) 

Adjacent Channel Leakage Ratio (ACLR) 

Noise Figure 

Settling Time, Overvoltage Recovery Time 


Figure 6.127: Quantifying Data Converter Dynamic Performance 
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Figure 6.128: Typical ADC/ DAC DNL Errors (Exaggerated) 


The differential nonlinearity in the ADC transfer function produces distortion products 
which not only depend on the amplitude of the signal but the positioning of the 
differential nonlinearity errors along the ADC transfer function. Figure 6.128 shows two 
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ADC transfer functions having differential nonlinearity. The left-hand diagram shows an 
error which occurs at mid-scale. Therefore, for both large and small signals, the signal 
crosses through this point producing a distortion product which is relatively independent 
of the signal amplitude. The right-hand diagram shows another ADC transfer function 
which has differential nonlinearity errors at 1/4 full-scale and 3/4 full-scale. Signals 
which are above 1/2 scale peak-to-peak will exercise these codes and produce distortion, 
while those less than 1/2 scale peak-to-peak will not. 


Most high-speed ADCs are designed so that differential nonlinearity is spread across the 
entire ADC range. Therefore, for signals which are within a few dB of full-scale, the 
overall integral nonlinearity of the transfer function determines the distortion products. 
For lower level signals, however, the harmonic content becomes dominated by the 
differential nonlinearities and does not generally decrease proportionally with decreases 
in signal amplitude. 


Harmonic Distortion, Worst Harmonic, Total Harmonic Distortion 
(THD), Total Harmonic Distortion Plus Noise (THD + N) 


There are a number of ways to quantify the distortion of an ADC. An FFT analysis can be 
used to measure the amplitude of the various harmonics of a signal. The harmonics of the 
input signal can be distinguished from other distortion products by their location in the 
frequency spectrum. Figure 6.129 shows a 7 MHz input signal sampled at 20 MSPS and 
the location of the first 9 harmonics. Aliased harmonics of f, fall at frequencies equal to 
|[+Kf, + nf,|, where n is the order of the harmonic, and K = 0, 1, 2, 3, ... The second and 
third harmonics are generally the only ones specified on a data sheet because they tend to 
be the largest, although some data sheets may specify the value of the worst harmonic. 


RELATIVE fg = 7MHz 
AMPLITUDE 


f, = 20MSPS 
HARMONICS AT: |+Kf,=nf,| 


n = ORDER OF HARMONIC, K = 0, 1, 2, 3,... 


1 2 3 4 5 6 7 8 9 10 
FREQUENCY (MHz) 


Figure 6.129: Location of Distortion Products: 
Input Signal = 7 MHz, Sampling Rate = 20 MSPS 
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Harmonic distortion is normally specified in dBc (decibels below carrier), although at 
audio frequencies it may be specified as a percentage. Harmonic distortion is generally 
specified with an input signal near full-scale (generally 0.5 dB to 1 dB below full-scale to 
prevent clipping), but it can be specified at any level. For signals much lower than full- 
scale, other distortion products due to the DNL of the converter (not direct harmonics) 
may limit performance. 


Total harmonic distortion (THD) is the ratio of the rms value of the fundamental signal to 
the mean value of the root-sum-square of its harmonics (generally, only the first five are 
significant). THD of an ADC is also generally specified with the input signal close to 
full-scale, although it can be specified at any level. 


Total harmonic distortion plus noise (THD + N) is the ratio of the rms value of the 
fundamental signal to the mean value of the root-sum-square of its harmonics plus all 
noise components (excluding dc). The bandwidth over which the noise is measured must 
be specified. In the case of an FFT, the bandwidth is de to f,/2. (If the bandwidth of the 
measurement is de to f,/2, THD + N is equal to SINAD—see below). 


Signal-to-Noise-and-Distortion Ratio (SINAD), Signal-to-Noise Ratio 
(SNR), and Effective Number of Bits (ENOB) 


SINAD and SNR deserve careful attention, because there is still some variation between 
ADC manufacturers as to their precise meaning. Signal-to-noise-and Distortion (SINAD, 
or S/(N + D) is the ratio of the rms signal amplitude to the mean value of the root-sum- 
square (rss) of all other spectral components, including harmonics, but excluding dc (see 
Figure 6.130). SINAD is a good indication of the overall dynamic performance of an 
ADC as a function of input frequency because it includes all components which make up 
noise (including thermal noise) and distortion. It is often plotted for various input 
amplitudes. SINAD is equal to THD + N if the bandwidth for the noise measurement is 
the same. A typical plot for the AD9226 12-bit, 65-MSPS ADC is shown in Figure 6.131. 


@ SINAD (Signakto-Noise-and-Distortion Ratio): 


@ The ratio of therms signal amplitude to the mearwalue of the 
root-sum-squares (RSS) of all other spectral components, 
including harmonics, but excluding DC. 


@ ENOB (Effective Number ofBits): 
SINAD — 1.76dB 


ENOB = 
6.02 


@ SNR (Signalto-Noise Ratio, or Signaito-Noise Ratio Without 
Harmonics: 


@ The ratio of therms signal amplitude to the mearvalue of the 
root-sum-squares (RSS) of all other spectral components, 
excluding the first 5 harmonics and DC 


Figure 6.130: S/INAD, ENOB, and SNR 
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Figure 6.131: AD9226 12-bit, 65-MSPS ADC SINAD and ENOB 
for Various Input Full-Scale Spans (Range) 


The SINAD plot shows where the ac performance of the ADC degrades due to high 
frequency distortion and is usually plotted for frequencies well above the Nyquist 
frequency so that performance in undersampling applications can be evaluated. SINAD is 
often converted to effective-number-of-bits (ENOB) using the relationship for the 
theoretical SNR of an ideal N-bit ADC: SNR = 6.02N + 1.76 dB. The equation is solved 
for N, and the value of SINAD is substituted for SNR: 


ENOB = “_ — Eq. 6.20 


Signal-to-noise ratio (SNR, or SNR-without-harmonics) 1s calculated the same as SINAD 
except that the signal harmonics are excluded from the calculation, leaving only the noise 
terms. In practice, it is only necessary to exclude the first five harmonics since they 
dominate. The SNR plot will degrade at high frequencies, but not as rapidly as SINAD 
because of the exclusion of the harmonic terms. 


Many current ADC data sheets somewhat loosely refer to SINAD as SNR, so the 
engineer must be careful when interpreting these specifications. 


Analog Bandwidth 
The analog bandwidth of an ADC is that frequency at which the spectral output of the 


fundamental swept frequency (as determined by the FFT analysis) is reduced by 3 dB. It 
may be specified for either a small signal (SSBW—small signal bandwidth), or a full- 
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scale signal (FPBW—Jull power bandwidth), so there can be a wide variation in 
specifications between manufacturers. 


The small signal bandwidth will be larger than the full power bandwidth. This issue is 
one of slew rate for the analog portion of the converter. This is similar to the bandwidth 
specifications of an op amp. 


Like an amplifier, the analog bandwidth specification of a converter does not imply that 
the ADC maintains good distortion performance up to its bandwidth frequency. In fact, 
the SINAD (or ENOB) of most ADCs will begin to degrade considerably before the input 
frequency approaches the actual 3 dB bandwidth frequency. Figure 6.132 shows ENOB 
and full-scale frequency response of an ADC with a FPBW of 1 MHz, however, the 
ENOB begins to drop rapidly above 100 kHz. 


FPBW = 1MHz 


GAIN (FS INPUT) 


GAIN 
ENOB (FS INPUT) 


ENOB 
ENOB (-20dB INPUT) 


| | 
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ADC INPUT FREQUENCY (Hz) 


Figure 6.132: ADC Gain (Bandwidth) and ENOB vs. Frequency Shows 
Importance of ENOB Specification 


In some systems, notably video applications the bandwidth is specified to the level at 
which the level is reduced by 0.1 dB. 


Spurious-Free Dynamic Range (SFDR) 


Probably the most significant specification for an ADC used in a communications 
application is its spurious-free dynamic range (SFDR). The SFDR specification is to 
ADCs what the third order intercept specification is to mixers and LNAs. SFDR of an 
ADC is defined as the ratio of the rms signal amplitude to the rms value of the peak 
spurious spectral content measured over the bandwidth of interest. Unless otherwise 
stated, the bandwidth is assumed to be the Nyquist bandwidth dc to f,/2. 
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Occasionally the frequency spectrum is divided into an in-band region (containing the 
signals of interest) and an out-of-band region (signals here are filtered out digitally). In 
this case there may be an in-band SFDR specification and an out-of-band SFDR 
specification, respectively. 


SFDR is generally plotted as a function of signal amplitude and may be expressed 
relative to the signal amplitude (dBc) or the ADC full-scale (dBFS) as shown in 
Figure 6.133. 
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INPUT SIGNAL LEVEL (CARRIER) 
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Figure 6.133: Spurious-Free Dynamic Range (SFDR) 
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Figure 6.134: AD6645 14-bit, 80-MSPS ADC SFDR for 69.1 MHz Input 
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For a signal near full-scale, the peak spectral spur is generally determined by one of the 
first few harmonics of the fundamental. However, as the signal falls several dB below 
full-scale, other spurs generally occur which are not direct harmonics of the input signal. 
This is because of the differential nonlinearity of the ADC transfer function as discussed 
earlier. Therefore, SFDR considers all sources of distortion, regardless of their origin. 


The AD6645 is a 14-bit, 80-MSPS wideband ADC designed for communications 
applications where high SFDR is important. The single-tone SFDR for a 69.1-MHz input 
and a sampling frequency of 80 MSPS is shown in Figure 6.134. Note that a minimum of 
89 dBc SFDR is obtained over the entire first Nyquist zone (dc to 40 MHz). 


SFDR as a function of signal amplitude is shown in Figure 6.135 for the AD6645. Notice 
that over the entire range of signal amplitudes, the SFDR is greater than 90 dBFS. The 
abrupt changes in the SFDR plot are due to the differential nonlinearities in the ADC 
transfer function. The nonlinearities correspond to those shown in Figure 6.128B, and are 
offset from mid-scale such that input signals less than about 65 dBFS do not exercise any 
of the points of increased DNL. It should be noted that the SFDR can be improved by 
injecting a small out-of-band dither signal—at the expense of a slight degradation in 
SNR. 
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Figure 6.135: AD6645 14-bit, 80 MSPS ADC SFDR vs. 
Input Power Level for 69.1 MHz Input 


SFDR is generally much greater than the ADCs theoretical N-bit SNR (6.02N + 1.76 dB). 
For example, the AD6645 is a 14-bit ADC with an SFDR of 90 dBc and a typical SNR of 
73.5 dB (the theoretical SNR for 14-bits is 86 dB). This is because there is a fundamental 
distinction between noise and distortion measurements. The process gain of the FFT 
(33 dB for a 4096-point FFT) allows frequency spurs well below the noise floor to be 
observed. Adding extra resolution to an ADC may serve to increase its SNR but may or 
may not increase its SFDR. 
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Two Tone Intermodulation Distortion (IMD) 


Two tone IMD is measured by applying two spectrally pure sine waves to the ADC at 
frequencies f; and fz, usually relatively close together. The amplitude of each tone is set 
slightly more than 6 dB below full-scale so that the ADC does not clip when the two 
tones add in-phase. The locations of the second and third-order products are shown in 
Figure 6.136. Notice that the second-order products fall at frequencies which can be 
removed by digital filters. However, the third-order products 2f) — f; and 2f; — f2 are close 
to the original signals and are more difficult to filter. Unless otherwise specified, two- 
tone IMD refers to these third-order products. The value of the IMD product is expressed 
in dBc relative to the value of either of the two original tones, and not to their sum. 
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Figure 6.136: Second and Third-Order Intermodulation Products 
for fy = 5 MHz, f2 = 6 MHz 


Note, however, that if the two tones are close to f,/4, then the aliased third harmonics of 
the fundamentals can make the identification of the actual 2f, — f; and 2f; — f products 
difficult. This is because the third harmonic of f,/4 is 3f,/4, and the alias occurs at 

f, — 3f,/4 = f,/4. Similarly, if the two tones are close to f,/3, the aliased second harmonics 
may interfere with the measurement. The same reasoning applies here; the second 
harmonic of f,/3 is 2f,/3, and its alias occurs at f, — 2f,/3 = f,/3. 
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Multitone Spurious-Free Dynamic Range 


Two-tone and multitone SFDR is often measured in communications applications. The 
larger number of tones more closely simulates the wideband frequency spectrum of 
cellular telephone systems such as AMPS or GSM. Figure 6.137 shows the 2-tone 
intermodulation performance of the AD6645 14-bit, 830 MSPS ADC. The input tones are 
at 55.25 MHz and 56.25 MHz and are located in the second Nyquist Zone. 


The aliased tones therefore occur at 23.75 MHz and 24.75 MHz in the first Nyquist Zone. 
High SFDR increases the receiver's ability to capture small signals in the presence of 
large ones, and prevents the small signals from being masked by the intermodulation 
products of the larger ones. Figure 6.138 shows the AD6645 two-tone SFDR as a 
function of input signal amplitude for the same input frequencies. 
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Figure 6.137: Two-Tone SFDR for AD6645 14-bit, 80-MSPS ADC, 
Input Tones: 55.25 MHz and 56.25 MHz 
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Figure 6.138: Two-Tone SFDR vs. Input Amplitude 
for AD6645 14-bit, 80-MSPS ADC 
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Second- and Third-Order Intercept Points, 1 dB Compression Point 


Third-order IMD products are especially troublesome in multichannel communications 
systems where the channel separation is constant across the frequency band. Third-order 
IMD products can mask out small signals in the presence of larger ones. 


In amplifiers, it is common practice to specify the third-order IMD products in terms of 
the third-order intercept point, as is shown by Figure 6.139. Two spectrally pure tones 
are applied to the system. The output signal power in a single tone (in dBm) as well as 
the relative amplitude of the third-order products (referenced to a single tone) is plotted 
as a function of input signal power. The fundamental is shown by the s/ope = / curve in 
the diagram. If the system nonlinearity is approximated by a power series expansion, it 
can be shown that second-order IMD amplitudes increase 2 dB for every 1-dB of signal 
increase, as represented by slope = 2 curve in the diagram. 


Similarly, the third-order IMD amplitudes increase 3 dB for every 1-dB of signal 
increase, as indicated by the slope = 3 plotted line. With a low level two-tone input 
signal, and two data points, one can draw the second and third order IMD lines as they 
are shown in Figure 6.139 (using the principle that a point and a slope define a straight 
line). 
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Figure 6.139: Definition of Intercept Points and 
1 dB Compression Points for Amplifiers 


Once the input reaches a certain level however, the output signal begins to soft-limit, or 
compress. A parameter of interest here is the / dB compression point. This is the point 
where the output signal is compressed 1 dB from an ideal input/output transfer function. 
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This is shown in Figure 6.139 within the region where the ideal slope = 1 line becomes 
dotted, and the actual response exhibits compression (solid). 


Nevertheless, both the second- and third-order intercept lines may be extended, to 
intersect the (dotted) extension of the ideal output signal line. These intersections are 
called the second and third-order intercept points, respectively, or IP2 and IP3. These 
power level values are usually referenced to the output power of the device delivered to a 
matched load (usually, but not necessarily 50 Q) expressed in dBm. 


It should be noted that IP2, IP3, and the 1 dB compression point are all a function of 
frequency, and as one would expect, the distortion is worse at higher frequencies. 

For a given frequency, knowing the third order intercept point allows calculation of the 
approximate level of the third-order IMD products as a function of output signal level. 


The concept of second and third-order intercept points is not valid for an ADC, because 
the distortion products do not vary in a predictable manner (as a function of signal 
amplitude). The ADC does not gradually begin to compress signals approaching full- 
scale (there is no 1 dB compression point); it acts as a hard limiter as soon as the signal 
exceeds the ADC input range, thereby suddenly producing extreme amounts of distortion 
because of clipping. On the other hand, for signals much below full-scale, the distortion 
floor remains relatively constant and is independent of signal level. This is shown 
graphically in Figure 6.140. 
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Figure 6.140: Intercept Points for Data Converters Have No Practical 
Significance 


The IMD curve in Figure 6.140 is divided into three regions. For low level input signals, 
the IMD products remain relatively constant regardless of signal level. This implies that 
as the input signal increases | dB, the ratio of the signal to the IMD level will increase 
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1 dB also. When the input signal is within a few dB of the ADC full-scale range, the IMD 
may start to increase (but it might not in a very well-designed ADC). The exact level at 
which this occurs is dependent on the particular ADC under consideration—some ADCs 
may not exhibit significant increases in the IMD products over their full input range, 
however most will. As the input signal continues to increase beyond full-scale, the ADC 
should as an ideal limiter, and the IMD products become very large. 


For these reasons, the 2" and 3“ order IMD intercept points are not specified for ADCs. 
It should be noted that essentially the same arguments apply to DACs. In either case, the 
single- or multi-tone SFDR specification is the most accepted way to measure data 
converter distortion. 


Wideband CDMA (W-CDMA) Adjacent Channel Power Ratio (ACPR) 
and Adjacent Channel Leakage Ratio (ADLR) 


A wideband CDMA channel has a bandwidth of approximately 3.84 MHz, and channel 
spacing is 5 MHz. The ratio in dBc between the measured power within a channel 
relative to its adjacent channel is defined as the adjacent channel power ratio (ACPR). 


The ratio in dBc between the measured power within the channel bandwidth relative to 
the noise level in an adjacent empty carrier channel is defined as adjacent channel 
leakage ratio (ACLR). 


dBFS 


5 10 15 20 25 30 35 40 
FREQUENCY — MHz 


Figure 6.141: Wideband CDMA (W-CDMA) 
Adjacent Channel Leakage Ratio (ACLR) 


Figure 6.141 shows a single wideband CDMA channel centered at 140 MHz sampled at a 
frequency of 76.8 MSPS using the AD6645. This is a good example of undersampling 
(direct IF-to-digital conversion).The signal lies within the third Nyquist zone: 3f,/2 to 2f; 
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(115.2 MHz to 153.6 MHz). The aliased signal within the first Nyquist zone is therefore 
centered at 2f,— f, = 153.6 — 140 = 13.6 MHz. The diagram also shows the location of the 
aliased harmonics. For example, the second harmonic of the input signal occurs at 

2 x 140 = 280 MHz, and the aliased component occurs at 

Af, —2f, =4 x 76.8 —280= 307.2 — 280 = 27.2 MHz. 


Noise Power Ratio (NPR) 


Noise power ratio has been used extensively to measure the transmission characteristics 
of Frequency Division Multiple Access (FDMA) communications links (see Reference 
7). In a typical FDMA system, 4-kHz wide voice channels are “stacked” in frequency 
bins for transmission over coaxial, microwave, or satellite equipment. At the receiving 
end, the FDMA data is demultiplexed and returned to 4-kHz individual baseband 
channels. In an FDMA system having more than approximately 100 channels, the FDMA 
signal can be approximated by Gaussian noise with the appropriate bandwidth. An 
individual 4-kHz channel can be measured for “quietness” using a narrow-band notch 
(band-stop) filter and a specially tuned receiver which measures the noise power inside 
the 4-kHz notch (see Figure 6.142). 


Noise Power Ratio (NPR) measurements are straightforward. With the notch filter out, 
the rms noise power of the signal inside the notch is measured by the narrowband 
receiver. The notch filter is then switched in, and the residual noise inside the slot is 
measured. The ratio of these two readings expressed in dB is the NPR. Several slot 
frequencies across the noise bandwidth (low, midband, and high) are tested to 
characterize the system adequately. NPR measurements on ADCs are made in a similar 
manner except the analog receiver is replaced by a buffer memory and an FFT processor. 


776 

GAUSSIAN LPF | NOTCH | TRANSMISSION NARROWBAND 
ee FILTER SYSTEM RECEIVER 
BUFFER 
ah _ NOTCH see N | MEMORY 
SOURCE FILTER eee AND FFT 
PROCESSOR 

A 
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(dB) 


FREQUENCY 0.5f, 


Figure 6.142: Noise Power Ratio (VPR) Measurements 
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The NPR is plotted as a function of rms noise level referred to the peak range of the 
system. For very low noise loading level, the undesired noise (in nondigital systems) is 
primarily thermal noise and is independent of the input noise level. Over this region of 
the curve, a | dB increase in noise loading level causes a 1 dB increase in NPR. As the 
noise loading level is increased, the amplifiers in the system begin to overload, creating 
intermodulation products which cause the noise floor of the system to increase. As the 
input noise increases further, the effects of "overload" noise predominate, and the NPR is 
reduced dramatically. FDMA systems are usually operated at a noise loading level a few 
dB below the point of maximum NPR. 


In a digital system containing an ADC, the noise within the slot is primarily quantization 
noise when low levels of noise input are applied. The NPR curve is linear in this region. 
As the noise level increases, there is a one-for-one correspondence between the noise 
level and the NPR. At some level, however, “clipping” noise caused by the hard-limiting 
action of the ADC begins to dominate. A theoretical curve for 10, 11, and 12-bit ADCs is 
shown in Figure 6.143 (see Reference 8). 


NPR ADC RANGE = #Vo 
(dB) ——~—~62.7dB 


50 + 


RMS NOISE LOADING LEVEL = —20log,9(k) dB 


Figure 6.143: Theoretical NPR for 10, 11, 12-bit ADCs 


Figure 6.144 shows the maximum theoretical NPR and the noise loading level at which 
the maximum value occurs for 8 bit to 16 bit ADCs. The ADC input range is 2 Vo peak- 
to-peak. The rms noise level is o, and the noise-loading factor k (crest factor) is defined 
as Vo/o , the peak-to-rms ratio (k is expressed either as numerical ratio or in dB). 


In multi-channel high frequency communication systems where there is little or no phase 
correlation between channels, NPR can also be used to simulate the distortion caused by 
a large number of individual channels, similar to an FDMA system. A notch filter is 
placed between the noise source and the ADC, and an FFT output is used in place of the 
analog receiver. The width of the notch filter is set for several MHz as shown in Figure 
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2.65 for the AD9430 12-bit 170-MSPS ADC. The notch is centered at 19 MHz, and the 
NPR is the “depth” of the notch. An ideal ADC will only generate quantization noise 
inside the notch; however a practical one has additional noise components due to 
additional noise and intermodulation distortion caused by ADC imperfections. Notice 
that the NPR is about 57 dB compared to 62.7 dB theoretical. 


BITS k OPTIMUM k(dB) MAX NPR (dB) 
8 3.92 11.87 40.60 
9 4.22 12.50 46.05 
10 4.50 13.06 51.56 
11 4.76 13.55 57.12 
12 5.01 14.00 62.71 
13 5.26 14.41 68.35 
14 5.49 14.79 74.01 
15 5.72 15.15 79.70 
16 5.94 15.47 85.40 


ADC Range = +Vo 
k= Vo lo 
o = RMS Noise Level 


Figure 6.144: Theoretical Maximum NPR for 8 bit to 16 bit ADCs 


NPR = 56.95dB 
ENCODE = 170MSPS 
NOTCH @ 19MHz 


NOISE INPUT LEVEL — dB 


INPUT FREQUENCY 


Figure 6.145: AD9430 12-bit, 170 MSPS ADC NPR 
Measures 57 dB (62.7 dB Theoretical) 
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Noise Factor (F) and Noise Figure (NF) 


Noise figure (NF) is a popular specification among RF system designers. It is used to 
characterize RF amplifiers, mixers, etc., and widely used as a tool in radio receiver 
design. Many excellent textbooks on communications and receiver design treat noise 
figure extensively (see Reference 9, for example)—it is not the purpose of this discussion 
to discuss the topic in much detail, but only how it applies to data converters. 


Since many wideband operational amplifiers and ADCs are now being used in RF 
applications, the inevitable day has come where the noise figure of these devices becomes 
important. As discussed in Reference 10, in order to determine the noise figure of an op 
amp correctly, one must not only know op amp voltage and current noise, but the exact 
circuit conditions—closed-loop gain, gain-setting resistor values, source resistance, 
bandwidth, etc. Calculating the noise figure for an ADC is even more of a challenge as 
will be seen. 


Figure 6.146 shows the basic model for defining the noise figure of an ADC. The noise 
factor, F, is simply defined as the ratio of the total effective input noise power of the 
ADC to the amount of that noise power caused by the source resistance alone. Because 
the impedance is matched, the square of the voltage noise can be used instead of noise 
power. The noise figure, NF, is simply the noise factor expressed in dB, NF = 10logioF. 


B = Filter fs 
SOURCE Noise Bandwidth 
X N 
FILTER 
R Pp : R* 
LBS FS(dBm) db ' *May be external 


(TOTAL EFFECTIVE INPUT NOISE) 2 


NOISE FACTOR (F) = 
(TOTAL INPUT NOISE DUE TO SOURCE R) 2 


(TOTAL EFFECTIVE INPUT NOISE) 2 
NOISE FIGURE (NF) = 10log4, 


(TOTAL INPUT NOISE DUE TO SOURCE R) 2 


Note: Noise Must be Measured Over the Filter Noise Bandwidth, B 


Figure 6.146: Noise Figure for ADCs: Use with Caution! 


This model assumes the input to the ADC comes from a source having a resistance, R, 
and that the input is band-limited to f,/2 with a filter having a noise bandwidth equal to 
f,/2. It is also possible to further band-limit the input signal resulting in oversampling and 
process gain, and this condition will be discussed shortly. 
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It is also assumed that the input impedance to the ADC is equal to the source resistance. 
Many ADCs have a high input impedance, so this termination resistance may be external 
to the ADC or used in parallel with the internal resistance to produce an equivalent 
termination resistance equal to R. The full-scale input power is the power of a sine wave 
whose peak-to-peak amplitude fills the entire ADC input range. The full-scale input sine 
wave given by the following equation has a peak-to-peak amplitude of 2 Vo 
corresponding to the peak-to-peak input range of the ADC: 


v(t) = Vo sin 2nft Eq. 6.21 


The full-scale power in this sine wave is given by: 


_(Vo/N2)? _ Vo" 


P Eq. 6.22 
FS R OR q 
It is customary to express this power in dBm (referenced to 1 mW) as follows: 
Prs(dBm) = 10 logio BES: P Eq. 6.23 
ImW 


The noise bandwidth of a nonideal brick wall filter is defined as the bandwidth of an ideal 
brick wall filter which will pass the same noise power as the nonideal filter. Therefore, 
the noise bandwidth of a filter is always greater than the 3 dB bandwidth of the filter by a 
factor which depends upon the sharpness of the cutoff region of the filter. Figure 2.68 
shows the relationship between the noise bandwidth and the 3 dB bandwidth for 
Butterworth filters up to 5 poles. Note that for two poles, the noise bandwidth and 3 dB 
bandwidth are within 11% of each other, and beyond that the two quantities are 
essentially equal. 


Figure 6.147: Relationship Between Noise Bandwidth 
and 3 dB Bandwidth for Butterworth Filter 
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The first step in the NF calculation is to calculate the effective input noise of the ADC 
from its SNR. The SNR of the ADC is given for a variety of input frequencies, so be sure 
to use the value corresponding to the input frequency of interest. Also, make sure that the 
harmonics are not included in the SNR number—some ADC data sheets may confuse 
SINAD with SNR. Once the SNR is known, the equivalent input rms voltage noise can 
be calculated starting from the equation: 


a 
SNR = 201log,9| > eS — Eq. 6.24 
VNOISE RMS 
Solving for Vnotse rms: 
-SNR /20 
VNOISE RMS = Ves rms ‘10 Eq. 6.25 


This is the total effective input rms noise voltage at the carrier frequency measured over 
the Nyquist bandwidth, dc to f,/2. Note that this noise includes the source resistance 
noise. These results are summarized in Figure 6.148. 


@ Start with the SNR of the ADC measured at the carrier frequency 
(Note: this SNRvalue does not include the harmonics of the 
fundamental and is measuredover the Nyquist bandwidth, dc to f,/2) 


VFs-RMS 


Ra, sn VNOISE-RMS 


= -SNR/ 20 
VnolIse-RMS = VFs-Rms 10 


@ This is the total ADC effective input noise at the carrier frequency 
measured over the Nyquist bandwidth, dc to f,/2 


Figure 6.148: Calculating ADC Total Effective Input Noise from SNR 


The next step is to actually calculate the noise figure. In Figure 2.70 notice that the 
amount of the input voltage noise due to the source resistance is the voltage noise of the 
source resistance V(4kTBR) divided by two, or V(kTBR) because of the 2:1 attenuator 
formed by the ADC input termination resistor. 


The expression for the noise factor F can be written: 


kTRB R 


F Eq. 6.24 


2 2 
_ VNOISERMS _| VFS RMS 1 Jhon] 
kT 
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The noise figure is obtained by converting F into dB and simplifying: 
NF = 10;ologF = Prs(aBm) +174 dBm—SNR — 10iologB, Eq. 6.25 


Where SNR is in dB, B in Hz, T= 300 K, k= 1.38 x 10 ~ JK. 


Oversampling and filtering can be used to decrease the noise figure as a result of the 
process gain as has been previously discussed. In this case, the signal bandwidth B is less 
than f,/2. Figure 6.149 shows the correction factor which results in the following 
equation: 


NF= 10,ologF = Prs(aBm) +174 dBm—SNR — 10 log iol f,/2B] —10 logjoB. Eq. 6.26 


ADC B = Filter 
: — Noise Bandwidth 
R 


-SNR/ 20 


VnoisE-RMs_ = Ves-ros 19 


2 2 
= VNOISE-RMS : a 1 ‘a -SNR/10|| 1 
kTRB 


R kT B 


where SNR isindB, BinHz, T= 300K, k=1.38x 10723 J/K 


Figure 6.149: ADC Noise Figure in Terms of SNR, 
Sampling Rate and Input Power 


Figure 6.151 shows an example NF calculation for the AD6645 14-bit, 830-MSPS ADC. 
A 52.3 Q resistor is added in parallel with the AD6645 input impedance of 1 kQ to make 
the net input impedance 50 Q. The ADC is operating under Nyquist conditions, and the 
SNR of 74 dB is the starting point for the calculations using Eq. 6.26. A noise figure of 
34.8 dB is obtained. 


Figure 6.152 shows how using an RF transformer with voltage gain can improve the 
noise figure. Figure 6.152A shows a 1:1 turns ratio, and the noise figure (from 
Figure 6.151) is 34.8. Figure 6.152B shows a transformer with a 1:2 turns ratio. The 
249 © resistor in parallel with the AD6645 internal resistance results in a net input 
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impedance of 200 Q. The noise figure is improved by 6 dB because of the noise-free 
voltage gain of the transformer. Figure 6.152C shows a transformer with a 1:4 turns ratio. 
The AD6645 input is paralleled with a 4.02 kQ resistor to make the net input impedance 
800 Q. The noise figure is improved by another 6 dB. Transformers with higher turns 
ratios are not generally practical because of bandwidth and distortion limitations. 


B = Filter 
Noise Bandwidth 


NF= Pesigpm) + 174dBm -SNR - 10 logy9|—§ — 10 log, 9B, 


N.Y XE 
Measured Process 
DC to f,/2 Gain 


where SNR isindB, BinHz, T=300K, k=1.38 x 10-23 J/K 


Figure 6.150: Effect of Oversampling and Process Gain on ADC Noise Figure 


1:1 “ 
TURNS RATIO AD6645 ¢ ves fer 
500 © oe @ SNR = 74dB 
ae —> @ Input 3dB BW = 250MHz 
saa B = 40MHz le ee a 
C) a 
Ves p-p = 2.2V ; 
Ves-RMS = 0.778V f, = 80MSPS 
(0.778)? _ oe 
= ——_ =12.1mW 
Pes 50 


Pes(dpm) = *10.8dBm 


NF = PEs(dBm) +174dBm — SNR — 10 log49B 


= +10.8dBm + 174dBm — 74dB — 10 1og49(40 x 10°) 
= 34.8dB 


Figure 6.151: Example Calculation of Noise Figure 
Under Nyquist Conditions for AD6645 
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Even with the 1:4 turns ratio transformer, the overall noise figure for the AD6645 was 
still 22.8 dB, still relatively high by RF standards. The solution is to provide low noise 
high gain stages ahead of the ADC. Figure 6.153 shows how the Friis equation is used to 
calculate the noise factor for cascaded gain stages. Notice that high gain in the first stage 
reduces the contribution of the noise factor of the second stage—the noise factor of the 
first stage dominates the overall noise factor. 


4:1 TURNS RATIO © Veg p.p = 2.2V 
(A) os ef, = 80MSPS 
a AD6645| « Snr=740B 
500 S 41kQ @ Input 3dB BW = 250MHz 
NF = 34.8dB 
1:2 TURNS RATIO 
; AD6645 
1kQ NF = 28.8dB 
Pes(aBm) = *4-8dBm : 
1:4 TURNS RATIO 
i 8000 0 A 
: AD6645 
4.02kQ aes NF = 22.8dB 
() =e 


Figure 6.152: Using RF Transformers to Improve Overall ADC Noise Figure 


_ F2-14 F3-1 , _F4-1 
Fr=Fi+ “Gr * Gta G1G2°G3 


High gain in the first stage reduces the 
contribution of the NF of the second stage 


NF of the first stage dominates the total NF 


NF; = 10 logy oF + 


Figure 6.153: Cascaded Noise Figure Using the Friis Equation 
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Figure 6.154 shows the effects of a high gain (25 dB), low noise (NF = 4 dB) stage 
placed in front of a relatively high NF stage (30 dB)—the noise figure of the second stage 
is typical of high performance ADCs. The overall noise figure is 7.53 dB, only 3.53 dB 
higher than the first stage noise figure of 4 dB. 


G1 = 10 25/10 = 49 25= 316, F1=10 4/19 =10 %4=2.54 
G2=1, F2=10 39/10 = 19 3 = 1000 


F2-1 _55, 4 1000-1 


= 2.51 + 3.16 = 5.67 
G1 316 


NF 7 = 10 log 495.67 = 7.53dB 


@ The first stage dominates the overall NF 
@ It should have the highest gain possible with the lowest NF possible 


Figure 6.154: Example of Two-Stage Cascaded Network 


In summary, applying the noise figure concept to characterize wideband ADCs must be 
done with extreme caution to prevent misleading results. Simply trying to minimize the 
noise figure using the equations can actually increase circuit noise. 


For instance, NF decreases with increasing source resistance according to the 
calculations, but increased source resistance increases circuit noise. Also, NF decreases 
with increasing ADC input bandwidth if there is no input filtering. This is also 
contradictory, because widening the bandwidth increases noise. In both these cases, the 
circuit noise increases, and the NF decreases. The reason NF decreases is that the source 
noise makes up a larger component of the total noise (which remains relatively constant 
because the ADC noise is much greater than the source noise); therefore according to the 
calculation, NF decreases, but actual circuit noise increases. 


It is true that on a stand-alone basis ADCs have relatively high noise figures compared to 


other RF parts such as LNAs or mixers. In the system the ADC should be preceded with 
low-noise gain blocks as shown in the example of Figure 6.154. 
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Aperture Time, Aperture Delay Time and Aperture Jitter 


Perhaps the most misunderstood and misused ADC and sample-and-hold (or track-and- 
hold) specifications are those that include the word aperture. The most essential dynamic 
property of a SHA is its ability to disconnect quickly the hold capacitor from the input 
buffer amplifier as shown in Figure 6.155. The short (but non-zero) interval required for 
this action is called aperture time (or sampling aperture), ta. The actual value of the 
voltage that is held at the end of this interval is a function of both the input signal slew 
rate and the errors introduced by the switching operation itself. Figure 6.155 shows what 
happens when the hold command is applied with an input signal of two arbitrary slopes 
labeled as 1 and 2. For clarity, the sample-to-hold pedestal and switching transients are 
ignored. The value that is finally held is a delayed version of the input signal, averaged 
over the aperture time of the switch as shown in Figure 6.155. The first-order model 
assumes that the final value of the voltage on the hold capacitor is approximately equal to 
the average value of the signal applied to the switch over the interval during which the 
switch changes from a low to high impedance (t,). 


The model shows that the finite time required for the switch to open (t,) is equivalent to 
introducing a small delay t, in the sampling clock driving the SHA. This delay is constant 
and may either be positive or negative. The diagram shows that the same value of t, 
works for the two signals, even though the slopes are different. This delay is called 
effective aperture delay time, aperture delay time, or simply aperture delay, te. In an 
ADC, the aperture delay time is referenced to the input of the converter, and the effects of 
the analog propagation delay through the input buffer, ty, and the digital delay through 
the switch driver, tga, must be considered. Referenced to the ADC inputs, aperture time, 
t.', is defined as the time difference between the analog propagation delay of the front-end 
buffer, taa, and the switch driver digital delay, tua, plus one-half the aperture time, t,/2. 


ANALOG /  t, = APERTURE TIME 
DELAY, tga APERTURE ‘ty, = ANALOG DELAY 
TIME, t, —> t, <—_— ty = DIGITAL DELAY 
liao? am : t, = t, / 2 = APERTURE DELAY 
“Stee [> TIME FOR tga = tag 
l CHotp 
INPUT ; 
SAMPLING f VOLTAGE ON 
CLOCK auaTGE J HOLD CAPACITOR 
DRIVER | pT SIGNALS (1) 
ft U—_,—_Y (i ae | 
DIGITAL \ 
DELAY, tug te = APERTURE DELAY 
TIME REFERENCED TO INPUTS 
t= tag — tua + fa 
a > 
HOLD 
SWITCH SAMPLE 
DRIVEROUTPUT sid 


Figure 6.155: Sample-and-Hold Waveforms and Definitions 
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The effective aperture delay time is usually positive, but may be negative if the sum of 
one-half the aperture time, t,/2, and the switch driver digital delay, tag, is less than the 
propagation delay through the input buffer, tg. The aperture delay specification thus 
establishes when the input signal is actually sampled with respect to the sampling clock 
edge. 


Aperture delay time can be measured by applying a bipolar sine wave signal to the ADC 
and adjusting the synchronous sampling clock delay such that the output of the ADC is 
mid-scale (corresponding to the zero-crossing of the sine wave). The relative delay 
between the input sampling clock edge and the actual zero-crossing of the input sine 
wave is the aperture delay time (see Figure 6.156). 


Aperture delay produces no errors (assuming it is relatively short with respect to the hold 
time), but acts as a fixed delay in either the sampling clock input or the analog input 
(depending on its sign). However, in simultaneous sampling applications or in direct I/Q 
demodulation where two or more ADCs must be well matched, variations in the aperture 
delay between converters can produce errors on fast slewing signals. In these 
applications, the aperture delay mismatches must be removed by properly adjusting the 
phases of the individual sampling clocks to the various ADCs. 


If, however, there is sample-to-sample variation in aperture delay (aperture jitter), then a 
corresponding voltage error is produced as shown in Figure 6.157. This sample-to-sample 
variation in the instant the switch opens is called aperture uncertainty, or aperture jitter 
and is usually measured in rms picoseconds. The amplitude of the associated output error 
is related to the rate-of-change of the analog input. For any given value of aperture jitter, 
the aperture jitter error increases as the input dv/dt increases. The effects of phase jitter 
on the external sampling clock (or the analog input for that matter) produce exactly the 
same type or error. 
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Figure 6.156: Effective Aperture Delay Time 
Measured with Respect to ADC Input 
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Figure 6.157: Effects of Aperture Jitter and Sampling Clock Jitter 


The effects of aperture and sampling clock jitter on an ideal ADCs SNR can be predicted 
by the following simple analysis. Assume an input signal given by 


v(t) = Vo sin 2rft Eq. 6.27 
The rate of change of this signal is given by: 

dv/dt = 2nfVo cos 2rft. Eq. 6.28 
The rms value of dv/dt can be obtained by dividing the amplitude, 22fVo, by V2: 

dv/dt| ms = 2mfVo/ V2. Eq. 6.29 
Now let Av;ms = the rms voltage error and At = the rms aperture jitter t;, and substitute: 

AVims / t} = 2nfVo/ V2. Eq. 6.30 
Solving for AVyms : 

AVims = 20fVo t/ V2. Eq. 6.31 


The rms value of the full-scale input sinewave is Vo/V2, therefore the rms signal to rms 
noise ratio is given by 


SNR = 20 aw “2 a = 20logjq _ Vo! v2 _ = 20log)g a . Eq. 632 
AV rms 2nfVot; //2 nf t; 
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This equation assumes an infinite resolution ADC where aperture jitter is the only factor 
in determining the SNR. This equation is plotted in Figure 6.158 and shows the serious 
effects of aperture and sampling clock jitter on SNR, especially at higher input/output 
frequencies. Therefore, extreme care must be taken to minimize phase noise in the 
sampling/reconstruction clock of any sampled data system. 


1 
SNR = 20log 49 arm i 
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Figure 6.158: SNR Due to Aperture Jitter and Sampling Clock Jitter 


This care must extend to all aspects of the clock signal: the oscillator itself (for example, 
a 555 timer is absolutely inadequate, but even a quartz crystal oscillator can give 
problems if it uses an active device which shares a chip with noisy logic); the 
transmission path (these clocks are very vulnerable to interference of all sorts), and phase 
noise introduced in the ADC or DAC. As discussed, a very common source of phase 
noise in converter circuitry is aperture jitter in the integral sample-and-hold (SHA) 
circuitry, however the total rms jitter will be composed of a number of components—the 
actual SHA aperture jitter often being the least of them. 
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A Simple Equation for the Total SNR of an ADC 


A relatively simple equation for the ADC SNR in terms of sampling clock and aperture 
jitter, DNL, effective input noise, and the number of bits of resolution is shown in 
Figure 6.159. The equation combines the various error terms on an rms basis. The 
average DNL error, €, is computed from histogram data. This equation is used in 

Figure 6.160 to predict the SNR performance of the AD6645 14-bit, 80-MSPS ADC as a 
function of sampling clock and aperture jitter. 


SAMPLING QUANTIZATION EFFECTIVE 
CLOCK JITTER NOISE, DNL INPUT NOISE 


SS 7? 


2 
2 Ip 2 
2\1+¢e 2xV2xV 
SNR = — 20log49| (27 x f, x tj rms) 24 2 | + seme 


2N QN 
f, = Analog input frequency of fullscale input sinewave 
ti rms = Combined rms jitter of internal ADC and external clock 
E = Average DNL of the ADC (typically 0.41 LSB for AD6645) 
N = Number of bits in the ADC 


Vnolserms = Effective input noise of ADC (typically 0.9LSB rms for AD6645) 


If t| = 0, € = 0, and Vuoiserms = 9; the above equation reduces to the familiar: 


SNR = 6.02 N + 1.76dB 


Figure 6.159: Relationship Between SNR, Sampling Clock Jitter, 
Quantization Noise, DNL, and Input Noise 
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Figure 6.160: AD6645 SNR vs. Aperture Jitter 
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Two decades or so ago, sampling ADCs were built up from a separate SHA and ADC. 
Interface design was difficult, and a key parameter was aperture jitter in the SHA. Today, 
most sampled data systems use sampling ADCs which contain an integral SHA. The 
aperture jitter of the SHA may not be specified as such, but this is not a cause of concern 
if the SNR or ENOB is clearly specified, since a guarantee of a specific SNR is an 
implicit guarantee of an adequate aperture jitter specification. However, the use of an 
additional high-performance SHA will sometimes improve the high-frequency ENOB of 
a even the best sampling ADC by presenting “dc” to the ADC, and may be more cost- 
effective than replacing the ADC with a more expensive one. 


ADC Transient Response and Overvoltage Recovery 


Most high speed ADCs designed for communications applications are specified primarily 
in the frequency domain. However, in general purpose data acquisition applications the 
transient response (or settling time) of the ADC is important. The transient response of 
an ADC is the time required for the ADC to settle to rated accuracy (usually 1 LSB) after 
the application of a full-scale step input. The typical response of a general-purpose 12 bit, 
10-MSPS ADC is shown in Figure 6.161, showing a | LSB settling time of less than 
40 ns. The settling time specification is critical in the typical data acquisition system 
application where the ADC is being driven by an analog multiplexer as shown in 
Figure 6.162. The multiplexer output can deliver a full-scale sample-to-sample change to 
the ADC input. If both the multiplexer and the ADC have not both settled to the required 
accuracy, channel-to-channel crosstalk will result, even though only dc or low frequency 
signals are present on the multiplexer inputs. 
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Figure 6.161: ADC Transient Response (Settling Time) 
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Most ADCs have settling times which are less than 1/f; max, even if not specified. 
However sigma-delta ADCs have a built in digital filter which can take several output 
sample intervals to settle. This should be kept in mind when using sigma-delta ADCs in 
multiplexed applications. 


The importance of settling time in multiplexed systems can be seen in Figure 6.163, 
where the ADC input is modeled as a single-pole filter having a corresponding time 
constant, t = RC. The required number of time constants to settle to a given accuracy 
(1 LSB) is shown. A simple example will illustrate the point. 


ANALOG 
INPUT 
CHANNELS 


N ADC INPUT 


TIMING 


Figure 6.162: Settling Time is Critical in Multiplexed Applications 


NOTE: SWITCHING WAVEFORM SHOWN 
FOR DC INPUTS ON EACH CHANNEL 


RESOLUTION, LSB (%FS) # OF TIME 
# OF BITS CONSTANTS 

6 1.563 4.16 

0.391 5.55 
10 0.0977 6.93 
12 0.0244 8.32 
14 0.0061 9.70 
16 0.00153 11.09 
18 0.00038 12.48 
20 0.000095 13.86 
22 0.000024 15.25 


Figure 6.163: Settling Time as a Function of Time Constant 
for Various Resolutions 


Assume a multiplexed 16-bit data acquisition system uses an ADC with a sampling 
frequency f; = 100 kSPS. The ADC must settle to 16-bit accuracy for a full-scale step 
function input in less than 1/f; = 10us. The chart shows that 11.09 time constants are 
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required to settle to 16-bit accuracy. The input filter time constant must therefore be less 
than t = 10 us/11.09 = 900 ns. The corresponding, risetime t, = 2.2t = 1.98 us. The 
required ADC full power input bandwidth can now be calculated from BW = 0.35/t, = 
177 kHz. This neglects the settling time of the multiplexer and second-order settling time 
effects in the ADC. 


Overvoltage recovery time is defined as that amount of time required for an ADC to 
achieve a specified accuracy, measured from the time the overvoltage signal re-enters the 
converter's range, as shown in Figure 6.164. This specification is usually given for a 
signal which is 50% outside the ADC's input range. Needless to say, the ADC should act 
as an ideal limiter for out-of-range signals and should produce either the positive full- 
scale code or the negative full-scale code during the overvoltage condition. Some 
converters provide over- and under-range flags to allow gain-adjustment circuits to be 
activated. Care should always be taken to avoid overvoltage signals which will damage 
an ADC input. 
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Figure 6.164: Overvoltage Recovery Time 


ADC Sparkle Codes, Metastable States, and Bit Error Rate (BER) 


A primary concern in the design of many digital communications systems using ADCs is 
the bit error rate (BER). Unfortunately, ADCs contribute to the BER in ways that are not 
predictable by simple analysis. This section describes the mechanisms within the ADCs 
that can contribute to the error rate, ways to minimize the problem, and methods for 
measuring the BER. 


Random noise, regardless of the source, creates a finite probability of errors (deviations 
from the expected output). Before describing the error code sources, however, it is 
important to define what constitutes an ADC error code. Noise generated prior to, or 
inside the ADC can be analyzed in the traditional manner. Therefore, an ADC error code 
is any deviation from the expected output that is not attributable to the equivalent input 
noise of the ADC. Figure 6.165 illustrates an exaggerated output of a low amplitude sine 
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wave applied to an ADC that has error codes. Note that the noise of the ADC creates 
some uncertainty in the output. These anomalies are not considered error codes, but are 
simply the result of ordinary noise and quantization. The large errors are more significant 
and are not expected. These errors are random and so infrequent that an SNR test of the 
ADC will rarely detect them. These types of errors plagued a few of the early ADCs for 
video applications, and were given the name sparkle codes because of their appearance 
on a TV screen as small white dots or “sparkles” under certain test conditions. These 
errors have also been called rabbits or flyers. In digital communications applications, this 
type of error increases the overall system bit error rate (BER). 


ERROR CODES 


(SPARKLE CODES, 
FLYERS, RABBITS) 


LOW-AMPLITUDE ye 


DIGITIZED SINEWAVE 


Figure 6.165: Exaggerated Output of ADC Showing Error Codes 


In order to understand the causes of the error codes, we will first consider the case of a 
simple flash converter. The comparators in a flash converter are latched comparators 
usually arranged in a master-slave configuration. If the input signal is in the center of the 
threshold of a particular comparator, that comparator will balance, and its output will take 
a longer period of time to reach a valid logic level after the application of the latch strobe 
than the outputs of its neighboring comparators which are being overdriven. This 
phenomenon is known as metastability and occurs when a balanced comparator cannot 
reach a valid logic level in the time allowed for decoding. If simple binary decoding logic 
is used to decode the thermometer code, a metastable comparator output may result in a 
large output code error. Consider the case of a simple 3 bit flash converter shown in 
Figure 6.167. Assume that the input signal is exactly at the threshold of Comparator 4 
and random noise is causing the comparator to toggle between a | and a 0 output each 
time a latch strobe is applied. The corresponding binary output should be interpreted as 
either 011 or 100. If, however, the comparator output is in a metastable state, the simple 
binary decoding logic shown may produce binary codes 000, 011, 100, or 111. The codes 
000 and 111 represent a one-half scale departure from the expected codes. 


The probability of errors due to metastability increases as the sampling rate increases 
because less time is available for a metastable comparator to settle. 
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Various measures have been taken in flash converter designs to minimize the metastable 
state problem. Decoding schemes described in References 12 to 15 minimize the 
magnitude of these errors. Optimizing comparator designs for regenerative gain and small 
time constants is another way to reduce these problems. 


0 WIRED - OR 


ANALOG 
INPUT 


ONE - HOT 


BIT 1 BIT 2 
X = METASTABLE SE 


-V BINARY OUTPUT: 
R STATE 000, 011, 100, OR 111 


BIT 3 


Figure 6.166: Metastable Comparator Output States 
May Cause Error Codes in Data Converters 


Metastable state errors may also appear in successive approximation and subranging 
ADCs which make use of comparators as building blocks. The same concepts apply, 
although the magnitudes and locations of the errors may be different. 


Establishing the BER of a well-behaved ADC is a difficult, time-consuming task; a single 
unit can sometimes be tested for days without an error. For example, tests on a typical 8- 
bit flash converter operating at a sampling rate of 75 MSPS yield a BER of 
approximately 3.7 x 10’? (1 error per hour) with an error limit of 4 LSBs. Meaningful 
tests for longer periods of time require special attention to EMI/RFI effects (possibly 
requiring a shielded screen room), isolated power supplies, etc. Figure 6.167 shows the 
average time between errors as a function of BER for a sampling frequency of 75 MSPS. 
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This illustrates the difficulty in measuring low BER because the long measurement times 
increase the probability of power supply transients, noise, etc. causing an error. 


Bit Error Rate (BER) Average Time Between Errors 


1.3 seconds 


13.3 seconds 


2.2 minutes 
22 minutes 
3.7 hours 
1.5 days 
15 days 


Figure 6.167: Average Time Between Errors vs. BER 
When Sampling at 75 MSPS 
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DAC Dynamic Performance 


The ac specifications which are most likely to be important with DACs are settling time, 
glitch impulse area, distortion, and Spurious-Free Dynamic Range (SFDR). 


DAC Settling Time 


The settling time of a DAC is the time from a change of digital code to when the output 
comes within and remains within some error band as shown in Figure 6.168. With 
amplifiers, it is hard to make comparisons of settling time, since their error bands may 
differ from amplifier to amplifier, but with DACs the error band will almost invariably be 
+1 or +% LSB. 


The settling time of a DAC is made up of four different periods: the switching time or 
dead time (during which the digital switching, but not the output, is changing), the 
slewing time (during which the rate of change of output is limited by the slew rate of the 
DAC output), the recovery time (when the DAC is recovering from its fast slew and may 
overshoot), and the /inear settling time (when the DAC output approaches its final value 
in an exponential or near-exponential manner). If the slew time is short compared to the 
other three (as is usually the case with current output DACs), then the settling time will 
be largely independent of the output step size. On the other hand, if the slew time is a 
significant part of the total, then the larger the step, the longer the settling time. 


A 


ERROR BAND 


LINEAR 


TIME TIME SETTLING 


SLEW | RECOVERY 


Figure 6.168: DAC Settling Time 


Settling time is especially important in video display applications. For example 
a standard 1024 x 768 display updated at a 60 Hz refresh rate must have a pixel rate 
of 1024 x 768 x 60 Hz = 47.2 MHz with no overhead. Allowing 35% overhead 
time increases the pixel frequency to 64 MHz corresponding to a pixel duration of 
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1/(64 x 10°) = 15.6 ns. In order to accurately reproduce a single fully-white pixel located 
between two black pixels, the DAC settling time should be less than the pixel duration 
time of 15.6 ns. 


Higher resolution displays require even faster pixel rates. For example, a 2048 x 2048 
display requires a pixel rate of approximately 330 MHz at a 60 Hz refresh rate. 


Glitch Impulse Area 


Ideally, when a DAC output changes it should move from one value to its new one 
monotonically. In practice, the output is likely to overshoot, undershoot, or both (see 
Figure 6.169). This uncontrolled movement of the DAC output during a transition is 
known as a glitch. It can arise from two mechanisms: capacitive coupling of digital 
transitions to the analog output, and the effects of some switches in the DAC operating 
more quickly than others and producing temporary spurious outputs. 


TRANSITION WITH 
UNIPOLAR (SKEW) 
GLITCH 


TRANSITION WITH 


A IDEAL TRANSITION DOUBLET GLITCH 


Figure 6.169: DAC Transitions (Showing Glitch) 


Capacitive coupling frequently produces roughly equal positive and negative spikes 
(sometimes called a doublet glitch) which more or less cancel in the longer term. The 
glitch produced by switch timing differences is generally unipolar, much larger and of 
greater concern. 


Glitches can be characterized by measuring the glitch impulse area, sometimes 
inaccurately called glitch energy. The term glitch energy is a misnomer, since the unit for 
glitch impulse area is Volt-seconds (or more probably nV-sec or pV-sec. The peak glitch 
area is the area of the largest of the positive or negative glitch areas. The glitch impulse 
area is the net area under the voltage-versus-time curve and can be estimated by 
approximating the waveforms by triangles, computing the areas, and subtracting the 
negative area from the positive area as shown in Figure 6.170. 


The mid-scale glitch produced by the transition between the codes O111...111 and 
1000...000 is usually the worst glitch. Glitches at other code transition points (such as 1/4 
and 3/4 full-scale) are generally less. Figure 6.171 shows the mid-scale glitch for a fast 
low-glitch DAC. The peak and net glitch areas are estimated using triangles as described 
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above. Settling time is measured from the time the waveform leaves the initial | LSB 
error band until it enters and remains within the final 1LSB error band. The step size 
between the transition regions is also 1 LSB. 


@ PEAK GLITCH IMPULSE AREA 


l 
® 


Vt 
@ NETGLITCHIMPULSE AREA = A1-A2 ~ as - 


Figure 6.170: Calculating Net Glitch Impulse Area 


SETTLING TIME = 4.5ns 
NET GLITCH AREA = 1.34pV-s 
PEAK GLITCH AREA = 1.36 pV-s 


2 mV/DIVISION 


1 LSB 


5 ns/DIVISION 
—> = 4.5ns + 


Figure 6.171: DAC Mid-scale Glitch Shows 1.34 pV-s 
Net Impulse Area and Settling Time of 4.5 ns 
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DAC SFDR and SNR 


DAC settling time is important in applications such as RGB raster scan video display 
drivers, but frequency-domain specifications such as SFDR are generally more important 
in communications. 


If we consider the spectrum of a waveform reconstructed by a DAC from digital data, we 
find that in addition to the expected spectrum (which will contain one or more 
frequencies, depending on the nature of the reconstructed waveform), there will also be 
noise and distortion products. Distortion may be specified in terms of harmonic 
distortion, Spurious Free Dynamic Range (SFDR), intermodulation distortion, or all of 
the above. Harmonic distortion is defined as the ratio of harmonics to fundamental when 
a (theoretically) pure sine wave is reconstructed, and is the most common specification. 
Spurious free dynamic range is the ratio of the worst spur (usually, but not necessarily 
always a harmonic of the fundamental) to the fundamental. 


Code-dependent glitches will produce both out-of-band and in-band harmonics when the 
DAC is reconstructing a digitally generated sine wave as in a Direct Digital Synthesis 
(DDS) system. The mid-scale glitch occurs twice during a single cycle of a reconstructed 
sine wave (at each mid-scale crossing), and will therefore produce a second harmonic of 
the sine wave, as shown in Figure 6.172. Note that the higher order harmonics of the sine 
wave, which alias back into the Nyquist bandwidth (dc to f,/2), cannot be filtered. 
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Figure 6.172: Effect of Code-Dependent Glitches on Spectral Output 


It is difficult to predict the harmonic distortion or SFDR from the glitch area specification 
alone. Other factors, such as the overall linearity of the DAC, also contribute to 
distortion. In addition, certain ratios between the DAC output frequency and the sampling 
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clock cause the quantization noise to concentrate at harmonics of the fundamental thereby 
increasing the distortion at these points. 


It is therefore customary to test reconstruction DACs in the frequency domain (using a 
spectrum analyzer) at various clock rates and output frequencies as shown in 
Figure 6.173. Typical SFDR for the 16-bit AD9777 Transmit TxDAC™ is shown in 
Figure 6.174. The clock rate is 160 MSPS, and the output frequency is swept to 50 MHz. 
As in the case of ADCs, quantization noise will appear as increased harmonic distortion 
if the ratio between the clock frequency and the DAC output frequency is an integer 
number. These ratios should be avoided when making the SFDR measurements. 
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Figure 6.173: Test Setup for Measuring DAC SFDR 
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Figure 6.174: AD9777 16-bit TXxDAC SFDR, Data Update Rate = 160 MSPS 
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There are nearly an infinite combination of possible clock and output frequencies for a 
low distortion DAC, and SFDR is generally specified for a limited number of selected 
combinations. For this reason, Analog Devices offers fast turnaround on customer- 
specified test vectors for the Transmit TxDAC family. A test vector is a combination of 
amplitudes, output frequencies, and update rates specified directly by the customer for 
SFDR data on a particular DAC. 


Measuring DAC SNR with an Analog Spectrum Analyzer 


Analog spectrum analyzers are used to measure the distortion and SFDR of high 
performance DACs. Care must be taken such that the front end of the analyzer is not 
overdriven by the fundamental signal. If overdrive is a problem, a band-stop filter can be 
used to filter out the fundamental signal such that the spurious components can be 
observed. 


Spectrum analyzers can also be used to measure the SNR of a DAC provided attention is 
given to bandwidth considerations. SNR of an ADC is normally defined as the signal-to- 
noise ratio measured over the Nyquist bandwidth dc to f,/2. However, spectrum analyzers 
have a resolution bandwidth which is less than f,/2—this therefore lowers the analyzer 
noise floor by the process gain equal to 10 logio(f,/2. BW), where BW is the resolution 
noise bandwidth of the analyzer (see Figure 6.175). 
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Figure 6.175: Measuring DAC SNR with an Analog Spectrum Analyzer 


It is important that the noise bandwidth (not the 3-dB bandwidth) be used in the 
calculation; however from Figure 6.147 the error is small assuming that the analyzer 
narrowband filter is at least two poles. The ratio of the noise bandwidth to the 3-dB 
bandwidth of a one-pole Butterworth filter is 1.57 (causing an error of 1.96 dB in the 
process gain calculation). For a two-pole Butterworth filter, the ratio is 1.11 (causing an 
error of 0.45 dB in the process gain calculation). 
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Other AC Specifications 


Again, there are some specifications that may be encountered that are less common and 
are listed below. 


Acquisition Time: The acquisition time of a sample-and-hold circuit for a step change is 
the time required by the output to reach its final value, within a specified error band, after 
the track command has been given. Included are switch delay time, the slewing interval, 
and settling time for a specified output voltage change. This spec is less common now 
that the sample and hold function has largely been integrated into the ADC. 


Automatic Zero: To achieve zero stability in many integrating-type converters, a time 
interval is provided during each conversion cycle to allow the circuitry to compensate for 
drift errors. The drift error in such converters is substantially zero. 


Channel-to-Channel Isolation: In multiple DACs, the proportion of analog input signal 
from one DAC’s reference input that appears at the output of the other DAC, expressed 
logarithmically in dB. See also crosstalk. 


Charge Transfer (or Offset Step): the principal component of sample-to-hold offset (or 
pedestal), is the small charge transferred to the storage capacitor via interelectrode 
capacitance of the switch and stray capacitance when switching to the hold mode. The 
offset step is directly proportional to this charge, viz., 


Offset error = Incremental Charge/Capacitance = AQ/C. 


It can be reduced somewhat by lightly coupling an appropriate polarity version of the 
hold signal to the capacitor for first-order cancellation. The error can also be reduced by 
increasing the capacitance, but this increases acquisition time. Again a spec that has 
become less common since the sample and hold function has largely been integrated into 
the ADC. 


Crosstalk: Leakage of signals, usually via capacitance between circuits or channels of a 
multichannel system or device, such as a multiplexer, multiple op amp, or multiple DAC. 
Crosstalk is usually determined by the impedance parameters of the physical circuit, and 
actual values are frequency-dependent. See also channel-to-channel isolation. 

Multiple DACs have a digital crosstalk specification: the spike (sometimes called a 
glitch) impulse appearing at the output of one converter due to a change in the digital 
input code of another of the converters. It is specified in nanovolt- or picovolt-seconds 
and measured at Vperr=0 V. 


Differential Gain (AG): A video specification which measures the variation in the 
amplitude (in percent) of a small amplitude color subcarrier signal as it is swept across 
the video range from black to white. 


Differential Phase (Ag): A video specification which measures the phase variation (in 


degrees) of a small amplitude color subcarrier signal as it is swept across the video range 
from black to white. 


6.173 


[4 BASIC LINEAR DESIGN 


Feedthrough: Undesirable signal-coupling around switches or other devices that are 
supposed to be turned off or provide isolation, e.g., feedthrough error in a sample-and- 
hold, multiplexer, or multiplying DAC. Feedthrough is variously specified in percent, dB, 
parts per million, fractions of 1 LSB, or fractions of 1 volt, with a given set of inputs, at a 
specified frequency. 


In a multiplying DAC, feedthrough error is caused by capacitive coupling from an ac 
Vrer to the output, with all switches off. In a sample-and-hold, feedthrough is the 
fraction of the input signal variation or ac input waveform that appears at the output in 
hold. It is caused by stray capacitive coupling from the input to the storage capacitor, 
principally across the open switch. 


Settling Time—ADC: The time required, following an analog input step change (usually 


full-scale), for the digital output of the ADC to reach and remain within a given fraction 
(usually + LSB). 
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SECTION 6.7: TIMING SPECIFICATIONS 


In most cases, the digital signals of a converter are designed to operate at standard levels 
with standard interface specifications. Common interfaces are parallel or serial (most 
commonly SPI* or ’C* compatible, but, at the high speed, LVDS is making inroads). 
The fact that we are compatible with defined standards means that the timing and voltage 
levels defined in these specifications are met. 


The digital signals of a converter generally divided into one of three groups: address, 
data, and control. 


Common timing specifications include: 


Logic low level: the voltage level at which the signal is guaranteed to be seen as a logic 
0. This level is generally specified at whatever power supply the converter is guaranteed 
to run at. This means that you will generally see different specification table for 3 V and 
5 V supplies. 


Logic high level: the voltage level at which the signal is guaranteed to be seen as a logic 
1. Again, this will be given at the various power supply voltages. 


Rise time: for a step function, the time required for a signal to change from a specified 
low value to a specified high value. Typically, these values are 10% and 90% of the step 
height (see Figure 6.176). 


Fall time: for a step function, the time required for a signal to change from a specified 
high value to a specified low value. Typically, these values are 10% and 90% of the step 
height (see Figure 6.177). 
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Figure 6.176: Rise Time and Fall Time 


Setup Time: the time that the data input must be valid before the output latch samples. 


Hold Time: the time that data input must be maintained valid after the output samples. 
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Propagation Delay: the time that takes to the sampled data input to propagate to the 
output. 


Pulsewidth High: the minimum time a pulse must be at the logic high level 
Pulsewidth Low: the minimum time a pulse must be at the logic low level 


Other timing specifications are typically from one signal transition to another. These 
signals will be defined in the specifications. As an example see Figure 6.178. 


Often the output current available is also specified. This will help determine fan out, the 
number of standard loads that the output can drive. But we will discuss in the circuit 
board considerations section why it is probably not wise to have the converter drive 
significant current. 


Occasionally a high speed converter has a clock input that is not a standard logic signal 
level. This is often to make the signal easier to generate and propagate on the printed 
circuit board. For example, for optimum performance, the AD6645 must be clocked 
differentially. The encode signal is usually ac-coupled into the ENC and ENC pins via a 
transformer or capacitors. These pins are biased internally and require no additional bias. 
The input impedance of the input and the signal level will be specified. See Figure 6.176. 


AD6645ASQ-80 
Typ Max 


AD6645ASQ-105 


Parameter (Conditions) Min Typ Max | Unit 


ENCODE INPUTS (ENC, ENC) 


Differential Input Voltage’ Full IV 0.4 0.4 Vp-p 
Differential Input Resistance 25°C |V 10 10 kQ 
Differential Input Capacitance 25°C |V 2.5 2.5 pF 


Figure 6.177: Encode Command Specifications for the AD6645 
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AD6645 
(AVcc = 5 V, Dec = 3.3 V; ENCODE, ENCODE, Tun and Ty at rated speed grade, 


SWITCHING SPECIFICATIONS (continued) Coo = 10 pF, unless otherwise noted.) 


Test AD6645ASQ-80 AD6645ASQ-105 
Parameter (Conditions) Name} Temp | Level} Min Typ Max Min Typ Max Unit 


ENCODE Input Parameters! 
Encode Period! 
Encode Pulsewidth High? 
Encode Pulsewidth Low 


ENCODE'DataReady 
Encode Rising to DataReady Falling 
Encode Rising to DataReady Rising 
(50% Duty Cycle) 


ENCODEDATA (D13:0), OVR 


ENC to DATA Falling Low . 24 47 7.0 2.4 4.7 7.0 
ENC to DATA Rising Low 1.4 3.0 4.7 1.4 3.0 4.7 
ENCODE to DATA Delay (Hold Time) 1.4 3.0 4.7 1.4 3.0 4.7 


ENCODE to DATA Delay (Setup Time) tenc — te Fim) tenc — te FL(max) 
tenc ~ te_FLinp) tenc ~ te FL(yp) 
tenc — te_FL(min) tenc — te_FL(min) 
(50% Duty Cycle) ; 7.6 10.0 2.3 4.8 7.0 


DataReady (DRY’)/DATA, OVR 
DataReady to DATA Delay (Hold Time)] ty pr 
(50% Duty Cycle) 
DataReady to DATA Delay (Setup Time)] ts pr 
(50% Duty Cycle) 


APERTURE DELAY 
APERTURE UNCERTAINTY (Jitter) ps rms 


NOTES 

‘Several timing parameters are a function of tgyc and tpycu. 

?ENCODE TO DATA Delay (Hold Time) is the absolute minimum propagation delay through the analog-to-digital converter, tr pr = tre. 

3DRY is an inverted and delayed version of the encode clock. Any change in the duty cycle of the clock will correspondingly change the duty cycle of DRY. 
‘DataReady to DATA Delay (ty_pp and ts pp) is calculated relative to rated speed grade and is dependent on tgye and duty cycle. 


Specifications subject to change without notice. 
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ty 


AIN 


DRY 


Figure 1. Timing Diagram 


Figure 6.178: Sample Timing Specifications for the AD6645 
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Notes: 
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SECTION 6.8: HOW TO READ A DATA SHEET 


While there is not an industry standard concerning data sheets (what they cover, what 
information is included, and where that information is located) for the most part, data 
sheets from various manufacturers generally are similar in construction. In this section 
we will take a look at several data sheets and try to give a feel for where to find certain 
information and how to interpret what is found. 


As a demonstration we will look at 5 data sheets: 
AD6645 High speed ADC 
AD9777 High speed DAC (TxDAC, Interpolating DAC) 
AD7678 General-Purpose ADC 
AD5570 General-Purpose DAC 
AD7730 x-A ADC 


The part numbers chosen are arbitrarily, they were chosen only to give a range of parts. 


The Front Page 


This page is designed to give you the basic information you might need to choose the 
part. Referring to Figure 6.178. We can break this up into 3 sections. 


Section | is the features. These bullet points are what are considered by the manufacturer 
to be the more important parameters of the product for its intended application. The 
targeted applications are typically listed as well. 


The 2™ section is the product description. This typically covers some of what the 
manufacturer considers to be the salient features of the op amp. 


The 3" section is the functional block diagram. Many times you can get information from 
the block diagram. In this instance we can see that the ADC has a pipeline architecture, in 
this case 3 stage. 


The Specification Tables 


There are an unlimited number of conditions possible to measure any given specification. 
Obviously it is not possible to test all possible conditions. So a representative set of 
conditions are chosen. The test conditions are specified (1 in Figure 6.178). Occasionally 
if further clarification or modification of the conditions are required, they are handled as 
footnotes (2 in Figure 6.179). 


On many converters some individual specifications may have multiple entries. This is for 
different performance levels. It an also be for different temperature ranges (usually 
commercial, industrial, or military). In this case it is for different speed grades. This can 
be seen in Figure 6.179 (3). 
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ANALOG 
DEVICES 


14-Bit, 80/105 MSPS 
A/D Converter 


AD6645 


FEATURES 

SNR = 75 GB, fin 15 MHz up to 105 MSPS 
SNR = 72 GB, fj 200 MHz up to 105 MSPS 
SFDR = 89 dBe, fy 70 MHz up to 105 MSPS 
100 dB Multitone SFDR 

IF Sampling to 200 MHz 

Sampling Jitter 0.1 ps 

1.5 W Power Dissipation 

Differential Analog Inputs 

Pin Compatible to AD6644 

Twos Complement Digital Output Format 
3.3 V CMOS Compatible 

DataReady for Output Latching 


APPLICATIONS 

Multichannel, Multimode Receivers 
Base Station Infrastructure 

AMPS, IS-136, CDMA, GSM, WCDMA 
Single Channel Digital Receivers 
Antenna Array Processing 
Communications Instrumentation 
Radar, Infrared Imaging 
Instrumentation 


PRODUCT DESCRIPTION 
The AD6645 is a high speed, high performance, monolithic 14-bit 
analog-to-digital converter. All necessary functions, including 
track-and-hold (T/H) and reference, are included on the chip to 
provide a complete conversion solution. The AD6645 provides 
CMOS compatible digital outputs. It is the fourth generation in a 
wideband ADC family, preceded by the AD9042 (12-bit, 41 MSPS), 


the AD6640 (12-bit, 65 MSPS, IF sampling), and the AD6644 
(14-bit, 40 MSPS/65 MSPS). 


Designed for multichannel, multimode receivers, the AD6645 
is part of Analog Devices’ SoftCell” transceiver chipset. The 
AD6645 maintains 100 dB multitone, spurious-free dynamic 
range (SFDR) through the second Nyquist band. This break- 
through performance eases the burden placed on multimode 
digital receivers (software radios) that are typically limited by the 
ADC. Noise performance is exceptional; typical signal-to-noise 
ratio is 74.5 dB through the first Nyquist band. 


The AD6645 is built on Analog Devices’ high speed complemen- 
tary bipolar process (XFCB) and uses an innovative, multipass 
circuit architecture. Units are available in a thermally enhanced 
52-lead PowerQuad 4° (LQFP_PQ4) specified from —40°C to 
+85°C at 80 MSPS and —10°C to +85°C at 105 MSPS. 
PRODUCT HIGHLIGHTS Z 
1. IF Sampling 


The AD6645 maintains outstanding ac performance up to 
input frequencies of 200 MHz, suitable for multicarrier 3G 
wideband cellular IF sampling receivers. 


bo 


. Pin Compatibility 
The ADC has the same footprint and pin layout as the 
AD6644, 14-Bit 40 MSPS/65 MSPS ADC. 


. SFDR Performance and Oversampling 
Multitone SFDR performance of -100 dBc can reduce the 
requirements of high end RF components and allows the 
use of receive signal processors such as the AD6620 or 
AD6624/AD6624A. 


FUNCTIONAL BLOCK DIAGRAM 


AD6645 


ENCODE a INTERNAL 
ENCODE O—] TIMING 
O-O-O-O 


Dig) DI2~=—~D11 
MSB 


REV. B 


Information furnished by Analog Devices is believed to be accurate and 
reliable. However, no responsibility is assumed by Analog Devices for its 
use, nor for any infringements of patents or other rights of third parties that 
may result from its use. No license is granted by implication or otherwise 
under any patent or patent rights of Analog Devices. Trademarks and 
registered trademarks are the property of their respective companies. 


D10 


D9 Ds D7 D6 Ds D4 D3 D2 D1 Do 


LSB 


One Technology Way, P.O. Box 9106, Norwood, MA 02062-9106, U.S.A. 
Tel: 781/329-4700 www.analog.com 
Fax: 781/326-8703 © 2003 Analog Devices, Inc. All rights reserved. 


Figure 6.179: Example Data Sheet Front Page 
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AD6645—-SPECIFICATIONS 


DC SPEC | Fl CATI ONS (AVog = 5 V, DV pg = 3.3 V; Try and nd Tux at rated speed grade, unless otherwise noted.) 8 Jt at rated speed grade, unless otherwise noted.) 3 
Test | ,gADeeisasQ-so | ADGGASASQ-105 | oo -105 
Parameter — 4 el a Max j Unit 


RESOLUTION ee 


ACCURACY 
No Missing Codes Guaranteed Guaranteed 
Offset Error -10 +1.2 +10 -10 +1.2 
Gain Error -10 0 +10 -10 0 
Differential Nonlinearity (DNL) -1.0 +£0.25 41.5 -1.0 +0.5 
Integral Nonlinearity (INL) : +1.5 
TEMPERATURE DRIFT 
Offset Error Full V 
Gain Error Full V 
POWER SUPPLY REJECTION (PSRR) +1.0 £1.0 mV/V 


REFERENCE OUT (VREF) v 


ANALOG INPUTS (AIN, AIN) 
Differential Input Voltage Range Full Vv 
Differential Input Resistance Full Vv 
Differential Input Capacitance 25°C | V 


POWER SUPPLY 
Supply Voltages 
AVcc 
DVce 
Supply Current 
T AVec (AVec = 5.0 V) 
I DVec (DVcc = 3.3 V) 
Rise Time? 
AVcc 


POWER CONSUMPTION 


NOTES 

'VREF is provided for setting the common-mode offset of a differential amplifier such as the AD8138 when a dc-coupled analog input is required. VREF should be 
buffered if used to drive additional circuit functions. 

*Specified for de supplies with linear rise time characteristics. 2 


Specifications subject to change without notice 


Test AD6645ASQ-80 AD6645ASQ-105 
Parameter (Conditions) Temp | Level | Min Typ Max | Min Typ Max | Unit 
ENCODE INPUTS (ENC, ENC) 
Differential Input Voltage! V p-p 
Differential Input Resistance 10 kQ 
Differential Input Capacitance 25 pF 
LOGIC OUTPUTS (D13-Do, DRY, OVR’) 
Logic Compatibility CMOS CMOS 
Logic 1 Voltage (DVec = 3.3 V)? : DVoc-2 2.85 DVcoc-2 Vv 
Logic 0 Voltage (DVcc = 3.3 V)? 0.2 0.5 0.2 0.5 Vv 
Output Coding Twos Complement Twos Complement 
DMID DVec/2 DVec/2 Vv 


NOTES 
‘All ac specifications tested by driving ENCODE and ENCODE differentially. 
The functionality of the Overrange bit is specified for a temperature range of 25°C to 85°C only. 


3Digital output logic levels: DVgc = 3.3 V, Coan = 10 pF. Capacitive loads >10 pF will degrade performance. 


Specifications subject to change without notice. 


Figure 6.180: Example Data Sheet Specification Page 
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AD6645 


AC SPECIFICATIONS! (ave, =5 v, bVce = 23 V; ENCODE, ENCODE, Twn and Tw at rated speed grade, unless otherwise noted.) 


Parameter (Conditions) 


Test 
Level 


Min 


AD6645ASQ-80 
Typ Max 


Min 


AD6645ASQ-105 
Typ Max | Unit 


SNR 
Analog Input 15.5 MHz 
@-1 dBFS 30.5 MHz 
37.7 MHz 
70.0 MHz 
150.0 MHz 
200.0 MHz 
SINAD 
Analog Input 15.5 MHz 
@-1 dBFS 30.5 MHz 
37.7 MHz 
70.0 MHz 
150.0 MHz 
200.0 MHz 
WORST HARMONIC (Second or Third) 
Analog Input 15.5 MHz dBc 
@-1 dBFS 30.5 MHz dBe 
37.7 MHz dBe 
70.0 MHz dBc 
150.0 MHz dBc 
200.0 MHz dBe 
WORST HARMONIC (Fourth or Higher) 
Analog Input 15.5 MHz V dBe 
@-1 dBFS 30.5 MHz II dBc 
37.7 MHz I dBc 
70.0 MHz V dBc 
150.0 MHz Vv dBc 
200.0 MHz Vv dBc 
TWO TONE SFDR @30.5 MHz”? Vv dBFS 
55.0 MHz** Vv dBFS 
70.0 MHz*° Vv dBFS 


TWO TONE IMD REJECTION?! 
Fi, F2 @ —7 dBFS 


dBc 


ANALOG INPUT BANDWIDTH 
NOTES 


‘All ac specifications tested by driving ENCODE and ENCODE differentially. 
2 Analog input signal power swept from —10 dBFS to -100 dBFS. 


3F1 = 30.5 MHz, F2 = 31.5 MHz. 
4F1 = 55.25 MHz, F2 = 56.25 MHz. 
5F1 = 69.1 MHz, F2 = 71.1 MHz. 


Specifications subject to change without notice. 


Figure 6.181: Typical AC Specifications 


6.184 


MHz 


CONVERTERS 
HOw TO READ A DATA SHEET 


(AVeg = 5 V, DV eg = 3.3 V; ENCODE, ENCODE, Tyjy and Tyay at rated speed grade, unless 
otherwise noted.) 


SWITCHING SPECIFICATIONS 


Test AD6645ASQ-80 AD6645ASQ-105 
Parameter (Conditions) Temp| Level | Min Typ Max Typ Max | Unit 
Maximum Conversion Rate Full II 80 MSPS 
Minimum Conversion Rate Full IV 30 MSPS 
ENCODE Pulsewidth High (taycy)* Full IV 5.625 4.286 30 ns 
ENCODE Pulsewidth Low (tayct)* Full IV 5.625 4.286 ns 


*Several timing parameters are a function of taycr and tency. 
Specifications subject to change without notice. 


AD6645 
SWITCHING SPECIFICATIONS (continued 


(AVog = 5 V, DVog = 3.3 V; ENCODE, ENCODE, Try and Ty,x at rated speed grade, 
Crono = 10 pF, unless otherwise noted.) 


Test AD6645 ASQ-80 AD6645ASQ-105 

Parameter (Conditions) Temp | Level Typ Max Min Typ Max Unit 
ENCODE Input Parameters! 

Encode Period! 12.5 

Encode Pulsewidth High? 6.25 

Encode Pulsewidth Low 6.25 
ENCODE/DataReady 

Encode Rising to DataReady Falling 2.0 3.1 

Encode Rising to DataReady Rising tencu + tor 

(50% Duty Cycle) 8.3 0.4 

ENCODE/DATA (D13:0), OVR 

ENC to DATA Falling Low 2.4 4.7 7.0 

ENC to DATA Rising Low 14 3.0 4.7 


ENCODE to DATA Delay (Hold Time) |ty 
ENCODE to DATA Delay (Setup Time) | ts 5 


14 3.0 4.7 


tenc — te_FL(max) 


Ttenc — Te_FLityp) 
Tenc — te_FL¢min) 
(50% Duty Cycle) 


DataReady (DRY*)/DATA, OVR 
DataReady to DATA Delay (Hold Time)|ty_ pp 
(50% Duty Cycle) 
DataReady to DATA Delay (Setup Time)]ts pp 
(50% Duty Cycle) 


APERTURE DELAY 
APERTURE UNCERTAINTY (litter) 


NOTES 

‘Several timing parameters are a function of teyc and tency. 

2ENCODE TO DATA Delay (Hold Time) is the absolute minimum propagation delay through the analog-to-digital converter, tz pr = tye. 

3D RY is an inverted and delayed version of the encode clock. Any change in the duty cycle of the clock will correspondingly change the duty cycle of DRY. 
‘DataReady to DATA Delay (ty pp and ts pp) is calculated relative to rated speed grade and is dependent on tgyc and duty cycle. 


Specifications subject to change without notice. 
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Figure 1. Timing Diagram 


Figure 6.182: Typical Timing Specification page 
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AD9777 


(Ty to Ty, AVDD = 2.3 V, CLAVDD = 2.3 V, PLLVDD = 0 V, DVDD = 3.3 V, ls = 20 mA, unless 
DIGITAL SPECIFICATIONS | cthervise noted.) soi 


Parameter Min Typ Max Unit 


DIGITAL INPUTS 
Logic “1” Voltage 2.1 3 
Logic “0” Voltage 0 0.9 
Logic “1” Current -10 +10 
Logic “0” Current -10 +10 
Input Capacitance 


CLOCK INPUTS 
Input Voltage Range 
Common-Mode Voltage 7 
Differential Voltage 0.5 


Specifications subject to change without notice. 


BEE<< 


Ww 


<<< 


Parameter 


SERIAL CONTROL BUS 
Maximum SCLK Frequency (fstcx) 
Mimimum Clock Pulsewidth High (tpy,;) 
Mimimum Clock Pulsewidth Low (tpy) 
Maximum Clock Rise/Fall Time 
Minimum Data/Chip Select Setup Time (tps) 
Minimum Data Hold Time (tp};) 
Maximum Data Valid Time (tpy) 
RESET Pulsewidth 


BEREREEEE 
z 


Inputs (SDI, SDIO, SCLK, CSB) 


Logic “1” Voltage V 
Logic “0” Voltage V 
Logic “1” Current uA 
Logic “0” Current uA 
Input Capacitance pF 
SDIO Output 

Logic “1” Voltage DRVDD-0.6 V 
Logic “0” Voltage V 
Logic “1” Current 30 mA 
Logic “0” Current 30 mA 


Figure 6.183: Typical Timing Specification page 2 


6.186 


CONVERTERS 
HOW TO READ A DATA SHEET 


AD9777 


DATA TRANSFER CYCLE 


INSTRUCTION CYCLE —————————_> 


soo 7 ee 


Figure 3a. Serial Register Interface Timing MSB First 


DATA TRANSFER CYCLE 


INSTRUCTION CYCLE ————————___ 


eS ovo vow 


port 
SCLK f 
tov a - 
0  __ ore 
DATA BITN DATA BITN-1 
SDO (Nc, ee LL ieee 


Figure 5. Timing Diagram for Register Read from AD9777 


Figure 6.184: Typical Timing Specifications page 3 
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Note that there are typically 3 possibilities for the specifications, Min, Typ, and Max. See 
Figure 6.180 (3). At Analog Devices any specification in the min (minimum) and max 
(maximum) columns will be guaranteed by test. This can be a direct test, or, in some 
instances, testing one parameter will guarantee another. A typ (typical) specification is 
just that, typical. Depending on the particular specification, the deviation from the typical 
can be substantial. And you have no way of knowing what the range of variation on the 
typ specification is. Sometimes you will find a typ and a min (or max) for the same 
specification. This tells you that although the test limits are at a particular level (min or 
max) the typicals tend to run much better than the test limits. For example, in the data 
sheet example in Figure 6.180, the gain error is guaranteed to be +10% (full-scale), but 
the error is typically 0 % (FS). When designing, using typs is risky. You are much better 
off using mins or maxes for error budget analysis. 


Testing is one of the most expensive steps in the manufacturing of integrated circuits. 
Therefore a more highly specified part will typically cost more than a less completely 
specified part. But, in your system, the higher specified part may be required to guarantee 
the circuit performance. 


As can be seen from the examples in Figures 6.179 to 6.182, the example used (in this 
case the AD6645) is specified for both de and ac, as explain in the earlier section on 
converter specifications. Note that the dc specifications are in terms of absolute levels 
(volts, amps, etc.) while the ac specifications tend to be in terms of dB. 


Also note in Figure 6.181 that the digital signal levels are also specified in terms of 
voltage levels. They are also specified in terms of time. These are the “switching 
specifications” of Figure 6.182. These specifications are for individual signals (rise and 
fall times, pulse width high, etc.) as well as between signals (setup and hold times, etc.). 


The Absolute Maximums 


There is always a section (usually just after the specification tables) with the absolute 
maximum ratings. These are typically voltage and temperature related. 


The process used to fabricate the op amp will typically determine the maximum supply 
voltage. Maximum input voltages typically are limited to the supply voltages. It should 
be pointed out that the supply voltage is the instantaneous value, not the average, or 
ultimate value. So if a converter has voltages on its input but the supply voltage is not 
present, which could occur during power up when one section of the system is powered 
but others aren’t, the converter is overvoltaged, even if when the converter power is 
applied, everything is within operational limits. 


The overriding concern for semiconductor reliability is to keep the junction temperature 
below 150°C. There will be a 0;, given for the various package options. This is the 
thermal resistance from the junction to free air. The units are °C/Watt. To use this 
information simply determine the dissipation of the package. This would be the quiescent 
current times the supply voltage. Then take the maximum dissipation generated by the 
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output stages (output current times the difference between the output voltage and the 
supply voltage). Add these together and you will have the total package dissipation, in 
watts. Multiply the thermal resistance by the dissipation and you have the temperature 
rise. You start with the ambient temperature (in °C, typically taken to be 25°C), take the 
rise calculated above and that will give you the junction temperature. Remember that the 
ambient temperature should be in operation. Circuits packaged in an enclosure, which is 
in turn placed in a rack with other equipment will have an internal ambient temperature 
that could be significantly above the air temperature in the room that it is located in. This 
must be considered. 


The thermal resistance has two components 0jc and Oca. Ojc is the thermal resistance from 


the junction to the case. There is not much you can to about that. 0.4 is the thermal 
resistance from the case to the air. This we can effect relatively easily by adding a heat 
sink. The thermal resistance add linearly. Also note that these values are in free air. 
Moving air allows more cooling, especially with a heat sink. 


ABSOLUTE MAXIMUM RATINGS 


Ta = 25°C, unless otherwise noted. 


Table 4. 


Stresses above those listed under Absolute Maximum Ratings 
Parameter Rating 


may cause permanent damage to the device. This is a stress 


Vop to AGND, AGNDS, DGND -03V,+17V rating only and functional operation of the device at these or 
Vss to AGND, AGNDS, DGND +0.3V,-17V any other conditions above those listed in the operational 
AGND, AGNDS to DGND -0.3 V to +0.3V 


REFGND to AGND, ADNDS 
REFIN to AGND, AGNDS 


Vss— 0.3 Vto Von + 03 V 
Vss— 0.3 Vto Von + 03 V 


REFIN to REFGND -0.3Vto+17V 
Digital Inputs to DGND —0.3 V to Vo + 0.3 V 
Vour to AGND, AGNDS —0.3 V to Von + 0.3 V 
SDO to DGND -0.3V to+6.5V 
Operating Temperature Range: —40°C to +125°C 

W, Y Grades —40°C to +125°C 

A, B Grades —40°C to +85°C 
Storage Temperature Range —65°C to +150°C 
Maximum Junction Temperature 

(Ts Max) 150°C 


16-Lead SSOP Package 
Power Dissipation 


(Ty max — Ta)/6y4 


84, Thermal Impedance 139°C/W 
Lead Temperature (Soldering 10 s) 300°C 
IR Reflow, Peak Temperature 230°C 


sections of this specification is not implied. Exposure to 
absolute maximum rating conditions for extended periods may 


affect device reliability. 


Figure 6.185: Typical Absolute Maximum Ratings 


The Ordering Guide 


Many converters are available in multiple packages and/or multiple temperature ranges. 
Each of the various combinations of package and temperature range requires a unique 
part number. This is spelled out in the ordering guide. See Figures 6.186 to 6.187. 
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Just as a note, in the case of general purpose ADCs and DACs, the commercial (0°C to 
70°C) temperature range has mainly become obsolete. The reason for this is that most 
circuits yield to the industrial temperature range. It is less expensive to support less part 
types. Each discrete part number requires a separate test program, separate inventorying 
and other supporting documentation. The exception to this rule is for parts designed for a 
specific application which is, by definition, commercial. An example of this is consumer 
applications, such as audio. Wider temperature range for these parts offer no advantage. 


The industrial temperature range can also mean different things. The standard industrial 
temperature range is —40°C to 85°C. A common variant on this is what is commonly 
called the automotive temperature range —55°C to 85°C. 0°C to 100°C is also common. 


The military temperature range is —55°C to 125°C. 


ORDERING GUIDE 


Model Maximum | No Missing | Temperature Package Package Brand 
INL Code Range Description | Option 

AD7684ARM +6 LSB 15bits -40°C to +85°C | pSOIC-8 RM-8 C1M 

AD7684ARMRL7 +6 LSB 15bits -40°C to +85°C | pSOIC-8 RM-8 (reel) C1M 

AD7684BRM +3 LSB 16bits -40°C to +85°C | pSOIC-8 RM-8 c1D 

AD7684BRMRL7 +3 LSB 16bits -40°C to +85°C SOIC-8 RM-8 (reel) ciD 

EVAL-AD7684CB! Evaluation Board 

EVAL-CONTROL  BRD2? Controller Board 

EVAL-CONTROL BRD3? Controller Board 


NOTES 

'This board can be used as a standalone evaluation board or in conjunction with the EVAL-CONTROL BRDx for evaluation/demonstration 
purposes. 

2These boards allow a PC to control and communicate with all Analog Devices evaluation boards ending in the CB designators. 


Figure 6.186: Ordering Guide Example 1 (for the AD7684) 


ORDERING GUIDE 


Model Temperature Range Package Description Package Option 
AD5570ARS —40 °C to +85 °C 16-Lead SSOP RS-16 


ADS570ARS-REEL 
ADS570ARS-REEL7 
ADS570BRS 
ADS570BRS-REEL 
ADS570BRS-REEL7 
ADS570WRS 
ADS570WRS-REEL 
ADS570WRS-REEL7 
AD5570YRS 
AD5570YRS-REEL 
ADS570YRS-REEL7 
Eval-AD5570EB 


—40 °C to +85 °C 
—40 °C to +85 °C 
—40 °C to +85 °C 
—40 °C to +85 °C 
—40 °C to +85 °C 


—40 °C to +125 °C 
—40 °C to +125 °C 
—40 °C to +125 °C 
—40 °C to +125 °C 
—40 °C to +125 °C 
—40 °C to +125 °C 


16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
16-Lead SSOP 
Evaluation Board 


RS-16 
RS-16 
RS-16 
RS-16 
RS-16 
RS-16 
RS-16 
RS-16 
RS-16 
RS-16 
RS-16 


Figure 6.187: Ordering Guides Example 2 (for the AD5570) 


The “brand” column of the ordering guide is the package marking for small packages. 
The markings that are customary on the DIP package will not physically fit on the much 
smaller surface mount packages. For instance, DIP packages would typically include the 
part number, date code (when the IC was “made,” typically when it passes final test) and 
occasionally some other information. Obviously, the space available for marking on 
surface mount packages is very much limited. So the 3 character code is used instead. 
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Pin Description 


In the pin description, information on the pin function, including optional functionality 
for multipurpose pins are described. Often the descriptions are expanded upon in the 
main body of the data sheet. 


AD9777 


PIN CONFIGURATION 


ONEPORTCLK/P2B14 [83 


PIN FUNCTION DESCRIPTIONS 


Pin Number Mnemonic Description 

1,3 CLKVDD Clock Supply Voltage 

2 LPF PLL Loop Filter 

4,7 CLKGND Clock Supply Common 

5 CLK+ Differential Clock Input 

6 CLK- Differential Clock Input 

8 DATACLK/PLL_LOCK With the PLL enabled, this pin indicates the state of the PLL. A read ofa 


Logic “1” indicates the PLL is in the locked state. Logic “0” indicates the 
PLL has not achieved lock. This pin may also be programmed to act as 
either an input or output (Address 02h, Bit 3) DATACLK signal running at 
the input data rate. 

Digital Common 

Digital Supply Voltage 

Port 1 Data Inputs 


9,17, 25, 35,44,52 | DGND 
10, 18, 26, 36, 43,51 | DVDD 
11-16, 19-24, 27-30 | P1B15 (MSB) to P1BO (LSB) 


31 IQSEL/P2B15 (MSB) In one port mode, IQSEL = 1 followed by a rising edge of the differential 
input clock will latch the data into the I channel input register. IQSEL = 0 
will latch the data into the Q channel input register. In two port mode, this 
pin becomes the Port 2 MSB. 

32 ONEPORTCLKE’/P2B14 With the PLL disabled and the AD9777 in one port mode, this pin becomes 


a clock output that runs at twice the input data rate of the I and Q channels. 
This allows the AD9777 to accept and demux interleaved I and Q data to 
the I and Q input registers. 


33, 34, 37-42, 45-50 | P2B13 to P2BO (LSB) Port 2 Data Inputs 


Figure 6.188A: Typical Pin Description 
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AD9777 


PIN FUNCTION DESCRIPTIONS (continued) 


Pin Number Mnemonic Description 

53 SPI_SDO In the case where SDIO is an input, SDO acts as an output. When SDIO 
becomes an output, SDO enters a High-Z state. This pin can also be used as 
an output for the data rate clock. For more information, see the Two Port 
Data Input Mode section. 

54 SPI_LSDIO Bidirectional Data Pin. Data direction is controlled by Bit 7 of Register 
Address 00h. The default setting for this bit is “0,” which sets SDIO as an input. 

55 SPILCLK Data input to the SPI port is registered on the rising edge of SPILCLK. 
Data output on the SPI port is registered on the falling edge. 

56 SPILCSB Chip Select/SPI Data Synchronization. On momentary logic high, resets 
SPI port logic and initializes instruction cycle. 

57 RESET Logic “1” resets all of the SPI port registers, including Address 00h, to their 
default values. A software reset can also be done by writing a Logic “1” to 
SPI Register 00h, Bit 5. However, the software reset has no effect on the bits 
in Address 00h. 

58 REFIO Reference Output, 1.2 V Nominal 

59 FSADJ2 Full-Scale Current Adjust, Q Channel 

60 FSADJ1 Full-Scale Current Adjust, I Channel 

61, 63, 65, 76, 78, 80 | AVDD Analog Supply Voltage 

62, 64, 66, 67, 70, 71, | AGND Analog Common 

74, 75, 77, 79 

69, 68 Touraz) lours2 Differential DAC Current Outputs, Q Channel 

73, 72 Iourats loursi Differential DAC Current Outputs, I Channel 


Figure 6.188B: Typical Pin Description (cont.) 


Defining the Specifications 


This section contains a brief description of the specifications. It is, in effect, a subset of 
the earlier section where we defined the converter specifications. The definitions will be 


more compact and only those specifications that apply to the particular converter will be 
defined. 


Also in this area specialized specifications will be defined. An example of this might be 


differential gain and differential phase, which are definitions specific to the video 
industry. 


6.192 


CONVERTERS 
HOW TO READ A DATA SHEET 


Equivalent Circuits 


Driving the inputs of a converter, especially at high frequencies, is not a trivial task. 
Loading of an output pin can also be equally as challenging. Knowing the architecture of 
circuit connected to that pin may be of assistance in understanding how to interface that 
pin. 


Things that might be of interest for an input pin is the input impedance, so that the source 
impedance can be matched, for instance, and the dc level biasing the pin. Normally this 
bias is at half the supply voltage (assuming single-supply operation), but this is not 
always the case. 


AD6645 


EQUIVALENT CIRCUITS 


Vou AVcc 


DO-D13, 
OVA, DRY 


Figure 5. Digital Output Stage 


AVoc 
AVoc 
24V 
i Vrer 
100pA 


Figure 6. 2.4 V Reference 


Dec 
10kf 

DMID 
10k 
Figure 4. Compensation Pin, C1 or C2 Figure 7. DMID Reference 


Figure 6.189: Typical Equivalent pin circuits 
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The Graphs 


Many parameters vary over the operational range of the converter. An example is the 
variation of spurious free dynamic range (SFDR) with frequency. See Figures 6.190 to 
6.193. So to completely specify the SFDR of a part there would be a specification at 
particular input frequency, which typically would appear in the specification table, and 
graphs showing variation with input frequency, sampling rate, and _ level. 


| Typical Performance Characteristics—AD6645 


0 0 
ENCODE = 80MSPS ENCODE = 80MSPS 
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SFDR = 93.0dBe SFDR = 89.0dBe 


dBFS 
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TPC 3. Single Tone @ 29.5 MHz 
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TPC 5. Single Tone @ 150 MHz 


ENCODE = 80MSPS 
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TPC 6. Single Tone @ 200 MHz 


Figure 6.190: Typical performance graphs 
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The information presented in the graphs is not uniform from vendor to vendor or even 
from part to part from the same manufacturer. Higher performance parts tend to be more 
completely specified. For the most part the graphs should be considered typical values. 


Typical Performance Characteristics— AD9777 


(T= 25°C, AVDD = 3.3 V, CLKVDD = 3.3 V, DVDD = 3.3 V, lourrs = 20 mA, Interpolation = 2 x, Differential Transformer-Coupled Output, 50 © 
Doubly Terminated, unless otherwise noted.) 
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Figure 6.191: Typical performance graphs page 2 
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AD7678 


TYPICAL PERFORMANCE CHARACTERISTICS 
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Figure 6.192: Typical performance graphs page 3 
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AD5570 


TYPICAL PERFORMANCE CHARACTERISTICS 
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Figure 7. Differential Nonlinearity vs. Code, Voo/Vss = +15 V 


Figure 8. Integral Nonlinearity vs. Code, Voo/Vss = +12 V 
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Figure 9. Differential Nonlinearity vs. Code, Voo/Vss = +12 V 
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Figure 10. Integral Nonlinearity vs. Temperature, +15 V Supplies 
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Figure 11. Differential Nonlinearity vs. Temperature, +15 V Supplies 


Figure 6.193: Typical performance graphs page 4 
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The Main Body 


The main body of the data sheet contains detailed information on operations and 
applications of the converter. Early on at Analog Devices, it was determined that just 
giving someone an amplifier and letting them go off on their own to try to build whatever 
it is that they want to build was not the best approach. Therefore, Analog Devices 
includes application information with the data sheet. 


Circuit Description 


Typically the first part of the main body of the data sheet is the circuit description. Since 
the topology of the converter can determine the applicability of a particular converter in a 
particular design, understanding the internal operation of the converter can be very 
helpful. This is especially true when an understanding of the input structure of a 
converter may be helpful in designing the driver circuit. 


INt © 


Y 
(it es is 
eb owe AP bow AUP SWITCHES 
CONTROL 
: ' D ‘ é LSB 4 
262,144C | 131,072C ac 2c c c 
REFO 
REFGNDO 
262,144C | 131,072C 4c 2c Cc Cc 
0 + Q Q 0) + 
MSB 
smeunwimeumal 
IN- 0 ae Ee ee eee 


Figure 6.194: Typical circuit diagram 


Many converters, such as the AD9777 and the AD7730 that we are using as examples in 
this section, are really more than just converters. They are more exactly subsystems, 
containing both converters and support circuitry. The operation of all of the subsections 
of these circuits is described. 


As we said previously, driving an ADC input is not trivial at high speeds. Understanding 


the input configuration is essential. The same is true for the data outputs. On the DAC 
side the interface issues are reversed (data in/signal out), but just as important. 
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Interface 


To use a converter we have to get the data into or out of it. There are basically two 
different ways to accomplish this, parallel and serial. 


The parallel interface is relatively straightforward. The only timing issues that may have 
to be considered are set up and hold times. Obviously, with the advent of low supply 
voltages, signal levels of the digital interface need to be observed. 


BUSY 
DATA CURRENT 
BUS CONVERSION 


ti. a eal tis 


Figure 6.195: Typical parallel interface timing diagram 


In the case of the AD7678, which is an 18-bit converter, there may be an issue interfacing 
with a 16 bit (or 8 bit) microprocessor bus. The output register logic is flexible enough to 
allow the 18-bit word to interface to these narrower data busses. See Figure 6.196. 


Table 7. Data Bus Interface Definitions 


MODE | MODE1 | MODEO | DO/OB/2C | D1/A0 | D2/A1 


D[10:11] | D[12:15] | D[16:17] | Description 


18-Bit Parallel 


16-Bit High Word 
16-Bit Low Word 
8-Bit HIGH Byte 


0 R[0] Rf] R[2] R[3] | R[4:9] | R[10:11] | R[12:15] | R[16:17] 
1 OB/2C AQ:0 R[2] R[3] | R[4:9] | R[10:11] | R[12:15] | R[16:17] 


1 OB/2C A0d:1 All Zeros 


8-Bit MID Byte 


0 OB/2C A0:1 A1:0 R[0:1] All Zeros 8-Bit LOW Byte 


AQ:1 Al:l All Zeros 8-Bit LOW Byte 


0 OB/2C A0:0 A1:0 All Hi-Z R[10:11] | R[12:15] | R[16:17) 
0 OB/2C A0:0 Al:l All Hi-Z R[2:3] R[4:7] R[89] 


All Hi-Z Serial Interface Serial Interface 
R[0:17] is the 18-bit ADC value stored in its output register. 


Figure 6.196: Data bus interface example 


The case of serial interface is typically a bit more complicated. Many times the serial 
interface conforms to a certain interface standard. You will see that many of the serial 
interface converters conform to the SPI, QSPI", MICROWIRE, or °C standards. 
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For the serial interface the converter could act as a master or a slave. The differentiation 
is determined by who generates the timing clock. The master typically generates the 
clock. 


The width of the serial clock is variable. The data can be MSB first or LSB first. The time 
slots that line up with the data bits must be defined. Since there are multiple possibilities, 
each must be defined. 


INSTRUCTION CYCLE 


DATA TRANSFER CYCLE 


soI0 Pew Tol em] * |e | ef | © [ow] ow] om | Die | 0% | 
s00 7 ee 


Figure 3a. Serial Register Interface Timing MSB First 
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Figure 3b. Serial Register Interface Timing LSB First 


Figure 6.197: Typical DAC serial timing diagram 
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Register Description 


Many converters have multiple operational modes. Some have on board circuitry, such as 
a multiplexer or programmable amplifier (PGA) that must be configured. This requires 
writing to control registers. Each bit in each word must be defined. 


AD7730/AD7730L 


Communications Register (RS2-RSO = 0, 0, 0) 

The Communications Register is an 8-bit write-only register. All communications to the part must start with a write operation to the 
Communications Register. The data written to the Communications Register determines whether the next operation is a read or 
write operation, the type of read operation, and to which register this operation takes place. For single-shot read or write operations, 
once the subsequent read or write operation to the selected register is complete, the interface returns to where it expects a write op- 
eration to the Communications Register. This is the default state of the interface, and on power-up or after a RESET, the AD7730 

is in this default state waiting for a write operation to the Communications Register. In situations where the interface sequence is 
lost, a write operation of at least 32 serial clock cycles with DIN high, returns the AD7730 to this default state by resetting the 
part. Table VI outlines the bit designations for the Communications Register. CRO through CR7 indicate the bit location, CR denot- 
ing the bits are in the Communications Register. CR7 denotes the first bit of the data stream. 


Table VI. Communications Register 


CR7 CR6 CR5 CR4 CR3 CR2 CRI CRO 
[wes [zen ewi [ nwo [eo [ese [st [| 


Bit Bit 

Location Mnemonic Description 

CR7 Write Enable Bit. A 0 must be written to this bit so the write operation to the Communications 
Register actually takes place. If a 1 is written to this bit, the part will not clock on to subsequent 
bits in the register. It will stay at this bit location until a 0 is written to this bit. Once a 0 is writ- 
ten to the WEN bit, the next seven bits will be loaded to the Communications Register. 

CR6 ZERO A zero must be written to this bit to ensure correct operation of the AD7730. 

CR5, CR4 RW1, RWO Read/Write Mode Bits. These two bits determine the nature of the subsequent read/write opera- 


tion. Table VII outlines the four options. 


Table VII. Read/Write Mode 


Read/Write Mode 


Single Write to Specified Register 

Single Read of Specified Register 

Start Continuous Read of Specified Register 
Stop Continuous Read Mode 


With 0, 0 written to these two bits, the next operation is a write operation to the register specified by 
bits RS2, RS1, RSO. Once the subsequent write operation to the specified register has been com- 
pleted, the part returns to where it is expecting a write operation to the Communications Register. 
With 0,1 written to these two bits, the next operation is a read operation of the register specified 
by bits RS2, RS1, RSO. Once the subsequent read operation to the specified register has been 
completed, the part returns to where it is expecting a write operation to the Communications 
Register. 

Writing 1,0 to these bits, sets the part into a mode of continuous reads from the register speci- 
fied by bits RS2, RS1, RSO. The most likely registers with which the user will want to use this 
function are the Data Register and the Status Register. Subsequent operations to the part will 
consist of read operations to the specified register without any intermediate writes to the Com- 
munications Register. This means that once the next read operation to the specified register has 
taken place, the part will be in a mode where it is expecting another read from that specified 
register. The part will remain in this continuous read mode until 30 Hex has been written to the 
Communications Register. 

When 1,1 is written to these bits (and 0 written to bits CR3 through CRO), the continuous read 
mode is stopped and the part returns to where it is expecting a write operation to the Communi- 
cations Register. Note, the part continues to look at the DIN line on each SCLK edge during 
continuous read mode to determine when to stop the continuous read mode. Therefore, the user 
must be careful not to inadvertently exit the continuous read mode or reset the AD7730 by 
writing a series of 1s to the part. The easiest way to avoid this is to place a logic 0 on the DIN 
line while the part is in continuous read mode. Once the part is in continuous read mode, the 
user should ensure that an integer multiple of 8 serial clocks should have taken place before 
attempting to take the part out of continuous read mode. 


Figure 6.198: Typical register description (partial) 
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Application Circuits 


Often some typical application circuits are provided to assist in applying the converters. 
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Figure 6.200: AD7730 Typical Application Circuit 


When looking at the applications circuits, note that the recommended support part 
numbers, while still valid, may no longer be the best choices. This is because newer parts 
may have been released since the data sheet was written. Always look to see if a newer 
part may be better. 
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Evaluation Boards 


The only way to be sure that your design works is to actually build it. But as has been 
mentioned several times, the layout of a printed circuit board is as critical as any other 
part of the design. To that end, manufacturers often make evaluation boards available. 
This is an advantage for the design engineer, since it relieves him of the responsibility of 
developing and manufacturing an evaluation board. It also allows him to test a portion of 
the design before committing to the prototype run. 


But the evaluation board serves the manufacturer as well. Since the manufacturer controls 
the design of the board, he can insure that the evaluation system shows off the part in it 
best light. The manufacturer will ensure that the performance of the board will not limit 
the performance of the part. This means a more fair evaluation, since many variables are 
removed. 


The schematic and board layouts are typically presented in the data sheet. Often the 
Gerber files for the evaluation board are available as well from the manufacturer. A word 
of warning is in order though. Just cut and pasting the Gerber files into your design is not 
enough to ensure optimum performance. Integrating the evaluation board section into the 
rest of the system is important as well. For instance, what if there is more than one 
converter in the system? The grounding scheme of the evaluation board, which worked in 
the instance of the one converter evaluation system, may be inadequate for larger 
systems. 


Evaluation boards are typically part of larger systems for evaluation of a converter. 
Typically software is included to interface to the part. This software typically runs on a 
PC and includes a human interface. Evaluation systems are covered in more detail in the 
chapter on design aids. 


Summary 


Not all data sheets for converters (or any other classification of part, for that matter) are 
the same, not from different manufacturers or even from the same manufacturer. But 
there are some features which are more or less standard. Knowing what the look for and 
where to look for it can make the daunting task of part selection a bit easier and possibly 
more exact. 
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Notes: 
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SECTION 6.9: CHOOSING A DATA CONVERTER 


Often the choice of the data converter is the cornerstone of the entire design. As we have 
seen in the previous sections, a converter can have many specifications. Now that we 
have gone over what those specifications mean and how to read a data sheet we are ready 
to proceed to the next step. How, then, do you determine which converter best suits your 
needs? 


Determine the Parameters 


The most obvious parameters that we may need to specify the converter are the resolution 
and sample rate. Remember that the resolution of converter and the accuracy may not be 
the same. Quite often it is really the accuracy that is required. 


For ADCs, when we think of sample rate, we generally mean the maximum frequency. 
However, when the sample rate is reduced, the hold time requirements of the hold 
capacitors in the sample-and-hold section of the ADC increase proportionally. This can 
lead to errors if the sample rate is slow enough for the droop rate of the sample-and-hold 
to allow the sampled voltage to decay till it is out of the error band before the next sample 
period. While the droop rate of ADCs with internal SHAs is typically not specified, a 
minimum sample rate will be. This effect is dependant on the architecture of the ADC. 
Successive approximation ADCs rarely have this problem but pipelined architectures 
often do. 


How the ADC is to be used may also effect the part selection. Pipelined ADCs and X-A 
converters typically don’t have a control signal for starting the conversion. They are 
designed to convert continuously. This makes them a bit more difficult to use in 
applications in which the sample must be synchronous. This would include multiplexed 
applications and those where the sample is to be triggered by an external stimulus. Flash 
or successive approximation type converters are probably a better choice in these type of 
applications. 


We stated in the specifications section that there are two ways to specify the converter, ac 
specifications and de specifications. In general ac specifications tend to be important with 
continuous sampling, higher speed. DC specifications tend to be more important with 
single conversion or multiplexed applications, which tend to be lower speed. 


What is the frequency range of the input signal? For high frequency applications, is the 
input frequency band in the first Nyquist zone, or is undersampling to be employed? 


Another point: Nyquist says that the input frequency can be up to half of the sample rate 
(for baseband sampling), but the antialiasing filter complexity increases sharply as the 
upper end of the input frequency band approaches the Nyquist frequency (Fs/2). By using 
oversampling, moving the sample rate out so that the input frequency band is 
proportionally smaller, system cost and complexity can be reduced. 


6.205 


[4 BASIC LINEAR DESIGN 


The analog considerations for interfacing DACs are typically much less involved. In 
general, the decisions are whether the DAC should be current out or voltage out. If 
current out, the DAC will typically dictate the use of a current to voltage (I/V) converter. 
One possible exception is whether the DAC is multiplying, in which case you need to 
specify the input signal. 


On the digital side, the primary consideration is whether the data bus is parallel or serial. 
With the proliferation of low voltage circuits, the voltage level of the interface also needs 
to be defined. In many cases the data output level is the same as the power supply, but 
some converters have a separate power pin which sets the voltage level of the digital 
interface. While the parallel interface is fairly simple, there are some added questions 
concerning the serial interface. Does it need to support a standard such as SPI, I’C, or 
LVDS? 


If the resolution of the converter is not the same as the data bus width (interfacing a 12 bit 
converter to an 8 bit parallel bus for instance) the converter will require multiple 
read/write cycles. Similarly, in a serial interface you may have to specify right or left 
justified data. 


In some converters control words must be written to the converter as well. 


As always, what the physical environment the converter must operate in is a concern. 
What is the temperature that the system must operate in? Is there a size limitation? What 
power supplies are available? Also, high speed converters tend to be relatively high 
power dissipation devices. Thermal considerations must also be considered. 


Part of this process is determining the values for the various parameters. In doing this you 
should determine an optimum value and an acceptable range. For example, you may have 
a target value of full 16 bits for the accuracy, but you may be able to live with 2 LSBs of 
differential nonlinearity and by loosening this spec, a better overall fit could be made. 
The temperature range over which that the circuit will be required to operate will affect 
this as well. The physical size of the package and the cost, as always, should be 
considered. It is good practice to allow a little margin on the specs, if possible, so that 
aging effects, etc., don’t cause the circuit to go out of spec. 


Prioritizing the Parameters 


As can be seen from the discussion above, there can be a number of considerations 
involved in selecting a part. Typically, however, there are one or two that are more 
important than the rest. It is always a good idea not to overspecify a part. The more 
specifications that have to be met, the harder it will be to meet all of them. 


Selecting the Part 
The last step is to finally select the part. The “brute force” method would be to gather 
data books and randomly start looking at the specs for each of the parts individually. This 


would quickly get out of hand. There are several tools that make the job much easier. 
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One such tool is a selection guide. These appear frequently in magazine ads and 
promotional mailers. The main difficulty with using these guides is that, in many 
instances, the lists are not all inclusive, but instead are usually focused on specific sub 
groups such as new products, single-supply, low power, etc. The narrow focus may cause 
you to miss some otherwise acceptable options. An example of a selection guide, in this 
case called a solutions bulletin is given in Figure 6.201. 


ADI provides a piece of literature called “The Short Form Designers Guide” which is 
much better suited to the purpose. It contains all of ADI’s current product offering, sorted 
by function and performance. Two of the main parts of the short form are the product 
trees and selection guides. 


Using the converter section as an example, we can choose between several possibilities, 
each of which are expanded further in subsequent trees. This allows the designer to drill 
down to a particular converter which will be acceptable in his application. Figures 6. 202 
through 6.205 shows part of the ADC selection tree. 


The selection trees only give one, maybe two, specs. It is designed to be the start of the 
selection process. More detailed specs are given in the selection guides, which will take a 
category corresponding the one of the sections of the selection trees, and then sort the 
parts by the relevant parameter. For example, for converters, they would be sorted by 
resolution, lowest resolution first. The converters are then sorted by the next parameter, 
in this case sampling rate. 


In addition to the specs used to sort the parts, there are several other specs given. These 
include package size and cost. The cost quoted is generally the 1000 piece price for the 
base grade of the converter. It should be used for comparison purposes. Small quantities 
will typically be priced higher, higher quantities will generally be lower. 


An alternative is the parametric search engine. Here you enter the relevant parameters for 
your design. The converter search is shown in Figures 6.206 through 6.207. You can also 
prioritize the selection by clicking on the “priority” box. The search will then search the 
database of parts and it will come up with 10 alternatives. 


A particularly nice feature of the search engine is that if it can’t meet your selection 
criteria exactly, it will come back with a selection of parts that come close to matching 
your criteria. Where there is not a match, the parameter is presented in red. This allows 
the designer the chance to evaluate how well his application lines up with available 
components. 
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April 2004 THE ANALOG DEVICES SOLUTIONS BULLETIN 


IN THIS ISSUE Next-Generation. Dual, High Speed ADCs 


High Speed ADCs: More hether you're designing a next-generation wireless communications receiver or a 
Performance In Less Space ........ 2 W low power data acquisition subsystem, your choice of an A/D converter solution can 
ADCs for Instrumentation be a key element in meeting end system requirements for performance, power, size, 
| ee | and cost. 
Meeting the Demands of High Analog Devices has developed the next-generation family of dual, high speed ADCs, meeting 
Bandwidth Data Services ........... 4 the most stringent design requirements. Ranging from 10 bits to 14 bits, and from 20 MSPS 
Power Amplifier Linearization ......5 to 65 MSPS (up to 120 MSPS for 10 bits), this pin compatible family allows for flexibility in 
design, depending on the ADC signal chain requirements, while assuring that performance 
Serco ITaDG metseecoenssae er! and power have been optimized. 
aot | __ This dual family builds off the feature-rich AD9238, 12-bit, 20, 40, and 65 MSPS ADCs that 
includes optimized power consumption, IF sampling capability, and flexible output interface 
A Common Codec: JPEG2000 .....9 configurations—all in a very space-efficient 9 x 9 LFCSP. The AD9216 is the 10-bit companion 
Ruggedized ADCs ...................10 device that supports speeds from 65 MSPS to 120 MSPS. It is suitable for direct conversion 
Meeting the 36 Standard “1 applications, such as in broadband wireless and satellite communications. Extending the family 
SRE to 14 bits is the AD9248, offered in three speed grades of 20, 40, and 65 MSPS, respectively. 
Building the Best of Both The AD9248 gives system designers a low cost converter alternative to today’s wide-ranging 
Synthesizer Worlds .................12 choice of receivers. 


PIN COMPATIBLE 10-BIT 10 14-BI1 
HIGH SPEED DUAL ADC FAMILY 


a 


y Qyarn a 
7 [aya veo Tey 

2uz ; 
4 al ADC io ; 


* AD8216; 10 BITS, GSMSPS to 120MSPS 
* AD9238: 12 BITS, 20MSPS to 65MSPS 
* A09248; 14 BITS, 20MSPS to G5MSPS 
* OPTIMIZED FOR POWER CONSUMPTION AND PERFORMANCE 


Part Resolution as Rate | SNR (dB @| SFDR (dBc @ | Power per Price pei 

Number | (Bits) (MSPS) 39 MHz) | 39 MHz) Channel (mW)' Chantel ($U.S.) 
65/80/105/120 | 58.0 

ape2ss' |12x2 | 20/40/65 [70.0 [350 


All prices in this bulletin are in USD in quantities 
greater than 1,000 (unless otherwise noted), 
recommended lowest grade resale, FOB U.S.A. 


"Low speed grade. 
*Also available in LOFP-64. 


ANALOG Visit our website for samples, data sheets, and additional product information. 
DEVICES www.analog.com/bulletins/converter 


Figure 6.201: Typical Solutions Bulletin Front Page 
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GENERAL-PURPOSE COMPONEN SELECTION TREES |62 


OVERVIEW 


AID AMPLIFIERS ANALOG D/A DIGITAL SIGNAL 
CONVERTERS COMPUTATION CONVERTERS PROCESSORS 


CIRCUITS 


OVERVIEW OVERVIEW Multi/Div/Sq Root OVERVIEW 16-Bit Fixed-Point 
True RMS Converters 
EMOD 


<3 MSPS Low Bias Current 4-Quadrant Embedded 
Muttiplying Processors 
>3 MSPS Nyquist Precision ——<—<—<—<—<—— 


5 Multiplexers Bipolar Output L Blackfin 
>3 MSPS IF Sampling Single Supply 


Video Mux Single Supply 32-Bit SHARC® 


Sigma-Delta High Speed 


Channel Protectors High Speed 
Subsystems Differential Current Output TigerSHARC® 


—_————__ and TxDAC*s 
Codecs and I/O Ports RF/IF DC-to-DC Converters Development 


—————— Digital fools 
Analog Front End Instrumentation Potentiometers 


MicroConverters Isolation 


Digital/Logic Isolators 
g og Video Switches 


Variable Gain 


Bus/Level Translation 


V/F and F/V Converters 


LCD Drivers 


Figure 6.202: Short Form Selection Guide Top Level 


A/D CONVERTERS SELECTION TREES | 64 


OVERVIEW 


A/D CONVERTERS A/D CONVERTERS CODECS AND I/O PORTS STEREO AND 
(<3 MSPS) (>3 MSPS) (A/D AND D/A) COMPUTER AUDIO 
See ANALOG/DIGITAL AUDIO section. 
Nya 
MicroConverters 
[ mutchannet iF Sampling 
8051 -/8052-Based 


Self-Calibration 
SIGMA-DELTA EMBEDDED DSP 
ANALOG FRONT ENDS 


Simultaneous 5 5 
Sampling See COMMUNICATIONS section, Voiceband 


(Multiple T/H) High Speed DSP Converters. 


Modulators 


Filter 


Duals and 
3- or 6-Channel 


Transducer 
Interface 


Figure 6.203: Short Form ADC Selection Table, Front Page 
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A/D CONVERTERS 


>3 MSPS NYQUIST 


SINGLES* 


5V MSPS 
AD9432 (80/105) 


et As AD10677  (65/80/105 MSPS) 


AD9042 (41) 

AD9224 (40) 

AD9225 (25) 

AD9220 (10) 
3V 


AD12400 (400) 


14-Bit 


MSPS) mW 
AD9240 (10, 280) 
AD6644 (40/65, 1500) 


AD6600 (IF 70 MHz to 250 MHz, 
20 MSPS w/AGC) 


*All are in pipeline architecture. 
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Figure 6.204: Short Form Selection Guide 2nd Level 


A/D CONVERTE 


>3 MSPS, Nyquist 


Lowest 
Sample Input Test Conditions Smallest Grade Eval 
# Rate BW SNR SFOR SINAD fw fsampue Available Price Board 

Model Bits MSPS MHz dB -dB +B MHz MHz Package 100s Comments Avail 
Single Supply: Singles' 
AD775 8 20 ns ns 47typ ns 1 20 24W SOIC $ 9.95 — fsampre Rate Min = DC 
AD9057 8 40 120 43 ns 42 10.3 40 20 SSOP $ 3.44* On-Chip Vrer, Low Cost Yes 
AD9057 8 60 120 43 ns 42 76 60 20 SSOP $ 3.95* On-Chip Vrer, Low Cost Yes 
AD9057 8 80 120 42.5 ns 415 76 80 20 SSOP $ 463"  On-Chip Vper, Low Cost Yes 
AD9280 8 32 300 47.8 51.4 46.4 3.58 32 28 SSOP $ 226 With Clamp Input and Vrer Yes 
AD9283-50 8 50 475 47 ns 46 27 50 20 SSOP. $ 3.53 Yes 
AD9283-80 8 80 475 47 ns 42 4 80 20 SSOP $ 10.00 Yes 
AD9283-100 8 100 475 46 ns 42.5 76 100 20 SSOP $ 583 Yes 
AD9200 10 20 300 54 61 56 10 20 28 SSOP. $ 312 With Clamp Input, Overflow Pin Yes 
AD9203 10 40 390 59.5 78 59.3 20 40 28 TSSOP $ 6.34 With Clamp Input, 2SC or BIN Yes 
AD9051 10 60 30/130 58 ns 57 10.3 60 28 SSOP $ 9.94 Yes 
AD9432-80 12 105 500 66.1 ns 65.8 70 78 52 LQFP $ 4210 With Overflow Pin Yes 
AD9432-105 12 105 500 66.1 ns 65.8 70 78 52 LOFP $ 58.76 With Overflow Pin Yes 
AD9042 12 41 140 66.5 80 66.5 19.5 41 44 LQFP $ 3120 2sc Yes 
AD9224 12 25 120 68.4 79 68 10 40 28 SSOP $ 2112 Yes 
AD9225 12 25 105 68.2 72.5 66.7 10 25 28 SSOP $ 18.06 With Overflow Pin Yes 
AD9220 12 10 ns 68.5 60 775 76 1000 28W SOIC $ 695 Yes 
AD12400 12 400 400 65 77 64.4 100 400 Module $1,500.00 AC-Coupled AFE Yes 
AD9240 14 10 ns 75 70 90 78 500 44 MQFP. $ 51.00 With Out-of-Range Indicator Yes 
AD6644-65 14 40/65 250 ns 73 73.5 30.5 65 52 LQFP $ 34.20 With Overflow Pin Yes 
AD10677 16 65 210 76.5 79.5 74.5 30 65 Board $ 670.00 AC-Coupled AFE Yes 
NOTE 


tall models are pipelined. 


*Ree price 
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Figure 6.205: Short Form Selection Guide ADC Page 
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i Analog Devices ADC - Request Form 


‘ es 
AUG 


GINURALn ; 


[5 Priority 
J Priority 
[5 Priority: 


i Analog Devices ADC - Request Form 


, Parametric Se 


AC 


bel loniiance: 


J Priority 
J) Priority 
J Priority 
J Priority 
J) Prisrity 
J) Priority 
J) Priority, 
I Priority 
[5 Priority 


Figure 6.207: Parametric Search AC Specs Page 
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SECTION 7.1: VOLTAGE REFERENCES 


Reference circuits and linear regulators actually have much in common. In fact, the latter 
could be functionally described as a reference circuit, but with greater current (or power) 
output. Accordingly, almost all of the specifications of the two circuit types have great 
commonality (even though the performance of references is usually tighter with regard to 
drift, accuracy, etc.). In many cases today the support circuitry is included in the 
converter package. This is advantageous to the designer since it simplifies the design 
process and guarantees performance of the system. 


Precision Voltage References 


Voltage references have a major impact on the performance and accuracy of analog 
systems. A +5 mV tolerance on a 5 V reference corresponds to +0.1% absolute accuracy 
which is only 10-bit accuracy. For a 12-bit system, choosing a reference that has a +1 mV 
tolerance may be far more cost effective than performing manual calibration, while both 
high initial accuracy and calibration will be necessary in a system making absolute 16-bit 
measurements. Note that many systems make relative measurements rather than absolute 
ones, and in such cases the absolute accuracy of the reference is not as important, 
although noise and short-term stability may be. 


Temperature drift or drift due to aging may be an even greater problem than absolute 
accuracy. The initial error can always be trimmed, but compensating for drift is difficult. 
Where possible, references should be chosen for temperature coefficient and aging 
characteristics which preserve adequate accuracy over the operating temperature range 
and expected lifetime of the system. 


Noise in voltage references is often overlooked, but it can be very important in system 
design. Noise is an instantaneous change in the reference voltage. It is generally specified 
on data sheets, but system designers frequently ignore the specification and assume that 
voltage references do not contribute to system noise. 


There are two dynamic issues that must be considered with voltage references: their 
behavior at start-up, and their behavior with transient loads. With regard to the first, 
always bear in mind that voltage references do not power up instantly (this is true of 
references inside ADCs and DACs as well as discrete designs). Thus it is rarely possible 
to turn on an ADC and reference, whether internal or external, make a reading, and turn 
off again within a few microseconds, however attractive such a procedure might be in 
terms of energy saving. 
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Regarding the second point, a given reference IC may or may not be well suited for 
pulse-loading conditions, dependent upon the specific architecture. Many references use 
low power, and therefore low bandwidth, output buffer amplifiers. This makes for poor 
behavior under fast transient loads, which may degrade the performance of fast ADCs 
(especially successive approximation and flash ADCs). Suitable decoupling can ease the 
problem (but some references oscillate with capacitive loads), or an additional external 
broadband buffer amplifier may be used to drive the node where the transients occur. 


Types of Voltage References 


In terms of the functionality of their circuit connection, standard reference ICs are often 
only available in series, or three-terminal form (Vij, Common, Vour), and also in 
positive polarity only. The series types have the potential advantages of lower and more 
stable quiescent current, standard pretrimmed output voltages, and relatively high output 
current without accuracy loss. Shunt, or two-terminal (i.e., diode-like) references are 
more flexible regarding operating polarity, but they are also more restrictive as to 
loading. They can in fact eat up excessive power with widely varying resistor-fed voltage 
inputs. Also, they sometimes come in nonstandard voltages. All of these various factors 
tend to govern when one functional type is preferred over the other. 


Some simple diode-based references are shown in Figure 7.1. In the first of these, a 
current driven forward biased diode (or diode-connected transistor) produces a voltage, 
Vr = Veer. While the junction drop is somewhat decoupled from the raw supply, it has 
numerous deficiencies as a reference. Among them are a strong TC of about —0.3%/°C, 
some sensitivity to loading, and a rather inflexible output voltage, it is only available in 
600 mV jumps. 


#Vg #Vs 


FORWARD-BIASED ZENER (AVALANCHE) 
DIODE DIODE 


Figure 7.1: Simple Diode Reference Circuits 
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By contrast, these most simple references (as well as all other shunt-type regulators) have 
a basic advantage, which is the fact that the polarity is readily reversible by flipping 
connections and reversing the drive current. However, a basic limitation of all shunt 
regulators is that load current must always be less (usually appreciably less) than the 
driving current, Ip. 


In the second circuit of Figure 7.1, a zener or avalanche diode is used, and an appreciably 
higher output voltage realized. While true zener breakdown occurs below 5 V, avalanche 
breakdown occurs at higher voltages and has a positive temperature coefficient. Note that 
diode reverse breakdown is referred to almost universally today as zener, even though it 
is usually avalanche breakdown. With a D1 breakdown voltage in the 5 V to 8 V range, 
the net positive TC is such that it equals the negative TC of forward-biased diode D2, 
yielding a net TC of 100 ppm/°C or less with proper bias current. Combinations of such 
carefully chosen diodes formed the basis of the early single package "temperature- 
compensated zener" references, such as the 1N821-1N829 series. 


The temperature-compensated zener reference is limited in terms of initial accuracy, 
since the best TC combinations fall at odd voltages, such as the 1N829's 6.2 V. And, the 
scheme is also limited for loading, since for best TC the diode current must be carefully 
controlled. Unlike a fundamentally lower voltage (<2 V) reference, zener diode based 
references must of necessity be driven from voltage sources appreciably higher than 6 V 
levels, so this precludes operation of zener references from 5 V system supplies. 
References based on low TC zener (avalanche) diodes also tend to be noisy, due to the 
basic noise of the breakdown mechanism. This has been improved greatly with 
monolithic zener types, as is described further below. 


Band Gap References 


The development of low voltage (<5 V) references based on the band gap voltage of 
silicon led to the introductions of various ICs which could be operated on low voltage 
supplies with good TC performance. The first of these was the LM109 (Reference 1), and 
a basic band gap reference cell is shown in Figure 7.2. 


This circuit is also called a "AVpge" reference because the differing current densities 
between matched transistors QI - Q2 produces a AVpg across R3. It works by summing 
the Vgr of Q3 with the amplified AVgr of Q1 - Q2, developed across R2. The AVpz and 
Vpe components have opposite polarity TCs; AVge is proportional to absolute 
temperature (PTAT), while Vgr is complementary to absolute temperature (CTAT). The 
summed output is Vp, and when it is equal to 1.205 V (silicon band gap voltage), the TC 
is a minimum. 


The band gap reference technique is attractive in IC designs because of several reasons; 
among these are the relative simplicity, and the avoidance of zeners and their noise. 
However, very important in these days of ever decreasing system supplies is the 
fundamental fact that band gap devices operate at low voltages, i.e., <5 V. Not only are 
they used for standalone IC references, but they are also used within the designs of many 
other linear ICs such as ADCs and DACs. 
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R1 
6002 


Vr = Vee + aa AVBE 


Figure 7.2: Basic Band Gap Reference 


However, the basic designs of Figure 7.2 suffer from load and current drive sensitivity, 
plus the fact that the output needs accurate scaling to more useful levels, i.e., 2.5 V, 5 V, 
etc. The load drive issue is best addressed with the use of a buffer amplifier, which also 
provides convenient voltage scaling to standard levels. 


An improved three-terminal band gap reference, the AD580 (introduced in 1974) is 
shown in Figure 7.3. Popularly called the "Brokaw Cell" (see References 2 and 3), this 
circuit provides on-chip output buffering, which allows good drive capability and 
standard output voltage scaling. The AD580 was the first precision band gap based IC 
reference, and variants of the topology have influenced further generations of both 
industry standard references such as the REFO1, REFO2, and REFO3 series, as well as 
more recent ADI band gap parts such as the REF19x series, the AD680, AD780, the 
AD1582-85 series, the ADR38x series, the ADR39x series, and recent SC-70 and SOT- 
23 offerings of improved versions of the REFO1, REF02, and REFO3 (designated 
ADRO1, ADRO2, and ADRO3). 


The AD580 has two 8:1 emitter-scaled transistors Q1-Q2 operating at identical collector 
currents (and thus 1/8 current densities), by virtue of equal load resistors and a closed 
loop around the buffer op amp. Due to the resultant smaller Vpe of the 8 x area Q2, R2 in 
series with Q2 drops the AVgg voltage, while R1 (due to the current relationships) drops a 
PTAT voltage V1: 


Rl 
V, =2x—x AV : Eq. 7-1 
1 R2 BE q 
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The band gap cell reference voltage Vz appears at the base of Q1, and is the sum of Ve 
(Q1) and Vj, or 1.205 V, the band gap voltage: 


Vz = VBE(Q1) + V, Eq. 7-2 
=V, +2~x Bu x AV Eq. 7-3 
= VBE(Q1) R2 BE q. 
RI kT Jl 
=V, +2x x x In Eq. 7-4 
BEQUS SO ane 4 
RI kT 
=V, +2 x—x—xI1n8 Eq. 7-5 
BE(Q1) R2* q q 
=1.205V. 


Note that J1 = current density in QI, J2 = current density in Q2, and J1/J2 = 8. 


However, because of the presence of the R4/R5 (laser trimmed) thin film divider and the 
op amp, the actual voltage appearing at Vour can be scaled higher, in the AD580 case 
2.5 V. Following this general principle, Vour can be raised to other practical levels, such 
as for example in the AD584, with taps for precise 2.5 V, 5 V, 7.5 V, and 10 V operation. 
The ADS580 provides up to 10-mA output current while operating from supplies between 
4.5 V and 30 V. It is available in tolerances as low as 0.4%, with TCs as low as 
10 ppm/°C. 


@ @ 
+ViNn 
S R8 S R7 
‘ =|, | Vout = 2-5V 
e 
R4 2 
Q2 Q1 
ar rn ; ° Vz = 1.205V 


VBE 
AV pe ° R2 (Q1) R52 
\ A= TRANSISTOR 


A AREA 


com y 


Figure 7.3: AD580 Precision Band gap Reference Uses Brokaw Cell (1974) 


Many of the recent developments in band gap references have focused on smaller 
package size and cost reduction, to address system needs for smaller, more power 
efficient and less costly reference ICs. Among these are several recent band gap-based IC 
references. 
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The AD1580 (introduced in 1996) is a shunt mode IC reference which is functionally 
quite similar to the classic shunt IC reference, the AD589 (introduced in 1980) mentioned 
above. A key difference is the fact that the AD1580 uses a newer, small geometry 
process, enabling its availability within the tiny SOT-23 package. The very small size of 
this package allows use in a wide variety of space limited applications, and the low 
operating current lends itself to portable battery-powered uses. The AD1580 circuit is 
shown in simplified form in Figure 7.4. 


In this circuit, like transistors Q1 and Q2 form the band gap core, and are operated at a 
current ratio of 5 times, determined by the ratio of R7 to R2. An op amp is formed by the 
differential pair Q3 - Q4, current mirror Q5, and driver/output stage Q8 - Q9. In closed 
loop equilibrium, this amplifier maintains the bottom ends of R2 - R7 at the same 


potential. 
O 
V+ 
R6 
Qs 


Q9 


Figure 7.4: AD1580 1.2 V Shunt Type Band Gap Reference 
has Tiny Size in SOT-23 Footprint 


As a result of the closed-loop control described, a basic AVpgg voltage is dropped across 
R3, and a scaled PTAT voltage also appears as V1, which is effectively in series with 
Vee. The nominal band gap reference voltage of 1.225 V is then the sum of Q1's Vgg and 
V1. The AD1580 is designed to operate at currents as low as 50 pA, also handling 
maximum currents as high as 10 mA. It is available in grades with voltage tolerances of 
+1 or +10 mV, and with corresponding TCs of 50 or 100 ppm/°C. 


The circuit diagram for the series, shown in Figure 7.5, may be recognized as a variant of 
the basic Brokaw band gap cell, as described under Figure 7.3. In this case Q1 - Q2 form 
the core, and the overall loop operates to produce the stable reference voltage Vgg at the 
base of QI. A notable difference here is that the op amp's output stage is designed with 
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push-pull common-emitter stages. This has the effect of requiring an output capacitor for 
stability, but it also provides the IC with relatively low dropout operation. 


+ 


O 
Vin ‘ 
O | + OUT 
4.7 pF 


Cour | 1 uF 
-O 
AD1582-1585: Coy, REQUIRED FOR STABILITY 


ADR380, ADR381: Coy; RECOMMENDED TO ABSORB TRANSIENTS 


Figure 7.6: AD1582 to AD1585 Series Connection Diagram 


The low dropout feature means essentially that Vjy can be lowered to as close as several 
hundred mV above the Vour level without disturbing operation. The push-pull operation 
also means that this device series can actually both sink and source currents at the output, 
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as opposed to the classic reference operation of sourcing current (only). For the various 
output voltage ratings, the divider R5-R6 is adjusted for the respective levels. 


The AD1582-series is designed to operate with quiescent currents of only 65 yA 
(maximum), which allows good power efficiency when used in low power systems with 
varying voltage inputs. The rated output current for the series is 5 mA, and they are 
available in grades with voltage tolerances of +0.1 or +1% of Vour, with corresponding 
TCs of 50 or 100 ppm/°C. 


Because of stability requirements, devices of the AD1582 series must be used with both 
an output and input bypass capacitor. Recommended worst case values for these are 
shown in the hookup diagram of Figure 7.6. For the electrical values noted, it is likely 
that tantalum chip capacitors will be the smallest in size. 


Buried Zener References 


In terms of the design approaches used within the reference core, the two most popular 
basic types of IC references consist of the band gap and buried zener units. Band gaps 
have been discussed, but zener based references warrant some further discussion. 


In an IC chip, surface operated diode junction breakdown is prone to crystal 
imperfections and other contamination, thus zener diodes formed at the surface are more 
noisy and less stable than are buried (or sub-surface) ones. ADI zener based IC 
references employ the much preferred buried zener. This improves substantially upon the 
noise and drift of surface-mode operated zeners (see Reference 4). Buried zener 
references offer very low temperature drift, down to the 1 ppm/°C to 2 ppm/°C (AD588 
and AD586), and the lowest noise as a percent of full-scale, i.e., 100 nV/VHz or less. On 
the downside, the operating current of zener type references is usually relatively high, 
typically on the order of several mA. The zener voltage is also relatively high, typically 
on the order of 5 V. This limits its application in low voltage circuits. 


TOP DIFFUSION 
a L) 


ZENER 


BREAKDOWN DIFFUSION BURIED ZENER 
REGION BREAKDOWN DIFFUSION 
REGION 
SIMPLE ZENER DIODE BURIED (OR SUBSURFACE) 
ZENER DIODE 


Figure 7.7: Simple Surface Zener vs. a Buried Zener 


An important general point arises when comparing noise performance of different 
references. The best way to do this is to compare the ratio of the noise (within a given 
bandwidth) to the de output voltage. For example, a 10 V reference with a 100 nV/VHz 
noise density is 6 dB more quiet in relative terms than is a 5 V reference with the same 
noise level. 
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VIN NOISE REDUCTION 


GND 


Figure 7.8: Typical Buried Zener Reference (AD586) 


XFET® References 


A third and relatively new category of IC reference core design is based on the properties 
of junction field effect (JFET) transistors. Somewhat analogous to the band gap reference 
for bipolar transistors, the JFET based reference operates a pair of junction field effect 
transistors with different pinchoff voltages, and amplifies the differential output to 
produce a stable reference voltage. One of the two JFETs uses an extra ion implantation, 
giving rise to the name XFET (eXtra implantation junction Field Effect Transistor) for 
the reference core design. 


The basic topology for the XFET reference circuit is shown in Figure 7.9. J1 and J2 are 
the two JFET transistors, which form the core of the reference. J1 and J2 are driven at the 
same current level from matched current sources, I] and I2. To the right, J1 is the JFET 
with the extra implantation, which causes the difference in the J1 - J2 pinchoff voltages to 
differ by 500 mV. With the pinchoff voltage of two such FETs purposely skewed, a 
differential voltage will appear between the gates for identical current drive conditions 
and equal source voltages. This voltage, AVp, is: 


AVp = VPI = Vp? 5 Eq. 7-6 


where Vp; and Vp are the pinchoff voltages of FETs J1 and J2, respectively. 
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Figure 7.9: XFET Reference Simplified Schematic 


Note that, within this circuit, the voltage AVp exists between the gates of the two FETs. 
We also know that, with the overall feedback loop closed, the op amp axiom of zero input 
differential voltage will hold the sources of the two JFET at same potential. These source 
voltages are applied as inputs to the op amp, the output of which drives feedback divider 
R1 - R3. As this loop is configured, it stabilizes at an output voltage from the R1 - R2 tap 
which does in fact produce the required AVp between the J1 - J2 gates. In essence, the op 
amp amplifies AVp to produce Vour, where 


R2+R3 


Vout = av,( + + (Ippar )(R3). Eq. 7-7 


As can be noted, this expression includes the basic output scaling (leftmost portion of the 
right terms), plus a rightmost temperature dependent term including Iprar. The Iprar 
portion of the expression compensates for a basic negative temperature coefficient of the 
XFET core, such that the overall net temperature drift of the reference is typically in a 
range of 3 ppm/°C to 8 ppm/°C. 


The XFET architecture offers performance improvements over band gap and buried zener 
references, particularly for systems where operating current is critical, yet drift and noise 
performance must still be excellent. XFET noise levels are lower than band gap based 
bipolar references operating at an equivalent current, the temperature drift is low and 
linear at 3 ppm/°C to 8 ppm/°C (allowing easier compensation when required), and the 
series has lower hysteresis than band gaps. Thermal hysteresis is a low 50 ppm over a 
—40°C to +125°C range, less that half that of a typical band gap device. Finally, the long- 
term stability is excellent, typically only 50 ppm/1000 hours. 


Figure 7.10 summarizes the pro and con characteristics of the three reference 
architectures; band gap, buried zener, and XFET. 
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BANDGAP BURIED ZENER XFET® 
< 5V Supplies > 5V Supplies < 5V Supplies 
High Noise Low Noise Low Noise 
@ High Power @ High Power @ Low Power 
Fair Drift and Good Drift and Excellent Drift and 
Long Term Stability | Long Term Stability | Long Term Stability 
Fair Hysteresis Fair Hysteresis Low Hysteresis 


Figure 7.10: Characteristics of Reference Architectures 


Though modern IC references come in a variety of styles, series operating, fixed output 
positive types do tend to dominate. They may or may not be low power, low noise, 
and/or low dropout, or available within a certain package. Of course, in a given 
application, any single one of these differentiating factors can drive a choice, thus it 
behooves the designer to be aware of all the different devices available. 
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Figure 7.11: Standard Positive Output Three Terminal Reference Hookup (8-pin 
DIP Pinout) 
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Figure 7.11 shows the typical schematic for a series type IC positive reference (in an 

8 pin package. Note that (x) numbers refer to the standard pin for that function). There 
are several details which are important. Many references allow optional trimming by 
connecting an external trim circuit to drive the references' trim input pin (5). Some band 
gap references also have a high impedance PTAT output (Vremp) for temperature sensing 
(pin 3). The intent here is that no appreciable current be drawn from this pin, but it can be 
useful for such nonloading types of connections as comparator inputs, to sense 
temperature thresholds, etc. 


Some references have a pin labeled “noise reduction.” This may cause some confusion. A 
capacitor connected to this pin will reduce the noise of the reference cell itself, this cell is 
typically followed by an internal buffer. The noise of this buffer will not be affected. 


All references should use decoupling capacitors on the input pin (2), but the amount of 
decoupling (if any) placed on the output (pin 6) depends upon the stability of the 
reference's output op amp with capacitive load. Simply put, there is no hard and fast rule 
for capacitive loads here. For example, some three terminal types require the output 
capacitor for stability (i.e., REF19x and AD1582 to AD1585 series), while with others it 
is optional for performance improvement (AD780, REF43, ADR29x, ADR43x, AD38x, 
AD39x, ADRO1, ADRO02, ADRO3). Even if the output capacitor is optional, it may still 
be required to supply the energy for transient load currents, as presented by some ADC 
reference input circuits. The safest rule then is that you should use the data sheet to verify 
what are the specific capacitive loading ground rules for the reference you intend to use, 
for the load conditions your circuit presents. 
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Voltage Reference Specifications 


Tolerance 


It is usually better to select a reference with the required value and accuracy, and to avoid 
external trimming and scaling if possible. This allows the best TCs to be realized, as tight 
tolerances and low TCs usually go hand-in-hand. Tolerances as low as approximately 
0.04% can be achieved with the AD586, AD780, REF195, and ADR43x-series, while the 
ADS588 is 0.01%. If and when trimming must be used, be sure to use the recommended 
trim network with no more range than is absolutely necessary. When/if additional 
external scaling is required, a precision op amp should be used, along with ratio-accurate, 
low TC tracking thin film resistors. 


Drift 


The XFET and buried zener reference families have the best long term drift and TC 
performance. The XFET ADR43x-series have TCs as low as 3 ppm/°C. TCs as low as 
1 ppm/°C to 2 ppm/°C are available with the AD586 and AD588 buried zener references, 
and the AD780 band gap reference is almost as good at 3 ppm/°C. 


The XFET series achieves long terms drifts of 50 ppm/1000 hours, while the buried zener 
types come in at 25 ppm/1000 hours. Note that where a figure is given for long term drift, 
it is usually drift expressed in ppm/1000 hours. There are 8766 hours in a year, and many 
engineers multiply the 1000 hour figure by 8.77 to find the annual drift—this is not 
correct, and can in fact be quite pessimistic. Long term drift in precision analog circuits is 
a "random walk" phenomenon and increases with the square root of the elapsed time 
(this supposes that drift is due to random micro-effects in the chip and not some over- 
riding cause such as contamination). The 1 year figure will therefore be about V8.766 ~ 
3 times the 1000 hour figure, and the ten year value will be roughly 9 times the 1000 hour 
value. In practice, things are a little better even than this, as devices tend to stabilize with 
age. 


The accuracy of an ADC or DAC can be no better than that of its reference. Reference 
temperature drift affects full-scale accuracy as shown in Figure 7.12. This table shows 
system resolution and the TC required to maintain 2 LSB error over an operating 
temperature range of 100°C. For example, a TC of about 1 ppm/°C is required to 
maintain ’2 LSB error at 12 bits. For smaller operating temperature ranges, the drift 
requirement will be less. The last three columns of the table show the voltage value of 
’2 LSB for popular full-scale ranges. 


Supply Range 


IC reference supply voltages range from about 3 V (or less) above rated output, to as high 
as 30 V (or more) above rated output. Exceptions are devices designed for low dropout, 
such as the REF19X, AD1582 to AD1585, ADR38X, ADR39X series. At low currents, 
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the REF195 can deliver 5 V with an input as low as 5.1 V (100 mV dropout). Note that 
due to process limits, some references may have more restrictive maximum voltage input 
ranges, such as the AD1582 to AD1585 series (12 V), the ADR29x series (15 V), and the 
ADR43x series (18 V). 


% LSB WEIGHT (mV) 
10, 5, AND 2.5V FULLSCALE RANGES 
REQUIRED 
BITS DRIFT (ppm/°C) 10V 5V 2.5V 
8 19.53 19.53 9.77 4.88 
9 9.77 9.77 4.88 2.44 
10 4.88 4.88 2.44 1.22 
11 2.44 2.44 1.22 0.61 
12 1.22 1.22 0.61 0.31 
13 0.61 0.61 0.31 0.15 
14 0.31 0.31 0.15 0.08 
15 0.15 0.15 0.08 0.04 
16 0.08 0.08 0.04 0.02 


Figure 7.12: Reference Temperature Drift Requirements for Various System 
Accuracies (1/2 LSB Criteria, 100°C Span) 


Load Sensitivity 


Load sensitivity (or output impedance) is usually specified in pV/mA of load current, or 
mQ, or ppm/mA. While figures of 70 ppm/mA or less are quite good (AD780, REF43, 
REF195, ADR29X, ADR43X), it should be noted that external wiring drops can produce 
comparable errors at high currents, without care in layout. Load current dependent errors 
are minimized with short, heavy conductors on the (+) output and on the ground return. 
For the highest precision, buffer amplifiers and Kelvin sensing circuits (AD588, AD688, 
ADR39x) are used to ensure accurate voltages at the load. 


The output of a buffered reference is the output of an op amp, and therefore the source 
impedance is a function of frequency. Typical reference output impedance rises at 
6 dB/octave from the de value, and is nominally about 10 © at a few hundred kHz. This 
impedance can be lowered with an external capacitor, provided the op amp within the 
reference remains stable for such loading. 


Line Sensitivity 


Line sensitivity (or regulation) is usually specified in nV/V, (or ppm/V) of input change, 
and is typically 25 ppm/V (92 dB) in the REF43, REF195, AD680, AD780, ADR29X, 
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ADR39X, and ADR43X. For de and very low frequencies, such errors are easily masked 
by noise. 


As with op amps, the line sensitivity (or power supply rejection) of references degrades 
with increasing frequency, typically 30 dB to 50 dB at a few hundred kHz. For this 
reason, the reference input should be highly decoupled (LF and HF). Line rejection can 
also be increased with a low dropout pre-regulator, such as one of the ADP3300-series 
parts. 


Noise 


Reference noise is not always specified, and when it is, there is not total uniformity on 
how. For example, some devices are characterized for peak-to-peak noise in a 0.1 Hz to 
10 Hz bandwidth, while others are specified in terms of wideband rms or peak-to-peak 
noise over a specified bandwidth. The most useful way to specify noise (as with op amps) 
is a plot of noise voltage spectral density (nV/VHz) versus frequency. 


Low noise references are important in high resolution systems to prevent loss of 
accuracy. Since white noise is statistical, a given noise density must be related to an 
equivalent peak-to-peak noise in the relevant bandwidth. Strictly speaking, the peak-to- 
peak noise in a Gaussian system is infinite (but its probability is infinitesimal). 
Conventionally, the figure of 6.6 x rms is used to define a practical peak value— 
statistically, this occurs less than 0.1% of the time. This peak-to-peak value should be 
less than 2 LSB in order to maintain required accuracy. If peak-to-peak noise is assumed 
to be 6 times the rms value, then for an N-bit system, reference voltage full-scale Vrer, 
reference noise bandwidth (BW), the required noise voltage spectral density E, (V/VHz) 
is given by: 


< VREF Eq. 7-8 


|sames 
To aaliay 


For a 10 V, 12-bit, 100 kHz system, the noise requirement is a modest 643 nV/VHz. 
Figure 7.13 shows that increasing resolution and/or lower full-scale references make 
noise requirements more stringent. The 100 kHz bandwidth assumption is somewhat 
arbitrary, but the user may reduce it with external filtering, thereby reducing the noise. 
Most good IC references have noise spectral densities around 100 nV/VHz, so additional 
filtering is obviously required in most high resolution systems, especially those with low 
values of Vrrr. 


Some references, for example, the AD587 buried zener type, have a pin designated as the 
noise reduction pin (see data sheet). This pin is connected to a high impedance node 
preceding the on-chip buffer amplifier. Thus an externally connected capacitor Cy will 
form a low-pass filter with an internal resistor, to limits the effective noise bandwidth 
seen at the output. A 1 uF capacitor gives a 3 dB bandwidth of 40 Hz. Note that this 
method of noise reduction is by no means universal, and other devices may implement 
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noise reduction differently, if at all. Also note that it does not affect the noise of the 
buffer amplifier. 


There are also general purpose methods of noise reduction, which can be used to reduce 
the noise of any reference IC, at any standard voltage level. Note that the DC 
characteristics of the reference filter will affect the accuracy of the reference. 


NOISE DENSITY (nV/Hz) FOR 
10, 5, AND 2.5V FULLSCALE RANGES 

BITS 10V 5V 2.5V 

12 643 322 161 

13 322 161 80 

14 161 80 40 

15 80 40 20 

16 40 20 10 


Figure 7.13: Reference Noise Requirements for Various System Accuracies 
(1/2 LSB/ 100 kHz Criteria) 


Scaled References 


A useful approach when a nonstandard reference voltage is required is to simply buffer 
and scale a basic low voltage reference diode. With this approach, a potential difficulty is 
getting an amplifier to work well at such low voltages as 3 V. A workhorse solution is the 
low power reference and scaling buffer shown in Figure 7.14. Here a low current 1.2 V 
two terminal reference diode is used for D1, which can be either a 1.200 V ADRS12, 
1.235 V AD589, or the 1.225 V AD1580. Resistor R1 sets the diode current in either 
case, and is chosen for the diode minimum current requirement at a minimum supply of 
2.7 V. Obviously, loading on the unbuffered diode must be minimized at the Veg node. 


The amplifier U1 both buffers and optionally scales up the nominal 1.0 V or 1.2 V 
reference, allowing much higher source/sink output currents. Of course, a higher op amp 
quiescent current is expended in doing this, but this is a basic tradeoff of the approach. 


In Figure 7.14, without gain scaling resistors R2 - R3, Vour is simply equal to Vrrr. With 
the use of the scaling resistors, Vour can be set anywhere between a lower limit of Vrer, 
and an upper limit of the positive rail, due to the op amp's rail-to-rail output swing. Also, 
note that this buffered reference is inherently low dropout, allowing a +4.5 V (or more) 
reference output on a +5 V supply, for example. The general expression for Vour is 
shown in the figure, where Vrgr is the reference voltage. 
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Figure 7.14: Rail-to-Rail Output Op Amps Allow Greatest Flexibility 
in Low Dropout References 


Voltage Reference Pulse Current Response 


The response of references to dynamic loads is often a concern, especially in applications 
such as driving ADCs and DACs. Fast changes in load current invariably perturb the 
output, often outside the rated error band. For example, the reference input to a sigma- 
delta ADC may be the switched capacitor circuit shown in Figure 7.15. The dynamic load 
causes current spikes in the reference as the capacitor Cyn is charged and discharged. As a 
result, noise may be induced on the ADC reference circuitry. 


Although sigma-delta ADCs have an internal digital filter, transients on the reference 
input can still cause appreciable conversion errors. Thus it is important to maintain a low 
noise, transient free potential at the ADC's reference input. Be aware that if the reference 
source impedance is too high, dynamic loading can cause the reference input to shift by 
more than 5 mV. 


A bypass capacitor on the output of a reference may help it to cope with load transients, 
but many references are unstable with large capacitive loads. Therefore it is quite 
important to verify that the device chosen will satisfactorily drive the output capacitance 
required. In any case, the converter reference inputs should always be decoupled—with at 
least 0.1 uF, and with an additional 5 uF to 50 uF if there is any low frequency ripple on 
its supply. 
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Figure 7.15: Switched Capacitor Input of Sigma-Delta ADC Presents a 
Dynamic Load to the Voltage Reference 


Since some references misbehave with transient loads, either by oscillating or by losing 
accuracy for comparatively long periods, it is advisable to test the pulse response of 
voltage references which may encounter transient loads. A suitable circuit is shown in 
Figure 7.16. In a typical voltage reference, a step change of 1 mA produces the transients 
shown. Both the duration of the transient, and the amplitude of the ringing increase when 
a 0.01 uF capacitor is connected to the reference output. 


TOP TRACE: NO LOAD (C, = 0) 
Vin 50mVidiv. 


1mA to 2mA STEP SCOPE 


REFERENCE 
UNDER 
TEST 


BOTTOM TRACE: C, = 0.01pF 
200mV/div. 


PULSE 
GENERATOR 


BOTH TRACES: 5us/div. 


Figure 7.16: Make Sure Reference is Stable with Large Capacitive Loads 
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As noted above, reference bypass capacitors are useful when driving the reference inputs 
of successive-approximation ADCs. Figure 7.17 illustrates reference voltage settling 
behavior immediately following the "Start Convert" command. A small capacitor 
(0.01 uF) does not provide sufficient charge storage to keep the reference voltage stable 
during conversion, and errors may result. As shown by the bottom trace, decoupling with 
a= 1 uF capacitor maintains the reference stability during conversion. 


Vin 
START 
({ <9) SCOPE CONVERT \ 
° VREF 
- SAR ; 
B | 
ADE Cp, = 0.22uF —> § 
Ca=1WF — 
(eo) 
START CONVERT SCOPE TOP TRACE VERTICAL SCALE: 5V/div. 


ALL OTHER VERTICAL SCALES: 5mV/div. 
HORIZONTAL SCALE: 1us/div. 


Figure 7.17: Successive Approximation ADCs Can Present 
a Dynamic Transient Load to the Reference 


Where voltage references are required to drive large capacitances, it is also critically 
important to realize that their turn-on time will be prolonged. Experiment may be needed 
to determine the delay before the reference output reaches full accuracy, but it will 
certainly be much longer than the time specified on the data sheet for the same reference 
in a low capacitance loaded state. 


Low Noise References for High Resolution Converters 


High resolution converters (both sigma-delta and high speed ones) can benefit from 
recent improvements in IC references, such as lower noise and the ability to drive 
capacitive loads. Even though many data converters have internal references, the 
performance of these references is often compromised because of the limitations of the 
converter process. In such cases, using an external reference rather than the internal one 
often yields better overall performance. For example, the AD7710-series of 22-bit ADCs 
has a 2.5 V internal reference with a 0.1 Hz to 10 Hz noise of 8.3 uV rms (2600 nV/VHz), 
while the AD780 reference noise is only 0.67 nV rms (200 nV/VHz). The internal noise 
of the AD7710-series in this bandwidth is about 1.7 uV rms. The use of the AD780 
increases the effective resolution of the AD7710 from about 20.5 bits to 21.5 bits. 
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There is one possible but yet quite real problem when replacing the internal reference of a 
converter with a higher precision external one. The converter in question may have been 
trimmed during manufacture to deliver its specified performance with a relatively 
inaccurate internal reference. In such a case, using a more accurate external reference 
with the converter may actually introduce additional gain error! For example, the early 
AD574 had a guaranteed uncalibrated gain accuracy of 0.125% when using an internal 
10 V reference (which itself had a specified accuracy of only +1%). It is obvious that if 
such a device, having an internal reference which is at one end of the specified range, is 
used with an external reference of exactly 10 V, then its gain will be about 1% in error. 
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SECTION 7.2: ANALOG SWITCHES AND 
MULTIPLEXERS 


Introduction 


Solid state analog switches and multiplexers have become an essential component in the 
design of electronic systems which require the ability to control and select a specified 
transmission path for an analog signal. These devices are used in a wide variety of 
applications including multichannel data acquisition systems, process control, 
instrumentation, video systems, etc. 


Early CMOS switches and multiplexers were typically designed to handle signal levels 
up to +10 V while operating on +15 V supplies. In 1979, Analog Devices introduced the 
popular ADG200-series of switches and multiplexers, and in 1988 the ADG201-series 
was introduced which were fabricated on a proprietary linear-compatible CMOS process 
(L°CMOS). These devices allowed input signals to +15 V when operating on +15 V 
supplies. 


A large number of switches and multiplexers were introduced in the 1980s and 1990s, 
with the trend toward lower on resistance, faster switching, lower supply voltages, lower 
cost, lower power, and smaller surface-mount packages. 


Today, analog switches and multiplexers are available in a wide variety of configurations, 
options, etc., to suit nearly all applications. On resistances less than 0.5 QO, picoampere 
leakage currents, signal bandwidths greater than 1 GHz, and single 1.8 V supply 
operation are now possible with modern CMOS technology. 


Although CMOS is by far the most popular IC process today for switches and 
multiplexers, bipolar processes (with JFETs) and complementary bipolar processes (also 
with JFET capability) are often used for special applications such as video switching and 
multiplexing where the high performance characteristics required are not attainable with 
CMOS. Traditional CMOS switches and multiplexers suffer from several disadvantages 
at video frequencies. Their switching time is generally not fast enough, and they require 
external buffering in order to drive typical video loads. In addition, the small variation of 
the CMOS switch on resistance with signal level (Ron modulation) can introduce 
unwanted distortion in differential gain and phase. Multiplexers based on complementary 
bipolar technology offer better solutions at video frequencies—with obvious power and 
cost increases above CMOS devices. 
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CMOS Switch Basics 


The ideal analog switch has no on resistance, infinite off impedance and zero time delay, 
and can handle large signal and common-mode voltages. Real CMOS analog switches 
meet none of these criteria. It can be more correctly thought of as a variable resistor 
which changes from very high to very low resistance. But if we understand the 
limitations of analog switches, most of these limitations can be overcome. 


CMOS switches have an excellent combination of attributes. In its most basic form, the 
MOSFET transistor is a voltage-controlled resistor. In the "on" state, its resistance can be 
less than 1 Q, while in the "off" state, the resistance increases to several hundreds of 
megohms, with picoampere leakage currents. CMOS technology is compatible with logic 
circuitry and can be densely packed in an IC. Its fast switching characteristics are well 
controlled with minimum circuit parasitics. 


MOSFET transistors are bilateral. That is, they can switch positive and negative voltages 
and conduct positive and negative currents with equal ease. A MOSFET transistor has a 
voltage controlled resistance which varies nonlinearly with signal voltage as shown in 
Figure 7.18. 


SIGNAL VOLTAGE 


PMOS NMOS 


o4 ALTERNATE SYMBOLS oH 


Figure 7.18: MOSFET Switch ON Resistance vs. Signal Voltage 


The complementary-MOS process (CMOS) yields good P-channel and N-channel 
MOSFETs. Connecting the PMOS and NMOS devices in parallel forms the basic 
bilateral CMOS switch of Figure 7.19. This combination reduces the on resistance, and 
also produces a resistance which varies much less with signal voltage. 
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Figure 7.19: Basic CMOS Switch Uses Complementary Pair to 
Minimize Ron Variation due to Signal Swings 


Figure 7.20 shows the on resistance changing with channel voltage for both N-type and 
P-type devices. This nonlinear resistance can causes errors in de accuracy as well as ac 
distortion. The bilateral CMOS switch solves this problem. On resistance is minimized, 
and linearity is also improved. The bottom curve of Figure 7.20 shows the improved 
flatness of the on resistance characteristic of the switch. 
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Figure 7.20: CMOS Switch ON Resistance vs. Signal Voltage 
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The ADG&xx-series of CMOS switches are specifically designed for less than 0.5 Q on 
resistance and are fabricated on a sub-micron process. These devices can carry currents 
up to 400 mA, operate on a single 1.8 V to 5.5 V supply, and are rated over an extended 
temperature range of —40°C to +125°C. On resistance over temperature and input signal 
level is shown in Figure 7.21. 


ON RESISTANCE (() 


0 
0 0.5 1.0 1.5 2.0 2.5 3.0 3.5 4.0 4.5 5.0 
INPUT SIGNAL LEVEL (V) 


Figure 7.21: ON Resistance vs. Input Signal for 
ADG801/ADG802 CMOS Switch, Vop = +5 V 


Error Sources in the CMOS Switch 


It is important to understand the error sources in an analog switch. Many affect ac and dc 
performance, while others only affect ac. Figure 7.22 shows the equivalent circuit of two 
adjacent CMOS switches. The model includes leakage currents and junction 
capacitances. 


DC errors associated with a single CMOS switch in the on state are shown in Figure 7.23. 
When the switch is on, de performance is affected mainly by the switch on resistance 
(Ron) and leakage current (ILxg). A resistive attenuator is created by the Rg-Ron-Rioap 
combination which produces a gain error. The leakage current, Itxc, flows through the 
equivalent resistance of Ryoap in parallel with the sum of Rg and Ron. Not only can Ron 
cause gain errors—which can be calibrated using a system gain trim—but its variation 
with applied signal voltage (Ron modulation) can introduce distortion—for which there is 
no calibration. Low resistance circuits are more subject to errors due to Ron, while high 
resistance circuits are affected by leakage currents. Figure 7.23 also gives equations that 
show how these parameters affect dc performance. 
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Figure 7.22: Equivalent Circuit of Two Adjacent CMOS Switches 
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Figure 7.23: Factors Affecting DC Performance for 
ON Switch Condition: Ron, Rroap, and Ike 


When the switch is OFF, leakage current can introduce errors as shown in Figure 7.24. 
The leakage current flowing through the load resistance develops a corresponding voltage 
error at the output. 
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SWITCH 


D 
Vout 


RLoap 


Leakage current creates error voltage at Voy7 equal to: 
Vout = !ike * Rioap 


Figure 7.24: Factors Affecting DC Performance for 
OFF Switch Condition: ILxke and Rroap 


Figure 7.25 illustrates the parasitic components that affect the ac performance of CMOS 
switches. Additional external capacitances will further degrade performance. These 
capacitances affect feedthrough, crosstalk, and system bandwidth. Cps (drain-to-source 
capacitance), Cp (drain-to-ground capacitance), and Cyoap all work in conjunction with 
Ron and Ryoap to form the overall transfer function. 
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Figure 7.25: Dynamic Performance Considerations: 
Transfer Accuracy vs. Frequency 


In the equivalent circuit, Cps creates a frequency zero in the numerator of the transfer 
function A(s). This zero usually occurs at high frequencies because the switch on 
resistance is small. The bandwidth is also a function of the switch output capacitance in 
combination with Cps and the load capacitance. This frequency pole appears in the 
denominator of the equation. 
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The composite frequency domain transfer function may be re-written as shown in the in 
Figure 7.26 which shows the overall Bode plot for the switch in the on state. In most 
cases, the pole breakpoint frequency occurs first because of the dominant effect of the 
output capacitance Cp. Thus, to maximize bandwidth, a switch should have low input and 
output capacitance and low on resistance. 


@ Bandwidth and DC Accuracy is 
A-dB SeGAIN’ 4-HObe Affected By External R and C 
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Figure 7.26: Bode Plot of CMOS Switch Transfer 
Function in the ON State 


The series-pass capacitance, Cps, not only creates a zero in the response in the ON state, 
it degrades the feedthrough performance of the switch during its OFF state. When the 
switch is off, Cps couples the input signal to the output load as shown in Figure 7.27. 


OFF Isolation is Affected 
by External R and C Load 


A(s) = S(Ri ond (Crs) 
S(Rioan Croan + Cp + Cos) +1 


Figure 7.27: Dynamic Performance Considerations: Off lsolation 
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Large values of Cps will produce large values of feedthrough, proportional to the input 
frequency. Figure 7.28 illustrates the drop in OFF isolation as a function of frequency. 
The simplest way to maximize the OFF isolation is to choose a switch that has as small a 
Cps as possible. 
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SLOPE = -20 dB / DECADE 


va 


CORNER AT (a) 22-2 Cte ____ 
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Figure 7.28: Off Isolation vs. Frequency 


Figure 7.29 shows typical CMOS analog switch OFF isolation as a function of frequency 
for the ADG708 8-channel multiplexer. From dc to several kilohertz, the multiplexer has 
nearly 90 dB isolation. As the frequency increases, an increasing amount of signal 
reaches the output. However, even at 10 MHz, the switch shown still has nearly 60 dB of 


isolation. 


20 
30k 100k 10M 100M 
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Figure 7.29: OFF Isolation vs. Frequency for ADG708 8-Channel Multiplexer 
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Another ac parameter that affects system performance is the charge injection that takes 
place during switching. Figure 7.30 shows the equivalent circuit of the charge injection 
mechanism. 


RLoap 
CONTROL 


INPUT 


Step waveforms of + (Vpp — Vgs) are applied to Cg, 
the gate capacitance of the output switches. 


Figure 7.30: Dynamic Performance Considerations: 
Charge Injection Model 


When the switch control input is asserted, it causes the control circuit to apply a large 
voltage change (from Vpp to Vss, or vice versa) at the gate of the CMOS switch. This 
fast change in voltage injects a charge into the switch output through the gate-drain 
capacitance Cg. The amount of charge coupled depends on the magnitude of the gate- 
drain capacitance. 


Vv 
OUT A Vout 
Qing = CL X AVour 


Figure 7.31: Effects of Charge Injection on Output 


The charge injection introduces a step change in output voltage when switching as shown 
in Figure 7.31. The change in output voltage, AVourt, is a function of the amount of 
charge injected, Qyny (which is in turn a function of the gate-drain capacitance, Cg) and 
the load capacitance, C_. 
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Another problem caused by switch capacitance is the retained charge when switching 
channels. This charge can cause transients in the switch output, and Figure 7.32 illustrates 
the phenomenon. 


Figure 7.32: Charge Coupling Causes Dynamic Settling Time 
Transient When Multiplexing Signals 


Assume that initially S2 is closed and S1 open. Cs; and Cs are charged to —5 V. As S2 
opens, the —5 V remains on Cg; and Cg), as S1 closes. Thus, the output of Amplifier A 
sees a —5 V transient. The output will not stabilize until Amplifier A's output fully 
discharges Cs; and Cg and settles to 0 V. The scope photo in Figure 7.33 depicts this 
transient. The amplifier's transient load settling characteristics will therefore be an 
important consideration when choosing the right input buffer. 


SWITCH CONTROL 
5Vidiv. 


AMPLIFIER A OUTPUT 
500mVidiv. 


HORIZONTAL SCALE: 200ns/div. 


Figure 7.33: Output of Amplifier Shows Dynamic Settling Time 
Transient Due to Charge Coupling 
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Crosstalk is related to the capacitances between two switches. This is modeled as the Css 
capacitance shown in Figure 7.34. 


Figure 7.34: Channel-to-Channel Crosstalk Equivalent 
Circuit for Adjacent Switches 


Figure 7.35 shows typical crosstalk performance of the ADG708 8-channel CMOS 


multiplexer. 
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Figure 7.35: Crosstalk vs. Frequency for ADG708 8-Channel Multiplexer 
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Finally, the switch itself has a settling time that must be considered. Figure 7.36 shows 
the dynamic transfer function. The settling time can be calculated, because the response 
is a function of the switch and circuit resistances and capacitances. One can assume that 
this is a single-pole system and calculate the number of time constants required to settle 
to the desired system accuracy as shown in Figure 7.37. 


RonR %ERROR 
OFF-TO-ON: t =toy +| —ONRLOAD lic c [-n ERROR) 
sett = ton eee (CLoap + Cp) 406 
%ERROR 
ON-TO-OFF:  tsert = torr +(RLoap)(CLoap + Cp (in ERROR) 


Settling time is the time required for the switch output 
to settle within a given error band of the final value. 


Figure 7.36: Multiplexer Settling Time 


RESOLUTION, LSB (%FS) # OF TIME 
# OF BITS CONSTANTS 

6 1.563 4.16 
0.391 5.55 

10 0.0977 6.93 

12 0.0244 8.32 

14 0.0061 9.70 

16 0.00153 11.09 

18 0.00038 12.48 

20 0.000095 13.86 

22 0.000024 15.25 


Figure 7.37: Number of Time Constants Required to Settle to 
1 LSB Accuracy for a Single-Pole System 
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Applying the Analog Switch 


Switching time is an important consideration in applying analog switches, but switching 
time should not be confused with settling time. ON and OFF times are simply a measure 
of the propagation delay from the control input to the toggling of the switch, and are 
largely caused by time delays in the drive and level-shift circuits (see Figure 7.38). The 
ton and torr values are generally measured from the 50% point of the control input 
leading edge to the 90% point of the output signal level. 


Ss D 
O O 
CONTROL ,, 
INPUT LEVEL 
SHIFTER 
ton ’ tore 


@ ton and torr should not be confused with settling time. 


@ ton and tor are simply a measure of the propagation delay 
from control input to operation of the analog switch. It is caused 
by time delays in the drive / level-shifter logic circuitry. 


@ ton and to¢p are measured from the 50% point of the control 
input to the 90% point of the output signal level. 


Figure 7.38: Applying the Analog Switch: Dynamic 
Performance Considerations 


We will next consider the issues involved in buffering a CMOS switch or multiplexer 
output using an op amp. When a CMOS multiplexer switches inputs to an inverting 
summing amplifier, it should be noted that the on-resistance, and its nonlinear change as 
a function of input voltage, will cause gain and distortion errors as shown in Figure 7.39. 
If the resistors are large, the switch leakage current may introduce error. Small resistors 
minimize leakage current error but increase the error due to the finite value of Ron. 
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SWITCH 


+H10V Ving 
+10V_ Vino 


HOV Ving 


+H10V Ving 


@ ARon caused by AViy , degrades linearity of Voyz relative to Vix. 
@ ARon Causes overall gain error in Voyr relative to Vix . 


Figure 7.39: Applying the Analog Switch: Unity 
Gain Inverter with Switched Input 


To minimize the effect of Ron change due to the change in input voltage, it is advisable 
to put the multiplexing switches at the op amp summing junction as shown in 
Figure 7.76. This ensures the switches are only modulated with about +100 mV rather 
than the full +10 V—but a separate resistor is required for each input leg. 
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MAY BE REQUIRED 
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+10V 
EFFECT OF Cs 
+10V 
+10V 
O Vout 
+10V 


AVswitcn = £100mV 


@ Switch drives a virtual ground. 
@ Switch sees only +100mV, not +10V, minimizes ARon . 


Figure 7.40: Applying the Analog Switch: 
Minimizing the Influence of ARon 
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It is important to know how much parasitic capacitance has been added to the summing 
junction as a result of adding a multiplexer, because any capacitance added to that node 
introduces phase shift to the amplifier closed-loop response. If the capacitance is too 
large, the amplifier may become unstable and oscillate. A small capacitance, C;, across 
the feedback resistor may be required to stabilize the circuit. 


The finite value of Ron can be a significant error source in the circuit shown in Figure 
7.41. The gain-setting resistors should be at least 1,000 times larger than the switch on- 
resistance to guarantee 0.1% gain accuracy. Higher values yield greater accuracy but 
lower bandwidth and greater sensitivity to leakage and bias current. 


+H10V 
+10V 


+10V 


+10V 


@ ARon is small compared to 1MOQ switch load. 

@ Effect on transfer accuracy is minimized. 

@ Bias current and leakage current effects are row very important. 
@ Circuit bandwidth degrades. 


Figure 7.41: Applying the Analog Switch: Minimizing Effects 
of ARon Using Large Resistor Values 


A better method of compensating for Ron is to place one of the switches in series with the 
feedback resistor of the inverting amplifier as shown in Figure 7.42. It is a safe 
assumption that the multiple switches, fabricated on a single chip, are well-matched in 
absolute characteristics and tracking over temperature. Therefore, the amplifier is closed- 
loop gain stable at unity gain, since the total feedforward and feedback resistors are 
matched. 
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Figure 7.42: Applying the Analog Switch: Using "Dummy" Switch 
in Feedback to Minimize Gain Error Due to ARon 


The best multiplexer design drives the noninverting input of the amplifier as shown in 
Figure 7.43. The high input impedance of the noninverting input eliminates the errors due 
to Ron. 


+H10V Ving 
+10V Vine 


+10V Ving 
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Figure 7.43: Applying the Analog Switch: Minimizing the Influence of ARon 
Using Noninverting Configuration 


CMOS switches and multiplexers are often used with op amps to make programmable 
gain amplifiers (PGAs). To understand Roy's effect on their performance, consider 
Figure 7.44, a poor PGA design. A noninverting op amp has 4 different gain-set resistors, 
each grounded by a switch, with an Ron of 100 © to 500 ©. Even with Ron as low as 

25 Q, the gain of 16 error would be 2.4%, worse than 8-bit accuracy! Ron also changes 
over temperature, and switch-switch. 
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@ Gain accuracy limited by s witch's on-resistance R on 
and Roy modulation 


@ Ron typically 1 - 500 for CMOS or JFET switch 
@ For Ron = 250, there is a 2 .4% gain error for G = 16 
@ Ron drift over temperature limits accuracy 


@ Must use very low Ron Switches 


Figure 7.44: A Poorly Designed PGA Using CMOS Switches 


To attempt "fixing" this design, the resistors might be increased, but noise and offset 
could then be a problem. The only way to accuracy with this circuit is to use relays, with 


virtually no Ron. Only then will the few mQ of relay Ron be a small error vis-a-vis 
625 Q. 


Vout 


@ Ron is not in series with gain setting resistors 
@ Ron is small compared to input impedance 


@ Only slight offset errors occur due to bias 
current flowing through the switches 


Figure 7.45: Alternate PGA Configuration Minimizes the Effects of Ron 
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It is much better to use a circuit insensitive to Ron! In Figure 7.45, the switch is placed in 
series with the inverting input of an op amp. Since the op amp input impedance is very 
large, the switch Ron is now irrelevant, and gain is now determined solely by the external 
resistors. Note—Ron may add a small offset error if op amp bias current is high. If this is 
the case, it can readily be compensated with an equivalent resistance at Vin. 


1 GHz CMOS Switches 


The ADG918/ADG919 are the first switches using a CMOS process to provide high 
isolation and low insertion loss up to and exceeding 1 GHz. The switches exhibit low 
insertion loss (0.8 dB) and high off isolation (37 dB) when transmitting a 1 GHz signal. 
In high frequency applications with throughput power of +18 dBm or less at 25°C, they 
are a cost-effective alternative to gallium arsenide (GaAs) switches. A block diagram of 
the devices is shown in Figure 7.82 along with isolation and loss versus frequency plots 
given in Figure 7.46. 


ABSORPTIVE SWITCH REFLECTIVE SWITCH 
ADG918 ADG919 


Figure 7.46: 1-GHz CMOS 1.65-V to 2.75-V 2:1 Mux/SPDT Switches 
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Figure 7.47: Isolation and Frequency Response of ADG918/ADG919 1 GHz 
Switch 
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The ADG918 is an absorptive switch with 50 © terminated shunt legs that allow 
impedance matching with the application circuit, while the ADG919 is a reflective switch 
designed for use where the terminations are external to the chip. Both offer low power 
consumption (<1 pA), tiny packages (8-lead MSOP and 3 mm x 3 mm lead frame chip 
scale package), single-pin control voltage levels that are CMOS/LVTTL compatible, 
making the switches ideal for wireless applications and general-purpose RF switching. 
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Video Switches and Multiplexers 


In order to meet stringent specifications of bandwidth flatness, differential gain and 
phase, and 75 Q drive capability, high speed complementary bipolar processes are more 
suitable than CMOS processes for video switches and multiplexers. Traditional CMOS 
switches and multiplexers suffer from several disadvantages at video frequencies. Their 
switching time (typically 50 ns or so) is not fast enough for today's applications, and they 
require external buffering in order to drive typical video loads. In addition, the small 
variation of the CMOS switch on-resistance with signal level (Ro, modulation) 
introduces unwanted distortion in differential gain and phase. Multiplexers based on 
complementary bipolar technology offer a better solution at video frequencies. The 
tradeoffs, of course, are higher power and cost. 


Functional block diagrams of the AD8170/AD8174/AD8180/AD8182 bipolar video 
multiplexers are shown in Figure 7.48. The AD8183/AD8185 video multiplexer is shown 
in Figure 7.49. These devices offer a high degree of flexibility and are ideally suited to 
video applications, with excellent differential gain and phase specifications. Switching 
time for all devices in the family is 10 ns to 0.1%. The AD8186/AD8187 are single- 
supply versions of the AD8183/AD8185. 


Figure 7.48: AD8170/AD8174/AD8180/AD8182 Bipolar Video Multiplexers 


The AD8170/8174 series of muxes include an on-chip current feedback op amp output 
buffer whose gain can be set externally. Off channel isolation and crosstalk are typically 
greater than 80 dB for the entire family. 
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AD8183: G = +1 
(AD8186) 


AD8185: G = +2 
(AD8187) 


Figure 7.49: AD8183/AD8185 Video Multiplexers 


Figure 7.50 shows an application circuit for three AD8170 2:1 muxes, where a single 
RGB monitor is switched between two RGB computer video sources. 


CHANNEL o 

COMPUTER aioe 
R G B aan 
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IN1 
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IN1 
R G B THREE AD8170 2:1 MUXES 
COMPUTER (OR 1 AD8183/AD8185/AD8186/AD8187 

TRIPLE 2:1 MUX) 
Figure 7.50: Dual Source RGB Multiplexer Using Three 2:1 Muxes 
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In this setup, the overall effect is that of a three-pole, double-throw switch. The three 
video sources constitute the three poles, and either the upper or lower of the video 
sources constitute the two switch states. Note that the circuit can be simplified by using a 
single AD8183, AD8185, AD8186, or AD8187 triple dual input multiplexer. 


The AD8174 or AD8184 4:1 mux is used in Figure 7.51, to allow a single high speed 
ADC to digitize the RGB outputs of a scanner. 


AD8174, AD8184 
R 
G 
SCANNER ADC 
B 
IN2 AO 
IN3 
\ / ) O 
CHANNEL SELECT 


Figure 7.51: Digitizing RGB Signals with One ADC and A 4:1 Mux 


The RGB video signals from the scanner are fed in sequence to the ADC, and digitized in 
sequence, making efficient use of the scanner data with one ADC. 
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Video Crosspoint Switches 


The AD8116 extends the multiplexer concepts to a fully integrated, 16 <x 16 buffered 
video crosspoint switch matrix (Figure 7.52). A crosspoint switch allows any input to be 
connected to any output, or combination of outputs. The only limitation is that any output 
can have no more than one input connected to it. 


The 3 dB bandwidth is of the AD8116 is greater than 200 MHz, and the 0.1 dB gain 
flatness extends to 60 MHz. Channel switching time is less than 30 ns to 0.1%. Channel- 
to-channel crosstalk is -70 dB measured at 5 MHz. Differential gain and phase is 0.01% 
and 0.01° for a 150 © load. Total power dissipation is 900 mW on +5 V. 


The AD8116 includes output buffers that can be put into a high impedance state for 
paralleling crosspoint stages so that the off channels do not load the output bus. The 
channel switching is performed via a serial digital control that can accommodate daisy- 
chaining of several devices. The AD8116 package is a 128-pin 14 mm x 14 mm LQFP. 
Other members of the crosspoint switch family include the AD8108/AD9109 
8 x 8 crosspoint switch, the AD8110/AD8111 260 MHz 16 = 8 buffered crosspoint 
switch, the AD8113 audio/video 60 MHz 16 x 16 crosspoint switch, and the 
AD8114/AD8115 low cost 225 MHz 16 x 16 crosspoint switch. 
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Figure 7.52: AD8116 16x16 200-MHz Buffered Video Crosspoint Switch 
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Digital Crosspoint Switches 


The AD8152 is a 3.2 Gbps 34 x 34 asynchronous digital crosspoint switch designed for 
high speed networking (see Figure 7.53). The device operates at data rates up to 3.2 Gbps 
per port, making it suitable for Sonet/SDH OC-48 with Forward Error Correction (FEC). 
The AD8152 has digitally programmable current mode outputs that can drive a variety of 
termination schemes and impedances while maintaining the correct voltage level and 
minimizing power consumption. The part operates with a supply voltage as low as 
+2.5 V, with excellent input sensitivity. The control interface is compatible with LVTTL 
or CMOS/TTL. 


As the lowest power solution of any comparable crosspoint switch, the AD8152 
dissipates less than 2 W at 2.5 V supply with all I/Os active and does not require external 
heat sinks. The low jitter specification of less than 45 ps make the AD8152 ideal for high 
speed networking systems. The AD8152's fully differential signal path reduces jitter and 
crosstalk while allowing the use of smaller single-ended voltage swings. It is offered in a 
256-ball SBGA package that operates over the industrial temperature range of 0°C to 
+85°C. 
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Figure 7.53: AD8152 3.2-Gbps Asynchronous 
Digital Crosspoint Switch 
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Parasitic Latch-Up in CMOS Switches and Muxes 


Because multiplexers are often at the front-end of a data acquisition system, their inputs 
generally come from remote locations—hence, they are often subjected to overvoltage 
conditions. Although this topic is treated in more detail in Chapter 11, an understanding 
of the problem as it relates to CMOS devices is particularly important. Although this 
discussion centers around multiplexers, it is germane to nearly all types of CMOS parts. 


Most CMOS analog switches are built using junction-isolated CMOS processes. A cross- 
sectional view of a single switch cell is shown in Figure 7.54. Parasitic SCR (silicon 
controlled rectifier) latch-up can occur if the analog switch terminal has voltages more 
positive than Vpp or more negative than Vss. Even a transient situation, such as power-on 
with an input voltage present, can trigger a parasitic latch-up. If the conduction current is 
too great (several hundred milliamperes or more), it can damage the switch. 


N—CHANNEL P—CHANNEL 
$) 


GATE GATE 


-Vss 
Ce Se 
‘ aml ct 
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+Vop 


Figure 7.54: Cross-Section of a Junction-lsolation CMOS Switch 


The parasitic SCR mechanism is shown in Figure 7.55. SCR action takes place when 
either terminal of the switch (source or the drain) is either one diode drop more positive 
than Vpp or one diode drop more negative than Vss. In the former case, the Vpp terminal 
becomes the SCR gate input and provides the current to trigger SCR action. In the case 
where the voltage is more negative than Vgs, the Vss terminal becomes the SCR gate 
input and provides the gate current. In either case, high current will flow between the 
supplies. The amount of current depends on the collector resistances of the two 
transistors, which can be fairly small. 


In general, to prevent the latch-up condition, the inputs to CMOS devices should never be 
allowed to be more than 0.3 V above the positive supply or 0.3 V below the negative 
supply. Note that this restriction also applies when the power supplies are off (Vpp = Vss 
= 0 V), and therefore devices can latch up if power is applied to a part when signals are 
present on the inputs. Manufacturers of CMOS devices invariably place this restriction in 
the data sheet table of absolute maximum ratings. In addition, the input current under 
overvoltage conditions should be restricted to 5 mA to 30 mA, depending upon the 
particular device. 
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Figure 7.55: Bipolar Transistor Equivalent Circuit for CMOS 
Switch Shows Parasitic SCR Latch 


In order to prevent this type of SCR latch up, a series diode can be inserted into the Vpp 
and Vss terminals as shown in Figure 7.56. The diodes block the SCR gate current. 
Normally the parasitic transistors Q1 and Q2 have low beta (usually less than 10) and 
require a comparatively large gate current to fire the SCR. The diodes limit the reverse 
gate current so that the SCR is not triggered. 


-Vss 


Diodes CR1 and CR2 block base current drive to Q1 and Q2 
in the event of overvoltage at S or D. 


Figure 7.56: Diode Protection Scheme for CMOS Switch 
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If diode protection is used, the analog voltage range of the switch will be reduced by one 
Vee drop at each rail, and this can be inconvenient when using low supply voltages. 


As noted, CMOS switches and multiplexers must also be protected from possible 
overcurrent by inserting a series resistor to limit the current to a safe level as shown in 
Figure 7.57, generally less than 5 mA to 30 mA. Because of the resistive attenuator 
formed by Ryoap and Ryumair, this method works only if the switch drives a relatively 
high impedance load. 
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Figure 7.57: Overcurrent Protection Using External Resistor 


A common method for input protection is shown in Figure 7.58 where Schottky diodes 
are connected from the input terminal to each supply voltage as shown. The diodes 
effectively prevent the inputs from exceeding the supply voltage by more than 
0.3 V to 0.4 V, thereby preventing latch-up conditions. In addition, if the input voltage 
exceeds the supply voltage, the input current flows through the external diodes to the 
supplies, not the device. Schottky diodes can easily handle 50 mA to 100 mA of transient 
current, therefore the Rurmir resistor can be quite low. It must be remembered that the 
Schottky diodes will have some capacitance and leakage current. 
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Figure 7.58: Input Protection Using External Schottky Diodes 
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Most CMOS devices have internal ESD-protection diodes connected from the inputs to 
the supply rails, making the devices less susceptible to latch-up. However, the internal 
diodes begin conduction at 0.6 V, and have limited current-handling capability, thus 
adding the external Schottky diodes offers an added degree of protection. 


Note that latch-up protection does not provide overcurrent protection, and vice versa. If 
both fault conditions can exist in a system, then both protective diodes and resistors 
should be used. 


Analog Devices uses trench-isolation technology to produce its LC2MOS analog 
switches. The process reduces the latch-up susceptibility of the device, the junction 
capacitances, increases switching time, and leakage current, and extends the analog 
voltage range to the supply rails. 


Figure 7.59 shows the cross-sectional view of the trench-isolated CMOS structure. The 
buried oxide layer and the side walls completely isolate the substrate from each transistor 
junction. Therefore, no reverse-biased PN junction is formed. Consequently the 
bandwidth-reducing capacitances and the possibility of SCR latch-up are greatly reduced. 
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Figure 7.59: Trench-Isolation L?CMOS Structure 


The ADGSO8F, ADGSO9F, ADG528F, ADG438F, and ADG439F are +15 V trench- 
isolated L°CMOS multiplexers which offer fault protection for input and output 
overvoltages between —40 V and + 55 V. These devices use a series structure of three 
MOSFETS in the signal path: an N-channel, followed by a P-channel, followed by an 
N-channel. In addition, the signal patch becomes a high impedance when the power 
supplies are turned off. This structure offers a high degree of latch up and overvoltage 
protection—at the expense of higher Ron (~300 Q), and more Ron variation with signal 
level. For more details of this protection method, refer to the individual product data 
sheets. 
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SECTION 7.3: SAMPLE-AND-HOLD CIRCUITS 


Introduction and Historical Perspective 


The sample-and-hold amplifier, or SHA, is a critical part of most data acquisition 
systems. It captures an analog signal and holds it during some operation (most commonly 
analog-digital conversion). The circuitry involved is demanding, and unexpected 
properties of commonplace components such as capacitors and printed circuit boards may 
degrade SHA performance. 


Although today the SHA function has become an integral part of the sampling ADC, 
which is the vast majority of ADCs made today, understanding the fundamental concepts 
governing its operation is essential to understanding ADC dynamic performance. 


When the sample-and-hold is in the sample (or track) mode, the output follows the input 
with only a small voltage offset. There do exist SHAs where the output during the sample 
mode does not follow the input accurately, and the output is only accurate during the hold 
period (such as the AD684, AD781, and AD783). These will not be considered here. 
Strictly speaking, a sample-and-hold with good tracking performance should be referred 
to as a track-and-hold circuit, but in practice the terms are used interchangeably. 


The most common application of a SHA is to maintain the input to an ADC at a constant 
value during conversion. With many, but not all, types of ADC the input may not change 
by more than | LSB during conversion lest the process be corrupted—this either sets very 
low input frequency limits on such ADCs, or requires that they be used with a SHA to 
hold the input during each conversion. See the section in Chapter 6 on successive 
approximation ADCs. 


Integration of the SHA function was made possible by new process developments 
including high speed complementary bipolar processes and advanced CMOS processes. 
In fact, the proliferation and popularity of sampling ADCs has been so great that today 
(2006), one rarely has the need for a separate SHA. 


The advantage of a sampling ADC, apart from the obvious ones of smaller size, lower 
cost, and fewer external components, is that the overall de and ac performance is fully 
specified, and the designer need not spend time ensuring that there are no specification, 
interface, or timing issues involved in combining a discrete ADC and a discrete SHA. 
This is especially important when one considers dynamic specifications such as SFDR 
and SNR. 


Although the largest applications of SHAs are with ADCs, they are also occasionally 


used in DAC deglitchers, peak detectors, analog delay circuits, simultaneous sampling 
systems, and data distribution systems. 
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Basic SHA Operation 


Regardless of the circuit details or type of SHA in question, all such devices have four 
major components. The input amplifier, energy storage device (capacitor), output buffer, 
and switching circuits are common to all SHAs as shown in the typical configuration of 
Figure 7.60. 
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Figure 7.60: Basic Sample-and-Hold Circuit 


The energy storage device, the heart of the SHA, is almost always a capacitor. The input 
amplifier buffers the input by presenting a high impedance to the signal source and 
providing current gain to charge the hold capacitor. In the track mode, the voltage on the 
hold capacitor follows (or tracks) the input signal (with some delay and bandwidth 
limiting). In the hold mode, the switch is opened, and the capacitor retains the voltage 
present before it was disconnected from the input buffer. The output buffer offers a high 
impedance to the hold capacitor to keep the held voltage from discharging prematurely. 
The switching circuit and its driver form the mechanism by which the SHA is alternately 
switched between track and hold. 


There are four groups of specifications that describe basic SHA operation: track mode, 
track-to-hold transition, hold mode, hold-to-track transition. These specifications are 
summarized in Figure 7.61, and some of the SHA error sources are shown graphically in 
Figure 7.62. Because there are both dc and ac performance implications for each of the 
four modes, properly specifying a SHA and understanding its operation in a system is a 
complex matter. 
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Figure 7.61: Sample-and-Hold Specifications 
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Figure 7.62: Some Sources of Sample-and-Hold Errors 


Specifications 


While the specifications of the sample and hold part of a sampling converter are not 
broken out separately, their effect is included in the overall specifications of the 
converter. 


Track Mode Specifications 
Since a SHA in the sample (or track) mode is simply an amplifier, both the static and 


dynamic specifications in this mode are similar to those of any amplifier. (SHAs which 
have degraded performance in the track mode are generally only specified in the hold 
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mode.) The principal track mode specifications are offset, gain, nonlinearity, bandwidth, 
slew rate, settling time, distortion, and noise. However, distortion and noise in the track 
mode are often of less interest than in the hold mode. 


Track-to-Hold Mode Specifications 


When the SHA switches from track to hold, there is generally a small amount of charge 
dumped on the hold capacitor because of nonideal switches. This results in a hold mode 
de offset voltage which is called pedestal error as shown in Figure 7.63. If the SHA is 
driving an ADC, the pedestal error appears as a dc offset voltage which may be removed 
by performing a system calibration. If the pedestal error is a function of input signal 
level, the resulting nonlinearity contributes to hold-mode distortion. 
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Figure 7.63: Track-to-Hold Mode Pedestal, Transient, 
and Settling Time Errors 


Pedestal errors may be reduced by increasing the value of the hold capacitor with a 
corresponding increase in acquisition time and a reduction in bandwidth and slew rate. 


Switching from track to hold produces a transient, and the time required for the SHA 
output to settle to within a specified error band is called hold mode settling time. 
Occasionally, the peak amplitude of the switching transient is also specified. 


Perhaps the most misunderstood and misused SHA specifications are those that include 
the word aperture. The most essential dynamic property of a SHA is its ability to 
disconnect quickly the hold capacitor from the input buffer amplifier. The short (but 
nonzero) interval required for this action is called aperture time. The various quantities 
associated with the internal SHA timing are shown in the Figure 7.64. 


The actual value of the voltage that is held at the end of this interval is a function of both 
the input signal and the errors introduced by the switching operation itself. Figure 7.65 


7.54 


DATA CONVERTER SUPPORT CIRCUITS 
SAMPLE-AND-HOLD CIRCUITS 


shows what happens when the hold command is applied with an input signal of arbitrary 
slope (for clarity, the sample to hold pedestal and switching transients are ignored). The 
value that finally gets held is a delayed version of the input signal, averaged over the 
aperture time of the switch as shown in Figure 7.65. The first order model assumes that 
the final value of the voltage on the hold capacitor is approximately equal to the average 
value of the signal applied to the switch over the interval during which the switch 
changes from a low to high impedance (t,). 
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Figure 7.64: SHA Circuit Showing Internal Timing 
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Figure 7.65: SHA Waveforms 
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The model shows that the finite time required for the switch to open (ta) is equivalent to 
introducing a small delay in the sampling clock driving the SHA. This delay is constant 
and may either be positive or negative. It is called effective aperture delay time, aperture 
delay time, or simply aperture delay, (t-) and is defined as the time difference between 
the analog propagation delay of the front-end buffer (ty) and the switch digital delay (taa) 
plus one-half the aperture time (t,/2). The effective aperture delay time is usually 
positive, but may be negative if the sum of one-half the aperture time (t,/2) and the switch 
digital delay (tag) is less than the propagation delay through the input buffer (tga). The 
aperture delay specification thus establishes when the input signal is actually sampled 
with respect to the sampling clock edge. 


Aperture delay time can be measured by applying a bipolar sinewave signal to the SHA 
and adjusting the synchronous sampling clock delay such that the output of the SHA is 
zero during the hold time. The relative delay between the input sampling clock edge and 
the actual zero-crossing of the input sine wave is the aperture delay time as shown in 
Figure 7.66. 
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Figure 7.66: Effective Aperture Delay Time 


Aperture delay produces no errors, but acts as a fixed delay in either the sampling clock 
input or the analog input (depending on its sign). If there is sample-to-sample variation in 
aperture delay (aperture jitter), then a corresponding voltage error is produced as shown 
in Figure 7.67. This sample-to-sample variation in the instant the switch opens is called 
aperture uncertainty, or aperture jitter and is usually measured in picoseconds rms. The 
amplitude of the associated output error is related to the rate-of-change of the analog 
input. For any given value of aperture jitter, the aperture jitter error increases as the input 
dv/dt increases. 
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Figure 7.67: Effects of Aperture or Sampling Clock 
Jitter on SHA Output 


Figure 7.68 shows the effects of total sampling clock jitter on the signal-to-noise ratio 
(SNR) of a sampled data system. The total rms jitter will be composed of a number of 
components, the actual SHA aperture jitter often being the least of them. 
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Figure 7.68: Effects of Sampling Clock Jitteron SNR 


Led 


[4 BASIC LINEAR DESIGN 


Hold Mode Specifications 


During the hold mode there are errors due to imperfections in the hold capacitor, switch, 
and output amplifier. If a leakage current flows in or out of the hold capacitor, it will 
slowly charge or discharge, and its voltage will change. This effect is known as droop in 
the SHA output and is expressed in V/s. Droop can be caused by leakage across a dirty 
PC board if an external capacitor is used, or by a leaky capacitor, but is most usually due 
to leakage current in semiconductor switches and the bias current of the output buffer 
amplifier. An acceptable value of droop is where the output of a SHA does not change by 
more than 2 LSB during the conversion time of the ADC it is driving, although this value 
is highly dependent on the ADC architecture. Where droop is due to leakage current in 
reversed biased junctions (CMOS switches or FET amplifier gates), it will double for 
every 10°C increase in chip temperature—which means that it will increase a thousand 
fold between +25°C and +125°C. Droop can be reduced by increasing the value of the 
hold capacitor, but this will also increase acquisition time and reduce bandwidth in the 
track mode. Differential techniques are often used to reduce the effects of droop in 
modern IC sample-and-hold circuits that are part of the ADC. 
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Figure 7.69: Hold Mode Droop 


Hold capacitors for SHAs must have low leakage, but there is another characteristic 
which is equally important: low dielectric absorption. If a capacitor is charged, then 
discharged, and then left open circuit, it will recover some of its charge as shown in 
Figure 7.70. The phenomenon is known as dielectric absorption, and it can seriously 
degrade the performance of a SHA, since it causes the remains of a previous sample to 
contaminate a new one, and may introduce random errors of tens or even hundreds of 
mV. 
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Figure 7.70: Dielectric Absorption 


Hold-to-Track Transition Specifications 


When the SHA switches from hold to track, it must reacquire the input signal (which may 
have made a full scale transition during the hold mode). Acquisition time is the interval of 
time required for the SHA to reacquire the signal to the desired accuracy when switching 
from hold to track. The interval starts at the 50% point of the sampling clock edge, and 
ends when the SHA output voltage falls within the specified error band (usually 0.1% and 
0.01% times are given). Some SHAs also specify acquisition time with respect to the 
voltage on the hold capacitor, neglecting the delay and settling time of the output buffer. 
The hold capacitor acquisition time specification is applicable in high speed applications, 
where the maximum possible time must be allocated for the hold mode. The output buffer 
settling time must of course be significantly smaller than the hold time. 


Acquisition time can be measured directly using modern digital sampling scopes (DSOs) 
or digital phosphor scopes (DPOs) which are insensitive to large overdrives. 


Internal SHA Circuits for IC ADCs 


CMOS ADCs are quite popular because of their low power and low cost. The equivalent 
input circuit of a typical CMOS ADC using a differential sample-and-hold is shown in 
Figure 7.71. While the switches are shown in the track mode, note that they open/close at 
the sampling frequency. The 16 pF capacitors represent the effective capacitance of 
switches S1 and S2, plus the stray input capacitance. The Cs capacitors (4 pF) are the 
sampling capacitors, and the Cy capacitors are the hold capacitors. Although the input 
circuit is completely differential, this ADC structure can be driven either single-ended or 
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differentially. Optimum performance, however, is generally obtained using a differential 
transformer or differential op amp drive. 


SWITCHES SHOWN IN TRACK MODE 


Figure 7.71: Simplified Input Circuit for a Typical Switched 
Capacitor CMOS Sample-and-Hold 


In the track mode, the differential input voltage is applied to the Cs capacitors. When the 
circuit enters the hold mode, the voltage across the sampling capacitors is transferred to 
the Cy hold capacitors and buffered by the amplifier A (the switches are controlled by the 
appropriate sampling clock phases). When the SHA returns to the track mode, the input 
source must charge or discharge the voltage stored on Cg to a new input voltage. This 
action of charging and discharging Cs, averaged over a period of time and for a given 
sampling frequency f, makes the input impedance appear to have a benign resistive 
component. However, if this action is analyzed within a sampling period (1/fg), the input 
impedance is dynamic, and certain input drive source precautions should be observed. 


The resistive component to the input impedance can be computed by calculating the 
average charge that is drawn by Cy from the input drive source. It can be shown that if Cs 
is allowed to fully charge to the input voltage before switches S1 and S2 are opened that 
the average current into the input is the same as if there were a resistor equal to 1/(Csfs) 
connected between the inputs. Since Cs is only a few picofarads, this resistive component 
is typically greater than several kQ for an fs = 10 MSPS. 


Figure 7.72 shows a simplified circuit of the input SHA used in the AD9042 12-bit, 
41-MSPS ADC introduced in 1995 (Reference 7). The AD9042 is fabricated on a high 
speed complementary bipolar process, XFCB. The circuit comprises two independent 
SHAs in parallel for fully differential operation—only one-half the circuit is shown in the 
figure. Fully differential operation reduces the error due to droop rate and also reduces 
second-order distortion. In the track mode, transistors Q1 and Q2 provide unity-gain 
buffering. When the circuit is placed in the hold mode, the base voltage of Q2 is pulled 
negative until it is clamped by the diode, Dl. The on-chip hold capacitor, Cy, is 
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nominally 6 pF. Q3 along with Cr provide output current bootstrapping and reduce the 
Vee Variations of Q2. This reduces third-order signal distortion. Track mode THD is 
typically —93 dB at 20 MHz. In the time domain, full-scale acquisition time to 12-bit 
accuracy is 8 ns. In the hold mode, signal-dependent pedestal variations are minimized by 
the voltage bootstrapping action of Q3 and the A = 1 buffer along with the low 
feedthrough parasitics of Q2. Hold mode settling time is 5 ns to 12-bit accuracy. Hold- 
mode THD at a clock rate of 50 MSPS and a 20 MHz input signal is —90 dB. 
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Figure 7.72: SHA Used in AD9042 12-Bit, 41 MSPS ADC Introduced in 1995 


Figure 7.73 shows a simplified schematic of one-half of the differential SHA used in the 
AD6645 14-bit, 105-MSPS ADC recently introduced (Reference 9 gives a complete 
description of the ADC including the SHA). In the track mode, Q1, Q2, Q3, and Q4 form 
a complementary emitter follower buffer which drives the hold capacitor, Cy. In the hold 
mode, the polarity of the bases of Q3 and Q4 is reversed and clamped to a low 
impedance. This turns off Q1, Q2, Q3, and Q4, and results in double isolation between 
the signal at the input and the hold capacitor. As previously discussed, the clamping 
voltages are bootstrapped by the held output voltage, thereby minimizing nonlinear 
effects. 


Track mode linearity is largely determined by the Vgz modulation of Q3 and Q4 when 
charging Cy. Hold mode linearity depends on track mode linearity plus nonlinear errors 
in the track-to-hold transitions caused by imbalances in the switching of the base voltages 
of Q3 and Q4 and the resulting imbalance in charge injection through their base-emitter 
junctions as they turn off. 
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Figure 7.73: SHA Used in AD6645 14-Bit, 105 MSPS ADC 
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SECTION 7.4: CLOCK GENERATION AND 
DISTRIBUTION CIRCUITS 


Developing a high frequency, high resolution system is a nontrivial task. Any high speed 
analog-to-digital converter (ADC) is extremely sensitive to the quality of the sampling 
clock provided by the user. Since an ADC can be thought of as a sampling mixer; any 
noise, distortion, or timing jitter on the clock is combined with the desired signal at the 
ADC output. Clock integrity requirements scale with the analog input frequency and 
resolution. The higher analog input frequency applications at 14-bit (or higher) resolution 
are the most stringent. The theoretical SNR of an ADC is limited by the ADC resolution 
and the jitter on the sampling clock. Considering an ideal ADC of infinite resolution 
where the step size and quantization error can be ignored, the available SNR can be 
expressed approximately by: 


SNR = 20 x log Gn) Eq. 7-9 


where f is the highest analog frequency being digitized, and tj is the rms jitter on the 
sampling clock. Fig. XX shows the required sampling clock jitter as a function of the 
analog frequency and effective number of bits (ENOB) 
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Figure 7.74: ENOB and SNR vs. Analog Input Frequency 
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Contribution to Overall System Performance 


In IF sampling converters, clock purity is of extreme importance. As with the mixing 
process, the input signal is multiplied by a local oscillator, or in this case, a sampling 
clock. Since multiplication in the time domain is convolution in the frequency domain, 
the spectrum of the sample clock is convolved with the spectrum of the input signal. 
Since aperture uncertainty is equivalent to wideband noise on the clock, it shows up as 
wideband noise in the sampled spectrum as well. And since an ADC is a sampling 
system, the spectrum is periodic and repeated around the sample rate. 


This wideband noise therefore raises the noise floor of the ADC. The theoretical SNR for 
an ADC, as limited by aperture uncertainty, is determined by the following equation. 


SNR = -20 x log, [2 fynaroc turer ™s)] Eq. 7-10 


If Equation 7-10 is evaluated for an analog input of 201 MHz and 0.7 ps rms jitter, the 
theoretical SNR is limited to 61 dB. Therefore, systems that require very high dynamic 
range and very high analog input frequencies also require a very low jitter encode source. 
With care PLLs using VCXOs can achieve less than | ps rms jitter, but jitter less than 
0.1 ps rms requires a dedicated low noise crystal oscillator, as discussed in the previous 
chapter. It should be noted that the jitter of a typical TTL/CMOS gate to about 1 ps to 

4 ps. Low voltage SiGe reduced swing ECL gate can have about 0.2 ps rms. 


When considering overall system performance, a more generalized equation may be used. 
This equation builds on the previous equation but includes the effects of thermal noise 
and differential nonlinearity. 


SAMPLING QUANTIZATION EFFECTIVE 
CLOCK JITTER NOISE, DNL INPUT NOISE 
Cc te Nr a ~ <i 17 
= 2 : 
>, 2{1+e]7?_ [2x 2x Vnoiserms| Eq. 7-11 
SNR =~ 2010949] (2 x fa x thems)? + 3 ]—Gw| * a 


where: 
F, = analog input frequency 
T; rms = aperture jitter of ADC and external clock 
€é = average DNL of converter (~ 0.4 LSB) 


VNOISE rms = effective ADC input noise in LSBs 
N= number of bits 


Although this is a simple equation, it provides much insight into the noise performance 
that can be expected from a data converter. 
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CLOCK GENERATION CIRCUITS 


Analog Devices has designed dedicated clocking product specifically designed to support 
the extremely stringent clocking requirements of the highest performance data converters. 
The first of these is the AD9540. This device features high performance PLL circuitry, 
including a flexible 200 MHz phase frequency detector and a digitally controlled charge 
pump. The device also provides a low jitter, 655 MHz CML-mode, PECL-compliant 
output driver with programmable slew rates. External VCO rates up to 2.7 GHz are 
supported. Extremely fine tuning resolution (steps less than 2.33 Hz) is another feature 
supported by this device. Information is loaded into the AD9540 via a serial I/O port that 
has a device write-speed of 25 Mb/s. The AD9540 frequency divider can also be 
programmed to support a spread spectrum mode of operation. 
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Figure 7.75: AD9540 Block Diagram 


The block diagram of the AD9540 is shown in Figure 7.75. An overview shows that all 
the necessary component blocks are present for generating both of the needed clocks. In 
generating low jitter clocks, it is almost always preferable to employ a phase-locked loop 
(PLL) circuit of some sort. In addition to providing frequency stability, PLL circuits offer 
great noise reduction capability because the loop filter will act as a tracking band-pass 
filter. Because in most clocking applications a single frequency is required, parameters 
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such as acquisition time and tuning range are not of importance. Therefore performance 
in these areas can be sacrificed to improve the noise performance of the loop. 
Specifically, a very narrow range VCO can be selected with a center frequency close to 
the desired clock rate. As the tuning range is reduced, the gain coefficient for the VCO 
(Kv) is reduced, and the phase noise of the VCO itself is thereby reduced. Also, the loop 
filter bandwidth is a concern for designers because there is a trade-off between loop 
bandwidth and acquisition time. Generally speaking, the wider the loop bandwidth, the 
faster the acquisition and lock time of a loop, but more noise from the reference and 
phase frequency detector itself is passed through the loop. In the case of a clocking 
application, this trade-off can be used to achieve narrow loop bandwidths, sacrificing 
settling time in favor of noise suppression through the loop. 


The digital clock requires precise frequency and adjustable phase that can be generated 
from the direct digital synthesizer (DDS) portion of the device. The DDS on the AD9540 
offers 48-bit frequency tuning resolution (1.42 Hz, for the maximum clock rate of 
400 MHz) and 14-bit phase adjustment (0.022 degrees). The output of a DDS is a 
reconstructed sine wave, so two additional external circuits are required. First, a band- 
pass filter at the desired clock rate must filter the reconstructed sine wave. This will 
remove most sampling artifacts from the output spectrum as well as remove most 
broadband noise in the DAC output signal. Second, in order to achieve the required slew 
rates for most clock circuits, an external comparator needs to be inserted into the clock 
signal path. An excellent choice, used for this example, is the ADCMP563. A simplified 
block diagram for the resultant circuit is shown in Figure 7.76. Inputs CLK1/CLK1 are 
shorted to CLK2/CLK2. The device is programmed such that the CML driver gets its 
input from the undivided input from CLK1, but the DDS is clocked by the divided output 
(622 MHz divided by 2 = 311 MHz). The drawing shows the crystal oscillator capability 
of the REF input of the PLL, demonstrating its use with a 38 MHz crystal. The two 
output clocks are shown at OUTO (the low jitter 622 MHz clock) and OUT1 (the phase- 
programmable auxiliary clock). Edge skew (or time delay) in the auxiliary clock is 
accomplished by programming a phase offset into the DDS, which will change the 
relative point in time for the complementary input crossing at the comparator. 
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Figure 7.76: AD9540 Configured for Dual Clock Generation 
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PLL CIRCUITRY 


The AD9540 includes an RF divider (divide-by-R), a 48-bit DDS core, a 14-bit 
programmable delay adjustment, a 10-bit DAC, a phase frequency detector, and a 
programmable current output charge pump. Incorporating these blocks together, users can 
generate many useful circuits for clock synthesis. 


The RF divider accepts differential or single-ended signals up to 2.7 GHz on the CLK1 
input pin. The RF divider also supplies the SYSCLK input to the DDS. Because the DDS 
operates only up to 400 MSPS, the RF divider must be engaged for any CLK1 signal 
greater than 400 MHz. The RF divider can be programmed to take values of 1, 2, 4, or 8. 
The ratio for the divider is programmed in the control register. The out-put of the divider 
can be routed to the input of the on-chip CML driver. For lower frequency input signals, 
it is possible to use the divider to divide the input signal to the CML driver and to use the 
undivided input of the divider as the SYSCLK input to the DDS, or vice versa. In all 
cases, the clock to the DDS should not exceed 400 MSPS. 


The on-chip phase frequency detector (PFD) has two differential inputs, REFIN (the 
reference input) and CLK2 (the feedback or oscillator input). These differential inputs 
can be driven by single-ended signals. When doing so, tie the unused input through a 
100 pF capacitor to the analog supply (AVDD). The maximum speed of the phase 
frequency detector inputs is 200 MHz. Each of the inputs has a buffer and a divider (+M 
on REFIN and +N on CLK2) that operates up to 655 MHz. If the signal exceeds 200 
MHz, the divider must be used. The dividers are programmed through the control 
registers and take any integer value between | and 16. 


The REFIN input also has the option of engaging an in-line oscillator circuit. Engaging 
this circuit means that the REFIN input can be driven with a crystal in the frequency 
range of 20 MHz < REFIN < 30 MHz. 


The charge pump outputs a current in response to an error signal generated in the phase 
frequency detector. The output current is programmed through by placing a resistor 
(CP_RSET) from the CP_RSET pin to ground. 


This sets the charge pump’s reference output current. Also, a programmable scaler 
multiplies this base value by any integer from 1 to 8, programmable through the CP 
current scale bits in the Control Function Register 2. 


CML DRIVER 


An on-chip current mode logic (CML) driver is also included. This CML driver generates 
very low jitter clock edges. The outputs of the CML driver are current outputs that drive 
PECL levels when terminated into a 100 Q load. The continuous output current of the 
driver is programmed by attaching a resistor from the DRV_RSET pin to ground 
(nominally 4.02 kQ for a continuous current of 7.2 mA). An optional on-chip current 
programming resistor is enabled by setting a bit in the control register. The rising edge 
and falling edge slew rates are independently programmable to help control overshoot 
and ringing by the application of surge current during rising edge and falling edge 
transitions (see Figure 34). There is a default surge current of 7.6 mA on the rising edge 
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and of 4.05 mA on the falling edge. Bits in the control register enable additional rising 
edge and falling edge surge current, and can disable the default surge current. CML 
driver can be driven by: 

¢ RF divider input (CLK1 directly to the CML driver) 


¢ RF divider output 
* CLK2 input 


RISING EDGE SURGE 


M(t) CONTINUOUS 


CONTINUOUS 


FALLING EDGE SURGE 


a 


~250ps ~250ps 


Figure 7.77: Rising Edge and Falling Edge Surge Current Out of the CML 
Clock Driver, as Opposed to the Steady State Continuous Current 


DDS AND DAC 


The precision frequency division within the device is accomplished using DDS 
technology. The DDS can control the digital phase relationships by clocking a 48-bit 
accumulator. The incremental value loaded into the accumulator, known as the frequency 
tuning word, controls the overflow rate of the accumulator. Similar to a sine wave 
completing a 2m radian revolution, the overflow of the accumulator is cyclical in nature 
and generates a fundamental frequency according to: 

FTW x (f,) 


= 0< FTW s 247 Eq. 7-12 
948 


The instantaneous phase of the sine wave is therefore the output of the phase accumulator 
block. This signal may be phase-offset by programming an additive digital phase that is 
added to each phase sample coming out of the accumulator. These instantaneous phase 
values are then passed through a phase-to-amplitude conversion (sometimes called an 
angle-to-amplitude conversion or AAC) block. 
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This algorithm follows a cos(x) relationship, where x is the phase coming out of the 
phase offset block, normalized to 27. Finally, the amplitude words drive a 10-bit DAC. 
Because the DAC is a sampled data system, the output is a reconstructed sine wave that 
needs to be filtered to take high frequency images out of the spectrum. The DAC is a 
current steering DAC that is AVDD referenced. To get a voltage output, the DAC outputs 
must be terminated through a load resistor to AVDD, typically 50 Q. At positive full 
scale, IOUT sinks no current and the voltage drop across the load resistor is 0. 


However, the IOUT output sinks the DAC’s programmed full-scale output current, 
causing the maximum output voltage drop across the load resistor. At negative full-scale, 
the situation is reversed, and IOUT sinks the full-scale current (and generates the 
maximum drop across the load resistor), while IOUT sinks no current (and generates no 
voltage drop). At midscale, the outputs sink equal amounts of current, generating equal 
voltage drops. 


SELECTABLE CLOCK FREQUENCIES AND SELECTABLE EDGE 
DELAY 


Because the precision driver is implemented using a DDS, it is possible to store multiple 
clock frequency words to enable externally switchable clock frequencies. The phase 
accumulator runs at a fixed frequency, according to the active profile clock frequency 
word. Likewise, any delay applied to the rising and falling edges is a static value that 
comes from the delay shift word of the active profile. The device has eight different 
phase/frequency profiles, each with its own 48-bit clock frequency word and 14-bit delay 
shift word. Profiles are selected by applying their digital value on the clock select (SO, 
S1, and S2) pins. It is not possible to use the phase offset of one profile and the frequency 
tuning word of another. 


SYNCHRONIZATION MODES FOR MULTIPLE DEVICES 


In a DDS system, the SYNC_CLK is derived internally from the master system clock, 
SYSCLK, with a +4 divider. Because the divider does not power up to a known state, 
multiple devices in a system might have staggered clock phase relationships, because 
each device can potentially generate the SYNC_CLK rising edge from any one of four 
rising edges of SYSCLK. This ambiguity can be resolved by employing digital 
synchronization logic to control the phase relationships of the derived clocks among 
different devices in the system. Note that the synchronization functions included on the 
AD9540 control only the timing relationships among different digital clocks. They do not 
compensate for the analog timing delay on the system clock due to mismatched phase 
relationships on the input clock, CLK1 (see Figure 7.78). 


Automatic Synchronization 
In automatic synchronization mode, the device is placed in slave mode and automatically 
aligns the internal SYNC _CLK to a master SYNC CLK signal, supplied on the 


SYNC _IN input. When this bit is enabled, the STATUS is not available as an output; 
however, an out-of-lock condition can be detected by reading Control Function 
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Register 1 and checking the status of the STATUS Error bit. The automatic 
synchronization function is enabled by setting the Control Function Register 1 automatic 
synchronization bit. To employ this function at higher clock rates (SYNC _CLK > 
62.5 MHz, SYSCLK > 250 MHz), the high speed sync enable bit should be set as well. 


SYNCHRONIZATION FUNCTIONS CAN ALIGN 
DIGITAL CLOCK RELATIONSHIPS, THEY 
CANNOT DESKEW THE EDGES OF CLOCKS 


SYSCLK DUT1 0 1 2 3 0 
SYNC_CLK Td = 
DUT1 
I 
I 
SYSCLK DUT2 fs] [o] [+] [2 | [3 | 


SYNC_CLK DUT2 w/o 
SYNC_CLK ALIGNED 


SYNC_CLK DUT2 w/ 
SYNC_CLK ALIGNED 


Figure 7.78: Synchronization Functions: Capabilities and Limitations 


Manual Synchronization, Hardware Controlled 


In this mode, the user controls the timing relationship of the SYNC_CLK with respect to 
SYSCLK. When hardware manual synchronization is enabled, the SYNC_IN/ STATUS 
pin becomes a digital input. For each rising edge detected on the SYNC _IN input, the 
device advances the SYNC _IN rising edge by one SYSCLK period. When this bit is 
enabled, the STATUS is not available as an output; however, an out-of-lock condition 
can be detected by reading Control Function Register 1 and checking the status of the 
STATUS Error bit. This synchronization function is enabled by setting the hardware 
manual synchronization enable bit. 


Manual Synchronization, Software Controlled 


In this mode, the user controls the timing relationship between SYNC CLK and 
SYSCLK through software programming. When the software manual synchronization bit 
is set high, the SYNC_CLK is advanced by one SYSCLK cycle. Once this operation is 
complete, the bit is cleared. The user can set this bit repeatedly to advance the 
SYNC_CLK rising edge multiple times. Because the operation does not use the 
SYNC_IN/ STATUS pin as a SYNC _IN input, the STATUS signal can be monitored on 
the STATUS pin during this operation. 
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CLOCK DISTRIBUTION CIRCUITS 


In addition to the clock generation circuits Analog Devices make clock distribution 
circuits such as the A9514 and combination circuits such as the AD9510. 


The AD9510 provides a multi-output clock distribution function along with an on-chip 
PLL core. The design emphasizes low jitter and phase noise to maximize data converter 
performance. Other applications with demanding phase noise and jitter requirements also 
benefit from this part. 


The PLL section consists of a programmable reference divider (R); a low noise phase 
frequency detector (PFD); a precision charge pump (CP); and a programmable feedback 
divider (N). 


By connecting an external VCXO or VCO to the CLK2/CLK2B pins, frequencies up to 
1.6 GHz may be synchronized to the input reference. 


There are eight independent clock outputs. Four outputs are LVPECL (1.2 GHz max), 
and four are selectable as either LVDS (800 MHz max) or CMOS (250 MHz max) levels. 


Each output has a programmable divider that may be bypassed or set to divide by any 
integer up to 32. The phase of one clock output relative to another clock output may be 
varied by means of a divider phase select function that serves as a coarse timing 
adjustment. Two of the LVDS/CMOS outputs feature programmable delay elements with 
full-scale ranges up to 10 ns of delay. This fine tuning delay block has 5-bit resolution, 
giving 32 possible delays from which to choose for each full-scale setting. 


FUNCTIONAL DESCRIPTION 


Figure 33 shows a block diagram of the AD9510. The chip combines a programmable 
PLL core with a configurable clock distribution system. A complete PLL requires the 
addition of a suitable external VCO (or VCXO) and loop filter. This PLL can lock to a 
reference input signal and produce an output that is related to the input frequency by the 
ratio defined by the programmable R and N dividers. The PLL reduces the jitter from the 
external reference signal, depending on the loop bandwidth and the phase noise 
performance of the VCO (VCXO). 


The output from the VCO (VCXO) can be applied to the clock distribution section of the 
chip, where it can be divided by any integer value from 1 to 32. The duty cycle and 
relative phase of the outputs can be selected. There are four LVPECL outputs, (OUTO, 
OUT1, OUT2, and OUT3) and four outputs that can be either LVDS or CMOS level 
outputs (OUT4, OUT5, OUT6, and OUT7). Two of these outputs (OUTS and OUT6) can 
also make use of a variable delay block. 


Alternatively, the clock distribution section can be driven directly by an external clock 
signal, and the PLL can be powered off. Whenever the clock distribution section is used 
alone, there is no clock clean-up. The jitter of the input clock signal is passed along 
directly to the distribution section and may dominate at the clock outputs. 
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Figure 7.79: AD9510 Functional Block Diagram 


PLL SECTION 


The AD9510 consists of a PLL section and a distribution section. If desired, the PLL 
section can be used separately from the distribution section. 


The AD9510 has a complete PLL core on-chip, requiring only an external loop filter and 
VCO/VCXO. This PLL is based on the ADF4106, a PLL noted for its superb low phase 
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noise performance. The operation of the AD9510 PLL is nearly identical to that of the 
ADF4106, offering an advantage to those with experience with the ADF series of PLLs. 
Differences include the addition of differential inputs at REFIN and CLK2 and a different 
control register architecture. Also, the prescaler has been changed to allow N as low as 1. 
The AD9510 PLL implements the digital lock detect feature somewhat differently than 
the ADF4106 does, offering improved functionality at higher PFD rates. 


PLL Reference Input—REFIN 


The REFIN/REFINB pins can be driven by either a differential or a single-ended signal. 
These pins are internally self-biased so that they can be ac-coupled via capacitors. It is 
possible to dc-couple to these inputs. If REFIN is driven single-ended, the unused side 
(REFINB) should be decoupled via a suitable capacitor to a quiet ground. Figure 34 
shows the equivalent circuit of REFIN. 


Figure 7.80: REFIN Equivalent Circuit 


VCO/VCXO Clock Input—CLK2 


The CLK2 differential input is used to connect an external VCO or VCXO to the PLL. 
Only the CLK2 input port has a connection to the PLL N divider. This input can receive 
up to 1.6 GHz. These inputs are internally self-biased and must be ac-coupled via 
capacitors. 


Alternatively, CLK2 may be used as an input to the distribution section. 


The default condition is for CLK1 to feed the distribution section. 
PLL Reference Divider—R 


The REFIN/REFINB inputs are routed to reference divider, R, which is a 14-bit counter. 
R may be programmed to any value from | to 16383 (a value of 0 results in a divide by 1) 
via its control register. The output of the R divider goes to one of the phase/frequency 
detector inputs. The maximum allowable frequency into the phase/frequency detector 
(PFD) must not be exceeded. This means that the REFIN frequency divided by R must be 
less than the maximum allowable PFD frequency. See Figure 7.80. 
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Figure 7.81: CLK1, CLK2 Equivalent Input Circuit 


VCO/VCXO Feedback Divider—N (P, A, B) 


The N divider is a combination of a prescaler, P, (3 bits) and two counters, A (6 bits) and 
B (13 bits). Although the AD9510’s PLL is similar to the ADF4106, the AD9510 has a 
redesigned prescaler that allows lower values of N. The prescaler has both a dual 
modulus (DM) and a fixed divide (FD) mode. 


When using the prescaler in FD mode, the A counter is not used, and the B counter may 


need to be bypassed. The DM prescaler modes set some upper limits on the frequency, 
which can be applied to CLK2. 


A and B Counters 

The AD9510 B counter has a bypass mode (B = 1), which is not available on the 
ADF4106. The B counter bypass mode is valid only when using the prescaler in FD 
mode. The B counter is bypassed by writing 1 to the B counter bypass bit. The valid 
range of the B counter is 3 to 8191. The default after a reset is 0, which is invalid. 

Note that the A counter is not used when the prescaler is in FD mode. 

Note also that the A/B counters have their own reset bit, which is primarily intended for 
testing. The A and B counters can also be reset using the R, A, and B counters’ shared 
reset bit. 


Determining Values for P, A, B, and R 


When operating the AD9510 in a dual-modulus mode, the input reference frequency, 
FREF, is related to the VCO output frequency, FVCO: 


FVCO = (FPRF/R) x (PB + A) = FREF x N/R Eq. 7.13 
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When operating the prescaler in fixed divide mode, the A counter is not used and the 
equation simplifies to: 


FVCO = (FPRF/R) x (PB) = FREF x N/R Eq. 7-14 


By using combinations of dual modulus and fixed divide modes, the AD9510 can achieve 
values of N all the way down to N = 1. 


Phase Frequency Detector (PFD) and Charge Pump 


The PFD takes inputs from the R counter and the N counter (N = BP + A) and produces 
an output proportional to the phase and frequency difference between them. Figure 36 is 
a simplified schematic. The PFD includes a programmable delay element that controls 
the width of the antibacklash pulse. This pulse ensures that there is no dead zone in the 
PFD transfer function and minimizes phase noise and reference spurs. Two bits in 
Register 0Dh control the width of the pulse. 


CHARGE 
PUMP 


CP 


PROGRAMMABLE 
DELAY 


ANTIBACKLASH 
PULSE WIDTH 


Figure 7.82: PFD Simplified Schematic and Timing (In Lock) 


Antibacklash Pulse 


The PLL features a programmable antibacklash pulse width. The default antibacklash 
pulse width is 1.3 ns and normally should not need to be changed. The antibacklash pulse 
eliminates the dead zone around the phase-locked condition and thereby reduces the 
potential for certain spurs that could be impressed on the VCO signal. 
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STATUS Pin 


The output multiplexer on the AD9510 allows access to various signals and internal 
points on the chip at the STATUS pin. Figure 37 shows a block diagram of the STATUS 
pin section. The function of the STATUS pin is controlled by a register. 


PLL Digital Lock Detect 


The STATUS pin can display two types of PLL lock detect: digital (DLD) and analog 
(ALD). Whenever digital lock detect is desired, the STATUS pin provides a CMOS level 
signal, which can be active high or active low. 


The digital lock detect has one of two time windows, as selected by a register. The 
default requires the signal edges on the inputs to the PFD to be coincident within 9.5 ns 
to set the DLD true, which then must separate by at least 15 ns to give DLD = false. 


The other setting makes these coincidence times 3.5 ns for DLD = true and 7 ns for DLD 
= false. The DLD may be disabled. If the signal at REFIN goes away while DLD is true, 
the DLD will not necessarily indicate loss-of-lock. 


DIVIDERS 


Each of the eight clock outputs of the AD9510 has its own divider. The divider can be 
bypassed to get an output at the same frequency as the input (1x). When a divider is 
bypassed, it is powered down to save power. 


All integer divide ratios from 1 to 32 may be selected. A divide ratio of 1 is selected by 
bypassing the divider. 


Each divider can be configured for divide ratio, phase, and duty cycle. The phase and 
duty cycle values that can be selected depend on the divide ratio that is chosen. 


Divider Phase Offset 


The phase of each output may be selected, depending on the divide ratio chosen. This is 
selected by writing the appropriate values to the registers which set the phase and start 
high bit/low bit for each output. Each divider has a 4-bit phase offset and a start high bit 
or low bit. 


Following a sync pulse, the phase offset word determines how many fast clock (CLK1 or 
CLK2) cycles to wait before initiating a clock output edge. The Start H/L bit determines 
if the divider output starts low or high. By giving each divider a different phase offset, 
output-to-output delays can be set in increments of the fast clock period, tCLK. 


Figure 39 shows four dividers, each set for DIV = 4, 50% duty cycle. By incrementing 


the phase offset from 0 to 3, each output is offset from the initial edge by a multiple of 
tCLK. 
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Figure 7.83: Phase Offset—All Dividers Set for DIV = 4, Phase Set from 0 to 3 


DELAY BLOCK 


OUTS and OUT6 (LVDS/CMOS) include an analog delay element that can be 
programmed to give variable time delays (At) in the clock signal passing through that 
output. 


CLOCK INPUT 


OUTS 
ouTe ONLY OUTPUT 


DRIVER 


FINE DELAY ADJUST 
(32 STEPS) 
FULL-SCALE: ins TO 10ns 


Figure 7.84: Analog Delay (OUT5 and OUT6) 


The amount of delay that can be used is determined by the frequency of the clock being 
delayed. The amount of delay can approach one-half cycle of the clock period. For 
example, for a 10 MHz clock, the delay can extend to the full 10 ns maximum of which 
the delay element is capable. However, for a 100 MHz clock (with 50% duty cycle), the 
maximum delay is less than 5 ns (or half of the period). 
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OUTS and OUT6 allow a full-scale delay in the range 1 ns to 10 ns. The full-scale delay 
is selected by choosing a combination of ramp current and the number of capacitor. There 
are 32 fine delay settings for each full scale. 


This path adds some jitter greater than that specified for the nondelay outputs. This 
means that the delay function should be used primarily for clocking digital chips, such as 
FPGA, ASIC, DUC, and DDC, rather than for data converters. The jitter is higher for 
long full scales (~10 ns). This is because the delay block uses a ramp and trip points to 
create the variable delay. A longer ramp means more noise might be introduced. 


The clock distribution circuits feature both LVPECL and LVDS outputs that provide 
differential clock outputs, which enable clock solutions that maximize converter SNR 
performance. The input requirements of the ADC (differential or single-ended, logic 
level, termination) should be considered when selecting the best clocking/converter 
solution. 


Whenever single-ended CMOS clocking is used, some of the following general 
guidelines should be followed. Point-to-point nets should be designed such that a driver 
has one receiver only on the net, if possible. This allows for simple termination schemes 
and minimizes ringing due to possible mismatched impedances on the net. Series 
termination at the source is generally required to provide transmission line matching 
and/or to reduce current transients at the driver. The value of the resistor is dependent on 
the board design and timing requirements (typically 10 Q to 100 Q is used). CMOS 
outputs are limited in terms of the capacitive load or trace length that they can drive. 
Typically, trace lengths less than 3 inches are recommended to preserve signal rise/fall 
times and preserve signal integrity. 


60.40 
1.0 INCH 


GND 
Figure 7.85: Series Termination of CMOS Outputs 


Termination at the far end of the PCB trace is a second option. The CMOS outputs 
typically do not supply enough current to provide a full voltage swing with a low 
impedance resistive, far-end termination, as shown in Figure 55. The far-end termination 
network should match the PCB trace impedance and provide the desired switching point. 
The reduced signal swing may still meet receiver input requirements in some 
applications. This can be useful when driving long trace lengths on less critical nets. 


Because of the limitations of single-ended CMOS clocking, consider using differential 
outputs when driving high speed signals over long traces. LVPECL and LVDS outputs 
are better suited for driving long traces where the inherent noise immunity of differential 
signaling provides superior performance for clocking converters. 
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Figure 7.86: CMOS Output with Far-End Termination 


LVPECL CLOCK DISTRIBUTION 


The low voltage, positive emitter-coupled, logic (LVPECL) outputs typically provide the 
lowest jitter clock signals available from the clock distribution chips. The LVPECL 
outputs (because they are open emitter) require a dc termination to bias the output 
transistors. In most applications, a standard LVPECL far-end termination is 
recommended, as shown in Figure 56. The resistor network is designed to match the 
transmission line impedance (50 Q) and the desired switching threshold (1.3 V). 


3.3V 


DIFFERENTIAL 
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Figure 7.88: LVPECL with Parallel Transmission Line 
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LVDS CLOCK DISTRIBUTION 


Low voltage differential signaling (LVDS) is a second differential output option. LVDS 
uses a current mode output stage with several user-selectable current levels. The normal 
value (default) for this current is 3.5 mA, which yields 350 mV output swing across a 
100 Q resistor. The LVDS outputs of the clock chips meet or exceed all ANSI/TIA/EIA- 
644 specifications. A recommended termination circuit for the LVDS outputs is shown in 
Figure 7.89. 


3.3V 3.3V 


1000 


1000 
DIFFERENTIAL (COUPLED) 


Figure 7.89: LVDS Output Termination 


POWER MANAGEMENT 


The power usage of the AD9510 can be managed to use only the power required for the 
functions that are being used. Unused features and circuitry can be powered down to save 
power. The following circuit blocks can be powered down, or are powered down when 
not selected (see the Register Map and Description section): 


¢ The PLL section can be powered down if not needed. 

¢ Any of the dividers are powered down when bypassed— equivalent to divide- 
by-one. 

* The adjustable delay blocks on OUTS and OUT6 are powered down when not 
selected. 

* Any output may be powered down. However, LVPECL outputs have both a safe 
and an off condition. When the LVPECL output is terminated, only the safe 
shutdown should be used to protect the LVPECL output devices. This still 
consumes some power. 

* The entire distribution section can be powered down when not needed. 


Powering down a functional block does not cause the programming information for that 
block (in the registers) to be lost. This means that blocks can be powered on and off 
without otherwise having to reprogram the AD9510. However, synchronization is lost. A 
SYNC must be issued to resynchronize. 


APPLICATION TO SYSTEM DEBUGGING 


Besides the obvious issues revolving around designing systems to minimize signal 
degradations, there are several other consequences to these results worth mentioning. 
These are related to finding the source of mystery spurs and noise. 
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For instance, if the noise floor rises at the DAC output, it is most likely not caused by 
clock phase noise. It may be digital coupling into the output circuitry. 


If a spur exists in a sampled signal, a good test to see if it comes from the clock is to 
change the signal amplitude. If it is from the clock it should get proportionally lower. 


Analog distortion terms will change at twice (2"'-order distortion) or three times (3rd 
order distortion) the rate of the signal amplitude change. Spurs due to nonlinearity in the 
quantizer may not change at all, or if they do change, they will change unpredictably, 
when the signal amplitude changes. On the other hand, spurs due to the clock will change 
dB for dB with the signal. 


When trying to identify the source of a spur in a sampled data signal, look not only at the 
explicit spur frequency, which could be caused by a signal directly coupling into the 
output, but also at the frequency offset from the signal. For example, if a spur is 10 MHz 
away from the carrier, look to see if there is a 10 MHz oscillator somewhere in the 
system. If so, this frequency is most likely leaking in through the clock. 
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CHAPTER 8: ANALOG FILTERS 


SECTION 8.1: INTRODUCTION 


Filters are networks that process signals in a frequency-dependent manner. The basic 
concept of a filter can be explained by examining the frequency dependent nature of the 
impedance of capacitors and inductors. Consider a voltage divider where the shunt leg is 
a reactive impedance. As the frequency is changed, the value of the reactive impedance 
changes, and the voltage divider ratio changes. This mechanism yields the frequency 
dependent change in the input/output transfer function that is defined as the frequency 
response. 


Filters have many practical applications. A simple, single-pole, low-pass filter (the 
integrator) is often used to stabilize amplifiers by rolling off the gain at higher 
frequencies where excessive phase shift may cause oscillations. 


A simple, single-pole, high-pass filter can be used to block dc offset in high gain 
amplifiers or single supply circuits. Filters can be used to separate signals, passing those 
of interest, and attenuating the unwanted frequencies. 


An example of this is a radio receiver, where the signal you wish to process is passed 
through, typically with gain, while attenuating the rest of the signals. In data conversion, 
filters are also used to eliminate the effects of aliases in A/D systems. They are used in 
reconstruction of the signal at the output of a D/A as well, eliminating the higher 
frequency components, such as the sampling frequency and its harmonics, thus 
smoothing the waveform. 


There are a large number of texts dedicated to filter theory. No attempt will be made to 
go heavily into much of the underlying math: Laplace transforms, complex conjugate 
poles and the like, although they will be mentioned. 


While they are appropriate for describing the effects of filters and examining stability, in 
most cases examination of the function in the frequency domain is more illuminating. 


An ideal filter will have an amplitude response that is unity (or at a fixed gain) for the 
frequencies of interest (called the pass band) and zero everywhere else (called the stop 
band). The frequency at which the response changes from passband to stopband is 
referred to as the cutoff frequency. 


Figure 8.1(A) shows an idealized low-pass filter. In this filter the low frequencies are in 
the pass band and the higher frequencies are in the stop band. 
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The functional complement to the low-pass filter is the high-pass filter. Here, the low 
frequencies are in the stop-band, and the high frequencies are in the pass band. 
Figure 8.1(B) shows the idealized high-pass filter. 


MAGNITUDE 
MAGNITUDE 


f, FREQUENCY f, FREQUENCY 
(A) Lowpass (B) Highpass 


MAGNITUDE 
MAGNITUDE 


f, f, | FREQUENCY f, of, FREQUENCY 


(C) Bandpass (D) Notch (Bandreject) 
Figure 8.1: Idealized Filter Responses 


If a high-pass filter and a low-pass filter are cascaded, a band pass filter is created. The 
band pass filter passes a band of frequencies between a lower cutoff frequency, f ), and an 
upper cutoff frequency, f ,. Frequencies below f ; and above f ;, are in the stop band. An 
idealized band pass filter is shown in Figure 8.1(C). 


A complement to the band pass filter is the band-reject, or notch filter. Here, the pass 
bands include frequencies below f | and above f ,. The band from f ; to f , is in the stop 
band. Figure 8.1(D) shows a notch response. 


The idealized filters defined above, unfortunately, cannot be easily built. The transition 
from pass band to stop band will not be instantaneous, but instead there will be a 
transition region. Stop band attenuation will not be infinite. 


The five parameters of a practical filter are defined in Figure 8.2, opposite. 


The cutoff frequency (Fc) is the frequency at which the filter response leaves the error 
band (or the —3 dB point for a Butterworth response filter). The stop band frequency (Fs) 
is the frequency at which the minimum attenuation in the stopband is reached. The pass 
band ripple (Amax) is the variation (error band) in the pass band response. The minimum 
pass band attenuation (Ayyjn) defines the minimum signal attenuation within the stop 
band. The steepness of the filter is defined as the order (M) of the filter. M is also the 
number of poles in the transfer function. A pole is a root of the denominator of the 
transfer function. Conversely, a zero is a root of the numerator of the transfer function. 
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Each pole gives a —6 dB/octave or —20 dB/decade response. Each zero gives a 
+6 dB/octave, or +20 dB/decade response. 


PASSBAND 
RIPPLE 
------ AMAX 


3dB POINT 
OR 
CUTOFF FREQUENCY 


STOPBAND Fe 


ATTENUATION 


STOPBAND 
FREQUENCY 
Fs 


<< ——— PASSBAND -—W——> | <—> 


STOP BAND 


TRANSITION 
BAND 


Figure 8.2: Key Filter Parameters 


Note that not all filters will have all these features. For instance, all-pole configurations 
(i.e. no zeros in the transfer function) will not have ripple in the stop band. Butterworth 
and Bessel filters are examples of all-pole filters with no ripple in the pass band. 


Typically, one or more of the above parameters will be variable. For instance, if you were 
to design an antialiasing filter for an ADC, you will know the cutoff frequency (the 
maximum frequency that you want to pass), the stop band frequency, (which will 
generally be the Nyquist frequency (= 2 the sample rate)) and the minimum attenuation 
required (which will be set by the resolution or dynamic range of the system). You can 
then go to a chart or computer program to determine the other parameters, such as filter 
order, Fo, and Q, which determines the peaking of the section, for the various sections 
and/or component values. 


It should also be pointed out that the filter will affect the phase of a signal, as well as the 
amplitude. For example, a single-pole section will have a 90° phase shift at the crossover 
frequency. A pole pair will have a 180° phase shift at the crossover frequency. The Q of 
the filter will determine the rate of change of the phase. This will be covered more in 
depth in the next section. 
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Notes: 
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SECTION 8.2: THE TRANSFER FUNCTION 


The S-Plane 


Filters have a frequency dependent response because the impedance of a capacitor or an 
inductor changes with frequency. Therefore the complex impedances: 
Z,=sL Eq. 8-1 
and 
1 Eq. 8-2 
sC 


are used to describe the impedance of an inductor and a capacitor, respectively, 


Zo= 


s=otjo@ Eq. 8-3 


where o is the Neper frequency in nepers per second (NP/s) and w is the angular 
frequency in radians per sec (rad/s). 


By using standard circuit analysis techniques, the transfer equation of the filter can be 
developed. These techniques include Ohm’s law, Kirchoff’s voltage and current laws, 
and superposition, remembering that the impedances are complex. The transfer equation 
is then: 


ash a. gsr oe + a8 ap 
1G) = Eq. 8-4 
©) bss#'b, ys + oa eS by : 


Therefore, H(s) is a rational function of s with real coefficients with the degree of m for 
the numerator and n for the denominator. The degree of the denominator is the order of 
the filter. Solving for the roots of the equation determines the poles (denominator) and 
zeros (numerator) of the circuit. Each pole will provide a —6 dB/octave or —20 dB/decade 
response. Each zero will provide a +6 dB/octave or +20 dB/decade response. These roots 
can be real or complex. When they are complex, they occur in conjugate pairs. These 
roots are plotted on the s plane (complex plane) where the horizontal axis is o (real axis) 
and the vertical axis is m (imaginary axis). How these roots are distributed on the s plane 
can tell us many things about the circuit. In order to have stability, all poles must be in 
the left side of the plane. If we have a zero at the origin, that is a zero in the numerator, 
the filter will have no response at dc (high-pass or band pass). 


Assume an RLC circuit, as in Figure 8.3. Using the voltage divider concept it can be 
shown that the voltage across the resistor is: 


Vo RCs 
H(s) = ; FS SE Eq. 8-5 
(s) Vin LCs?+RCs+1 : 
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I 
(~) 102 Vout 


Figure 8.3: RLC Circuit 


Substituting the component values into the equation yields: 


Ss 


=(0 2. ——_$ >. 
oS a ile s* + 10°s:+ 107 


Factoring the equation and normalizing gives: 


Ss 


H(s) = 103 x 


Im (krad / s) 


xX -eeece +3.122 


Re (kNP /s) 


Figure 8.4: Pole and Zero Plotted on the s-Plane 
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This gives a zero at the origin and a pole pair at: 


s = (-0.5 +/3.122) x 10° Eq. 8-8 


Next, plot these points on the s plane as shown in Figure 8.4: 


The above discussion has a definite mathematical flavor. In most cases we are more 
interested in the circuit’s performance in real applications. While working in the s plane 
is completely valid, I’m sure that most of us don’t think in terms of Nepers and imaginary 
frequencies. 


F, and Q 


So if it is not convenient to work in the s plane, why go through the above discussion? 
The answer is that the groundwork has been set for two concepts that will be infinitely 
more useful in practice: F, and Q. 


F, is the cutoff frequency of the filter. This is defined, in general, as the frequency where 
the response is down 3 dB from the pass band. It can sometimes be defined as the 
frequency at which it will fall out of the pass band. For example, a 0.1 dB Chebyshev 
filter can have its F, at the frequency at which the response is down > 0.1 dB. 


The shape of the attenuation curve (as well as the phase and delay curves, which define 
the time domain response of the filter) will be the same if the ratio of the actual frequency 
to the cutoff frequency is examined, rather than just the actual frequency itself. 
Normalizing the filter to 1 rad/s, a simple system for designing and comparing filters can 
be developed. The filter is then scaled by the cutoff frequency to determine the 
component values for the actual filter. 


Q is the “quality factor” of the filter. It is also sometimes given as @ where: 


= es Eq. 8-9 
o=— q. 
Q 
This is commonly known as the damping ratio. & is sometimes used where: 
E=20 Eq. 8-10 


If Q is > 0.707, there will be some peaking in the filter response. If the Q is < 0.707, 
rolloff at Fo will be greater; it will have a more gentle slope and will begin sooner. The 
amount of peaking for a 2 pole low-pass filter vs. Q is shown in Figure 8.5. 
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Figure 8.5: Low-Pass Filter Peaking vs. Q 


Rewriting the transfer function H(s) in terms of @, and Q: 


H(s) = Eq. 8-11 


where H, is the pass-band gain and @, = 27 Fo. 


This is now the low-pass prototype that will be used to design the filters. 


High-Pass Filter 


Changing the numerator of the transfer equation, H(s), of the low-pass prototype to Hos” 
transforms the low-pass filter into a high-pass filter. The response of the high-pass filter 
is similar in shape to a low-pass, just inverted in frequency. 


The transfer function of a high-pass filter is then: 


Hys? 
H(s) = Eq. 8-12 


0 
s? + ole Oy 


The response of a 2-pole high-pass filter is illustrated in Figure 8.6. 
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Figure 8.6: High- Pass Filter Peaking vs. Q 


Band-Pass Filter 


Changing the numerator of the lowpass prototype to Ho,” will convert the filter to a 
band-pass function. 


The transfer function of a band-pass filter is then: 


Hoo” Eq. 8-13 
H(s) = —————_—_—— q. 8- 


s? + 


S + Oo? 
(D, here is the frequency (Fo = 2 = Wo) at which the gain of the filter peaks. 
H, is the circuit gain and is defined: 
H,= H/Q. Eq. 8-14 


Q has a particular meaning for the band-pass response. It is the selectivity of the filter. It 
is defined as: 


Fo Eq. 8-15 
Fu ~ Fy 


where Fr, and Fy are the frequencies where the response is —3 dB from the maximum. 


Q= 


The bandwidth (BW) of the filter is described as: 
It can be shown that the resonant frequency (Fo) is the geometric mean of Fr and Fu, 


BW =F, - F, Eq. 8-16 
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which means that Fo will appear half way between F, and Fy on a logarithmic scale. 
Fy _ VF, FF. Eq. 8-17 


Also, note that the skirts of the band-pass response will always be symmetrical around Fo 
on a logarithmic scale. 


The response of a band-pass filter to various values of Q are shown in Figure 8.7. 


A word of caution is appropriate here. Band-pass filters can be defined two different 
ways. The narrow-band case is the classic definition that we have shown above. 


In some cases, however, if the high and low cutoff frequencies are widely separated, the 
band-pass filter is constructed out of separate high-pass and low-pass sections. Widely 
separated in this context means separated by at least 2 octaves (x 4 in frequency). This is 
the wideband case. 


MAGNITUDE (dB) 


Q=100 


0.1 1 10 
FREQUENCY (Hz) 


Figure 8.7: Band-Pass Filter Peaking vs. Q 


Band-Reject (Notch) Filter 


By changing the numerator to s’ + @,’, we convert the filter to a band-reject or notch 
filter. As in the bandpass case, if the corner frequencies of the band-reject filter are 
separated by more than an octave (the wideband case), it can be built out of separate low- 
pass and high-pass sections. We will adopt the following convention: A narrow-band 
band-reject filter will be referred to as a notch filter and the wideband band-reject filter 
will be referred to as band-reject filter. 
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A notch (or band-reject) transfer function is: 


Ho ( 3° + @,) 
H(s) = ——— Eq. 8-18 


0 
s* + 7 ie + @o° 


There are three cases of the notch filter characteristics. These are illustrated in Figure 8.8 
(opposite). The relationship of the pole frequency, @o, and the zero frequency, «,, 
determines if the filter is a standard notch, a lowpass notch or a highpass notch. 


If the zero frequency is equal to the pole frequency a standard notch exists. In this 
instance the zero lies on the jm plane where the curve that defines the pole frequency 
intersects the axis. 


A lowpass notch occurs when the zero frequency is greater than the pole frequency. In 
this case @, lies outside the curve of the pole frequencies. What this means in a practical 
sense is that the filter's response below @, will be greater than the response above @z. 
This results in an elliptical low-pass filter. 


LOWPASS NOTCH 


fic eg ae ge ee 


STANDARD NOTCH 


HIGHPASS NOTCH 


AMPLITUDE (dB) 


0.1 0.3 1.0 3.0 10 
FREQUENCY (kHz) 


Figure 8.8: Standard, Lowpass, and Highpass Notches 


A high-pass notch filter occurs when the zero frequency is less than the pole frequency. 
In this case @, lies inside the curve of the pole frequencies. What this means in a 
practical sense is that the filters response below w, will be less than the response above 
@,. This results in an elliptical high-pass filter. 
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MAGNITUDE (dB) 


1 
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10 


Figure 8.9: Notch Filter Width versus Frequency for Various Q Values 


The variation of the notch width with Q is shown in Figure 8.9. 


All-pass Filter 


There is another type of filter that leaves the amplitude of the signal intact but introduces 

phase shift. This type of filter is called an all-pass. The purpose of this filter is to add 
phase shift (delay) to the response of the circuit. The amplitude of an all-pass is unity for 
all frequencies. The phase response, however, changes from 0° to 360° as the frequency 
is swept from 0 to infinity. The purpose of an all-pass filter is to provide phase 
equalization, typically in pulse circuits. It also has application in single side band, 


suppressed carrier (SSB-SC) modulation circuits. 


The transfer function of an all-pass filter is: 


Wo 


§? - 6) 


S at itl” 


Wg 


g2 + S ao 


Note that an all-pass transfer function can be synthesized as: 
Hap = Hyp — Hpp + Hyp = 1 — 2H pp. 
Figure 8.10 (opposite) compares the various filter types. 
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TRANSFER 
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POLE LOCATION 
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Figure 8.10: Standard Second-order Filter Responses 
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Phase Response 


As mentioned earlier, a filter will change the phase of the signal as well as the amplitude. 
The question is, does this make a difference? Fourier analysis indicates a square wave is 
made up of a fundamental frequency and odd order harmonics. The magnitude and phase 
responses, of the various harmonics, are precisely defined. If the magnitude or phase 
relationships are changed, then the summation of the harmonics will not add back 
together properly to give a square wave. It will instead be distorted, typically showing 
overshoot and ringing or a slow rise time. This would also hold for any complex 
waveform. 


Each pole of a filter will add 45° of phase shift at the corner frequency. The phase will 
vary from 0° (well below the corner frequency) to 90° (well beyond the corner 
frequency). The start of the change can be more than a decade away. In multipole filters, 
each of the poles will add phase shift, so that the total phase shift will be multiplied by 
the number of poles (180° total shift for a two pole system, 270° for a three pole system, 
etc.). 


The phase response of a single-pole, low-pass filter is: 


(6) 
d (@) = - arctan O, Eq. 8-21 


The phase response of a low-pass pole pair is: 


 (@) = - arctan | % (2-5 +V4-0? )| 


Eq. 8-22 
- arctan | (2 -V4-0? )| 
For a single-pole, high-pass filter the phase response is: 
 (@) = os - arctan a: Eq. 8-23 
The phase response of a high-pass pole pair is: 
a) 
(0) = x arctan [OG +V4-@ )| 
s Eq. 8-24 


- arctan [= (2 ae -V4-02 )| 
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The phase response of a band-pass filter is: 


b(o)=> - arctan (“2° +V4Q-1) 
0 
Eq. 8-25 
- arctan (3° - V4Q?- 1 ) 


The variation of the phase shift with frequency due to various values of Q is shown in 
Figure 8.11 (for low-pass, high-pass, band-pass, and all-pass) and in Figure 8.12 (for 
notch). 
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Figure 8.11: Phase Response vs. Frequency 
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Figure 8.12: Notch Filter Phase Response 


It is also useful to look at the change of phase with frequency. This is the group delay of 
the filter. A flat (constant) group delay gives best phase response, but, unfortunately, it 
also gives the least amplitude discrimination. The group delay of a single low-pass pole 


@) cos 
T(@)=- we) ase Eq. 8-26 
deo Op 
is: 
2sirg sin2do Eq. 8-27 
—(o)=—__— = -—_ 
LW 2@ 
For the low-pass pole pair it is: 
For the single high-pass pole it is: 
For the high-pass pole pair it is: 
2 sin’ sin 2 3 
ee sin” | y) Eq. 8-28 
AW 20 
do (@) sim’ > 
() = do a Eq. 8-29 
And for the band-pass pole pair it is: 
Wie e® Eq. 8-30 


AW, 2@ 
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The Effect of Nonlinear Phase 


A waveform can be represented by a series of frequencies of specific amplitude, 
frequency and phase relationships. For example, a square wave is: 


12. 2 D: a Eq. 8-31 
RO-A( ++2 snot + Z—sin3at +57 sin Set +2 sn7ott...) 4 


If this waveform were passed through a filter, the amplitude and phase response of the 
filter to the various frequency components of the waveform could be different. If the 
phase delays were identical, the waveform would pass through the filter undistorted. If, 
however, the different components of the waveform were changed due to different 
amplitude and phase response of the filter to those frequencies, they would no longer add 
up in the same manner. This would change the shape of the waveform. These distortions 
would manifest themselves in what we typically call overshoot and ringing of the output. 


Not all signals will be composed of harmonically related components. An amplitude 
modulated (AM) signal, for instance, will consist of a carrier and 2 sidebands at + the 
modulation frequency. If the filter does not have the same delay for the various waveform 
components, then “envelope delay” will occur and the output wave will be distorted. 


Linear phase shift results in constant group delay since the derivative of a linear function 
is a constant. 
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SECTION 8.3: TIME DOMAIN RESPONSE 


Up until now the discussion has been primarily focused on the frequency domain 
response of filters. The time domain response can also be of concern, particularly under 
transient conditions. Moving between the time domain and the frequency domain is 
accomplished by the use of the Fourier and Laplace transforms. This yields a method of 
evaluating performance of the filter to a nonsinusoidal excitation. 


The transfer function of a filter is the ratio of the output to input time functions. It can be 
shown that the impulse response of a filter defines its bandwidth. The time domain 
response is a practical consideration in many systems, particularly communications, 
where many modulation schemes use both amplitude and phase information. 


Impulse Response 


The impulse function is defined as an infinitely high, infinitely narrow pulse, with an area 
of unity. This is, of course, impossible to realize in a physical sense. If the impulse width 
is much less than the rise time of the filter, the resulting response of the filter will give a 
reasonable approximation actual impulse response of the filter response. 


The impulse response of a filter, in the time domain, is proportional to the bandwidth of 
the filter in the frequency domain. The narrower the impulse, the wider the bandwidth of 
the filter. The pulse amplitude is equal to @,/xz, which is also proportional to the filter 
bandwidth, the height being taller for wider bandwidths. The pulse width is equal to 
2t/®c, which is inversely proportional to bandwidth. It turns out that the product of the 
amplitude and the bandwidth is a constant. 


It would be a nontrivial task to calculate the response of a filter without the use of 
Laplace and Fourier transforms. The Laplace transform converts multiplication and 
division to addition and subtraction, respectively. This takes equations, which are 
typically loaded with integration and/or differentiation, and turns them into simple 
algebraic equations, which are much easier to deal with. The Fourier transform works in 
the opposite direction. 


The details of these transform will not be discussed here. However, some general 
observations on the relationship of the impulse response to the filter characteristics will 
be made. 


It can be shown, as stated, that the impulse response is related to the bandwidth. 
Therefore, amplitude discrimination (the ability to distinguish between the desired signal 
from other, out of band signals and noise) and time response are inversely proportional. 
That is to say that the filters with the best amplitude response are the ones with the worst 
time response. For all-pole filters, the Chebyshev filter gives the best amplitude 
discrimination, followed by the Butterworth and then the Bessel. 
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If the time domain response were ranked, the Bessel would be best, followed by the 
Butterworth and then the Chebyshev. Details of the different filter responses will be 
discussed in the next section. 


The impulse response also increases with increasing filter order. Higher filter order 
implies greater bandlimiting, therefore degraded time response. Each section of a 
multistage filter will have its own impulse response, and the total impulse response is the 
accumulation of the individual responses. The degradation in the time response can also 
be related to the fact that as frequency discrimination is increased, the Q of the individual 
sections tends to increase. The increase in Q increases the overshoot and ringing of the 
individual sections, which implies longer time response. 


Step Response 


The step response of a filter is the integral of the impulse response. Many of the 
generalities that apply to the impulse response also apply to the step response. The slope 
of the rise time of the step response is equal to the peak response of the impulse. The 
product of the bandwidth of the filter and the rise time is a constant. Just as the impulse 
has a function equal to unity, the step response has a function equal to 1/s. Both of these 
expressions can be normalized, since they are dimensionless. 


The step response of a filter is useful in determining the envelope distortion of a 
modulated signal. The two most important parameters of a filter's step response are the 
overshoot and ringing. Overshoot should be minimal for good pulse response. Ringing 
should decay as fast as possible, so as not to interfere with subsequent pulses. 


Real life signals typically aren’t made up of impulse pulses or steps, so the transient 
response curves don’t give a completely accurate estimation of the output. They are, 
however, a convenient figure of merit so that the transient responses of the various filter 
types can be compared on an equal footing. 


Since the calculations of the step and impulse response are mathematically intensive, 
they are most easily performed by computer. Many CAD (Computer Aided Design) 
software packages have the ability to calculate these responses. Several of these 
responses are also collected in the next section. 
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SECTION 8.4: STANDARD RESPONSES 


There are many transfer functions that may satisfy the attenuation and/or phase 
requirements of a particular filter. The one that you choose will depend on the particular 
system. The importance of the frequency domain response versus the time domain 
response must be determined. Also, both of these considerations might be traded off 
against filter complexity, and thereby cost. 


Butterworth 


The Butterworth filter is the best compromise between attenuation and phase response. It 
has no ripple in the pass band or the stop band, and because of this is sometimes called a 
maximally flat filter. The Butterworth filter achieves its flatness at the expense of a 
relatively wide transition region from pass band to stop band, with average transient 
characteristics. 


The normalized poles of the Butterworth filter fall on the unit circle (in the s plane). The 
pole positions are given by: 


2K-1 : 
, 2kDn Ve (2K-1)x 


-SI K=1,2....n Eq. 8-32 


n 2n 


where K is the pole pair number, and n is the number of poles. 


The poles are spaced equidistant on the unit circle, which means the angles between the 
poles are equal. 


Given the pole locations, @o, and a (or Q) can be determined. These values can then be 
use to determine the component values of the filter. The design tables for passive filters 
use frequency and impedance normalized filters. They are normalized to a frequency of 1 
rad/sec and impedance of | Q. These filters can be denormalized to determine actual 
component values. This allows the comparison of the frequency domain and/or time 
domain responses of the various filters on equal footing. The Butterworth filter is 
normalized for a —3 dB response at @, = 1. 


The values of the elements of the Butterworth filter are more practical and less critical 
than many other filter types. The frequency response, group delay, impulse response, and 
step response are shown in Figure 8.15. The pole locations and corresponding @, and a 
terms are tabulated in Figure 8.26. 


Chebyshev 


The Chebyshev (or Chevyshev, Tschebychev, Tschebyscheff or Tchevysheff, depending 
on how you translate from Russian) filter has a smaller transition region than the same- 
order Butterworth filter, at the expense of ripples in its pass band. This filter gets its name 
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because the Chebyshev filter minimizes the height of the maximum ripple, which is the 
Chebyshev criterion. 


Chebyshev filters have 0 dB relative attenuation at dc. Odd order filters have an 
attenuation band that extends from 0 dB to the ripple value. Even order filters have a gain 
equal to the pass band ripple. The number of cycles of ripple in the pass band is equal to 
the order of the filter. 


The poles of the Chebyshev filter can be determined by moving the poles of the 
Butterworth filter to the right, forming an ellipse. This is accomplished by multiplying 
the real part of the pole by k, and the imaginary part by ‘y. The values k, and k; can be 
computed by: 


K, =sinhA Eq. 8-33 

Kj= coshA Eq. 8-34 
where: 

Ae = geet ot Eq. 8-35 


where n is the filter order and: 
e= a] 108 -1 Eq, 8-36 


where: 


R= a7 Eq. 8-37 
where: 
Rap = pass band ripple in dB Eq. 8-38 


The Chebyshev filters are typically normalized so that the edge of the ripple band is at 
® = 1. The 3 dB bandwidth is given by: 


1 
Asan = = cosh"! (—) Eq. 8-39 


This is tabulated in Table 1. 


The frequency response, group delay, impulse response and step response are cataloged 
in Figures 8.16 to 8.20 on following pages, for various values of pass band ripple (0 .01 
dB, 0.1 dB, 0.25 dB, 0.5 dB, and 1 dB). The pole locations and corresponding @, and a 
terms for these values of ripple are tabulated in Figures 8.27 to 8.31 on following pages. 
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01dB .1dB +=.25dB.~=«.5dB.—=s'1d<éB 
3.30362 1.93432 1.59814 1.38974 1.21763 
1.87718 1.38899 1.25289 1.16749 1.09487 
1.46690 1.21310 1.13977 1.09310 1.05300 
1.29122 1.13472 1.08872 1.05926 1.03381 
1.19941 1.09293 1.06134 1.04103 1.02344 
1.14527 1.06800 1.04495 1.03009 1.01721 
1.11061 1.05193 1.03435 1.02301 1.01316 
1.08706 1.04095 1.02711 1.01817 1.01040 
1.07033 1.03313 1.02194 1.01471 1.00842 


Nn 


3 
4 
5 
6 
7 
8 
9 
0 


— 


Table 1: 3dB Bandwidth to Ripple Bandwidth for Chebyshev Filters 


Bessel 


Butterworth filters have fairly good amplitude and transient behavior. The Chebyshev 
filters improve on the amplitude response at the expense of transient behavior. The 
Bessel filter is optimized to obtain better transient response due to a linear phase (i.e. 
constant delay) in the passband. This means that there will be relatively poorer frequency 
response (less amplitude discrimination). 


The poles of the Bessel filter can be determined by locating all of the poles on a circle 
and separating their imaginary parts by: 


g) 
= Eq. 8-40 


where n is the number of poles. Note that the top and bottom poles are distanced by 
where the circle crosses the j@ axis by: 
1 
aa Eq. 8-41 
n 


or half the distance between the other poles. 
The frequency response, group delay, impulse response and step response for the Bessel 


filters are cataloged in Figure 8.21. The pole locations and corresponding @, and o terms 
for the Bessel filter are tabulated in Figure 8.32. 
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Linear Phase with Equiripple Error 


The linear phase filter offers linear phase response in the pass band, over a wider range 
than the Bessel, and superior attenuation far from cutoff. This is accomplished by letting 
the phase response have ripples, similar to the amplitude ripples of the Chebyshev. As the 
ripple is increased, the region of constant delay extends further into the stopband. This 
will also cause the group delay to develop ripples, since it is the derivative of the phase 
response. The step response will show slightly more overshoot than the Bessel and the 
impulse response will show a bit more ringing. 


It is difficult to compute the pole locations of a linear phase filter. Pole locations are 
taken from the Williams book (see Reference 2), which, in turn, comes from the Zverev 
book (see Reference 1). 


The frequency response, group delay, impulse response and step response for linear 
phase filters of 0.05° ripple and 0.5° ripple are given in Figures 8.22 and 8.23. The pole 
locations and corresponding @, and @ terms are tabulated in Figures 8.33 and 8.34. 


Transitional Filters 


A transitional filter is a compromise between a Gaussian filter, which is similar to a 
Bessel, and the Chebyshev. A transitional filter has nearly linear phase shift and smooth, 
monotonic rolloff in the pass band. Above the pass band there is a break point beyond 
which the attenuation increases dramatically compared to the Bessel, and especially at 
higher values of n. 


Two transition filters have been tabulated. These are the Gaussian to 6 dB and Gaussian 
to 12 dB. 


The Gaussian to 6 dB filter has better transient response than the Butterworth in the pass 
band. Beyond the breakpoint, which occurs at @ = 1.5, the rolloff is similar to the 
Butterworth. 


The Gaussian to 12 dB filter’s transient response is much better than Butterworth in the 
pass band. Beyond the 12dB breakpoint, which occurs at @ = 2, the attenuation is less 
than the Butterworth. 


As is the case with the linear phase filters, pole locations for transitional filters do not 
have a closed form method for computation. Again, pole locations are taken from 
Williams's book (see Reference 2). These were derived from iterative techniques. 


The frequency response, group delay, impulse response and step response for Gaussian to 


12 dB and 6 dB are shown in Figures 8.24 and 8.25. The pole locations and 
corresponding @, and a terms are tabulated in Figures 8.35 and 8.36. 
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Comparison of All-Pole Responses 


The responses of several all-pole filters, namely the Bessel, Butterworth, and Chebyshev 
(in this case of 0.5 dB ripple) will now be compared. An 8 pole filter is used as the basis 
for the comparison. The responses have been normalized for a cutoff of 1 Hz. Comparing 
Figures 8.13 and 8.14 below, it is easy to see the trade-offs in the response types. Moving 
from Bessel through Butterworth to Chebyshev, notice that the amplitude discrimination 
improves as the transient behavior gets progressively poorer. 
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Figure 8.14: Comparison of Step and Impulse Responses 
of Bessel, Butterworth, and Chebyshev Filters 
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Elliptical 


The previously mentioned filters are all-pole designs, which mean that the zeros of the 
transfer function (roots of the numerator) are at one of the two extremes of the frequency 
range (0 or «). For a low-pass filter, the zeros are at f = o. If finite frequency transfer 
function zeros are added to poles an Elliptical filter (sometimes referred to as Cauer 
filters) is created. This filter has a shorter transition region than the Chebyshev filter 
because it allows ripple in both the stop band and pass band. It is the addition of zeros in 
the stop band that causes ripple in the stop band but gives a much higher rate of 
attenuation, the most possible for a given number of poles. There will be some 
“bounceback” of the stop band response between the zeros. This is the stop band ripple. 
The Elliptical filter also has degraded time domain response. 


Since the poles of an elliptic filter are on an ellipse, the time response of the filter 
resembles that of the Chebyshev. 


An Elliptic filter is defined by the parameters shown in Figure 8.2, those being Amax, the 
maximum ripple in the passband, Amin, the minimum attenuation in the stopband, F,, the 
cutoff frequency, which is where the frequency response leaves the pass band ripple and 
Fg, the stopband frequency, where the value of Ajax 1s reached. 


An alternate approach is to define a filter order n, the modulation angle, 8, which defines 
the rate of attenuation in the transition band, where: 


1 
ee Eq. 8-42 
0 = sin r q. 8 


s 


and p which determines the pass band ripple, where: 


PA eo Eq. 8-43 


where ¢ is the ripple factor developed for the Chebyshev response, and the pass band 
ripple is: 

Rap = - 10 log (1 - p”) Eq. 8-44 
Some general observations can be made. For a given filter order n, and 0, Amin increases 
as the ripple is made larger. Also, as 8 approaches 90°, Fs approaches Fc. This results in 
extremely short transition region, which means sharp rolloff. This comes at the expense 
of lower Amin. 


As a side note, p determines the input resistance of a passive elliptical filter, which can 
then be related to the VSWR (Voltage Standing Wave Ratio). 


Because of the number of variables in the design of an elliptic filter, it is difficult to 
provide the type of tables provided for the previous filter types. Several CAD (Computer 
Aided Design) packages can provide the design values. Alternatively several sources, 
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such as Williams's (see Reference 2), provide tabulated filter values. These tables classify 
the filter by 


Cnp 0 


where the C denotes Cauer. Elliptical filters are sometime referred to as Cauer filters 
after the network theorist Wilhelm Cauer. 


Maximally Flat Delay with Chebyshev Stop Band 


Bessel type (Bessel, linear phase with equiripple error and transitional) filters give 
excellent transient behavior, but less than ideal frequency discrimination. Elliptical filters 
give better frequency discrimination, but degraded transient response. A maximally flat 
delay with Chebyshev stop band filter takes a Bessel type function and adds transmission 
zeros. The constant delay properties of the Bessel type filter in the pass band are 
maintained, and the stop band attenuation is significantly improved. The step response 
exhibits no overshoot or ringing, and the impulse response is clean, with essentially no 
oscillatory behavior. Constant group delay properties extend well into the stop band for 
increasing n. 


As with the elliptical filter, numeric evaluation is difficult. Williams’s book (see 
Reference 2) tabulates passive prototypes normalized component values. 


Inverse Chebyshev 


The Chebyshev response has ripple in the pass band and a monotonic stop band. The 
inverse Chebyshev response can be defined that has a monotonic pass band and ripple in 
the stop band. The inverse Chebyshev has better pass band performance than even the 
Butterworth. It is also better than the Chebyshev, except very near the cutoff frequency. 
In the transition band, the inverse Chebyshev has the steepest rolloff. Therefore, the 
inverse Chebyshev will meet the Amin specification at the lowest frequency of the three. 
In the stop band there will, however, be response lobes which have a magnitude of: 


¢ 


-s) Eq. 8-45 


where ¢ is the ripple factor defined for the Chebyshev case. This means that deep into the 
stop band, both the Butterworth and Chebyshev will have better attenuation, since they 
are monotonic in the stop band. In terms of transient performance, the inverse Chebyshev 
lies midway between the Butterworth and the Chebyshev. 
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The inverse Chebyshev response can be generated in three steps. First take a Chebyshev 
low pass filter. Then subtract this response from 1. Finally, invert in frequency by 
replacing @ with I/o. 


These are by no means all the possible transfer functions, but they do represent the most 
common. 
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Using the Prototype Response Curves 


In the following pages, the response curves and the design tables for several of the low 
pass prototypes of the all-pole responses will be cataloged. All the curves are normalized 
to a —3 dB cutoff frequency of 1 Hz. This allows direct comparison of the various 
responses. In all cases the amplitude response for the 2 through 10 pole cases for the 
frequency range of 0.1 Hz. to 10 Hz. will be shown. Then a detail of the amplitude 
response in the 0.1 Hz to 2 Hz. pass band will be shown. The group delay from 0.1 Hz to 
10 Hz and the impulse response and step response from 0 seconds to 5 seconds will also 
be shown. 


To use these curves to determine the response of real life filters, they must be 
denormalized. In the case of the amplitude responses, this is simply accomplished by 
multiplying the frequency axis by the desired cutoff frequency Fc. To denormalize the 
group delay curves, we divide the delay axis by 2m Fc, and multiply the frequency axis 
by Fc, as before. Denormalize the step response by dividing the time axis by 27 Fc. 
Denormalize the impulse response by dividing the time axis by 27 Fc and multiplying the 
amplitude axis by the same amount. 


For a high-pass filter, simply invert the frequency axis for the amplitude response. In 
transforming a low-pass filter into a high-pass (or band-reject) filter, the transient 
behavior is not preserved. Zverev (see Reference 1) provides a computational method for 
calculating these responses. 


In transforming a lowpass into a narrowband bandpass, the 0Hz axis is moved to the 
center frequency Fo. It stands to reason that the response of the bandpass case around the 
center frequency would then match the lowpass response around 0Hz. The frequency 
response curve of a lowpass filter actually mirrors itself around OHz, although we 
generally don’t concern ourselves with negative frequency. 


To denormalize the group delay curve for a bandpass filter, divide the delay axis by 
mBW, where BW is the 3dB bandwidth in Hz. Then multiply the frequency axis by 
BW/2. In general, the delay of the bandpass filter at Fo will be twice the delay of the 
lowpass prototype with the same bandwidth at O0Hz. This is due to the fact that the 
lowpass to bandpass transformation results in a filter with order 2n, even though it is 
typically referred to it as having the same order as the lowpass filter from which it is 
derived. This approximation holds for narrow-band filters. As the bandwidth of the filter 
is increased, some distortion of the curve occurs. The delay becomes less symmetrical, 
peaking below Fo. 


The envelope of the response of a band-pass filter resembles the step response of the 
lowpass prototype. More exactly, it is almost identical to the step response of a low-pass 
filter having half the bandwidth. To determine the envelope response of the band-pass 
filter, divide the time axis of the step response of the lowpass prototype by tBW, where 
BW is the 3dB bandwidth. The previous discussions of overshoot, ringing, etc. can now 
be applied to the carrier envelope. 
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The envelope of the response of a narrow-band band-pass filter to a short burst of carrier 
(that is where the burst width is much less than the rise time of the denormalized step 
response of the band-pass filter) can be determined by denormalizing the impulse 
response of the low-pass prototype. To do this, multiply the amplitude axis and divide the 
time axis by nBW, where BW is the 3 dB bandwidth. It is assumed that the carrier 
frequency is high enough so that many cycles occur during the burst interval. 


While the group delay, step and impulse curves cannot be used directly to predict the 


distortion to the waveform caused by the filter, they are a useful figure of merit when 
used to compare filters. 
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Figure 8.15: Butterworth Response 
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Figure 8.16: 0.01 dB Chebyshev Response 
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Figure 8.17: 0.1 dB Chebyshev Response 
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Figure 8.18: 0.25 dB Chebyshev Response 
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Figure 8.19: 0.5 dB Chebyshev Response 
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Figure 8.20: 1 dB Chebyshev Response 
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Figure 8.21: Bessel Response 
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Figure 8.22: Linear Phase Response with Equiripple Error of 0.05° 
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Figure 8.23: Linear Phase Response with Equiripple Error of 0.5° 
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Figure 8.24: Gaussian to 12 dB Response 
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Figure 8.25: Gaussian to 6 dB Response 
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SECTION 8.5: FREQUENCY TRANSFORMATIONS 


Until now, only filters using the low-pass configuration have been examined. In this 
section, transforming the low-pass prototype into the other configurations: high-pass, 
band-pass, band-reject (notch) and all-pass will be discussed . 


Low-Pass to High-Pass 


The low-pass prototype is converted to high-pass filter by scaling by 1/s in the transfer 
function. In practice, this amounts to capacitors becoming inductors with a value 1/C, and 
inductors becoming capacitors with a value of 1/L for passive designs. For active 
designs, resistors become capacitors with a value of 1/R, and capacitors become resistors 
with a value of 1/C. This applies only to frequency setting resistor, not those only used to 
set gain. 


Another way to look at the transformation is to investigate the transformation in the s 
plane. The complex pole pairs of the low-pass prototype are made up of a real part, a, 
and an imaginary part, 8. The normalized high-pass poles are the given by: 


o 
=— Eq. 8-46 
Quip +B q 
and: 
Bup = on Eq. 8-47 
A simple pole, ao, is transformed to: 
1 
Ooup= ae Eq. 8-48 
Low-pass zeros, @z,1p, are transformed by: 
On up = — Eq. 8-49 
Z,LP 


In addition, a number of zeros equal to the number of poles are added at the origin. 
After the normalized low-pass prototype poles and zeros are converted to high-pass, they 
are then denormalized in the same way as the low-pass, that is, by frequency and 


impedance. 


As an example a 3 pole 1 dB Chebyshev low-pass filter will be converted to a high-pass 
filter. 
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From the design tables of the last section: 


Oy py = -2257 
By pi = -8822 
Oy p2 = -4513 
This will transform to: 
Oggpy= -2722 
Bypi= 1.0639 
Oppo 2.2158 
Which then becomes: 
Fy= 1.0982 
a= .4958 
Q= 2.0173 
Fy= 2.2158 


A worked out example of this transformation will appear in a latter section. 


A high-pass filter can be considered to be a low-pass filter turned on its side. Instead of a 
flat response at dc, there is a rising response of n x (20 dB/decade), due to the zeros at the 
origin, where n is the number of poles. At the corner frequency a response of 

n x (20 dB/decade) due to the poles is added to the above rising response. This results in 
a flat response beyond the corner frequency. 


Low-Pass to Band-Pass 


Transformation to the band-pass response is a little more complicated. Band-pass filters 
can be classified as either wideband or narrow-band, depending on the separation of the 
poles. If the corner frequencies of the band-pass are widely separated (by more than 2 
octaves), the filter is wideband and is made up of separate low-pass and high-pass 
sections, which will be cascaded. The assumption made is that with the widely separated 
poles, interaction between them is minimal. This condition does not hold in the case of a 
narrowband band-pass filter, where the separation is less than 2 octaves. We will be 
covering the narrow-band case in this discussion. 


As in the highpass transformation, start with the complex pole pairs of the low-pass 
prototype, a and B. The pole pairs are known to be complex conjugates. This implies 
symmetry around de (0 Hz.). The process of transformation to the band-pass case is one 
of mirroring the response around dc of the low-pass prototype to the same response 
around the new center frequency Fo. 


This clearly implies that the number of poles and zeros is doubled when the band-pass 
transformation is done. As in the low-pass case, the poles and zeros below the real axis 
are ignored. So an n™ order low-pass prototype transforms into an nth order band-pass, 
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even though the filter order will be 2n. An n"™ order band-pass filter will consist of n 
sections, versus n/2 sections for the low-pass prototype. It may be convenient to think of 
the response as n poles up and n poles down. 


The value of Qgp is determined by: 


F 
Qzp = Bw Eq. 8-50 


where BW is the bandwidth at some level, typically —3 dB. 


A transformation algorithm was defined by Geffe ( Reference 16) for converting low- 
pass poles into equivalent band-pass poles. 


Given the pole locations of the low-pass prototype: 


-a+j8 Eq. 8-51 


and the values of Fo and Qgp, the following calculations will result in two sets of values 
for Q and frequencies, Fy and Fy, which define a pair of band-pass filter sections. 


C= a2 + p? 
Eq. 8-52 
ee: 
D>" O.5 Eq. 8-53 
<1 7 6 
on uge ett Eq. 8-54 
G=E*-4D* Eq. 8-55 


4 |E+ 
Q= ere Eq. 8-56 


Observe that the Q of each section will be the same. 


The pole frequencies are determined by: 


Ma 2@& Eq. 8-57 
Qsp 
W= M+wVM -1 Eq. 8-58 
F 
Fppi = Ww Eq. 8-59 
Fppo = W Fo Eq. 8-60 


Each pole pair transformation will also result in 2 zeros that will be located at the origin. 


A normalized low-pass real pole with a magnitude of a is transformed into a band-pass 
section where: 


o- Se Eq. 8-61 
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and the frequency is Fo. 
Each single pole transformation will also result in a zero at the origin. 
Elliptical function low-pass prototypes contain zeros as well as poles. In transforming the 


filter the zeros must be transformed as well. Given the low-pass zeros at + j@z, the band- 
pass zeros are obtained as follows: 


Ma 2@ Eq. 8-62 
Qzp 
W= M+vVM -1 Eq. 8-63 
Fay = = 
BPl WwW Eq. 8-64 
Fgp)= WF 
o ° Eq. 8-65 


Since the gain of a band-pass filter peaks at Fgp instead of Fo, an adjustment in the 
amplitude function is required to normalize the response of the aggregate filter. The gain 
of the individual filter section is given by: 


2 
Ag= Aor] 1+Q2(to . Eee Eq. 8-66 
Fpp Fo 


Ao = gain a filter center frequency 

Ar = filter section gain at resonance 
Fo = filter center frequency 

Fpp = filter section resonant frequency. 


where: 


Again using a 3 pole 1 dB Chebychev as an example: 


Oy py = -2257 
Opp? = -4513 


A 3 dB bandwidth of 0.5 Hz. with a center frequency of 1 Hz is arbitrarily assigned. 
Then: 

Qpp = 2 
Going through the calculations for the pole pair the intermediate results are: 


C= 0.829217 D = 0.2257 
E = 4.2073 G = 4.18302 
M = 1.0247 W = 1.245 
and: 
Feri = 0.80322 Fpp2 = 1.24499 
Qspi = Qpp2 = 9.0749 


Gain = 4.1318 
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And for the single pole: 
Fpp3 =] Qpp3 = 4.431642 
Gain = | 


Again a full example will be worked out in a latter section. 


Low-Pass to Band-reject (Notch) 


As in the band-pass case, a band-reject filter can be either wideband or narrow-band, 
depending on whether or not the poles are separated by 2 octaves or more. To avoid 
confusion, the following convention will be adopted. If the filter is wideband, it will be 
referred to as a band-reject filter. A narrow-band filter will be referred to as a notch filter. 


One way to build a notch filter is to construct it as a band-pass filter whose output is 
subtracted from the input (1 — BP). Another way is with cascaded low-pass and high-pass 
sections, especially for the band-reject (wideband) case. In this case, the sections are in 
parallel, and the output is the difference. 
Just as the band-pass case is a direct transformation of the low-pass prototype, where dc 
is transformed to Fo, the notch filter can be first transformed to the high-pass case, and 
then dc, which is now a zero, is transformed to Fo. 
A more general approach would be to convert the poles directly. A notch transformation 
results in two pairs of complex poles and a pair of second order imaginary zeros from 
each low-pass pole pair. 
First, the value of Qgr is determined by: 

Qar = ae Eq. 8-67 
where BW is the bandwidth at — 3dB. 


Given the pole locations of the low-pass prototype 


-1+jp Eq. 8-68 


and the values of Fo and Qgr, the following calculations will result in two sets of values 
for Q and frequencies, Fy and F,, which define a pair of notch filter sections. 
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C= 0248 Eq. 8-69 
o 
D= Eq. 8-70 
QprC 
__f Eq. 8-71 
E 
QprCe 
F=EF2-p’?+4 Eq. 8-72 
Eq. 8-73 
Garaf/ti4/2 +p?p q 
2 4 
DE Eq. 8-74 
qH=— 
G 
K= ma (D + Hy +(E+G) ad 
Q= K Eq. 8-76 
D+H 


the pole frequencies are given by: 


| =z Eq. 8-77 
Faro =K Fp Eq. 8-78 
F,=Fy Eq. 8-79 
F,= V Fert*Fero Eq. 8-80 
where F 9 1s the notch frequency and the geometric mean of Fgp; and Fgr:. 
A simple real pole, ao, transforms to a single section having a Q given by: 
Q= QzR Mo Eq. 8-81 


with a frequency Fgr = Fo. There will also be transmission zero at Fo. 


In some instances, such as the elimination of the power line frequency (hum) from low 
level sensor measurements, a notch filter for a specific frequency may be designed. 


Assuming that an attenuation of A dB is required over a bandwidth of B, then the 
required Q for a single frequency notch is determined by: 


j= Eq. 8-82 


BVO 
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For transforming a low-pass prototype, a 3 pole 1 dB Chebychev is again used as an 
example: 


Oy py = -2257 
Opp, = -4513 


A 3 dB bandwidth of 0.1 Hz with a center frequency of 1 Hz is arbitrarily assigned. 
Then: 
Qsr = 10 


Going through the calculations for the pole pair yields the intermediate results: 


C= 0.829217 D = 0.027218 
E =0.106389 F = 4.01058 
G = 2.002643 H = 0.001446 
K = 1.054614 
and 
Fpri = 0.94821 Fer? = 1.0546 
Qsri = Qar2 = 36.7918 


and for the single-pole 
Fpp3 = 1 Qsp3 = 4.4513 


Once again a full example will be worked out in a latter section. 


Low-Pass to All-Pass 


The transformation from low-pass to all-pass involves adding a zero in the right hand 
side of the s plane corresponding to each pole in the left hand side. 


In general, however, the all-pass filter is usually not designed in this manner. The main 
purpose of the all-pass filter is to equalize the delay of another filter. Many modulation 
schemes in communications use some form or another of quadrature modulation, which 
processes both the amplitude and phase of the signal. 


All-pass filters add delay to flatten the delay curve without changing the amplitude. In 
most cases a closed form of the equalizer is not available. Instead the amplitude filter is 
designed and the delay calculated or measured. Then graphical means or computer 
programs are used to figure out the required sections of equalization. 
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Each section of the equalizer gives twice the delay of the low-pass prototype due to the 
interaction of the zeros. A rough estimate of the required number of sections is given by: 


n=2 AgwA;+t l Eq. 8-83 


Where Agw is the bandwidth of interest in hertz and Art is the delay distortion over Apw 
in seconds. 
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SECTION 8.6: FILTER REALIZATIONS 


Now that it has been decided what to build, it now must be decided how to build it. That 
means that it is necessary to decide which of the filter topologies to use. Filter design is a 
two step process where it is determined what is to be built (the filter transfer function) 
and then how to build it (the topology used for the circuit). 


In general, filters are built out of one-pole sections for real poles, and two-pole sections 
for pole pairs. While you can build a filter out of three-pole, or higher order sections, the 
interaction between the sections increases, and therefore, component sensitivities go up. 


It is better to use buffers to isolate the various sections. In addition, it is assumed that all 
filter sections are driven from a low impedance source. Any source impedance can be 
modeled as being in series with the filter input. 


In all of the design equation figures the following convention will be used: 


H = circuit gain in the pass band or at resonance 

Fo = cutoff or resonant frequency in Hertz 

Wo = cutoff or resonant frequency in radians/sec. 

Q = circuit “quality factor”. Indicates circuit peaking. 
a = 1/Q = damping ratio 


It is unfortunate that the symbol a is used for damping ratio. It is not the same as the a 
that is used to denote pole locations (a + /B). The same issue occurs for Q. It is used for 
the circuit quality factor and also the component quality factor, which are not the same 
thing. 


The circuit Q is the amount of peaking in the circuit. This is a function of the angle of the 
pole to the origin in the s plane. The component Q is the amount of losses in what should 
be lossless reactances. These losses are the parasitics of the components; dissipation 
factor, leakage resistance, ESR (equivalent series resistance), etc. in capacitors and series 
resistance and parasitic capacitances in inductors. 
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Single-Pole RC 


The simplest filter building block is the passive RC section. The single-pole can be either 
low-pass or high-pass. Odd order filters will have a single-pole section. 


The basic form of the low-pass RC section is shown in Figure 8.37(A). It is assumed that 
the load impedance is high (> x10), so that there is no loading of the circuit. The load 
will be in parallel with the shunt arm of the filter. If this is not the case, the section will 
have to be buffered with an op amp. A low-pass filter can be transformed to a high-pass 
filter by exchanging the resistor and the capacitor. The basic form of the high-pass filter 
is shown in Figure 8.37(B). Again it is assumed that load impedance is high. 


Poi 


(A) 
LOWPASS HIGHPASS 


Figure 8.37: Single-Pole Sections 
The pole can also be incorporated into an amplifier circuit. Figure 8.38(A) shows an 
amplifier circuit with a capacitor in the feedback loop. This forms a low-pass filter since 


as frequency is increased, the effective feedback impedance decreases, which causes the 
gain to decrease. 


: : 
(A) (B) 


LOWPASS HIGHPASS 
Figure 8.38: Single-Pole Active Filter Blocks 
Figure 8.38(B) shows a capacitor in series with the input resistor. This causes the signal 


to be blocked at dc. As the frequency is increased from dc, the impedance of the 
capacitor decreases and the gain of the circuit increases. This is a high-pass filter. 


The design equations for single-pole filters appear in Figure 8.66. 
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Passive LC Section 


While not strictly a function that uses op amps, passive filters form the basis of several 
active filters topologies and are included here for completeness. 


As in active filters, passive filters are built up of individual subsections. Figure 8.39 
shows low-pass filter sections. The full section is the basic two pole section. Odd order 
filters use one half section which is a single-pole section. The m derived sections, shown 
in Figure 8.40, are used in designs requiring transmission zeros as well as poles. 


~ ot. 


(A) (B) 
HALF SECTION FULL SECTION 


Figure 8.39: Passive Filter Blocks (Low-pass) 


ay py 


(A) (B) 
HALF SECTION FULL SECTION 


Figure 8.40: Passive Filter Blocks (Low-pass m-derived) 


A low-pass filter can be transformed into a high-pass (see Figures 8.41 and 8.42) by 
simply replacing capacitors with inductors with reciprocal values and vice versa so: 


1 
Lue=G Eq. 8-84 
and 
1 
Cup = Lap Eq. 8-85 
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Transmission zeros are also reciprocated in the transformation so: 


1 
© 7 HP — O71 


(A) (B) 


HALF SECTION FULL SECTION 


Eq. 8-86 


Figure 8.41: Passive Filter Blocks (High-pass) 


(A) (B) 
HALF SECTION FULL SECTION 


Figure 8.42: Passive Filter Blocks (High-pass m-derived) 


The low-pass prototype is transformed to band-pass and band-reject filters as well by 
using the table in Figure 8.43. 


For a passive filter to operate, the source and load impedances must be specified. One 
issue with designing passive filters is that in multipole filters each section is the load for 
the preceding sections and also the source impedance for subsequent sections, so 
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component interaction is a major concern. Because of this, designers typically make use 
of tables, such as in William's book (Reference 2). 


LOW-PASS BAND-PASS CIRCUIT 
BRANCH CONFIGURATION VALUES 


HIGH-PASS BAND-REJECT CIRCUIT 
BRANCH CONFIGURATION VALUES 


Figure 8.43: Low-pass — Band-pass and High-pass — Band-reject 
Transformation 


Integrator 


Any time that you put a frequency-dependent impedance in a feedback network the 
inverse frequency response is obtained. For example, if a capacitor, which has a 
frequency dependent impedance that decreases with increasing frequency, is put in the 
feedback network of an op amp, an integrator is formed, as in Figure 8.44. 


Figure 8.44: Integrator 


The integrator has high gain (1.e., the open-loop gain of the op amp) at dc. An integrator 
can also be thought of as a low-pass filter with a cutoff frequency of 0 Hz. 
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General Impedance Converter 


Figure 8.45 is the block diagram of a general impedance converter. The impedance of 
this circuit is: 
FA 73 25 


Z — FTA Eq. 8-87 


By substituting one or two capacitors into appropriate locations (the other locations being 
resistors), several impedances can be synthesized (see Reference 25). 


One limitation of this configuration is that the lower end of the structure must be 
grounded. 


ai papel eee 


Figure 8.45: General Impedance Converter 
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Active Inductor 


Substituting a capacitor for Z4 and resistors for Z1, Z2, Z3 & Z5 in the GIC results in an 
impedance given by: 


sC R1 R3 R5 
= Eq. 8-88 
11 R2 a 
By inspection it can be shown that this is an inductor with a value of: 
ne C R1 R3 R5 Eq. 8-89 


R2 


This is just one way to simulate an inductor as shown in Figure 8.46. 


_ — CRER3IRS 
~~ R2 


Figure 8.46: Active Inductor 
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Frequency Dependent Negative Resistor (FDNR) 


By substituting capacitors for two of the Z1, Z3, or Z5 elements, a structure known as a 
frequency dependant negative resistance (FDNR) is generated. The impedance of this 
structure is: 


sC? R2 R4 
Z4=7— Eq. 8-90 
11 R5 q 


This impedance, which is called a D element, has the value: 


D=C?R4 Eq. 8-91 


assuming 
C1 =C2 and R2=R5. Eq. 8-92 


The three possible versions of the FDNR are shown in Figure 8.47. 


L L 


(A) (B) (C) 


Figure 8.47: Frequency Dependent Negative Resistor Blocks 


There is theoretically no difference in these three blocks, and so they should be 
interchangeable. In practice though there may be some differences. Circuit (a) is 
sometimes preferred because it is the only block to provide a return path for the amplifier 
bias currents. 


For the FDNR filter (see Reference 24), the passive realization of the filter is used as the 
basis of the design. As in the passive filter, the FDNR filter must then be denormalized 
for frequency and impedance. This is typically done before the conversion by 1/s. First 
take the denormalized passive prototype filter and transform the elements by 1/s. This 
means that inductors, whose impedance is equal to sL, transform into a resistor with an 
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impedance of L. A resistor of value R becomes a capacitor with an impedance of R/s; and 
a capacitor of impedance 1/sC transforms into a frequency dependent resistor, D, with an 
impedance of 1/s2C. The transformations involved with the FDNR configuration and the 
GIC implementation of the D element are shown in Figure 8.48. We can apply this 
transformation to low-pass, high-pass, band-pass or notch filters, remembering that the 
FDNR block must be restricted to shunt arms. 


Figure 8.48: 1/s Transformation 


A worked out example of the FDNR filter is included in the next section. 


A perceived advantage of the FDNR filter in some circles is that there are no op amps in 
the direct signal path, which can add noise and/or distortion, however small, to the signal. 
It is also relatively insensitive to component variation. These advantages of the FDNR 
come at the expense of an increase in the number of components required. 
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Sallen-Key 


The Sallen-Key configuration, also known as a voltage control voltage source (VCVS), 
was first introduced in 1955 by R. P. Sallen and E. L. Key of MIT’s Lincoln Labs (see 
Reference 14). It is one of the most widely used filter topologies and is shown in Figure 
8.49. One reason for this popularity is that this configuration shows the least dependence 
of filter performance on the performance of the op amp. This is due to the fact that the op 
amp is configured as an amplifier, as opposed to an integrator, which minimizes the gain- 
bandwidth requirements of the op amp. This infers that for a given op amp, you will be 
able to design a higher frequency filter than with other topologies since the op amp gain 
bandwidth product will not limit the performance of the filter as it would if it were 
configured as an integrator. The signal phase through the filter is maintained 
(noninverting configuration). 


Another advantage of this configuration is that the ratio of the largest resistor value to the 
smallest resistor value and the ratio of the largest capacitor value to the smallest capacitor 
value (component spread) are low, which is good for manufacturability. The frequency 
and Q terms are somewhat independent, but they are very sensitive to the gain parameter. 
The Sallen-Key is very Q-sensitive to element values, especially for high Q sections. The 
design equations for the Sallen-Key low pass are shown in Figure 8.67. 


R1 C1 
IN OUT 


C2 


R3 


R4 


Figure 8.49: Sallen-Key Low-pass Filter 


There is a special case of the Sallen—Key low-pass filter. If the gain is set to 2, the 
capacitor values, as well as the resistor values, will be the same. 


While the Sallen—Key filter is widely used, a serious drawback is that the filter is not 
easily tuned, due to interaction of the component values on Fo and Q. 
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To transform the low-pass into the high-pass we simply exchange the capacitors and the 
resistors in the frequency determining network (i.e. not the amp gain resistors). This is 
shown in Figure 8.50 (opposite). The comments regarding sensitivity of the filter given 
above for the low pass case apply to the high-pass case as well. The design equations for 
the Sallen-Key high-pass are shown in Figure 8.68. 


The band-pass case of the Sallen-Key filter has a limitation (see Figure 8.51 below). The 
value of Q will determine the gain of the filter, i.e. it can not be set independent, as in the 
low-pass or high-pass cases. The design equations for the Sallen-Key band-pass are 
shown in Figure 8.69. 


C1 R14 


IN o— OUT 


Figure 8.50: Sallen-Key High-pass Filter 


Figure 8.51: Sallen-Key Band-pass Filter 


A Sallen-Key notch filter may also be constructed, but it has a large number of 
undesirable characteristics. The resonant frequency, or the notch frequency, can not be 
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adjusted easily due to component interaction. As in the band-pass case, the section gain is 
fixed by the other design parameters, and there is a wide spread in component values, 
especially capacitors. Because of this and the availability of easier to use circuits, it is not 
covered here. 
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Multiple Feedback 


The multiple feedback filter uses an op amp as an integrator as shown in Figure 8.52 
below. Therefore, the dependence of the transfer function on the op amp parameters is 
greater than in the Sallen-Key realization. It is hard to generate high Q, high frequency 
sections due to the limitations of the open-loop gain of the op amp. A rule of thumb is 
that the open-loop gain of the op amp should be at least 20 dB (x10) above the amplitude 
response at the resonant (or cutoff) frequency, including the peaking caused by the Q of 
the filter. The peaking due to Q will cause an amplitude, Ao: 


A,=HQ Eq. 8-92 


where H is the gain of the circuit. The multiple feedback filter will invert the phase of the 
signal. This is equivalent to adding the resulting 180° phase shift to the phase shift of the 
filter itself. 


C) OUT 
R4 


R1 


IN () 


R3 


C2 


Figure 8.52: Multiple Feedback Low-pass 


The maximum to minimum component value ratios is higher in the multiple feedback 
case than in the Sallen-Key realization. The design equations for the multiple feedback 
low-pass are given in Figure 8.70. 


Comments made about the multiple feedback low-pass case apply to the high-pass case 
as 

well (see Figure 8.53 opposite). Note that we again swap resistors and capacitors to 
convert the low-pass case to the high-pass case. The design equations for the multiple 
feedback high-pass are given in Figure 8.71. 


The design equations for the multiple feedback band-pass case (see Figure 8.54 opposite) 
are given in Figure 8.72. 
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This circuit is widely used in low Q (< 20) applications. It allows some tuning of the 
resonant frequency, Fo, by making R2 variable. Q can be adjusted (with R5) as well, but 
this will also change Fo. 


Tuning of Fo can be accomplished by monitoring the output of the filter with the 
horizontal channel of an oscilloscope, with the input to the filter connected to the vertical 
channel. The display will be a Lissajous pattern. This pattern will be an ellipse that will 
collapse to a straight line at resonance, since the phase shift will be 180°. You could also 
adjust the output for maximum output, which will also occur at resonance, but this is 
usually not as precise, especially at lower values of Q where there is a less pronounced 
peak. 


OUT 
C4 R5 
C1 C3 
IN 
R2 
Figure 8.53: Multiple Feedback High-Pass 
OUT 
R5 
C4 
IN R1 3 


Figure 8.54: Multiple Feedback Band-Pass 
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State Variable 


The state-variable realization (see Reference 11) is shown in Figure 8.55, along with the 
design equations in Figure 8.73. This configuration offers the most precise 
implementation, at the expense of many more circuit elements. All three major 
parameters (gain, Q & wo) can be adjusted independently, and low-pass, high-pass, and 
band-pass outputs are available simultaneously. Note that the low-pass and high-pass 
outputs are inverted in phase while the band-pass output maintains the phase. The gain of 
each of the outputs of the filter is also independently variable. With an added amplifier 
section summing the low-pass and high-pass sections the notch function can also be 
synthesized. By changing the ratio of the summed sections, low-pass notch, standard 
notch and high-pass notch functions can be realized. A standard notch may also be 
realized by subtracting the band-pass output from the input with the added op amp 
section. An all-pass filter may also be built with the four amplifier configuration by 
subtracting the band-pass output from the input. In this instance, the band-pass gain must 
equal 2. 


LP OUT 


R1 R2 


Figure 8.55: State Variable Filter 


Since all parameters of the state variable filter can be adjusted independently, component 
spread can be minimized. Also, variations due to temperature and component tolerances 
are minimized. The op amps used in the integrator sections will have the same limitations 
on op amp gain-bandwidth as described in the multiple feedback section. 


Tuning the resonant frequency of a state variable filter is accomplished by varying R4 
and R5. While you don’t have to tune both, if you are varying over a wide range it is 
generally preferable. Holding R1 constant, tuning R2 sets the low-pass gain and tuning 
R3 sets the high-pass gain. Band-pass gain and Q are set by the ratio of R6 & R7. 


Since the parameters of a state variable filter are independent and tunable, it is easy to 
add electronic control of frequency, Q and wo. This adjustment is accomplished by using 
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an analog multiplier, multiplying DACs (MDACs) or digital pots, as shown in one of the 
examples in a later section. For the integrator sections adding the analog multiplier or 
MDAC effectively increases the time constant by dividing the voltage driving the 
resistor, which, in turn, provides the charging current for the integrator capacitor. This in 
effect raises the resistance and, in turn, the time constant. The Q and gain can be varied 
by changing the ratio of the various feedback paths. A digital pot will accomplish the 
same feat in a more direct manner, by directly changing the resistance value. The 
resultant tunable filter offers a great deal of utility in measurement and control circuitry. 
A worked out example is given in Section 8 of this chapter. 
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Biquadratic (Biquad) 


A close cousin of the state variable filter is the biquad as shown in Figure 8.56. The name 
of this circuit was first used by J. Tow in 1968 (Reference 11) and later by L. C. Thomas 
in 1971 (see Reference 12). The name derives from the fact that the transfer function is a 
quadratic function in both the numerator and the denominator. Hence the transfer 
function is a biquadratic function. This circuit is a slight rearrangement of the state 
variable circuit. One significant difference is that there is not a separate high-pass output. 
The band-pass output inverts the phase. There are two low-pass outputs, one in phase and 
one out of phase. With the addition of a fourth amplifier section, high-pass, notch (low- 
pass, standard, and high-pass) and all-pass filters can be realized. The design equations 
for the biquad are given in Figure 8.74. 


LP OUT 
(OUT OF 
PHASE) 


LP OUT 
(IN PHASE) 


Figure 8.56: Biquad Filter 


Referring to Figure 8.74, the all-pass case of the biquad, R8 = R9/2 and R7 = R9. This is 
required to make the terms in the transfer function line up correctly. For the high-pass 
output, the input, band-pass, and second low-pass outputs are summed. In this case the 
constraints are that Rl = R2 = R3 and R7 = R8=R9. 


Like the state variable, the biquad filter is tunable. Adjusting R3 will adjust the Q. 
Adjusting R4 will set the resonant frequency. Adjusting R1 will set the gain. Frequency 
would generally be adjusted first followed by Q and then gain. Setting the parameters in 
this manner minimizes the effects of component value interaction. 
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Dual Amplifier Band-Pass (DAPB) 


The dual amplifier band-pass filter structure is useful in designs requiring high Qs and 
high frequencies. Its component sensitivity is small, and the element spread is low. A 
useful feature of this circuit is that the Q and resonant frequency can be adjusted more or 
less independently. 


Referring to Figure 8.57 below, the resonant frequency can be adjusted by R2. R1 can 
then be adjusted for Q. In this topology it is useful to use dual op amps. The match of the 
two op amps will lower the sensitivity of Q to the amplifier parameters. 


Figure 8.57: Dual Amplifier Band-Pass Filter 


It should be noted that the DABP has a gain of 2 at resonance. If lower gain is required, 
resistor Rl may be split to form a voltage divider. This is reflected in the addendum to 
the design equations of the DABP, Figure 8.75. 
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Twin T Notch 


The twin T is widely used as a general purpose notch circuit as shown in Figure 8.58. 
The passive implementation of the twin T (i.e. with no feedback) has a major 
shortcoming of having a Q that is fixed at 0.25. This issue can be rectified with the 
application of positive feedback to the reference node. The amount of the signal 
feedback, set by the R4/R5 ratio, will determine the value of Q of the circuit, which, in 
turn, determines the notch depth. For maximum notch depth, the resistors R4 and RS and 
the associated op amp can be eliminated. In this case, the junction of C3 and R3 will be 
directly connected to the output. 


Figure 8.58: Twin-T Notch Filter 


Tuning is not easily accomplished. Using standard 1% components a 60 dB notch is as 
good as can be expected, with 40 dB to 50 dB being more typical. 


The design equations for the Twin T are given in Figure 8.76. 
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Bainter Notch 


A simple notch filter is the Bainter circuit (see Reference 21). It is composed of simple 
circuit blocks with two feedback loops as shown in Figure 8.59. Also, the component 
sensitivity is very low. 


This circuit has several interesting properties. The Q of the notch is not based on 
component matching as it is in every other implementation, but is instead only dependant 
on the gain of the amplifiers. Therefore, the notch depth will not drift with temperature, 
aging and other environmental factors. The notch frequency may shift, but not the depth. 


Figure 8.59: Bainter Notch Filter 


Amplifier open loop gain of 10‘ will yield a Q, of > 200. It is capable of orthogonal 
tuning with minimal interaction. R6 tunes Q and R1 tunes wz. Varying R3 sets the ratio 
of @o/@z produces lowpass notch (R4 > R3), notch (R4 = R3) or highpass notch (R4 < 
R3). 


The design equations of the Bainter circuit are given in Figure 8.77. 
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Boctor Notch 


The Boctor circuits (see References 22, 23), while moderately complicated, uses only one 
op amp. Due to the number of components, there is a great deal of latitude in component 
selection. These circuits also offer low sensitivity and the ability to tune the various 
parameters more or less independently. 


Figure 8.60: Boctor Low-Pass Notch Filter 


There are two forms, a low-pass notch (Figure 8.60 above) and a high-pass notch (Figure 
8.61 below). For the low-pass case, the preferred order of adjustment is to tune @o with 


R4, then Qo with R2, next Q, with R3 and finally , with R1. 
In order for the components to be realizable we must define a variable, k1, such that: 


2 
Oo <k1l<1 Eq. 8-94 
O, 


The design equations are given in Figure 8.78 for the low-pass case and in Figure 8.79 
for the high-pass case. 
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OUT 


Figure 8.61: Boctor High-Pass Filter 


In the high-pass case circuit gain is require and it applies only when 


Eq. 8-95 


but a high-pass notch can be realized with one amplifier and only two capacitors, which 
can be the same value. The pole and zero frequencies are completely independent of the 
amplifier gain. The resistors can be trimmed so that even 5% capacitors can be used. 
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"1 — Bandpass" Notch 


As mentioned in the state variable and biquad sections, a notch filter can be built as 
1 - BP. The band-pass section can be any of the all pole band-pass realizations discussed 
above, or any others. Keep in mind whether the band-pass section is inverting as shown 
in Figure 8.62 (such as the multiple feedback circuit) or noninverting as shown in 
Figure 8.63 (such as the Sallen-Key), since we want to subtract, not add, the band-pass 
output from the input. 


R/2 


OUT 


- 


Figure 8.63: 1 — BP Filter for Noninverting Band-Pass Configurations 


It should be noted that the gain of the band-pass amplifier must be taken into account in 
determining the resistor values. Unity gain band-pass would yield equal values. 
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First Order All-Pass 


The general form of a first order all-pass filter is shown in Figure 8.64. If the function is 
a simple RC high-pass (Figure 8.64A), the circuit will have a have a phase shift that goes 
from —180° at 0 Hz. and 0°at high frequency. It will be —90° at m = 1/RC. The resistor 
may be made variable to allow adjustment of the delay at a particular frequency. 


Figure 8.64: First Order All-Pass Filters 


If the function is changed to a low-pass function (Figure 8.64B), the filter is still a first 
order all-pass and the delay equations still hold, but the signal is inverted, changing from 
0° at dc to —180° at high frequency. 
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Second Order All-Pass 
A second order all-pass circuit shown in Figure 8.65 was first described by Delyiannis 


(see Reference 17). The main attraction of this circuit is that it only requires one op amp. 
Remember also that an all-pass filter can also be realized as 1 — 2BP. 


IN R1 R1 OUT IN R1 R1 OUT 


(A) (B) 
Figure 8.65: Second Order All-Pass Filter 


We may use any of the all pole realizations discussed above to build the filter, but you 
need to be aware of whether the BP inverts the phase or not. We must also be aware that 
the gain of the BP section must be 2. To this end, the DABP structure is particularly 
useful, since its gain is fixed at 2. 


Figures 8.66 through 8.81 following summarize design equations for various active filter 
realizations. In all cases, H, ®., Q, and @ are given, being taken from the design tables. 
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SINGLE POLE 


LOWPASS HIGHPASS 


V. sC R 
<i. = Van SORT 
Vin sCR+1 IN s 
1 1 
F.= F.= 
° IAnRC ? 2n RC 
= IN ¢) Rin Rf 
Rf 
OUT 
IN Rin 
OUT 
Vv Rf 1 Vv Rf _sCRl 
al | a We 
Vin in sCR2+4+1 Vin Rin sCRI +1 
H __ Rf Hy=- 
° Rin ” 
° An RFC 2x Rin C 


Figure 8.66: Single-Pole Filter Design Equations 
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SALLEN-KEY LOWPASS 


| R1 C1 
IN ie 


R2 
C2 
+H @,” L R3 
5? +O Wy $+ Wy? nS 
1 
z RI R2 C1 C2 


TE ele pai a 
: alt R2) Cl R2C2] RIR2C1C2 


CHOOSE: Cl R3 


Figure 8.67: Sallen-Key Low-Pass Design Equations 
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SALLEN-KEY HIGHPASS 
C1 R41 
IN Oo— OUT 
C2 
R2 
__+Hs? R3 
s* + Wy S + Wy” sd 
: 
vo _ Hs 
IN C2 Cl 
52 + §[ R2 R2 + (WRT a or 
———"a¢p | RIR2CIC2 
CHOOSE: Cl R3 
THEN: k=22F)Cl ra — R3 
(H-1) 
C2 = Cl 
Ry at V oa? + (H-1) 
4k 
R2 = 4 «4 


a+ V a? + (H-1) 


Figure 8.68: Sallen-Key High-Pass Design Equations 
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SALLEN-KEY BANDPASS 


nl 


+H ®, s 
a 9 
s* +A Ms + Wy 


1 
Hig 
R1C2 
PINS ge _. 
V 
IN a5). ee a Wr RI+R2 
R3 RI R2__R2 R3C1C2\ RIR2 
Cl C2 
CHOOSE: Cl RA 
THEN k=27F Cl RS = R4 
c2=+c1 = 
2 
2 
RI=— 
ae 
Re ak 
4 
R3= = 
1 1 
H=1+(65-+ 
3 (65-5 


Figure 8.69: Sallen-Key Band-Pass Design Equations 
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MULTIPLE FEEDBACK LOWPASS 


-H @,2 
2 2 
s? +A W)st 


a 
Va, R1 R3 C2 C5 
Vin 1 {1 1 1 1 
24+ 5§—(-—— += +—) +———_- 
ST SoolR1 RB Ra) +23 R4 C265 
CHOOSE: C5 


THEN: k=22F,C5 


4 
Ce 7 (B41) O 


OQ 
R1= 
2Hk 
OQ 
R3 =————_ 
2(H+1)k 
OQ 
ue. 


Figure 8.70: Multiple Feedback Low-Pass Design Equations 
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MULTIPLE FEEDBACK HIGHPASS 


OUT 


C4 R5 


R2 
-H s? 
S* +O Wy $+ Wo? 

ao Cl 

Vor. C4 

Vin 2 gg (el CO ECY) 1 

C3 C4 R5 R2 R5 C3 C4 
CHOOSE: Cl 


COCO H OOOO OOOO EEE EE EE EEE EEO OE EE OOH OO OE OE OOOO EOE E EH EE EE OE OE OOOOH EE OE ELE LOEEOOE 


C3= Cl 
Cl 
> ae 
R2= a 
pe 
1 
H 2+) 
R5 = = 
ak 


Figure 8.71: Multiple Feedback High-Pass Design Equations 
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OUT 


C4 RS 


C3 


R2 


-H as 
s? +a @,8+ 0,2 
0 0 


1 


-§ 
V _ R1 C4 
Vin gy gl Or) + saat zw) 
C3 C4 R5 R5 = C4 
CHOOSE C3 


COCO e eee HSE EE HEE HEE EOE EEE E EEE HEE E EEO SEE E EEE HEHE ELE HELE EEE LELELELOE®S 


C4= C3 
__1 

aaa 
i 
(2Q-H)k 
_ 2Q 

Ras 


Figure 8.72: Multiple Feedback Band-Pass Design Equations 
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STATE VARIABLE (A) 


R2 
Arp (s=0) =" Ry CHOOSE R1: 
es R2=A,pRI 
Aup (6= 00) ~ Ry R3 = App RI 
Ae | R3 
: R2 R4 R5 Cl C2 CHOOSE C: 
1 Tea 
LET R4= R5=R,C1=C2=C R= 5 VEE 
Tig LP 
SEE — CHOOSE R7: 
App (s=@ 9) a 1 1 1 R6= 1 
RI Ga R2 33) R7 VR2R3 Qf 1,1 1 
RI. R2° R3 


Figure 8.73A: State Variable Design Equations 
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STATE VARIABLE (B) 


FOR NOTCH: 
R8 R10 
HP OUT NOTCH OUT 
he @,* _R9 
LP OUT ee ee 


CHOOSE R10: 
FOR 7 <@ 9: R9=R10 
2 


R8=—2- R10 
Wz 


FOR @7 > @p: R&=RI10 


2 
@ 
ne me R9=—% R10 
BP OUT NOTCH OUT Wo 
RQ 
INPUT 


CHOOSE R10: 
R8=R9=RI11=R10 


Figure 8.73B: State Variable Design Equations 
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STATE VARIABLE (C) 


ALLPASS 


R8 R10 
INPUT AP OUT 


R9 
BP OUT 


H=1 
R8& = R10 
R9 = R8/2 


Figure 7-73C: State Variable Design Equations 
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BIQUADRATIC (A) 


tis R1 


IN 


CHOOSE C, R2, R5 
C1=C2=C 


R2 
Rl="G 


HIGHPASS 


R7 R10 
INPUT HP OUT 


R8 
BP OUT R7=R8=R9=R 


RQ _R 
LP2 OUT R10 = H 


Figure 8.74A: Biquad Design Equations 
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BIQUADRATIC (B) 


NOTCH 
R7 RQ 
BP OUT NOTCH OUT 
R8 
INPUT 
H=1 
R7 = R8=R9 
ALLPASS 
R7 RQ 
INPUT AP OUT 
R8 
BP OUT 
H=1 
R7=R9 
R8 = R7/2 


Figure 8.74B: Biquad Design Equations 
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DUAL AMPLIFIER BANDPASS 


© OUT 


+H Wo S 


s* + O Wy $+ Wy” 


IN 
ca | = 
L i Vo _ RIC 
Pa eeecaanccerseseeeseeaucees) Vin 52 +5 ft a en 
RIC R2R3C? 
CHOOSE: C R4 
cian od R5=R4 
27 FC 
R1= QR 
R2=R3=R 
FOR GAINS LESS THAN 2 (GAIN = Ay): 
iia el “IN 
V 
_ RIA Ay 
RIB= 3 


Figure 8.75: Dual Amplifier Band-Pass Design Equations 
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TWIN T NOTCH 


IN 
OUT 
s? + Wy” 
RE s* + 4@9(1-K)s + @o? 
Vin paced 1g 1 a 4 ail. 
RC "R4+R5 J°" RC 
CHOOSE: C R’ 
k=2nF,C R4=(1-K)R’ 
cpl R5=KR’ 
k 
R= RI=R2=2R3 1 
C3 ee ery 
C= Cl=C2= > 4Q 
1 for K = 1, eliminate R4 and R5 
Fo = —mRC (i.e RS> 0, Q> «) 


for R >> R4, eliminate buffer 


Figure 8.76: Twin-T Notch Design Equations 
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BAINTER NOTCH 


H (37+ @,?) 


s? + os + Wy 


CHOOSE C1, R1,R7,K1, K2 


C2=C1=C 
k=2nFoC 
R2=K1* Rl 
a =a) 
_ Kil 
RO 2Z0k 


Figure 8.77: Bainter Notch Design Equations 
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K2 * [ s2+ 


24 (R5+RO6) 


R8 =(K2~—1)R7 


R5R6@2 ° 


Kl 


R3 R5 Cl C2 


K2 


R4R5 Cl C2 
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BOCTOR NOTCH 
LOWPASS 


R1 + (R2||R4) + R6 
RI (R2|[R4) R6 Cl C2 


1 
24 —s ne + ——_——_- 
: € C2 * (R2IR4) =) R4 R6 Cl C2 


GIVEN @, 7, Qo 
CHOOSE R6 R5 Cl 


1 RS 2o) 
R4= ——— R5 
@y C1 2Q, 
_ R4R6 2 RA 
ST: C2=40;— Cl 
Ri- +(®6 ‘R6_@,? -1) 
R4 0/7” 


Figure 8.78: Boctor Notch, Low-Pass, Design Equations 
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BOCTOR NOTCH 
HIGHPASS (A) 


H (s?+@,”) 


s? + os + @,? 


OUT 


0s -— pa 
fee 
(E) mae) 
Vour _ R4 SRI R2 CI C2 
V 
IN o+ | gta(i- eke). | 
Regi Cl RI R2 Raor Rens Cl C2 
WHERE: Reqi = RI || R3 || R6 
Req2 = R2 + (R4 || R5) 
GIVEN: F, Fy H or 


Figure 8.79A: Boctor Notch, High- Pass, Design Equations 
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BOCTOR NOTCH 
HIGHPASS (B) 


GIVEN: C, R2, R3 


CL=C2 = 

1 
CY 2n Fy 
Rego = oe Regi 


H 
R4 = Reg — R2 (+) 


Reo 7 


R5 =(H-1) R4 

- 1 

~ (Qn Fy)? R2 C2 
R6 =REQI 


Figure 8.79-B: Boctor Notch, High-Pass, Design Equations (continued) 
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FIRST ORDER ALLPASS 


R1 R1 
IN OUT 
So eo c 
Vo _ RC 
Vin s+ = 
RC = 


PHASE SHIFT ($) = -2 TAN! (RE 
27F 


2RC 
(2nFRC?+1 


DELAY AT DC =2RC 


GROUP DELAY = 


GIVEN A PHASE SHIFT OF 6 AT A FREQUENCY =F 


RC=2nFTAN(-$) 


IN © () OUT 


DESIGN AS ABOVE EXCEPT 
THE SIGN OF THE PHASE CHANGES il c 


Figure 8.80: First Order All-Pass Design Equations 
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SECOND ORDER ALLPASS 


Cc 


San Coxe oe 
Mi! RC) * RIR2C 
Wis pe ON 
eas + ———___ 
" (Ec) RIR2C@ 
CHOOSE: C 
k=22F)C 
_ 2Q 
R2=—= 
a 
RI=74G 
R3=R1 
_Q 
R4=5 


Figure 8.81: Second Order All-Pass Design Equation 
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Notes: 
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SECTION 8.7: PRACTICAL PROBLEMS IN FILTER 
IMPLEMENTATION 


In the previous sections filters were dealt with as mathematical functions. The filter 
designs were assumed to have been implemented with "perfect" components. When the 
filter is built with real-world components design tradeoffs must typically be made. 


In building a filter with an order greater the two, multiple second and/or first order 
sections are used. The frequencies and Qs of these sections must align precisely or the 
overall response of the filter will be affected. For example, the antialiasing filter design 
example in the next section is a 5'"-order Butterworth filter, made up of a second order 
section with a frequency (Fo) = 1 and a Q = 1.618, a second order section with a 
frequency (Fo) = | and a Q = 0.618, and a first order section with a frequency (Fo) = | 
(for a filter normalized to 1 rad/sec). If the Q or frequency response of any of the sections 
is off slightly, the overall response will deviate from the desired response. It may be 
close, but it won't be exact. As is typically the case with engineering, a decision must be 
made as to what tradeoffs should be made. For instance, do we really need a particular 
response exactly? Is there a problem if there is a little more ripple in the pass-band? Or if 
the cutoff frequency is at a slightly different frequency? These are the types of questions 
that face a designer, and will vary from design to design. 


Passive Components (Resistors, Capacitors, Inductors) 


Passive components are the first problem. When designing filters, the calculated values 
of components will most likely not available commercially. Resistors, capacitors, and 
inductors come in standard values. While custom values can be ordered, the practical 
tolerance will probably still be + 1% at best. An alternative is to build the required value 
out of a series and/or parallel combination of standard values. This increases the cost and 
size of the filter. Not only is the cost of components increased, so are the manufacturing 
costs, both for loading and tuning the filter. Furthermore, success will be still limited by 
the number of parts that are used, their tolerance, and their tracking, both over 
temperature and time. 


A more practical way is to use a circuit analysis program to determine the response using 
standard values. The program can also evaluate the effects of component drift over 
temperature. The values of the sensitive components are adjusted using parallel 
combinations where needed, until the response is within the desired limits. Many of the 
higher end filter CAD programs include this feature. 


The resonant frequency and Q of a filter are typically determined by the component 
values. Obviously, if the component value is drifting, the frequency and the Q of the filter 
will drift which, in turn, will cause the frequency response to vary. This is especially true 
in higher order filters. 
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Higher order implies higher Q sections. Higher Q sections means that component values 
are more critical, since the Q is typically set by the ratio of two or more components, 
typically capacitors. 


In addition to the initial tolerance of the components, you must also evaluate effects of 
temperature/time drift. The temperature coefficients of the various components may be 
different in both magnitude and sign. Capacitors, especially, are difficult in that not only 
do they drift, but the temperature coefficient (TC) is also a function of temperature, as 
shown in Figure 8.82. This represents the temperature coefficient of a (relatively) poor 
film capacitor, which might be typical for a polyester or polycarbonate type. Linear TC in 
film capacitors can be found in the polystyrene, polypropylene, and Teflon dielectrics. In 
these types TC is on the order of 100 ppm/°C to 200 ppm/°C, and if necessary, this can 
be compensated with a complementary TC elsewhere in the circuit. 


Lu 
ro} A 
Zz 
<x 
= ot 
oO 
Lu 
2 
al 
E 
< 
Qa --27 
< 
oO 
xe 


-55 -25 0 25 50 75 100 125 
TEMPERATURE (°C) 


Figure 8.82: A Poor Film Capacitor Temperature Coefficient 


The lowest TC dielectrics are NPO (or COG) ceramic (+30 ppm/°C), and polystyrene 
(—120 ppm/°C). Some capacitors, mainly the plastic film types, such as polystyrene and 
polypropylene, also have a limited temperature range. 


While there is infinite choice of the values of the passive components for building filters, 
in practice there are physical limits. Capacitor values below 10 pF and above 10 uF are 
not practical. Electrolytic capacitors should be avoided. Electrolytic capacitors are 
typically very leaky. A further potential problem is if they are operated without a 
polarizing voltage, they become nonlinear when the ac voltage reverse biases them. Even 
with a de polarizing voltage, the ac signal can reduce the instantaneous voltage to 0 V or 
below. Large values of film capacitors are physically very large. 


Resistor values of less than 100 Q should be avoided, as should values over 1 MQ. Very 
low resistance values (under 100 Q) can require a great deal of drive current and 
dissipate a great deal of power. Both of these should be avoided. And low values and 
very large values of resistors may not be as readily available. Very large values tend to be 
more prone to parasitics since smaller capacitances will couple more easily into larger 
impedance levels. Noise also increases with the square root of the resistor value. Larger 


8.110 


ANALOG FILTERS 
PRACTICAL PROBLEMS IN FILTER IMPLEMENTATION 


value resistors also will cause larger offsets due to the effects of the amplifier bias 
currents. 


Parasitic capacitances due to circuit layout and other sources affect the performance of 
the circuit. They can form between two traces on a PC board (on the same side or 
opposite side of the board), between leads of adjacent components, and just about 
everything else you can (and in most cases can't) think of. These capacitances are usually 
small, so their effect is greater at high impedance nodes. Thus, they can be controlled 
most of the time by keeping the impedance of the circuits down. Remember that the 
effects of stray capacitance are frequency dependent, being worse at high frequencies 
because the impedance drops with increasing frequency. 


Parasitics are not just associated with outside sources. They are also present in the 
components themselves. 


A capacitor is more than just a capacitor in most instances. A real capacitor has 
inductance (from the leads and other sources) and resistance as shown in Figure 8.83. 
This resistance shows up in the specifications as leakage and poor power factor. 
Obviously, we would like capacitors with very low leakage and good power factor (see 
Figure 8.84). 


In general, it is best to use plastic film (preferably Teflon or polystyrene) or mica 
capacitors and metal film resistors, both of moderate to low values in our filters. 
IDEAL CAPACITOR 


o—|-—0 


MOST GENERAL MODEL OF A REAL CAPACITOR 
O-4-W | 9-0 
| 
I] 


Nr 


LEAKAGE CURRENT MODEL HIGH FREQUENCY MODEL 
|| 
| 


ote, Wee er eal oy 


HIGH CURRENT MODEL DIELECTRIC ABSORPTION (DA) MODEL 


oO—w— +o 


Figure 8.83: Capacitor Equivalent Circuit 


One way to reduce component parasitics is to use surface mounted devices. Not having 
leads means that the lead inductance is reduced. Also, being physically smaller allows 
more optimal placement. A disadvantage is that not all types of capacitors are available 
in surface mount. Ceramic capacitors are popular surface mount types, and of these, the 
NPO family has the best characteristics for filtering. Ceramic capacitors may also be 
prone to microphonics. Microphonics occurs when the capacitor turns into a motion 
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sensor, similar to a strain gauge, and turns vibration into an electrical signal, which is a 


form of noise. 


Resistors also have parasitic inductances due to leads and parasitic capacitance. The 
various qualities of resistors are compared in Figure 8.85 


DISCRETE 


NETWORKS 
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TYPE 


Carbon 
Composition 


Wirewound 


Metal Film 


Bulk Metal or 
Metal Foil 


High Mega 


Ohm 


Thick Film 


Thin Film 


ADVANTAGES 


Lowest Cost 
High Power/Small Case Size 
Wide Range of Values 


Excellent Tolerance (0.01%) 
Excellent TC (1 ppm/°C) 
High Power 


Good Tolerance (0.1%) 
Good TC (<1 to 100 ppm/°C) 
Moderate Cost 

Wide Range of Values 

Low Voltage Coefficient 


Excellent Tolerance (to 0.005%) 
Excellent TC (to <1 ppm/°C) 
Low Reactance 

Low Voltage Coefficient 


Very High Values (108 Q to 
10!4Q) 
Only Choice for Some Circuits 


Low Cost 

High Power 
Laser-Trimmable 
Readily Available 


Good Matching (<0.01%) 

Good TC (<100 ppm/°C) 

Good Tracking TC (2 ppm/°C) 
Moderate Cost 
Laser-Trimmable 

Low Capacitance 

Suitable for Hybrid IC Substrate 


DISADVANTAGES 


Poor Tolerance (5%) 
Poor Temperature Coefficient 
(1500 ppm/°C) 


Reactance is a Problem 
Large Case Size 
Most Expensive 


Must be Stabilized with Burn-In 
Low Power 


Low Power 
Very Expensive 


High Voltage Coefficient 
(200 ppm/V) 

Fragile Glass Case (Needs 
Special Handling) 
Expensive 


Fair Matching (0.1%) 
Poor TC (+100 ppm/°C) 
Poor Tracking TC (10 ppm/°C) 


Often Large Geometry 
Limited Values and 
Configurations 


Figure 8.84: Resistor Comparison Chart 
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CAPACITOR COMPARISON CHART 


TY TYPICAL DA | ADVANTAGES DISADVANTAGES 


PE 
Polystyrene 
Polypropylene 0.001% 
to 
0.02% 


_ 
Polyester 0.3% 

t 

0.5% 

> 


>0.003% 
Very high 
Very high 


Figure 8.85: Capacitor Comparison Chart 


l 
0 
0 


Monolithic 
Ceramic 
(High K) 


Aluminum 


Electrolytic 


Tantalum 
Electrolytic 


Inexpensive 
Low DA 
Good stability 
(~120ppm/°C) 


Inexpensive 

Low DA 

Stable (~200ppm/°C) 
Wide range of values 


Low DA available 

Good stability 

Operational above +125 °C 
Wide range of values 


Good stability 

Low cost 

Wide temperature range 
Wide range of values 


Moderate stability 

Low cost 

Wide temperature range 
Low inductance (stacked 
film) 


Small case size 
Inexpensive, many vendors 
Good stability (30ppm/°C) 
1% values available 

Low inductance (chip) 


Low inductance (chip) 
Wide range of values 


Low loss at HF 
Low inductance 
Good stability 

1% values available 


Large values 
High currents 
High voltages 
Small size 


Small size 
Large values 
Medium inductance 


Damaged by temperature > +85°C 
Large 

High inductance 

Vendors limited 


Damaged by temperature > +105°C 
Large 
High inductance 


Expensive 
Large 
High inductance 


Large 
DA limits to 8-bit applications 
High inductance 


Large 
DA limits to 8-bit applications 
High inductance (conventional) 


DA generally low (may not be 
specified) 
Low maximum values ( 10nF) 


Poor stability 
Poor DA 
High voltage coefficient 


Quite large 
Low maximum values ( 10nF) 
Expensive 


High leakage 

Usually polarized 

Poor stability, accuracy 
Inductive 


High leakage 

Usually polarized 
Expensive 

Poor stability, accuracy 
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Limitations of Active Elements (Op Amps) in Filters 


The active element of the filter will also have a pronounced effect on the response. 
In developing the various topologies (Multiple Feedback, Sallen-Key, State Variable, 
etc.), the active element was always modeled as a "perfect" operational amplifier. That is 
to say it has: 

1) infinite gain 

2) infinite input impedance 

3) zero output impedance 


none of which vary with frequency. While amplifiers have improved a great deal over the 
years, this model has not yet been realized. 


The most important limitation of the amplifier has to due with its gain variation with 
frequency. All amplifiers are band limited. This is due mainly to the physical limitations 
of the devices with which the amplifier is constructed. Negative feedback theory tells us 
that the response of an amplifier must be first order (-6 dB per octave) when the gain 
falls to unity in order to be stable. To accomplish this, a real pole is usually introduced in 
the amplifier so the gain rolls off to <1 by the time the phase shift reaches 180° (plus 
some phase margin, hopefully). This roll off is equivalent to that of a single-pole filter. 
So in simplistic terms, the transfer function of the amplifier is added to the transfer 
function of the filter to give a composite function. How much the frequency dependent 
nature of the op amp affects the filter is dependent on which topology is used as well as 
the ratio of the filter frequency to the amplifier bandwidth. 


The Sallen-Key configuration, for instance, is the least dependent on the frequency 
response of the amplifier. All that is required is for the amplifier response to be flat to 
just past the frequency where the attenuation of the filter is below the minimum 
attenuation required. This is because the amplifier is used as a gain block. Beyond cutoff, 
the attenuation of the filter is reduced by the rolloff of the gain of the op amp. This is 
because the output of the amplifier is phase shifted, which results in incomplete nulling 
when fed back to the input. There is also an issue with the output impedance of the 
amplifier rising with frequency as the open loop gain rolls off. This causes the filter to 
lose attenuation. 


The state variable configuration uses the op amps in two modes, as amplifiers and as 
integrators. As amplifiers, the constraint on frequency response is basically the same as 
for the Sallen-Key, which is flat out to the minimum attenuation frequency. As an 
integrator, however, more is required. A good rule of thumb is that the open-loop gain of 
the amplifier must be greater than 10 times the closed-loop gain (including peaking from 
the Q of the circuit). This should be taken as the absolute minimum requirement. What 
this means is that there must be 20 dB loop gain, minimum. Therefore, an op amp with 
10 MHz unity gain bandwidth is the minimum required to make a 1 MHz integrator. 
What happens is that the effective Q of the circuit increases as loop gain decreases. This 
phenomenon is called Q enhancement. The mechanism for Q enhancement is similar to 
that of slew rate limitation. Without sufficient loop gain, the op amp virtual ground is no 
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longer at ground. In other words, the op amp is no longer behaving as an op amp. 
Because of this, the integrator no longer behaves like an integrator. 

The multiple feedback configuration also places heavy constraints on the active element. 
Q enhancement is a problem in this topology as well. As the loop gain falls, the Q of the 
circuit increases, and the parameters of the filter change. The same rule of thumb as used 
for the integrator also applies to the multiple feedback topology (loop gain should be at 
least 20 dB). The filter gain must also be factored into this equation. 


In the FDNR realization, the requirements for the op amps are not as clear. To make the 
circuit work, we assume that the op amps will be able to force the input terminals to be 
the same voltage. This implies that the loop gain be a minimum of 20 dB at the resonant 
frequency. 


Also it is generally considered to be advantageous to have the two op amps in each leg 
matched. This is easily accomplished using dual op amps. It is also a good idea to have 
low bias current devices for the op amps, so FET input op amps should be used, all other 
things being equal. 


In addition to the frequency dependent limitations of the op amp, several others of its 
parameters may be important to the filter designer. 


One is input impedance. We assume in the "perfect" model that the input impedance is 
infinite. This is required so that the input of the op amp does not load the network around 
it. This means that we probably want to use FET amplifiers with high impedance circuits. 


There is also a small frequency dependent term to the input impedance, since the 
effective impedance is the real input impedance multiplied by the loop gain. This usually 
is not a major source of error, since the network impedance of a high frequency filter 
should be low. 


Distortion Resulting from Input Capacitance Modulation 


Another subtle effect can be noticed with FET input amps. The input capacitance of a 
FET changes with the applied voltage. When the amplifier is used in the inverting 
configuration, such as with the multiple feedback configuration, the applied voltage is 
held to 0 V. Therefore there is no capacitance modulation. However, when the amplifier 
is used in the noninverting configuration, such as in the Sallen-Key circuit, this form of 
distortion can exist. 


There are two ways to address this issue. The first is to keep the equivalent impedance 
low. The second is to balance the impedance seen by the inputs. This is accomplished by 
adding a network into the feedback leg of the amplifier which is equal to the equivalent 
input impedance. Note that this will only work for a unity gain application. 
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As an example, which is taken from the OP176 data sheet, a 1 kHz high-pass Sallen-Key 
filter is shown (Figure 8.86). Figure 8.87 shows the distortion for the uncompensated 
version (curve Al) as well as with the compensation (curve A2). Also shown is the same 
circuit with the impedances scaled up by a factor of 10 (Bl uncompensated, B2 
compensated). Note that the compensation improves the distortion, but not as much as 
having low impedance to start with. 
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Zcomp i 
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Figure 8.86: Compensation for Input Capacitance Voltage Modulation 
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Figure 8.87: Distortion Due to Input Capacitance Modulation 


8.116 


ANALOG FILTERS 
PRACTICAL PROBLEMS IN FILTER IMPLEMENTATION 


Similarly, the op amp output impedance affects the response of the filter. The output 
impedance of the amplifier is divided by the loop gain, therefore the output impedance 
will rise with increasing frequency. This may have an effect with high frequency filters if 
the output impedance of the stage driving the filter becomes a significant portion of the 
network impedance. 


The fall of loop gain with frequency can also affect the distortion of the op amp, since 
there is less loop gain available for correction. In the multiple feedback configuration the 
feedback loop is also frequency dependent, which may further reduce the feedback 
correction, resulting in increased distortion. This effect is counteracted somewhat by the 
reduction of distortion components in the filter network (assuming a low-pass or band- 
pass filter). 


All of the discussion so far is based on using classical voltage feedback op amps. Current 
feedback, or transimpedance, op amps offer improved high frequency response, but are 
unusable in any topologies discussed except the Sallen-Key. The problem is that 
capacitance in the feedback loop of a current feedback amplifier usually causes it to 
become unstable. Also, most current feedback amplifiers will only drive a small 
capacitive load. Therefore, it is difficult to build classical integrators using current 
feedback amplifiers. Some current feedback op amps have an external pin that may be 
used to configure them as a very good integrator, but this configuration does not lend 
itself to classical active filter designs. 


Current feedback integrators tend to be noninverting, which is not acceptable in the state 
variable configuration. Also, the bandwidth of a current feedback amplifier is set by its 
feedback resistor, which would make the Multiple Feedback topology difficult to 
implement. Another limitation of the current feedback amplifier in the Multiple Feedback 
configuration is the low input impedance of the inverting terminal. This would result in 
loading of the filter network. Sallen-Key filters are possible with current feedback 
amplifiers, since the amplifier is used as a noninverting gain block. New topologies that 
capitalize on the current feedback amplifiers superior high frequency performance and 
compensate for its limitations will have to be developed. 


Q Peaking and Q Enhancement 


The last thing that you need to be aware of is exceeding the dynamic range of the 
amplifier. Qs over 0.707 will cause peaking in the response of the filter (see Figures 8.5 
through 8.7). For high Q's, this could cause overload of the input or output stages of the 
amplifier with a large input. Note that relatively small values of Q can cause significant 
peaking. The Q times the gain of the circuit must stay under the loop gain (plus some 
margin, again, 20 dB is a good starting point). This holds for multiple amplifier 
topologies as well. Be aware of internal node levels, as well as input and output levels. 
As an amplifier overloads, its effective Q decreases, so the transfer function will appear 
to change even if the output appears undistorted. This shows up as the transfer function 
changing with increasing input level. 
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We have been dealing mostly with low-pass filters in our discussions, but the same 
principles are valid for high-pass, band-pass, and band-reject as well. In general, things 
like Q enhancement and limited gain/bandwidth will not affect high-pass filters, since the 
resonant frequency will hopefully be low in relation to the cutoff frequency of the op 
amp. Remember, though, that the high-pass filter will have a low-pass section, by default, 
at the cutoff frequency of the amplifier. Band-pass and band-reject (notch) filters will be 
affected, especially since both tend to have high values of Q. 


The general effect of the op amp's frequency response on the filter Q is shown in Figure 
8.88. 


Figure 8.88: Q Enhancement 
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Figure 8.89: 1 kHz Multiple Feedback Band-Pass Filter 


As an example of the Q enhancement phenomenon, consider the Spice simulation of a 
10 kHz band-pass multiple feedback filter with Q = 10 and gain = 1, using a good high 
frequency amplifier (the AD847) as the active device. The circuit diagram is shown in 
Figure 8.89. The open-loop gain of the AD847 is greater than 70 dB at 10 kHz as shown 
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in Figure 8.91(A). This is well over the 20 dB minimum, so the filter works as designed 
as shown in Figure 8.90. 


We now replace the AD847 with an OP-90. The OP-90 is a de precision amplifier and so 
has a limited bandwidth. In fact, its open-loop gain is less than 10 dB at 10 kHz (see 
Figure 8.91(B)). This is not to imply that the AD847 is in all cases better than the OP-90. 
It is a case of misapplying the OP-90. 


From the output for the OP-90, also shown in Figure 8.90, we see that the magnitude of 
the output has been reduced, and the center frequency has shifted downward. 
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Figure 8.90: Effects of "Q Enhancement" 
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Figure 8.91: AD847 and OP-90 Bode Plots 
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SECTION 8.8: DESIGN EXAMPLES 


Several examples will now be worked out to demonstrate the concepts previously 
discussed 


Antialias Filter 

As an example, passive and active antialias filters will now be designed based upon a 
common set of specifications. The active filter will be designed in four ways: Sallen-Key, 
Multiple Feedback, State Variable, and Frequency Dependent Negative Resistance 
(FDNR). 


The specifications for the filter are given as follows: 


1) The cutoff frequency will be 8 kHz. 

2) The stopband attenuation will be 72 dB. This corresponds to a 12 bit 
system. 

3) Nyquist frequency of 50 kSPS. 

4) The Butterworth filter response is chosen in order to give the best 
compromise between attenuation and phase response. 


RESPONSE (dB) 


0.1 0.2 . 0.4 . 0.8 1.1 2.0 . 4.0 . 8.0 10 
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Figure 8.92: Determining Filter Order 
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Consulting the Butterworth response curves (Figure 8.14, reproduced above in 
Figure 8.92), we see that for a frequency ratio of 6.25 (50 kSPS/8 kSPS), that a filter 
order of 5 is required. 

Now consulting the Butterworth design table (Figure 8.25), the normalized poles of a 5" 
order Butterworth filter are: 


STAGE Fo a 
1 1.000 1.618 
2 1.000 0.618 
3 1000 = ----- 


The last stage is a real (single) pole, thus the lack of an alpha value. It should be noted 
that this is not necessarily the order of implementation in hardware. In general, you 
would typically put the real pole last and put the second order sections in order of 
decreasing alpha (increasing Q) as we have done here. This will avoid peaking due to 
high Q sections possibly overloading internal nodes. Another feature of putting the 
single-pole at the end is to bandlimit the noise of the op amps. This is especially true if 
the single-pole is implemented as a passive filter. 


For the passive design, we will choose the zero input impedance configuration. While 
"classic" passive filters are typically double terminated, that is with termination on both 
source and load ends, we are concerned with voltage transfer not power transfer so the 
source termination will not be used. From the design table (see Reference 2, p. 313), we 
find the normalized values for the filter (see Figure 8.93). 


IN 
1.5451H 1.3820H 0.3090H OUT 


1.6844F 0.8944F 


Figure 8.93: Normalized Passive Filter Implementation 


These values are normalized for a | rad/s filter with a 1 Q termination. To scale the filter 
we divide all reactive elements by the desired cutoff frequency, 8 kHz (= 50265 rad/sec, 
= 2n 8x10°). This is commonly referred to as the frequency scale factor (FSF). We also 
need to scale the impedance. 
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For this example, an arbitrary value of 1000 Q is chosen. To scale the impedance, we 
multiply all resistor and inductor values and divide all capacitor values by this 
magnitude, which is commonly referred to as the impedance scaling factor (Z). 


After scaling, the circuit looks like Figure 8.94. 


IN 30.7mMH 27.5mH 6.15mH OUT 


0.033uF 0.018uF 


Figure 8.94: Passive Filter Implementation 


For the Sallen-Key active filter, we use the design equations shown in Figure 8.49. The 
values for C1 in each section are arbitrarily chosen to give reasonable resistor values. The 
implementation is shown in Figure 8.95. 


2. apa 0.01pF 6. ae 0.01pF ni ae 
1 1 
0. yea 
2.49kQ 6.49kQ 
0. el ol 


Figure 8.95: Sallen-Key Implementation 


The exact values have been rounded to the nearest standard value. For most active 
realization to work correctly, it is required to have a zero-impedance driver, and a return 
path for dc due to the bias current of the op amp. Both of these criteria are approximately 
met when you use an op amp to drive the filter. 


In the above example the single pole has been built as an active circuit. It would have 
been just as correct to configure it as a passive RC filter. The advantage to the active 
section is lower output impedance, which may be an advantage in some applications, 
notably driving an ADC input that uses a switched capacitor structure. 


This type of input is common on sigma delta ADCs as well as many other CMOS type of 


converters. It also eliminates the loading effects of the input impedance of the following 
stage on the passive section. 
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Figure 8.96 shows a multiple feedback realization of our filter. It was designed using the 
equations in Figure 8.52. In this case, the last section is a passive RC circuit. 


Figure 8.96: Multiple Feedback Implementation 


An optional buffer could be added after the passive section, if desired. This would give 
many of the advantages outlined above, except for bandlimiting the noise of the output 
amp. By using one of the above two filter realizations, we have both an inverting and a 
noninverting design. 


The state variable filter, shown in Figure 8.97, was designed with the equations in Figure 
8.55. Again, we have rounded the resistor values to the nearest standard 1% value. 


10kQ 10kQ 


OUT 


Figure 8.97: State Variable Implementation 


Obviously this filter implementation has many more parts than either the Sallen-Key or 
the multiple feedback. The rational for using this circuit is that stability is improved and 
the individual parameters are independently adjustable. 
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The Frequency Dependent Negative Resistance (FDNR) realization of this filter is shown 
in Figure 8.98. 


IN 3.09kQ 2.74kQ 619Q OUT 


= 0.01pF 0.01pF 
YZ L 


Figure 8.98: FDNR Implementation 


In the conversion process from passive to FDNR, the D element is normalized for a 
capacitance of 1 F. We then scale the filter to a more reasonable value (0.01 uF in this 
case). 


In all of the above implementations standard values were used instead of the calculated 
values. Any variation from the ideal values will cause a shift in the filter response 
characteristic, but often the effects are minimal. The computer can be used to evaluate 
these variations on the overall performance and determine if they are acceptable. 


To examine the effect of using standard values, take the Sallen-Key implementation. 
Figure 8.99 shows the response of each of the 3 sections of the filter. While the Sallen- 
Key was the filter used, the results from any of the other implementations will give 
similar results. 


Figure 8.100 then shows the effect of using standard values instead of calculated values. 
Notice that the general shape of the filter remains the same, just slightly shifted in 
frequency. This investigation was done only for the standard value of the resistors. To 
understand the total effect of component tolerance the same type of calculations would 
have to be done for the tolerance of all the components and also for their temperature and 
aging effects. 
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Figure 8.99: Individual Section Response 
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Figure 8.100: Effect of Using Standard Value Resistors 


In active filter applications using op amps, the dc accuracy of the amplifier is often 
critical to optimal filter performance. The amplifier's offset voltage will be passed by the 
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low-pass filter and may be amplified to produce excessive output offset. For low 
frequency applications requiring large value resistors, bias currents flowing through these 
resistors will also generate an output offset voltage. 


In addition, at higher frequencies, an op amp's dynamics must be carefully considered. 


Here, slew rate, bandwidth, and open-loop gain play a major role in op amp selection. 
The slew rate must be fast as well as symmetrical to minimize distortion. 
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Transformations 


In the next example the transformation process will be investigated. 


As mentioned earlier, filter theory is based on a low pass prototype, which is then 
manipulated into the other forms. In these examples the prototype that will be used is a 
1 kHz, 3 pole, 0.5 dB Chebyshev filter. A Chebyshev was chosen because it would show 
more clearly if the responses were not correct, a Butterworth would probably be too 
forgiving in this instance. A 3 pole filter was chosen so that a pole pair and a single-pole 
would be transformed. 


The pole locations for the LP prototype were taken from Figure 8.30. They are: 


STAGE a B Fo ao 
1 0.2683 0.8753 1.0688 0.5861 
2 0.5366 0.6265 


The first stage is the pole pair and the second stage is the single-pole. Note the 
unfortunate convention of using a for 2 entirely separate parameters. The o and B on the 
left are the pole locations in the s-plane. These are the values that are used in the 
transformation algorithms. The a on the right is 1/Q, which is what the design equations 
for the physical filters want to see. 


The Sallen-Key topology will be used to build the filter. The design equations in Figure 
8.67 (pole pair) and Figure 8.66 (single pole) where then used to design the filter. The 
schematic is shown in Figure 8.101. 


0.1pF 
5.08kQ 2.54kQ 


OUT 


0.1pF 


Figure 8.101: Low-Pass Prototype 
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Using the equation string described in Section 8, the filter is now transformed into a high- 
pass filter. The results of the transformation are: 


STAGE a B Fo a 
1 0.3201 1.0443 0.9356 0.5861 
2 1.8636 1.596 


A word of caution is warranted here. Since the convention of describing a Chebyshev 
filter is to quote the end of the error band instead of the 3 dB frequency, the Fo must be 
divided (for high-pass) by the ratio of ripple band to 3 dB bandwidth (Table 1, Section 4). 


The Sallen-Key topology will again be used to build the filter. The design equations in 


Figure 8.68 (pole pair) and Figure 8.66 (single pole) where then used to design the filter. 
The schematic is shown in Figure 8.102. 


0.01pF 4.99kO 0.01 pF 


IN Oo OUT 


0.01pF 
9.97kQ 


58kQ 


Figure 8.102: High-Pass Transformation 


Figure 8.103 shows the response of the low-pass prototype and the high-pass 
transformation. Note that they are symmetric around the cutoff frequency of 1 kHz. Also 
note that the error band is at 1 kHz, not the —3 dB point, which is characteristic of 
Chebyshev filters. 
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Figure 8.103: Low-Pass and High-Pass Response 


The low-pass prototype is now converted to a band-pass filter. The equation string 
outlined in Section 8.5 is used for the transformation. Each pole of the prototype filter 
will transform into a pole pair. Therefore the 3 pole prototype, when transformed, will 
have 6 poles (3 pole pairs). In addition, there will be 6 zeros at the origin. 


Part of the transformation process is to specify the 3 dB bandwidth of the resultant filter. 
In this case this bandwidth will be set to 500 Hz. The results of the transformation yield: 


STAGE Fo Q Ao 
1 804.5 7.63 3.49 
2 1243 7.63 3.49 
3 1000 373 1 


The reason for the gain requirement for the first 2 stages is that their center frequencies 
will be attenuated relative to the center frequency of the total filter. Since the resultant 
Q's are moderate (less than 20) the Multiple Feedback topology will be chosen. Figure 
8.72 was then used to design the filter sections. 
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Figure 8.104 is the schematic of the filter and Figure 8.105 shows the filter response. 


OUT 


0.04 yF 


IN 43.2kQ 


Figure 8.104: Band-Pass Transformation 


RESPONSE (dB) 
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Figure 8.105: Band-Pass Filter Response 


Note that again there is symmetry around the center frequency. Also the 800 Hz 
bandwidth is not 250 Hz either side of the center frequency (arithmetic symmetry). 
Instead the symmetry is geometric, which means that for any 2 frequencies (Fy & F2) of 


equal amplitude are related by: 
Fo= VJ F,* Eq. 8-96 


Lastly the prototype will be transformed into a band-reject filter. For this the equation 
string in Section 8.5 is used. Again, each pole of the prototype filter will transform into a 
pole pair. Therefore, the 3 pole prototype, when transformed, will have 6 poles (3 pole 
pairs). 
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As in the band-pass case, part of the transformation process is to specify the 3 dB 
bandwidth of the resultant filter. Again in this case this bandwidth will be set to 500 Hz. 
The results of the transformation yield: 


STAGE Fo Q Foz 
1 763.7 6.54 1000 
2 1309 6.54 1000 
3 1000 1.07 1000 


Note that there are three cases of notch filters required. There is a standard notch (Fo = 
Fz, section 3), a low-pass notch (Fo < Fz, section 1) and a high-pass notch (Fo > Fz, 
section 2). Since there is a requirement for all 3 types of notches, the Bainter Notch is 
used to build the filter. The filter is designed using Figure 8.77. The gain factors K1 and 
K2 are arbitrarily set to 1. Figure 8.106 is the schematic of the filter. 


1.58kQ 9310 
ANA- + ANN 
IN 40kQ 10kQ 0.01pF 10kQ 10kQ 0.01pF 


OW || ’ "y AW t—l 
pte lee bal Lt 
2 9310 s 7 1.58kQ. 158kQ 


4 0.01uF Vv 0.01 pF 
| | 
| , | y 
274kQ = 158ko = 
VW 
OUT 


Figure 8.106: Band-reject Transformation 
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The response of the filter is shown in Figure 8.107 and in detail in Figure 8.108. Again, 
note the symmetry around the center frequency. Again the frequencies have geometric 


symmetry. 
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Figure 8.107: Band-reject Response 
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Figure 8.108: Band-reject Response (detail) 
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CD Reconstruction Filter 


This design was done for a magazine article describing a high quality outboard D/A 
converter for use with digital audio sources (se Reference 26). 


A reconstruction filter is required on the output of a D/A converter because, despite the 
name, the output of a D/A converter is not really an analog voltage but instead a series of 
steps. The converter will put out a discrete voltage, which it will then hold until the next 
sample is asserted. The filter's job is to remove the high frequency components, 
smoothing out the waveform. This is why the filter is sometimes referred to as a 
smoothing filter. This also serves to eliminate the aliases of the conversion process. The 
"standard" in the audio industry is to use a 3"’-order Bessel function as the reconstruction 
filter. The reason to use a Bessel filter is that it has the best phase response. This helps to 
preserve the phase relationship of the individual tones in the music. The price for this 
phase "goodness" is that the amplitude discrimination is not as good as some other filter 
types. If we assume that we are using 8x oversampling of the 48 kSPS data stream in the 
D/A converter then the aliases will appear at 364 kHz (8 x 48 k — 20 k). The digital filter 
that is used in the interpolation process will eliminate the frequencies between 20 kHz 
and 364 kHz. If we assume that the band-edge is 30 kHz, then we have a frequency ratio 
of approximately 12 (364 + 30). We use 30 kHz as the band-edge, rather than 20 kHz to 
minimize the rolloff due to the filter in the pass-band. In fact, the complete design for this 
filter includes a shelving filter to compensate for the pass-band rolloff. Extrapolating 
from Figure 8.20, a 3"’-order Bessel will only provide on the order of 55 dB attenuation 
at 12 x Fo. This is only about 9 bit accuracy. 


By designing the filter as 7” order, and by designing it as a linear phase with equiripple 
error of 0.05°, we can increase the stopband attenuation to about 120 dB at 12 x Fo. This 
is close to the 20 bit system that we are hoping for. 


The filter will be designed as a FDNR type. This is an arbitrary decision. Reasons to 
choose this topology are its low sensitivities to component tolerances and the fact that the 
op amps are in the shunt arms rather than in the direct signal path. 


The first step is to find the passive prototype. To do this, use the charts in Williams’ book. 
We then get the circuit shown in Figure 8.109A. Next perform a translation in the s-plane. 
This gives the circuit shown in Figure 8.109B. This filter is scaled for a frequency of 1 Hz. 
and an impedance level of 1 Q. The D structure of the converted filter is replaced by a 
GIC structure that can be physically realized. The filter is then denormalize by frequency 
(30 kHz) and impedance (arbitrarily chosen to be 1 kQ). This gives a frequency-scaling 
factor (FS) of 1.884 x10° (= 2m (3 x10*)). Next arbitrarily choose a value of 1 nF for the 
capacitor. This gives an impedance-scaling factor (Z) of 5305 (= (Cotp/Cnew )/ FSF). 
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Figure 8.109A: CD Reconstruction Filter—Passive Prototype 


IN 1.4988 0.8422 0.6441 0.1911 OUT 


1.0071 0.7421 


Ta id 


Figure 8.109B: CD Reconstruction Filter—Transformation in s-Plane 
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Figure 8.109C: CD Reconstruction Filter-—Normalized FDNR 
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Figure 8.109D: CD Reconstruction Filter—Final Filter 
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Then multiply the resistor values by Z. This results in the resistors that had the 
normalized value of 1 Q will now have a value of 5.305 kQ. For the sake of simplicity 
adopt the standard value of 5.36 kQ. Working backwards, this will cause the cutoff 
frequency to change to 29.693 kHz. This slight shift of the cutoff frequency will be 


acceptable. 


The frequency scaling factor is then recalculated with the new center frequency and this 
value is used to denormalize the rest of the resistors. The design flow is illustrated in 
Figure 8.109. The final schematic is shown it Figure 8.109D. 


The performance of the filter is shown in Figure 8.110(A-D). 
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Figure 8.110: CD Filter Performance 
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Digitally Programmable State Variable Filter 


One of the attractive features of the state variable filter is that the parameters (gain, cutoff 
frequency and "Q") can be individually adjusted. This attribute can be exploited to allow 
control of these parameters. 


To start, the filter is reconfigured slightly. The resistor divider that determines Q (R6 & 
R7 of Figure 8.84) is changed to an inverting configuration. The new filter schematic is 
shown in Figure 8.111. Then the resistors Rl, R2, R3 & R4 (of Figure 8.111) are 
replaced by CMOS multiplying DACs. Note that R5 is implemented as the feedback 
resistor implemented in the DAC. The schematic of this circuit is shown in Figure 8.112. 


Figure 8.111: Redrawn State Variable Filter 


The AD7528 is an 8 bit dual MDAC. The AD825 is a high speed FET input opamp. 
Using these components the frequency range can be varied from around 550 Hz to 
around 150 kHz (Figure 8.113). The Q can be varied from approximately 0.5 to over 12.5 
(Figure 8.114). The gain of circuit can be varied from 0 dB to -48 dB (Figure 8.115). 


The operation of the DACs in controlling the parameters can be best thought of as the 
DACs changing the effective resistance of the resistors. This relationship is: 


256 * DAC RESISTANCE Eq. 8-97 


DAC EQUIVALENT RESISTANCE DAC CODE (DECIMAL) 


This, in effect, varies the resistance from 11 kQ to 2.8 MQ for the AD7528. 
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Figure 8.113: Frequency Response vs. DAC Control Word 
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Figure 8.114: Q Variation vs. DAC Control Word 
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Figure 8.115: Gain Variation vs. DAC Control Word 
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One limitation of this design is that the frequency is dependent on the ladder resistance of 
the DAC. This particular parameter is not controlled. DACs are trimmed so that the ratios 
of the resistors, not their absolute values, are controlled. In the case of the AD7528, the 
typical value is 11 kQ. It is specified as 8 kQ min. and 15 kQ max. A simple 
modification of the circuit can eliminate this issue. The cost is 2 more op amps (Figure 
8.116). In this case, the effective resistor value is set by the fixed resistors rather than the 
DAC's resistance. Since there are 2 integrators the extra inversions caused by the added 
op amps cancel. 


Vin Rrer 


DACA 
cs 
WR = AD7528-4 lout 


CONTROL 
BUS 


Figure 8.116: Improved Digitally Variable Integrator 


As a side note, the multiplying DACs could be replaced by analog multipliers. In this 
case the control would obviously be an analog rather than a digital signal. We also could 
just as easily have used a digital pot in place of the MDACs. The difference is that 
instead of increasing the effective resistance, the value of the pot would be the maximum. 
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60 Hz Notch Filter 


A very common problem in instrumentation is that of interference of the telemetry that is 
to be measured. One of the primary sources of this interference is the power line. This is 
particularly true of high impedance circuits. Another path for this noise is ground loops. 
One possible solution is to use a notch filter to remove the 60 Hz component. Since this 
is a single frequency interference, the Twin-T circuit will be used. 


Since the maximum attenuation is desired and the minimum notch width is desired, the 
maximum Q of the circuit is desired. This means the maximum amount of positive 
feedback is used (R5 open and R4 shorted). Due to the high impedance of the network, a 
FET input op amp is used. 


The filter is designed using Figure 8.78. The schematic is shown in Figure 8.117 and the 
response in Figure 8.118. 


Figure 8.117: 60 Hz Twin-T Notch Filter 
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Figure 8.118: 60 Hz Notch Filter Response 
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CHAPTER 9: POWER MANAGEMENT 


Introduction 


All electronic systems require power supplies to operate. This part of the system design is 
often overlooked. But, as discussed in the amplifier section on PSRR (Power Supply 
Rejection Ratio), the AC component of the power supply (noise) may add to the output of 
the amplifier. And the PSRR has a strong frequency dependence, falling as frequency 
increases. The supply voltage(s) must be kept as quiet as possible for optimum 
performance of high performance circuits. Local decoupling helps—but it is not 
sufficient. 


Power management broadly refers to the generation and control of regulated voltages 
required to operate an electronic system. It encompasses much more than just power 
supply design. Today's systems require power supply design be integrated with the 
system design in order to maintain high efficiency. In addition, distributed power supply 
systems require localized regulators at the PC board level, thereby requiring the design 
engineer to master at least the basics of both switching and linear regulators. 


Integrated circuit components such as switching regulators, linear regulators, switched 
capacitor voltage converters, and voltage references are typical elements of power 
management. 


Historically, the standard for supply voltages was +15 V. In recent years the trend is 
towards lower supply voltages. This is partially due to the processes used to manufacture 
integrated circuits. Circuit speeds have increased. One of the enabling technologies of 
this increase is the reduction of size of the transistors used in the process. These smaller 
feature sizes imply lower breakdown voltages, which, in turn, indicate lower supply 
voltages. 


Another trend in power management is the often misguided attempt to operate the analog 
and digital circuitry on the same supply, eliminating one of the supplies. While the supply 
voltages may be the same, the low noise requirement is at odds with the often very noisy 
digital supply. 


While reducing the supply voltage has the very desirable effect of reducing the power 
dissipation of digital circuits, lowering the supply of linear circuits limits the dynamic 
range of the signal. And, unfortunately, lowering the signal swing (the upper end of the 
dynamic range) by lowering the supply voltage does not imply that the noise level (the 
lower end of the signal dynamic range) will be reduced by a like amount. 


Another trend in power management is the adoption of unipolar (single) supplies. This is 
often done in the attempt to eliminate the negative supply. Often, a negative supply is 
cheaper and provides better performance. This is due to the extra circuitry required for 
level shifting and ac coupling required by a single supply. 
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SECTION 1: LINEAR VOLTAGE REGULATORS 


Linear Regulator Basics 


Linear IC voltage regulators have long been standard power system building blocks. 
After an initial introduction in 5 V logic voltage regulator form, they have since 
expanded into other standard voltage levels spanning from less than 1 V_ to 24 V, 
handling output currents from as low as 25 mA (or less) to as high as 5 A (or more). For 
several good reasons, linear style IC voltage regulators have been valuable system 
components since the early days. One reason is the relatively low noise characteristic vis- 
a-vis the switching type of regulator. Others are a low parts count and overall simplicity 
compared to discrete solutions. Because of their power losses, these linear regulators 
have also been known for being relatively inefficient. Early generation devices (of which 
many are still available) required an unregulated input 2 V or more above the regulated 
output voltage, making them lossy in power terms. Typical maximum efficiency for a 5 V 
supply is 71%, meaning 29% of the power is dissipated in the regulator. 
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Ven = Vin- Vout = 1V 


9 Vour (5V) 
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Figure 9.1: A Basic Three Terminal Voltage Regulator 
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Figure 9.1 also allows a more detailed analysis of power losses in the regulator. There are 
two components to power which are dissipated in the regulator, one a function of Vfy — 
VourT and Iz, plus a second which is a function of Vy and Iground. If we call the total 
power Pp, this then becomes: 


Pp = (VIN — VOUT \(IL ) + (VIN \(Igr ound) j Eq. 9-1 


A more detailed look within a typical regulator block diagram reveals a variety of 
elements, as is shown in Figure 9.2. 


In this diagram virtually all of the elements shown are fundamentally necessary, the 
exceptions being the shutdown control and saturation sensor functions (shown dotted). 
While these are present on many current regulators, the shutdown feature is relatively 
new as a standard function, and certainly isn’t part of standard three-terminal regulators. 
When present, shutdown control is a logic level controllable input. The optional error 
output, ERR , is useful within a system to detect regulator overload, such as saturation of 
the pass device, thermal overload, etc. The remaining functions shown are always part of 
an IC power regulator. While this diagram shows the blocks in a conceptual way, actual 
implementation may vary. 
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Figure 9.2: Block Diagram of a Voltage Regulator 
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In operation, a voltage reference block produces a stable voltage VppR, which is almost 


always a band gap based voltage, typically ~1.2 V. This voltage is presented to one input 
of an error amplifier, with the other input connected to the Vou sensing divider, R1 & 


R2. The error amplifier drives the pass device, which in turn controls the output. The 
resulting regulated voltage is then simply: 


R1 
VOUT = VREF ( + Rl) : Eq. 9-2 


When standby power is critical, several design steps will be taken. The resistor values of 
the divider will be high, the error amplifier and pass device driver will be low power, and 
the reference current IRRF Will also be low. By these means the regulator’s unloaded 


standby current can be reduced to a mA or less using bipolar technology, and to only a 
few uA in CMOS parts. In regulators which offer a shutdown mode, the shutdown state 
standby current may be reduced to 1 yA or less. 


Nearly all regulators will have some means of current limiting and over temperature 
sensing, to protect the pass device against failure. Current limiting is usually 
implemented by a series sensing resistor for high current parts, or alternately by a more 
simple drive current limit to a controlled B pass device (which achieves the same end). 
For higher voltage circuits, this current limiting may also be combined with voltage 
limiting, to provide complete load line control for the pass device. All power regulator 
devices will also have some means of sensing excessive temperature, usually by means of 
a fixed reference voltage and a V,,.-based sensor monitoring chip temperature. When the 


die temperature exceeds a dangerous level (above ~150°C), this can be used to shutdown 
the chip, by removing the drive to the pass device. In some cases an error flag output may 
be provided to warn of this shutdown (and also loss of regulation from some other 
means). 


Pass Devices and Their Associated Trade-offs 


The discussion thus far has not treated the pass device in any detail. In practice, this 
major part of the regulator can actually take on quite a number of alternate forms. 
Precisely which type of pass device is chosen has a major influence on almost all major 
regulator performance issues. Most notable among these is the dropout voltage, VIN. 


It is difficult to fully compare all of the devices from their schematic representations, 
since they differ in so many ways beyond their applicable dropout voltages. For this 
reason, the chart of Figure 9.4 is useful. 


This chart compares the various pass elements in greater detail, allowing easy 
comparison between the device types, dependent upon which criteria is most important. 
Note that columns A to E correspond to the schematics of Figure 9.3a to 9.3e. Note also 
that the pro/con comparison items are in relative terms, as opposed to a hard specification 
limit for any particular pass device type. 
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Figure 9.3: Pass Devices Useful in Voltage Regulators 
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Figure 9.4: Pros and Cons of Voltage Regulator Pass Devices 


For example, it can be seen that the all NPN pass devices of columns A and B have the 
attributes of a follower circuit, which allows high bandwidth and provides relative 
immunity to cap loading because of the characteristic low ZOUT. 
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All of the three connections C/D/E have the characteristic of high output impedance, and 
require an output capacitor for stability. The fact that the output cap is part of the 
regulator frequency compensation is a most basic application point, and one which needs 
to be clearly understood by the regulator user. This factor, denoted by “Cy, sensitive”, 


makes regulators using them generally critical as to the exact Cy, value, as well as its 


ESR (equivalent series resistance). Typically this type of regulator must be used only 
with a specific size as well as type of output capacitor, where the ESR is stable and 
predictable with respect to both time and temperature to fully guarantee regulator 
stability. Some recent Analog Devices LDO IC circuit developments have eased this 
burden on the part of the regulator user a great deal, and will be discussed below in 
further detail. 


COMMON 
O 


Figure 9.5: Simplified Schematic of a LM309 Fixed 5 V/1 A 
Three Terminal Regulator 


The classic LM309 5 V//1 A three-terminal regulator (see Reference 1) was the originator 
in a long procession of linear regulators. This circuit is shown in much simplified form in 
Figure 9.5, with current limiting and over temperature details omitted. This IC type is still 
in standard production today, not just in original form, but in family derivatives such as 
the 7805, 7815 etc., and their various low and medium current alternates. Using a 
Darlington pass connection for Q18 to Q19, the design does not have low dropout 
characteristics (~1.5 V typical minimum), or for low quiescent current (~5 mA). It is 


oF 
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however relatively immune to instability issues, due to the internal compensation of Cl, 
and the buffering of the emitter follower output. This helps make it easy to apply. 


Later developments in references and three-terminal regulation techniques led to the 
development of the voltage adjustable regulator. The original IC to employ this concept 
was the LM317 (see Reference 2), which is shown in simplified schematic form in 
Figure 9.6. Note that this design does not use the same AVpx form of reference as in the 
LM309. Instead, Q17 to Q19, etc. are employed as a form of a Brokaw band gap 
reference cell (Reference 3). 


This adjustable regulator bootstraps the reference cell transistors Q17 to Q19 and the 
error amplifier transistors Q16 to Q18. The output of the error amplifier drives Darlington 
pass transistors Q25 to Q26, through buffer Q12. The basic reference cell produces a 
fixed voltage of 1.25 V, which appears between the Vout and ADJ pins of the IC as 


shown. External scaling resistors R1 and R2 set up the desired output voltage, which is: 


R2 
VOUT = VREF ( +2) +50pnA x R2. Eq. 9-3 


Vin 
Vout 
R15 
R1 
R14 
ADJ 
R2 
VOUT = Vrer( 1+ 82) + 50nA x R2 R2 


Figure 9.6: Simplified Schematic of a LM317 Adjustable 
Three terminal Regulator 
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As can be noted, the voltage output is a scaling of VaR with R2 and R1, plus a small 


voltage component which is a function of the 50 pA reference cell current. Typically, the 
R1 and R2 values are chosen to draw > 5 mA, making the offset current term relatively 
small by comparison. The design is internally compensated, and in many applications 
will not necessarily need an output bypass capacitor to insure stability. But in most cases 
you will still want to use one—see the section on decoupling. 


Like the LM309 fixed voltage regulator, the LM317 series has relatively high dropout 
voltage, due to the use of Darlington pass transistors. It is also not a low power IC 
(quiescent current typically 3.5 mA). The strength of this regulator lies in the wide range 
of user voltage adaptability it allows. 


Low Dropout Regulator Architectures 


In many systems it is desirable to have a linear regulator with low input—output 
differential. This allows for reduced power dissipation. It also allows for declining input 
voltage (such as a discharging battery). This is known as a low dropout regulator (LDO). 
As has been shown thus far, all LDO pass devices have the fundamental characteristics of 
operating in an inverting mode. This allows the regulator circuit to regulate down to the 
pass device saturation (but if saturation is reached, the circuit is no longer a regulator), 
and thus low dropout. A by-product of this mode of operation is that this type of topology 
will necessarily be more susceptible to stability issues. This is due to the higher output 
impedance of the inverting pass devices, relative to the follower configurations. This 
higher impedance, combined with the impedance of the output capacitor can move the 
second pole of the system too far in, causing instability and possible oscillations. These 
basic points give rise to some of the more difficult issues with regard to LDO 
performance. In fact, these points influence both the design and the application of LDOs 
to a very large degree, and in the end, determine how they are differentiated in the 
performance arena. 


A traditional LDO architecture is shown in Figure 9.7, and is generally representative of 
actual parts employing either a PNP pass device as shown, or alternately, a PMOS 
device. There are both de and ac design and application issues to be resolved with this 
architecture, which are now discussed. 


In de terms, perhaps the major issue is the type of pass device used, which influences 
dropout voltage and ground current. If a lateral PNP device is used for Q1, the B will be 
low, sometimes only on the order of 10 or so. Since Q1 is driven from the collector of 
Q2, the relatively high base current demanded by a lateral PNP results in relatively high 
emitter current in Q2, or a high Iground. For a typical lateral PNP based regulator 
operating with a5 V / 150 mA output, Iground will be typically ~18 mA, and can be as 
high as 40 mA. To compound the problem of high Iground in PNP LDOs, there is also 
the “spike” in Iground, as the regulator tries to regulate down to the dropout region. 
Under such conditions, the output voltage is out of tolerance, and the regulation loop 
requires higher drive to the pass device, in an unsuccessful attempt to maintain loop 
regulation. This results in a substantial spike upward in Iground, which is typically 
internally limited by the regulator’s saturation control circuits. 
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Vin 


PNP (OR PMOS) 
PASS DEVICE 


IGROUND 


Figure 9.7: Traditional LDO Architecture 


PMOS pass devices do not demonstrate a similar current spike in Iground, since they are 
voltage controlled. But, while devoid of the Iground spike, PMOS pass devices do have 
some problems of their own. Problem number one is that high quality, low Ron, low 
threshold PMOS devices generally aren’t compatible with many IC processes. This 
makes the best technical choice for a PMOS pass device an external part, driven from the 
collector of Q2 in the figure. This introduces the term “LDO controller”, where the LDO 
architecture is completed by an external pass device. While in theory NMOS pass devices 
would offer lower RON choice options, they also demand a boosted voltage supply to 
turn on, making them impractical for a simple LDO. PMOS pass devices are widely 
available in both low Ron and low threshold forms, with current levels up to several 


amperes. They offer the potential of the lowest dropout of any device, since dropout can 
always be lowered by picking a lower ROn part. 


The dropout voltage of lateral PNP pass devices is typically around 300 mV at 150 mA, 
with a maximum of 600 mV. These performance levels are considerably bettered in 
regulators using vertical PNPs, which have a typical B of ~150 at currents of 200 mA. 
This corresponds to an Iground of 1.3 mA at the 200 mA output current. The dropout 
voltage of vertical PNPs is also an improvement vis-a-vis that of the lateral PNP 
regulator, and is typically 180 mV at 200 mA, with a maximum of 400 mV. 


There are also major ac performance issues to be dealt with in the LDO architecture of 
Figure 9.7. This topology has an inherently high output impedance, due to the operation 
of the PNP pass device in a common-emitter (or common-source with a PMOS device) 
mode. In either case, this factor causes the regulator to appear as a high source impedance 
to the load. 
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The internal compensation capacitor of the regulator, CcQmp. forms a fixed frequency 
pole, in conjunction with the g,, of the error amplifier. In addition, load capacitance Cy, 
forms an output pole, in conjunction with Ry. This particular pole, because it is a second 


(and sometimes variable) pole of a two-pole system, is the source of a major LDO 
application problem. The Cy pole can strongly influence the overall frequency response 


of the regulator, in ways that are both useful as well as detrimental. Depending upon the 
relative positioning of the two poles in the frequency domain, along with the relative 
value of the ESR of capacitor Cy, it is quite possible that the stability of the system can 


be compromised for certain combinations of Cy, and ESR. Note that Cy, is shown here as 


a real capacitor, which is actually composed of a pure capacitance plus the series parasitic 
resistance ESR. 


If the two poles of such a system are widely separated in terms of frequency, stability 
may not be a serious problem. The emitter-follower output of a classic regulator like the 
LM309 is an example with widely separated pole frequencies, as the very low ZouT of 


the NPN follower pushes the output pole due to load capacitance far out in frequency, 
where it does little harm. The internal compensation capacitance (C1 of Figure 9.5) then 
forms part of a dominant pole, which reduces loop gain to below unity at the much higher 
frequencies where the second (output) pole does occur. Thus stability is not necessarily 
compromised by load capacitance in this type of regulator. 


By their nature however, LDOs simply can’t afford the luxury of emitter follower 
outputs, they must instead operate with pass devices capable of saturation. Thus, given 
the existence of two or more poles (one or more internal and another formed by external 
capacitance) there is the potential for the cumulative phase shift to exceed 180° before the 
gain drops to unity, thus causing oscillations. The potential for instability under certain 
output loading conditions is, for better or worse, a fact-of-life for most LDO topologies. 


However, the very output capacitor which gives rise to the instability can, in certain 
circumstances, also be the solution to the same instability. This seemingly paradoxical 
situation can be appreciated by realizing that all practical capacitors are actually a series 
combination of the capacitance Cy and the parasitic resistance, ESR. While load 


resistance Ry, and Cy do form a pole, Cy and its ESR also form a zero. The effect of the 
zero is to mitigate the de-stabilizing effect of Cy, for certain conditions. For example, if 


the pole and zero in question are appropriately placed in frequency relative to the internal 
regulator poles, some of the deleterious effects can be made to essentially cancel. The 
basic challenge with this approach to stability is simply that the capacitor’s ESR, being a 
parasitic term, is not well controlled. As a result, LDOs which depend upon output pole- 
zero compensation schemes must very carefully limit the capacitor ESR to certain zones, 
such as shown by Figure 9.8. 


A zoned ESR chart such as this is meant to guide the user of an LDO in picking an output 
capacitor which confines ESR to the stable region, i.e., the central zone, for all operating 
conditions. Note that this generic chart is not intended to portray any specific device, just 
the general pattern. Finding a capacitor that guarantees min and max ESR (especially 
over temperature). This effectively means that general purpose aluminum electrolytic are 
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prohibited from use, since they deteriorate (increase) in terms of ESR at cold 
temperatures. Very low ESR types such as OS-CON or multilayer ceramic units have 
ESRs which are too low for use. While they could in theory be padded up into the stable 
zone with external resistance, this would hardly be a practical solution. This leaves 
tantalum types as the best all around choice for LDO output use. Finally, since a large 
capacitor value is likely to be used to maximize stability, this effectively means that the 
solution for an LDO such as Figure 9.8 must use a more expensive and physically large 
tantalum capacitor. This is not desirable if small size is a major design criteria. 


100 
UNSTABLE 
10 eis Session ese Sith SANA Tita hah IIIa nA SS III ESSN IH DD SA UID I ERI 
CAPACITOR 
ESR (Q) STABLE 
1 sesh vrais ei ob Cannabis se se 9 see Pe i teceretenarianntensanstastsare] 
UNSTABLE 
0.1 
0 lour (mA) 1000 


Figure 9.8: Zoned Load Capacitor ESR Can Make 
LDO Applications a Nightmare 
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The anyCAP Low Dropout Regulator Family 


Some novel modifications to the basic LDO architecture of Figure 9.7 allow major 
improvements in terms of both de and ac performance. These developments are shown 
schematically in Figure 9.9, which is a simplified diagram of the Analog Devices 
ADP330X series LDO regulator family. These regulators are also known as the anyCAP® 
family, so named for their relative insensitivity to the output capacitor in terms of both 
size and ESR. They are available in power efficient packages such as the Thermal 
Coastline (discussed below), in both stand-alone LDO and LDO controller forms, and 
also in a wide span of output voltage options. 


Vin Vout 
Q1 | @ C) 
Ccomp 
NONINVERTING PTAT 
WIDEBAND Vo \V \v 
DRIVER 
R4 


Figure 9.9: ADP330X anyCAP Topology Features 
Improved DC and AC Performance over Traditional LDOs 


Design Features Related to DC Performance 


One of the key differences in the ADP330X series is the use of a high gain vertical PNP 
pass device, with all of the advantages described above with Figs. 9.7 (Reference 6). This 
allows the typical dropout voltages for the series to be on the order of 1 mV/mA for 
currents of 200 mA or less. 


It is important to note that the topology of this LDO is distinctly different from that of the 
generic form in Figure 9.7, as there is no obvious VpZR block. The reason for this is the 
fact that the ADP330X series uses what is termed a “merged” amplifier-reference design. 
The operation of the integral amplifier and reference scheme illustrated in Figure 9.9 can 
be described as follows. 
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In this circuit, VpfRF is defined as a reference voltage existing at the output of a zero 


impedance divider of ratio R1 and R2. In the figure, this is depicted symbolically by the 
(dotted) unity gain buffer amplifier fed by R1 and R2, which has an output of VpFF. 


This reference voltage feeds into a series connection of (dotted) R1 and R2, then actual 
components D1, R3, R4, etc. 


The error amplifier, shown here as a gm stage, is actually a PNP input differential stage 
with the two transistors of the pair operated at different current densities, so as to produce 
a predictable PTAT offset voltage. Although shown here as a separate block Vos, this 


offset voltage is inherent to a bipolar pair for such operating conditions. The PTAT Vos 
causes a current Ip aT to flow in R4, which is simply: 


Vi 
IPTAT = 08. Eq. 9-4 


Note that this current also flows in series connected R4, R3, and the Thevenin resistance 
of the divider, R1||R2, so: 


VpTAT =IpTaT (R3 + R4 + R1|| R2). Eq. 9-5 


The total voltage defined as Vp pF is the sum of two component voltages: 


VREEF = VYPTAT +VD1> Kq. 9-6 


where the Ipp aT scaled voltages across R3, R4, and R1||R2 produce a net PTAT voltage 
VPTAT> and the diode voltage Vp] is a CTAT voltage. As in a standard band gap 


reference, the PTAT and CTAT components add up to a temperature stable reference 
voltage of 1.25 V. In this case however, the reference voltage is not directly accessible, 
but instead it exists in the virtual form described above. It acts as it would be seen at the 
output of a zero impedance divider of a numeric ratio of R1/R2, which is then fed into the 
R3-D1 series string through a Thevenin resistance of R1||R2 in series with D1. 


With the closed loop regulator at equilibrium, the voltage at the virtual reference node 
will be: 


R2 
VREF = Vout( = 2). Eq. 9-7 


With minor re-arrangement, this can be put into the standard form to describe the 
regulator output voltage, as: 


Rl 
VOUT = VREF ( = Rt) Eq. 9-8 
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In the various devices of the ADP330X series, the R1-R2 divider is adjusted to produce 
standard output voltages of 2.7 V, 3.0 V, 3.2 V, 3.3 V, and 5.0 V. 


As can be noted from this discussion, unlike a conventional reference setup, there is no 
power wasting reference current such as used in a conventional regulator topology IRERF 


of Figure 9.2). In fact, the Figure 9.9 regulator behaves as if the entire error amplifier has 
simply an offset voltage of VppRF volts, as seen at the output of a conventional R1-R2 


divider. 


Design Features Related to AC Performance 


While the above described de performance enhancements of the ADP330X series are 
worthwhile, the most dramatic improvements come in areas of ac related performance. 
These improvements are in fact the genesis of the anyCAP series name. 


Capacitive loading and the potential instability it brings is a major deterrent to easily 
applying LDOs. While low dropout goals prevent the use of emitter follower type 
outputs, and so preclude their desirable buffering effect against cap loading, there is an 
alternative technique of providing load immunity. One method of reducing susceptibility 
against variation in a particular amplifier response pole is called pole splitting (see 
Reference 8). It refers to an amplifier compensation method whereby two response poles 
are shifted in such a way so as to make one a dominant, lower frequency pole. In this 
manner the secondary pole (which in this case is the Cy, related output pole) becomes 


much less of a major contributor to the net ac response. This has the desirable effect of 
greatly desensitizing the amplifier to variations in the output pole. 


The anyCAP Pole-Splitting Topology 


Returning to the anyCAP series topology, (Figure 9.9) it can be noted that in this case 
Ccomp is isolated from the pass device’s base (and thus input ripple variations), by the 


wideband noninverting driver. But insofar as frequency compensation is concerned, 
because of this buffer’s isolation, CcQmp still functions as a modified pole splitting 


capacitor (see Reference 9), and it does provide the benefits of a buffered, Cy 
independent single-pole response. The regulator’s frequency response is dominated by 
the internal compensation, and becomes relatively immune to the value and ESR of load 
capacitor Cy. Thus the name anyCAP for the series is apt, as the design is tolerant of 
virtually any output capacitor type. Cy can be as low as 0.47 uF, and it can also be a 
multi-layer ceramic capacitor (MLCC) type. This allows a very small physical size for 
the entire regulation function, such as when a SOT-23 packaged anyCAP LDO is used, 
for example the ADP3300 device. 
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Figure 9.10: A Basic ADP3000 50 mA LDO Regulator 


The ADP3300 and other anyCAP series devices maintain regulation over a wide range of 
load, input voltage, and temperature conditions. However, when the regulator is 
overloaded or entering the dropout region (for example, by a reduction in the input 
voltage) the open collector ERR pin becomes active, by going to a LOW or conducting 
state. Once set, the ERR pin’s internal hysteresis keeps the output low, until some 
margin of operating range is restored. In the circuit of Figure 9.10, R1 is a pull-up resistor 


for the ERR output, Egur. This resistor can be eliminated if the load being driven 


provides a pull-up current. 


The ERR function can also be activated by the regulator’s over temperature protection 
circuit, which trips at 165°C. These internal current and thermal limits are intended to 
protect the device against accidental overload conditions. For normal operation, device 
power dissipation should be externally limited by means of heat sinking, air flow, etc. so 
that junction temperatures will not exceed 125°C. 


A capacitor, C3, connected between pins 2 and 4, can be used for an optional noise 
reduction (NR) feature. This is accomplished by ac-bypassing a portion of the regulator’s 
internal scaling divider, which has the effect of reducing the output noise ~10 dB. When 
this option is exercised, only low leakage 10 nF - 100 nF capacitors should be used. Also, 
input and output capacitors should be changed to 1 uF and 4.7 uF values respectively, for 
lowest noise and the best overall performance. Note that the noise reduction pin is 
internally connected to a high impedance node, so connections to it should be carefully 
done to avoid noise. PC traces and pads connected to this pin should be as short and small 
as possible. 
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LDO Regulator Thermal Considerations 


To determine a regulator’s power dissipation, calculate it as follows: 
Pp = (VIN —- VOUT \(IL ) + (VIN \(Iground) ; Eq. 9-9 


where I, and Iground are load and ground current, and Vy and VoyuT are the input and 
output voltages respectively. Assuming I, = 50 mA, Iground = 0.5 mA, VyjN = 8 V, and 
VOUT =5 V, the device power dissipation is: 


Pp= (8 — 5)(0.05) + (8)(0.0005) = 0.150 + .004 = 0.154 W. Eq. 9-10 


To determine the regulator’s temperature rise, AT, calculate it as follows: 
AT = Ty—-Ta=Pp ~* Oya = 0.154 W x 165°C/W = 25.4°C. Eq. 9-11 


With a maximum junction temperature of 125°C, this yields a calculated maximum safe 
ambient operating temperature of 125°C — 25.4°C, or just under 100°C. Since this 
temperature is in excess of the device’s rated temperature range of 85°C, the device will 
then be operated conservatively at an 85°C (or less) maximum ambient temperature. 


These general procedures can be used for other devices in the series, substituting the 
appropriate @y;A for the applicable package, and applying the remaining operating 
conditions. 


In addition, layout and PCB design can have a significant influence on the power 
dissipation capabilities of power management ICs. This is due to the fact that the surface 
mount packages used with these devices rely heavily on thermally conductive traces or 
pads, to transfer heat away from the package. Appropriate PC layout techniques should 
then be used to remove the heat due to device power dissipation. The following general 
guidelines will be helpful in designing a board layout for lowest thermal resistance in 
SOT-23 and SO-8 packages: 


1. PC board traces with large cross sectional areas remove more heat. For optimum 
results, use large area PCB patterns with wide and heavy (2 oz.) copper traces, 


placed on the uppermost side of the PCB. 


2. Electrically connect dual Vij and VguT pins in parallel, as well as to the 
corresponding Viy and Vout large area PCB lands. 


3. In cases where maximum heat dissipation is required, use double-sided copper planes 
connected with multiple vias. 
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4. Where possible, increase the thermally conducting surface area(s) openly exposed to 
moving air, so that heat can be removed by convection (or forced air flow, if 
available). 


5. Do not use solder mask or silkscreen on the heat dissipating traces, as they increase 
the net thermal resistance of the mounted IC package. 


A real life example visually illustrates a number of the above points far better than words 
can. It is shown in Figure 9.11, a photo of the ADP3300 1.5" square evaluation PCB. The 
boxed area on the board represents the actual active circuit area. 


ANALOG 
DEVICES ADP3300 


SANTA CLARA DMSION 


TOTAL 10pF / 16V 
BOARD SIZE: TANTALUM 
1.5" X 1.5" a CAPACITOR 
(KEMET T491C 
SERIES) 


Figure 9.11: Size Does Make a Difference 
ADP3300 Evaluation Board 


Recent developments in packaging have led to much improved thermal performance for 
power management ICs. The anyCAP LDO regulator family capitalizes on this most 
effectively, using a thermally improved lead frame as the basis for all 8-pin devices. This 
package is called a “Thermal Coastline” design, and is shown in Figure. 2.39. The 
foundation of the improvement in heat transfer is related to two key parameters of the 
lead frame design, distance and width. The payoff comes in the reduced thermal 
resistance of the lead frame based on the Thermal Coastline, only 90°C/W versus 
160°C/W for a standard SO-8 package. The increased dissipation of the Thermal 
Coastline allows the anyCAP series of SO-8 regulators to support more than one watt of 
dissipation at 25°C. 
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4 5 4 5 

STANDARD LEADFRAME SOIC THERMAL COASTLINE SOIC 
OJA = 160 °C/W OJA = 90 °C/W 


Figure 9.12: anyCAP SERIES REGULATORS IN SO-8 
USE THERMAL COASTLINE PACKAGES 


Additional insight into how the new lead frame increases heat transfer can be appreciated 
by Figure. 2.40. In this figure, it can be noted how the spacing of the Thermal Coastline 
paddle and leads shown on the right is reduced, while the width of the lead ends are 
increased, versus the standard lead frame, on the left. 


STANDARD FRAME THERMAL COASTLINE FRAME 


Face-to-face distance, : 
from lead to paddle gue (oa wg 
reduced by a factor of ic 
15to2 “NCS * 


mane 
os 


I 
_~ 1 Width of adjoining 
oa of faces increased by 
ackage factor of 2 to 2.5 


Center of 
Package 


Figure 9.13: Details of the Thermal Coastline Package 
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Regulator Controller Differences 


A basic difference between the regulator controller and a stand alone regulator is the 
removal of the pass device from the regulator chip. This design step has both advantages 
and disadvantages. A positive is that the external PMOS pass device can be chosen for 
the exact size, package, current rating, and power handling which is most useful to the 
application. This approach allows the same basic controller IC to be useful for currents of 
several hundred mA to more than 10 A, simply by choice of the FET. Also, since the 
regulator controller IC’s Iground of 800 uA results in very little power dissipation, its 
thermal drift will be enhanced. On the downside, there are two packages now used to 
make up the regulator function. And, current limiting (which can be made completely 
integral to a standalone IC LDO regulator) is now a function which must be split between 
the regulator controller IC and an external sense resistor. This step also increases the 
dropout voltage of the LDO regulator controller somewhat, by about 50 mV. 


Vin 
+ 
50mvV 
EN © - 
SOURCE 
VREF (IS) 
GATE 
! Vout 


GND 


Figure 9.14: Functional Block Diagram of anyCAP Series 
LDO Regulator Controller 


A functional diagram of the ADP3310 regulator controller is shown in Figure 9.14. The 
basic error amplifier, reference and scaling divider of this circuit are similar to the 
standalone anyCAP regulator, and will not be described in detail. The regulator controller 
version does share the same cap load immunity of the standalone versions, and also has a 
shutdown function, similarly controlled by the EN (enable) pin. 


The main difference in the regulator controller IC architecture is the buffered output of 
the amplifier, which is brought out on the GATE pin, to drive the external PMOS FET. In 
addition, the current limit sense amplifier has a built in 50 mV threshold voltage, and is 
designed to compare the voltage between the Vyy and IS pins. When this voltage exceeds 


9.20 


POWER MANAGEMENT 
LINEAR VOLTAGE REGULATORS 


50 mV, the current limit sense amplifier takes over control of the loop, by shutting down 
the error amplifier and limiting output current to the preset level. 


A Basic 5 V/1 A LDO Regulator Controller 


An LDO regulator controller is easy to use, since a PMOS FET, a resistor and two 
relatively small capacitors (one at the input, one at the output) is all that is needed to form 
an LDO regulator. The general configuration is shown by Figure 9.15 LDO suitable as a 
5 V/1A regulator operating from a V{N of 6 V, using the ADP3310-5 controller IC. 


Rs NDP6020P OR NDB6020P : 
Vin = 6V MIN 50mQ (FAIRCHILD) Yours Ga) 


GATE 


Vout 
ADP3310-5 


1pF 
H O-O EN GND 


Figure 9.15: A Basic ADP3310 PMOS FET 1 A LDO 
Regulator Controller 


This regulator is stable with virtually any good quality output capacitor used for Cy (as is 
true with the other anyCAP devices). The actual Cy, value required and its associated 
ESR depends on the gm and capacitance of the external PMOS device. In general, a 
10 uF capacitor at the output is sufficient to ensure stability for load currents up to 10 A. 
Larger capacitors can also be used, if high output surge currents are present. In such 
cases, low ESR capacitors such as OS-CON electrolytics are preferred, because they offer 
lowest ripple on the output. For less demanding requirements, a standard tantalum or 
aluminum electrolytic can be adequate. When an aluminum electrolytic is used, it should 
be qualified for adequate performance over temperature. The input capacitor, CyN, is 
only necessary when the regulator is several inches or more distant from the raw dec filter 
capacitor. However, since it is small physically, it is usually prudent to use it in most 
instances. It should be located close to the Vyj pin of the regulator. Note also the current 


sensing resistor, Rg. This will be discussed in a following section. 
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Selecting the Pass Device 


The type and size of the pass transistor are determined by a set of requirements for 
threshold voltage, input-output voltage differential, load current, power dissipation, and 
thermal resistance. An actual PMOS pass device selected must satisfy all of these 
electrical requirements, plus physical and thermal parameters. There are a number of 
manufacturers offering suitable devices in packages ranging from SO-8 up through 
TO-220 in size. 


To ensure that the maximum available drive from the controller will adequately drive the 
FET under worst-case conditions of temperature range and manufacturing tolerances, the 
maximum drive from the controller (VGS(DRIVE)) to the pass device must be 


determined. This voltage is calculated as follows: 

VGS(DRIVE) = VIN - VBE -(IL(MAX)|(Rs), Eq. 9-12 
where V]N is the minimum input voltage, IL (MAX) is the maximum load current, Rg the 
sense resistor, and VBR is a voltage internal to the ADP3310 (~ 0.5 @ high temp, 
0.9 cold, and 0.7 V at room temp). Note that since IL (MAX) * Rg will be no more than 
75mV, and VpFx at cold temperature =0.9 V, this equation can be further simplified to: 


VGS(DRIVE) = VIN —!V. Eq. 9-13 


In the Figure 2.43 example, Vy = 6 V and VouT = 5 V, so VGS(DRIVE) '8 
6=1=25. 


It should be noted that the above two equations apply to FET drive voltages which are 
less than the typical gate-to-source clamp voltage of 8 V (built into the ADP3310, for the 
purposes of FET protection). 


An overall goal of the design is to then select an FET which will have an RQg(ON) 
sufficiently low so that the resulting dropout voltage will be less than V—y — VourT. 


which in this case is 1 V. For the NDP6020P used in Figure 2.43 (see Reference 10), this 
device achieves an REQs(ON) Of 70 milliohms (max) with a VGs of 2.7 V, a voltage drive 


appreciably less than the ADP3310’s VGs(DRIVE) Of 5 V. The dropout voltage VIN 


of this regulator configuration is the sum of two series voltage drops, the FET’s drop plus 
the drop across Rg, or: 


VMIN = IL(MAX) (Rps(on) + Rs). Eq. 9-14 


In the design here, the two resistances are roughly comparable to one another, so the net 
VMIN will be 1 A x (50 milliohms + 70 milliohms) = 120 mV. 
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Thermal Design 


The maximum allowable thermal resistance between the FET junction and the highest 
expected ambient temperature must be taken into account, to determine the type of FET 
package and heat sink used (if any). 


Using 2 oz. copper PCB material and one square inch of copper PCB land area as a 
heatsink, it is possible to achieve a net thermal resistance, 0j,, for mounted SO-8 devices 
on the order of 60°C/W or less. Such data is available for SO-8 power FETs (see 
Reference 11). There are also a variety of larger packages with lower thermal resistance 
than the SO-8, but still useful with surface mount techniques. Examples are the DPAK 
and D’PAK, etc. 


For higher power dissipation applications, corresponding to thermal resistance of 50°C/W 
or less, a bolt-on external heat sink is required to satisfy the 9; 4 requirement. Compatible 


package examples would be the TO-220 family, which is used with the NDP6020P 
example of Figure 2.43. 


Sensing Resistors for LDO Controllers 


Current limiting in the ADP3310 controller is achieved by choosing an appropriate 
external current sense resistor, Rg, which is connected between the controller’s Vj and 


IS (source) pins. An internally derived 50 mV current limit threshold voltage appears 
between these pins, to establish a comparison threshold for current limiting. This 50 mV 
determines the threshold where current limiting begins. For a continuous current limiting, 
a foldback mode is established, with dissipation controlled by reducing the gate drive. 
The net effect is that the ultimate current limit level is a factor of 2/3 of maximum. The 
foldback limiting reduces the power dissipated in the pass transistor substantially. 


To choose a sense resistor for a maximum output current I7, Rg is calculated as follows: 


ee 9-15 


—Kp-ly 


In this expression, the nominal 50 mV current limit threshold voltage appears in the 
numerator. In the denominator appears a scaling factor Kp, which can be either 1.0 or 


1.5, plus the maximum load current, It. For example, if a scaling factor of 1.0 is to be 
used for a 1 A I, the Rg calculation is straightforward, and 50 milliohms is the correct 
Rg value. 


However, to account for uncertainties in the threshold voltage and to provide a more 
conservative output current margin, a scaling factor of Kp = 1.5 can alternately be used. 


When this approach is used, the same 1 A I load conditions will result in a 33 milliohm 
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Rg value. In essence, the use of the 1.5 scaling factor takes into account the foldback 
scheme’s reduction in output current, allowing higher current in the limit mode. 


The simplest and least expensive sense resistor for high current applications such as 
Figure 9.15 is a copper PCB trace controlled in both thickness and width. Both the 
temperature dependence of copper and the relative size of the trace must be taken into 
account in the resistor design. The temperature coefficient of resistivity for copper has a 
positive temperature coefficient of +0.39%/°C. This natural copper TC, in conjunction 
with the controller’s PTAT based current limit threshold voltage, can provide for a 
current limit characteristic which is simple and effective over temperature. 


The table of Figure 9.16 provides resistance data for designing PCB copper traces with 
various PCB copper thickness (or weight), in ounces of copper per square foot area. To 
use this information, note that the center column contains a resistance coefficient, which 
is the conductor resistance in milliohms/inch, divided by the trace width, W. For 
example, the first entry, for 1/2 ounce copper is 0.983 milliohms/inch/W. So, for a 
reference trace width of 0.1", the resistance would be 9.83 milliohms/inch. Since these 
are all linear relationships, everything scales for wider/skinnier traces, or for differing 
copper weights. As an example, to design a 50 milliohm Rg for the circuit of Figure 9.15 


using 1/2 ounce copper, a 2.54" length of a 0.05” wide PCB trace could be used. 


Copper Thickness | Resistance Coefficient, Reference 0.1 
Milliohms / inch/ W Inch wide trace, 
(trace width W in Milliohms / inch 
inches) 
1/2 oz | ft? 0.983 / W 9.83 
1 0z/ ft? 0.491/ W 4.91 
2 oz / ft’ 0.246 / W 2.46 
3 oz/ ft’ 0.163 / W 1.63 


Figure 9.16: Printed Circuit Copper Resistance 


To minimize current limit sense voltage errors, the two connections to Rg should be 


made four-terminal style, as is noted in Figure 9.15. It is not absolutely necessary to 
actually use four-terminal style resistors, except for the highest current levels. However, 
as a minimum, the heavy currents flowing in the source circuit of the pass device should 
not be allowed to flow in the ADP3310 sense pin traces. To minimize such errors, the 
VIN connection trace to the ADP3310 should connect close to the body of Rg (or the 


resistor’s input sense terminal), and the Is connection trace should also connect close to 
the resistor body (or the resistor’s output sense terminal). Four-terminal wiring is 
increasingly important for output currents of 1 A or more. 
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Alternately, an appropriate selected sense resistor such as surface mount sense devices 
available from resistor vendors can be used (see Reference 13). Sense resistor Rg may 
not be needed in all applications, if a current limiting function is provided by the circuit 
feeding the regulator. For circuits that don’t require current limiting, the IS and VyjN pins 
of the ADP3310 must be tied together. 


PCB Layout Issues 


For best voltage regulation, place the load as close as possible to the controller device’s 
VOUT and GND pins. Where the best regulation is required, the VOUT trace from the 


ADP3310 and the pass device’s drain connection should connect to the positive load 
terminal via separate traces. This step (Kelvin sensing) will keep the heavy load currents 
in the pass device’s drain out of the feedback sensing path, and thus maximize output 
accuracy. Similarly, the unregulated input common should connect to the common side of 
the load via a separate trace from the ADP3310 GND pin. 
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SECTION 2: SWITCH MODE REGULATORS 


Introduction 


The trend toward lower power, lower weight, and portable equipment has driven the 
technology and the requirement for converting power efficiently. Switch mode power 
converters, often referred to simply as "switchers," offer a versatile way of achieving this 
goal. Modern IC switching regulators are small, flexible, and allow either step-up (boost) 
or step-down (buck) operation. Some topologies operate in both modes. 


The most basic switcher topologies require only one transistor which is essentially used 
as a switch, one diode, one inductor, a capacitor across the output, and for practical but 
not fundamental reasons, another one across the input. A practical converter, however, 
requires a control section comprised of several additional elements, such as a voltage 
reference, error amplifier, comparator, oscillator, and switch driver, and may also include 
optional features like current limiting and shutdown capability. 


Depending on the power level, modern IC switching regulators may integrate the entire 
converter except for the main magnetic element(s) (usually a single inductor) and the 
input/output capacitors. Often, a diode, the one which is an essential element of basic 
switcher topologies, cannot be integrated either. In any case, the complete power 
conversion for a switcher cannot be as integrated as is a linear regulator. The requirement 
of a magnetic element means that system designers should not be inclined to think of 
switching regulators as simply “drop in” solutions. This presents a challenge to switching 
regulator manufacturers to provide careful design guidelines, commonly-used application 
circuits (using off the shelf components where possible), and plenty of design assistance. 
As the power levels increase, ICs tend to grow in complexity because it becomes more 
critical to optimize the control flexibility and precision. Also, since the switches begin to 
dominate the size of the die, it becomes more cost effective to remove them and integrate 
only the controller. 


The primary limitations of switching regulators, as compared to linear regulators, are the 
generation of input and output voltage noise, EMI/RFI emissions, and the comparatively 
stringent requirements of the external support components. Although switching regulators 
do not necessarily require transformers, they do use inductors, and magnetic theory is not 
generally well understood by design engineers. However, manufacturers of switching 
regulators generally offer applications support in this area by offering design software 
and complete data sheets with recommended parts lists for the external inductor as well 
as capacitors and switching elements. 


One unique advantage of switching regulators lies in their ability to convert a given 
supply voltage with a known voltage range to virtually any desired output voltage, with 
no “first order” limitations on efficiency. This is true regardless of whether the output 
voltage is higher or lower than the input voltage—the same or the opposite polarity. 
Consider the basic components of a switcher, as stated above. The inductor and capacitor 
are, ideally, reactive elements which dissipate no power. The transistor is effectively, 
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ideally, a switch in that it is either “on,” thus having no voltage dropped across it while 
current flows through it, or “off,” thus having no current flowing through it while there is 
voltage across it. Since either voltage or current are always zero, the power dissipation is 
zero, thus, ideally, the switch dissipates no power. Finally, there is the diode, which has a 
finite voltage drop while current flows through it, and thus dissipates some power. But 
even that can be substituted for by a synchronized switch, called a “synchronous 
rectifier,” so that it ideally dissipates no power. Practical efficiencies can exceed 90%. 


Switchers also offer the advantage that, since they inherently require a magnetic element, 
it is often a simple matter to “tap” an extra winding onto that element and, often with just 
a diode and capacitor, generate a reasonably well regulated additional output. If more 
outputs are needed, more such taps can be used. Since the tap winding requires no 
electrical connection, it can be isolated from other circuitry, or made to “float” atop other 
voltages. Note that only one of the outputs would be “regulated.” The others track 
according to the ratio of the taps. 


Of course, real components create inefficiencies. Inductors have resistance, and their 
magnetic cores are not ideal either, so they dissipate power. Capacitors have resistance, 
and as current flows in and out of them, they dissipate power, as well. Transistors, bipolar 
or field-effect, are not ideal switches, and have a voltage drop when they are turned on, 
plus they cannot be switched instantly, and thus dissipate power while they are turning on 
or off. 


As we shall soon see, switchers create ripple currents in their input and output capacitors. 
Those ripple currents create voltage ripple and noise on the converter’s input and output 
due to the resistance, inductance, and finite capacitance of the capacitors used. That is the 
conducted part of the noise. Then there are often ringing voltages in the converter, 
parasitic inductances in components and PCB traces, and an inductor which creates a 
magnetic field which it cannot perfectly contain within its core—all contributors to 
radiated noise. Noise is an inherent by-product of a switcher and must be controlled by 
proper component selection, PCB layout, and, if that is not sufficient, additional input or 
output filtering or shielding. 


Inductor and Capacitor Fundamentals 


In order to understand switching regulators, the fundamental energy storage capabilities 
of inductors and capacitors must be fully understood. When a voltage is applied to an 
ideal inductor (see Figure 9.17), the current builds up linearly over time at a rate equal to 
V/L, where V is the applied voltage, and L is the value of the inductance. This energy is 
stored in the inductor's magnetic field, and if the switch is opened quickly, the magnetic 
field collapses, and the inductor voltage goes to a large instantaneous value until the field 
has fully collapsed. 
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Figure 9.17: Inductor and Capacitor Fundamentals 
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Figure 9.18: Energy Transfer Using an Inductor 


When a current is applied to an ideal capacitor, the capacitor is gradually charged, and 
the voltage builds up linearly over time at a rate equal to I/C, where I is the applied 
current, and C is the value of the capacitance. Note that the voltage across an ideal 
capacitor cannot change instantaneously. 
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Of course, there is no such thing as an ideal inductor or capacitor. Real inductors have 
stray winding capacitance, series resistance, and can saturate for large currents. Real 
capacitors have series resistance and inductance and may break down under large 
voltages. Nevertheless, the fundamentals of the ideal inductor and capacitor are 
fundamental in understanding the operation of switching regulators. 


An inductor can be used to transfer energy between two voltage sources as shown in 
Figure 9.18. While energy transfer could occur between two voltage sources with a 
resistor connected between them, the energy transfer would be inefficient due to the 
power loss in the resistor, and the energy could only be transferred from the higher to the 
lower value source. In contrast, an inductor ideally returns all the energy that is stored in 
it, and with the use of properly configured switches the energy can flow from any one 
source to another, regardless of their respective values and polarities. 


When the switches are initially placed in the position shown, the voltage V1 is applied to 
the inductor, and the inductor current builds up at a rate equal to V)/L. The peak value of 
the inductor current at the end of the interval ty is: 


I lay 
PEAK = L 1: Eq. 9-16 


The average power transferred to the inductor during the interval tj is 


1 
HAVG = PEAK © Is Eq. 9-17 


The energy transferred during the interval ty is: 


1 Eq. 9-18 
2 EAVG SH = PEAK ® YI ®Hs s 
Solving the first equation for tj and substituting into the last equation yields: 
! 2 
E —5 SPEAK Eq. 9-19 


When the switch positions are reversed, the inductor current continues to flow into the 
load voltage V2, and the inductor current decreases at a rate —Vour + Vp/L. At the end of 


the interval tz, defined by when the inductor current has decreased to zero, and all of the 


energy previously stored in the inductor has been transferred into the load. The figure 
shows the current waveforms for the inductor, the input current i;, and the output current 


i2. The ideal inductor dissipates no power, so there is no power loss in this transfer, 


assuming ideal circuit elements. This fundamental method of energy transfer forms the 
basis for all switching regulators. 
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Ideal Step-Down (Buck) Converter 


The basic topology of an ideal step-down (buck) converter is shown in Figure 9-19. The 
actual integrated circuit switching regulator contains the switch control circuit and may or 
may not include the switch (depending upon the output current requirement). The 
inductor, diode, and load bypass capacitor are external. 


ERROR AMPLIFIER 
AND SWITCH 
CONTROL CIRCUIT 


SW ON 


t 
SW OFF on off 


Figure 9.19: Basic Step-down (Buck) Converter 


The output voltage is sensed and then regulated by the switch control circuit. There are 
several methods for controlling the switch, but for now assume that the switch is 
controlled by a pulse width modulator (PWM) operating at a fixed frequency, f. 


The actual waveforms associated with the buck converter are shown in Figure 9.20. 
When the switch is on, the voltage VIN-VQUT appears across the inductor (neglecting 
the voltage drop across the inductor), and the inductor current increases with a slope of 
(VIN-VOUT)/L (see Figure 9-20B). When the switch turns off, current continues to flow 
through the inductor in the same direction and into the load (remember that the current 
cannot change instantaneously in an inductor). The diode providing the return current 
path, called a “freewheeling” diode in this application, completes the current path broken 
by opening the switch. It also clamps the Vp as the inductor tries to pull current out of the 
node. The voltage across the inductor is now VourT + Vr, but the polarity has reversed. 
Therefore, the inductor current decreases with a slope equal to — VQuT/L. Note that the 


inductor current is equal to the output current in a buck converter. 
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The diode and switch currents are shown in Figure 9-20C and 9.20D, respectively, and 
the inductor current is the sum of these waveforms. Also note by inspection that the 
instantaneous input current equals the switch current. Note, however, that the average 
input current is less than the average output current. In a practical regulator, both the 
switch and the diode have voltage drops across them during their conduction which 
creates internal power dissipation and a loss of efficiency, but these voltages will be 
neglected for now. It is also assumed that the output capacitor, C, is large enough so that 
the output voltage does not change significantly during the switch on or off times. 


Lower Case = Instantaneous Value 
Upper Case = Average Value 


Figure 9.20: Basic Step-Down (Buck) Converter Waveforms 


There are several important things to note about these waveforms. First is that ideal 
components have been assumed, i.e., the input voltage source has zero impedance, the 
switch has zero on-resistance and zero turn-on and turn-off times. It is also assumed that 
the inductor does not saturate and that the diode is ideal with no forward drop. 


Also note that the output current is continuous, while the input current is pulsating. 
Obviously, this has implications regarding input and output filtering. If one is concerned 
about the voltage ripple created on the power source which supplies a buck converter, the 
input filter capacitor (not shown) is generally more critical that the output capacitor with 
respect to ESR/ESL. 
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If a steady-state condition exists (see Figure 9-21), the basic relationship between the 
input and output voltage may be derived by inspecting the inductor current waveform and 
writing: 


VIN — VOUT _ VOUT 
Para ge? > NONE pe TOE Eq. 9-20 


Solving for VOUT: 


t 
VOUT = VIN * nana = VIN @D, Eq. 9-21 
on oO 


where D is the switch duty ratio (more commonly called duty cycle), defined as the ratio 
of the switch on-time (toy) to the total switch cycle time (ton + toff). 


This is the classic equation relating input and output voltage in a buck converter which is 
operating with continuous inductor current, defined by the fact that the inductor current 
never goes to zero. 


iin = isw iL = iout 


Lower Case = Instantaneous Value ‘IN ~ 
Upper Case = Average Value 


Figure 9.21: Input/Output Relationships for a Buck Converter 


Notice that this relationship is independent of the inductor value L as well as the 
switching frequency 1/(ton + toff) and the load current. Decreasing the inductor value, 
however, will result in a larger peak-to-peak output ripple current, while increasing the 


value results in smaller ripple. There are many other trade-offs involved in selecting the 
inductor, and these will be discussed in a later section. 


In this simple model, line and load regulation (of the output voltage) is achieved by 
varying the duty cycle using a pulse width modulator (PWM) operating at a fixed 
frequency, f. The PWM is in turn controlled by an error amplifier—an amplifier which 
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amplifies the "error" between the measured output voltage and a reference voltage. As the 
input voltage increases, the duty cycle decreases; and as the input voltage decreases, the 
duty cycle increases. Note that while the average inductor current changes proportionally 
to the output current, the duty cycle does not change. Only dynamic changes in the duty 
cycle are required to modulate the inductor current to the desired level; then the duty 
cycle returns to its steady state value. In a practical converter, the duty cycle might 
increase slightly with load current to counter the increase in voltage drops in the circuit, 
but would otherwise follow the ideal model. 


This discussion so far has assumed the regulator is in the continuous-mode of operation, 
defined by the fact that the inductor current never goes to zero. If, however, the output 
load current is decreased, there comes a point where the inductor current will go to zero 
between cycles, and the inductor current is said to be discontinuous. It is necessary to 
understand the implications of this operating mode as well, since many switchers must 
supply a wide dynamic range of output current, where this phenomenon is unavoidable. 
Waveforms for discontinuous operation are shown in Figure 9-22. 


iin =isw iL = igut 


Lower Case = Instantaneous Value _'IN ~ 
Upper Case = Average Value 


Figure 9.22: Buck Converter Waveforms— Discontinuous Mode 


Behavior during the switch on-time is identical to that of the continuous mode of 
operation. However, during the switch off-time, there are two regions of unique behavior. 
First, the inductor current ramps down at the same rate as it does during continuous 
mode, but then the inductor current goes to zero. When it reaches zero, the current tries to 
reverse but cannot find a path through the diode any longer. So the voltage on the input 
side of the inductor (same as the diode and switch junction) jumps up to Vout such that 


the inductor has no voltage across it, and the current can remain at zero. 


Because the impedance at diode node (vp) is high, ringing occurs due to the inductor, L, 
resonating with the stray capacitance which is the sum of the diode capacitance, Cp, and 
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the switch capacitance, Cgw. The oscillation is damped by stray resistances in the 
circuit, and occurs at a frequency given by: 


= | Eq. 9.22 
2n (L(Cp +Csw) 


fo 


A circuit devoted simply to dampening resonances via power dissipation is called a 
snubber. If the ringing generates EMI/RFI problems, it may be damped with a suitable 
RC _ snubber. However, this will cause additional power dissipation and reduced 
efficiency. 


If the load current of a standard buck converter is low enough, the inductor current 
becomes discontinuous. The current at which this occurs can be calculated by inspection 
of the waveform shown in Figure 9.23. This waveform is drawn showing the inductor 
current going to exactly zero at the end of the switch off-time. Under these conditions, 
the average output current is: 


lout = IpEAK/2. Ea 
We have already shown that the peak inductor current is: 
VIN - V 
IPEAK ioe ONY Eq. 9-24 
Thus, discontinuous operation will occur if: 
fou “IN OUT 6, Eq. 9-25 
However, VourT and Vyn are related by: 
t 
Vout = VIN *D= Vin ¢—_“2_.. 
ve ton + toff se 
Solving for tgp: 
VOUT VouT ,! Eq. 9.27 
ton = ton +t => e_., q. 7: 
on VI °( on * 'off ) VIN " f 
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Substituting this value for toy into the previous equation for IOUT: 


Your Your Eq. 9-28 
IN 


I < 
OUT at 


(Criteria for discontinuous operation—buck converter) 


INDUCTOR CURRENT AND OUTPUT CURRENT 


IDEAK 


-VoUT 


DISCONTINUOUS MODE IF: 


VIN — VOUT ,¢ 


1 
louT < > PEAK= 


v 
Vour(1- Your) 


(1 
ton + toff 


louT < 


Figure 9.23: Buck Converter Point of Discontinuous Operation 


Ideal Step-Up (Boost) Converter 


The basic step-up (boost) converter circuit is shown in Figure 9.24. During the switch on- 
time, the current builds up in the inductor. When the switch is opened, the energy stored 
in the inductor is transferred to the load through the diode. 


The actual waveforms associated with the boost converter are shown in Figure 9.25. 
When the switch is on, the voltage Vyj appears across the inductor, and the inductor 


current increases at a rate equal to VfN/L. When the switch is opened, a voltage equal to 
VOUT — VIN appears across the inductor, current is supplied to the load, and the current 
decays at a rate equal to (VQuT — VIN)/L. The inductor current waveform is shown in 
Figure 9.25B. 
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ERROR AMPLIFIER 
AND SWITCH 
CONTROL CIRCUIT 


SW ON 


t 
SW OFF on off 


Figure 9.24: Basic Step-Up (Boost) Converter 


Vout 
Vsw t 


Lower Case = Instantaneous Value 
Upper Case = Average Value 


Figure 9.25: Basic Step-Up Converter Waveforms 
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Note that in the boost converter, the input current is continuous, while the output current 
(Figure 9.15D) is pulsating. This implies that filtering the output of a boost converter is 
more difficult than that of a buck converter. (Refer back to the previous discussion of 
buck converters). Also note that the input current is the sum of the switch and diode 
current. 


If a steady-state condition exists (see Figure 9.26), the basic relationship between the 
input and output voltage may be derived by inspecting the inductor current waveform and 
writing: 


= Eq. 9-29 
VIN is “oH VIN sian q 
Solving for VOUT: 
tan +t 
VouT = VIN ae off VIN e Eq. 9-30 
oO 
ton toff ton 
iL = iy VIN Vin — VOUT 


VIN *ton = “Our VIN ° toff 


t +t 
Vout = VIN *-°" Off = Vin « 


off i= 
Figure 9.26: Input/Output Relationship for a Boost Converter 


This discussion so far has assumed the boost converter is in the continuous-mode of 
operation, defined by the condition that the inductor current never goes to zero. If, 
however, the output load current is decreased, there comes a point where the inductor 
current will go to zero between cycles, and the inductor current is said to be 
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discontinuous. It is necessary to understand this operating mode as well, since many 
switchers must supply a wide dynamic range of output current, where this phenomenon is 
unavoidable. 


Discontinuous operation for the boost converter is similar to that of the buck converter. 
Figure 9.27 shows the waveforms. Note that when the inductor current goes to zero, 
ringing occurs at the switch node at a frequency fy given by: 


1 


Eq. 9-31 


f= 
© 2" JL(Cp +Csw) 


Lower Case = Instantaneous Value 
Upper Case = Average Value 


Figure 9.27: Boost Converter Waveform—Discontinuous Mode 


The inductor, L, resonates with the stray switch capacitance and diode capacitance, Cow 
+ Cp as in the case of the buck converter. The ringing is dampened by circuit resistances, 
and, if needed, a snubber. 


The current at which a boost converter becomes discontinuous can be derived by 
inspecting the inductor current (same as input current) waveform of Figure 9.28. 
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INDUCTOR CURRENT AND INPUT CURRENT 


VIN ~ |pEaK 
L H 


Vin — VoUT 


DISCONTINUOUS MODE IF: 
VouT — VIN 


lIN < 4 PEAK= * toff 
2 2L 
Vin2(Vout - Vin) 1 
iguce OUT- VIN) ¢_ 
Vout e 2Lf ton + toff 


Figure 9.28: Boost Converter Point of Discontinuous Operation 


The average input current at the point of discontinuous operation is: 
IN = IPEAK/2. 


Discontinuous operation will occur if: 


TIN < IPEAK/2. 
However, 
ines PLAN 2 “OL VIN stats 
Also, 


VIN *lIN = VouT *lOUT> 
and therefore: 


IOUT = VIN elIn = VIN , (YourT - VIN) 
VOUT VOUT 2L 
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However, 
NouT ot _ ot ton + tof Eq, 9-37 
VIN I-D ,___ ton toff 
ton + loff 
Solving for to¢f: 
VIN VIN 
tore = barat —— 
off VOUT ( on off) fe Vout Eq. 9-38 


Substituting this value for toff into the previous expression for IQ UT, the criteria for 
discontinuous operation of a boost converter is established: 


2 
Vin“ (Vout = VIN) 
(Criteria for discontinuous operation—boost converter). 


IOUT < 


The basic buck and boost converter circuits can work equally well for negative inputs and 
outputs as shown in Figure 9.29. Note that the only difference is that the polarities of the 
input voltage and the diode have been reversed. In practice, however, not many IC buck 
and boost regulators or controllers will work with negative inputs. In some cases, external 
circuitry can be added in order to handle negative inputs and outputs. Rarely are 
regulators or controllers designed specifically for negative inputs or outputs. In any case, 
data sheets for the specific ICs will indicate the degree of flexibility allowed. 


Vin 1 _ Vout Vin rm. K : Vout 
SW 
Cc _ aay Cc _ 
+ Ze D + + SW + 
LOAD LOAD 
r' e Py 
VY 
BUCK BOOST 


Figure 9.29: Negative In, Negative Out Buck and Boost Converter 
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Buck-Boost Topologies 


The simple buck converter can only produce an output voltage which is less than the 
input voltage, while the simple boost converter can only produce an output voltage 
greater than the input voltage. There are many applications where more flexibility is 
required. This is especially true in battery powered applications, where the fully charged 
battery voltage starts out greater than the desired output (the converter must operate in the 
buck mode), but as the battery discharges, its voltage becomes less than the desired 
output (the converter must then operate in the boost mode). 


A buck-boost converter is capable of producing an output voltage which is either greater 
than or less than the absolute value of the input voltage. A simple buck-boost converter 
topology is shown in Figure 9.30. The input voltage is positive, and the output voltage is 
negative. When the switch is on, the inductor current builds up. When the switch is 
opened, the inductor supplies current to the load through the diode. Obviously, this circuit 
can be modified for a negative input and a positive output by reversing the polarity of the 
diode. 


Vy SW Vout (NEGATIVE) 
‘ D 
LOAD 
L C 
+ 


The Absolute Value of the Output Can Be Less Than 
Or Greater Than the Absolute Value of the Input 


Figure 9.30: Buck-Boost Converter #1 
+Vin, -Vout 


A second buck-boost converter topology is shown in Figure 9.31. This circuit allows both 
the input and output voltage to be positive. When the switches are closed, the inductor 
current builds up. When the switches open, the inductor current is supplied to the load 
through the current path provided by D1 and D2. A fundamental disadvantage to this 
circuit is that it requires two switches and two diodes. As in the previous circuits, the 
polarities of the diodes may be reversed to handle negative input and output voltages. 
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Vin SW1 ny Vout (POSITIVE) 
L D2 mM 
— 


The Absolute Value of the Output Can Be Less Than 
Or Greater Than the Absolute Value of the Input 


Figure 9.31: Buck-Boost Converter #2 
+Vin, -Vout 


Another way to accomplish the buck-boost function is to cascade two switching 
regulators; a boost regulator followed by a buck regulator as shown in Figure 9.32. The 
example shows some practical voltages in a battery-operated system. The input from the 
four AA cells can range from 6 V (charged) to about 3.5 V (discharged). The 
intermediate voltage output of the boost converter is 8 V, which is always greater than the 
input voltage. The buck regulator generates the desired 5 V from the 8 V intermediate 
voltage. The total efficiency of the combination is the product of the individual 
efficiencies of each regulator, and can be greater than 85% with careful design. 


An alternate topology is use a buck regulator followed by a boost regulator. This 
approach, however, has the disadvantage of pulsating currents on both the input and 
output and a higher current at the intermediate voltage output. 


INTERMEDIATE 
Vine VOLTAGE 
4 AA CELLS 
8V 
3.5 - 6V BOOST BUCK 
REGULATOR REGULATOR 
+ 
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Figure 9.32: Cascaded Buck Boost Regulators 
(Example Voltages) 
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Other Nonisolated Switcher Topologies 


The coupled-inductor single-ended primary inductance converter (SEPIC) topology is 
shown in Figure 9.33. This converter uses a transformer with the addition of capacitor Cc 


which couples additional energy to the load. If the turns ratio (N = the ratio of the number 
of primary turns to the number of secondary turns) of the transformer in the SEPIC 
converter is 1:1, the capacitor serves only to recover the energy in the leakage inductance 
(i.e., that energy which is not perfectly coupled between the windings) and delivering it 
to the load. In that case, the relationship between input and output voltage is given by 


D 
VOUT = VIN i Eq. 9-40 


For nonunity turns ratios the input/output relationship is highly nonlinear due to transfer 
of energy occurring via both the coupling between the windings and the capacitor Cc. 


For that reason, it is not analyzed here. 


VIN 


Figure 9.33: Single-Ended Primary Inductance Converter 
(SEPIC) 


This converter topology often makes an excellent choice in nonisolated battery-powered 
systems for providing both the ability to step up or down the voltage, and, unlike the 
boost converter, the ability to have zero voltage at the output when desired. 


The Zeta and Ciik converters, not shown, are two examples of nonisolated converters 
which require capacitors to deliver energy from input to output, i.e., rather than just to 
store energy or deliver only recovered leakage energy, as the SEPIC can be configured 
via a 1:1 turns ratio. Because capacitors capable of delivering energy efficiently in such 
converters tend to be bulky and expensive, these converters are not frequently used. 
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Isolated Switching Regulator Topologies 


The switching regulators discussed so far have direct galvanic connections between the 
input and output. Transformers can be used to supply galvanic isolation as well as 
allowing the buck-boost function to be easily performed. However, adding a transformer 
to the circuit creates a more complicated and expensive design as well as increasing the 
physical size. 


The basic flyback buck-boost converter circuit is shown in Figure 9.34. It is derived from 
the buck-boost converter topology. When the switch is on, the current builds up in the 
primary of the transformer and energy is stored in the magnetic core. When the switch is 
opened, the current reverts to the secondary winding and flows through the diode 
delivering the stored energy into the load. The relationship between the input and output 
voltage is determined by the turns ratio, N, and the duty cycle, D, per the following 
equation: 

MINE og, 2s, 

N 1-D 


VOUT = Eq. 9-41 


One advantage of the flyback topology is that the transformer provides galvanic isolation 
as well as acting like an inductor (the transformer is more appropriately referred to as a 
coupled inductor in this application). A disadvantage of the flyback converter is the high 
energy which must be stored in the transformer in the form of dc current in the windings. 
This requires larger cores than would be necessary if the transformer just passed energy 
(instead of also acting as an inductor). 


(BUCK-BOOST DERIVED) 


VIN D 
V7 UN 
OUT N °4-D 
D = Duty Cycle 


Figure 9.34: Isolated Topology: 
Flyback Converter 
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The basic forward converter topology is shown in Figure 9.35. It is derived from the buck 
converter. This topology avoids the problem of having to store large amounts of energy 
in the transformer core. However, the circuit is more complex and requires an additional 
magnetic element (a transformer), an inductor, an additional transformer winding, plus 
three diodes. When the switch is on, current builds up in the primary winding and also in 
the secondary winding, where it is transferred to the load through diode D1. When the 
switch is on, the current in the inductor flows out of D1 from the transformer and is 
reflected back to the primary winding according to the turns ratio. Additionally, a current 
(called a magnetization current) builds up in the primary due to the input voltage applied 
across the primary inductance, called the magnetizing inductance, flows in the primary 
winding. When the switch is opened, the current in the inductor continues to flow through 
the load via the return path provided by diode D2. The load current is no longer reflected 
into the transformer, but the magnetizing current induced in the primary still requires a 
return path so that the transformer can be reset. Hence the extra reset winding and diode 
are needed. 


The relationship between the input and output voltage is given by: 


Vour= We D. Eq. 9-42 


D2 Vout 


(BUCK DERIVED) 


VOUT = VIN eD 
N 
D = Duty Cycle 


Figure 9.35: Isolated Topology: 
Forward Converter 


There are many other possible isolated switching regulator topologies which use 
transformers, however, the balance of this section will focus on nonisolated topologies 
because of their wider application in portable and distributed power systems. 
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Switch Modulation Techniques 


Important keys to understanding switching regulators are the various methods used to 
control the switch. For simplicity of analysis, the examples previously discussed used a 
simple fixed-frequency pulse width modulation (PWM) technique. There can be two 
other standard variations of the PWM technique: variable frequency constant on-time, 
and variable frequency constant off-time. 


In the case of a buck converter, using a fixed off-time ensures that the peak-to-peak 
output ripple current in the inductor current remains constant as the input voltage varies. 
This is illustrated in Figure 9.36, where the output current is shown for two conditions of 
input voltage. Note that as the input voltage increases, the slope during the on-time 
increases, but the on-time decreases, thereby causing the frequency to increase. Fixed off- 
time control techniques are popular for buck converters where a wide input voltage range 
must be accommodated. The ADP1147 family implements this switch modulation 
technique. 


OUT 
WAVEFORMS 


Vin - Vout -YouT 
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Figure 9.36: Control of a Buck Converter using Fixed Off-Time, 
Variable Frequency PWM 


In the case of a boost converter, however, neither input ramp slopes nor output ramp 
slopes are solely a function of the output voltage (see Figure 9.35), so there is no inherent 
advantage in the variable frequency constant off-time modulation method with respect to 
maintaining constant output ripple current. Still, that modulation method tends to allow 
for less ripple current variation than does fixed frequency, so it is sometimes used. 


In the case where very low duty cycles are needed, e.g., under short-circuit conditions, 
sometimes the limitation of a minimum achievable duty cycle is encountered. In such 
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cases, in order to maintain a steady-state condition and prevent runaway of the switch 
current, a pulse skipping function must be implemented to reduce effective duty cycle. 
This might take the form of a current monitoring circuit which detects that the switch 
current is excessive. So either a fixed frequency cycle is skipped without turning on the 
switch, or the off-time is extended in some way to delay the turn-on. 


The pulse skipping technique for a fixed frequency controller can be applied even to 
operation at normal duty cycles. Such a switch modulation technique is then referred to 
as pulse burst modulation (PBM). At its simplest, this technique simply gates a fixed 
frequency, fixed duty cycle oscillator to be applied to the switch or not. The duty cycle of 
the oscillator sets the maximum achievable duty cycle for the converter, and smaller duty 
cycles are achieved over an average of a multiplicity of pulses by skipping oscillator 
cycles. This switch modulation method accompanies a simple control method of using a 
hysteretic comparator to monitor the output voltage versus a reference and decide 
whether to use the oscillator to turn on the switch for that cycle or not. The hysteresis of 
the comparator tends to give rise to several cycles of switching followed by several 
cycles of not switching. Hence, the resulting switching signal is characterized by pulses 
which tend to come in bursts—hence the name for the modulation technique. 


There are at least two inherent fundamental drawbacks of the PBM switch modulation 
technique. First, the constant variation of the duty cycle between zero and maximum 
produces high ripple currents and accompanying losses. Second, there is an inherent 
generation of subharmonic frequencies with respect to the oscillator frequency. This 
means that the noise spectrum is not well controlled, and often audible frequencies can be 
produced. This is often apparent in higher power converters which use pulse skipping to 
maintain short-circuit current control. An audible noise can often be heard under such a 
condition, due to the large magnetic elements acting like speaker voice coils. For these 
reasons, PBM is seldom used at power levels above ~10 Watts, but for its simplicity, it is 
often preferred below that power level, but above a power level or with a power 
conversion requirement where charge pumps are not well suited. 


Control Techniques 


Though often confused with or used in conjunction with discussing the switch 
modulation technique, the control technique refers to what parameters of operation are 
monitored and how they are processed to control the modulation of the switch. The 
specific way in which the switch is modulated can be thought of separately, and was just 
presented in the previous section. 


In circuits using PBM for switch modulation, the control technique typically used is a 
voltage-mode hysteretic control. In this implementation the switch is controlled by 
monitoring the output voltage and modulating the switch such that the output voltage 
oscillates between two hysteretic limits. The ADP3000 switching regulator is an example 
of a regulator which combines these modulation and control techniques. 


Figure 9.37 shows the most basic control technique for use with PWM is voltage-mode 
(VM) control. Here, the output voltage is the only parameter used to determine how the 
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switch will be modulated. An error amplifier (first mentioned in the Buck Converter 
section) monitors the output voltage, its error is amplified with the required frequency 
compensation for maintaining stability of the control loop, and the switch is modulated 
directly in proportion to that amplifier output. 


The output voltage is divided down by a ratio-matched resistor divider and drives one 
input of an amplifier, G. A precision reference voltage (VRRF) 1s applied to the other 


input of the amplifier. The output of the amplifier in turn controls the duty cycle of the 
PWM. It is important to note that the resistor divider, amplifier, and reference are 
actually part of the switching regulator IC, but are shown externally in the diagram for 
clarity. The output voltage is set by the resistor divider ratio and the reference voltage: 


R2 
VOUT = VREF ( + R2) ; Eq. 9-43 


The internal resistor ratios and the reference voltage are set to produce standard output 
voltage options such as 12 V, 5 V, 3.3 V, or 3 V. In some regulators, the resistor divider 
can be external, allowing the output voltage to be adjusted. 


+ SWITCHING REG. IC, 
INDUCTOR, 


DIODE 


VREF 


NOTE: RESISTORS, AMPLIFIER, AND Vper 
INCLUDED IN SWITCHING REGULATOR IC 


Figure 9.37: Voltage Feedback for PWM Control 


A simple modification of VM control is voltage feedforward. This technique adjusts the 
duty cycle automatically as the input voltage changes so that the feedback loop does not 
have to make an adjustment (or as much of an adjustment). Voltage feedforward can even 
be used in the simple PBM regulators. Feedforward is especially useful in applications 
where the input voltage can change suddenly or, perhaps due to current limit protection 
limitations, it is desirable to limit the maximum duty cycle to lower levels when the input 
voltage is higher. 


In switchers, the VM control loop needs to be compensated to provide stability, 
considering that the voltage being controlled by the modulator is the average voltage 
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produced at the switched node, whereas the actual output voltage is filtered through the 
switcher's LC filter. The phase shift produced by the filter can make it difficult to 
produce a control loop with a fast response time. 


A popular way to circumvent the problem produced by the LC filter phase shift is to use 
current-mode (CM) control as shown in Figure 9.38. In current-mode control, it is still 
desirable, of course, to regulate the output voltage. Thus, an error amplifier (G1) is still 
required. However, the switch modulation is no longer controlled directly by the error 
amplifier. Instead, the inductor current is sensed, amplified by G2, and used to modulate 
the switch in accordance with the command signal from the [output voltage] error 
amplifier. It should be noted that the divider network, Vppf, Gl and G2 are usually part 


of the IC switching regulator itself, rather than external as shown in the simplified 
diagram. 


SWITCHING REG. IC, 
INDUCTOR, 
DIODE 


NOTE: RESISTORS, AMPLIFIERS, AND Vper 
INCLUDED IN SWITCHING REGULATOR IC 


Figure 9.38: Current Feedback for PWM Control 


The CM control system uses feedback from both the output voltage and output current. 
Recall that at the beginning of each PWM cycle, the switch turns on, and the inductor 
current begins to rise. The inductor current develops a voltage across the small sense 
resistor, RSENSE, Which is amplified by G2 and fed back to the PWM controller to turn 


off the switch. The output voltage, sensed by amplifier G1 and also fed back to the PWM 
controller, sets the level at which the peak inductor current will terminate the switch on- 
time. Since it is inductor current that turns off the switch (and thereby sets the duty cycle) 
this method is commonly referred to as current-mode control, even though there are 
actually two feedback control loops: the fast responding current loop, and the slower 
responding output voltage loop. Note that inductor current is being controlled on a pulse- 
by-pulse basis, which simplifies protection against switch over-current and inductor 
saturation conditions. 
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In essence, then, in CM control, rather than controlling the average voltage which is 
applied to the LC filter as in VM control, the inductor current is controlled directly on a 
cycle-by-cycle basis. The only phase shift remaining between the inductor current and the 
output voltage is that produced by the impedance of the output capacitor(s). The 
correspondingly lower phase shift in the output filter allows the loop response to be faster 
while still remaining stable. Also, instantaneous changes in input voltage are immediately 
reflected in the inductor current, which provides excellent line transient response. The 
obvious disadvantage of CM control is the requirement of sensing current and, if needed, 
an additional amplifier. With increasingly higher performance requirements in modern 
electronic equipment, the performance advantage of CM control typically outweighs the 
cost of implementation. Also, some sort of current limit protection is often required, 
whatever the control technique. Thus it tends to be necessary to implement some sort of 
current sensing even in VM-controlled systems. 


Now even though we speak of a CM controller as essentially controlling the inductor 
current, more often than not the switch current is controlled instead, since it is more 
easily sensed (especially in a switching regulator) and it is a representation of the 
inductor current for at least the on-time portion of the switching cycle. Rather than 
actually controlling the average switch current, which is not the same as the average 
inductor current anyway, it is often simpler to control the peak current - which is the 
same for both the switch and the inductor in all the basic topologies. The error between 
the average inductor current and the peak inductor current produces a non-linearity within 
the control loop. In most systems, that is not a problem. In other systems, a more precise 
current control is needed, and in such a case, the inductor current is sensed directly and 
amplified and frequency-compensated for the best response. 


Other control variations are possible, including valley rather than peak control, hysteretic 
current control, and even charge control—a technique whereby the integral of the 
inductor current (1.e., charge) is controlled. That eliminates even the phase shift of the 
output capacitance from the loop, but presents the problem that instantaneous current is 
not controlled, and therefore short-circuit protection is not inherent in the system. All 
techniques offer various advantages and disadvantages. Usually the best tradeoff between 
performance and cost/simplicity is peak-current control - as used by the ADP1147 
family. This family also uses the current-sense output to control a sleep, or power saving 
mode of operation to maintain high efficiency for low output currents. 


Gated Oscillator (Pulse Burst Modulation) Control Example 


All of the PWM techniques discussed thus far require some degree of feedback loop 
compensation. This can be especially tricky for boost converters, where there is more 
phase shift between the switch and the output voltage. 


As previously mentioned, a technique which requires no feedback compensation uses a 
fixed frequency gated oscillator as the switch control (see Figure 9.39). This method is 
often (incorrectly) referred to as the Pulse Frequency Modulation (PFM) mode, but is 
more correctly called pulse burst modulation (PBM) or gated-oscillator control. 
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The output voltage (VQuT) is divided by the resistive divider (R1 and R2) and compared 
against a reference voltage, VppR. The comparator hysteresis is required for stability and 


also affects the output voltage ripple. When the resistor divider output voltage drops 
below the comparator threshold (VpfF minus the hysteresis voltage), the comparator 
starts the gated oscillator. The switcher begins switching again which then causes the 
output voltage to increase until the comparator threshold is reached (VppFf plus the 
hysteresis voltage), at which time the oscillator is turned off. When the oscillator is off, 


quiescent current drops to a very low value (for example, 95 yA in the ADP1073) 
making PBM controllers very suitable for battery-powered applications. 
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SWITCH GATED OSCILLATOR 
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AND Vpe_r INCLUDED IN SWITCHING REGULATOR IC 


VREF 


Figure 9.39: Switch Control Using Gated Oscillator 
(Pulse Burst Modulation, PBM) 


A simplified output voltage waveform is shown in Figure 9.40 for a PBM buck converter. 
Note that the comparator hysteresis voltage multiplied by the reciprocal of the attenuation 
factor primarily determines the peak-to-peak output voltage ripple (typically between 
50 mV and 100 mV). It should be noted that the actual output voltage ripple waveform 
can look quite different from that shown in Figure 3.30 depending on the design and 
whether the converter is a buck or boost. 


A practical switching regulator IC using the PBM approach is the ADP3000, which has a 
fixed switching frequency of 400 kHz and a fixed duty cycle of 80%. This device is a 
versatile step-up/step-down converter. It can deliver an output current of 100 mA ina 5 V 
to 3 V step-down configuration and 180 mA in a 2 V to 3.3 V step-up configuration. 
Input supply voltage can range between 2 V and 12 V in the boost mode, and up to 30 V 
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in the buck mode. It should be noted that when the oscillator is turned off, the internal 
switch is opened so that the inductor current does not continue to increase. 
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Figure 9.40: Representative Output Voltage Waveform for Gated Oscillator 
Controlled (PBM) Buck Regulators 


In the gated-oscillator method, the comparator hysteresis serves to stabilize the feedback 
loop making the designs relatively simple. The disadvantage, of course, is that the peak- 
to-peak output voltage ripple can never be less than the comparator hysteresis multiplied 
by the reciprocal of the attenuation factor: 


. R2 
Output Ripple 2 Vhysteresis (#2) . Eq. 9-44 


Because the gated-oscillator (PBM) controlled switching regulator operates with a fixed 
duty cycle, output regulation is achieved by changing the number of “skipped pulses” as 
a function of load current and voltage. From this perspective, PBM controlled switchers 
tend to operate in the “discontinuous” mode under light load conditions. Also, the 
maximum average duty cycle is limited by the built-in duty cycle of the oscillator. Once 
the required duty cycle exceeds that limit, no pulse skipping occurs, and the device will 
lose regulation. 


One disadvantage of the PBM switching regulator is that the frequency spectrum of the 
output ripple is “fuzzy” because of the burst-mode of operation. Frequency components 
may fall into the audio band, so proper filtering of the output of such a regulator is 
mandatory. 


Selection of the inductor value is also more critical in PBM regulators. Because the 
regulation is accomplished with a burst of fixed duty cycle pulses (i.e., higher than 
needed on average) followed by an extended off time, the energy stored in the inductor 
during the burst of pulses must be sufficient to supply the required energy to the load. If 
the inductor value is too large, the regulator may never start up, or may have poor 
transient response and inadequate line and load regulation. On the other hand, if the 
inductor value is too small, the inductor may saturate during the charging time, or the 
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peak inductor current may exceed the maximum rated switch current. However, devices 
such as the ADP3000 incorporate on-chip overcurrent protection for the switch. An 
additional feature allows the maximum peak switch current to be set with an external 
resistor, thereby preventing inductor saturation. Techniques for selecting the proper 
inductor value will be discussed in a following section. 


Diode and Switch Considerations 


So far, we have based our discussions around an ideal lossless switching regulator having 
ideal circuit elements. In practice, the diode, switch, and inductor all dissipate power 
which leads to less than 100% efficiency. 


Figure 9.41 shows typical buck and boost converters, where the switch is part of the IC. 
The process is bipolar, and this type of transistor is used as the switching element. The 
ADP3000 and its relatives (ADP1108, ADP1109, ADP1110, ADP1111, ADP1073, and 
ADP1173) use this type of internal switch. 
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Figure 9.41: NPN Switches in IC Regulators 


The diode is external to the IC and must be chosen carefully. Current flows through the 
diode during the off-time of the switching cycle. This translates into an average current 
which causes power dissipation because of the diode forward voltage drop. The power 
dissipation can be minimized by selecting a Schottky diode with a low forward drop 
(0.5 V), such as the 1N5818-type. It is also important that the diode capacitance and 
recovery time be low to prevent additional power loss due to charging current, and this is 
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also afforded by the Schottky diode. Power dissipation can be approximated by 
multiplying the average diode current by the forward voltage drop. 


The drop across the NPN switch also contributes to internal power dissipation. The power 
(neglecting switching losses) is equal to the average switch current multiplied by the 
collector-emitter on-state voltage. In the case of the ADP3000 series, it is 1.5 V at the 
maximum rated switch current of 650 mA (when operating in the buck mode). 


In the boost mode, the NPN switch can be driven into saturation, so the on-state voltage 
is reduced, and thus, so is the power dissipation. Note that in the case of the ADP3000, 
the saturation voltage is about 1 V at the maximum rated switch current of 1 A. 


In examining the two configurations, it would be logical to use a PNP switching 
transistor in the buck converter and an NPN transistor in the boost converter in order to 
minimize switch voltage drop. However, the PNP transistors available on processes 
which are suitable for IC switching regulators generally have poor performance, so the 
NPN transistor must be used for both topologies. 


In addition to lowering efficiency by their power dissipation, the switching transistors 
and the diode also affect the relationship between the input and output voltage. The 
equations previously developed assumed zero switch and diode voltage drops. Rather 
than re-deriving all the equations to account for these drops, we will examine their effects 
on the inductor current for a simple buck and boost converter operating in the continuous 
mode as shown in Figure. 9.42. 
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Figure 9.42: Effects of Switch and Diode Voltage on Inductor Current Equations 


In the buck converter, the voltage applied to the inductor when the switch is on is equal to 
VIN — Vout — Vsw, where Vs w is the approximate average voltage drop across the 


switch. When the switch is off, the inductor current is discharged into a voltage equal to 
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VOUT + Vp. where Vp is the approximate average forward drop across the diode. The 


basic inductor equation used to derive the relationship between the input and output 
voltage becomes: 


ex = Your = YEW ton _ (YOUT+YD ) or. Eq. 9-45 


In the actual regulator circuit, negative feedback will force the duty cycle to maintain the 
correct output voltage, but the duty cycle will also be affected by the switch and the diode 
drops to a lesser degree. 


When the switch is on in a boost converter, the voltage applied to the inductor is equal to 
VIN — Vsw. When the switch is off, the inductor current discharges into a voltage equal 


to VouT — VIN + Vp. The basic inductor current equation becomes: 


VIN - Ysw) [Your — VIN + YD) 
SW It = t . Eq. 9-46 
[ L on L off q 


From the above equations, the basic relationships between input voltage, output voltage, 
duty cycle, switch, and diode drops can be derived for the buck and boost converters. 
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Figure 9.43: Power MOSFET Switches 
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Figure 9.44: Buck Converter with Synchronous Switch 
Using P- and N-Channel MOSFETS 


Inductor Considerations 


The selection of the inductor used in a switching regulator is probably the most difficult 
part of the design. Fortunately, manufacturers of switching regulators supply a wealth of 
applications information, and standard off-the-shelf inductors from well-known and 
reliable manufacturers are quite often recommended on the switching regulator data 
sheet. However, it is important for the design engineer to understand at least some of the 
fundamental issues relating to inductors. This discussion, while by no means complete, 
will give some insight into the relevant magnetics issues. 


Selecting the actual value for the inductor in a switching regulator is a function of many 
parameters. Fortunately, in a given application the exact value is generally not all that 
critical, and equations supplied on the data sheets allow the designer to calculate a 
minimum and maximum acceptable value. That’s the easy part. 


Unfortunately, there is more to a simple inductor than its inductance! Figure 9.45 shows 
an equivalent circuit of a real inductor and also some of the many considerations that go 
into the selection process. To further complicate the issue, most of these parameters 
interact, thereby making the design of an inductor truly more of an art than a science. 


Probably the easiest inductor problem to solve is selecting the proper value. In most 


switching regulator applications, the exact value is not very critical, so approximations 
can be used with a high degree of confidence. 
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Figure 9.45: Inductor Considerations 


The heart of a switching regulator analysis involves a thorough understanding of the 
inductor current waveform. Figure 9.46 shows an assumed inductor current waveform 
(which is also the output current) for a buck converter, such as the ADP3000, which uses 
the gated-oscillator PBM switch modulation technique. Note that this waveform 
represents a worst case condition from the standpoint of storing energy in the inductor, 
where the inductor current starts from zero on each cycle. In high output current 
applications, the inductor current does not return to zero, but ramps up until the output 
voltage comparator senses that the oscillator should be turned off, at which time the 
current ramps down until the comparator turns the oscillator on again. This assumption 
about the worst case waveform is necessary because in a simple PBM regulator, the 
oscillator duty cycle remains constant regardless of input voltage or output load current. 
Selecting the inductor value using this assumption will always ensure that there is enough 
energy stored in the inductor to maintain regulation. 


It should be emphasized that the following inductance calculations for the PBM buck and 
boost regulators should be used only as a starting point, and larger or smaller values 
may actually be required depending on the specific regulator and the input/output 
conditions. 
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Figure 9.46: Calculating L for a Buck Converter: 
Gated Oscillator (PBM) Type 


The peak current is easily calculated from the slope of the positive-going portion of the 
ramp: 


Vin - Vi ~V. Eq. 9-47 
poets [Seesotee NSN ies . q 
This equation can then be solved for L: 
VIN - Vi ~V. 
E -( IN ~ TOUT Lae Eq. 9-48 
IPEAK 


However, the average output current, I9uT is equal to IpRAK/2, and therefore 
IPEAK=2IQUT. Substituting this value for IpRAK into the previous equation yields: 
VIN - V -V 
ie [Vin Your —vsw OUT SW ton Eq. 9.49 
210UT 
[L for buck PBM Converter] 


The minimum expected value of Vp should be used in order to minimize the inductor 
value and maximize its stored energy. If VjN is expected to vary widely, an external 


resistor can be added to the ADP3000 to limit peak current and prevent inductor 
saturation at maximum V]N. 


A similar analysis can be carried out for a boost PBM regulator as shown in Figure 9.47. 


9.59 


[i BASIC LINEAR DESIGN 


OUTPUT CURRENT: 
VIN — Vsw we ee VoUT _ VIN + Vp aa sina eesti IpeaK 


rom 
a 
“ 


L Se L 


DC = ——_- 
ton + toff 


2 IOUT 


l 
lout = PEAR (1-D) peak = ~,08 


Vin - V 
IPEAK = (Min= Vsw_ L SW ton 


= & = Yew, Be & 7 Vsw 4 _D)ton 
IPEAK 2louT 


USE MINIMUM Vy 


Figure 9.47: Calculating L for a Boost Converter: 
Gated Oscillator (PBM) Type 


We make the same assumptions about the inductor current, but note that the output 
current shown on the diagram is pulsating and not continuous. The output current, IoUT, 


can be expressed in terms of the peak current, IpRAK, and the duty cycle, D, as: 


I Eq. 9-50 
lout = PEAK (I -D). q 
Solving for IPRAK yields: 
21 
IPEAK = at Eq. 9-51 


However, IpRAK can also be expressed in terms of Vi, Vow, L, and ton: 


V -V 
eee (SiN —VSW lion, Eq. 9-52 


which can be solved for L: 


Eq. 9-53 
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Substituting the previous expression for IpRAK yields: 


L= [Vin —Vsw - Vsw Ja —D)ton- Eq. 9-54 
210UT 
[L for boost PBM Converter] 


The minimum expected value of Vyx should be used in order to ensure sufficient 
inductor energy storage under all conditions. If Vyy is expected to vary widely, an 


external resistor can be added to the ADP3000 to limit peak current and prevent inductor 
saturation at maximum V]N. 


The above equations will only yield approximations to the proper inductor value for the 
PBM-type regulators and should be used only as a starting point. An exact analysis is 
difficult and highly dependent on the regulator and input/output conditions. However, 
there is considerable latitude with this type of regulator, and other analyses may yield 
different results but still fall within the allowable range for proper regulator operation. 


Calculating the proper inductor value for PWM regulators is more straightforward. Figure 
9.48 shows the output and inductor current waveform for a buck PWM regulator 
operating in the continuous mode. It is accepted design practice to design for a peak-to- 
peak ripple current, Ipp> which is between 10% and 30% of the output current, IgyyT. We 


will assume that Ipp = 0.2*IQUT- 


OUTPUT AND INDUCTOR CURRENT, CONTINUOUS MODE: 


Vin — Vout - Vsw 
L 


~ ton + toff 


ate ()(M - VouT - ¥sw.)( You + %p} 
f/\ Vin - Vsw + Vb Ipp 


NOMINALLY, MAKE | pp = 0.2 Igy 


Figure 9.48: Calculating L for a Buck Converter: 
Constant Frequency PWM Type 
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By inspection, we can write: 


Vin — Vout — VSw _{ YouT + Vp Eq. 9-55 
fon = toff >» 
L L 
or 
VIN ~ VOUT = vsw) 
t = | ton . Eq. 9- 
off [ Your +Vp on q. 9-56 
However, the switching frequency, f, is given by: 
-} Eq. 9-57 
Con + toff 
or: 
1 Eq. 9-58 
toff = t_ ton. 


Substituting this expression for toff in the previous equation for to¢¢ and solving for ton 
yields: 


_! VouT + YD i: Eq. 9-59 
VIN — Vsw + VD 


However, 


a es - VoUT —Ysw 
pp” on 


L Eq. 9-60 
Combining the last two equations and solving for L yields: 
L=(4(% - VOUT Yaw [Your “vp, Eq. 9-61 
f VIN - Vsw + Vp Ipp 


[L for buck PWM converter, constant frequency] 


As indicated earlier, choose Ipp to be nominally 0.2*IQUT and solve the equation for L. 
Calculate L for the minimum and maximum expected value of Vp and choose a value 
halfway between. System requirements may dictate a larger or smaller value of Ip 
which will inversely affect the inductor value. 


A variation of the buck PWM constant frequency regulator is the buck PWM regulator 
with variable frequency and constant off-time (e.g. ADP1148). 
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A diagram of the output and inductor current waveform is shown in Figure 9.49 for the 
continuous mode. 


OUTPUT AND INDUCTOR CURRENT, CONTINUOUS MODE: 


Vin - Vout - Vsw 
L 


NOMINALLY, MAKE | pp = 0.2 lout 


Figure 9.49: Calculating L for a Buck Converter: 
Constant Off-Time, Variable Frequency PWM Type 


The calculations are very straightforward, since the peak-to-peak amplitude of the ripple 
current is constant: 


Vv +V Eq. 9-62 
- -( our D torr. q 
Solving for L: 
52) 20UL =D: toft- Eq. 9-63 
Ipp 


[L for buck PWM constant off-time, variable frequency converter] 


Again, choose Inp = 0.2*IQUT, or whatever the system requires. 


The final example showing the inductance calculation is for the boost PWM constant 
frequency regulator. The inductor (and input) current waveform is shown in Figure 9.50. 
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INPUT AND INDUCTOR CURRENT, CONTINUOUS MODE: 
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Figure 9.50: Calculating L for a Boost Converter: 
Constant Frequency PWM Type 


The analysis is similar to that of the constant frequency buck PWM regulator. 


By inspection of the inductor current, we can write: 


[ay SW _ [Your — VIN ND), Eq. 9-64 
L i 


or 


VIN -—V 
toff -( saul ee 


Vout ~ VIN + Vp ae 

However, the switching frequency, f, is given by 

1 
f = —_____,, Eq. 9-66 
ton + toff 
or 

ee 

off fF. on- Eq. 9-67 


Substituting this expression for tof¢ in the previous equation for to¢¢ and solving for ton 
yields: 


\{ Your —Vin “YD ). eae 


ton = 
f\VouT - Ysw + Vp 
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However, 


a [Yin —Ysw ), 
pp on 


L Eq. 9-69 
Combining the last two equations and solving for L yields: 
1\f V —-VIN +V VIN - V 
_ (2 OUT ~ VIN + VD I IN | . Eq. 9-70 
f/\VouT -Vsw + Vp Ipp 


[L for boost PWM, constant frequency converter] 


For the boost converter, the inductor (input) current, Ip, can be related to the output 
current, IouT. by: 


Vv 
IN = POUT hiour ; Eq. 9-71 


Nominally, make Ipp = 0.2IIN. 


Note that for the boost PWM, even though the input current is continuous, while the 
output current pulsates, we still base the inductance calculation on the peak-to-peak 
inductor ripple current. 


As was previously suggested, the actual selection of the inductor value in a switching 
regulator is probably the easiest part of the design process. Choosing the proper type of 
inductor is much more complicated as the following discussions will indicate. 


Fundamental magnetic theory says that if a current passes through a wire, a magnetic 
field will be generated around the wire (right-hand rule). The strength of this field is 
measured in ampere-turns per meter, or oersteds and is proportional to the current 
flowing in the wire. The magnetic field strength produces a magnetic flux density (B, 
measured in webers per square meter, or gauss). 


Using a number of turns of wire to form a coil increases the magnetic flux density for a 
given current. The effective inductance of the coil is proportional to the ratio of the 
magnetic flux density to the field strength. 


This simple air core inductor is not very practical for the values of inductance required in 
switching regulators because of wiring resistance, interwinding capacitance, sheer 
physical size, and other factors. Therefore, in order to make a reasonable inductor, the 
wire is wound around some type of ferromagnetic core having a high permeability. Core 
permeability is often specified as a relative permeability which is basically the increase in 
inductance which is obtained when the inductor is wound on a core instead of just air. A 
relative permeability of 1000, for instance, will increase inductance by 1000:1 above that 
of an equivalent air core. 
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Figure 9.51 shows magnetic flux density (B) versus inductor current for the air core and 
also ferromagnetic cores. Note that B is linear with respect to H for the air core inductor, 
i.e., the inductance remains constant regardless of current. 
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Figure 9.51: Magnetic Flux Density vs. Inductor Current 


The addition of a ferromagnetic core increases the slope of the curve and increases the 
effective inductance, but at some current level, the inductor core will saturate (i.e., the 
inductance is drastically reduced). It is obvious that inductor saturation can wreck havoc 
in a switching regulator, and can even burn out the switch if it is not current-limited. 


This effect can be reduced somewhat while still maintaining higher inductance than an air 
core by the addition of an air gap in the ferromagnetic core. The air gap reduces the slope 
of the curve, but provides a wider linear operating range of inductor current. Air gaps do 
have their problems, however, and one of them is the tendency of the air-gapped inductor 
to radiate high frequency energy more than a non-gapped inductor. Proper design and 
manufacturing techniques, however, can be used to minimize this EMI problem, so air- 
gapped cores are popular in many applications. 


The effects of inductor core saturation in a switcher can be disastrous to the switching 
elements as well as lowering efficiency and increasing noise. Figure 9.52 shows a normal 
inductor current waveform in a switching regulator as well as a superimposed waveform 
showing the effects of core saturation. Under normal conditions the slope is linear for 
both the charge and discharge cycle. If saturation occurs, however, the inductor current 
increases exponentially, corresponding to the drop in effective inductance. It is therefore 
important in all switching regulator designs to determine the peak inductor current 
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expected under the worst case conditions of input voltage, load current, duty cycle, etc. 
This worst case peak current must be less than the peak-current rating of the inductor. 
Notice that when inductor literature does not have a “dc-current” rating, or shows only an 
“ac amps” rating, such inductors are often prone to saturation. 


Figure 9.52: Effects of Saturation on Inductor Current 


From a simplified design standpoint, the effects or presence of inductor saturation can 
best be observed with a scope and a current probe. If a current probe is not available, a 
less direct but still effective method is to measure the voltage across a small sense resistor 
in series with the inductor. The resistor value should be 1 Q or less (depending on the 
inductor current), and the resistor must be sized to dissipate the power. In most cases, a 
1 Q, 1 W resistor will work for currents up to a few hundred mA, and a 0.1 OQ, 10 W 
resistor is good for currents up to 10 A. 


Another inductor consideration is its loss. Ideally, an inductor should dissipate no power. 
However, in a practical inductor, power is dissipated in the form of hysteresis loss, eddy- 
current loss, and winding loss. Figure 9.53 shows a typical B/H curve for an inductor. 
The enclosed area swept out by the B/H curve during one complete operating cycle is the 
hysteresis loss exhibited by the core during that cycle. Hysteresis loss is a function of 
core material, core volume, operating frequency, and the maximum flux density during 
each cycle. The second major loss within the core is eddy-current loss. This loss is caused 
by the flow of circulating magnetic currents within the core material caused by rapid 
transitions in the magnetic flux density. It is also dependent on the core material, core 
volume, operating frequency, and flux density. 


In addition to core loss, there is winding loss, the power dissipated in the dc resistance of 
the winding. This loss is a function of the wire size, core volume, and the number of 


turns. 


In a switching regulator application, excessive loss will result in a loss of efficiency and 
high inductor operating temperatures. 
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Figure 9.53: Inductor Power Losses 


Fortunately, inductor manufacturers have simplified the design process by specifying 
maximum peak current, maximum continuous current, and operating frequency range and 
temperature for their inductors. If the designer derates the maximum peak and continuous 
current levels by a factor of 20% or so, the inductor should be satisfactory for the 
application. If these simple guidelines are observed, then the designer can be reasonably 
confident that the major sources of efficiency losses will be due to other parts of the 


regulator, i.e., the switch (I2R®, gate charge, on-voltage), the diode (on-voltage), and the 
quiescent power dissipation of the regulator itself. 


One method to ensure that the inductor losses do not significantly degrade the regulator 
performance is to measure the Q of the inductor at the switching frequency. If the Q is 
greater than about 25, then the losses should be insignificant. 


There are many possible choices in inductor core materials: ferrite, molypermalloy 
(MPP) ferrite, powdered iron, etc. High efficiency converters generally cannot 
accommodate the core loss found in the low cost powdered iron cores, forcing the use of 


: ® 
more expensive ferrite, molypermalloy (MPP), or “Kool Mu” cores. 


Ferrite core material saturates “hard,” which causes the inductance to collapse abruptly 
when the peak current is exceeded. This results in a sharp increase in inductor ripple 
current. 


Molypermalloy from Magnetics, Inc., is a very good, low loss core material for toroids, 
but is more expensive than ferrite. A reasonable compromise from the same manufacturer 
is “Kool Mu.” 
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The final consideration is the inductor self-resonant frequency. A practical example 
would be an inductor of 10 WH which has an equivalent distributed capacitance of 5 pF. 
The self-resonant frequency can be calculated as follows: 


1 1 
fresonance = TENG: = 22 MHz. Eq. 9-72 


The switching frequency of the regulator should be at least ten times less than the 
resonant frequency. In most practical designs with switching frequencies less than 1 MHz 
this will always be the case, but a quick calculation is a good idea. 


Capacitor Considerations 


Capacitors play a critical role in switching regulators by acting as storage elements for 
the pulsating currents produced by the switching action. Although not shown on the 
diagrams previously, all switching regulators need capacitors on their inputs as well as 
their outputs for proper operation. The capacitors must have very low impedance at the 
switching frequency as well as the high frequencies produced by the pulsating current 
waveforms. 


Recall the input and output current waveforms for the simple buck converter shown in 
Figure 9.54. Note that the input current to the buck converter is pulsating, while the 
output is continuous. Obviously, the input capacitor Cyx is critical for proper operation 


of the regulator. It must maintain the input at a constant voltage during the switching 
spikes. This says that the impedance of the capacitor must be very low at high 
frequencies, much above the regulator switching frequency. The load capacitor is also 
critical in that its impedance will determine the peak-to-peak output voltage ripple, but its 
impedance at high frequencies is not as critical due to the continuous nature of the output 
current waveform. 


The situation is reversed in the case of the boost converter shown in Figure 9.55. Here the 
input waveform is continuous, while the output waveform is pulsating. The output 
capacitor must have good low and high frequency characteristics in order to minimize the 
output voltage ripple. Boost converters are often followed by a post filter to remove the 
high frequency switching noise. 


Switching regulator capacitors are generally of the electrolytic type because of the 
relatively large values required. An equivalent circuit for an electrolytic capacitor is 
shown in Figure 9.56. In addition to the capacitance value itself, the capacitor has some 
equivalent series resistance (ESR) and equivalent series inductance (ESL). It is useful to 
make a few assumptions and examine the approximate response of the capacitor to a fast 
current step input. For the sake of the discussion, assume the input current switches from 
0 Ato 1 Ain 100 ns. Also, assume that the ESR is 0.2 © and that the ESL is 20 nH. ESR 
and ESL vary widely between manufacturers and are also dependent upon body style 
(through-hole versus surface mount), but these values will serve to illustrate the point. 
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Figure 9.55: Boost Converter Input and Output Current Waveforms 


Assume that the actual value of the capacitor is large enough so that its reactance is 
essentially a short circuit with respect to the step function input. For example, 100 uF at 
3.5 MHz (the equivalent frequency of a 100 ns risetime pulse) has a reactance of 1/2nfC 


= 0.0005 Q. In this case, the output voltage ripple is determined exclusively by the ESR 
and ESL of the capacitor, not the actual capacitor value itself. 
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Figure 9.56: Response of a Capacitor to a Current Step 


These waveforms show the inherent limitations of electrolytic capacitors used to absorb 
high frequency switching pulses. In a practical system, the high frequency components 


must be attenuated by low inductance ceramic capacitors with low ESL or by the addition 
of an LC filter. 
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Figure 9.57: Typical Electrolytic Capacitor Impedance vs. Frequency 


Figure 9.57 shows the impedance versus frequency for a typical 100 uF electrolytic 
capacitor having an ESR of 0.2 © and an ESL of 20 nH. At frequencies below about 
10 kHz, the capacitor is nearly ideal. Between 10 kHz and 1 MHz (the range of switching 
frequencies for most IC switching regulators!) the impedance is limited by the ESR to 
0.2 Q. Above about 1 MHz the capacitor behaves like an inductor due to the ESL of 
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20 nH. These values, although they may vary somewhat depending upon the actual type 
of electrolytic capacitor (aluminum general purpose, aluminum switching type, tantalum, 
or organic semiconductor), are representative and illustrate the importance of 
understanding the limitations of capacitors in switching regulators. 


From the electrolytic capacitor impedance characteristic, it is clear that the ESR and ESL 
of the output capacitor will determine the peak-to-peak output voltage ripple caused by 
the switching regulator output ripple current. 


In most electrolytic capacitors, ESR degrades noticeably at low temperature, by as much 
as a factor of 4 to 6 times at —55°C versus the room temperature value. For circuits where 
ESR is critical to performance, this can lead to problems. Some specific electrolytic types 
do address this problem, for example within the HFQ switching types, the -10°C ESR at 
100 kHz is no more than 2x that at room temperature. The OS-CON electrolytics have a 
ESR versus temperature characteristic which is relatively flat. 


There are generally three classes of capacitors useful in 10 kHz to 100 MHz frequency 
range, broadly distinguished as the generic dielectric types; electrolytic, film, and 
ceramic. These can, in turn, be further subdivided. A thumbnail sketch of capacitor 
characteristics is shown in the chart of Figure 9.58. 


Aluminum | Aluminum Tantalum OS-CON Polyester Ceramic 
Electrolytic | Electrolytic | Electrolytic | Electrolytic (Stacked (Multilayer) 
(General (Switching Film) 
Purpose) Type) 
Size 100 pF 120 pF 120 pF 100 pF 1 pF 0.1 uF 
Rated 25V 25V 20V 20V 400 V 50V 
Voltage 
0.60 @ 0.1890 @ 0.120 @ 0.0220 @ 0.110 @ 0.120 @ 
ESR 100 kHz 100 kHz 100 kHz 100 kHz 4 MHz 4 MHz 
Operating = 100 kHz | = 500 kHz = 1MHz = 1MHz = 10 MHz = 1GHz 
Frequency 
(*) 


(*) Upper frequency strongly size and package dependent 


Figure 9.58: Capacitor Selection Guide 


The electrolytic family provides an excellent, cost effective low frequency component, 
because of the wide range of values, a high capacitance-to-volume ratio, and a broad 
range of working voltages. It includes general-purpose aluminum electrolytic types, 
available in working voltages from below 10 V up to about 500 V, and in size from 1 to 
several thousand uF (with proportional case sizes). All electrolytic capacitors are 
polarized, and thus cannot withstand more than a volt or so of reverse bias without 
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damage. They also have relatively high leakage currents (up to tens of 1A, and strongly 
dependent upon design specifics). 


A subset of the general electrolytic family includes tantalum types, generally limited to 
voltages of 100 V or less, with capacitance of 500 uF or less [Reference 8]. In a given 
size, tantalums exhibit a higher capacitance-to-volume ratio than do general-purpose 
electrolytics, and have both a higher frequency range and lower ESR. They are generally 
more expensive than standard electrolytics, and must be carefully applied with respect to 
surge and ripple currents. 


A subset of aluminum electrolytic capacitors is the switching type, designed for handling 
high pulse currents at frequencies up to several hundred kHz with low losses [Reference 
9]. This capacitor type competes directly with tantalums in high frequency filtering 
applications, with the advantage of a broader range of values. 


A more specialized high performance aluminum electrolytic capacitor type uses an 
organic semiconductor electrolyte [Reference 10]. The OS-CON capacitors feature 
appreciably lower ESR and higher frequency range than do other electrolytic types, with 
an additional feature of low low-temperature ESR degradation. 


Film capacitors are available in very broad value ranges and different dielectrics, 
including polyester, polycarbonate, polypropylene, and polystyrene. Because of the low 
dielectric constant of these films, their volumetric efficiency is quite low, and a 
10 wF/50 V polyester capacitor (for example) is actually a handful. Metalized (as 
opposed to foil) electrodes does help to reduce size, but even the highest dielectric 
constant units among film types (polyester, polycarbonate) are still larger than any 
electrolytic, even using the thinnest films with the lowest voltage ratings (50 V). Where 
film types excel is in their low dielectric losses, a factor which may not necessarily be a 
practical advantage for filtering switchers. For example, ESR in film capacitors can be as 
low as 10 mQ or less, and the behavior of films generally is very high in terms of Q. In 
fact, this can cause problems of spurious resonance in filters, requiring damping 
components. 


Typically using a wound layer-type construction, film capacitors can be inductive, which 
can limit their effectiveness for high frequency filtering. Obviously, only noninductively 
made film caps are useful for switching regulator filters. One specific style which is 
noninductive is the stacked-film type, where the capacitor plates are cut as small 
overlapping linear sheet sections from a much larger wound drum of dielectric/plate 
material. This technique offers the low inductance attractiveness of a plate sheet style 
capacitor with conventional leads [see References 9, 10, 11]. Obviously, minimal lead 
length should be used for best high frequency effectiveness. Very high current 
polycarbonate film types are also available, specifically designed for switching power 
supplies, with a variety of low inductance terminations to minimize ESL [Reference 12]. 


Dependent upon their electrical and physical size, film capacitors can be useful at 
frequencies to well above 10 MHz. At the highest frequencies, only stacked film types 
should be considered. Some manufacturers are now supplying film types in leadless 
surface mount packages, which eliminates the lead length inductance. 
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Ceramic is often the capacitor material of choice above a few MHz, due to its compact 
size, low loss, and availability up to several uF in the high-K dielectric formulations 
(X7R and Z5U), at voltage ratings up to 200 V [see ceramic families of Reference 8]. 
NPO (also called COG) types use a lower dielectric constant formulation, and have 
nominally zero TC, plus a low voltage coefficient (unlike the less stable high-K types). 
NPO types are limited to values of 0.1 uF or less, with 0.01 uF representing a more 
practical upper limit. 


Multilayer ceramic “chip caps” are very popular for bypassing/filtering at 10 MHz or 
more, simply because their very low inductance design allows near optimum RF 
bypassing. For smaller values, ceramic chip caps have an operating frequency range to 
1 GHz. For high frequency applications, a useful selection can be ensured by selecting a 
value which has a self-resonant frequency above the highest frequency of interest. 


The ripple-current rating of electrolytic capacitors must not be ignored in switching 
regulator applications because, unlike linear regulators, switching regulators subject 
capacitors to large ac currents. AC currents can cause heating in the dielectric material 
and change the temperature-dependent characteristics of the capacitor. Also, the capacitor 
is more likely to fail at the higher temperatures produced by the ripple current. 
Fortunately, most manufacturers provide ripple-current ratings, and this problem can be 
averted if understood. 


Calculating the exact ripple current can be tedious, especially with complex switching 
regulator waveforms. Simple approximations can be made, however, which are 
sufficiently accurate. Consider first the buck converter input and output currents (refer to 
Figure 9.61). The rms input capacitor ripple current can be approximated by a square 
wave having a peak-to-peak amplitude equal to I9,y7. The rms value of this square wave 
is therefore I9{yqT/2. The output capacitor current waveform can be approximated by a 
sawtooth waveform having a peak-to-peak amplitude of 0.2*IQ UT. The rms value of this 


sawtooth is therefore approximately 0.2*IQuT/V 12, or 0.06* IOUT. 


Similarly for a boost converter (see waveforms shown in Figure 9.62), the input capacitor 
rms ripple current is 0.06*I}N, and the rms output current ripple is 0.5*I,jV. These boost 
converter expressions can also be expressed in terms of the output current, IQUT, using 
the relationship, Ify = IguUT(VOUT/VIN). In any case, the minimum expected value of 
input voltage should be used which will result in the largest value of input current. 


In practice, a safety factor of 25% should be added to the above approximations for 
further derating. In practical applications, especially those using surface mount 
components, it may be impossible to meet the capacitance value, ESR, and ripple current 
requirement using a single capacitor. Paralleling a number of equal value capacitors is a 
viable option which will increase the effective capacitance and reduce ESR, ESL. In 
addition, the ripple current is divided between the individual capacitors. 
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INPUT CURRENT, iy OUTPUT CURRENT, igyt 


INPUT CAPACITOR RMS OUTPUT CAPACITOR RMS 
RIPPLE CURRENT ~ 0.5 Igyy RIPPLE CURRENT #Ip.p N12 


Figure 9.59: Buck Converter Input and Output Capacitors 
RMS Ripple Current Approximations 


INPUT CURRENT, ijn, OUTPUT CURRENT, igyy 


INPUT CAPACITOR RMS OUTPUT CAPACITOR RMS 
RIPPLE CURRENT ~ Ip.p /V12 RIPPLE CURRENT ~ 0.5 |, 
See ~ 0.5 lour(Vour/Vin) 


Figure 9.60: Boost Converter Input and Output Capacitor 
RMS Ripple Current Approximations 


Several electrolytic capacitor manufacturers offer low ESR surface-mount devices 
including the AVX TPS-series [Reference 14], and the Sprague 595D-series [Reference 
15]. Low ESR through-hole electrolytic capacitors are the HFQ-series from Panasonic 
[Reference 16] and the OS-CON-series from Sanyo [Reference 17]. 
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Switching Regulator Output Filtering 


In order to minimize switching regulator output voltage ripple it is often necessary to add 
additional filtering. In many cases, this is more efficient than simply adding parallel 
capacitors to the main output capacitor to reduce ESR. 


Output ripple current in a boost converter is pulsating, while that of a buck converter is a 
sawtooth. In any event, the high frequency components in the output ripple current can be 
removed with a small inductor (2 uH to 10 pH or so followed by a low ESR capacitor). 
Figure 9.61 shows a simple LC filter on the output of a switching regulator whose 
switching frequency is f. Generally the actual value of the filter capacitor is not as 
important as its ESR when filtering the switching frequency ripple. For instance, the 
reactance of a 100 uF capacitor at 100 kHz is approximately 0.016 Q, which is much less 
than available ESRs. 


The capacitor ESR and the inductor reactance attenuate the ripple voltage by a factor of 
approximately 2nfL/ESR. The example shown in Figure 9.61 uses a 10 WH inductor and 
a capacitor with an ESR of 0.2 QO. This combination attenuates the output ripple by a 
factor of about 32. 


The inductor core material is not critical, but it should be rated to handle the load current. 
Also, its de resistance should be low enough so that the load current does not cause a 
significant voltage drop across it. 


p-p, filtered 
SWITCHING 
REGULATOR 
SWITCHING 
FREQUENCY 
f 
ATTENUATION = 2@fL 
ESR 
Example: ESR = 0.20 , L= 10uH , f = 100kHz 


ATTENUATION = 32 


Figure 9.61: Switching Regulator Output Filtering 
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Switching Regulator Input Filtering 


The input ripple current in a buck converter is pulsating, while that of a boost converter is 
a sawtooth. Additional filtering may be required to prevent the switching frequency and 
the other higher frequency components from affecting the main supply ripple current. 


This is easily accomplished by the addition of a small inductor in series with the main 
input capacitor of the regulator as shown in Figure 9.62. The reactance of the inductor at 
the switching frequency forms a divider with the ESR of the input capacitor. The inductor 
will block both low and high frequency components from the main input voltage source. 
The attenuation of the ripple current at the switching frequency, f, is approximately 
2nfL/ESR. 


SWITCHING 
REGULATOR 


SWITCHING 
FREQUENCY 
f 


MAIN INPUT 
CAPACITOR 


2nfL 
ESR 


ATTENUATION = 


Figure 9.62: Switching Regulator Input Filtering 
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Notes: 
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SECTION 9.3: SWITCHED CAPACITOR VOLTAGE 
CONVERTERS 


Introduction 


In the previous section, we saw how inductors can be used to transfer energy and perform 
voltage conversions. This section examines switched capacitor voltage converters which 
accomplish energy transfer and voltage conversion using capacitors. 


The two most common switched capacitor voltage converters are the voltage inverter and 
the voltage doubler circuit shown in Figure 9.63. In the voltage inverter, the charge pump 
capacitor, Cl, is charged to the input voltage during the first half of the switching cycle. 
During the second half of the switching cycle, its voltage is inverted and applied to 
capacitor C2 and the load. The output voltage is the negative of the input voltage, and the 
average input current is approximately equal to the output current. The switching 
frequency impacts the size of the external capacitors required, and higher switching 
frequencies allow the use of smaller capacitors. The duty cycle—defined as the ratio of 
charging time for Cl to the entire switching cycle time—is usually 50%, because that 
generally yields the optimal charge transfer efficiency. 


Oo 
INVERTER 
+ 
C1 C2 


© Vour®-Vin 


O @ o—oy wv 
(<== out © Vin 
DOUBLER | Vy OUT 
+ 


C1 c2—__ LOAD 


Figure 9.63: Basic Switched Capacitor Voltage Inverter and Doubler 


After initial start-up transient conditions and when a steady-state condition is reached, the 
charge pump capacitor only has to supply a small amount of charge to the output 
capacitor on each switching cycle. The amount of charge transferred depends upon the 
load current and the switching frequency. During the time the pump capacitor is charged 
by the input voltage, the output capacitor C2 must supply the load current. The load 
current flowing out of C2 causes a droop in the output voltage which corresponds to a 
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component of output voltage ripple. Higher switching frequencies allow smaller 
capacitors for the same amount of droop. There are, however, practical limitations on the 
switching speeds and switching losses, and switching frequencies are generally limited to 
a few hundred kHz. 


The voltage doubler works similarly to the inverter; however, the pump capacitor is 
placed in series with the input voltage during its discharge cycle, thereby accomplishing 
the voltage doubling function. In the voltage doubler, the average input current is 
approximately twice the average output current. 


The basic inverter and doubler circuits provide no output voltage regulation, however, 
techniques exist to add regulated capability and have been implemented in the 
ADP3603/ADP3604/ADP3605/ADP3607. 


There are certain advantages and disadvantages of using switched capacitor techniques 
rather than inductor-based switching regulators. An obvious key advantage is the 
elimination of the inductor and the related magnetic design issues. In addition, these 
converters typically have relatively low noise and minimal radiated EMI. Application 
circuits are simple, and usually only two or three external capacitors are required. 
Because there is no need for an inductor, the final PCB component height can generally 
be made smaller than a comparable switching regulator. This is important in many 
applications such as display panels. 


Switched capacitor inverters are low cost and compact and are capable of achieving 
efficiencies greater than 90%. Obviously, the current output is limited by the size of the 
capacitors and the current carrying capacity of the switches. Typical IC switched 
capacitor inverters have maximum output currents of about 150 mA maximum. 


@ No Inductors! 
a Minimal Radiated EMI 


= Simple Implementation: Only 2 External Capacitors (Plus an Input 
Capacitor if Required) 


B Efficiency > 90% Achievable 


= Optimized for Doubling or Inverting Supply Voltage - Efficiency Degrades for 
Other Output Voltages 


@ Low Cost, Compact, Low Profile (Height) 


= Parts with Voltage Regulation are Available: 
ADP3603/ADP3604/ADP3605/ADP3607 


Figure 9.64: Advantages of Switched Capacitor Voltage Converters 


Switched capacitor voltage converters do not maintain high efficiency for a wide range of 
ratios of input to output voltages, unlike their switching regulator counterparts. Because 
the input to output current ratio is scaled according to the basic voltage conversion (i.e., 
doubled for a doubler, inverted for an inverter) regardless of whether or not regulation is 
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used to reduce the doubled or inverted voltage, any output voltage magnitude less than 
2*V{N for a doubler or less than |VyN]| for an inverter will result in additional power 


dissipation within the converter, and efficiency will be degraded proportionally. 


The voltage inverter is useful where a relatively low current negative voltage is required 
in addition to the primary positive voltage. This may occur in a single supply system 
where only a few high performance parts require the negative voltage. Similarly, voltage 
doublers are useful in low current applications where a voltage greater than the primary 
supply voltage is required. 


Charge Transfer Using Capacitors 


A fundamental understanding of capacitors (theoretical and real) is required in order to 
master the subtleties of switched capacitor voltage converters. Figure 9.65 shows the 
theoretical capacitor and its real-world counterpart. If the capacitor is charged to a 
voltage V, then the total charge stored in the capacitor, q, is given by q = CV. Real 
capacitors have equivalent series resistance (ESR) and inductance (ESL) as shown in the 
diagram, but these parasitics do not affect the ability of the capacitor to store charge. 
They can, however, have a large effect on the overall efficiency of the switched capacitor 


voltage converter. 
STORED CHARGE 
q=Cv 
+ + 


oe: 
i 


IDEAL ACTUAL 


Figure 9.65: Stored Charge in a Capacitor 


If an ideal capacitor is charged with an ideal voltage source as shown in Figure 9.66(A), 
the capacitor charge buildup occurs instantaneously, corresponding to a unit impulse of 
current. A practical circuit (Figure 9.66(B)) will have resistance in the switch (Rgw) as 


well as the equivalent series resistance (ESR) of the capacitor. In addition, the capacitor 
has an equivalent series inductance (ESL). The charging current path also has an effective 
series inductance which can be minimized with proper component layout techniques. 
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These parasitics serve to limit the peak current, and also increase the charge transfer time 
as shown in the diagram. Typical switch resistances can range from 1 © to 50 Q, and 
ESRs between 50 mQ and 200 mQ. Typical capacitor values may range from about 
0.1 uF to 10 uF, and typical ESL values 1 nH to 5 nH. Although the equivalent RLC 
circuit of the capacitor can be underdamped or overdamped, the relatively large switch 
resistance generally makes the final output voltage response overdamped. 


IDEAL (A) ACTUAL (B) 


Vin 
Vout Vout 
0 0 


Figure 9.66: Charging a Capacitor from a Voltage Source 


The law of conservation of charge states that if two capacitors are connected together, the 
total charge on the parallel combination is equal to the sum of the original charges on the 
capacitors. Figure 9.69 shows two capacitors, Cl and C2, each charged to voltages V1 
and V2, respectively. When the switch is closed, an impulse of current flows, and the 
charge is redistributed. The total charge on the parallel combination of the two capacitors 
is q¢ = C1-V1 + C2-V2. This charge is distributed between the two capacitors, so the new 


voltage, V7, across the parallel combination is equal to qT/(C1 + C2), or 


qT = AMF? Cl 


~Cl+C2..~—SOC1+C2—~C~«w 


C2 
Vv eee : 
T (5 25 Eq. 9-73 


This principle may be used in the simple charge pump circuit shown in Figure 9.68. Note 
that this circuit is neither a doubler nor inverter, but only a voltage replicator. The pump 
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capacitor is Cl, and the initial charge on C2 is zero. The pump capacitor is initially 
charged to Vyx. When it is connected to C2, the charge is redistributed, and the output 
voltage is V{yN/2 (assuming C1 = C2). On the second transfer cycle, the output voltage is 
pumped to VyN/2 + VyN/4. On the third transfer cycle, the output voltage is pumped to 
VIN/2 + VIN/4 + V{N/8. The waveform shows how the output voltage exponentially 


approaches VIN. 
O 
q,=C1-V1 qo = C2:V2 
. * CONSERVATION OF 
v1 v2 CHARGE: 
- {C1 C2 - 
qT =C1-V1+C2-V2 
+ 
aT 
Vv = 
Vy TT  o1462 
C1 . C2 
VT C1 ya, 4 v2 


C1402... C142. 


Figure 9.67: Charge Redistribution Between Capacitors 


Vin O O Vout 
+ 
C2 
aes 


T 


Vout 
ASSUME: ZERO INITIAL CHARGE ON C2, AND C1 =C2 
Vo rrr cerreccem 
il 

Vin 

2 -— 

t 
0 


Figure 9.68: Continuous Switching 
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Figure 9.69 shows a pump capacitor, C1, switched continuously between the source, V1, 
and C2 in parallel with the load. The conditions shown are after a steady state condition 
has been reached. The charge transferred each cycle is Aq = C1(V1 — V2). This charge is 
transferred at the switching frequency, f. This corresponds to an average current 
(current = charge transferred per unit time) of 


I=fAq=fCl1(V1 - V2), Eq. 9-74 
or 
reek 
a | : Eq. 9-75 
f-Cl 


CHARGE TRANSFERRED / CYCLE = C1(V1- V2) 


i CHARGE TRARSFERRE® = f-C1(V1- V2) = vi-Vv2_Vi-v2 


Figure 9.69: Continuous Switching, Steady State 


Notice that the quantity, 1/fC1l, can be considered an equivalent resistance, "R," 
connected between the source and the load. The power dissipation associated with this 
virtual resistance, "R," is essentially forced to be dissipated in the switch on resistance 
and the capacitor ESR, regardless of how low those values are reduced. (It should be 
noted that capacitor ESR and the switch on-resistance cause additional power losses as 
will be discussed shortly.) 


In a typical switched capacitor voltage inverter, a capacitance of 10 uF switched at 
100 kHz corresponds to "R" = 1 Q. Obviously, minimizing "R" by increasing the 
frequency minimizes power loss in the circuit. However, increasing switching frequency 
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tends to increase switching losses. The optimum switched capacitor operating frequency 
is therefore highly process and device dependent. Therefore, specific recommendations 
are given in the data sheet for each device. 


Unregulated Switched Capacitor Inverter and Doubler 
Implementations 


An unregulated switched capacitor inverter implementation is shown in Figure 9.70. 
Notice that the SPDT switches (shown in previous diagrams) actually comprise two 
SPST switches. The control circuit consists of an oscillator and the switch drive signal 
generators. Most IC switched capacitor inverters and doublers contain all the control 
circuits as well as the switches and the oscillator. The pump capacitor, C1, and the load 
capacitor, C2, are external. Not shown in the diagram is a capacitor on the input which is 
generally required to ensure low source impedance at the frequencies contained in the 
switching transients. 


Figure 9.70: Switched Capacitor Voltage Inverter 


MOSFET BIPOLAR 
SWITCHES SWITCHES 


P-CH N-CH PNP NPN 


ae 


Figure 9.71: Switches Used in Voltage Converters 
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The switches used in IC switched capacitor voltage converters may be CMOS or bipolar 
as shown in Figure 9.71. Standard CMOS processes allow low on resistance MOSFET 
switches to be fabricated along with the oscillator and other necessary control circuits. 
Bipolar processes can also be used, but add cost and increase power dissipation. 


Voltage Inverter and Doubler Dynamic Operation 


The steady-state current and voltage waveforms for a switched capacitor voltage inverter 
are shown in Figure 9.72. The average value of the input current waveform (A) must be 
equal to IgyT. When the pump capacitor is connected to the input, a charging current 


flows. The initial value of this charging current depends on the initial voltage across Cl, 
the ESR of Cl, and the resistance of the switches. The switching frequency, switch 
resistance, and the capacitor ESRs generally limit the peak amplitude of the charging 
current to less than 2.5*IQ ty. The charging current then decays exponentially as Cl is 


charged. The waveforms in Figure 9.72 assume that the time constant due to capacitor 
Cl, the switch resistance, and the ESR of C1 is several times greater than the switching 
period (1/f). Smaller time constants will cause the peak currents to increase as well as 
increase the slopes of the charge/discharge waveforms. Long time constants cause longer 
start-up times and require larger and more costly capacitors. For the conditions shown in 
Figure 9.72 (A), the peak value of the input current is only slightly greater than 2*IQUT. 


VRIPPLE = 
2louT -ESRc2 
0 louT 
(8) * 2F.C2 
louUT 
- 2lout 
(C) 
VRIPPLE 


Figure 9.72: Voltage Inverter Waveforms 
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The output current waveform of C1 is shown in Figure 9.72(B). When C1 is connected to 
the output capacitor, the step change in the output capacitor current is approximately 
2*IQUT. This current step therefore creates an output voltage step equal to 


2*IQUT * ESRC? as shown in Figure 9.72(C). After the step change, C2 charges linearly 
by an amount equal to I9yq/2f*C2. When C1 is connected back to the input, the ripple 


waveform reverses direction as shown in the diagram. The total peak-to-peak output 
ripple voltage is therefore: 


I 
VRIPPLE ~2!OUT -ESRc2 + ae : Eq. 9-76 


——_—_— =e 
, \ iout lout 
C1 C2 LOAD 


Rar 
v 


ESR, 


(A) Di tiie Ps ee ee 
IN 
7 | RE ee ee eee VRIPPLE = 
B) on 2louT -ESRc2 
: , ‘ouT 
'OUT g 2f-C2 
(C) 
VRIPPLE 


Figure 9.73: Voltage Doubler Waveforms 


The current and voltage waveforms for a simple voltage doubler are shown in Figure 9.73 
and are similar to those of the inverter. Typical voltage ripple for practical switched 
capacitor voltage inverter/doublers range from 25 mV to 100 mV, but can be reduced by 
filtering techniques. 


Note that the input current waveform has an average value of 2*IQUT because VyN is 


connected to C1 during Cl's charge cycle and to the load during Cl's discharge cycle. 
The expression for the ripple voltage is identical to that of the voltage inverter. 
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Switched Capacitor Voltage Converter Power Losses 


The various sources of power loss in a switched capacitor voltage inverter are shown in 
Figure 9.74. In addition to the inherent switched capacitor resistance, "R" = 1/f*C1, there 
are resistances associated with each switch, as well as the ESRs of the capacitors. The 
quiescent power dissipation, Ig* VIN; must also be included, where Iq is the quiescent 


current drawn by the IC itself. 


© Vout 


lout 


PLoss = !out(Vin -|YouT}) + !qVin 
= lout? -Rout +!4Vin 


RouT ~ 8Rsw + 4ESRc1 + si +ESRc2 


Figure 9.74: Voltage Inverter Power Losses 


The power dissipated in the switching arm is first calculated. When C1 is connected to 
VIN, 2 current of 2*IQ UT flows through the switch resistances (2Rgw) and the ESR of 


Cl, ESR¢cy. When C1 is connected to the output, a current of 2*IQUT continues to flow 
through Cl, 2Rsw, and ESRc 1. Therefore, there is always an rms current of 2*IQUT 


flowing through these resistances, resulting in a power dissipation in the switching arm 
of: 


Pow = (2*IouT)2 « (2*Rsw + ESRc]) = lout? * (8Rsw + 4&ESR¢]). Eq. 9-77 


In addition to these purely resistive losses, an rms current of IQ,jT flows through the 
"resistance" of the switched capacitor, C1, yielding an additional loss of: 


1 
Pa = Tour: Re = Jour: * FECL Eq. 9-78 


The rms current flowing through ESR¢? is Igy, yielding a power dissipation of: 


PESR¢2 = lout? x ESR¢2- Eq. 9-79 
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Adding all the resistive power dissipations to the quiescent power dissipation yields: 


PLOSS = lourT” (sew +4ESRc] +ESR¢?2 + ; _) +IqVIN . Eq. 9-80 


All of the resistive losses can be grouped into an equivalent Rout as shown in the 
diagram. 


ROUT ¥ 8Rsw + 4ESRc] + 1/f:C1 + ESR¢2. Eq, 9-81 


Typical values for switch resistances are between 1 Q and 20 Q, and ESRs between 
50 mQ and 200 mQ. The values of Cl and f are generally chosen such that the term, 
1/f-C1, is less than 1 Q. For instance, 10 uF @ 100 kHz yields "R" = 1 Q. The dominant 
sources of power loss in most inverters are therefore the switch resistances and the ESRs 
of the pump capacitor and output capacitor. 


The ADP3603/ADP3604/ADP3605/ADP3607 series regulators have a shutdown control 
pin which can be asserted when load current is not required. When activated, the 


shutdown feature reduces quiescent current to a few tens of microamperes. 


Power losses in a voltage doubler circuit are shown in Figure 9.75, and the analysis is 
similar to that of the inverter. 


Vv 
C OUT 


PLoss =lout(2Vin - VouT) + !aVin 


= lout? -RouT +!aVin 


RouT ~ 8Rsw + 4ESRc4+ sj +ESRc2 


Figure 9.75: Voltage Doubler Power Losses 
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Regulated Output Switched Capacitor Voltage Converters 


Adding regulation to the simple switched capacitor voltage converter greatly enhances its 
usefulness in many applications. There are three general techniques for adding regulation 
to a switched capacitor converter. The most straightforward is to follow the switched 
capacitor inverter/doubler with a low dropout (LDO) linear regulator. The LDO provides 
the regulated output and also reduces the ripple of the switched capacitor converter. This 
approach, however, adds complexity and reduces the available output voltage by the 
dropout voltage of the LDO. 


Another approach to regulation is to vary the duty cycle of the switch control signal with 
the output of an error amplifier which compares the output voltage with a reference. This 
technique is similar to that used in inductor-based switching regulators and requires the 
addition of a PWM and appropriate control circuitry. However, this approach is highly 
nonlinear and requires long time constants (i.e., lossy components) in order to maintain 
good regulation control. 


By far the simplest and most effective method for achieving regulation in a switched 
capacitor voltage converter is to use an error amplifier to control the on resistance of one 
of the switches as shown in Figure 9.76, a _ block diagram of the 
ADP3603/ADP3604/ADP3605 voltage inverters. These devices offer a regulated —3 V 
output for an input voltage of +4.5 V to +6 V. The output is sensed and fed back into the 
device via the VgRENSRF pin. Output regulation is accomplished by varying the on 
resistance of one of the MOSFET switches as shown by control signal labeled "RON 
CONTROL" in the diagram. This signal accomplishes the switching of the MOSFET as 
well as controlling the on resistance. 


Vin 


® 
Gal f db 
\ 


FEEDBACK 
CONTROL 
LOOP 


Figure 9.76: ADP3603/ADP3604/ ADP3605 Regulated -3 V Output Voltage 
Inverters 
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A typical application circuit for the ADP3603/ADP3604/ADP3605 series is shown in 
Figure 9.77. In the normal mode of operation, the SHUTDOWN pin should be connected 
to ground. The 10 uF capacitors should have ESRs of less than 150 mQ, and values of 
4.7 uF can be used at the expense of slightly higher output ripple voltage. The equations 
for ripple voltage shown in Figure 9.72 also apply to the ADP3603/ADP3604/ADP3605. 
Using the values shown, typical ripple voltage ranges from 25 mV to 60 mV as the output 
current varies over its allowable range. 


The regulated output voltage of the ADP3603/ADP3604/ADP3605 series can varied 
between —3 V and —VyN by connecting a resistor between the output and the VgENSE 


pin as shown in the diagram. Regulation will be maintained for output currents up to 
about 30 mA. The value of the resistor is calculated from the following equation: 


Vour= ({ + sv] Eq. 9-82 


The devices can be made to operate as standard inverters providing an unregulated output 
voltage if the VSENSE pin is simply connected to ground 


Vin +4.5V TO +6V Vout =-3V 
Vin Vout O 
Cp+ 
HRY 

ADP3603 / 3604 / 3605 = 

Cp- 
Vv 

SHUTDOWN GND SENSE 


*SEE TEXT 


y 


Figure 9.77: ADP3603/ADP3604/ADP3605 Application Circuit for -3 V 
Operation 


A typical application circuit is shown in Figure 9.78. The Schottky diode connecting the 


input to the output is required for proper operation during start-up and shutdown. If 
VSENSE Is connected to ground, the devices operate as unregulated voltage doublers. 


The output voltage of each device can be adjusted with an external resistor. The equation 
which relates output voltage to the resistor value for the ADP3607 is given by: 
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VOUT = +1V, for VOUT < 2VIN. Eq. 9-83 


95kQ 
The ADP3607 should be operated with an output voltage of at least 3 V in order to 
maintain regulation. 


Although the ADP3607-5 is optimized for an output voltage of 5 V, its output voltage can 
be adjusted between 5 V and 2* Vy with an external resistor using the equation: 


VOUT = +5V, for VoUT <2VIN. Eq. 9-84 


2 
95kO 


1N5817 


Vout = +5V 


U 
Vin +3V TO +5V for ADP3607-5 


ADP3607-5 
ADP3607 


*SEE TEXT 


Figure 9.78: ADP3607 Application Circuit 


When using either the ADP3607 or the ADP3607-5 in the adjustable mode, the output 
current should be no greater than 30 mA in order to maintain good regulation. 


The circuit shown in Figure 9.79 generates a regulated 12 V output from a 5 V input 
using the ADP3607-5 in a voltage tripler application. Operation is as follows. First 
assume that the VoRNSE pin of the ADP3607-5 is grounded and that the resistor R is not 


connected. The output of the ADP3607-5 is an unregulated voltage equal to 2* Vy. The 
voltage at the Cp+ pin of the ADP3607-5 is a square wave with a minimum value of Vjy 
and a maximum value of 2*Vyjy. When the voltage at Cp+ is VyN, capacitor C2 is 
charged to VyN (less the D1 diode drop) from VQyT] via diode D1. When the voltage at 
Cp+ is 2*VyN, the output capacitor C4 is charged to a voltage 3*Vyj (less the diode 
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drops of D1 and D2). The final unregulated output voltage of the circuit, VoUT2, is 
therefore approximately 3*V]N — 2* Vp, where Vp is the Schottky diode voltage drop. 


The addition of the feedback resistor, R, ensures that the output is regulated for values of 
VOUT2 between 2* VqQ — 2*Vp and 3*VyN — 2* Vp. Choosing R = 33.2 kQ yields an 
output voltage VoyT2 of +12 V for a nominal input voltage of +5 V. Regulation is 
maintained for output currents up to approximately 20 mA. 


D2, 1N5817 


1N5817 D1 


1N5817 


Cp+ 
C1 Vout 


ADP3607-5 


VouT1 


+ 
C3 


4.7yF R 
33.2kO 


Figure 9.79: Regulated +12 V from a +5 V Input 
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Introduction 


When designing precision analog circuits, it is critical that users avoid the pitfall of poor 
passive component choice. In fact, the wrong passive component can derail even the best 
op amp or data converter application. This section includes discussion of some basic traps 
of choosing passive components. 


So, you've spent good money for a precision op amp or data converter, only to find that, 
when plugged into your board, the device doesn't meet spec. Perhaps the circuit suffers 
from drift, poor frequency response, and oscillations—or simply doesn't achieve expected 
accuracy. Well, before you blame the device, you should closely examine your passive 
components— including capacitors, resistors, potentiometers, and yes, even the printed 
circuit boards. In these areas, subtle effects of tolerance, temperature, parasitics, aging, 
and user assembly procedures can unwittingly sink your circuit. And all too often these 
effects go unspecified (or underspecified) by passive component manufacturers. 


In general, if you use data converters having 12 bits or more of resolution, or high 
precision op amps, pay very close attention to passive components. Consider the case of a 
12-bit DAC, where 2 LSB corresponds to 0.012% of full scale, or only 122 ppm. A host 
of passive component phenomena can accumulate errors far exceeding this! But, buying 
the most expensive passive components won't necessarily solve your problems either. 
Often, a correct 25-cent capacitor yields a better-performing, more cost-effective design 
than a premium-grade (expensive) part. With a few basics, understanding and analyzing 
passive components may prove rewarding, albeit not easy. 
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Notes: 
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SECTION 10.1: CAPACITORS 


Basics 


A capacitor is a passive electronic component that stores energy in the form of an 
electrostatic field. In its simplest form, a capacitor consists of two conducting plates 
separated by an insulating material called the dielectric. The capacitance is directly 
proportional to the surface areas of the plates, and is inversely proportional to the 
separation between the plates. Capacitance also depends on the dielectric constant of the 
substance separating the plates. 


Capacitive reactance is defined as: 


Eq. 10-1 
Xc= WoC = 1/2nfC 


where Xc is the capacitive reactance, @ is the angular frequency, f is the frequency in 
Hertz, and C is the capacitance. 


Capacitive reactance is the negative imaginary component of impedance. 
The complex impedance of an inductor is then given by: 
Z=I/ joC = 1/j2nfC Eq. 10-2 


where j is the imaginary number. 
j= Eq. 10-3 


Dielectric types 


There are many different types of capacitors, and an understanding of their individual 
characteristics is absolutely mandatory to the design of practical circuits. A thumbnail 
sketch of capacitor characteristics is shown in the chart of Figure 10.1. Background and 
tutorial information on capacitors can be found in Reference 2 and many vendor catalogs. 


With any dielectric, a major potential filter loss element is ESR (equivalent series 
resistance), the net parasitic resistance of the capacitor. ESR provides an ultimate limit to 
filter performance, and requires more than casual consideration, because it can vary both 
with frequency and temperature in some types. Another capacitor loss element is ESL 
(equivalent series inductance). ESL determines the frequency where the net impedance of 
the capacitor switches from a capacitive to inductive characteristic. This varies from as 
low as 10 kHz in some electrolytics to as high as 100 MHz or more in chip ceramic types. 
Both ESR and ESL are minimized when a leadless package is used, and all capacitor 
types discussed here are available in surface mount packages, which are preferable for 
high speed uses. 
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The electrolytic family provides an excellent, cost effective low-frequency filter 
component, because of the wide range of values, a high capacitance-to-volume ratio, and 
a broad range of working voltages. It includes general-purpose aluminum electrolytic 
types, available in working voltages from below 10 V up to about 500 V, and in size from 
1 uF to several thousand uF (with proportional case sizes). All electrolytic capacitors are 
polarized, and thus cannot withstand more than a volt or so of reverse bias without 
damage. They have relatively high leakage currents (this can be tens of A, but is 
strongly dependent upon specific family design, electrical size and voltage rating versus 
applied voltage). However, this is not likely to be a major factor for basic filtering 
applications. 


Also included in the electrolytic family are tantalum types, which are generally limited to 
voltages of 100 V or less, with capacitance of 500 uF or less. In a given size, tantalums 
exhibit higher capacitance-to-volume ratios than do the general purpose electrolytics, and 
have both a higher frequency range and lower ESR. They are generally more expensive 
than standard electrolytics, and must be carefully applied with respect to surge and ripple 
currents. 


A subset of aluminum electrolytic capacitors is the switching type, which is designed and 
specified for handling high pulse currents at frequencies up to several hundred kHz with 
low losses. This type of capacitor competes directly with the tantalum type in high 
frequency filtering applications, and has the advantage of a much broader range of 
available values. 


More recently, high performance aluminum electrolytic capacitors using an organic 
semiconductor electrolyte have appeared. These OS-CON families of capacitors feature 
appreciably lower ESR and higher frequency range than do the other electrolytic types, 
with an additional feature of low low-temperature ESR degradation. 


Film capacitors are available in very broad ranges of values and an array of dielectrics, 
including polyester, polycarbonate, polypropylene, and polystyrene. Because of the low 
dielectric constant of these films, their volumetric efficiency is quite low, and a 
10 wF/50 V polyester capacitor (for example) is actually a handful. Metalized (as 
opposed to foil) electrodes does help to reduce size, but even the highest dielectric 
constant units among film types (polyester, polycarbonate) are still larger than any 
electrolytic, even using the thinnest films with the lowest voltage ratings (50 V). Where 
film types excel is in their low dielectric losses, a factor which may not necessarily be a 
practical advantage for filtering switchers. For example, ESR in film capacitors can be as 
low as 10 mQ or less, and the behavior of films generally is very high in terms of Q. In 
fact, this can cause problems of spurious resonance in filters, requiring damping 
components. 


Typically using a wound layer-type construction, film capacitors can be inductive, which 
can limit their effectiveness for high frequency filtering. Obviously, only noninductively 
made film caps are useful for switching regulator filters. One specific style which is 
noninductive is the stacked-film type, where the capacitor plates are cut as small 
overlapping linear sheet sections from a much larger wound drum of dielectric/plate 
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Polystyrene 


ADVANTAGES 


Inexpensive 
Low DA 
Good stability (~120ppm/°C) 
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DISADVANTAGES 


Damaged by temperatures >+85°C 
Large 

High inductance 

Vendors limited 


0.001% 
to 
0.02% 


Polypropylene 


Inexpensive 

Low DA 

Stable (~200ppm/°C) 
Wide range of values 


Damaged by temperatures >+105°C 
Large 
High inductance 


0.003% 
to 
0.02% 


Low DA available 

Good stability 
Operational above +125°C 
Wide range of values 


Expensive 
Large 
High inductance 


Polycarbonate 


Good stability 

Low cost 

Wide temperature range 
Wide range of values 


Large 
DA limits to 8-bit applications 
High inductance 


Polyester 


Moderate stability 

Low cost 

Wide temperature range 

Low inductance (stacked film) 


Large 
DA limits to 8-bit applications 
High inductance (conventional) 


NPO Ceramic 


Small case size 
Inexpensive, many vendors 
Good stability (30ppm/°C) 
1% values available 

Low inductance (chip) 


DA generally low (may not be specified) 
Low maximum values (< 10nF) 


Monolithic 
Ceramic 
(High Kk) 


Low inductance (chip) 
Wide range of values 


Poor stability 
Poor DA 
High voltage coefficient 


Mica >0.003% 


Aluminum 
Electrolyte 


Very high 


Tantalum Very high 


Electrolyte 


Fig. 10.1: 


Low loss at HF 
Low inductance 
Good stability 

1% values available 


Large values 
High currents 
High voltages 
Small size 


Small size 
Large values 
Medium inductance 


Quite large 
Low maximum values (< 10nF) 
Expensive 


High leakage 

Usually polarized 

Poor stability, accuracy 
Inductive 


High leakage 

Usually polarized 
Expensive 

Poor stability, accuracy 


Capacitor Comparison Chart 
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material. This technique offers the low inductance attractiveness of a plate sheet style 
capacitor with conventional leads. Obviously, minimal lead length should be used for 
best high frequency effectiveness. Very high current polycarbonate film types are also 
available, specifically designed for switching power supplies, with a variety of low 
inductance terminations to minimize ESL. 


Dependent upon their electrical and physical size, film capacitors can be useful at 
frequencies to well above 10 MHz. At the very high frequencies, stacked film types only 
should be considered. Some manufacturers are also supplying film types in leadless 
surface-mount packages, which eliminates the lead length inductance. 


Ceramic is often the capacitor material of choice above a few MHz, due to its compact 
size and low loss. But the characteristics of ceramic dielectrics varies widely. Some types 
are better than others for various applications, especially power supply decoupling. 
Ceramic dielectric capacitors are available in values up to several uF in the high-K 
dielectric formulations of X7R and ZSU, at voltage ratings up to 200 V. NPO (also called 
COG) types use a lower dielectric constant formulation, and have nominally zero TC, 
plus a low voltage coefficient (unlike the less stable high-K types). The NPO types are 
limited in available values to 0.1 uF or less, with 0.01 uF representing a more practical 
upper limit. 


Multilayer ceramic “chip caps” are increasingly popular for bypassing and filtering at 
10 MHz or more, because their very low inductance design allows near optimum RF 
bypassing. In smaller values, ceramic chip caps have an operating frequency range to 
1 GHz. For these and other capacitors for high frequency applications, a useful value can 
be ensured by selecting a value which has a self-resonant frequency above the highest 
frequency of interest. 


All capacitors have some finite ESR. In some cases, the ESR may actually be helpful in 
reducing resonance peaks in filters, by supplying “free” damping. For example, in 
general purpose, tantalum and switching type electrolytics, a broad series resonance 
region is noted in an impedance versus frequency plot. This occurs where |Z] falls to a 
minimum level, which is nominally equal to the capacitor’s ESR at that frequency. In an 
example below, this low Q resonance is noted to encompass quite a wide frequency 
range, several octaves in fact. Contrasted to the very high Q sharp resonances of film and 
ceramic caps, this low Q behavior can be useful in controlling resonant peaks. 


In most electrolytic capacitors, ESR degrades noticeably at low temperature, by as much 
as a factor of 4 to 6 times at —55°C versus the room temperature value. For circuits where 
a high level of ESR is critical, this can lead to problems. Some specific electrolytic types 
do address this problem, for example within the HFQ switching types, the —10°C ESR at 
100 kHz is no more than 2* that at room temperature. The OSCON electrolytics have an 
ESR versus temperature characteristic which is relatively flat. 


Figure 10.2 illustrates the high frequency impedance characteristics of a number of 
electrolytic capacitor types, using nominal 100 wF/20 V samples. In these plots, the 
impedance, |Z|, vs. frequency over the 20 Hz to 200 kHz range is displayed using a high 
resolution 4-terminal setup. Shown in this display are performance samples for a 
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100 wF/25 V general purpose aluminum unit, a 120 wF/25 V HFQ unit, a 100 wF/20 V 
tantalum bead type, and a 100 wF/20 V OS-CON unit (lowest curve @ right). While the 
HFQ and tantalum samples are close in 100 kHz impedance, the general purpose unit is 
about four times worse. The OS-CON unit is nearly an order of magnitude lower in 
100 kHz impedance than the tantalum and switching electrolytic types. 


GEN. PURPOSE AL 
100uF, 25' 
~4"HFQ" 120yF, 25V 


—|TANTALUM BEAD 
100uF, 20V 


OS-CON AL 
100uF, 20V 


20 100 1k 10k 100k 200k 
FREQUENCY (Hz) 


Figure 10.2: Impedance Z(Q) vs. Frequency for 100 uF 
Electrolytic Capacitors (AC Current = 50 mA RMS) 


As noted above, all real capacitors have parasitic elements which limit their performance. 
As an insight into why the impedance curves of Figure 10.2 appear the way they do, a 
(simplified) model for a 100 wF/20 V tantalum capacitor is shown in Figure 10.3. 


The electrical network representing this capacitor is shown, and it models the ESR and 
ESL components with simple R and L elements, plus a 1 MQ shunt resistance. While this 
simple model ignores temperature and dielectric absorption effects which occur in the 
real capacitor, it is still sufficient for this discussion. 


1MQ 


Figure 10.3: Simplified Spice Model for a Leaded 
100 uF/20 V Tantalum Electrolytic Capacitor 
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When driven with a constant level of ac current swept from 10 Hz to 100 MHz, the 
voltage across this capacitor model is proportional to its net impedance, which is shown 
in Figure 10.4. 


r 
100 aN 


| | 
(100,000, 15.916) 


Iz (a) 


10 KF 


| | 
(10.000M, 949.929m) 


= 


1.0 
| | 
(125.893K, 120.003m) 
Pe a 


100m 


! | ! ! | ! 
10 100 1.0k 10k 100k 1.0M 10M 100M 
FREQUENCY (Hz) 


Figure 10.4: 100 uF/20 V Tantalum Capacitor Simplified Model 
Impedance (Q) vs. Frequency (Hz) 


At low frequencies the net impedance is almost purely capacitive, as noted by the 100 Hz 
impedance of 15.9 Q. At the bottom of this “bathtub” curve, the net impedance is 
determined by ESR, which is shown to be 0.12 Q at 125 kHz. Above about 1 MHz this 
capacitor becomes inductive, and impedance is dominated by the effect of ESL. While 
this particular combination of capacitor characteristics have been chosen purposely to 
correspond to the tantalum sample used with Figure 10.4, it is also true that all 
electrolytics will display impedance curves which are similar in general shape. The 
minimum impedance will vary with the ESR, and the inductive region will vary with ESL 
(which in turn is strongly effected by package style). The simulation curve of Figure 10.4 
can be considered as an extension of the 100 wF/20 V tantalum capacitor curve from 
Figure 10.2. 
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Tolerance, Temperature, and Other Effects 


In general, precision capacitors are expensive and—even then— not necessarily easy to 
buy. In fact, choice of capacitance is limited both by the range of available values, and 
also by tolerances. In terms of size, the better performing capacitors in the film families 
tend to be limited in practical terms to 10 uF or less (for dual reasons of size and 
expense). In terms of low value tolerance, +1% is possible for NPO ceramic and some 
film devices, but with possibly unacceptable delivery times. Many film capacitors can be 
made available with tolerances of less than +1%, but on a special order basis only. 


Most capacitors are sensitive to temperature variations. DF, DA, and capacitance value 
are all functions of temperature. For some capacitors, these parameters vary 
approximately linearly with temperature, in others they vary quite nonlinearly. Although 
it is usually not important for SH applications, an excessively large temperature 
coefficient (TC, measured in ppm/°C) can prove harmful to the performance of precision 
integrators, voltage-to-frequency converters, and oscillators. NPO ceramic capacitors, 
with TCs as low as 30 ppm/°C, are the best for stability, with polystyrene and 
polypropylene next best, with TCs in the 100 ppm/°C to 200 ppm/°C range. On the other 
hand, when capacitance stability is important, one should stay away from types with TCs 
of more than a few hundred ppm/°C, or in fact any TC which is nonlinear. 


A capacitor's maximum working temperature should also be considered, in light of the 
expected environment. Polystyrene capacitors, for instance, melt near 85°C, compared to 
Teflon's ability to survive temperatures up to 200°C. 


Sensitivity of capacitance and DA to applied voltage, expressed as voltage coefficient, 
can also hurt capacitor performance within a circuit application. Although capacitor 
manufacturers don’t always clearly specify voltage coefficients, the user should always 
consider the possible effects of such factors. For instance, when maximum voltages are 
applied, some high-K ceramic devices can experience a decrease in capacitance of 50% 
or more. This is an inherent distortion producer, making such types unsuitable for signal 
path filtering, for example, and better suited for supply bypassing. Interestingly, NPO 
ceramics, the stable dielectric subset from the wide range of available ceramics, do offer 
good performance with respect to voltage coefficient. 


Similarly, the capacitance, and dissipation factor of many types vary significantly with 


frequency, mainly as a result of a variation in dielectric constant. In this regard, the better 
dielectrics are polystyrene, polypropylene, and Teflon. 
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Parasitics 


Most designers are generally familiar with the range of capacitors available. But the 
mechanisms by which both static and dynamic errors can occur in precision circuit 
designs using capacitors are sometimes easy to forget, because of the tremendous variety 
of types available. These include dielectrics of glass, aluminum foil, solid tantalum and 
tantalum foil, silver mica, ceramic, Teflon, and the film capacitors, including polyester, 
polycarbonate, polystyrene, and polypropylene types. In addition to the traditional leaded 
packages, many of these are now also offered in surface mount styles. 


Figure 10.5 is a workable model of a nonideal capacitor. The nominal capacitance, C, is 
shunted by a resistance Rp, which represents insulation resistance or leakage. A second 
resistance, Rs—equivalent series resistance, or ESR,—appears in series with the 
capacitor and represents the resistance of the capacitor leads and plates. 


Figure 10.5: A Nonideal Capacitor Equivalent Circuit 


Includes Parasitic Elements 


Note that capacitor phenomena aren't that easy to separate out. The matching of 
phenomena and models is for convenience in explanation. Inductance, L—the equivalent 
series inductance, or ESL,—models the inductance of the leads and plates. Finally, 
resistance Rpa and capacitance Cp, together form a simplified model of a phenomenon 
known as dielectric absorption, or DA. It can ruin fast and slow circuit dynamic 
performance. In a real capacitor Rp, and Cp, extend to include multiple parallel sets. 
These parasitic RC elements can act to degrade timing circuits substantially, and the 
phenomenon is discussed further below. 
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Dielectric Absorption 


Dielectric absorption, which is also known as "soakage" and sometimes as "dielectric 
hysteresis"—is perhaps the least understood and potentially most damaging of various 
capacitor parasitic effects. Upon discharge, most capacitors are reluctant to give up all of 
their former charge, due to this memory consequence. 


Figure 10.6 illustrates this effect. On the left of the diagram, after being charged to the 
source potential of V volts at time to, the capacitor is shorted by the switch S1 at time t), 
discharging it. At time t:, the capacitor is then open-circuited; a residual voltage slowly 
builds up across its terminals and reaches a nearly constant value. This error voltage is 
due to DA, and is shown in the right figure, a time/voltage representation of the 
charge/discharge/recovery sequence. Note that the recovered voltage error is proportional 
to both the original charging voltage V, as well as the rated DA for the capacitor in use. 


Figure 10.6: A Residual Open-Circuit Voltage After Charge/Discharge 
Characterizes Capacitor Dielectric Absorption 


Standard techniques for specifying or measuring dielectric absorption are few and far 
between. Measured results are usually expressed as the percentage of the original 
charging voltage that reappears across the capacitor. Typically, the capacitor is charged 
for a long period, then shorted for a shorter established time. The capacitor is then 
allowed to recover for a specified period, and the residual voltage is then measured (see 
Reference 8 for details). While this explanation describes the basic phenomenon, it is 
important to note that real-world capacitors vary quite widely in their susceptibility to 
this error, with their rated DA ranging from well below to above 1%, the exact number 
being a function of the dielectric material used. 


In practice, DA makes itself known in a variety of ways. Perhaps an integrator refuses to 
reset to zero, a voltage-to-frequency converter exhibits unexpected nonlinearity, or a 
sample-hold (SH) exhibits varying errors. This last manifestation can be particularly 
damaging in a data-acquisition system, where adjacent channels may be at voltages 
which differ by nearly full scale, as shown below. 


Figure 10.7 illustrates the case of DA error in a simple SH. On the left, switches S1 and 
S2 represent an input multiplexer and SH switch, respectively. The multiplexer output 
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voltage is Vx, and the sampled voltage held on C is Vy, which is buffered by the op amp 
for presentation to an ADC. As can be noted by the timing diagram on the right, a DA 
error voltage, €, appears in the hold mode, when the capacitor is effectively open circuit. 
This voltage is proportional to the difference of voltages V1 and V2, which, if at opposite 
extremes of the dynamic range, exacerbates the error. As a practical matter, the best 
solution for good performance in terms of DA in a SH is to use only the best capacitor. 


The DA phenomenon is a characteristic of the dielectric material itself, although inferior 
manufacturing processes or electrode materials can also affect it. DA is specified as a 
percentage of the charging voltage. It can range from a low of 0.02% for Teflon, 
polystyrene, and polypropylene capacitors, up to a high of 10% or more for some 
electrolytics. For some time frames, the DA of polystyrene can be as low as 0.002%. 


TO ADC 
Y 
$1 ¥ e=(V1-V2) DA 
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v2 i Ce os | == 
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Figure 10.7: Dielectric Absorption Induces Errors in SH Applications 


Common high-K ceramics and polycarbonate capacitor types display typical DA on the 
order of 0.2%, it should be noted this corresponds to 2 LSB at only 8 bits! Silver mica, 
glass, and tantalum capacitors typically exhibit even larger DA, ranging from 1.0% to 
5.0%, with those of polyester devices failing in the vicinity of 0.5%. As a rule, if the 
capacitor spec sheet doesn’t specifically discuss DA within your time frame and voltage 
range, exercise caution! Another type with lower specified DA is likely a better choice. 


DA can produce long tails in the transient response of fast-settling circuits, such as those 
found in high pass active filters or ac amplifiers. In some devices used for such 
applications, Figure 10.5's Rpa-Cpa model of DA can have a time constant of 
milliseconds. Much longer time constants are also quite usual. In fact, several paralleled 
Rpa-Cpa circuit sections with a wide range of time constants can model some devices. 


In fast-charge, fast-discharge applications, the behavior of the DA mechanism resembles 
"analog memory"; the capacitor in effect tries to remember its previous voltage. 


In some designs, you can compensate for the effects of DA if it is simple and easily 
characterized, and you are willing to do custom tweaking. In an integrator, for instance, 
the output signal can be fed back through a suitable compensation network, tailored to 
cancel the circuit equivalent of the DA by placing a negative impedance effectively in 
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parallel. Such compensation has been shown to improve SH circuit performance by 
factors of 10 or more (Reference 6). 


Capacitor Parasitics and Dissipation Factor 


In Figure 10.5, a capacitor's leakage resistance, Rp, the effective series resistance, Rs, and 
effective series inductance, L, act as parasitic elements, which can degrade an external 
circuit’s performance. The effects of these elements are often lumped together and 
defined as a dissipation factor, or DF. 


A capacitor's leakage is the small current that flows through the dielectric when a voltage 
is applied. Although modeled as a simple insulation resistance (Rp) in parallel with the 
capacitor, the leakage actually is nonlinear with voltage. Manufacturers often specify 
leakage as a megaohm-microfarad product, which describes the dielectric’s self-discharge 
time constant, in seconds. It ranges from a low of Is or less for high-leakage capacitors, 
such as electrolytic devices, to the 100's of seconds for ceramic capacitors. Glass devices 
exhibit self-discharge time-constants of 1000 or more; but the best leakage performance 
is shown by Teflon and the film devices (polystyrene, polypropylene), with time 
constants exceeding 1,000,000 megaohm-microfarads. For such a device, external 
leakage paths—created by surface contamination of the device's case or in the associated 
wiring or physical assembly—can overshadow the internal dielectric-related leakage. 


Equivalent series inductance, ESL (Figure 10.5) arises from the inductance of the 
capacitor leads and plates, which, particularly at the higher frequencies, can turn a 
capacitor's normally capacitive reactance into an inductive reactance. Its magnitude 
strongly depends on construction details within the capacitor. Tubular wrapped-foil 
devices display significantly more lead inductance than molded _ radial-lead 
configurations. Multilayer ceramic and film-type devices typically exhibit the lowest 
series inductance, while ordinary tantalum and aluminum electrolytics typically exhibit 
the highest. Consequently, standard electrolytic types, if used alone, usually prove 
insufficient for high speed local bypassing applications. Note however that there also are 
more specialized aluminum and tantalum electrolytics available, which may be suitable 
for higher speed uses. These are the types generally designed for use in switch-mode 
power supplies, which are covered more completely in a following section. 


Manufacturers of capacitors often specify effective series impedance by means of 
impedance-versus-frequency plots. Not surprisingly, these curves show graphically a 
predominantly capacitive reactance at low frequencies, with rising impedance at higher 
frequencies because of the effect of series inductance. 


Effective series resistance, ESR (resistor Rs of Figure 10.5), is made up of the resistance 
of the leads and plates. As noted, many manufacturers lump the effects of ESR, ESL, and 
leakage into a single parameter called dissipation factor, or DF. Dissipation factor 
measures the basic inefficiency of the capacitor. Manufacturers define it as the ratio of 
the energy lost to energy stored per cycle by the capacitor. The ratio of ESR to total 
capacitive reactance—at a specified frequency—approximates the dissipation factor, 
which turns out to be equivalent to the reciprocal of the figure of merit, Q. Stated as an 
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approximation, Q ~ 1/DF (with DF in numeric terms). For example, a DF of 0.1% is 
equivalent to a fraction of 0.001; thus the inverse in terms of Q would be 1000. 


Dissipation factor often varies as a function of both temperature and frequency. 
Capacitors with mica and glass dielectrics generally have DF values from 0.03% to 1.0%. 
For ordinary ceramic devices, DF ranges from a low of 0.1 % to as high as 2.5 % at room 
temperature. And electrolytics usually exceed even this level. The film capacitors are the 
best as a group, with DFs of less than 0.1 %. Stable-dielectric ceramics, notably the NPO 
(also called COG) types, have DF specs comparable to films (more below). 


Assemble Critical Components Last 


The designer's worries don't end with the design process. Some common printed circuit 
assembly techniques can prove ruinous to even the best designs. For instance, some 
commonly used cleaning solvents can infiltrate certain electrolytic capacitors—those 
with rubber end caps are particularly susceptible. Even worse, some of the film 
capacitors, polystyrene in particular, actually melt when contacted by some solvents. 
Rough handling of the leads can damage still other capacitors, creating random or even 
intermittent circuit problems. Etched-foil types are particularly delicate in this regard. To 
avoid these difficulties it may be advisable to mount especially critical components as the 
last step in the board assembly process—if possible. 


Designers should also consider the natural failure mechanisms of capacitors. Metallized 
film devices, for instance, often self-heal. They initially fail due to conductive bridges 
that develop through small perforations in the dielectric film. But, the resulting fault 
currents can generate sufficient heat to destroy the bridge, thus returning the capacitor to 
normal operation (at a slightly lower capacitance). Of course, applications in 
high-impedance circuits may not develop sufficient current to clear the bridge, so the 
designer must be wary here. 


Tantalum capacitors also exhibit a degree, of self-healing, but—unlike film capacitors— 
the phenomenon depends on the temperature at the fault location rising slowly. 
Therefore, tantalum capacitors self-heal best in high impedance circuits which limit the 
surge in current through the capacitor's defect. Use caution therefore, when specifying 
tantalums for high current applications. 


Electrolytic capacitor life often depends on the rate at which capacitor fluids seep through 
end caps. Epoxy end seals perform better than rubber seals, but an epoxy sealed capacitor 
can explode under severe reverse-voltage or overvoltage conditions. Finally, a// polarized 
capacitors must be protected from exposure to voltages outside their specifications. 
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SECTION 10.2: RESISTORS AND POTENTIOMETERS 


BASICS 


Designers have a broad range of resistor technologies to choose from, including carbon 
composition, carbon film, bulk metal, metal film, and both inductive and noninductive 
wire-wound types. As perhaps the most basic— and presumably most trouble-free—of 
components, resistors are often overlooked as error sources in high performance circuits. 


—— G=1+ R= 100 


R1 = 9.9kQ, 1/4 W 
z TC = +25ppm/°C 
@ 


Ss R2 = 100Q, 1/4 W 
TC = +50ppm/°C 


@ Temperature change of 10°C causes gain change of 250ppm 


@ This is 1LSB in a 12-bit system and a disaster in a 16-bit system 


Figure 10.8: Mismatched Resistor TCs Can Induce Temperature-Related Gain 
Errors 


Yet, an improperly selected resistor can subvert the accuracy of a 12-bit design by 
developing errors well in excess of 122 ppm (’2 LSB). When did you last read a resistor 
data sheet? You'd be surprised what can be learned from an informed review of data. 


Consider the simple circuit of Figure 10.8, showing a noninverting op amp where the 
100x gain is set by RI and R2. The TCs of these two resistors are a somewhat obvious 
source of error. Assume the op amp gain errors to be negligible, and that the resistors are 
perfectly matched to a 99/1 ratio at +25°C. If, as noted, the resistor TCs differ by only 
25 ppm/°C, the gain of the amplifier changes by 250 ppm for a 10°C temperature change. 
This is about a 1 LSB error in a 12-bit system, and a major disaster in a 16-bit system. 


Temperature changes, however, can limit the accuracy of the Figure 10.8 amplifier in 
several ways. In this circuit (as well as many op amp circuits with component-ratio 
defined gains), the absolute TC of the resistors is less important—as Jong as they track 
one another in ratio. But even so, some resistor types simply aren’t suitable for precise 
work. For example, carbon composition units—with TCs of approximately 
1,500 ppm/°C, won’t work. Even if the TCs could be matched to an unlikely 1%, the 
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resulting 15 ppm/°C differential still proves inadequate—an 8°C shift creates a 120 ppm 
error. 


Many manufacturers offer metal film and bulk metal resistors, with absolute TCs ranging 
between +1 ppm/°C and +100 ppm/°C. Beware, though; TCs can vary a great deal, 
particularly among discrete resistors from different batches. To avoid this problem, more 
expensive matched resistor pairs are offered by some manufacturers, with temperature 
coefficients that track one another to within 2 ppm/°C to 10 ppm/°C. Low priced 
thin-film networks have good relative performance and are widely used. 


+100 mv O———_ 


R1=9.9 kQ, 1/4 W 
TC = +25 ppmi°c 


Assume TC of R1 = TC of R2 R2 = 100 0.1/4 W 
as TC = +25 ppmi°c 

@ R1, R2 Thermal Resistance = 125°C/ W 

@ Temperature of R1 will rise by 1.24°C, Ry = 9.9 mW 

@ Temperature rise of R2 is negligible, Ry =0.1 mW 


@ Gain is altered by 31 ppm, or 1/2 LSB @ 14-bits 


Figure 10.9: Uneven Power Dissipation Between Resistors with Identical TCs 
Can Also Introduce Temperature-Related Gain Errors 


Suppose, as shown in Figure 10.9, R1 and R2 are ‘AW resistors with identical 25 ppm/°C 
TCs. Even when the TCs are identical, there can still be significant errors! When the 
signal input is zero, the resistors dissipate no heat. But, if it is 100 mV, there is 9.9 V 
across R1, which then dissipates 9.9 mW. It will experience a temperature rise of 1.24°C 
(due to a 125°C/W 'AW resistor thermal resistance). This 1.24°C rise causes a resistance 
change of 31 ppm, and thus a corresponding gain change. But R2, with only 100 mV 
across it, is only heated a negligible 0.0125°C. The resulting 31 ppm net gain error 
represents a full-scale error of 2 LSB at 14-bits, and is a disaster for a 16-bit system. 


Even worse, the effects of this resistor self-heating also create easily calculable 
nonlinearity errors. In the Figure 10.9 example, with ‘2 the voltage input, the resulting 
self-heating error is only 15 ppm. In other words, the stage gain is not constant at 2 and 
full scale (nor is it so at other points), as long as uneven temperature shifts exist between 
the gain-determining resistors. This is by no means a worst-case example; physically 
smaller resistors would give worse results, due to higher associated thermal resistance. 
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These, and similar errors, are avoided by selecting critical resistors that are accurately 
matched for both value and TC, are well derated for power, and have tight thermal 
coupling between those resistors were matching is important. This is best achieved by 
using a resistor network on a single substrate—such a network may either be within an 
IC, or it may be a separately packaged thin-film resistor network. 


When the circuit resistances are very low (<10 Q), interconnection stability also becomes 
important. For example, while often overlooked as an error, the resistance TC of typical 
copper wire or printed circuit traces can add errors. The TC of copper is typically 
~3,900 ppm/°C. Thus a precision 10 Q, 10 ppm/°C wirewound resistor with 0. 1 Q of 
copper interconnect effectively becomes a 10.1 © resistor with a TC of nearly 
50 ppm/°C. 


One final consideration applies mainly to designs that see widely varying ambient 
temperatures: a phenomenon known as temperature retrace describes the change in 
resistance which occurs after a specified number of cycles of exposure to low and high 
ambients with constant internal dissipation. Temperature retrace can exceed 10 ppm/°C, 
even for some of the better thin-film components. 


@ Closely match resistance TCs. 
@ Use resistors with low absolute TCs. 


@Use resistors with low thermal resistance (higher power ratings, 
larger cases). 


@Tightly couple matched resistors thermally (use standard common- 
substrate networks). 


For large ratios consider using stepped attenuators. 


Figure 10.10: Important Points for Minimizing Temperature-Related Errors in 
Resistors 


In summary, to design resistance-based circuits for minimum temperature-related errors, 
consider the points noted in Figure 10.10 (along with their cost): 


Resistor Parasitics 


Resistors can exhibit significant levels of parasitic inductance or capacitance, especially 
at high frequencies. Manufacturers often specify these parasitic effects as a reactance 
error, in % or ppm, based on the ratio of the difference between the impedance magnitude 
and the dc resistance, to the resistance, at one or more frequencies. 
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Wirewound resistors are especially susceptible to difficulties. Although resistor 
manufacturers offer wirewound components in either normal or noninductively wound 
form, even noninductively wound resistors create headaches for designers. These 
resistors still appear slightly inductive (of the order of 20 uH) for values below 10 kQ. 
Above 10 kQ the same style resistors actually exhibit 5 pF of shunt capacitance. 


These parasitic effects can raise havoc in dynamic circuit applications. Of particular 
concern are applications using wirewound resistors with values both greater than 10 kQ. 
Here it isn’t uncommon to see peaking, or even oscillation. These effects become more 
evident at low-kHz frequency ranges. 


Even in low-frequency circuit applications, parasitic effects in wirewound resistors can 
create difficulties. Exponential settling to 1 ppm may take 20 time constants or more. The 
parasitic effects associated with wirewound resistors can significantly increase net circuit 
settling time to beyond the length of the basic time constants. 


Unacceptable amounts of parasitic reactance are often found even in resistors that aren’t 
wirewound. For instance, some metal-film types have significant interlead capacitance, 
which shows up at high frequencies. In contrast, when considering this end-end 
capacitance, carbon resistors do the best at high frequencies. 


Thermoelectric Effects 


Another more subtle problem with resistors is the thermocouple effect, also sometimes 
referred to as thermal EMF. Wherever there is a junction between two different metallic 
conductors, a thermoelectric voltage results. The thermocouple effect is widely used to 
measure temperature. However, in any low level precision op amp circuit it is also a 
potential source of inaccuracy, since wherever two different conductors meet, a 
thermocouple is formed (whether we like it or not). In fact, in many cases, it can easily 
produce the dominant error within an otherwise precision circuit design. 


Parasitic thermocouples will cause errors when and if the various junctions forming the 
parasitic thermocouples are at different temperatures. With two junctions present on each 
side of the signal being processed within a circuit, by definition we have formed at least 
one thermocouple pair. If the two junctions of this thermocouple pair are at different 
temperatures, there will be a net temperature dependent error voltage produced. 
Conversely, if the two junctions of a parasitic thermocouple pair are kept at an identical 
temperature, then the net error produced will be zero, as the voltages of the two 
thermocouples effectively will be canceled. 


This is a critically important point, since in practice we cannot avoid connecting 
dissimilar metals together to build an electronic circuit. But, what we can do is carefully 
control temperature differentials across the circuit, so such that the undesired 
thermocouple errors cancel one another. 
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The effect of such parasitics is very hard to avoid. To understand this, consider a case of 
making connections with copper wire only. In this case, even a junction formed by 
different copper wire alloys can have a thermoelectric voltage which is a small fraction of 
1npV/°C! And, taking things a step further, even such apparently benign components as 
resistors contain parasitic thermocouples, with potentially even stronger effects. 


For example, consider the resistor model shown in Figure 10.11. The two connections 
between the resistor material and the leads form thermocouple junctions, T1 and T2. This 
thermocouple EMF can be as high as 400 pV/°C for some carbon composition resistors, 
and as low as 0.05 pV/°C for specially constructed resistors. Ordinary metal film resistors 
(RN-types) are typically about 20 pV/°C. 


+ RESISTOR a} 
11 T2 


/ MATERIAL \ 
+ 


O aS \/\; O 
S RESISTOR LEADS ge 


TYPICAL RESISTOR THERMOCOUPLE EMFs 


@ CARBON COMPOSITION = 400 pV/ °C 
@ METAL FILM = 20 pV/ °C 


@ EVENOHM OR 
MANGANIN WIREWOUND = 2yV/ °C 


@ RCD Components HP-Series ~0.05 pV/ °C 


Figure 10.11: Every resistor contains two thermocouples, formed between the 
leads and resistance element 


Note that these thermocouple effects are relatively unimportant for ac signals. Even for 
dc-only signals, they will nicely cancel one another, if, as noted above, the entire resistor 
is at a uniform temperature. However, if there is significant power dissipation in a 
resistor, or if its orientation with respect to a heat source is nonsymmetrical, this can 
cause one of its ends to be warmer than the other, causing a net thermocouple error 
voltage. Using ordinary metal film resistors, an end-to-end temperature differential of 1°C 
causes a thermocouple voltage of about 20 pV. This error level is quite significant 
compared to the offset voltage drift of a precision op amp like the OP177, and extremely 
significant when compared to chopper-stabilized op amps, with their drifts of <1 pV/°C. 


Figure 10.12 shows how resistor orientation can make a difference in the net 
thermocouple voltage. In the left diagram, standing the resistor on end in order to 
conserve board space will invariably cause a temperature gradient across the resistor, 
especially if it is dissipating any significant power. In contrast, placing the resistor flat on 
the PC board as shown at the right will generally eliminate the gradient. An exception 
might occur, if there is end-to-end resistor airflow. For such cases, orienting the resistor 
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axis perpendicular to the airflow will minimize this source of error, since this tends to 
force the resistor ends to the same temperature. 


WRONG RIGHT 


Figure 10.12: The Effects of Thermocouple EMFs Generated by Resistors Can 
Be Minimized by Orientation that Normalizes the End Temperatures 


Note that this line of thinking should be extended, to include orientation of resistors on a 
vertically mounted PC board. In such cases, natural convection air currents tend to flow 
upward across the board. Again, the resistor thermal axis should be perpendicular to 
convection, to minimize thermocouple effects. With tiny surface mount resistors, the 
thermocouple effects can be less problematic, due to tighter thermal coupling between the 
resistor ends. 


In general, designers should strive to avoid thermal gradients on or around critical circuit 
boards. Often this means thermally isolating components that dissipate significant 
amounts of power. Thermal turbulence created by large temperature gradients can also 
result in dynamic noise-like low-frequency errors. 


Voltage Sensitivity, Failure Mechanisms and Aging 


Resistors are also plagued by changes in value as a function of applied voltage. The 
deposited-oxide high megaohm type components are especially sensitive, with voltage 
coefficients ranging from 1 ppm/V to more than 200 ppm/V. This is another reason to 
exercise caution in such precision applications as high-voltage dividers. 


The normal failure mechanism of a resistor can also create circuit difficulties, if not 
carefully considered beforehand. For example, carbon-composition resistors fail safely, 
by turning into open circuits. Consequently, in some applications, these components can 
play a useful secondary role, as a fuse. Replacing such a resistor with a carbon-film type 
can possibly lead to trouble, since carbon-films can fail as short circuits. (Metal-film 
components usually fail as open circuits.) 


All resistors tend to change slightly in value with age. Manufacturers specify long-term 
stability in terms of change—ppm/year. Values of 50 ppm/year or 75 ppm/year are not 
uncommon among metal film resistors. For critical applications, metal-film devices 
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should be burned-in for at least one week at rated power. During burn-in, resistance 
values can shift by up to 100 ppm or 200 ppm. Metal film resistors may need 4000 to 
5000 operational hours for full stabilization, especially if deprived of a burn-in period. 


Resistor Excess Noise 


Most designers have some familiarity with thermal, or Johnson noise, which occurs in 
resistors. But a less widely recognized secondary noise phenomenon is associated with 
resistors, and it is called excess noise. It can prove particularly troublesome in precision 


op amp and converter circuits, as it is evident only when current passes through a resistor. 


DISCRETE Carbon 


Composition 


Wirewound 


Metal Film 


Bulk Metal 
or Metal Foil 


ADVANTAGES 


Lowest Cost 
High Power/Small Case Size 
Wide Range of Values 


Excellent Tolerance (0.01%) 
Excellent TC (1ppm/°C) 
High Power 


Good Tolerance (0.1%) 
Good TC (<1 to 100ppm/°C) 
Moderate Cost 

Wide Range of Values 

Low Voltage Coefficient 


Excellent Tolerance (to 0.005%) 
Excellent TC (to <Ippm/°C) 
Low Reactance 

Low Voltage Coefficient 


DISADVANTAGES 


Poor Tolerance (5%) 
Poor Temperature Coefficient 
(1500ppm/°C) 


Reactance is a Problem 
Large Case Size 
Most Expensive 


Must be Stabilized with Burn-In | 
Low Power 


Low Power 
Very Expensive 


High Megohm 


NETWORKS Thick Film 


Very High Values (10° to 10 “Q) 
Only Choice for Some Circuits 


Low Cost 

High Power 
Laser-Trimmable 
Readily Available 


High Voltage Coefficient 

(200ppm/V) 

Fragile Glass Case (Needs Special Handling) 
Expensive 


Fair Matching (0.1%) 
Poor TC 100ppm/°C) 
Poor Tracking TC (10ppm/°C) 


Thin Film 


Good Matching (<0.1%) 

Good TC (<100ppm/°C) 

Good Tracking TC (2ppm/°C) 
Moderate Cost 
Laser-Trimmable 

Low Capacitance 

Suitable for Hybrid IC Substrate 


Often Large Geometry 
Limited Values and Configurations 


Figure 10.13: Resistor Comparison Chart 


To review briefly, thermal noise results from thermally induced random vibration of 
charge resistor carriers. Although the average current from the vibrations remains zero, 
instantaneous charge motions result in an instantaneous voltage across the terminals. 
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Excess noise on the other hand, occurs primarily when dc flows in a discontinuous 
medium—for example the conductive particles of a carbon composition resistor. The 
current flows unevenly through the compressed carbon granules, creating microscopic 
particle-to-particle "arcing." This phenomenon gives rise to a 1/f noise-power spectrum, 
in addition to the thermal noise spectrum. In other words, the excess spot noise voltage 
increases as the inverse square-root of frequency. 


Excess noise often surprises the unwary designer. Resistor thermal noise and op amp 
input noise set the noise floor in typical op amp circuits. Only when voltages appear 
across input resistors and causes current to flow does the excess noise become a 
significant—and often dominant—factor. In general, carbon composition resistors 
generate the most excess noise. As the conductive medium becomes more uniform, 
excess noise becomes less significant. Carbon film resistors do better, with metal film, 
wirewound and bulk-metal-film resistors doing better yet. 


Manufacturers specify excess noise in terms of a noise index—the number of microvolts 
of rms noise in the resistor in each decade of frequency per volt of dc drop across the 
resistor. The index can rise to 10 dB (3 microvolts per de volt per decade of bandwidth) 
or more. Excess noise is most significant at low frequencies, while above 100 kHz 
thermal noise predominates. 


Potentiometers 


Trimming potentiometers (trimpots) can suffer from most of the phenomena that plague 
fixed resistors. In addition, users must also remain vigilant against some hazards unique 
to these components. 


For instance, many trim potentiometers aren’t sealed, and can be severely damaged by 
board washing solvents, and even by excessive humidity. Vibration—or simply extensive 
use—can damage the resistive element and wiper terminations. Contact noise, TCs, 
parasitic effects, and limitations on adjustable range can all hamper trim potentiometers 
circuit operation. Furthermore, the limited resolution of wirewound types and the hidden 
limits to resolution in cermet and plastic types (hysteresis, incompatible material TCs, 
slack) make obtaining and maintaining precise circuit settings anything but an "infinite 
resolution" process. Given this background, two rules are suggested for the potential trim 
potentiometers user. Rule 1: Use infinite care and infinitesimal adjustment range to avoid 
infinite frustration when applying manual trim potentiometerss. Rule 2: Consider the 
elimination of manual trimming potentiometers altogether, if possible! A number of 
digitally addressable potentiometers (RDACs) are now available for direct application in 
similar circuit functions as classic trim potentiometers. There are also many low cost 
multichannel voltage output DACs expressly designed for system voltage trimming. 
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SECTION 10.3: INDUCTORS 


Basics 


An inductor is a passive electronic component that stores energy in the form of a 
magnetic field. In its simplest form, an inductor consists of a wire loop or coil. The 
inductance is directly proportional to the number of turns in the coil. Inductance also 
depends on the radius of the coil and on the type of material around which the coil is 
wound. 


Inductive reactance is defined as: 
X, = of = 2nfL. Eq. 10-4 


where Xz is the inductive reactance, is the angular frequency, fis the frequency in 
Hertz, and L is the inductance. 


Inductive reactance is the positive imaginary component of impedance. 


The complex impedance of an inductor is then given by: 


Z = joL = j2nfL Eq’? 


where j is the imaginary number. 


Inductors had been rare in circuit design, especially at lower frequencies, due to the 
physical size. Since inductance is the inverse mathematical function of capacitance, 
inductors are sometimes synthesized by placing a capacitor in the feedback network of an 
op amp. See figure 10.14. This technique is obviously limited to frequencies where the 
open-loop gain of the op amp is sufficient to support this operation. It also may not be 
practical at high current levels. 


Inductors are popular in RF circuits since the small inductance values make them 
physically small. Passive LC filters are used at RF frequencies since active filters are not 
practical. 


Switch mode power supplies are probably the common place to find inductors today. This 
is covered in depth in the section on switch mode regulators in the power and ground 
section. 


It is only relatively recently that manufacturers developed the ability to fabricate 
inductors in monolithic semiconductor processes. This is beyond the scope of this book 
though. 
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R1 


R2 


<< _ CRIR3R5 


R3 L= 


Fig 10.14: A Synthetic Inductor. 
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Ferrites 


Ferrites (nonconductive ceramics manufactured from the oxides of nickel, zinc, 
manganese, or other compounds) are extremely useful for decoupling in power supply 
filters. At low frequencies (<100 kHz), ferrites are inductive; thus they are useful in low- 
pass LC filters. Above 100 kHz, ferrites becomes resistive, an important characteristic in 
high-frequency filter designs. Ferrite impedance is a function of material, operating 
frequency range, dc bias current, number of turns, size, shape, and temperature. 


Several ferrite manufacturers offer a wide selection of ferrite materials from which to 
choose, as well as a variety of packaging styles for the finished network. The most simple 
form is the bead of ferrite material, a cylinder of the ferrite which is simply slipped over 
the power supply lead to the stage being decoupled. Alternately, the leaded ferrite bead is 
the same bead, mounted by adhesive on a length of wire, and used simply as a 
component. More complex beads offer multiple holes through the cylinder for increased 
decoupling, plus other variations. Surface mount bead styles are also available. 


Recently, PSpice ferrite models for Fair-Rite materials have become available that allow 
ferrite impedance to be estimated [Reference 12]. These models have been designed to 
match measured impedances rather than theoretical impedances. 


A ferrite’s impedance is dependent upon a number of inter-dependent variables, and is 
difficult to quantify analytically, thus selecting the proper ferrite is not straightforward. 
However, knowing the following system characteristics will make selection easier. First, 
determine the frequency range of the noise to be filtered. A spectrum analyzer is useful 
here. Second, the expected temperature range of the filter should be known, because 
ferrite impedance varies with temperature. Third, the dc bias current flowing through the 
ferrite must be known, to ensure that the ferrite does not saturate. Although models and 
other analytical tools may prove useful, the general guidelines given above, coupled with 
some experimentation with the actual filter connected to the supply output under system 
load conditions, should ultimately lead to the selection of the proper ferrite. 


Sizing of the ferrite for current is especially important. If the saturation current of the 
ferrite is reached, it loses its inductive properties. This will obviously limit the ferrites 
usefulness in decoupling applications. This saturation current should be sized for the peak 
current requirements of the circuit (with some added margin, of course). 
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(310) 515-1720. 

12. Tantalum Electrolytic Capacitor SPICE Models, Kemet Electronics, Box 5928, 
Greenville, SC, 29606, (803) 963-6300. 

13. Eichhoff Electronics, Inc., 205 Hallene Road, Warwick, RI., 02886, (401) 738-1440. 
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CHAPTER 11: OVERVOLTAGE EFFECTS ON 
ANALOG INTEGRATED CIRCUITS 


SECTION 11.1: OVERVOLTAGE EFFECTS 


One of the most commonly asked applications questions is: “What happens if external 
voltages are applied to an analog integrated circuit with the supplies turned off?” This 
question describes situations that can take on many different forms: from lightning strikes 
on cables which propagate very high transient voltages into signal conditioning circuits, 
to walking across a carpet and then touching a printed circuit board full of sensitive 
precision circuits. Regardless of the situation, the general issue is the effect of 
overvoltage stress (and, in some cases, abuse) on analog integrated circuits. The 
discussion which follows will be limited in general to operational amplifiers, because it is 
these devices that most often interface to the outside world. The principles developed 
here can and should be applied to all analog integrated circuits which are required to 
condition or digitize analog waveforms. These devices include (but are not limited to) 
instrumentation amplifiers, analog comparators, sample-and-hold amplifiers, analog 
switches and multiplexers, and analog-to-digital converters. 


Amplifier Input Stage Overvoltage 


In real world signal conditioning, sensors are often used in hostile environments where 
faults can and do occur. When these faults take place, signal conditioning circuitry can be 
exposed to large voltages which exceed the power supplies. The likelihood for damage is 
quite high, even though the components’ power supplies may be turned on. Published 
specifications for operational amplifier absolute maximum ratings state that applied input 
signal levels should never exceed the power supplies by more than 0.3 V or, in some 
devices, 0.7 V. Exceeding these levels exposes amplifier input stages to potentially 
destructive fault currents which flow through internal metal traces and parasitic P-N 
junctions to the supplies. Without some type of current limiting, unprotected input 
differential pairs (BJTs or FETs) can be destroyed in a matter of microseconds. There 
are, however, some devices with built-in circuitry that can provide protection beyond the 
supply voltages, but in general, absolute maximum ratings must still be observed. 


Although more recent vintage operational amplifiers designed for single-supply or rail- 
to-rail operation are now including information with regard to input stage overvoltage 
effects, there are very many amplifiers available today without such information provided 
by the manufacturer. In those cases, the circuit designer using these components must 
ascertain the input stage current-voltage characteristic of the device in question before 
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steps can be taken to protect it. All amplifiers will conduct current to the 
positive/negative supply, provided the applied input voltage exceeds some internal 
threshold. This threshold is device dependent, and can range from 0.7 V to 30 V, 
depending on the internal construction of the input stage. Regardless of the threshold 
level, externally generated fault currents should be limited to no more than +5 mA. 


mg INPUT SHOULD NOT EXCEED ABSOLUTE MAXIMUM RATINGS 
(Usually Specified With Respect to Supply Voltages) 


m A Common Specification Requires the Input Signal < |V,| + 0.3 V 
m Input Voltage Should be Held Near Zero in the Absence of Supplies 
m Input Stage Conduction Current Needs to be Limited (Rule of Thumb: <5 mA) 


m Avoid Reverse Bias Junction Breakdown in Input Stage Base - Emitter 
Junctions 


= Differential and Common-Mode Ratings may Differ 
m™ No Two Amplifiers are exactly the Same 


= Some Op Amps Contain Input Protection (Voltage Clamps, Current Limits, or 
Both), but Absolute Maximum Ratings Must Still be Observed 


Figure 11.1: Input Stage Overvoltage 


Many factors contribute to the current-voltage characteristic of an amplifier’s input stage: 
internal differential clamping diodes, current-limiting series resistances, substrate 
potential connections, and differential input stage topologies (BJTs or FETs). Input 
protection diodes used as differential input clamps are typically constructed from the 
base-emitter junctions of NPN transistors. These diodes usually form a parasitic P-N 
junction to the negative supply when the applied input voltage exceeds the negative 
supply. Current-limiting series resistances used in the input stages of operational 
amplifiers can be fabricated from three types of material: N- or P-type diffusions, 
polysilicon, or thin-films (SiCr, for example). Polysilicon and thin-film resistors are 
fabricated over thin layers of oxide which provide an insulating barrier to the substrate; 
as such, they do not exhibit any parasitic P-N junctions to either supply. Diffused 
resistors, on the other hand, exhibit P-N junctions to the supplies because they are 
constructed from either P- or N-type diffusion regions. The substrate potential of the 
amplifier is the most critical component, for it will determine the sensitivity of an 
amplifier’s input current-voltage characteristic to supply voltage. 


The configuration of the amplifier’s input stage also plays a large role in the current- 
voltage characteristic of the amplifier. Input differential pairs of operational amplifiers 
are constructed from either bipolar transistors (NPN or PNP) or field-effect transistors 
(junction or MOS, N- or P-channel). While the bipolar input differential pairs do not have 
any direct path to either supply, FET differential pairs do. For example, an N-channel 
JFET forms a parasitic P-N junction between its backgate and the P-substrate that 
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energizes when V]N + 0.7 V < VNRG. As mentioned previously, many manufacturers of 
analog integrated circuits do not provide any details with regard to the behavior of the 
device’s input structure. Either simplified schematics are not provided or, if they are 
shown, the behavior of the input stage under an overvoltage condition is omitted. 
Therefore, other measures must be taken in order to identify the conduction paths. 


A standard transistor curve tracer can be configured to determine the current-voltage 
characteristic of any amplifier regardless of input circuit topology. Both amplifier supply 
pins are connected to ground, and the collector output drive is connected to one of the 
amplifier’s inputs. The curve tracer applies a DC ramp voltage and measures the current 
flowing through the input stage. In the event that a transistor curve tracer is not available, 
a DC voltage source and a multimeter can be substituted for the curve tracer. A 10 kO 
resistor should be used between the DC voltage source and the amplifier input for 
additional protection. Ammeter readings from the multimeter at each applied DC voltage 
will yield the same result as that produced by the curve tracer. Although either input can 
be tested (both inputs should), it is recommended that the unused input is left open; 
otherwise, additional junctions could come into play and would complicate matters 
further. Evaluations of current feedback amplifier input stages are more difficult because 
of the lack of symmetry between the inputs. As a result, both inputs should be 
characterized for their individual current-voltage characteristics. 


m Junctions may be Forward Biased if the Current is Limited 
m In General a Safe Current Limit is 5mA 


m Reverse Bias Junction Breakdown is Damaging Regardless of the Current 
Level 


gm When in Doubt, Protect with External Diodes and Series Resistances 


m™ Curve Tracers Can be Used to Check the Overvoltage Characteristics of a 
Device 


= Simplified Equivalent Circuits in Data Sheets do not tell the Entire Story!!! 
Figure 11.2: Overvoltage Effects 


Once the input current-voltage characteristic has been determined for the device in 
question, the next step is to determine the minimum level of resistance required to limit 
fault currents to + 5 mA. Equation 11.1 illustrates the computation for Rg when the input 
overvoltage level is known: 


_ VIN(MAX) ~ VSUPPLY 

v= 5 mA 
The worst case condition for overvoltage would be when the power supplies are initially 
turned off or disconnected. In this case, VstjppLy is equal to zero. For example, if the 


Eq. 11-1 
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input overvoltage could reach 100 V under some type of fault condition, then the external 
resistor should be no smaller than 20kQ. Most operational amplifier applications only 
require protection at one input; however, there are a few configurations (difference 
amplifiers, for example) where both inputs can be subjected to overvoltage and both must 
be protected. The need for protection on both inputs is much more common with 
instrumentation amplifiers. 


= Sometimes Occurs in FET and Bipolar Input (Especially Single- 
Supply) Op Amps when Input Exceeds Common Mode Range 


= Does Not Harm Amplifier, but may be Disastrous in Servo 
Systems! 


= Not Usually Specified on Data Sheet, so Amplifier Must be Checked 


m Easily Prevented: 


BiFETs: Add Appropriate Input Series Resistance 
(Determined Empirically, Unless Provided in 
Data Sheet) 


Bipolars: Use Schottky Diode Clamps to the Supply 
Rails. 


Figure 11.3: BEWARE OF AMPLIFIER OUTPUT PHASE REVERSAL 


Amplifier Output Voltage Phase Reversal 


Some operational amplifiers exhibit output voltage phase reversal when one or both of 
their inputs exceeds their input common-mode voltage range. Phase reversal is usually 
associated with JFET (n- or p-channel) input amplifiers, but some bipolar devices 
(especially single-supply amplifiers operating as unity-gain followers) may also be 
susceptible. In the vast majority of applications, output voltage phase reversal does not 
harm the amplifier nor the circuit in which the amplifier is used. Although a number of 
operational amplifiers suffer from phase reversal, it is rarely a problem in system design. 
However, in servo loop applications, this effect can be quite hazardous. Fortunately, this 
is only a temporary condition. Once the amplifier’s inputs return to within its normal 
operating common-mode range, output voltage phase reversal ceases. It may still be 
necessary to consult the amplifier manufacturer, since phase reversal information rarely 
appears on device data sheets. 


In BiFET operational amplifiers, phase reversal may be prevented by adding an 
appropriate resistance in series with the amplifier’s input to limit the current. Bipolar 
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input devices can be protected by using a Schottky diode to clamp the input to within a 
few hundred millivolts of the negative rail. For a complete description of the output 
voltage phase reversal effect, please consult Reference 1. 
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* D3 - D6: SUBSTRATE PNPs (COLLECTORS TO VEG) 


Figure 11.4: A Closer Look at the OP-X91 Input Stage 
Reveals Additional Devices 


Rail-to-rail operational amplifiers present a special class of problems to the integrated 
circuit designer, because these types of devices should not exhibit any abnormal behavior 
throughout the entire input common-mode range. In fact, it is desirable that devices used 
in these applications also not exhibit any abnormal behavior if the applied input voltages 
exceed the power supply range. One of the more recent vintage rail-to-rail input/output 
operational amplifiers, the OPX91 family (the OP191, the OP291, and the OP491), 
includes additional components that prevent overvoltage and damage to the device. As 
shown in Figure 11.4, the input stage of the OPX91 devices use six diodes and two 
resistors to clamp the input terminals to each other and to the supplies. D1 and D2 are 
base-emitter NPN diodes which are used to protect the bases of Q 1- Q2 and Q3 - Q4 
against avalanche breakdown when the applied differential input voltage to the device 
exceeds 0.7 V. Diodes D3 - D6 are diodes formed from substrate PNP transistors that 
clamp the applied input voltages on the OPX91 to the supply rails. 


An interesting benefit from using substrate PNPs as clamp diodes is that their collectors 
are connected to the negative supply; thus, when the applied input voltage exceeds either 
supply rail, the diodes energize, and the fault currents are diverted directly to the supply 
and not through or into the device’s input stage. There are also 5kQ resistors in series 
with each of the inputs to the OPX91 to limit the fault current through D1 and D2 when 
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the differential input voltage exceeds 0.7 V. Note that these 5 kQ resistors are p-type 
diffusions placed inside an n-well, which is then connected to the positive supply. When 
the applied input voltage exceeds the positive supply, some of the fault current generated 
is also diverted to Vpog and away from the input stage. As a result of these measures, 
the input overvoltage characteristic of the OPX91 is well behaved as shown in Figure 
11.6. Note that the combination of the 5 kO resistors and clamp diodes safely limits the 
input current to less than 2 mA, even when the inputs of the device exceed the supply 
rails by 10 V. 


lIN 
A 7 
2mA —- A 
1mA —- 
10V 5V 5V 10V 
<4 | > VIN 
-1mA —— 
¢ -2mA +— 
7 
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Figure 11.5: Internal 5kQ Resistors Plus Input Clamp Diodes Combine to 
Protect OP-X91 Devices Against Overvoltage 


As an added safety feature, an additional pair of diodes is used in the input stage across 
Q3 and Q4 to prevent subsequent stages internal to the OPX91 from collapsing (that is, 
forced into cutoff). If these stages were forced into cutoff, then the amplifier would 
undergo output voltage phase reversal when the inputs exceeded the positive input 
common mode voltage. An illustration of the diodes’ effectiveness is shown in 
Figure 11.6. Here, the OPX91 family can safely handle a 20 Vp-p input signal on +5 V 
supplies without exhibiting any sign of output voltage phase reversal or other anomalous 
behavior. With these amplifiers, no external clamping diodes are required. 
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Figure 11.6: Addition of Two Clamp Diodes Protects OP-X91 
Devices Against Output Phase Reversal 


Vout 


Value for Rs provided by manufacturer or determined empirically 


ReB may be required for high bias current devices 


D1 and D2 can be Schottky diodes (Check their capacitance and 
leakage current first) 


Figure 11.7: Generalized External Protection Schemes Against Input 
Overvoltage Abuse and Output Voltage Phase Reversal 
in Single Supply Op Amps 
For those amplifiers where external protection is clearly required against both 
overvoltage abuse and output phase reversal, a common technique is to use a series 
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resistance, Rg, to limit fault current, and Schottky diodes to clamp the input signal to the 
supplies, as shown in Figure 11.7. 


The external input series resistance, Rg, will be provided by the manufacturer of the 
amplifier, or determined empirically by the user with the method previously shown in 
Figure 11.2 and Eq. 11.1. More often than not, the value of this resistor will provide 
enough protection against output voltage phase reversal, as well as limiting the fault 
current through the Schottky diodes. 


It is evident that whenever resistance is added in series with an amplifier’s input, its 
offset and noise performance will be affected. The effects of this series resistance on 
circuit noise can be calculated using the following equation. 


En total = (en,op ie) +(en,R, y +(Re ‘In,op amp y Eq. 11-2 


The thermal noise of the resistor, the voltage noise due to amplifier noise current flowing 
through the resistor, and the input noise voltage of the amplifier are added together (in 
root-sum-square manner, since the noise voltages are uncorrelated) to determine the total 
input noise and may be compared with the input voltage noise in the absence of the 
protection resistor. 


A protection resistor in series with an amplifier input will also produce a voltage drop 
due to the amplifier bias current flowing through it. This drop appears as an increase in 
the circuit offset voltage (and, if the bias current changes with temperature, offset drift). 
In amplifiers where bias currents are approximately equal, a resistor in series with each 
input will tend to balance the effect and reduce the error. The effects of this additional 
series resistance on the circuit’s overall offset voltage can be calculated: 


Vos(total) = Vos t1bRs Eq. 11-3 


For the case where RFB = Rg or where the source impedance levels are balanced, then 
the total circuit offset voltage can be expressed as: 


Vos(total) = Vos +losRs Eq. 11-4 


To limit the additional noise of Rpg, it can be shunted with a capacitor. 


When using external clamp diodes to protect operational amplifier inputs, the effects of 
diode junction capacitance and leakage current should be evaluated in the application. 
Diode junction capacitance and Rg will add an additional pole in the signal path, and 
diode leakage currents will double for every 10°C rise in ambient temperature. Therefore, 
low leakage diodes should be used such that, at the highest ambient temperature for the 
application, the total diode leakage current is less than one-tenth of the input bias current 
for the device at that temperature. Another issue with regard to the use of Schottky diodes 
is the change in their forward voltage drop as a function of temperature. These diodes do 
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not, in fact, limit the signal to +0.3 V at all ambient temperatures, but if the Schottky 
diodes are at the same temperature as the op amp, they will limit the voltage to a safe 
level, even if they do not limit it at all times to within the data sheet rating. This is true if 
over-voltage is only possible at turn-on, when the diodes and the op amp will always be 
at the same temperature. If the op amp is warm when it is repowered, however, steps 
must be taken to ensure that diodes and op amp are at the same temperature. 
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Notes: 
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SECTION 11.2: ELECTROSATIC DISCHARGE (ESD) 


Understanding and Protecting Integrated Circuits from Electrostatic 
Discharge (ESD) 


Integrated circuits can be damaged by the high voltages and high peak currents that can 
be generated by electrostatic discharge. Precision analog circuits, which often feature 
very low bias currents, are more susceptible to damage than common digital circuits, 
because the traditional input-protection structures which protect against ESD damage 
also increase input leakage. 


The keys to eliminating ESD damage are: (1) awareness of the sources of ESD voltages, 
and (2) understanding the simple handling steps that will discharge potential voltages 
safely. 


= ESD (Electrostatic Discharge): 
@ Asingle fast, high current transfer of electrostatic charge. 
@ Direct contact between two objects at different potentials. 


@ A high electrostatic field between two objects when they are in close 
proximity. 


= ESD Failure Threshold: 


@ The highest voltage level at which all pins on a device can be subjected 
to ESD zaps without failing any 25°C data sheet limits. 


Figure 11.8: ESD Definitions 


The basic definitions relating to ESD are given in Figure 11.8. Notice that the ESD 
Failure Threshold \evel relates to any of the IC data sheet limits, and not simply to a 
catastrophic failure of the device. Also, the limits apply to each pin of the IC, not just to 
the input and output pins. 


The generation of static electricity caused by rubbing two substances together is called 
the triboelectric effect. Static charge can be generated either by dissimilar materials (for 
example, rubber-soled shoes moving across a rug) or by separating similar materials (for 
example, pulling transparent tape off of a roll). 
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A wide variety of common human activities can create high electrostatic charge. Some 
examples are given in Figure 11.9. The values shown will occur with a fairly high 
relative humidity. Low humidity, such as can occur indoors during cold weather, can 
generate voltages 10 times (or more) greater than the values shown. 


m= Person walks across a typical carpet. 
@ 1000 - 1500V generated 

™ Person walks across a typical vinyl floor. 
@ 150 - 250V generated 

= Person handles instructions protected by clear plastic covers. 
@ 400 - 600V generated 

= Person handles polyethylene bags. 
@ 1000 - 1200V generated 

m= Person pours polyurethane foam into a box. 
@ 1200 - 1500V generated 

= An IC slides down a grounded handler chute. 
@ 50 - 500V generated 


= An IC slides down an open conductive shipping tube. 
@ 25 - 250V generated 


Note: Above values can occur in a high (60%) RH environment. For low 


RH (=30%), generated voltages can be >10 times those listed above! 


Figure 11.9: Examples of ESD Generation 


In an effort to standardize the testing and classification of integrated circuits for ESD 
robustness, ESD models have been developed (Figure 11.10). These models attempt to 
simulate the source of ESD voltage. The assumptions underlying the three commonly- 
used models are different, so results are not directly comparable. 
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= Three Models: 
1. Human Body Model (HBM) 


2. Machine Model (MM) 
3. Charged Device Model (CDM) 


= Model Correlation: 
@ Low - Assumptions are Different 


Figure 11.10: Modeling Electrostatic Potential 


ELECTROSTATIC DISCHARGE (ESD) 


The most-often encountered ESD model is the Human Body Model (HBM). This model 
simulates the approximate resistance and capacitance of a human body with a simple RC 
network. The capacitor is charged through a high voltage power supply (HVPS) and then 
discharged (using a high voltage switch) through a series resistor. The RC values for 
different individuals will, of course, vary. However, the HBM has been standardized by 
MIL-STD-883 Method 3015 Electrostatic Discharge Sensitivity Classification, which 
specifies R-C combinations of 1.5 kO and 100 pF. (R, C, and L values for all three ESD 
models are shown in Figure 11.12.) 


= Human Body Model (HBM) 


Simulates the discharge event that occurs when a person 
charged to either a positive or negative potential touches 
an IC at a different potential. 


RLC: R=1.5kQ, L=0OnH, C =100pF 
= Machine Model (MM) 
Non-real-world Japanese model based on worst-case HBM. 


RLC: R00, L=500nH, C= 200pF 


m Charged Device Model (CDM) 
Simulates the discharge that occurs when a pin on an IC, 
charged to either a positive or negative potential, 
contacts a conductive surface at a different (usually ground) 
potential. 


RLC: R=10 L = OnH, C=1 - 20pF 


Figure 11.11: ESD Models Applicable to ICs 


The Machine Model (MM) is a worst-case Human Body Model. Rather than using an 
average value for resistance and capacitance of the human body, the MM assumes a 
worst-case value of 200 pF and 0Q. The 0O output resistance of the MM is also intended 
to simulate the discharge from a charged conductive object (for example, a charged DUT 
socket on an automatic test system) to an IC pin, which is how the Machine Model 
earned its name. However, the MM does not simulate many known real-world ESD 
events. Rather, it models the ESD event resulting from a ideal voltage source (in other 
words, with no resistance in the discharge path). EIAJ Specification ED-4701 Test 
Method C-111 Condition A and ESD Association Specification $5.2 provide guidelines 
for MM testing. 


The Charged Device Model (CDM) originated at AT&T. This model differs from the 
HBM and the MM, in that the source of the ESD energy is the IC itself. The CDM 
assumes that the integrated circuit die, bond wires, and lead frame are charged to some 
potential (usually positive with respect to ground). One or more of the IC pins then 
contacts ground, and the stored charge rapidly discharges through the leadframe and 
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bond wires. Typical examples of triboelectric charging followed by a CDM discharge 
include: 
1. An IC slides down a handler chute and then a corner pin contacts a grounded stop bar. 


2. An IC slides down an open conductive shipping tube and then a corner pin contacts a 
conductive surface. 


R1 $1 L1 R2 | i) 
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HBM +| 10MQ 0 1.5k2 HBM 
DUT 
HES Ci — 100pF O 
. | : 
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R1 S1 i ie I ‘} 
MM +t ve 500nH i MM 
HVPS DUT 
C) c1 200pF O [\ 
A. a : 
R1 s1 L1 R2 | Ay 
CDM HMA — 
+! 10mMa 0 19 CDM 
HVPS C) 
DuT —— CPKG 
- 2 1-20pF 
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Figure 11.12: Schematic Representations of ESD Models 
and Typical Discharge Waveforms 


The basic concept of the CDM is different than the HBM and MM in two ways. First, the 
CDM simulates a charged IC discharging to ground, while the HBM and MM both 
simulate a charged source discharging into the IC. Thus, current flows out of the IC 
during CDM testing, and into the IC during HBM and MM testing. The second difference 
is that the capacitor in the CDM is the capacitance of the package, while the HBM and 
MM use a fixed external capacitor. 


Unlike the HBM and MM, CDM ESD thresholds may vary for the same die in different 
packages. This occurs because the device under test (DUT) capacitance is a function of 
the package. For example, the capacitance of an 8-pin package is different than the 
capacitance of a 14-pin package. CDM capacitance values can vary from about | to 
20 pF. The device capacitance is discharged through a | Q resistor. 
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Schematic representations of the three models are shown in Figure 11.13. Notice that C1 
in the HBM and MM are external capacitors, while CpKG in the CDM is the internal 
capacitance of the DUT. 

The HBM discharge waveform is a predicable unipolar RC pulse, while the MM 
discharge shows ringing because of the parasitic inductance in the discharge path 
(typically 500 nH.). Ideally, the CDM waveform is also a single unipolar pulse, but the 
parasitic inductance in series with the 1 Q resistor slows the rise time and introduces 
some ringing. 


mobeL: | HBM_ | M___|SOCKETED CDM 
Human Body Charged Device 


1960s 
10, 1~20 pF 
Rise Time 


Low 


Package No No Yes 
Dependent: 


Standard: MIL-STD-883 ESD Association ESD Association 
Method 3015 Std. $5.2; Draft Std. DS5.3 
EIAJ Std. ED-4701, 
Method C-111 


* These values per ESD Association Std. $5.2. 
EIAJ Std. ED-4701, Method C-111 includes no waveform specifications. 
ie These values are for the direct charging (socketed) method. 


Figure 11.13: Comparison of HBM, MM, AND CDM ESD Models 


The significant features of each ESD model are summarized in Figure 11.13. The peak 
currents shown for each model are based on a test voltage of 400 V. Peak current is 
lowest for the HBM because of the relatively high discharge resistance. The CDM 
discharge has low energy because device capacitance is only in the range of 1 pF to 20 
pF, but peak current is high. The MM has the highest energy discharge, because it has the 
highest capacitance value (Power = 0.5 CV2). 


Figure 11.14 compares 400 V discharge waveforms of the CDM, MM, and HBM, with 
the same current and time scales. 
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Figure 11.14: Relative Comparison of 400 V HBM, MM, AND CDM Discharges 


The CDM waveform corresponds to the shortest known real-world ESD event. The 
waveform has a rise time of <1 ns, with the total duration of the CDM event only about 
2 ns. The CDM waveform is essentially unipolar, although some ringing occurs at the 
end of the pulse that results in small negative-going peaks. The very short duration of the 
overall CDM event results in an overall discharge of relatively low energy, but peak 
current is high. 


The MM waveform consists of both positive- and negative-going sinusoidal peaks, with a 
resonance frequency of 10 MHz to 15 MHz. The initial MM peak has a typical rise time 
of 14 ns, and the total pulse duration is about 150 ns. The multiple high current, moderate 
duration peaks of the MM result in an overall discharge energy that is by far the highest 
of the three models for a given test voltage. 


The risetime for the unipolar HBM waveform is typically 6 - 9 ns, and the waveform 
decays exponentially towards 0 V with a fall time of approximately 150 ns. (Method 
3015 requires a rise time of <10 ns and a delay time of 150 ns + 20 ns, with decay time 
defined as the time for the waveform to drop from 100% to 36.8% of peak current). The 
peak current for the HBM is 400 V/1500 Q or 0.267 A, which is much lower than is 
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produced by 400 V CDM and MM events. However, the relatively long duration of the 
total HBM event still results in an overall discharge of moderately high energy. 

As previously noted, the MM waveform is bipolar while HBM and CDM waveforms are 
primarily unipolar. However, HBM and CDM testing is done with both positive and 
negative polarity pulses. Thus all three models stress the IC in both directions. 


MIL-STD-883 Method 3015 classifies ICs for ESD failure threshold. The classification 
limits, shown in Figure 11.15, are derived using the HBM shown in Figure 11.13. 
Method 3015 also mandates a marking method to denote the ESD classification. All 
military grade Class | and 2 devices have their packages marked with one or two “A” 
symbols, respectively, while class 3 devices (with a failure threshold >4 kV) do not have 
any ESD marking. Commercial and industrial grade IC packages may not be marked with 
any ESD classification symbol. 


Note: Commercial and Industrial |Cs are not marked for ESD 


Figure 11.15: Classifying and Marking ICs for ESD 
Per MIL-883C, METHOD 3015 


Notice that the Class 1 limit includes all devices which do not pass a 2 kV threshold. 
However, a Class 1 rating does not imply that all devices within that class will pass 
1,999 V. In any event, the emphasis must be placed on eliminating ESD exposure, not on 
attempting to decide how much ESD exposure is ‘safe.’ 


m@ ESD Failure Mechanisms: 


@ Dielectric or junction damage 
@ Surface charge accumulation 
@ Conductor fusing. 


m ESD Damage Can Cause: 


@ Increased leakage 
@ Reduced performance 
@ Functional failures of ICs. 


m ESD Damage is often Cumulative: 


@ For example, each ESD "zap" may increase junction damage until, finally, 
the device fails. 


Figure 11.16: Understanding ESD Damage 
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A detailed discussion of IC failure mechanisms is beyond the scope of this seminar, but 
some typical ESD effects are shown in Figure 11.17. 


= ESD DAMAGE CANNOT BE “CURED”! 


# Circuits cannot be tweaked, nulled, adjusted, etc., 
to compensate for ESD damage. 


ESD DAMAGE MUST BE PREVENTED! 


Figure 11.17: The Most Important Thing to Remember about ESD Damage 


For the design engineer or technician, the most common manifestation of ESD damage is 
a catastrophic failure of the IC. However, exposure to ESD can also cause increased 
leakage or degrade other parameters. If a device appears to not meet a data sheet 
specification during evaluation, the possibility of ESD damage should be considered. 


Special care should be taken when breadboarding and evaluating ICs. The effects of ESD 
damage can be cumulative, so repeated mishandling of a device can eventually cause a 
failure. Inserting and removing ICs from a test socket, storing devices during evaluation, 
and adding or removing external components on the breadboard should all be done while 
observing proper ESD precautions. Again, if a device fails during a prototype system 
development, repeated ESD stress may be the cause. 


The key word to remember with respect to ESD is prevention. There is no way to un-do 
ESD damage, or to compensate for its effects. 


Two key elements in protecting circuits from 
ESD damage are: 


m Recognizing ESD-sensitive products 


= Always handling ESD-sensitive products at a 
grounded workstation 


Figure 11.18: Preventing ESD Damage to ICs 


Since ESD damage can not be undone, the only cure is prevention. Luckily, prevention is 
a simple two-step process. The first step is recognizing ESD-sensitive products, and the 
second step is understanding how to handle these products. 
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All static sensitive devices are sealed in 


protective packaging and marked with 
special handling instructions 


orn oy 
YW WY 
CAUTION CAUTION 


SENSITIVE ELECTRONIC DEVICES SENSITIVE ELECTRONIC DEVICES 


DO NOT SHIP OR STORE NEAR STRONG DO NOT OPEN EXCEPT AT 
ELECTROSTATIC, ELECTROMAGNETIC, APPROVED FIELD FORCE 
MAGNETIC, OR RADIOACTIVE FIELDS PROTECTIVE WORK STATION 


Figure 11.19 Recognizing ESD Sensitive Devices 


All static sensitive devices are shipped in protective packaging. ICs are usually contained 
in either conductive foam or in antistatic tubes. Either way, the container is then sealed in 
a static-dissipative plastic bag. The sealed bag is marked with a distinctive sticker, such 
as is shown in Figure 11.20, which outlines the appropriate handling procedures. 


PERSONNEL 
ESD PROTECTIVE 
J skouND STRAP TRAYS, SHUNTS, 
ETC. ESD PROTECTIVE 
TABLE TOP 


ESD PROTECTIVE 
FLOOR OR MAT 


BUILDING FLOOR 


GROUND 


Note: Conductive table top sheet resistance » 10°Q/0 


Figure 11.20: Workstation for Handling ESD-Sensitive Devices 
Once ESD-sensitive devices are identified, protection is easy. Obviously, keeping ICs in 
their original protective packaging as long as possible is the first step. The second step is 
to discharge potential ESD sources before damage to the IC can occur. The HBM 
capacitance is only 100pF, so discharging a potentially dangerous voltage can be done 
quickly and safely through a high impedance. Even with a source resistance of 1OMQ, 
the 100pF will be discharged in less than 100milliseconds. 
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The key component required for safe ESD handling is a workbench with a static- 
dissipative surface, as shown in Figure 11.20. This surface is connected to ground 
through a 1 MQ resistor, which dissipates static charge while protecting the user from 
electrical shock hazards caused by ground faults. If existing bench tops are 
nonconductive, a static-dissipative mat should be added, along with a discharge resistor. 


a Analog Devices is committed to helping our customers prevent ESD damage 
by: 


@ Building products with the highest level of ESD protection commensurate 
with performance requirements 


@ Protecting products from ESD during shipment 


@ Helping customers to avoid ESD exposure during manufacture 


Figure 11.21: Analog Devices Commitment 


Notice that the surface of the workbench has a moderately high sheet resistance. It is 
neither necessary nor desirable to use a low-resistance surface (such as a sheet of copper- 
clad PC board) for the work surface. Remember, the CDM assumes that a high peak 
current will flow if a charged IC is discharged through a low impedance. This is precisely 
what happens when a charged IC contacts a grounded copper clad board. When the same 
charged IC is placed on the surface shown in Figure 11.20, however, the peak current is 
not high enough to damage the device. 


A conductive wrist strap is also recommended while handling ESD-sensitive devices. 
The wrist strap ensures that normal tasks, such as peeling tape off of packages, will not 
cause damage to ICs. Again, a 1 MOQ resistor, from the wrist strap to ground, is required 
for safety. 


When building prototype breadboards or assembling PC boards which contain ESD- 
sensitive devices, all passive components should be inserted and soldered before the ICs. 
This procedure minimizes the ESD exposure of the sensitive devices. The soldering iron 
must, of course, have a grounded tip. 


Protecting ICs from ESD requires the participation of both the IC manufacturer and the 
customer. IC manufacturers have a vested interest in providing the highest possible level 
of ESD protection for their products. IC circuit designers, process engineers, packaging 
specialists and others are constantly looking for new and improved circuit designs, 
processes, and packaging methods to withstand or shunt ESD energy (Figure 11.22) 


11.20 


ELECTROSTATIC DISCHARGE (ESD) 


ANALOG DEVICES: 


= Circuit Design and Fabrication - 

{ Design and manufacture products with the highest level of ESD protection 

| consistent with required analog and digital performance. 

m Pack and Ship - 

1 Pack in static dissipative material. Mark packages with ESD warning. 

CUSTOMERS: 

@ Incoming Inspection - 

¥ Inspect at grounded workstation. Minimize handling. 

Hm Inventory Control - 

Y Store in original ESD-safe packaging. Minimize handling. 

m Manufacturing - 

v Deliver to work area in original ESD -safe packaging. Open packages only at 
grounded workstation. Package subassemblies in static dissipative packaging. 


@ Pack and Ship - 


Pack in static dissipative material if required. Replacement or optional 
boards may require special attention. 


Figure 11.22 ESD Protection Requires a Partnership Between 
the IC Supplier and the Customer 


A complete ESD protection plan, however, requires more than building-ESD protection 


into ICs. Users of ICs must also provide their employees with the necessary knowledge 
of and training in ESD handling procedures. 


11.21 


[i BASIC LINEAR DESIGN 


Notes: 
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SECTION 11.3: EMI/RFI CONSIDERATIONS 


Electromagnetic interference (EMI) has become a hot topic in the last few years among 
circuit designers and systems engineers. Although the subject matter and prior art have 
been in existence for over the last 50 years or so, the advent of portable and high- 
frequency industrial and consumer electronics has provided a comfortable standard of 
living for many EMI testing engineers, consultants, and publishers. With the help of EDN 
Magazine and Kimmel Gerke Associates, this section will highlight general issues of 
EMC (electromagnetic compatibility) to familiarize the system/circuit designer with this 
subject and to illustrate proven techniques for protection against EMI. 


A Primer on EMI Regulations 


The intent of this section is to summarize the different types of electromagnetic 
compatibility (EMC) regulations imposed on equipment manufacturers, both voluntary 
and mandatory. Published EMC regulations apply at this time only to equipment and 
systems, and not to components. Thus, EMI hardened equipment does not necessarily 
imply that each of the components used (integrated circuits, especially) in the equipment 
must also be EMI hardened. 


Commercial Equipment 

The two driving forces behind commercial EMI regulations are the FCC (Federal 
Communications Commission) in the U. S. and the VDE (Verband Deutscher 
Electrotechniker) in Germany. VDE regulations are more restrictive than the FCC’s with 
regard to emissions and radiation. The European Community added immunity to RF, 
electrostatic discharge, and power-line disturbances to the VDE regulations in 1996. In 
Japan, commercial EMC regulations are covered under the VCCI (Voluntary Control 
Council for Interference) standards and, implied by the name, are much looser than their 
FCC and VDE counterparts. 


All commercial EMI regulations primarily focus on radiated emissions, specifically to 
protect nearby radio and television receivers, although both FCC and VDE standards are 
less stringent with respect to conducted interference (by a factor of 10 over radiated 
levels). The FCC Part 15 and VDE 0871 regulations group commercial equipment into 
two classes: Class A, for all products intended for business environments; and Class B, 
for all products used in residential applications. For example, Table 11.1 illustrates the 
electric-field emission limits of commercial computer equipment for both FCC Part 15 
and VDE 0871 compliance. 


In addition to the already stringent VDE emission limits, the European Community EMC 
standards (IEC and IEEE) require mandatory compliance to these additional EMI threats: 
Immunity to RF fields, electrostatic discharge, and power-line disturbances. All 
equipment/systems marketed in Europe must exhibit an immunity to RF field strengths of 
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1-10V/m (IEC standard 801-3), electrostatic discharge (generated by human contact or 
through material movement) in the range of 10 kV to 15 kV (IEC standard 801-2), and 
power-line disturbances of 4kV EFTs (extremely fast transients, IEC standard 801-4) and 
6 kV lightning surges (IEEE standard C62.41). 


Radiated Emission Limits for Commercial Computer Equipment 


Frequency (MHz) Class A Class B 
( at 3 m) (at 3 m) 


30 to 88 300 uV/m_ | 100 wpV/m 


88 to 216 500 nV/m_ | 150 pV/m 
216 to 1000 700 uV/m_ | 200 pV/m 
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Table 11.1 


Military Equipment 


The defining EMC specification for military equipment is MIL-STD-461 which applies 
to radiated equipment emissions and equipment susceptibility to interference. Radiated 
emission limits are very typically 10 to 100 times more stringent than the levels shown in 
Table 11.1. Required limits on immunity to RF fields are typically 200 times more 
stringent (RF field strengths of 5 to 50 mV/m) than the limits for commercial equipment. 


Medical Equipment 


Although not yet mandatory, EMC regulations for medical equipment are presently being 
defined by the FDA (Food and Drug Administration) in the USA and the European 
Community. The primary focus of these EMC regulations will be on immunity to RF 
fields, electrostatic discharge, and power-line disturbances, and may very well be more 
stringent than the limits spelled out in MIL-STD-461. The primary objective of the 
medical EMC regulations is to guarantee safety to humans. 
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Automotive Equipment 


Perhaps the most difficult and hostile environment in which electrical circuits and 
systems must operate is that found in the automobile. All of the key EMI threats to 
electrical systems exist here. In addition, operating temperature extremes, moisture, dirt, 
and toxic chemicals further exacerbate the problem. To complicate matters further, 
standard techniques (ferrite beads, feedthrough capacitors, inductors, resistors, shielded 
cables, wires, and connectors) used in other systems are not generally used in automotive 
applications because of the cost of the additional components. 


Presently, automotive EMC regulations, defined by the very comprehensive SAE 
Standards J551 and J1113, are not yet mandatory. They are, however, very rigorous. SAE 
standard J551 applies to vehicle-level EMC specifications, and standard J1113 
(functionally similar to MIL-STD-461) applies to all automotive electronic modules. For 
example, the J1113 specification requires that electronic modules cannot radiate electric 
fields greater than 300nV/m at a distance of 3 meters. This is roughly 1000 times more 
stringent than the FCC Part 15 Class-A specification. In many applications, automotive 
manufacturers are imposing J1113 RF field immunity limits on each of the active 
components used in these modules. Thus, in the very near future, automotive 
manufacturers will require that IC products comply with existing EMC standards and 
regulations. 


EMC Regulations’ Impact on Design 


In all these applications and many more, complying with mandatory EMC regulations 
will require careful design of individual circuits, modules, and systems using established 
techniques for cable shielding, signal and power-line filtering against both small- and 
large-scale disturbances, and sound multilayer PCB layouts. The key to success is to 
incorporate sound EMC principles early in the design phase to avoid time-consuming and 
expensive redesign efforts. 


Passive Components: Your Arsenal Against EMI 


Minimizing the effects of EMI requires that the circuit/system designer be completely 
aware of the primary arsenal in the battle against interference: passive components. To 
successfully use these components, the designer must understand their non-ideal 
behavior. For example, Figure 11.47 illustrates the real behavior of the passive 
components used in circuit design. At very high frequencies, wires become transmission 
lines, capacitors become inductors, inductors become capacitors, and resistors behave as 
resonant circuits. 
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BEHAVIOR: 


LOW FREQUENCY — RESISTIVE 

MEDIUM FREQUENCY — INDUCTIVE 

HIGH FREQUENCY - TRANSMISSION LINE 
AND ANTENNA EFFECTS 


RESISTIVE 


TYPICAL ROUND 


IMPEDANCE 
GROUND 
PLANE 


J 


FREQUENCY 
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Figure 11.23: Impedance Comparison: Wire vs. Ground Plane 


A specific case in point is the frequency response of a simple wire compared to that of a 
ground plane. In many circuits, wires are used as either power or signal returns, and there 
is no ground plane. A wire will behave as a very low resistance (less than 0.02 QO/ft for 
22-gauge wire) at low frequencies, but because of its parasitic inductance of 
approximately 20 nH/ft, it becomes inductive at frequencies above 160 kHz. 
Furthermore, depending on size and routing of the wire and the frequencies involved, it 
ultimately becomes a transmission line with an uncontrolled impedance. From our 
knowledge of RF, unterminated transmission lines become antennas with gain, as 
illustrated in Figure 11.26. On the other hand, large area ground planes are much more 
well-behaved, and maintain a low impedance over a wide range of frequencies. With a 
good understanding of the behavior of real components, a strategy can now be developed 
to find solutions to most EMI problems. 


With any problem, a strategy should be developed before any effort is expended trying to 
solve it. This approach is similar to the scientific method: initial circuit misbehavior is 
noted, theories are postulated, experiments designed to test the theories are conducted, 
and results are again noted. This process continues until all theories have been tested and 
expected results achieved and recorded. With respect to EMI, a problem solving 
framework has been developed. As shown in Figure 11.24, the model suggested by 
Kimmel-Gerke in [Reference 1] illustrates that all three elements (a source, a receptor or 
victim, and a path between the two) must exist in order to be considered an EMI problem. 
The sources of electromagnetic interference can take on many forms, and the ever- 
increasing number of portable instrumentation and personal 
communications/computation equipment only adds the number of possible sources and 
receptors. 
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Interfering signals reach the receptor by conduction (the circuit or system 
interconnections) or radiation (parasitic mutual inductance and/or parasitic capacitance). 
In general, if the frequencies of the interference are less than 30 MHz, the primary means 
by which interference is coupled is through the interconnects. Between 30 MHz and 
300 MHz, the primary coupling mechanism is cable radiation and connector leakage. At 
frequencies greater than 300 MHz, the primary mechanism is slot and board radiation. 
There are many cases where the interference is broadband, and the coupling mechanisms 
are combinations of the above. 


ANY INTERFERENCE PROBLEM CAN BE BROKEN DOWN INTO: 
= The SOURCE of interference 
m= The RECEPTOR of interference 


m= The PATH coupling the source to the receptor 


SOURCES PATHS RECEPTORS 

Microcontroller Radiated Microcontroller 

Analog ¢@ EM Fields Analog 

¢ Digital Crosstalk ¢ Digital 

Capacitive 

ESD Inductive Communications 
Communications Receivers 
Transmitters Conducted 
Power ¢ Signal Other Electronic 
Disturbances ¢@ Power Systems 
Lightning ¢@ Ground 
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Figure 11.24: A Diagnostic Framework for EMI 


When all three elements exist together, a framework for solving any EMI problem can be 
drawn from Figure 11.25. There are three types of interference with which the circuit or 
system designer must contend. The first type of interference is that generated by and 
emitted from an instrument; this is known as circuit/system emission and can be either 
conducted or radiated. An example of this would be the personal computer. Portable and 
desktop computers must pass the stringent FCC Part 15 specifications prior to general 
use. 


The second type of interference is circuit or system immunity. This describes the behavior 
of an instrument when it is exposed to large electromagnetic fields, primarily electric 
fields with an intensity in the range of | to 10 V/m at a distance of 3 meters. Another 
term for immunity is susceptibility, and it describes circuit/system behavior against 
radiated or conducted interference. 
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Figure 11.25: Three Types of Interference: 
Emissions — Immunity — Internal 


The third type of interference is internal. Although not directly shown on the figure, 
internal interference can be high speed digital circuitry within the equipment which 
affects sensitive analog (or other digital circuitry), or noisy power supplies which can 
contaminate both analog and digital circuits. Internal interference often occurs between 
digital and analog circuits, or between motors or relays and digital circuits. In mixed 
signal environments, the digital portion of the system often interferes with analog 
circuitry. In some systems, the internal interference reaches such high levels that even 
very high speed digital circuitry can affect other low-speed digital circuitry as well as 
analog circuits. 


In addition to the source-path-receptor model for analyzing EMI-related problems, 
Kimmel Gerke Associates have also introduced the FAT-ID concept [Reference 1]. 
FAT-ID is an acronym that describes the five key elements inherent in any EMI problem. 
These five key parameters are: frequency, amplitude, time, impedance, and distance. 


The frequency of the offending signal suggests its path. For example, the path of low- 
frequency interference is often the circuit conductors. As the interference frequency 
increases, it will take the path of least impedance, usually stray capacitance. In this case, 
the coupling mechanism is radiation. 


Time and frequency in EMI problems are interchangeable. In fact, the physics of EMI 
have shows that the time response of signals contains all the necessary information to 
construct the spectral response of the interference. In digital systems, both the signal rise 
time and pulse repetition rate produce spectral components according to the following 
relationship: 


fEMI a Eq. 11-5 
T-trise 
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Figure 11.26: RFI Can Cause Rectification in Sensitive Analog Circuits 


For example, a pulse having a 1 ns rise time is equivalent to an EMI frequency of over 
300 MHz. This time-frequency relationship can also be applied to high speed analog 
circuits, where slew rates in excess of 1000 V/us and gain-bandwidth products greater 
than 500 MHz are not uncommon. 


When this concept is applied to instruments and systems, EMI emissions are again 
functions of signal rise time and pulse repetition rates. Spectrum analyzers and high 
speed oscilloscopes used with voltage and current probes are very useful tools in 
quantifying the effects of EMI on circuits and systems. 


Another important parameter in the analysis of EMI problems is the physical dimensions 
of cables, wires, and enclosures. Cables can behave as either passive antennas (receptors) 
or very efficient transmitters (sources) of interference. Their physical length and their 
shield must be carefully examined where EMI is a concern. As previously mentioned, the 
behavior of simple conductors is a function of length, cross-sectional area, and 
frequency. Openings in equipment enclosures can behave as slot antennas, thereby 
allowing EMI energy to affect the internal electronics. 
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Radio Frequency Interference (RFI) 


The world is rich in radio transmitters: radio and TV stations, mobile radios, computers, 
electric motors, garage door openers, electric jackhammers, and countless others. All this 
electrical activity can affect circuit/system performance and, in extreme cases, may 
render it inoperable. Regardless of the location and magnitude of the interference, 
circuits/systems must have a minimum level of immunity to radio frequency interference 
(RFI). The next section will cover two general means by which RFI can disrupt normal 
instrument operation: the direct effects of RFI sensitive analog circuits, and the effects of 
RFI on shielded cables. 


Two terms are typically used in describing the sensitivity of an electronic system to RF 
fields. In communications, radio engineers define immunity to be an instrument’s 
susceptibility to the applied RFI power density at the unit. In more general EMI analysis, 
the electric-field intensity is used to describe RFI stimulus. For comparative purposes, 
Equation 11-6 can be used to convert electric-field intensity to power density and vice- 
versa: 


é(“)-o14 pr{ | Eq. 11-6 


where: 
E = Electric Field Strength, in volts per meter, and 
Py = Transmitted power, in milliwatts per cm2, 


From the standpoint of the source-path-receptor model, the strength of the electric field, 
E, surrounding the receptor is a function of transmitted power, antenna gain, and 
distance from the source of the disturbance. An approximation for the electric-field 
intensity (for both near- and far-field sources) in these terms is given by Equation 11-7: 


E (“) = 5.5 [Pr-Sa Eq. 11-7 


m d 


where: 
E = Electric field intensity, in V/m; 
Py = Transmitted power, in mW/ cm2; 
Ga = Antenna gain (numerical); and 
d= distance from source, in meters 


For example, a 1 W hand-held radio at a distance of 1 meter can generate an electric-field 


of 5.5 V/m, whereas a 10 kW radio transmission station located 1 km away generates a 
field smaller than 0.6 V/m. 
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Analog circuits are generally more sensitive to RF fields than digital circuits because 
analog circuits, operating at high gains, must be able to resolve signals in the 
microvolt/millivolt region. Digital circuits, on the other hand, are more immune to RF 
fields because of their larger signal swings and noise margins. As shown in Figure 11.27, 
RF fields can use inductive and/or capacitive coupling paths to generate noise currents 
and voltages which are amplified by high impedance analog instrumentation. In many 
cases, out-of-band noise signals are detected and rectified by these circuits. The result of 
the RFI rectification is usually unexplained offset voltage shifts in the circuit or in the 
system. 


LOCAL REMOTE 


Decouple all voltage supplies to analog chip with high-frequency capacitors 
Use high-frequency filters on all lines that leave the board 


Use high-frequency filters on the voltage reference if it is not grounded 
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Figure 11.27: Keeping RFI Away from Analog Circuits 


There are techniques that can be used to protect analog circuits against interference from 
RF fields (see Figure 11.28). The three general points of RFI coupling are signal inputs, 
signal outputs, and power supplies. At a minimum, all power supply pin connections on 
analog and digital ICs should be decoupled with 0.1 uF ceramic capacitors. As was 
shown in Reference 3, low-pass filters, whose cutoff frequencies are set no higher than 
10 to 100 times the signal bandwidth, can be used at the inputs and the outputs of signal 
conditioning circuitry to filter noise. 


Care must be taken to ensure that the low-pass filters (LPFs) are effective at the highest 
RF interference frequency expected. As illustrated in Figure 11.28, real low-pass filters 
may exhibit /eakage at high frequencies. Their inductors can lose their effectiveness due 
to parasitic capacitance, and capacitors can lose their effectiveness due to parasitic 
inductance. A rule of thumb is that a conventional low-pass filter (made up of a single 
capacitor and inductor) can begin to /eak when the applied signal frequency is 100 to 
1000 higher than the filter’s cutoff frequency. For example, a 10 kHz LPF would not be 
considered very efficient at filtering frequencies above | MHz. 


11.31 


[Ci BASIC LINEAR DESIGN 


TYPICALLY 100 - 1000 f3qB 


FILTER 
ATTENUATION 


f3qB \ 


FREQUENCY 


Reprinted from EDN Magazine (January 20, 1994) © CAHNERS PUBLISHING COMPANY 1995, A Division of Reed Publishing USA 


Figure 11.28: Single Low Power Low Pass Filter Loses Effectiveness 
at 100 — 1000 fsup 


Rather than use one LPF stage, it is recommended that the interference frequency bands 
be separated into low-band, mid-band, and high-band, and then use individual filters for 
each band. Kimmel Gerke Associates use the stereo speaker analogy of woofer- 
midrange-tweeter for RFI low-pass filter design illustrated in Figure 11.29. In this 
approach, low frequencies are grouped from 10 kHz to 1 MHz, mid-band frequencies are 
grouped from 1 MHz to 100 MHz, and high frequencies grouped from 100 MHz to 1 
GHz. In the case of a shielded cable input/output, the high frequency section should be 
located close to the shield to prevent high-frequency leakage at the shield boundary. This 
is commonly referred to as feed-through protection. For applications where shields are 
not required at the inputs/outputs, then the preferred method is to locate the high 
frequency filter section as close the analog circuit as possible. This is to prevent the 
possibility of pickup from other parts of the circuit. 
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Figure 11.29: Multistage Filters Are More Effective 
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Figure 11.30: Non-Zero (Inductive and/or Resistive) Filter 


Ground Reduces Effectiveness 


Another cause of filter failure is illustrated in Figure 11.31. If there is any impedance in 
the ground connection (for example, a long wire or narrow trace connected to the ground 
plane), then the high frequency noise uses this impedance path to bypass the filter 
completely. Filter grounds must be broadband and tied to low impedance points or planes 
for optimum performance. High frequency capacitor leads should be kept as short as 
possible, and low inductance surface-mounted ceramic chip capacitors are preferable. 
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Figure 11.31: “Shielded” Cable Can Carry High Frequency Current and 
Behaves as an Antenna 
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In the first part of this discussion on RF immunity, circuit level techniques were 
discussed. In this next section, the second strategic concept for RF immunity will be 
discussed: all cables behave as antennas. As shown in Figure 11.31, pigtail terminations 
on cables very often cause systems to fail radiated emissions tests because high 
frequency noise has coupled into the cable shield, generally through stray capacitance. If 
the length of the cable is considered electrically long (a concept to be explained later) at 
the interference frequency, then it can behave as a very efficient quarter-wave antenna. 
The cable pigtail forms a matching network, as shown in the figure, to radiate the noise 
which coupled into the shield. In general, pigtails are only recommended for applications 
below 10 kHz, such as 50 Hz/60 Hz interference protection. For applications where the 
interference is greater than 10 kHz, shielded connectors, electrically and physically 
connected to the chassis, should be used. In applications where shielding is not used, 
filters on input/output signal and power lines work well. Small ferrites and capacitors 
should be used to filter high frequencies, provided that: (1) the capacitors have short 
leads and are tied directly to the chassis ground, and (2) the filters are physically located 
close to the connectors to prevent noise pickup. 


m@ Radio-Frequency Interference is a Serious Threat 
@ Equipment causes interference to nearby radio and television 
@ Equipment upset by nearby transmitters 


m@ RF-Failure Modes 
@ Digital circuits prime source of emissions 
@ Analog circuits more vulnerable to RF than digital circuits 


=m Two Strategic Concepts 
@ Treat all cables as antennas 
@ Determine the most critical circuits 


m RF Circuit Protection 
@ Filters and multilayer boards 
@ Multistage filters often needed 


m RF Shielding 
@ Slots and seams cause the most problems 


m RF Cable Protection 
@ High-quality shields and connectors needed for RF protection 


Figure 11.32: Summary of Radio Frequency Interference 
and Protection Techniques 
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Figure 11.33: Power Line Disturbances Can Generate EMI 


The key issues and techniques described in this section on solving RFI related problems 
are summarized in Figure 11.32. Some of the issues were not discussed in detail, but are 
equally important. For a complete treatment of this issue, the interested reader should 
consult References | and 2. The main thrust of this section was to provide the reader with 
a problem-solving strategy against RFI and to illustrate solutions to commonly 
encountered RFI problems. 


Solutions for Power-Line Disturbances 


The goal of this next section is not to describe in detail all the circuit/system failure 
mechanisms which can result from power-line disturbances or faults. Nor is it the intent 
of this section to describe methods by which power-line disturbances can be prevented. 
Instead, this section will describe techniques that allow circuits and systems to 
accommodate transient power-line disturbances. 


Figure 11.34 is an example of a hybrid power transient protection network commonly 
used in many applications where lightning transients or other power-line disturbances are 
prevalent. These networks can be designed to provide protection against transients as 
high as 10 kV and as fast as 10 ns. Gas discharge tubes (crowbars) and large geometry 
zener diodes (clamps) are used to provide both differential and common-mode protection. 
Metal-oxide varistors (MOVs) can be substituted for the zener diodes in less critical, or 
in more compact designs. Chokes are used to limit the surge current until the gas 
discharge tubes fire. 
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OPTIONAL 


\ 


NOTE: OPTIONAL CHOKE ADDED FOR COMMON-MODE PROTECTION 
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Figure 11.34: Schematic fora Commercial Power Line Filter 


Commercial EMI filters, as illustrated in Figure 11.34, can be used to filter less 
catastrophic transients or high frequency interference. These EMI filters provide both 
common-mode and differential mode filtering. An optional choke in the safety ground 
can provide additional protection against common-mode noise. The value of this choke 
cannot be too large, however, because its resistance may affect power-line fault clearing. 
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mM SINGLE FARADAY SHIELD 


@ CONNECT TO NOISY-SIDE NEUTRAL 
WIRE FOR DIFFERENTIAL-MODE 
PROTECTION 


@ TRIPLE FARADAY SHIELD 


@ CONNECT TO SAFETY GROUND FOR 
COMMON MODE 
@ CONNECT TO NEUTRALS FOR 


DIFFERENTIAL MODE 
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Figure 11.35: Faraday Shields in Isolation Transformers 
Provide Increasing Levels of Protection 
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Transformers provide the best common-mode power line isolation. They provide good 
protection at low frequencies (<1 MHz), or for transients with rise and fall times greater 
than 300 ns. Most motor noise and lightning transients are in this range, so isolation 
transformers work well for these types of disturbances. Although the isolation between 
input and output is galvanic, isolation transformers do not provide sufficient protection 
against extremely fast transients (<10 ns) or those caused by high-amplitude electrostatic 
discharge (1 ns to 3 ns). As illustrated in Figure 11.36, isolation transformers can be 
designed for various levels of differential- or common-mode protection. For differential- 
mode noise rejection, the Faraday shield is connected to the neutral, and for common- 
mode noise rejection, the shield is connected to the safety ground. 


COUPLING TO I/O VIA COUPLING VIA COMMON 
CROSSTALK OR RADIATION POWER IMPEDANCE 
=a \ | : 
| RADIATION 
SORE WGI COUPLING VIA COMMON FROM 1/0 
0 G GROUND IMPEDANCE WIRING 
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Figure 11.36: Methods by Which High Frequency Energy Couples 
and Radiates Into Circuitry Via Placements 


Printed Circuit Board Design for EMI Protection 


This section will summarize general points regarding the most critical portion of the 
design phase: the printed circuit board layout. It is at this stage where the performance of 
the system is most often compromised. This is not only true for signal-path performance, 
but also for the system’s susceptibility to electromagnetic interference and the amount of 
electromagnetic energy radiated by the system. Failure to implement sound PCB layout 
techniques will very likely lead to system/instrument EMC failures. 


Figure 11.37 is a real-world printed circuit board layout which shows all the paths 
through which high-frequency noise can couple/radiate into/out of the circuit. Although 
the diagram shows digital circuitry, the same points are applicable to precision analog, 
high speed analog, or mixed analog/digital circuits. Identifying critical circuits and paths 
helps in designing the PCB layout for both low emissions and susceptibility to radiated 
and conducted external and internal noise sources. 
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A key point in minimizing noise problems in a design is to choose devices no faster than 
actually required by the application. Many designers assume that faster is better: fast 
logic is better than slow, high bandwidth amplifiers are clearly better than low bandwidth 
ones, and fast DACs and ADCs are better, even if the speed is not required by the system. 
Unfortunately, faster is not better, but worse where EMI is concerned. 
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Figure 11.37: Power Supply Filtering and Signal Line Snubbing 
Greatly Reduces EMI Emissions 


Many fast DACs and ADCs have digital inputs and outputs with rise and fall times in the 
nanosecond region. Because of their wide bandwidth, the sampling clock and the digital 
inputs and can respond to any form of high frequency noise, even glitches as narrow as 
1 ns to 3 ns. These high speed data converters and amplifiers are easy prey for the high 
frequency noise of microprocessors, digital signal processors, motors, switching 
regulators, hand-held radios, electric jackhammers, etc. With some of these high-speed 
devices, a small amount of input/output filtering may be required to desensitize the 
circuit from its EMI/RFI environment. Adding a small ferrite bead just before the 
decoupling capacitor as shown in Figure 11.38 is very effective in filtering high 
frequency noise on the supply lines. For those circuits that require bipolar supplies, this 
technique should be applied to both positive and negative supply lines. 


To help reduce the emissions generated by extremely fast moving digital signals at DAC 
inputs or ADC outputs, a small resistor or ferrite bead may be required at each digital 
input/output. 


Once the system’s critical paths and circuits have been identified, the next step in 
implementing sound PCB layout is to partition the printed circuit board according to 
circuit function. This involves the appropriate use of power, ground, and signal planes. 
Good PCB layouts also isolate critical analog paths from sources of high interference 
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(I/O lines and connectors, for example). High frequency circuits (analog and digital) 
should be separated from low frequency ones. Furthermore, automatic signal routing 
CAD layout software should be used with extreme caution, and critical paths routed by 
hand. 


BEFORE AFTER 
Route  [aeaea Power  =gaReee 
Power Bs Route ee 
Gound Ee Route ae 
Route | Gon’ 


m Advantages of Embedding 
@ Lower impedances, therefore lower emissions and crosstalk 
@ Reduction in emissions and crosstalk is significant above 50MHz 
@ Traces are protected 


m Disadvantages of Embedding 
@ Lower interboard capacitance, harder to decouple 
@ Impedances may be too low for matching 
@ Hard to prototype and troubleshoot buried traces 
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Figure 11.38: “To Embed or Not To Embed” That Is the Question 


Properly designed multilayer printed circuit boards can reduce EMI emissions and 
increase immunity to RF fields by a factor of 10 or more compared to double-sided 
boards. A multilayer board allows a complete layer to be used for the ground plane, 
whereas the ground plane side of a double-sided board is often disrupted with signal 
crossovers, etc. 


The preferred multilayer board arrangement is to embed the signal traces between the 
power and ground planes, as shown in Figure 11.39. These low impedance planes form 
very high frequency stripline transmission lines with the signal traces. The return current 
path for a high frequency signal on a trace is located directly above and below the trace 
on the ground/power planes. The high frequency signal is thus contained inside the PCB, 
thereby minimizing emissions. The embedded signal trace approach has an obvious 
disadvantage: debugging circuit traces that are hidden from plain view is difficult. 
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DIGITAL IC tr, tf PCB TRACK PCB TRACK 
FAMILY (ns) LENGTH LENGTH 

inches cm 
GaAs 0.1 0.2 0.5 
ECL 0.75 1.5 3.8 
Schottky 3 6 15 
FAST 3 6 15 
AS 3 6 15 
AC 4 8 20 
ALS 6 12 30 
LS 8 16 40 
TTL 10 20 50 
HC 18 36 90 


t, = rise time of signal in ns 
t, = fall time of signal in ns 


Mi For analog signals @ f,,,,, calculate t, = tg = 0.35 / frrax 
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Figure 11.39: Line Termination Should Be Used When the 
Length of the PCB Trace Exceeds 2 inches/ns 


Much has been written about terminating printed circuit board traces in their 
characteristic impedance to avoid reflections. A good rule-of-thumb to determine when 
this is necessary is as follows: Terminate the line in its characteristic impedance when 
the one-way propagation delay of the PCB track is equal to or greater than one-half the 
applied signal rise/fall time (whichever edge is faster). A conservative approach is to use 
a 2 inch (PCB track length)/nanosecond (rise-, fall-time) criterion. For example, PCB 
tracks for high speed logic with rise/fall time of 5 ns should be terminated in their 
characteristic impedance and if the track length is equal to or greater than 10 inches 
(including any meanders). The 2 inch/nanosecond track length criterion is summarized in 
Figure 11.38 for a number of logic families 


This same 2 inch/nanosecond rule should be used with analog circuits in determining the 
need for transmission line techniques. For instance, if an amplifier must output a 
maximum frequency of fmax, then the equivalent risetime, t,, can be calculated using the 
equation ty = 0.35/fmax. The maximum PCB track length is then calculated by 
multiplying the rise time by 2 inch/nanosecond. For example, a maximum output 
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frequency of 100 MHz corresponds to a rise time of 3.5 ns, and a track carrying this 
signal greater than 7 inches should be treated as a transmission line. 


“ALL EMI PROBLEMS BEGIN AND END AT A CIRCUIT” 


@ Identify critical, sensitive circuits 

m@ Where appropriate, choose ICs no faster than needed 
™ Consider and implement sound PCB design 

m Spend time on the initial layout (by hand, if necessary) 
™ Power supply decoupling (digital and analog circuits) 
@ High-speed digital and high-accuracy analog don't mix 
m@ Beware of connectors for input / output circuits 


@ Test, evaluate, and correct early and often 
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Figure 11.40: Circuit Board Design and EMI 


Equation 9.4 can be used to determine the characteristic impedance of a PCB track 
separated from a power/ground plane by the board’s dielectric (microstrip transmission 
line): 


87 5.98d 
Zo(Q) = l Eq. 11-8 
(2) Jer +141 n| aoe . 


where: 
€ér = dielectric constant of printed circuit board material; 
d = thickness of the board between metal layers, in mils; 
w = width of metal trace, in mils; and 
t = thickness of metal trace, in mils. 


The one-way transit time for a single metal trace over a power/ground plane can be 
determined from Eq. 9.5: 


tpa(ns/ ft) =1.0170.475e, +0.67 Eq. 11-9 
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For example, a standard 4-layer PCB board might use 8-mil wide, 1 ounce (1.4 mils) 
copper traces separated by 0.021" FR-4 (€, = 4.7) dielectric material. The characteristic 
impedance and one-way transit time of such a signal trace would be 88 Q and 1.7 ns/ft 
(7 "/ns), respectively. Transmission lines can be effectively terminated in several ways 
depending on the application.. 


Figure 11.41 is a summary of techniques that should be applied to printed circuit board 


layouts to minimize the effects of electromagnetic interference, both emissions and 
immunity. 
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Figure 11.41 Reflection and Absorption Are the Two Principal 
Shielding Mechanisms 


A Review of Shielding Concepts 


The concepts of shielding effectiveness presented next are background material. 
Interested readers should consult References 1, 3, and 4 cited at the end of the section for 
more detailed information. 


Applying the concepts of shielding requires an understanding of the source of the 
interference, the environment surrounding the source, and the distance between the 
source and point of observation (the receptor or victim). If the circuit is operating close to 
the source (in the near-, or induction-field), then the field characteristics are determined 
by the source. If the circuit is remotely located (in the far-, or radiation-field), then the 
field characteristics are determined by the transmission medium. 


A circuit operates in a near-field if its distance from the source of the interference is less 
than the wavelength (A) of the interference divided by 211, or 11/2A. If the distance 
between the circuit and the source of the interference is larger than this quantity, then the 
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circuit operates in the far field. For instance, the interference caused by a Ins pulse edge 
has an upper bandwidth of approximately 350 MHz. The wavelength of a 350 MHz 
signal is approximately 32 inches (the speed of light is approximately 12"/ns). Dividing 
the wavelength by 2T1 yields a distance of approximately 5 inches, the boundary between 
near- and far-field. If a circuit is within 5 inches of a 350 MHz interference source, then 
the circuit operates in the near-field of the interference. If the distance is greater than 5 
inches, the circuit operates in the far-field of the interference. 


Regardless of the type of interference, there is a characteristic impedance associated with 
it. The characteristic, or wave impedance of a field is determined by the ratio of its 
electric (or E-) field to its magnetic (or H-) field. In the far field, the ratio of the electric 
field to the magnetic field is the characteristic (wave impedance) of free space, given by 
Zo = 377 Q. In the near field, the wave-impedance is determined by the nature of the 
interference and its distance from the source. If the interference source is high-current 
and low-voltage (for example, a loop antenna or a power-line transformer), the field is 
predominately magnetic and exhibits a wave impedance which is less than 377 Q. If the 
source is low current and high voltage (for example, a rod antenna or a high speed digital 
switching circuit), then the field is predominately electric and exhibits a wave impedance 
which is greater than 377 Q. 
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Figure 11.42: Any Opening in an Enclosure Can Act as an EMI Waveguide 
by Compromising Shielding Effectiveness 


Conductive enclosures can be used to shield sensitive circuits from the effects of these 
external fields. These materials present an impedance mismatch to the incident 
interference because the impedance of the shield is lower than the wave impedance of the 
incident field. The effectiveness of the conductive shield depends on two things: First is 
the loss due to the reflection of the incident wave off the shielding material. Second is the 
loss due to the absorption of the transmitted wave within the shielding material. Both 
concepts are illustrated in Figure 11.42. The amount of reflection loss depends upon the 
type of interference and its wave impedance. The amount of absorption loss, however, is 
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independent of the type of interference. It is the same for near- and far-field radiation, as 
well as for electric or magnetic fields. 


Reflection loss at the interface between two media depends on the difference in the 
characteristic impedances of the two media. For electric fields, reflection loss depends on 
the frequency of the interference and the shielding material. This loss can be expressed in 
dB, and is given by: 


naa) = 3220) Eq. 11.10 
Mri Tf 


where 
Or = relative conductivity of the shielding material, in Siemens per meter; 
Ur = relative permeability of the shielding material, in Henries per meter; 
f = frequency of the interference, and 
r = distance from source of the interference, in meters 


For magnetic fields, the loss depends also on the shielding material and the frequency of 
the interference. Reflection loss for magnetic fields is given by: 


T 


fr26 
Rm (dB) = 14.6 + 10logjQ i r Eq. 11.11 


and, for plane waves ( r > A/2T1), the reflection loss is given by: 


Rpw (dB) =168- 10141 0| 2 Eq. 11.12 
r 


Absorption is the second loss mechanism in shielding materials. Wave attenuation due to 
absorption is given by: 


A(dB)=3.34 tJoruyf Eq. 11.13 


where t = thickness of the shield material, in inches. This expression is valid for plane 
waves, electric and magnetic fields. Since the intensity of a transmitted field decreases 
exponentially relative to the thickness of the shielding material, the absorption loss in a 
shield one skin-depth (5) thick is 9 dB. Since absorption loss is proportional to thickness 
and inversely proportional to skin depth, increasing the thickness of the shielding 
material improves shielding effectiveness at high frequencies. 

Reflection loss for plane waves in the far field decreases with increasing frequency 
because the shield impedance, Zg, increases with frequency. Absorption loss, on the other 
hand, increases with frequency because skin depth decreases. For electric fields and plane 
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waves, the primary shielding mechanism is reflection loss, and at high frequencies, the 
mechanism is absorption loss. For these types of interference, high conductivity 
materials, such as copper or aluminum, provide adequate shielding. At low frequencies, 
both reflection and absorption loss to magnetic fields is low; thus, it is very difficult to 
shield circuits from low frequency magnetic fields. In these applications, high 
permeability materials that exhibit low reluctance provide the best protection. These low 
reluctance materials provide a magnetic shunt path that diverts the magnetic field away 
from the protected circuit. Some characteristics of metallic materials commonly used for 
shielded enclosures are shown in Table 11.2. 


Impedance and Skin Depths for Various Shielding Materials 
Material Conductivity | Permeability Shield Skin 
Or Lr Impedance | depth 
|Zs| 6 (inch) 
3.68E-7- VF 


4.T1E-7-VE 


3.68E-5-f 


one ees 
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Table 9.2 


Where: 
Go = 5.82 x 107 S/im 
Uo = 471 x 10-7 H/m 
Eg = 8.85 x 10-12 F/m 


A properly shielded enclosure is very effective at preventing external interference from 
disrupting its contents as well as confining any internally generated interference. 
However, in the real world, openings in the shield are often required to accommodate 
adjustment knobs, switches, connectors, or to provide ventilation (see Figure 11.43). 
Unfortunately, these openings may compromise shielding effectiveness by providing 
paths for high-frequency interference to enter the instrument. 


The longest dimension (not the total area) of an opening is used to evaluate the ability of 
external fields to enter the enclosure, because the openings behave as slot antennas. 
Equation 9.10 can be used to calculate the shielding effectiveness, or the susceptibility to 
EMI leakage or penetration, of an opening in an enclosure: 
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Shielding Effectiveness (dB) = 20 logj9 (| Eq. 11.14 


where: 
i. = wavelength of the interference and 
L = maximum dimension of the opening 


Maximum radiation of EMI through an opening occurs when the longest dimension of 
the opening is equal to one half-wavelength of the interference frequency (0 dB shielding 
effectiveness). A rule of thumb is to keep the longest dimension less than 1/20 
wavelength of the interference signal, as this provides 20 dB shielding effectiveness. 
Furthermore, a few small openings on each side of an enclosure are preferred over many 
openings on one side. This is because the openings on different sides radiate energy in 
different directions, and as a result, shielding effectiveness is not compromised. If 
openings and seams cannot be avoided, then conductive gaskets, screens, and paints 
alone or in combination should be used judiciously to limit the longest dimension of any 
opening to less than 1/20 wavelength. Any cables, wires, connectors, indicators, or 
control shafts penetrating the enclosure should have circumferential metallic shields 
physically bonded to the enclosure at the point of entry. In those applications where 
unshielded cables/wires are used, then filters are recommended at the point of shield 
entry. 
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Figure 11.43 Length of Shielded Cables Determines as “Electrically Long” 
or “Electronically Short” Applications 


11.46 


EMI/RFI CONSIDERATIONS 


General Points on Cables and Shields 


Although covered in more detail later, the improper use of cables and their shields is a 
significant contributor to both radiated and conducted interference. Rather than 
developing an entire treatise on these issues, the interested reader should consult 
References 1, 2, 4, and 5. As illustrated in Figure 11.44 effective cable and enclosure 
shielding confines sensitive circuitry and signals within the entire shield without 
compromising shielding effectiveness. 
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Figure 11.44: Connect the Shield at One Point at the Load to Protect Against 
Low Frequency (50 Hz/60 Hz) Threats 


Depending on the type of interference (pickup/radiated, low/high frequency), proper 
cable shielding is implemented differently and is very dependent on the length of the 
cable. The first step is to determine whether the length of the cable is electrically short or 
electrically long at the frequency of concern. A cable is considered electrically short if 
the length of the cable is less than 1/20 wavelength of the highest frequency of the 
interference, otherwise it is electrically long. For example, at 50 Hz/60 Hz, an 
electrically short cable is any cable length less than 150 miles, where the primary 
coupling mechanism for these low frequency electric fields is capacitive. As such, for any 
cable length less than 150 miles, the amplitude of the interference will be the same over 
the entire length of the cable. To protect circuits against low frequency electric-field 
pickup, only one end of the shield should be returned to a low impedance point. A 
generalized example of this mechanism is illustrated in Figure 11.45. 
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@ Diagnose before you fix 


@ Ask yourself: 
@ What are the symptoms? 
@ What are the causes? 
@ What are the constraints? 
@ How will you know you have fixed it? 


@ Use available models for EMI to identify source - path - victim 
@ Start at low frequency and work up to high frequency 


@ EMI doctor's bag of tricks: 

@ Aluminum foil 

@ Conductive tape 

@ Bulk ferrites 

@ Power line filters 

@ Signal filters 
@ Resistors, capacitors, inductors, ferrites 
Physical separation 
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Figure 11.45: EMI Troubleshooting Philosophy 


In this example, the shield is grounded at the receiver. An exception to this approach 
(which will be highlighted again later) is the case where line-level (>1 V rms) audio 
signals are transmitted over long distances using twisted pair, shielded cables. In these 
applications, the shield again offers protection against low-frequency interference, and an 
accepted approach is to ground the shield at the driver end (LF and HF ground) and 
ground it at the receiver with a capacitor (HF ground only). 


In those applications where the length of the cable is electrically long, or protection 
against high frequency interference is required, then the preferred method is to connect 
the cable shield to low impedance points at both ends (direct connection at the driving 
end, and capacitive connection at the receiver). Otherwise, unterminated transmission 
lines effects can cause reflections and standing waves along the cable. At frequencies of 
10 MHz and above, circumferential (360°) shield bonds and metal connectors are 
required to main low-impedance connections to ground. 


In summary, for protection against low frequency (<1 MHz), electric-field interference, 
grounding the shield at one end is acceptable. For high frequency interference (>1 MHz), 
the preferred method is grounding the shield at both ends, using 360° circumferential 
bonds between the shield and the connector, and maintaining metal-to-metal continuity 
between the connectors and the enclosure. Low-frequency ground loops can be 
eliminated by replacing one of the DC shield connections to ground with a low 
inductance 0.01 wF capacitor. This capacitor prevents low frequency ground loops and 
shunts high frequency interference to ground. 
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EMI Trouble Shooting Philosophy 


System EMI problems often occur after the equipment has been designed and is operating 
in the field. More often than not, the original designer of the instrument has retired and is 
living in Tahiti, so the responsibility of repairing it belongs to someone else who may not 
be familiar with the product. Figure 11.46 summarizes the EMI problem solving 
techniques discussed in this section and should be useful in these situations. 
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Figure 11.46: Precision Sensors and Cable Shielding 
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PRINTER CIRCUIT BOARD ISSUES 
INTRODUCTION 


CHAPTER 12: PRINTED CIRCUIT BOARD (PCB) 
DESIGN ISSUES 


Introduction 


Printed circuit boards (PCBs) are by far the most common method of assembling modern 
electronic circuits. Comprised of a sandwich of one or more insulating layers and one or 
more copper layers which contain the signal traces and the powers and grounds, the 
design of the layout of printed circuit boards can be as demanding as the design of the 
electrical circuit. 


Most modern systems consist of multilayer boards of anywhere up to eight layers (or 
sometimes even more). Traditionally, components were mounted on the top layer in holes 
which extended through all layers. These are referred as through hole components. More 
recently, with the near universal adoption of surface mount components, you commonly 
find components mounted on both the top and the bottom layers. 


The design of the printed circuit board can be as important as the circuit design to the 
overall performance of the final system. We shall discuss in this chapter the partitioning 
of the circuitry, the problem of interconnecting traces, parasitic components, grounding 
schemes, and decoupling. All of these are important in the success of a total design. 


PCB effects that are harmful to precision circuit performance include leakage resistances, 
IR voltage drops in trace foils, vias, and ground planes, the influence of stray capacitance, 
and dielectric absorption (DA). In addition, the tendency of PCBs to absorb atmospheric 
moisture (Aygroscopicity) means that changes in humidity often cause the contributions 
of some parasitic effects to vary from day to day. 


In general, PCB effects can be divided into two broad categories—those that most 
noticeably affect the static or dc operation of the circuit, and those that most noticeably 
affect dynamic or ac circuit operation, especially at high frequencies. 


Another very broad area of PCB design is the topic of grounding. Grounding is a problem 
area in itself for all analog and mixed signal designs, and it can be said that simply 
implementing a PCB based circuit doesn’t change the fact that proper techniques are 
required. Fortunately, certain principles of quality grounding, namely the use of ground 
planes, are intrinsic to the PCB environment. This factor is one of the more significant 
advantages to PCB based analog designs, and appreciable discussion of this section is 
focused on this issue. 


Some other aspects of grounding that must be managed include the control of spurious 
ground and signal return voltages that can degrade performance. These voltages can be 
due to external signal coupling, common currents, or simply excessive IR drops in 
ground conductors. Proper conductor routing and sizing, as well as differential signal 
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handling and ground isolation techniques enables control of such parasitic voltages. 


One final area of grounding to be discussed is grounding appropriate for a mixed-signal, 
analog/digital environment. Indeed, the single issue of quality grounding can influence 
the entire layout philosophy of a high performance mixed signal PCB design—as it well 
should. 
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SECTION 1: PARTITIONING 


Any subsystem or circuit layout operating at high frequency and/or high precision with 
both analog and digital signals should like to have those signals physically separated as 
much as possible to prevent crosstalk. This is typically difficult to accomplish in practice. 


Crosstalk can be minimized by paying attention to the system layout and preventing 
different signals from interfering with each other. High level analog signals should be 
separated from low level analog signals, and both should be kept away from digital 
signals. TTL and CMOS digital signals have high edge rates, implying frequency 
components starting with the system clock and going up form there. And most logic 
families are saturation logic, which has uneven current flow (high transient currents) 
which can modulate the ground. We have seen elsewhere that in waveform sampling and 
reconstruction systems the sampling clock (which is a digital signal) is as vulnerable to 
noise as any analog signal. Noise on the sampling clock manifests itself as phase jitter, 
which as we have seen in a previous section, translates directly to reduced SNR of the 
sampled signal. If clock driver packages are used in clock distribution, only one 
frequency clock should be passed through a single package. Sharing drivers between 
clocks of different frequencies in the same package will produce excess jitter and 
crosstalk and degrade performance. 


The ground plane can act as a shield where sensitive signals cross. Figure 12.1 shows a 
good layout for a data acquisition board where all sensitive areas are isolated from each 
other and signal paths are kept as short as possible. While real life is rarely as simple as 
this, the principle remains a valid one. 


There are a number of important points to be considered when making signal and power 
connections. First of all a connector is one of the few places in the system where all 
signal conductors must run in parallel—it is therefore imperative to separate them with 
ground pins (creating a Faraday shield) to reduce coupling between them. 


Multiple ground pins are important for another reason: they keep down the ground 
impedance at the junction between the board and the backplane. The contact resistance of 
a single pin of a PCB connector is quite low (typically on the order of 10 mQ) when the 
board is new—as the board gets older the contact resistance is likely to rise, and the 
board's performance may be compromised. It is therefore well worthwhile to allocate 
extra PCB connector pins so that there are many ground connections (perhaps 30% to 
40% of all the pins on the PCB connector should be ground pins). For similar reasons 
there should be several pins for each power connection. 


Manufacturers of high performance mixed-signal ICs, like Analog Devices, often offer 
evaluation boards to assist customers in their initial evaluations and layout. ADC 
evaluation boards generally contain an on-board low jitter sampling clock oscillator, 
output registers, and appropriate power and signal connectors. They also may have 
additional support circuitry such as the ADC input buffer amplifier and external 
reference. 
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Figure 12.1: Analog and Digital Circuits Should Be Partitioned on PCB Layout 


The layout of the evaluation board is optimized in terms of grounding, decoupling, and 
signal routing and can be used as a model when laying out the ADC section of the PC 
board in a system. The actual evaluation board layout is usually available from the ADC 
manufacturer in the form of computer CAD files (Gerber files). In many cases, the layout 
of the various layers appears on the data sheet for the device. It should be pointed out, 
though, that an evaluation board is an extremely simple system. While some guidelines 
can be inferred from inspection of the evaluation board layout, the system that you are 
designing is undoubtedly more complicated. Therefore, direct use of the layout may not 
be optimum in larger systems. 


12.4 


PRINTED CIRCUIT BOARD ISSUES 
TRACES 


SECTION 2: TRACES 


Resistance of Conductors 


Every engineer is familiar with resistors. But far too few engineers consider that all the 
wires and PCB traces with which their systems and circuits are assembled are also 
resistors (as well as inductors as well, as will be discussed later). In higher precision 
systems, even these trace resistances and simple wire interconnections can have 
degrading effects. Copper is not a superconductor—and too many engineers appear to 
think it is! 


Figure 12.2 illustrates a method of calculating the sheet resistance R of a copper square, 
given the length Z, the width X, and the thickness Y. 


SHEET RESISTANCE CALCULATION FOR 
1 OZ. COPPER CONDUCTOR: 


p = 1.724 X 10-6 Qcem, Y = 0.0036cm 


R = 0.48 4 mo 
X 


<. = NUMBER OF SQUARES 


R = SHEET RESISTANCE OF 1 SQUARE (Z=X) 
= 0.48mQ/SQUARE 


Figure 12.2: Calculation of Sheet Resistance and Linear Resistance 
for Standard Copper PCB Conductors 


At 25°C the resistivity of pure copper is 1.724X10° Q/cm. The thickness of standard 
1 ounce PCB copper foil is 0.036 mm (0.0014"). Using the relations shown, the 
resistance of such a standard copper element is therefore 0.48 mQ/square. One can 
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readily calculate the resistance of a linear trace, by effectively "stacking" a series of such 
squares end to end, to make up the line’s length. The line length is Z and the width is X, 
so the line resistance R is simply a product of Z/X and the resistance of a single square, 
as noted in the figure. 


For a given copper weight and trace width, a resistance/length calculation can be made. 
For example, the 0.25 mm (10 mil) wide traces frequently used in PCB designs equates to 
a resistance/length of about 19 mQ/cm (48 mQ /inch), which is quite large. Moreover, the 
temperature coefficient of resistance for copper is about 0.4%/°C around room 
temperature. This is a factor that shouldn’t be ignored, in particular within low 
impedance precision circuits, where the TC can shift the net impedance over temperature. 


As shown in Figure 12.3, PCB trace resistance can be a serious error when conditions 
aren’t favorable. Consider a 16-bit ADC with a 5 kQ input resistance, driven through 
5 cm of 0.25 mm wide | oz. PCB track between it and its signal source. The track 
resistance of nearly 0.1 © forms a divider with the 5 kQ load, creating an error. The 
resulting voltage drop is a gain error of 0.1/5 k (~0.0019%), well over 1 LSB (0.0015% 
for 16 bits). And this ignores the issue of the return path! It also ignores inductance, 
which could make the situation worse at high frequencies. 


5cm 


SIGNAL 16-BIT ADC, 
SOURCE Ry = 5kQ 


0.25mm (10 mils) wide, 
1 oz. copper PCB trace 


Assume ground path 
resistance negligible 


Figure 12.3: Ohm’s law predicts >1 LSB of error due to drop in PCB conductor 


So, when dealing with precision circuits, the point is made that even simple design items 
such as PCB trace resistance cannot be dealt with casually. There are various solutions 
that can address this issue, such as wider traces (which may take up excessive space), and 
may not be a viable solution with the smallest packages and with packages with multiple 
rows of pins, such as a ball grid array (BGA), the use of heavier copper (which may be 
too expensive) or simply choosing a high input impedance converter. But, the most 
important thing is to think it all through, avoiding any tendency to overlook items 
appearing innocuous on the surface. 
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Voltage Drop in Signal Leads—Kelvin Feedback 


The gain error resulting from resistive voltage drop in PCB signal leads is important only 
with high precision and/or at high resolutions (the Figure 12.3 example), or where large 
signal currents flow. Where load impedance is constant and resistive, adjusting overall 
system gain can compensate for the error. In other circumstances, it may often be 
removed by the use of "Kelvin" or "voltage sensing" feedback, as shown in Figure 12.4. 


In this modification to the case of Figure 12.3 a long resistive PCB trace is still used to 
drive the input of a high resolution ADC, with low input impedance. In this case 
however, the voltage drop in the signal lead does not give rise to an error, as feedback is 
taken directly from the input pin of the ADC, and returned to the driving source. This 
scheme allows full accuracy to be achieved in the signal presented to the ADC, despite 
any voltage drop across the signal trace. 


FEEDBACK "SENSE" LEAD 


SIGNAL ADC with 


SOURCE HIGH RESISTANCE F low R,, 
SIGNAL LEAD 


Assume ground path 
resistance negligible 


Figure 12.4: Use of a Sense Connection Moves Accuracy to the Load Point 


The use of separate force (F) and sense (S) connections (often referred to as a Kelvin 
connection) at the load removes any errors resulting from voltage drops in the force lead, 
but, of course, may only be used in systems where there is negative feedback. It is also 
impossible to use such an arrangement to drive two or more loads with equal accuracy, 
since feedback may only be taken from one point. Also, in this much-simplified system, 
errors in the common lead source/load path are ignored, the assumption being that ground 
path voltages are negligible. In many systems this may not necessarily be the case, and 
additional steps may be needed, as noted below. 


Signal Return Currents 


Kirchoff's Law tells us that at any point in a circuit the algebraic sum of the currents is 
zero. This tells us that all currents flow in circles and, particularly, that the return current 
must always be considered when analyzing a circuit, as is illustrated in Figure 12.5 (see 
References 7 and 8). 
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SIGNAL 
SOURCE 


GROUND RETURN CURRENT 
I 


AT ANY POINT IN A CIRCUIT 
THE ALGEBRAIC SUM OF THE CURRENTS IS ZERO 
OR 
WHAT GOES OUT MUST COME BACK 
WHICH LEADS TO THE CONCLUSION THAT 
ALL VOLTAGES ARE DIFFERENTIAL 
(EVEN IF THEY’RE GROUNDED) 


Figure 12.5: Kirchoff's Law Helps in Analyzing Voltage Drops Around a 
Complete Source/Load Coupled Circuit 


In dealing with grounding issues, common human tendencies provide some insight into 
how the correct thinking about the circuit can be helpful towards analysis. Most engineers 
readily consider the ground return current "I," only when they are considering a fully 
differential circuit. 


However, when considering the more usual circuit case, where a single-ended signal is 
referred to "ground," it is common to assume that all the points on the circuit diagram 
where ground symbols are found are at the same potential. Unfortunately, this happy 
circumstance just ain’t necessarily so! 


This overly optimistic approach is illustrated in Figure 12.6 where, if it really should 
exist, "infinite ground conductivity" would lead to zero ground voltage difference 
between source ground G1 and load ground G2. Unfortunately this approach isn’t a wise 
practice, and when dealing with high precision circuits, it can lead to disasters. 


A more realistic approach to ground conductor integrity includes analysis of the 
impedance(s) involved, and careful attention to minimizing spurious noise voltages. 
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SIGNAL 


SIGNAL 
SOURCE 


INFINITE GROUND 
N TaNadaa CONDUCTIVITY 


—> ZERO VOLTAGE 
DIFFERENTIAL 
BETWEEN G1 & G2 


Figure 12.6: Unlike this Optimistic Diagram, it 1s Unrealistic to Assume Infinite 
Conductivity Between Source/Load Grounds in a Real-World System 


Ground Noise and Ground Loops 


A more realistic model of a ground system is shown in Figure 12.7. The signal return 
current flows in the complex impedance existing between ground points G1 and G2 as 
shown, giving rise to a voltage drop AV in this path. But it is important to note that 
additional external currents, such as Igx7, may also flow in this same path. It is critical to 
understand that such currents may generate uncorrelated noise voltages between G1 and 
G2 (dependent upon the current magnitude and relative ground impedance). 


Some portion of these undesired voltages may end up being seen at the signal’s load end, 
and they can have the potential to corrupt the signal being transmitted. 


It is evident, of course, that other currents can only flow in the ground impedance, if there 
is a current path for them. In this case, severe problems can be caused by a high current 
circuit sharing an wnlooped ground return with the signal source. 


Figure 12.8 shows just such a common ground path, shared by the signal source and a 


high current circuit, which draws a large and varying current from its supply. This current 
flows in the common ground return, causing an error voltage AV to be developed. 
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SIGNAL 
SOURCE 
AV = VOLTAGE DIFFERENTIAL 


<<. DUE TO SIGNAL _ CURRENT AND/OR —» 
EXTERNAL CURRENT FLOWING IN 
GROUND IMPEDANCE 


SIGNAL 


Figure 12.7: A More Realistic Source-to-Load Grounding System View Includes 
Consideration of the Impedance Between G1-G2, Plus the Effect of Any 
Nonsignal-Related Currents 


CURRENT SIGNAL 
CIRCUIT SOURCE 


—=$ == 4 = — 79 MP 
AV = VOLTAGE DUE TO SIGNAL CURRENT PLUS 


CURRENT FROM HIGH CURRENT CIRCUIT FLOWING 
IN COMMON GROUND IMPEDANCE 


Figure 12.8: Any Current Flowing Through a Common Ground Impedance Can 
Cause Errors 
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From Figure 12.9, it is also evident that if a ground network contains /oops, or circular 
ground conductor patterns (with S1 closed), there is an even greater danger of it being 
vulnerable to EMFs induced by external magnetic fields. There is also a real danger of 
ground-current-related signals "escaping" from the high current areas, and causing noise 
in sensitive circuit regions elsewhere in the system. 


HIGH 
CURRENT 
CIRCUIT A 


SIGNAL A 


CLOSING S1 FORMS A GROUND LOOP. 
NOISE MAY COME FROM: 


@ MAGNETIC FLUX CUTTING THE 
GROUND LOOP 


@ GROUND CURRENT OF A IN ZB 
@ GROUND CURRENT OF BIN ZA 


GROUND 
IMPEDANCES 


| 


MAGNETIC 
FLUX 


$1 


HIGH 
CURRENT 
CIRCUIT B 


SIGNAL B 


Figure 12.9: A Ground Loop 


For these reasons ground loops are best avoided, by wiring all return paths within the 
circuit by separate paths back to a common point, i.e., the common ground point towards 
the mid-right of the diagram. This would be represented by the S1 open condition. 


Ground Isolation Techniques 


While the use of ground planes does lower impedance and helps greatly in lowering 
ground noise, there may still be situations where a prohibitive level of noise exists. In 
such cases, the use of ground error minimization and isolation techniques can be helpful. 


Another illustration of a common-ground impedance coupling problem is shown in 
Figure 12.10. In this circuit a precision gain-of-100 preamp amplifies a low level signal 
Vin, using an AD8551 chopper-stabilized amplifier for best dc accuracy. At the load end, 
the signal Vour is measured with respect to G2, the local ground. Because of the small 
700 WA Isuppty of the AD8551 flowing between G1 and G2, there is a 7 uV ground 
error—about 7 times the typical input offset expected from the op amp! 
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I 
700nA R 
0.010 


SUPPLY 


GROUND 


Figure 12.10: Unless Care Is Taken, Even Small Common Ground Currents Can 
Degrade Precision Amplifier Accuracy 


This error can be avoided simply by routing the negative supply pin current of the op amp 
back to star ground G2 as opposed to ground G1, by using a separate trace. This step 
eliminates the G1-G2 path power supply current, and so minimizes the ground leg 
voltage error. Note that there will be little error developed in the "hot" Vour lead, so long 
as the current drain at the load end is small. 


In some cases, there may be simply unavoidable ground voltage differences between a 
source signal and the load point where it is to be measured. Within the context of this 
"same-board" discussion, this might require rejecting ground error voltages of several 
tens-of-mV. Or, should the source signal originate from an "off-board" source, then the 
magnitude of the common-mode voltages to be rejected can easily rise into a several volt 
range (or even tens-of-volts). 


Fortunately, full signal transmission accuracy can still be accomplished in the face of 
such high noise voltages, by employing a principle discussed earlier. This is the use of a 
differential-input, ground isolation amplifier. The ground isolation amplifier minimizes 
the effect of ground error voltages between stages by processing the signal in differential 
fashion, thereby rejecting CM voltages by a substantial margin (typically 60 dB or more). 


Two ground isolation amplifier solutions are shown in Figure 12.11. This diagram can 
alternately employ either the AD629 to handle CM voltages up to +270 V, or the 
AMP03, which is suitable for CM voltages up to +20 V. 


In the circuit, input voltage Vin is referred to G1, but must be measured with respect to 
G2. With the use of a high CMR unity-gain difference amplifier, the noise voltage AV 
existing between these two grounds is easily rejected. The AD629 offers a typical CMR 
of 88 dB, while the AMPO3 typically achieves 100 dB. In the AD629, the high CMV 
rating is done by a combination of high CM attenuation, followed by differential gain, 
realizing a net differential gain of unity. The AD629 uses the first listed value resistors 
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noted in the figure for Rl to R5. The AMPO3 operates as a precision four-resistor 
differential amplifier, using the 25 kO value R1 to R4 resistors noted. Both devices are 
complete, one package solutions to the ground-isolation amplifier. 


R5 
21.1kO 
(AD629 only) 
6---WW--0--5 
| 
ae G2 
R1 | R2 
380kQ/ 25kQ 380kQ. / 25kQ 


CMV(V) CMR(dB) 
AD629 +270 88 
AMP03 +20 100 
AD629 / AMP03 


‘@ V DIFFERENCE 
= iN AMPLIFIERS 
R3 R4 Te 
380kQ / 25kQ 20kQ / 25kQ | 
G2 
G1 OUTPUT 
INPUT <4 AV > COMMON 
COMMON GROUND 


NOISE 


Figure 12.11: A Differential Input Ground Isolating Amplifier Allows High 
Transmission Accuracy by Rejecting Ground Noise Voltage Between Source 
(G1) and Measurement (G2) Grounds 


This scheme allows relative freedom from tightly controlling ground drop voltages, or 
running additional and/or larger PCB traces to minimize such error voltages. Note that it 
can be implemented either with the fixed gain difference amplifiers shown, or also with a 
standard in-amp IC, configured for unity gain. The AD623, for example, also allows 
single-supply use. In any case, signal polarity is also controllable, by simple reversal of 
the difference amplifier inputs. 


In general terms, transmitting a signal from one point on a PCB to another for 
measurement or further processing can be optimized by two key interrelated techniques. 
These are the use of high impedance, differential signal-handling techniques. The high 
impedance loading of an in-amp minimizes voltage drops, and differential sensing of the 
remote voltage minimizes sensitivity to ground noise. 


When the further signal processing is A/D conversion, these transmission criteria can be 
implemented without adding a differential ground isolation amplifier stage. Simply select 
an ADC which operates differentially. The high input impedance of the ADC minimizes 
load sensitivity to the PCB wiring resistance. In addition, the differential input feature 
allows the output of the source to be sensed directly at the source output terminals (even 
if single-ended). The CMR of the ADC then eliminates sensitivity to noise voltages 
between the ADC and source grounds. 
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An illustration of this concept using an ADC with high impedance differential inputs is 
shown in Figure 12.12. Note that the general concept can be extended to virtually any 
signal source, driving any load. All loads, even single-ended ones, become differential- 
input by adding an appropriate differential input stage. The differential input can be 
provided by either a fully developed high Z in-amp, or in many cases it can be a simple 
subtractor stage op amp, such as Figure 12.11. 


SIGNAL O HIGH-Z 
SOURCE Vout DIFFERENTIAL 
<—__________|_ INPUT ADC 


Ground path errors 
not critical 


Figure 12.12: A High-lmpedance Differential Input ADC Also Allows High 
Transmission Accuracy Between Source and Load 
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Static PCB Effects 


Leakage resistance is the dominant static circuit board effect. Contamination of the PCB 
surface by flux residues, deposited salts, and other debris can create leakage paths 
between circuit nodes. Even on well-cleaned boards, it is not unusual to find 10 nA or 
more of leakage to nearby nodes from 15-volt supply rails. Nanoamperes of leakage 
current into the wrong nodes often cause volts of error at a circuit's output; for example, 
10 nA into a 10 MQ resistance causes 0.1 V of error. Unfortunately, the standard op amp 
pinout places the —Vs supply pin next to the + input, which is often hoped to be at high 
impedance! To help identify nodes sensitive to the effects of leakage currents ask the 
simple question: If a spurious current of a few nanoamperes or more were injected into 
this node, would it matter? 


If the circuit is already built, you can localize moisture sensitivity to a suspect node with 
a classic test. While observing circuit operation, blow on potential trouble spots through a 
simple soda straw. The straw focuses the breath's moisture, which, with the board's salt 
content in susceptible portions of the design, disrupts circuit operation upon contact. 


There are several means of eliminating simple surface leakage problems. Thorough 
washing of circuit boards to remove residues helps considerably. A simple procedure 
includes vigorously brushing the boards with isopropyl alcohol, followed by thorough 
washing with deionized water and an 85°C bake out for a few hours. Be careful when 
selecting board-washing solvents, though. When cleaned with certain solvents, some 
water-soluble fluxes create salt deposits, exacerbating the leakage problem. 


Unfortunately, if a circuit displays sensitivity to leakage, even the most rigorous cleaning 
can offer only a temporary solution. Problems soon return upon handling, or exposure to 
foul atmospheres, and high humidity. Some additional means must be sought to stabilize 
circuit behavior, such as conformal surface coating. 


Fortunately, there is an answer to this, namely guarding, which offers a fairly reliable and 
permanent solution to the problem of surface leakage. Well-designed guards can 
eliminate leakage problems, even for circuits exposed to harsh industrial environments. 
Two schematics illustrate the basic guarding principle, as applied to typical inverting and 
noninverting op amp circuits. 


Figure 12.13 illustrates an inverting mode guard application. In this case, the op amp 


reference input is grounded, so the guard is a grounded ring surrounding all leads to the 
inverting input, as noted by the dotted line. 
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Figure 12.13: Inverting Mode Guard Encloses All Op Amp Inverting Input 
Connections Within a Grounded Guard Ring 


Guarding basic principles are simple: Completely surround sensitive nodes with 
conductors that can readily sink stray currents, and maintain the guard conductors at the 
exact potential of the sensitive node (as otherwise the guard will serve as a leakage 
source rather than a leakage sink). For example, to keep leakage into a node below | pA 
(assuming 1000-megohm leakage resistance) the guard and guarded node must be within 
1 mV. Generally, the low offset of a modern op amp is sufficient to meet this criterion. 


NON-INVERTING MODE GUARD: 


ce ee Com RING SURROUNDS ALL "HOT NODE" 
LEAD ENDS - INCLUDING INPUT 
TERMINAL ON THE PCB 


' LOW VALUE GAII 
RESISTORS 


USE SHIELDING (Y) OR 
UNITY-GAIN BUFFER 

(X) IF GUARD HAS LONG 
LEAD 


Figure 12.14: Noninverting Mode Guard Encloses all Op Amp Noninverting Input 
Connections Within a Low Impedance, Driven Guard Ring 
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There are important caveats to be noted with implementing a true high quality guard. For 
traditional through hole PCB connections, the guard pattern should appear on both sides 
of the circuit board, to be most effective. And, it should also be connected along its 
length by several vias. Finally, when either justified or required by the system design 
parameters, do make an effort to include guards in the PCB design process from the 
outset—there is little likelihood that a proper guard can be added as an afterthought. 


Figure 12.14 illustrates the case for a noninverting guard. In this instance the op amp 
reference input is directly driven by the source, which complicates matters considerably. 
Again, the guard ring completely surrounds all of the input nodal connections. In this 
instance, however, the guard is driven from the low impedance feedback divider 
connected to the inverting input. 


Usually the guard-to-divider junction will be a direct connection, but in some cases a 
unity gain buffer might be used at "X" to drive a cable shield, or also to maintain the 
lowest possible impedance at the guard ring. 


In lieu of the buffer, another useful step is to use an additional, directly grounded screen 
ring, "Y," which surrounds the inner guard and the feedback nodes as shown. This step 
costs nothing except some added layout time, and will greatly help buffer leakage effects 
into the higher impedance inner guard ring. 


Of course what hasn’t been addressed to this point is just how the op amp itself gets 
connected into these guarded islands without compromising performance. The traditional 
method using a TO-99 metal can package device was to employ double-sided PCB guard 
rings, with both op amp inputs terminated within the guarded ring. 


Sample MINI-DIP and SOIC op amp PCB guard layouts 


Modern assembly practices have favored smaller plastic packages such as eight pin 
MINI-DIP and SOIC types. Some suggested partial layouts for guard circuits using these 
packages are shown in the next two figures. While guard traces may also be possible with 
even more tiny op amp footprints, such as SOT-23 etc., the required trace separations 
become even more confining, challenging the layout designer as well as the 
manufacturing processes. 


For the ADI "N" style MINI-DIP package, Figure 12.15 illustrates how guarding can be 
accomplished for inverting (left) and noninverting (right) operating modes. This setup 
would also be applicable to other op amp devices where relatively high voltages occur at 
pin | or 4. Using a standard eight pin DIP outline, it can be noted that this package’s 0.1" 
pin spacing allows a PC trace (here, the guard trace) to pass between adjacent pins. This 
is the key to implementing effective DIP package guarding, as it can adequately prevent a 
leakage path from the —Vs supply at pin 4, or from similar high potentials at pin 1. 
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Figure 12.15: PCB Guard Patterns for Inverting and Noninverting Mode Op 
Amps Using Eight Pin MINI-DIP (N) Package 


For the left-side inverting mode, note that the Pin 3 connected and grounded guard traces 
surround the op amp inverting input (Pin 2), and run parallel to the input trace. This guard 
would be continued out to and around the source and feedback connections of 
Figure 12-36 (or other similar circuit), including an input pad in the case of a cable. In the 
right-side noninverting mode, the guard voltage is the feedback divider voltage to Pin 2. 
This corresponds to the inverting input node of the amplifier, from Figure 12.14. 


Note that in both of the cases of Figure 12.15, the guard physical connections shown are 
only partial—an actual layout would include all sensitive nodes within the circuit. In both 
the inverting and the noninverting modes using the MINI-DIP or other through hole style 
package, the PCB guard traces should be located on both sides of the board, with top and 
bottom traces connected with several vias. 


Things become slightly more complicated when using guarding techniques with the 
SOIC surface mount ("R") package, as the 0.05" pin spacing doesn’t easily allow routing 
of PCB traces between the pins. But, there is still an effective guarding answer, at least 
for the inverting case. Figure 12.16 shows guards for the ADI "R" style SOIC package. 


Note that for many single op amp devices in this SOIC "R" package, Pins 1, 5, and 8 are 
"no connect" pins. Historically these pins were used for offset adjustment and/or 
frequency compensation. These functions rarely are used in modern op amps. For such 
instances, this means that these empty locations can be employed in the layout to route 
guard traces. In the case of the inverting mode (left), the guarding is still completely 
effective, with the dummy Pin | and Pin 3 serving as the grounded guard trace. This is a 
fully effective guard without compromise. Also, with SOIC op amps, much of the 
circuitry around the device will not use through hole components. So, the guard ring may 
only be necessary on the op amp PCB side. 
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Figure 12.16: PCB Guard Patterns for Inverting and Noninverting Mode Op 
Amps Using Eight Pin SOIC (R) Package 


In the case of the follower stage (right), the guard trace must be routed around the 
negative supply at Pin 4, and thus Pin 4 to Pin 3 leakage isn’t fully guarded. For this 
reason, a precision high impedance follower stage using an SOIC package op amp isn’t 
generally recommended, as guarding isn’t possible for dual supply connected devices. 


However, an exception to this caveat does apply to the use of a single-supply op amp as a 
noninverting stage. For example, if the AD8551 is used, Pin 4 becomes ground, and some 
degree of intrinsic guarding is then established by default. 


Dynamic PCB Effects 


Although static PCB effects can come and go with changes in humidity or board 
contamination, problems that most noticeably affect the dynamic performance of a circuit 
usually remain relatively constant. Short of a new design, washing or any other simple 
fixes can’t fix them. As such, they can permanently and adversely affect a design's 
specifications and performance. The problems of stray capacitance, linked to lead and 
component placement, are reasonably well known to most circuit designers. Since lead 
placement can be permanently dealt with by correct layout, any remaining difficulty is 
solved by training assembly personnel to orient components or bend leads optimally. 


Dielectric absorption (DA), on the other hand, represents a more troublesome and still 
poorly understood circuit-board phenomenon. Like DA in discrete capacitors, DA in a 
printed-circuit board can be modeled by a series resistor and capacitor connecting two 
closely spaced nodes. Its effect is inverse with spacing and linear with length. 


As shown in Figure 12.17, the RC model for this effective capacitance ranges from 0.1 
pF to 2.0 pF, with the resistance ranging from 50 MQ to 500 MQ. Values of 0.5 pF and 
100 MQ are most common. Consequently, circuit-board DA interacts most strongly with 
high impedance circuits. 
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Figure 12.17: DA Plagues Dynamic Response of PCB-Based Circuits 


PCB DA most noticeably influences dynamic circuit response, for example, settling time. 
Unlike circuit leakage, the effects aren’t usually linked to humidity or other 
environmental conditions, but rather, are a function of the board's dielectric properties. 
The chemistry involved in producing plated through holes seems to exacerbate the 
problem. If your circuits don’t meet expected transient response specs, you should 
consider PCB DA as a possible cause. 


Fortunately, there are solutions. As in the case of capacitor DA, external components can 
be used to compensate for the effect. More importantly, surface guards that totally isolate 
sensitive nodes from parasitic coupling often eliminate the problem (note that these 
guards should be duplicated on both sides of the board, in cases of through hole 
components). As noted previously, low loss PCB dielectrics are also available. 


PCB "hook," similar if not identical to DA, is characterized by variation in effective 
circuit-board capacitance with frequency (see Reference 1). In general, it affects high 
impedance circuit transient response where board capacitance is an appreciable portion of 
the total in the circuit. Circuits operating at frequencies below 10 kHz are the most 
susceptible. As in circuit board DA, the board's chemical makeup very much influences 
its effects. 
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Inductance 


Stray Inductance 


All conductors are inductive, and at high frequencies, the inductance of even quite short 
pieces of wire or printed circuit traces may be important. The inductance of a straight 
wire of length L mm and circular cross-section with radius R mm in free space is given 
by the first equation shown in Figure 12.18. 


< L > 
2L 
WIRE INDUCTANCE = 0.0002 In (=) : 0.75 | wH 


EXAMPLE: 1cm of 0.5mm o.d. wire has an inductance of 7.26nH 
(2R = 0.5mm, L = 1cm) 


=Z 
yy may 


W, 


a 


2L W+H 
STRIP INDUCTANCE = 0.0002L |In (w+H) t 0.2235 ( Lt 0.5| HH 
EXAMPLE: 1cm of 0.25 mm PC track has an inductance of 9.59 nH 
(H = 0.038mm, W = 0.25mm, L = 1cm) 


Figure 12.18: Wire and Strip Inductance Calculations 


The inductance of a strip conductor (an approximation to a PC track) of width W mm and 
thickness H mm in free space is also given by the second equation in Figure 12.18. 


In real systems, these formulas both turn out to be approximate, but they do give some 
idea of the order of magnitude of inductance involved. They tell us that 1 cm of 0.5-mm 
of wire has an inductance of 7.26 nH, and 1 cm of 0.25-mm PC track has an inductance 
of 9.59 nH—these figures are reasonably close to measured results. 


At 10 MHz, an inductance of 7.26 nH has an impedance of 0.46 Q, and so can give rise 
to 1% error in a 50-Q system. 
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Mutual Inductance 


Another consideration regarding inductance is the separation of outward and return 
currents. As we shall discuss in more detail later, Kirchoff's Law tells us that current 
flows in closed paths—there is always an outward and return path. The whole path forms 
a single turn inductor. 


NONIDEAL SIGNAL TRACE ROUTING 


Lo / IMPROVED TRACE ROUTING 


a, 
Les! 


Figure 12.19: Nonideal and Improved Signal Trace Routing 


This principle is illustrated by the contrasting signal trace routing arrangements of Figure 
9.10. If the area enclosed within the turn is relatively large, as in the upper "nonideal" 
picture, then the inductance (and hence the ac impedance) will also be large. On the other 
hand, if the outward and return paths are closer together, as in the lower "improved" 
picture, the inductance will be much smaller. 


Note that the nonideal signal routing case of Figure 12.19 has other drawbacks—the large 
area enclosed within the conductors produces extensive external magnetic fields, which 
may interact with other circuits, causing unwanted coupling. Similarly, the large area is 
more vulnerable to interaction with external magnetic fields, which can induce unwanted 
signals in the loop. 


The basic principle is illustrated in Figure 12.20, and is a common mechanism for the 
transfer of unwanted signals (noise) between two circuits. 
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Figure 12.20: Basic Principles of Inductive Coupling 


As with most other noise sources, as soon as we define the working principle, we can see 
ways of reducing the effect. In this case, reducing any or all of the terms in the equations 
in Figure 12.20 reduces the coupling. Reducing the frequency or amplitude of the current 
causing the interference may be impracticable, but it is frequently possible to reduce the 
mutual inductance between the interfering and interfered with circuits by reducing loop 
areas on one or both sides and, possibly, increasing the distance between them. 


A layout solution is illustrated by Figure 12.21. Here two circuits, shown as Z1 and Z2, 
are minimized for coupling by keeping each of the loop areas as small as is practical. 
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Figure 12.21: Proper Signal Routing and Layout Can Reduce Inductive Coupling 


As also illustrated in Figure 12.22, mutual inductance can be a problem in signals 
transmitted on cables. Mutual inductance is high in ribbon cables, especially when a 
single return is common to several signal circuits (top). Separate, dedicated signal and 
return lines for each signal circuit reduces the problem (middle). Using a cable with 
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twisted pairs for each signal circuit as in the bottom picture is even better (but is more 
expensive and often unnecessary). 
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Figure 12.22: Mutual Inductance and Coupling Within Signal Cabling 


Shielding of magnetic fields to reduce mutual inductance is sometimes possible, but is by 
no means as easy as shielding an electric field with a Faraday shield (following section). 
HF magnetic fields are blocked by conductive material provided the skin depth in the 
conductor at the frequency to be screened is much less than the thickness of the 
conductor, and the screen has no holes (Faraday shields can tolerate small holes, 
magnetic screens cannot). LF and DC fields may be screened by a shield made of mu- 
metal sheet. Mu-metal is an alloy having very high permeability, but it is expensive, its 
magnetic properties are damaged by mechanical stress, and it will saturate if exposed to 
too high fields. Its use, therefore, should be avoided where possible. 


Parasitic Effects in Inductors 


Although inductance is one of the fundamental properties of an electronic circuit, 
inductors are far less common as components than are resistors and capacitors. As for 
precision components, they are even more rare. This is because they are harder to 
manufacture, less stable, and less physically robust than resistors and capacitors. It is 
relatively easy to manufacture stable precision inductors with inductances from nH to 
tens or hundreds of wH, but larger valued devices tend to be less stable, and large. 


As we might expect in these circumstances, circuits are designed, where possible, to 
avoid the use of precision inductors. We find that stable precision inductors are relatively 
rarely used in precision analog circuitry, except in tuned circuits for high frequency 
narrow-band applications. 
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Of course, they are widely used in power filters, switching power supplies and other 
applications where lack of precision is unimportant (more on this in a following section). 
The important features of inductors used in such applications are their current carrying 
and saturation characteristics, and their Q. If an inductor consists of a coil of wire with an 
air core, its inductance will be essentially unaffected by the current it is carrying. On the 
other hand, if it is wound on a core of a magnetic material (magnetic alloy or ferrite), its 
inductance will be nonlinear, since at high currents, the core will start to saturate. The 
effects of such saturation will reduce the efficiency of the circuitry employing the 
inductor and is liable to increase noise and harmonic generation. 


As mentioned above, inductors and capacitors together form tuned circuits. Since all 
inductors will also have some stray capacity, all inductors will have a resonant frequency 
(which will normally be published on their data sheet), and should only be used as 
precision inductors at frequencies well below this. 


Q or "Quality Factor" 
Mi 


The other characteristic of inductors is their Q (or "Quality Factor"), which is the ratio of 
the reactive impedance to the resistance, as indicated in Figure 12.23. 


@ Q=2rnfL/R 


@ The Q of an inductor or resonant circuit is a 
measure of the ratio of its reactance to its 
resistance. 


@ The resistance is the HF and NOT the DCvalue. 


@ The 3 dB bandwidth of a single tuned circuit is 
Fc/Q where Fc is the center frequency. 


Figure 12.23: Inductor Q or Quality Factor 


It is rarely possible to calculate the Q of an inductor from its dc resistance, since skin 
effect (and core losses if the inductor has a magnetic core) ensure that the Q of an 
inductor at high frequencies is always lower than that predicted from dc values. 


Q is also a characteristic of tuned circuits (and of capacitors—but capacitors generally 
have such high Q values that it may be disregarded, in practice). The Q of a tuned circuit, 
which is generally very similar to the Q of its inductor (unless it is deliberately lowered 
by the use of an additional resistor), is a measure of its bandwidth around resonance. LC 
tuned circuits rarely have Q of much more than 100 (3 dB bandwidth of 1%), but ceramic 
resonators may have a Q of thousands, and quartz crystals tens of thousands. 
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Don't Overlook Anything 


Remember, if your precision op amp or data-converter-based design does not meet 
specification, try not to overlook anything in your efforts to find the error sources. 
Analyze both active and passive components, trying to identify and challenge any 
assumptions or preconceived notions that may blind you to the facts. Take nothing for 
granted. 


For example, when not tied down to prevent motion, cable conductors, moving within 
their surrounding dielectrics, can create significant static charge buildups that cause 
errors, especially when connected to high impedance circuits. Rigid cables, or even costly 
low noise Teflon-insulated cables, are expensive alternative solutions. 


As more and more high precision op amps become available, and system designs call for 
higher speed and increased accuracy, a thorough understanding of the error sources 
described in this section (as well those following) becomes more important. 


Some additional discussions of passive components within a succeeding power supply 
filtering section complements this one. In addition, the very next section on PCB design 
issues also complements many points within this section. Similar comments apply to the 
chapter on EMI/RFI. 
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Stray Capacitance 


When two conductors aren’t short-circuited together, or totally screened from each other 
by a conducting (Faraday) screen, there is a capacitance between them. So, on any PCB, 
there will be a large number of capacitors associated with any circuit (which may or may 
not be considered in models of the circuit). Where high frequency performance matters 
(and even dc and VLF circuits may use devices with high Ft and therefore be vulnerable 
to HF instability), it is very important to consider the effects of this stray capacitance. 


Any basic textbook will provide formulas for the capacitance of parallel wires and other 
geometric configurations (see References 9 and 10). The example we need consider in 
this discussion is the parallel plate capacitor, often formed by conductors on opposite 
sides of a PCB. The basic diagram describing this capacitance is shown in Figure 12.24. 


0.00885 ErA 
pe ee d 
. 2 
d A= plate area in mm 


d= plate separation inmm 


i E, = dielectric constant relative to air 


y Most common PCB type uses 1.5mm 
glass-fiber epoxy material with Er = 4.7 


Y Capacitance of PC track over ground 
plane is roughly 2.8 pF/cm2 


Figure 12.24: Capacitance of two parallel plates 


Neglecting edge effects, the capacitance of two parallel plates of area A mm? and 
separation d mm in a medium of dielectric constant E, relative to air is: 


0.00885 E, A/d pF. Eq. 12-1 


where: 
E, = the dielectric constant of the insulator material relative to air 
A = the plate area 
D = the distance between the plates 


From this formula, we can calculate that for general purpose PCB material (E; = 4.7, 
d = 1.5 mm), the capacitance between conductors on opposite sides of the board is just 
under 3 pF/cm*. In general, such capacitance will be parasitic, and circuits must be 
designed so that it does not affect their performance. 
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While it is possible to use PCB capacitance in place of small discrete capacitors, the 
dielectric properties of common PCB substrate materials cause such capacitors to behave 
poorly. They have a rather high temperature coefficient and poor Q at high frequencies, 
which makes them unsuitable for many applications. Boards made with lower loss 
dielectrics such as Teflon are expensive exceptions to this rule. 


Capacitive Noise & Faraday Shields 
There is a capacitance between any two conductors separated by a dielectric (air or 


vacuum are dielectrics). If there is a change of voltage on one, there will be a movement 
of charge on the other. A basic model for this is shown in Figure 12.25. 


Vn 2 ae VcouPLED 


Z, = CIRCUIT IMPEDANCE 
Z2 = 1jaC 


V =V (z5) 
COUPLED” "N (Z,,Z, 
Figure 12.25: Capacitive Coupling Equivalent Circuit Model 


It is evident that the noise voltage, VcoupLep appearing across Z,, may be reduced by 
several means, all of which reduce noise current in Z;. They are reduction of the signal 
voltage Vy, reduction of the frequency involved, reduction of the capacitance, or 
reduction of Z; itself. Unfortunately however, often none of these circuit parameters can 
be freely changed, and an alternate method is needed to minimize the interference. The 
best solution towards reducing the noise coupling effect of C is to insert a grounded 
conductor, also known as a Faraday shield, between the noise source and the affected 
circuit. This has the desirable effect of reducing Z; noise current, thus reducing Vcoup.ep. 


A Faraday shield model is shown by Figure 12.26. In the left picture, the function of the 
shield is noted by how it effectively divides the coupling capacitance, C. In the right 
picture the net effect on the coupled voltage across Z; is shown. Although the noise 
current Iy still flows in the shield, most of it is now diverted away from Z. As a result, 
the coupled noise voltage Vcouptep across Z) is reduced. 


A Faraday shield is easily implemented and almost always successful. Thus capacitively 
coupled noise is rarely an intractable problem. However, to be fully effective, a Faraday 
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shield must completely block the electric field between the noise source and the shielded 
circuit. It must also be connected so that the displacement current returns to its source, 
without flowing in any part of the circuit where it can introduce conducted noise. 


CAPACITIVE 
ee SHIELD 


coupLed V,, VcoupLep 


Figure 12.26: An Operational Model of a Faraday Shield 


Buffering ADCs Against Logic Noise 


If we have a high resolution data converter (ADC or DAC) connected to a high speed 
data bus which carries logic noise with a 2 V/ns to 5 V/ns edge rate, this noise is easily 
connected to the converter analog port via stray capacitance across the device. Whenever 
the data bus is active, intolerable amounts of noise are capacitively coupled into the 
analog port, thus seriously degrading performance. 


ADC CMOS 
Ic BUFFER/LATCH 

ANALOG ___| 

INPUT 

PORT(S) — | 

NOISY 
DATA BUS 
N N 


@ THE OUTPUT BUFFERILATCH ACTS AS A FARADAY 
SHIELD BETWEEN “N” LINES OF A FAST, NOISY DATA 
BUS AND A HIGH PERFORMANCE ADC. 


@ THIS MEASURE ADDS COST, BOARD AREA, POWER 
CONSUMPTION, RELIABILITY REDUCTION, DESIGN 


COMPLEXITY, AND MOST IMPORTANTLY, 
IMPROVED PERFORMANCE! 


Figure 12.27: A High Speed ADC IC Sitting on a Fast Data Bus Couples Digital 
Noise into the Analog Port, thus Limiting Performance 
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This particular effect is illustrated by the diagram of Figure 12.27, where multiple 
package capacitors couple noisy edge signals from the data bus into the analog input of 
an ADC. 


Present technology offers no cure for this problem, within the affected IC device itself. 
The problem also limits performance possible from other broadband monolithic mixed 
signal ICs with single chip analog and digital circuits. Fortunately, this coupled noise 
problem can be simply avoided, by not connecting the data bus directly to the converter. 
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Figure 12.28: A High Speed ADC IC Using a CMOS Buffer/Latch at the Output 
Shows Enhanced Immunity of Digital Data Bus Noise 


Instead, use a CMOS latched buffer as a converter-to-bus interface, as shown by 
Figure 12.28. Now the CMOS buffer IC acts as a Faraday shield, and dramatically 
reduces noise coupling from the digital bus. This solution costs money, occupies board 
area, reduces reliability (very slightly), consumes power, and it complicates the design— 
but it does improve the signal-to-noise ratio of the converter! The designer must decide 
whether it is worthwhile for individual cases, but in general it is highly recommended. 


High Circuit Impedances are Susceptible to Noise Pickup 


Since low power circuits tend to use high value resistors to conserve power, this tends to 
make the circuit more susceptible to externally induced radiated noise and conducted 
noise. Even a small amount of parasitic capacitance can create a significant conduction 
path for noise to penetrate. 
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For example, as little as 1 pF of parasitic capacitance allows a 5 V logic transition to 
cause a large disturbance in a 100 kQ circuit as illustrated in Figure 12.29 


This serves to illustrate that high impedance circuits are full of potential parasitics which 
can cause a good paper design to perform poorly when actually implemented. One needs 
to pay particular attention to the routing of signals. Interestingly, many high frequency 
layout techniques for eliminating parasitics can also be applied here for low frequency, 
low power circuits—for different reasons. While circuit parasitics cause unwanted phase 
shifts and instabilities in high frequency circuits, the same parasitics pick up unwanted 
noise in low power precision circuits. 


Cg = 1pF STRAY 
CAPACITANCE 20mV/DIV (BOTTOM) 


VERT. SCALE: 5V/DIV (TOP) 


HORIZ. SCALE: 100ys/DIV 


Figure 12.29 High Circuit Impedances Increase Susceptibility to Noise Pickup 


As discussed in the chapter on amplifiers, current feedback amplifiers do not like to have 
capacitances on their inputs. To that end, ground planes should be cut back from the input 
pins as shown in Fig. 12.30, which is an evaluation board for the AD8001 high speed 
current feedback amplifier. The effect of even small capacitance on the input of a current 
feedback amplifier is shown in Fig. 12.31. Note the ringing on the output. 
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Fig. 12.30a: AD8001AR (SOIC) Evaluation Board—Top View 


Fig. 12.30b: AD8001AR (SOIC) Evaluation Board—Bottom View 


12.32 


PRINTED CIRCUIT BOARD ISSUES 
TRACES 


NO CAPACITOR WITH CAPACITOR 


VERTICAL SCALE: 100mV/div 
HORIZONTAL SCALE: 10ns/div 


Figure 12.31: Effects of 10 pF Stray Capacitance on the Inverting Input on 
Amplifier (AD8001) Pulse Response 


Skin Effect 


At high frequencies, also consider skin effect, where inductive effects cause currents to 
flow only in the outer surface of conductors. Note that this is in contrast to the earlier 
discussions of this section on dc resistance of conductors. 


The skin effect has the consequence of increasing the resistance of a conductor at high 
frequencies. Note also that this effect is separate from the increase in impedance due to 
the effects of the self-inductance of conductors as frequency is increased. 


MICROSTRIP 
CONDUCTOR 

/ (CURRENT FLOW NORMAL 
TO DIAGRAM) 


HF CURRENT FLOWS IN ONE 


Bie EeTnics SIDE OF THE CONDUCTOR ONLY 


CURRENT FLOW 


Figure 12.32: Skin Depth in a PCB Conductor 
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Skin effect is quite a complex phenomenon, and detailed calculations are beyond the 
scope of this discussion. However, a good approximation for copper is that the skin depth 
in centimeters is 6.61/Vf, (f in Hz). A summary of the skin effect within a typical PCB 
conductor foil is shown in Figure 12.32. Note that this copper conductor cross-sectional 
view assumes looking into the side of the conducting trace. Assuming that skin effects 
become important when the skin depth is less than 50% of the thickness of the conductor, 
this tells us that for a typical PC foil, we must be concerned about skin effects at 
frequencies above approximately 12 MHz. 


Where skin effect is important, the resistance for copper is 2.6 x 10-7 Vf Q/square, (f in 
Hz). This formula is invalid if the skin thickness is greater than the conductor thickness 
(i.e., at dc or LF). 


Figure 12.33 illustrates a case of a PCB conductor with current flow, as separated from 
the ground plane underneath. 


@HF Current flows only 
in thin surface layers 


BOTTOM 
@Skin Depth: 6.61//f cm, fin Hz 


@Skin Resistance: 2.6 x 10°\f ohms per square, f in Hz 


@ Since skin currents flow in both sides of a PC track, the 
value of skin resistance in PCBs must take account of this 


Figure 12.33: Skin Effect with PCB Conductor and Ground Plane 


In this diagram, note the (dotted) regions of HF current flow, as reduced by the skin 
effect. When calculating skin effect in PCBs, it is important to remember that current 
generally flows in both sides of the PC foil (this is not necessarily the case in microstrip 
lines, see below), so the resistance per square of PC foil may be half the above value. 
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Transmission Lines 


We earlier considered the benefits of outward and return signal paths being close together 
so that inductance is minimized. As shown previously in Figure 7-30, when an HF signal 
flows in a PC track running over a ground plane, the arrangement functions as a 
microstrip transmission line, and the majority of the return current flows in the ground 
plane directly underneath the line. 


Figure 12.34 shows the general parameters for a microstrip transmission line, given the 
conductor width, w, dielectric thickness, h, and the dielectric constant, E,. 


The characteristic impedance of such a microstrip line will depend upon the width of the 


track and the thickness and dielectric constant of the PCB material. Designs of microstrip 
lines are covered in more detail later in this chapter. 


CONDUCTOR 


<w 
DIELECTRIC 


GROUND PLANE 


Figure 12.34: A PCB Microstrip Transmission Line Is an Example of a 
Controlled Impedance Conductor Pair 


For most de and lower frequency applications, the characteristic impedance of PCB 
traces will be relatively unimportant. Even at frequencies where a track over a ground 
plane behaves as a transmission line, it is not necessary to worry about its characteristic 
impedance or proper termination if the free space wavelengths of the frequencies of 
interest are greater than ten times the length of the line. 


However, at VHF and higher frequencies it is possible to use PCB tracks as microstrip 
lines within properly terminated transmission systems. Typically the microstrip will be 
designed to match standard coaxial cable impedances, such as 50 Q, 75 Q, or 100 Q, 
simplifying interfacing. 


Note that if losses in such systems are to be minimized, the PCB material must be chosen 
for low/high frequency losses. This usually means the use of Teflon or some other 
comparably low-loss PCB material. Often, though, the losses in short lines on cheap 
glass-fiber board are small enough to be quite acceptable. 


12-35 


[i BASIC LINEAR DESIGN 


Design PCBs Thoughtfully 


Once the system's critical paths and circuits have been identified, the next step in 
implementing sound PCB layout is to partition the printed circuit board according to 
circuit function. This involves the appropriate use of power, ground, and signal planes. 
Good PCB layouts also isolate critical analog paths from sources of high interference 
(I/O lines and connectors, for example). High frequency circuits (analog and digital) 
should be separated from low frequency ones. Furthermore, automatic signal routing 
CAD layout software should be used with extreme caution. Critical signal paths should 
be routed by hand, to avoid undesired coupling and/or emissions. 


Properly designed multilayer PCBs can reduce EMI emissions and increase immunity to 
RF fields, by a factor of 10 or more, compared to double-sided boards. A multilayer 
board allows a complete layer to be used for the ground plane, whereas the ground plane 
side of a double-sided board is often disrupted with signal crossovers, etc. If the system 
has separate analog and digital ground and power planes, the analog ground plane should 
be underneath the analog power plane, and similarly, the digital ground plane should be 
underneath the digital power plane. There should be no overlap between analog and 
digital ground planes, nor analog and digital power planes. 


Designing Controlled Impedances Traces on PCBs 


A variety of trace geometries are possible with controlled impedance designs, and they 
may be either integral to or allied to the PCB pattern. In the discussions below, the basic 
patterns follow those of the IPC, as described in standard 2141 (see Reference 16). 


Note that the figures below use the term "ground plane." It should be understood that this 


plane is in fact a large area, low impedance reference plane. In practice it may actually be 
either a ground plane or a power plane, both of which are assumed to be at zero ac 


potential. 
D 
WIRE 
a oe4 


DIELECTRIC H 


WMMMMM@E@CH@EM 
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GROUND PLANE 


Figure 12.35: A Wire Microstrip Transmission Line With Defined Impedance is 
Formed by an Insulated Wire Spaced From a Ground Plane 


The first of these is the simple wire-over-a-plane form of transmission line, also called a 
wire microstrip. A cross-sectional view is shown in Figure 12.35. This type of 
transmission line might be a signal wire used within a breadboard, for example. It is 
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composed simply of a discrete insulated wire spaced a fixed distance over a ground 
plane. The dielectric would be either the insulation wall of the wire, or a combination of 
this insulation and air. 


The impedance of this line in ohms can be estimated with Eq. 12-2. 


60 4H 
Z_(Q.) = — In| — |. Eq. 12-2 
o(Q) lex 1 D q 


where: 
D = the conductor diameter 
H = the wire spacing above the plane 
& = the dielectric constant of the material relative to air. 


For patterns integral to the PCB, there are a variety of geometric models from which to 
choose, single-ended and differential. These are covered in some detail within IPC 
standard 2141 (see Reference 16), but information on two popular examples is shown 
here. 


Before beginning any PCB-based transmission line design, it should be understood that 
there are abundant equations, all claiming to cover such designs. In this context, "Which 
of these are accurate?" is an extremely pertinent question. The unfortunate answer is, 
none are perfectly so! All of the existing equations are approximations, and thus accurate 
to varying degrees, depending upon specifics. The best known and most widely quoted 
equations are those of Reference 16, but even these come with application caveats. 


Reference 17 has evaluated the Reference 16 equations for various geometric patterns 
against test PCB samples, finding that predicted accuracy varies according to target 
impedance. Reference 18 also evaluates the Reference 16 equations, offering an 
alternative and even more complex set (see Reference 19). The equations quoted below 
are from Reference 16, and are offered here as a starting point for a design, subject to 
further analysis, testing and design verification. The bottom line is, study carefully, and 
take PCB trace impedance equations with a proper dose of salt. 
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Microstrip PCB Transmission Lines 


For a simple two-sided PCB design where one side is a ground plane, a signal trace on 
the other side can be designed for controlled impedance. This geometry is known as a 
surface microstrip, or more simply, microstrip. 


A cross-sectional view of a two-layer PCB illustrates this microstrip geometry as shown 
in Figure 12.36. 


DIELECTRIC 


MMMMMMM@@EC@q=qMUl 


aw 
GROUND PLANE 


Figure 12.36: A Microstrip Transmission Line with Defined Impedance Is 
Formed by a PCB Trace of Appropriate Geometry, Spaced from a Ground Plane 


For a given PCB laminate and copper weight, note that all parameters will be 
predetermined except for W, the width of the signal trace. Eq. 12-3 can then be used to 
design a PCB trace to match the impedance required by the circuit. For the signal trace of 
width W and thickness T, separated by distance H from a ground (or power) plane by a 
PCB dielectric with dielectric constant €,, the characteristic impedance is: 


7,(0)- a 


~ Je, +141 |(0.8w +T) 


Note that in these expressions, measurements are in common dimensions (mils). 


Eq. 12-3 


These transmission lines will have not only a characteristic impedance, but also 
capacitance. This can be calculated in terms of pF/in as shown in Eq. 12-4. 


0.67 (c, + 1.41) 


Co(pF/in ) = 
(Pin) In[5.98H /(0.8W + T)| Eq. 12-4 


As an example including these calculations, a 2-layer board might use 20-mil wide (W), 
1 ounce (T = 1.4) copper traces separated by 10-mil (H) FR-4 (€ = 4.0) dielectric 
material. The resulting impedance for this microstrip would be about 50 Q. For other 
standard impedances, for example the 75 video standard, adjust "W" to about 8.3 mils. 
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Some Microstrip Guidelines 


This example touches an interesting and quite handy point. Reference 17 discusses a 
useful guideline pertaining to microstrip PCB impedance. For a case of dielectric 
constant of 4.0 (FR-4), it turns out that when W/H is 2/1, the resulting impedance will be 
close to 50 Q (as in the first example, with W=20 mils). 


Careful readers will note that Eq. 9.21 predicts Z, to be about 46 Q, generally consistent 
with accuracy quoted in Reference 17 (>5%). The IPC microstrip equation is most 
accurate between 50 Q and 100 Q, but is substantially less so for lower (or higher) 
impedances. Reference 20 gives tabular results of various PCB industry impedance 
calculator tools. 


The propagation delay of the microstrip line can also be calculated, as per Eq. 12-5. This 
is the one-way transit time for a microstrip signal trace. Interestingly, for a given 
geometry model, the delay constant in ns/ft is a function only of the dielectric constant, 
and not the trace dimensions (see Reference 21). Note that this is quite a convenient 
situation. It means that, with a given PCB laminate (and given ¢,), the propagation delay 
constant is fixed for various impedance lines. 


t pd (ns/ft )= 1.017 0.475 €, + 0.67 Eq, 12-5 


This delay constant can also be expressed in terms of ps/in, a form which will be more 
practical for smaller PCBs. This is: 


t pd (ps/in ) = 85,/0.475 &, + 0.67 Bg, 12.6 


Thus for an example PCB dielectric constant of 4.0, it can be noted that a microstrip's 


delay constant is about 1.63 ns/ft, or 136 ps/in. These two additional guidelines can be 
useful in designing the timing of signals across PCB trace runs. 
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Symmetric Stripline PCB Transmission Lines 


A method of PCB design preferred from many viewpoints is a multilayer PCB. This 
arrangement embeds the signal trace between a power and a ground plane, as shown in 
the cross-sectional view of Figure 9.142. The low impedance ac-ground planes and the 
embedded signal trace form a symmetric stripline transmission line. 


DIELECTRIC : 
GROUND, oe Sie 1A 
POWER VIII B 
PLANES A A 
EMBEDDED a | 
TRACE M 


MMMMM@@@EECH@CMMla 


Figure 12.37: A Symmetric Stripline Transmission Line With Defined Impedance 
is Formed by a PCB Trace of Appropriate Geometry Embedded Between Equally 
Spaced Ground and/or Power Planes 


As can be noted from the figure, the return current path for a high frequency signal trace 
is located directly above and below the signal trace on the ground/power planes. The high 
frequency signal is thus contained entirely inside the PCB, minimizing emissions, and 
providing natural shielding against incoming spurious signals. 


The characteristic impedance of this arrangement is again dependent upon geometry and 
the ¢, of the PCB dielectric. An expression for Zo of the stripline transmission line is: 


Ego)= Te aloes . 


Here, all dimensions are again in mils, and B is the spacing between the two planes. In 
this symmetric geometry, note that B is also equal to 2H + T. Reference 17 indicates that 
the accuracy of this Reference 16 equation is typically on the order of 6%. 


Eq. 12.7 


Another handy guideline for the symmetric stripline in an ¢, = 4.0 case is to make B a 
multiple of W, in the range of 2 to 2.2. This will result in an stripline impedance of about 
50 ©. Of course this rule is based on a further approximation, by neglecting T. 
Nevertheless, it is still useful for ballpark estimates. 
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The symmetric stripline also has a characteristic capacitance, which can be calculated in 
terms of pF/in: 


1.41 («,) 
In[3.81H /(0.8w +T)| Eq. 12-8 


Co(pF/in ) = 


The propagation delay of the symmetric stripline is shown in Eq. 12-9. 


tog (ns/ft ) = 1.017 
pa (ns/f) = Eq. 12-9 


or, in terms of ps: 


tod (ps/in )= S5aieu 


Eq. 12-10 


For a PCB dielectric constant of 4.0, it can be noted that the symmetric stripline’s delay 
constant is almost exactly 2 ns/ft, or 170 ps/in. 
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Some Pros and Cons of Embedding Traces 


The above discussions allow the design of PCB traces of defined impedance, either on a 
surface layer or embedded between layers. There of course are many other considerations 
beyond these impedance issues. 


Embedded signals do have one major and obvious disadvantage—the debugging of the 
hidden circuit traces is difficult to impossible. Some of the pros and cons of embedded 
signal traces are summarized in Figure 12.38. 


NOT EMBEDDED EMBEDDED 
Route Power 
Power Route 
Ground & Route 
Route Ground 


m Advantages 
e Signal traces shielded and protected 
e Lower impedance, thus lower emissions and crosstalk 
e Significant improvement > 50MHz 
m Disadvantages 
e Difficult prototyping and troubleshooting 
@ Decoupling may be more difficult 
e Impedance may be too low for easy matching 


Figure 12.38: The Pros and Cons of Not Embedding vs. Embedding of Signal 
Traces in Multilayer PCB Designs 


Multilayer PCBs can be designed without the use of embedded traces, as is shown in the 
left-most cross-sectional example. This embedded case could be considered as a doubled 
two layer PCB design (i.e., four copper layers overall). The routed traces at the top form a 
microstrip with the power plane, while the traces at the bottom form a microstrip with the 
ground plane. In this example, the signal traces of both outer layers are readily accessible 
for measurement and troubleshooting purposes. But, the arrangement does nothing to 
take advantage of the shielding properties of the planes. 


This nonembedded arrangement will have greater emissions and susceptibility to external 
signals, vis-a-vis the embedded case at the right, which uses the embedding, and does 
take full advantage of the planes. As in many other engineering efforts, the decision of 
embedded vs. nonembedded for the PCB design becomes a tradeoff, in this case one of 
reduced emissions vs. ease of testing. 
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Dealing with High Speed Logic 


Much has been written about terminating PCB traces in their characteristic impedance, to 
avoid signal reflections. A good guideline to determine when this is necessary is as 
follows: Terminate the transmission line in its characteristic impedance when the one- 
way propagation delay of the PCB track is equal to or greater than one-half the applied 
signal rise/fall time (whichever edge is faster). For example, a 2 inch microstrip line over 
an E, = 4.0 dielectric would have a delay of ~270 ps. Using the above rule strictly, 
termination would be appropriate whenever the signal rise time is < ~500 ps. A more 
conservative rule is to use a 2 inch (PCB track length)/nanosecond (rise/fall time) rule. If 
the signal trace exceeds this trace-length/speed criterion, then termination should be used. 


For example, PCB tracks for high speed logic with rise/fall time of 5 ns should be 
terminated in their characteristic impedance if the track length is equal to or greater than 
10 inches (where measured length includes meanders). 


As an example of what can be expected today in modern systems, Figure 12.39 shows 
typical rise/fall times for several logic families including the SHARC DSPs operating on 
+3.3V supplies. As would be expected, the rise/fall times are a function of load 
capacitance. 


@ GaAs: 0.1ns 
@ ECL: 0.75ns 
@ ADISHARC DSPs: 0.5ns TO 1ns (OPERATING ON +3.3V SUPPLY) 


= 0.0796X + 1.17 Fee 
RISE TIME 


ASDP-21060I 
SHARC: 


RISE AND FALL TIMES - ns (10%-90%) 


0 20 40 60 80 100 120 140 160 180 200 
LOAD CAPACITANCE — pF 


Figure 12.39: Typical DSP Output Rise Times and Fall Times 


In the analog domain, it is important to note that this same 2 inch/nanosecond rule of 
thumb should also be used with op amps and other circuits, to determine the need for 
transmission line techniques. For instance, if an amplifier must output a maximum 
frequency of fmax, then the equivalent rise time t, is related to this finax. This limiting rise 
time, t,, can be calculated as: 

t; = 0.35/fmax Eq. 12-11 
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The maximum PCB track length is then calculated by multiplying t, by 
2 inch/nanosecond. For example, a maximum frequency of 100 MHz corresponds to a 
rise time of 3.5 ns, so a 7-inch or more track carrying this signal should be treated as a 
transmission line. 


The best ways to keep sensitive analog circuits from being affected by fast logic are to 
physically separate the two by the PCB layout, and to use no faster logic family than is 
dictated by system requirements. In some cases, this may require the use of several logic 
families in a system. An alternative is to use series resistance or ferrite beads to slow 
down the logic transitions where highest speed isn't required. Figure 12.40 shows two 
methods. 


R < 2 inches 
LOGIC v \ LOGIC 
—| GATE 7 O-VV i GATE CO 
Cin 
Risetime = 2.2 R-Cyy V7 
> 2 inches 
LOGIC . 4 N LOGIC 


—_| Gate “CVV | | GATE ° 
c Cy 
ae WY 


Risetime = 2.2 R-(C + Cyn) 


Figure 12.40: Damping Resistors Slow Down Fast Logic Edges to 
Minimize EMI/RFI Problems 


In the first, the series resistance and the input capacitance of the gate form a low-pass 
filter. Typical CMOS input capacitance is 5 pF tol0 pF. Locate the series resistor close to 
the driving gate. The resistor minimizes transient currents and may eliminate the 
necessity of using transmission line techniques. The value of the resistor should be 
chosen such that the rise and fall times at the receiving gate are fast enough to meet 
system requirement, but no faster. Also, make sure that the resistor is not so large that the 
logic levels at the receiver are out of specification because of the voltage drop caused by 
the source and sink current which flow through the resistor. The second method is 
suitable for longer distances (>2 inches), where additional capacitance is added to slow 
down the edge speed. Notice that either one of these techniques increases delay and 
increases the rise/fall time of the original signal. This must be considered with respect to 
the overall timing budget, and the additional delay may not be acceptable. 
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Figure 12.41 shows a situation where several DSPs must connect to a single point, as 
would be the case when using read or write strobes bidirectionally connected from 
several DSPs. Small damping resistors shown in Figure 12.41A can minimize ringing 
provided the length of separation is less than about 2 inches. This method will also 
increase rise/fall times and propagation delay. If two groups of processors must be 
connected, a single resistor between the pairs of processors as shown in Figure 12.41B 
can serve to damp out ringing. 


A STAR CONNECTION 
DAMPING RESISTORS 


USE FOR RD, WR 
STROBES 


NOTE: THESE TECHNIQUES 
INCREASE RISE/FALL TIMES 
AND PROPAGATION DELAY 


B SINGLE DAMPLING 
RESISTOR BETWEEN 
PROCESSOR GROUPS 


Figure 12.41: Series Damping Resistors for High Speed DSP Interconnections 


The only way to preserve | ns or less rise/fall times over distances greater than about 
2 inches without ringing is to use transmission line techniques. Figure 12.42 shows two 
popular methods of termination: end termination and source termination. The end 
termination method (Figure 12.42A) terminates the cable at its terminating point in the 
characteristic impedance of the microstrip transmission line. Although higher impedances 
can be used, 50 Q is popular because it minimizes the effects of the termination 
impedance mismatch due to the input capacitance of the terminating gate (usually 5 pF to 
10 pF). 


In Figure 12.42A, the cable is terminated in a Thevenin impedance of 50 © terminated to 
+1.4 V (the midpoint of the input logic threshold of 0.8 V and 2.0 V). This requires two 
resistors (91 Q and 120 Q), which add about 50 mW to the total quiescent power 
dissipation to the circuit. Figure 12.42A also shows the resistor values for terminating 
with a +5 V supply (68 O and 180 Q). Note that 3.3-V logic is much more desirable in 
line driver applications because of its symmetrical voltage swing, faster speed, and lower 
power. Drivers are available with less than 0.5 ns time skew, source, and sink current 
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capability greater than 25 mA, and rise/fall times of about 1 ns. Switching noise 
generated by 3.3 V logic is generally less than 5 V logic because of the reduced signal 
swings and lower transient currents. 


TYPICAL DRIVERS: fom ims bee ey «Gl 


M@ 74FCT3807/A (IDT) 43.3V 0 --------- > +5.0V 
A @ 74ACTQ240 (Fairchild) 
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72mW 


Zo = 500 


a eee 910 680 
22mW 29mW 
GROUND PLANE VY 1 4 
END TERMINATION ~0UU 
B SOURCE TERMINATION 


Zo © 102 


390 - 
Zo = 500 


> 


RULE OF THUMB: USE TRANSMISSION LINE IF DISTANCE IS 
MORE THAN 2"/ns OF LOGIC RISE/FALL TIME 


50Q PC BOARD TRANSMISSION LINE DELAY ~& 1ns / 7" 


Figure 12.42: Termination Techniques for Controlled 
Impedance Microstrip Transmission Lines 


The source termination method, shown in Figure 12.42B, absorbs the reflected waveform 
with an impedance equal to that of the transmission line. This requires about 39 Q in 
series with the internal output impedance of the driver, which is generally about 10 Q. 
This technique requires that the end of the transmission line be terminated in an open 
circuit, therefore no additional fanout is allowed. The source termination method adds no 
additional quiescent power dissipation to the circuit. 


Figure 12.43 shows a method for distributing a high speed clock to several devices. The 
problem with this approach is that there is a small amount of time skew between the 
clocks because of the propagation delay of the microstrip line (approximately 1 ns /7"). 
This time skew may be critical in some applications. It is important to keep the stub 
length to each device less than 0.5" in order to prevent mismatches along the transmission 
line. 


The clock distribution method shown in Figure 12.44 minimizes the clock skew to the 
receiving devices by using source terminations and making certain the length of each 
microstrip line is equal. There is no extra quiescent power dissipation as would be the 
case using end termination resistors. 
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Figure 12.45 shows how source terminations can be used in bidirectional link port 
transmissions between SHARC DSPs. The output impedance of the SHARC driver is 
approximately 17 Q, and therefore a 33 © series resistor is required on each end of the 
transmission line for proper source termination. 


The method shown in Figure 12.46 can be used for bidirectional transmission of signals 
from several sources over a relatively long transmission line. In this case, the line is 
terminated at both ends, resulting in a de load impedance of 25 Q. SHARC drivers are 
capable of driving this load to valid logic levels. 


TRANSMISSION LINE Z, = 50Q 


CLOCK 


50Q PC BOARD TRANSMISSION LINE DELAY ~* 1ns / 7" 
NOTE: KEEP STUB LENGTH < 0.5" 
NOT RECOMMENDED FOR SYNCHRONIZED SHARC OPERATION! 


Figure 12.43: Clock Distribution Using End-of-Line Termination 


CLOCK 


* Same 
Package 


Figure 12.44: Preferred Method of Clock Distribution 
Using Source Terminated Transmission Lines 
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Figure 12.45: Source Termination for Biirectional 
Transmission Between SHARC DSPs 


NOTE: KEEP STUB LENGTH < 0.5" 
NOT RECOMMENDED FOR CLOCKS IN SYNCHRONIZED SHARC OPERATION! 


Figure 12.46: Single Transmission Line Terminated at Both Ends 


Emitter-coupled-logic (ECL) has long been known for low noise and its ability to drive 
terminated transmission lines with rise/fall times less than 2 ns. The family presents a 
constant load to the power supply, and the low level differential outputs provide a high 
degree of common-mode rejection. However, ECL dissipates lots of power. 
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Low Voltage Differential Signaling (LVDS) 


Recently, low-voltage-differential-signaling (LVDS) logic has attained widespread 
popularity because of similar characteristics, but with lower amplitudes and lower power 
dissipation than ECL. The defining LVDS specification can be found in the References. 
The LVDS logic swing is typically 350 mV peak-to-peak centered about a common- 
mode voltage of +1.2 V. A typical driver and receiver configuration is shown in 
Figure 12.47. The driver consists of a nominal 3.5 mA current source with polarity 
switching provided by PMOS and NMOS transistors as in the case of the AD9430 12-bit, 
170-MSPS/210-MSPS ADC. The output voltage of the driver is nominally 350 mV peak- 
to-peak at each output, and can vary between 247 mV and 454 mV. The output current 
can vary between 2.47 mA and 4.54 mA. The LVDS receiver is terminated in a 100 Q 
line-to-line. According to the LVDS specification, the receiver must respond to signals as 
small as 100 mV, over a common-mode voltage range of 50 mV to +2.35 V. The wide 
common-mode receiver voltage range is to accommodate ground voltage differences up 
to +1 V between the driver and receiver. 
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Figure 12.47: LVDS Driver and Receiver 


The LVDS edge speed is defined as the 20% to 90% rise/fall time (as opposed to 10% to 
90% for CMOS logic) and specified to be less than < 0.3 tyi, where t,; is the inverse of the 
data signaling rate. For a 210 MSPS sampling rate, tui = 4.76 ns, and the 20% to 80% 
rise/fall time must be less than 0.3 x 4.76 = 1.43 ns. For the AD9430, the rise/fall time is 
nominally 0.5 ns. 
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LVDS outputs for high performance ADCs should be treated differently than standard 
LVDS outputs used in digital logic. While standard LVDS can drive 1 meter to 10 meters 
in high speed digital applications (dependent on data rate), it is not recommended to let a 
high performance ADC drive that distance. It is recommended to keep the output trace 
lengths short (< 2 in.), minimizing the opportunity for any noise coupling onto the 
outputs from the adjacent circuitry, which may get back to the analog inputs. The 
differential output traces should be routed close together, maximizing common-mode 
rejection, with the 100 © termination resistor close to the receiver. Users should pay 
attention to PCB trace lengths to minimize any delay skew. A typical differential 
microstrip PCB trace cross section is shown in Figure 12.48 along with some 
recommended layout guidelines. 


DIFF PAIR 1 DIFF PAIR 2 


GROUND 


@ Keep T,,, Ts, and D constant over the trace length 
@ Keep Tg ~ < 2Ty 

@ Avoid use of vias if possible 

@ Keep D>2Ts; 

@ Avoid 90° bends if possible 

@ Design Ty and Tg for ~ 50Q 


Figure 12.48: Microstrip PCB Layout for Two Pairs of LVDS Signals 


LVDS also offers some benefits in reduced EMI. The EMI fields generated by the 
opposing LVDS currents tend to cancel each other (for matched edge rates). In high 
speed ADCs, LVDS offers simpler timing constraints compared to demultiplexed CMOS 
outputs at similar data rates. A demultiplexed data bus requires a synchronization signal 
that is not required in LVDS. In demuxed CMOS buses, a clock equal to one-half the 
ADC sample rate is needed, adding cost and complexity, that is not required in LVDS. 
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SECTION 3: GROUNDING 


In this section we discuss grounding. This is undoubtedly one of the most difficult 
subjects in system design. While the basic concepts are relatively simple, implementation 
is very involved. 


For linear systems the ground is the reference against which we base our signal. 
Unfortunately, it has also become the return path for the power supply current in unipolar 
supply systems. Improper application of grounding strategies can destroy high accuracy 
linear system performance. 


Grounding is an issue for all analog designs, and it can be said that implementing a PCB 
based circuit doesn’t change the fact that proper implementation is essential. Fortunately, 
certain principles of quality grounding, namely the use of ground planes, are intrinsic to 
the PCB environment. This factor is one of the more significant advantages to PCB based 
analog designs, and appreciable discussion of this section is focused on this issue. 


Some other aspects of grounding that must be managed include the control of spurious 
ground and signal return voltages that can degrade performance. These voltages can be 
due to external signal coupling, common currents, or simply excessive IR drops in 
ground conductors. Proper conductor routing and sizing, as well as differential signal 
handling and ground isolation techniques enable control of such parasitic voltages. 


One final area of grounding to be discussed is grounding appropriate for a mixed-signal, 
analog/digital environment. Indeed, the single issue of quality grounding can influence 
the entire layout philosophy of a high performance mixed signal PCB design—as it well 
should. 


Today's signal processing systems generally require mixed-signal devices such as analog- 
to-digital converters (ADCs) and digital-to-analog converters (DACs) as well as fast 
digital signal processors (DSPs). Requirements for processing analog signals having wide 
dynamic ranges increase the importance of high performance ADCs and DACs. 
Maintaining wide dynamic range with low noise in hostile digital environments is 
dependent upon using good high speed circuit design techniques, including proper signal 
routing, decoupling, and grounding. 


In the past, “high precision, low speed" circuits have generally been viewed differently 
than so-called "high speed" circuits. With respect to ADCs and DACs, the sampling (or 
update) frequency has generally been used as the distinguishing speed criteria. However, 
the following two examples show that in practice, most of today's signal processing ICs 
are really "high speed," and must therefore be treated as such in order to maintain high 
performance. This is certainly true of DSPs, and also true of ADCs and DACs. 


All sampling ADCs (ADCs with an internal sample-and-hold circuit) suitable for signal 
processing applications operate with relatively high speed clocks with fast rise and fall 
times (generally a few nanoseconds) and must be treated as high speed devices, even 
though throughput rates may appear low. For example, a medium speed 12-bit successive 
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approximation (SAR) ADC may operate on 10-MHz internal clock, while the sampling 
rate is only 500 kSPS. 


Sigma-delta (Z-A) ADCs also require high speed clocks because of their high 
oversampling ratios. Even high resolution, so-called "low frequency" X-A industrial 
measurement ADCs (having throughputs of 10 Hz to 7.5 kHz) operate on 5-MHz or 
higher clocks and offer resolution to 24-bits (for example, the Analog Devices AD77xx- 
series). 


To further complicate the issue, mixed-signal ICs have both analog and digital ports, and 
because of this, much confusion has resulted with respect to proper grounding techniques. 
In addition, some mixed-signal ICs have relatively low digital currents, while others have 
high digital currents. In many cases, these two types must be treated differently with 
respect to optimum grounding. 


Digital and analog design engineers tend to view mixed-signal devices from different 
perspectives, and the purpose of this section is to develop a general grounding philosophy 
that will work for most mixed signal devices, without having to know the specific details 
of their internal circuits. 


From the previous discussion it should be clear that the issue of grounding can not be 
handled in a “cookbook” approach. Unfortunately we can not give a list of things to do 
that will guarantee success. We can say that there are certain things that if they aren’t 
done will probably lead do difficulties. And, what works in one frequency range may not 
necessarily work in another frequency range. And, often, there are competing 
requirements. The best way to handle grounding is to understand how the currents flow. 


Star Ground 


The "star" ground philosophy builds on the theory that there is one single ground point in 
a circuit to which all voltages are referred. This is known as the star ground point. It can 
be better understood by a visual analogy—the multiple conductors extending radially 
from the common schematic ground resemble a star. Note that the star point need not 
look like a star—it may be a point on a ground plane—but the key feature of the star 
ground system is that all voltages are measured with respect to a particular point in the 
ground network, not just to an undefined "ground" (i.e., wherever one can clip a probe). 


This star grounding philosophy is reasonable theoretically, but is difficult to implement 
practically. For example, if we design a star ground system, drawing out all signal paths 
to minimize signal interaction and the effects of high impedance signal or ground paths, 
we often find implementation problems. When the power supplies are added to the circuit 
diagram, they either add unwanted ground paths, or their supply currents flowing in the 
existing ground paths are sufficiently so large, or noisy (or both) so as to corrupt the 
signal transmission. This particular problem can often be avoided by having separate 
power supplies (and thus separate ground returns) for the various circuit portions. For 
example, separate analog and digital supplies with separate analog and digital grounds, 
joined at the star point, are common in mixed signal applications. 
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Separate Analog and Digital Grounds 


As a fact of life, digital circuitry is noisy. Saturating logic, such as TTL and CMOS, 
draws large, fast current spikes from its supply during switching. However, logic stages, 
with hundreds of millivolts (or more) of noise immunity, usually have little need for high 
levels of supply decoupling. 


On the other hand, analog circuitry is quite vulnerable to noise on both power supply rails 
and grounds. So, it is very sensible to separate analog and digital circuitry, to prevent 
digital noise from corrupting analog performance. Such separation involves separation of 
both ground returns and power rails, which is inconvenient in a mixed signal system. 


Nevertheless, if a mixed signal system is to deliver full performance capability, it is often 
essential to have separate analog and digital grounds, and separate power supplies. The 
fact that some analog circuitry will "operate" (i.e., function) from a single +5 V supply 
does not mean that it may optimally be operated from the same noisy +5 V supply as the 
microprocessor and dynamic RAM, the electric fan, and other high current devices! What 
is required is that the analog portion operate with full performance from such a low 
voltage supply, not just be functional. This distinction will by necessity require quite 
careful attention to both the supply rails and the ground interfacing. 


Note that analog and digital ground in a system must be joined at some point (the star 
ground concept), to allow signals to be referred to a common potential. This star point, or 
analog/digital common point, is chosen so that it does not introduce digital currents into 
the ground of the analog part of the system—it is often convenient to make the 
connection at the power supplies. 


Note also that many ADCs and DACs have separate analog ground (AGND) and digital 
ground (DGND) pins. On the device data sheets, users are often advised to connect these 
pins together at the package. This seems to conflict with the advice to connect analog and 
digital ground at the power supplies, and, in systems with more than one converter, with 
the advice to join the analog and digital ground at a single point. 


There is, in fact, no conflict. The labels "analog ground" and "digital ground" on these 
pins refer to the internal parts of the converter to which the pins are connected, and not to 
the system grounds to which they must go. For example, with an ADC, generally these 
two pins should be joined together and to the analog ground of the system. It is not 
possible to join the two pins within the IC package, because the analog part of the 
converter cannot tolerate the voltage drop resulting from the digital current flowing in the 
bond wire to the chip. But they can be so tied, externally. 


Figure 12.49 illustrates this concept of ground connections for an ADC. If these pins are 
connected in this way, the digital noise immunity of the converter is diminished 
somewhat, by the amount of common-mode noise between the digital and analog system 
grounds. However, since digital noise immunity is of the order of hundreds or thousands 
of millivolts, this factor is unlikely to be important. 
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The analog noise immunity is diminished only by the external digital currents of the 
converter itself flowing in the analog ground. These currents should be kept quite small, 
and this can be minimized by ensuring that the converter outputs don’t see heavy loads. A 
good solution towards this is to use a low input current buffer at the ADC output, such as 
a CMOS buffer-register IC. 


DIGITAL OUTPUTS 


CONVERTER INTERNAL 
DIGITAL 
CURRENT 


AGND DGND 
EXTERNAL DIGITAL 
CURRENT RETURNS 
THROUGH LOW 
IMPEDANCEAGND 
V SYSTEM 
ANALOG 
GROUND 


Figure 12.49: Analog (AGND) and Digital Ground (DGND) Pins of a Data 
Converter Should Be Returned to System Analog Ground 


If the logic supply to the converter is isolated with a small resistance and decoupled to 
analog ground with a local 0.1 uF capacitor, all the fast-edge digital currents of the 
converter will return to ground through the capacitor, and will not appear in the external 
ground circuit. If the analog ground impedance is maintained low, as it should be for 
adequate analog performance, additional noise due to the external digital ground current 
should rarely present a problem. 


Ground Planes 


Related to the star ground system discussed earlier is the use of a ground plane. To 
implement a ground plane, one side of a double-sided PCB (or one layer of a multilayer 
one) is made of continuous copper and used as ground. The theory behind this is that the 
large amount of metal will have as low a resistance as is possible. It will, because of the 
large flattened conductor pattern, also have as low an inductance as possible. It then 
offers the best possible conduction, in terms of minimizing spurious ground difference 
voltages across the conducting plane. 


Note that ground plane concept can also be extended to include voltage planes. A voltage 
plane offers advantages similar to a ground plane, i.e., a very low impedance conductor, 
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but is dedicated to a one (or more) of the system supply voltages. Thus a system can have 
more than one voltage plane, as well as a ground plane. 


While ground planes solve many ground impedance problems, it should still be 
understood they aren’t a panacea. Even a continuous sheet of copper foil has residual 
resistance and inductance, and in some circumstances, these can be enough to prevent 
proper circuit function. Designers should be wary of injecting very high currents in a 
ground plane, as they can produce voltage drops that interfere with sensitive circuitry. 


The importance of maintaining a low impedance large area ground plane is critical to all 
analog circuits today. The ground plane not only acts as a low impedance return path for 
decoupling high frequency currents (caused by fast digital logic) but also minimizes 
EMI/RFI emissions. Because of the shielding action of the ground plane, the circuit’s 
susceptibility to external EMI/RFI is also reduced. 


Ground planes also allow the transmission of high speed digital or analog signals using 
transmission line techniques (microstrip or stripline) where controlled impedances are 
required. 


The use of "buss wire" is totally unacceptable as a ground because of its impedance at the 
equivalent frequency of most logic transitions. For instance, #22 gauge wire has about 
20 nH/inch inductance. A transient current having a slew rate of 10 mA/ns created by a 
logic signal would develop an unwanted voltage drop of 200 mV at this frequency 
flowing through 1 inch of this wire: 


Ai 10 
Av=L7- = 20 nH * aa 


= 200 mV Eq. 12-12 


For a signal having a 2 V peak-to-peak range, this translates into an error of about 
200 mV, or 10% (approximate 3.5-bit accuracy). Even in all-digital circuits, this error 
would result in considerable degradation of logic noise margins. 


Figure 12.50 shows an illustration of a situation where the digital return current 
modulates the analog return current (top figure). The ground return wire inductance and 
resistance is shared between the analog and digital circuits, and this is what causes the 
interaction and resulting error. A possible solution is to make the digital return current 
path flow directly to the GND REF as shown in the bottom figure. This is the 
fundamental concept of a "star," or single-point ground system. Implementing the true 
single-point ground in a system which contains multiple high frequency return paths is 
difficult because the physical length of the individual return current wires will introduce 
parasitic resistance and inductance which can make obtaining a low impedance high 
frequency ground difficult. In practice, the current returns must consist of large area 
ground planes for low impedance to high frequency currents. Without a low impedance 
ground plane, it is therefore almost impossible to avoid these shared impedances, 
especially at high frequencies. 
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Figure 12.50: Digital Currents Flowing in Analog Return Path Create Error 
Voltages 


All integrated circuit ground pins should be soldered directly to the low impedance 
ground plane to minimize series inductance and resistance. The use of traditional IC 
sockets is not recommended with high speed devices. The extra inductance and 
capacitance of even "low profile" sockets may corrupt the device performance by 
introducing unwanted shared paths. If sockets must be used with DIP packages, as in 
prototyping, individual "pin sockets" or "cage jacks" may be acceptable. Both capped and 
uncapped versions of these pin sockets are available (AMP part numbers 5-330808-3, and 
5-330808-6). They have spring-loaded gold contacts which make good electrical and 
mechanical connection to the IC pins. Multiple insertions, however, may degrade their 
performance. 


Power supply pins should be decoupled directly to the ground plane using low inductance 
ceramic surface mount capacitors. If through hole mounted ceramic capacitors must be 
used, their leads should be less than 1 mm. The ceramic capacitors should be located as 
close as possible to the IC power pins. Ferrite beads may also be required for additional 
decoupling. 


So, the more ground the better—right? Ground planes solve many ground impedance 
problems, but not all. Even a continuous sheet of copper foil has residual resistance and 
inductance, and in some circumstances, they can be enough to prevent proper circuit 
function. Figure 12.51 shows such a problem—and a possible solution. 
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Figure 12.51: A Slit in the Ground Plane Can Reconfigure Current Flow 
for Better Accuracy 


Consider the application in Fig. 12.51. Due to the realities of the mechanical design, the 
connector, which has power input is on one side and the power output section, which 
needs to be near the heat sinking, which, in turn, needs to be on the other side of the 
board. The board has a ground-plane 100 mm wide and a power amplifier draws 15 A. If 
the ground plane is 0.038 mm thick and 15 A flows in it, there will be a voltage drop of 
68 uV/mm. This voltage drop would cause quite serious problems to any ground- 
referenced precision circuitry sharing the PCB. We can slit the ground plane so that high 
current does not flow in the region of the precision circuitry, instead forcing it to flow 
around the slit. This can possibly solve the problem (which in this case it did)—even 
though the voltage gradient will increase in those parts of the ground plane where the 
current does flow. 
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Grounding and Decoupling Mixed-Signal ICs with Low Digital 
Currents 


Sensitive analog components such as amplifiers and voltage references are always 
referenced and decoupled to the analog ground plane. The ADCs and DACs (and other 
mixed-signal ICs) with low digital currents should generally be treated as analog 
components and also grounded and decoupled to the analog ground plane. At first 
glance, this may seem somewhat contradictory, since a converter has an analog and 
digital interface and usually has pins designated as analog ground (AGND) and digital 
ground (DGND). The diagram shown in Figure 12.52 will help to explain this seeming 
dilemma. 
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Figure 12.52: Proper Grounding of Mixed-signal ICs 
with Low Internal Digital Currents 


Inside an IC that has both analog and digital circuits, such as an ADC or a DAC, the 
grounds are usually kept separate to avoid coupling digital signals into the analog 
circuits. Figure 12.52 shows a simple model of a converter. There is nothing the IC 
designer can do about the wirebond inductance and resistance associated with connecting 
the bond pads on the chip to the package pins except to realize it's there. The rapidly 
changing digital currents produce a voltage at point B which will inevitably couple into 
point A of the analog circuits through the stray capacitance, CsTRAY. In addition, there 


is approximately 0.2 pF unavoidable stray capacitance between every pin of the IC 
package! It's the IC designer's job to make the chip work in spite of this. However, in 
order to prevent further coupling, the AGND and DGND pins should be joined together 
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externally to the analog ground plane with minimum lead lengths. Any extra impedance 
in the DGND connection will cause more digital noise to be developed at point B; it will, 
in turn, couple more digital noise into the analog circuit through the stray capacitance. 
Note that connecting DGND to the digital ground plane applies VNgISE across the 


AGND and DGND pins and invites disaster! 


The name "DGND" on an IC tells us that this pin connects to the digital ground of the IC. 
This does not imply that this pin must be connected to the digital ground of the system. It 
could correctly be referred to as “Digital Return.” 


It is true that this arrangement may inject a small amount of digital noise onto the analog 
ground plane. These currents should be quite small, and can be minimized by ensuring 
that the converter output does not drive a large fanout (they normally can't, by design). 
Minimizing the fanout (which, in turn, means lower currents) on the converter's digital 
port will also keep the converter logic transitions relatively free from ringing and 
minimize digital switching currents, and thereby reducing any potential coupling into the 
analog port of the converter. The logic supply pin (Vp) can be further isolated from the 
analog supply by the insertion of a small lossy ferrite bead as shown in Figure 12.32. The 
internal transient digital currents of the converter will flow in the small loop from Vp 
through the decoupling capacitor and to DGND (this path is shown with a heavy line on 
the diagram). The transient digital currents will therefore not appear on the external 
analog ground plane, but are confined to the loop. The Vp pin decoupling capacitor 
should be mounted as close to the converter as possible to minimize parasitic inductance. 


These decoupling capacitors should be low inductance ceramic types, typically between 
0.01 uF and 0.1 uF. 


Again, not one grounding scheme will be appropriate for all applications. But by 
understanding the options and planning ahead problems will be minimized. 
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Treat the ADC Digital Outputs with Care 


It is always a good idea (as shown in Figure 12.52) to place a buffer register adjacent to 
the converter to isolate the converter's digital lines from noise on the data bus. The 
register also serves to minimize loading on the digital outputs of the converter and acts as 
a Faraday shield between the digital outputs and the data bus (See Figure 12.53). Even 
though many converters have three-state outputs/inputs, these registers are on the die and 
still allow the signals on the data pins to couple into sensitive areas. This isolation 
register still represents good design practice. In some cases it may be desirable to add an 
additional buffer register on the analog ground plane next to the converter output to 
provide greater isolation. 


ADC 
Ic 

ANALOG 
INPUT 
PORT(S) 

. NOISY 

DATA 

BUS 


Figure 12.53: A High Speed ADC IC Using a Buffer/Latch at the Output Shows 
Enhanced Immunity to Digital Data Bus Noise 


The series resistors (labeled "R" in Figure 12.53) between the ADC output and the buffer 
register input help to minimize the digital transient currents which may affect converter 
performance. The resistors isolate the digital output drivers from the capacitance of the 
buffer register inputs. In addition, the RC network formed by the series resistor and the 
buffer register input capacitance acts as a lowpass filter to slow down the fast edges. 


A typical CMOS gate combined with PCB trace and a through hole will create a load of 


approximately 10 pF. A logic output slew rate of 1 V/ns will produce 10 mA of dynamic 
current if there is no isolation resistor: 


A lV 
AI=C — =10pF * —=10mA Eq. 12-13 
At ns 
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A 500 Q series resistors will minimize this output current and result in a rise and fall time 
of approximately 11 ns when driving the 10 pF input capacitance of the register: 


tp = 22*t =22*R*C = 22* 5000 * 10 pF =11 ns. Eq. 12-14 


TTL registers should be avoided, since they can appreciably add to the dynamic 
switching currents because of their higher input capacitance. 
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Figure 12.54: Grounding and Decoupling Points 


The buffer register and other digital circuits should be grounded and decoupled to the 
digital ground plane of the PC board. Notice that any noise between the analog and 
digital ground plane reduces the noise margin at the converter digital interface. Since 
digital noise immunity is of the orders of hundreds or thousands of millivolts, this is 
unlikely to matter. The analog ground plane will generally not be very noisy, but if the 
noise on the digital ground plane (relative to the analog ground plane) exceeds a few 
hundred millivolts, then steps should be taken to reduce the digital ground plane 
impedance, thereby maintaining the digital noise margins at an acceptable level. Under 
no circumstances should the voltage between the two ground planes exceed 300 mV, or 
the ICs may be damaged. 


Separate power supplies for analog and digital circuits are also highly desirable. The 
analog supply should be used to power the converter. If the converter has a pin 
designated as a digital supply pin (Vp), it should either be powered from a separate 
analog supply, or filtered as shown in the diagram. All converter power pins should be 
decoupled to the analog ground plane, and all logic circuit power pins should be 

12-63 


[i BASIC LINEAR DESIGN 


decoupled to the digital ground plane as shown in Figure 12.54. If the digital power 
supply is relatively quiet, it may be possible to use it to supply analog circuits as well, but 
be very cautious. 


In some cases it may not be possible to connect Vp to the analog supply. Some of the 
newer, high speed ICs may have their analog circuits powered by +5 V, but the digital 
interface powered by +3 V to interface to 3 V logic. In this case, the +3 V pin of the IC 
should be decoupled directly to the analog ground plane. It is also advisable to connect a 
ferrite bead in series with the power trace that connects the pin to the +3 V digital logic 


supply. 


The sampling clock generation circuitry should be treated like analog circuitry and also 
be grounded and heavily decoupled to the analog ground plane. Phase noise on the 
sampling clock produces degradation in system SNR as will be discussed shortly. 


Sampling Clock Considerations 


In a high performance sampled data system a low phase noise crystal oscillator should be 
used to generate the ADC (or DAC) sampling clock because sampling clock jitter 
modulates the analog input/output signal and raises the noise and distortion floor. The 
sampling clock generator should be isolated from noisy digital circuits and grounded and 
decoupled to the analog ground plane, as is true for the op amp and the ADC. 


The effect of sampling clock jitter on ADC Signal-to-Noise Ratio (SNR) is given 
approximately by the equation: 


SNR = 20logio —_ ; Eq. 12-15 
2nft j 


where SNR is the SNR of a perfect ADC of infinite resolution where the only source of 
noise is that caused by the rms sampling clock jitter, tj. Note that f in the above equation 


is the analog input frequency. Just working through a simple example, if t= 50 ps rms, 
f= 100 kHz, then SNR = 90 dB, equivalent to about 15-bits dynamic range. 


It should be noted that tj in the above example is the root-sum-square (rss) value of the 


external clock jitter and the internal ADC clock jitter (called aperture jitter). However, in 
most high performance ADCs, the internal aperture jitter is negligible compared to the 
jitter on the sampling clock. 


Since degradation in SNR is primarily due to external clock jitter, steps must be taken to 
ensure the sampling clock is as noise free as possible and has the lowest possible phase 
jitter. This requires that a crystal oscillator be used. There are several manufacturers of 
small crystal oscillators with low jitter (less than 5 ps rms) CMOS-compatible outputs. 
(For example, MF Electronics, 10 Commerce Dr., New Rochelle, NY 10801, 
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Tel. 914-576-6570 and Wenzel Associates, Inc., 2215 Kramer Lane, Austin, Texas 78758 
Tel. 512-835-2038). 


Ideally, the sampling clock crystal oscillator should be referenced to the analog ground 
plane in a split-ground system. However, this is not always possible because of system 
constraints. In many cases, the sampling clock must be derived from a higher frequency 
multipurpose system clock which is generated on the digital ground plane. It must then 
pass from its origin on the digital ground plane to the ADC on the analog ground plane. 
Ground noise between the two planes adds directly to the clock signal and will produce 
excess jitter. The jitter can cause degradation in the signal-to-noise ratio and also produce 
unwanted harmonics. 


This can be remedied somewhat by transmitting the sampling clock signal as a 
differential signal using either a small RF transformer as shown in Figure 12.55 or a high 
speed differential driver and receiver IC. If an active differential driver and receiver are 
used, they should be ECL to minimize phase jitter. In a single +5 V supply system, ECL 
logic can be connected between ground and +5 V (PECL), and the outputs ac coupled 
into the ADC sampling clock input. In either case, the original master system clock must 
be generated from a low phase noise crystal oscillator. 
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Figure 12.55: Sampling Clock Distribution from 
Digital to Analog Ground Planes 
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The Origins of the Confusion About Mixed-Signal Grounding 


Most ADC, DAC, and other mixed-signal device data sheets discuss grounding relative to 
a single PCB, usually the manufacturer's own evaluation board. This has been a source of 
confusion when trying to apply these principles to multicard or multi-ADC/DAC 
systems. The recommendation is usually to split the PCB ground plane into an analog 
plane and a digital plane. It is then further recommended that the AGND and DGND pins 
of a converter be tied together and that the analog ground plane and digital ground planes 
be connected at that same point as shown in Figure 12.56. This essentially creates the 
system "star" ground at the mixed-signal device. 


All noisy digital currents flow through the digital power supply to the digital ground 
plane and back to the digital supply; they are isolated from the sensitive analog portion of 
the board. The system star ground occurs where the analog and digital ground planes are 
joined together at the mixed signal device. While this approach will generally work in a 
simple system with a single PCB and single ADC/DAC, it is not optimum for multicard 
mixed-signal systems. In systems having several ADCs or DACs on different PCBs (or 
on the same PCB, for that matter), the analog and digital ground planes become 
connected at several points, creating the possibility of ground loops and making a single- 
point "star" ground system impossible. For these reasons, this grounding approach is not 
recommended for multicard systems, and the approach previously discussed should be 
used for mixed-signal ICs with low digital currents. 
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Figure 12.56: Grounding Mixed-Signal ICs: Single PC Board 
(Typical Evaluation/Test Board) 
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Summary: Grounding Mixed-Signal Devices with Low Digital Currents 
in a Multicard System 


Figure 12.57 summarizes the approach previously described for grounding a mixed signal 
device which has low digital currents. The analog ground plane is not corrupted because 
the small digital transient currents flow in the small loop between Vp, the decoupling 
capacitor, and DGND (shown as a heavy line). The mixed signal device is for all intents 
and purposes treated as an analog component. The noise Vy between the ground planes 
reduces the noise margin at the digital interface but is generally not harmful if kept less 
than 300 mV by using a low impedance digital ground plane all the way back to the 


system star ground. 
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Figure 12.57: Grounding Mixed Signal ICs with Low 
Internal Digital Currents: Multiple PC Boards 


However, mixed-signal devices such as sigma-delta ADCs, codecs, and DSPs with on- 
chip analog functions are becoming more and more digitally intensive. Along with the 
additional digital circuitry come larger digital currents and noise. For example, a sigma- 
delta ADC or DAC contains a complex digital filter which adds considerably to the 
digital current in the device. The method previously discussed depends on the decoupling 
capacitor between Vp and DGND to keep the digital transient currents and isolated in a 


small loop. However, if the digital currents are significant enough and have components 
at dc or low frequencies, the decoupling capacitor may have to be so large that it is 
impractical. Any digital current which flows outside the loop between Vp and DGND 
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must flow through the analog ground plane. This may degrade performance, especially in 
high resolution systems. 


It is difficult to predict what level of digital current flowing into the analog ground plane 
will become unacceptable in a system. All we can do at this point is to suggest an 
alternative grounding method which may yield better performance. 


Summary: Grounding Mixed-Signal Devices with High Digital Currents 
in a Multicard System 


An alternative grounding method for a mixed-signal device with high levels of digital 
currents is shown in Figure 12.58. The AGND of the mixed signal device is connected to 
the analog ground plane, and the DGND of the device is connected to the digital ground 
plane. The digital currents are isolated from the analog ground plane, but the noise 
between the two ground planes is applied directly between the AGND and DGND pins of 
the device. For this method to be successful, the analog and digital circuits within the 
mixed signal device must be well isolated. The noise between AGND and DGND pins 
must not be large enough to reduce internal noise margins or cause corruption of the 
internal analog circuits. 
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Figure 12.58: High Digital Currents: Multiple PC Boards 


Figure 12.58 shows optional Schottky diodes (back-to-back) or a ferrite bead connecting 
the analog and digital ground planes. The Schottky diodes prevent large de voltages or 
low frequency voltage spikes from developing across the two planes. These voltages can 
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potentially damage the mixed-signal IC if they exceed 300 mV because they appear 
directly between the AGND and DGND pins. As an alternative to the back-to-back 
Schottky diodes, a ferrite bead provides a dc connection between the two planes but 
isolates them at frequencies above a few MHz where the ferrite bead becomes resistive. 
This protects the IC from dc voltages between AGND and DGND, but the de connection 
provided by the ferrite bead can introduce unwanted dc ground loops and may not be 
suitable for high resolution systems. 


Grounding DSPs with Internal Phase-Locked Loops 


As if dealing with mixed-signal ICs with AGND and DGNDs wasn’t enough, DSPs such 
as the ADSP-21160 SHARC with internal phase-locked-loops (PLLs) raise issues with 
respect to proper grounding. The ADSP-21160 PLL allows the internal core clock 
(determines the instruction cycle time) to operate at a user selectable ratio of 2, 3, or 4 
times the external clock frequency, CLKIN. The CLKIN rate is the rate at which the 
synchronous external ports operate. Although this allows using a lower frequency 
external clock, care must be taken with the power and ground connections to the internal 
PLL as shown in Figure 12.59. 
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Figure 12.59: Grounding DSPs with Internal 
Phase-Locked-Loops (PLLs) 


In order to prevent internal coupling between digital currents and the PLL, the power and 
ground connections to the PLL are brought out separately on pins labeled AVpp and 
AGND, respectively. The AVpp +2.5 V supply should be derived from the Vpp ir 
+2.5 V supply using the filter network as shown. This ensures a relatively noise-free 
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supply for the internal PLL. The AGND pin of the PLL should be connected to the digital 
ground plane of the PC board using a short trace. The decoupling capacitors should be 
routed between the AVpp pin and AGND pin using short traces. 


Grounding Summary 


There is no single grounding method which will guarantee optimum performance 100% 
of the time! This section has presented a number of possible options depending upon the 
characteristics of the particular mixed signal devices in question. It is helpful, however to 
provide for as many options as possible when laying out the initial PC board. 


It is mandatory that at least one layer of the PC board be dedicated to ground plane. The 
initial board layout should provide for nonoverlapping analog and digital ground planes, 
but pads and vias should be provided at several locations for the installation of back-to- 
back Schottky diodes or ferrite beads, if required. Pads and vias should also be provided 
so that the analog and digital ground planes can be connected together with jumpers if 
required. 


The AGND pins of mixed-signal devices should in general always be connected to the 
analog ground plane. An exception to this are DSPs which have internal phase-locked- 
loops (PLLs), such as the ADSP-21160 SHARC. The ground pin for the PLL is labeled 
AGND, but should be connected directly to the digital ground plane for the DSP. 


Grounding for High-Frequency Operation 


The “ground plane” layer is often advocated as the best return for power and signal 
currents, while providing a reference node for converters, references, and other 
subcircuits. However, even extensive use of a ground plane does not ensure a high quality 
ground reference for an ac circuit. 


The simple circuit of Figure 12.59, built on a two layer printed circuit board, has an ac 
and dc current source on the top layer connected to a via (via 1) at one end and to a 
single U-shaped copper trace connected to via 2. Both vias go through the circuit board 
and connect to the ground plane. Ideally, the impedance is zero and the voltage appearing 
across the current source is also zero. 
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Figure 12.60: Schematic and Layout of Current Source with U-shaped Trace on 
PC Board and Return through Ground Plane. 


This simple schematic hardly begins to show the actual subtleties. But an understanding 
of how the current flows in the ground plane from via 1 to via 2 makes the realities 
apparent and shows how ground noise in high frequency layouts can be avoided. 
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Figure 12.61: DC Current Flow for Figure 12.60 


The de current flows in the manner in Figure 12.61, as one might surmise, taking the path 
of least resistance from via | to via 2. Some current spreading occurs, but little current 
flows a substantial distance from this path. In contrast, the ac current does not take the 
path of least resistance, it take the path of least impedance, which, in turn, depends on 


inductance. 
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Figure 12.62: Magnetic Field Lines and Inductive Loop (Right Hand Rule) 


Inductance is proportional to the area of the loop made by the current flow; the 
relationship can be illustrated by the right hand rule and the magnetic field shown in 
Figure 12.62 Inside the loop, current along all parts of the loop produces magnetic field 
lines that add constructively. Away from the loop, however, field lines form different 
parts add destructively, thus the field is confined principally within the loop. A larger 
loop has greater inductance. This means that, for a given current level, it has more stored 
magnetic energy (Li’), greater impedance (X= j@L), and hence will develop more 
voltage a given frequency. 
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Figure 12.63: AC Current Path Without (left) and with (right) Resistance in the 
Ground Plane 


Which path will the current choose in the ground plane? Naturally the lower impedance 
path. Considering the loop formed by the U-shaped surface lead and the ground plane and 


neglecting resistance, high frequency ac current will follow the path with the least 
inductance, hence the least area. 
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In the example shown, the loop with the least area is quite evidently formed by the 
U-shaped top trace and the portion of the ground plane directly underneath it. So while 
Figure 12.61 shows the dc current path, Figure 12.63 shows the path that most of the ac 
current takes in the ground plane, where it finds minimum area, directly under the 
U-shaped top trace. In practice, the resistance in the ground plane causes the current to 
flow at low- and mid-frequencies to somewhere between straight back and directly under 
the top conductor. However, the return path is nearly under the top trace as low as 1 MHz 
or 2 MHz. 


Be Careful with Ground Plane Breaks 


Wherever there is a break in the ground plane beneath a conductor, the ground plane 
return current must by necessity flow around the break. As a result, both the inductance 
and the vulnerability of the circuit to external fields are increased. This situation is 
diagrammed in Figure 12.64, where conductors A and B must cross one another. 


Where such a break is made to allow a crossover of two perpendicular conductors, it 
would be far better if the second signal were carried across both the first and the ground 
plane by means of a piece of wire. The ground plane then acts as a shield between the 
two signal conductors, and the two ground return currents, flowing in opposite sides of 
the ground plane as a result of skin effects, do not interact. 
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Figure 12.64: A Ground Plane Break Raises Circuit Inductance, 
and Increases Vulnerability to External Fields 


With a multilayer board, both the crossover and the continuous ground plane can be 
accommodated without the need for a wire link. Multilayer PCBs are expensive and 
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harder to trouble-shoot than more simple double-sided boards, but do offer even better 
shielding and signal routing. The principles involved remain unchanged but the range of 
layout options is increased. 


The use of double-sided or multilayer PCBs with at least one continuous ground plane is 
undoubtedly one of the most successful design approaches for high performance mixed 
signal circuitry. Often the impedance of such a ground plane is sufficiently low to permit 
the use of a single ground plane for both analog and digital parts of the system. However, 
whether or not this is possible does depend upon the resolution and bandwidth required, 
and the amount of digital noise present in the system. 
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SECTION 4: DECOUPLING 


It is imperative to properly decouple ALL ICs in a high speed and/or high precision 
application. This decoupling should include a small (typically 0.01 uF to 0.1uF) 
capacitor. This capacitor should have good high frequency characteristics. Surface mount 
multilayer ceramics are ideal; the purpose of this capacitor is to shunt any high frequency 
noise away for the IC. This is because the power supply rejection ratio drops with 
frequency, as shown in Figure 12.65. While this plot is for an op amp, all linear circuits 
and converters have the same general shape, rejection falling with increasing frequency. 
Keeping the high frequency noise out of the IC helps keep it from getting to the output 
(of a linear circuit) or affecting the noise (of a converter) 
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Figure 12.65: Power Supply Rejection Ratio (PSRR) of an AD8029 


In addition to the high frequency cap there should be liberal use of larger electrolytic 
capacitors (10 uF to 100 uF). These capacitors are not required at every chip. The 
purpose of these capacitors is to provide a local reservoir of charge so that instantaneous 
current demands can be provided from a local source, instead of having to come from a 
power supply which may be relatively far away and subject to the inductance and 
resistance of the PCB traces. 


Local high frequency bypass/decoupling 


As we have stated, each individual analog stage requires local, high frequency 
decoupling. These stages are provided directly at the power pins, of all individual analog 
stages. Figure 12.66 shows the preferred technique, in both correct (left) as well as 
incorrect example implementations (right). In the left example, a typical 0.1 uF chip 
ceramic capacitor goes directly to the opposite PCB side ground plane, by virtue of the 
via, and on to the IC’s GND pin by a second via. In contrast, the less desirable 
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arrangement at the right adds additional PCB trace inductance in the ground path of the 
decoupling cap, reducing effectiveness. 
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Figure 12.66: Localized High Frequency Supply Filter(s) Provides Optimum 
Filtering and Decoupling via Short Low-Inductance Path (Ground Plane) 


The general technique shown here as suitable for single-rail power supply, but the 
concept obviously extends to dual rail systems. Note—if the decoupled IC in question is 
an op amp, the GND pin shown is the —Vs pin. For dual supply op amp uses, there is no 
op amp GND pin per se, so the dual decoupling networks should go directly to the 
ground plane when used, or other local ground. 


All high frequency (i.e., 210 MHz) ICs should use a bypassing scheme similar to 
Figure 12.66 for best performance. Trying to operate op amps and other high 
performance ICs without local bypassing is almost always folly. It may be possible in a 
few circumstances, if the circuitry is strictly micropower in nature, and the gain- 
bandwidth in the kHz range. To put things into an overall perspective however, note that 
a pair of 0.1 uF ceramic bypass caps cost less than 25 cents. Hardly a worthy saving 
compared to the potential grief and lost time of troubleshooting a system without 
bypassing! 


In contrast, the ferrite beads aren’t 100% necessary, but they will add extra HF noise 
isolation and decoupling, which is often desirable. Possible caveats here would be to 
verify that the beads never saturate, when the op amps are handling high currents. 


Note that with some ferrites, even before full saturation occurs, some beads can be 
nonlinear, so if a power stage is required to operate with a low distortion output, this 
should also be lab checked. 


The effects of inadequate decoupling on harmonic distortion performance are 
dramatically illustrated in Figure 12.67. The left photo shows the spectral output of the 
AD9631 op amp driving a 100 © load with proper decoupling (output signal is 20 MHz, 
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2 V p-p). Notice that the second harmonic distortion at 40 MHz is approximately 
—70 dBc. If the decoupling is removed, the distortion is increased, as shown in the right 
photo of the same figure. Figure 12.67A also shows stray RF pickup in the wiring 
connecting the power supply to the op amp test fixture. Unlike lower frequency 
amplifiers, the power supply rejection ratio of many high frequency amplifiers is 
generally fairly poor at high frequencies. For example, at 20 MHz, the power supply 
rejection ratio of the AD9631 is less than 25 dB. This is the primary reason for the 
degradation in performance with inadequate decoupling. The change in output signal 
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Figure 12.67: Effects of Inadequate Decoupling on Harmonic Distortion 
Performance of the AD9611 Op Amp 


PROPER DECOUPLING NO DECOUPLING 


VERTICAL SCALE: 100mV/div 
HORIZONTAL SCALE: 10ns/div 


Figure 12.68: Effects of Inadequate Decoupling on the Phase Response 
of the AD9631 Op Amp 
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produces a corresponding signal dependent load current change. The corresponding 
change in power supply voltage due to inadequate decoupling produces a signal 
dependent error in the output which manifests itself as an increase in distortion. 


Inadequate decoupling can also severely affect the pulse response of high speed 
amplifiers such as the AD9631. Figures 12.67 and 12.68 shows normal operation and the 
effects of removing all decoupling capacitors on the AD9631 in its evaluation board. 
Notice the severe ringing on the pulse response for the poorly decoupled condition. 


Ringing 


An inductor in series or parallel with a capacitor forms a resonant, or "tuned," circuit, 
whose key feature is that it shows marked change in impedance over a small range of 
frequency. Just how sharp the effect is depends on the relative Q of the tuned circuit. The 
effect is widely used to define the frequency response of narrow-band circuitry, but can 
also be a potential problem source. 


If stray inductance and capacitance (which may or may not be stray) in a circuit should 
form a tuned circuit, then that tuned circuit may be excited by signals in the circuit, and 
ring at its resonant frequency. 
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Figure 12.69: Resonant Circuit Formed by Power Line Decoupling 


An example is shown in Figure 12.69, where the resonant circuit formed by an inductive 
power line and its decoupling capacitor may possibly be excited by fast pulse currents 
drawn by the powered IC. 


While normal trace inductance and typical decoupling capacitances of 0.01 uF to 0.1 uF 
will resonate well above a few MHz, an example 0.1 uF capacitor and 1 wH of 
inductance resonates at 500 kHz. Left unchecked, this could present a resonance problem, 
as shown in the left case. Should an undesired power line resonance be present, the effect 
may be minimized by lowering the Q of the inductance. This is most easily done by 
inserting a small resistance (~10 Q) in the power line close to the IC, as shown in the 
right case. 
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SECTION 5: THERMAL MANAGEMENT 


For reliability reasons, systems with appreciable power dissipation are increasingly called 
upon to observe thermal management. All semiconductors have some specified safe 
upper limit for junction temperature (T;), usually on the order of 150°C (sometimes 
175°C). Like maximum power supply voltages, maximum junction temperature is a worst 
case limitation which shouldn’t be exceeded. In conservative designs an ample safety 
margin should be included. Note that this is critical, since semiconductor lifetime is 
inversely related to operating junction temperature. Simply put, the cooler ICs are, the 
longer their lifetimes will be. 


This limitation of power and temperature is basic, and is illustrated by a typical data sheet 
statement as in Figure 12.70. In this case it is for the AD8017AR, an 8-pin SOIC device. 


The maximum power that can be safely dissipated by the AD8017 is 
limited by the associated rise in junction temperature. The maximum 
safe junction temperature for plastic encapsulated device is 
determined by the glass transition temperature of the plastic, 
approximately +150°C. Temporarily exceeding this limit may cause a 
shift in parametric performance due to a change in the stresses 
exerted on the die by the package. Exceeding a junction temperature 
of +175°C for an extended period can result in device failure. 


Figure 12.70: Maximum Power Dissipation Data Sheet Statement for the 
AD8017AR, an ADI Thermally Enhanced SOIC Packaged Device 


Tied to these statements are certain conditions of operation, such as the power dissipated 
by the device, and the package mounting to the printed circuit board (PCB). In the case of 
the AD8017AR, the part is rated for 1.3 W of power at an ambient of 25°C. This assumes 
operation of the 8-lead SOIC package on a _ two-layer PCB with about 
4 in? (~2500 mm’) of 2 oz. copper for heat sinking purposes. Predicting safe operation for 
the device under other conditions is covered below. 


Thermal Basics 


The symbol 0 is generally used to denote thermal resistance. Thermal resistance is in 
units of °C/watt (°C/W). Unless otherwise specified, it defines the resistance heat 
encounters transferring from a hot IC junction to the ambient air. It might also be 
expressed more specifically as 9;,, for thermal resistance, junction-to-ambient. Qc and 
Oca are two additional 0 forms used, and are further explained below. 


In general, a device with a thermal resistance 8 equal to 100°C/W will exhibit a 
temperature differential of 100°C for a power dissipation of 1 W, as measured between 


12.82 


PRINTED CIRCUIT BOARD ISSUES 
THERMAL MANAGEMENT 


two reference points. Note that this is a linear relationship, so 1 W of dissipation in this 
part will produce a 100°C differential (and so on, for other powers). For the AD8017AR 
example, 8 is about 95°C/W, so 1.3 W of dissipation produces about a 124°C junction-to- 
ambient temperature differential. It is of course this rise in temperature that is used to 
predict the internal temperature, in order to judge the thermal reliability of a design. With 
the ambient at 25°C, this allows an internal junction temperature of about 150°C. In 
practice most ambient temperatures are above 25°C, so less power can then be handled. 


For any power dissipation P (in watts), one can calculate the effective temperature 
differential (AT) in °C as: 


AT=Px90 Eq. 12-16 
where @is the total applicable thermal resistance. 


Figure 12.71 summarizes a number of basic thermal relationships. 


@ 6= Thermal Resistance (°C/W) 

@ P= Total Device Power Dissipation (W) Ta? AMBIENT 
@ T= Temperature (C) 

@ AT = Temperature Differential = P x0 9ca 

® 0,, = Junction-Ambient Thermal Resistance Tc@ CASE 

® 0,, = Junction-Case Thermal Resistance 

® 6, = Case-Ambient Thermal Resistance 98Jc 

@ 954 = Oy¢ + Oe, 

@ T,=T, + (PX O4,) Ty® JUNCTION 
@ Note: Tyyax) = 150°C (Sometimes 175°C) 


Figure 12.71: Basic Thermal Relationships 


Note that series thermal resistances, such as the two shown at the right, model the total 
thermal resistance path a device may see. Therefore the total 0 for calculation purposes is 
the sum, 1.e., 834 = Osc and Oca. Given the ambient temperature T,, P, and 0, then T; can 
be calculated. As the relationships signify, to maintain a low Ty, either 6 or the power 
being dissipated (or both) must be kept low. A low AT is the key to extending 
semiconductor lifetimes, as it leads to lower maximum junction temperatures. 


In ICs, one temperature reference point is always the device junction, taken to mean the 
hottest spot inside the chip operating within a given package. The other relevant reference 
point will be either Tc, the case of the device, or Ta, that of the surrounding air. This then 
leads in turn to the above mentioned individual thermal resistances, 9jc and Oya. 
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Taking the simplest case first, 8;4 is the thermal resistance of a given device measured 
between its junction and the ambient air. This thermal resistance is most often used with 
small, relatively low power ICs such as op amps, which often dissipate 1 W or less. 
Generally, 8;4 figures typical of op amps and other small devices are on the order of 
90°C/W to 100°C/W for a plastic 8-pin DIP package, as well as the better SOIC 
packages. 


It should be clearly understood that these thermal resistances are highly package 
dependent, as different materials have different degrees of thermal conductivity. As a 
general guideline, thermal resistance of conductors is analogous to electrical resistances, 
that is copper is the best, followed by aluminum, steel, and so on. Thus copper lead frame 
packages offer the highest performance, 1.e., the lowest 0. 


Heat Sinking 


By definition, a heat sink is an added low thermal resistance device attached to an IC to 
aid heat removal. A heat sink has additional thermal resistance of its own, 9ca, rated in 
°C/W. However, most current IC packages don’t easily lend themselves to heat sink 
attachment (exceptions are older TO-99 metal can types). Devices meant for heat sink 
attachment will often be noted by a 0jc dramatically lower than the Oya. In this case 0 will 
be composed of more than one component. Thermal impedances add, making a net 
calculation relatively simple. For example, to compute a net 0), given a relevant Ojc, the 
thermal resistance of the heat sink, 8c, or case to ambient is added to the 9jc as: 


Oya = Bic + Oca Eq. 12-17 
and the result is the 0,4 for that specific circumstance. 


More generally, however, modern op amps don't use commercially available heat sinks. 
Instead, when significant power needs to be dissipated, such as =1 W, low thermal 
resistance copper PCB traces are used as the heat sink. In such cases, the most useful 
form of manufacturer data for this heat sinking are the boundary conditions of a sample 
PCB layout, and the resulting 0; for those conditions. This is in fact the type of specific 
information supplied for the AD8017AR, as mentioned earlier. Applying this approach, 
example data illustrating thermal relationships for such conditions is shown by 
Figure 12.72. These data apply for an AD8017AR mounted to a heat sink with an area of 
about 4 square inches on a 2 layer, 2 ounce copper PCB. 


These curves indicate the maximum power dissipation vs. temperature characteristic for 
the AD8017, for maximum junction temperatures of both 150°C and 125°C. Such curves 
are often referred to as derating curves, since allowable power decreases with ambient 
temperature. 


With the AD8017AR, the proprietary ADI Thermal Coastline IC package is used, which 
allows additional power to be dissipated with no increase in the SO-8 package size. Fora 
Tymax) Of 150°C, the upper curve shows the allowable power in this package, which is 
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1.3 W at an ambient of 25°C. If a more conservative Tyimax) of 125°C is used, the lower of 
the two curves applies. 


MAXIMUM POWER DISSIPATION (W) 


AMBIENT TEMPERATURE (°C) 


Figure 12.72: Thermal Rating Curves for AD8017AR Op Amp 


A performance comparison for an 8-pin standard SOIC and the ADI Thermal Coastline 
version is shown in Figure 12.73. Note that the Thermal Coastline provides an allowable 
dissipation at 25°C of 1.3 W, whereas a standard package allows only 0.8 W. In the 
Thermal Coastline heat transferal is increased, accounting for the package’s lower O0y,. 


2.0 


8-PIN THERMAL COASTLINE SOIC 


8-PIN STANDARD SOIC | 
0.5 


MAXIMUM POWER DISSIPATION (W) 
6 


-50 -40 -30 -20 -10 0 10 20 30 40 50 60 70 80 90 
AMBIENT TEMPERATURE - (°C) 


Figure 12.73: Thermal Rating Curves for Standard (Lower) and ADI Thermal 
Coastline (Upper) 8-Pin SOIC Packages 
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Even higher power dissipation is possible, with the use of IC packages better able to 
transfer heat from chip to PCB. An example is the AD8016 device, available with two 


package options rated for 5.5 W and 3.5 W at 25°C, respectively, as shown in Figure 
1273: 


Taking the higher rated power option, the AD8016ARP PSOP3 package, when used with 
a 10 inch’ of 1 oz. heat sink plane, the combination is able to handle up to 3 W of power 
at an ambient of 70°C, as noted by the upper curve. This corresponds to a 9y, of 18°C/W, 
which in this case applies for a maximum junction temperature of 125°C. 


10 INCHES2 OF 1 OZ. COPPER 


w rsoroiane | || 


Pree SE 
BATWING (ARB) anne) [P| S| 


70 80 90 


MAXIMUM POWER DISSIPATION — W 


aric TenEER RE: - 


Figure 12.74: Thermal Characteristic Curves for the AD8016 BATWING (Lower) 
and PSOP3 (Upper) Packages, for T ymax) Equal to 125°C 


The reason the PSOP3 version of the AD8016 is so better able to handle power lies with 
the use of a large area copper slug. Internally, the IC die rest directly on this slug, with 
the bottom surface exposed as shown in Figure 12.75. The intent is that this surface be 
soldered directly to a copper plane of the PCB, thereby extending the heat sinking. 
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0.2441 (6.20) 
0.2283 (5.80) 


Figure 12.75: Bottom View of AD8016 20-Lead PSOP3 Package Showing 


Copper Slug for Aid in Heat Transfer (Central Grayed Area) 


For reliable, low thermal resistance designs with op amps, several design Do's and Don'ts 
are listed below. Consider all of these points, as may be practical. 


) 


2) 


3) 
4) 


5) 


6) 


7) 


8) 
Y) 


Do use as large an area of copper as possible for a PCB heat sink, up to the point 
of diminishing returns. 


In conjunction with 1), do use multiple (outside) PCB layers, connected together 
with multiple vias. 


Do use as heavy copper as is practical (2 oz. or more preferred). 


Do provide sufficient natural ventilation inlets and outlets within the system, to 
allow heat to freely move away from hot PCB surfaces. 


Do orient power-dissipating PCB planes vertically, for convection aided airflow 
across heat sink areas. 


Do consider the use of external power buffer stages, for precision op amp 
applications. 


Do consider the use of forced air, for situations where several watts must be 
dissipated in a confined space. 


Don't use solder mask planes over heat dissipating traces. 


Don't use excessive supply voltages on ICs delivering power. 
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Both of the AD8016 package options are characterized for both still and moving air, but 
the thermal information given above applies without the use of directed airflow. 
Therefore, adding additional airflow lowers thermal resistance further (see Reference 2). 


For the most part, these points are obvious. However, one that could use some 
elaboration is number 9. Whenever an application requires only modest voltage swings 
(such as for example standard video, 2 V p-p) a wide supply voltage range can often be 
used. But operation of an op amp driver on higher supply voltages produces a large IC 
dissipation, even though the load power is constant. 


In such cases, as long as the distortion performance of the application doesn’t suffer, it 
can be advantageous to operate the IC on lower supplies, say +5 V, as opposed to +15 V. 
The above example data was calculated on a de basis, which will generally tax the driver 
more in terms of power than a sine wave or a noise-like waveform, such as a DMT signal 
(see Reference 2). The general principles still hold for these ac waveforms, i.e., the op 
amp power dissipation is high when load current is high and the voltage low. 


400 P, +P, = TOTAL 
POWER OP AMP POWER 
(mW) 

300 
Py = QUIESCIENT POWER 

200 
P,= SIGNAL POWER 

S 1kQ 

100 V 

P, = LOAD POWER 
0 \ | > 
0 5 10 15 


+Vs, VOLTS 


Figure 12.76: Power Dissipated in Video Op Amp Driver for Various Supply 
Voltages with Low Voltage Output Swing 


While there is ample opportunity for high power handling with the thermally enhanced 
packages described above for the AD8016 and AD8107, the increasingly popular smaller 
IC packages actually move in an opposite direction. Without question, it is true that 
today’s smaller packages do noticeably sacrifice thermal performance. But, it must be 
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understood that this is done in the interest of realizing a smaller size for the packaged op 
amp, and, ultimately, a much greater final PCB density for the overall system. 


These points are illustrated by the thermal ratings for the AD8057 and AD8058 family of 
single and dual op amp devices, as is shown in Figure 12.77. The AD8057 and AD8058 
op amps are available in three different packages. These are the SOT-23-5, and the 8-pin 
MSOP, along with standard SOIC. 


As the data shows, as the package size becomes smaller and smaller, much less power is 
capable of being removed. Since the lead frame is the only heat sinking possible with 
such tiny packages, their thermal performance is thus reduced. The 0; for the packages 
mentioned is 240°C/W, 200°C/W, and 160°C/W, respectively. Note this is more of a 
package than device limitation. Other ICs with the same packages have similar 


characteristics. 
2.0 
EERE in 


=a 
- ; 


= 
oa 


MAXIMUM POWER DISSIPATION — Watts 
o = 
1] o 


0 
-50 -40 -30 -20-10 0 10 20 30 40 50 60 70 80 90 
AMBIENT TEMPERATURE -— °C 


Figure 12.77: Comparative Thermal Performance for Several AD8057/AD8058 
Op Amp Package Options 


Data Converter Thermal Considerations 


At first glance, one might assume that the power dissipation of an ADC or a DAC will 
remain constant for a given power supply voltage. However, many data converters, 
especially CMOS ones, have power dissipations that are highly dependent upon not only 
output data loading but also the sampling clock frequency. Since many of the newer high- 
speed converters can dissipate between 1.5 W and 2 W maximum power under the worst- 
case operating conditions, this point must be well understood in order to ensure that the 


12-89 


[Ci BASIC LINEAR DESIGN 


package is mounted in such a way as to maintain the junction temperature within 
acceptable limits at the highest expected operating temperature. 


The previous discussion in this chapter on grounding emphasized that the digital outputs 
of high performance ADCs, especially those with parallel outputs, should be lightly 
loaded (5 pF tol0 pF) in order to prevent digital transient currents from corrupting the 
SNR and SFDR. Even under light output loading, however, most CMOS and BiCMOS 
ADCs have power dissipations which are a function of sampling clock frequency and in 
some cases, the analog input frequency and amplitude. 


For example, Figure 12.78 shows the AD9245 14-bit, 80-MSPS, 3-V CMOS ADC power 
dissipation versus frequency for a 2.5 MHz analog input and 5 pF output loading of the 
data lines. The graphs show the digital and analog power supply currents separately as 
well as the total power dissipation. Note that total power dissipation can vary between 
approximately 310 mW and 380 mW as the sampling frequency is varied between 
10 MSPS and 80 MSPS. 


ANALOG pee 
TOTAL bua 


POWER (mW) 
CURRENT (mA) 


SAMPLE RATE (MSPS) 


Figure 12.78: AD9245 14-Bit, 80-MSPS, 3 V CMOS ADC Power Dissipation vs. 
Sample Rate for 2.5 MHz Input, 5 pF Output Loads 
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PIN 1 
INDICATOR 


EXPOSED 
PADDLE 

TO PCB, 

IF POSSIBLE 


7 AD9245 POWER DISSIPATION 
3.50 = 380mW @ 80MSPS 
REF 
8 5 = 32.5°C/W, PER EIA/DESD51-1, STILL AIR 


Figure 12.79: AD9245 CP-32 Lead-Frame Chip-Scale 
Package (LFCSP), Bottom View 


The AD9245 is packaged in a 32-pin leadless chip scale package as shown in 
Figure 12.79. The bottom view of the package shows the exposed paddle which should be 
soldered to the PC board ground plane for best thermal transfer. The worst-case package 
junction-to-ambient resistance, Oy, is specified as 32.5°C/W, which places the junction 
32.5°C x 0.38°C = 12.3°C above the ambient for a power dissipation of 380 mW. For a 
maximum operating temperature of +85°C, this places the junction at a modest 
85°C + 12.3°C = 97.3°C. 


The AD9430 is a high performance 12-bit, 170 MSPS /210 MSPS, 3.3 V BiCMOS ADC. 
Two output modes are available: dual 105-MSPS demultiplexed CMOS outputs, or 
210 MSPS LVDS outputs. Power dissipation as a function of sampling frequency is 
shown in Figure 12.56. Analog and digital supply currents are shown for CMOS and 
LVDS modes for an analog input frequency of 10.3 MHz. Note that in the LVDS mode 
and a sampling frequency of 210 MSPS, total supply current is approximately 455 mA— 
yielding a total power dissipation of 1.5 W. 
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ANALOG SUPPLY 
CURRENT LVDS MODE 


ANALOG SUPPLY 
CURRENT CMOS MODE 


OUTPUT SUPPLY 
CURRENT LVDS MODE 


OUTPUT SUPPLY 
CURRENT CMOS MODE 


lavpp (ANALOG SUPPLY CURRENT) - mA 
IpRvpp (OUTPUT SUPPLY CURRENT) —- mA 


SAMPLE RATE — MSPS 


TOTAL CURRENT @ 210MSPS, LVDS MODE = 55mA + 400mA = 455mA 
TOTAL POWER DISSIPATION = 3.3V x 455mA = 1.5W 


Figure 12.80: AD9430 12-Bit 170 MSPS/210 MSPS ADC Supply 
Current vs. Sample Rate for a 10.3 MHz Input 


The AD9430 is available in a 100-lead thin plastic quad flat package with an exposed pad 
(TQFP/EP) as shown in Figure 12.81. The conducive pad is connected to chip ground and 
should be soldered to the PC board ground plane. The 0s, of the package when soldered 
to the ground plane is 25°C/W in still air. This places the junction 25°C x 1.5°C = 37.5°C 
above the ambient temperature for 1.5 W of power dissipation. For a maximum operating 
temperature of +85°C, this places the junction at 85°C + 37.5°C = 122.5°C. 


SOLDER HEAT SLUG 
TO GROUND PLANE 
IF POSSIBLE 


STILL AIR: 
0 jy, = 25°C/W, SOLDERED 


Oj, = 32°C/W, UNSOLDERED 


| CONDUCTIVE ! 
AD9430 POWER DISSIPATION 1 HEATSINK | 
IN LVDS MODE @ 210MSPS 
SAMPLE RATE = 1.5W 


Figure 12.81: AD9430 100-Lead e-PAD TQFP 
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2.35 (0.093) 
2.20 (0.087) (4 PLCS) 
ein) 2.05 (0.081) 
2.50 (0.098) (4 PLCS) 
2.35 (0.093) nnk 
40 
SOLDER HEAT SLUG 
TO GROUND PLANE 
IF POSSIBLE i 
EXPOSED 6.00 (0.236) 
: HEATSINK 
STILL AIR: En = 5,90 (0.232) 


5.80 (0.228) 


: 


Oj, = 23°C/W, SOLDERED 


0), = 30°C/W, UNSOLDERED 


AD6645 POWER DISSIPTION 

= 1.75W MAXIMUM 6.00 (0.236) 
5.90 (0.232) 
5.80 (0.228) 


Figure 12.82: AD6645 52-Lead Power-Quad 4 (LQFP_ED) 
(SQ-52) Thermally Enhanced Package, Bottom View 


The AD6645 is a high performance 14-bit, 80 MSPS/105 MSPS ADC fabricated on a 
high speed complementary bipolar process (XFCB, and offers the highest SFDR (89 dBc) 
and SNR (75 dB). Although there is little variation in power as a function of sampling 
frequency, the maximum power dissipation of the device is 1.75 W. The package is a 
thermally enhanced 52-lead PowerQuad 4” with an exposed pad as shown in Figure 
12.82. 


It is recommended that the exposed center heat sink be soldered to the PC board ground 
plane to reduce the package Oj, to 23°C/W in still air. For 1.75 W of power dissipation, 
this places the junction temperature 23°C x 1.75°C = 40.3°C above the ambient 
temperature. For a maximum operating temperature of +85°C, this places the junction at 
85°C + 40.3°C = 125.3°C. The thermal resistance of the package can be reduced to 
17°C/W with 200 LFPM airflow, thereby reducing the junction temperature to 30°C 
above the ambient, or 115°C for an operating ambient temperature of +85°C. 


High speed CMOS DACs (such as the TxDAC® series) and DDS ICs (such as the 
AD985x series) also have clock-rate dependent power dissipation. For example, in the 
case of the AD9777 16-bit, 160-MSPS dual interpolating DAC, power dissipation is a 
function of clock rate, output frequency, and the enabling of the PLL and the modulation 
functions. Power dissipation on 3.3 V_ supplies can range from 380 mW 
(fpac = 100 MSPS, four = 1 MHz, no interpolation, no modulation) to 1.75 W 
(fpac = 400 MSPS, fpara = 50 MHz, f;/2 modulation, PLL enabled). These and similar 
parts in the family are also offered in thermally enhanced packages with exposed pads for 
soldering to the PC board ground plane. 
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These discussions on the thermal application issues of op amps and data converters 
haven't dealt with the classic techniques of using clip-on (or bolt-on) type heat sinks. 
They also have not addressed the use of forced air cooling, generally considered only 
when tens of watts must be handled. These omissions are mainly because these 
approaches are seldom possible or practical with today's op amp and data converter 
packages. 


The more general discussions within References 4-7 can be consulted for this and other 
supplementary information. 
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CHAPTER 13: DESIGN DEVELOPMENT TOOLS 


Introduction 


There are several tools available to help in the design and verification of a design. From 
software that helps in the part selection to circuit simulation and error budget analysis, 
these tools make the process of design faster, easier, and more exact. 


The first section covers the simulation software. Primary among these is Spice. Originally 
developed for analysis of linear circuits for the integrated circuit industry (Spice is an 
acronym for Simulation Program with Integrated Circuit Emphasis), it has expanded to 
become the primary linear simulation engine. It has become available in many versions, 
such as Pspice”, Hspice”, as well as others. The original Spice was developed in the mid- 
1970s. It originally ran on mainframes, obviously without the benefit of a graphical user 
interface (GUI). Most of the proprietary versions use front end and back end processing 
to make the human interface easier. Some add other features, such as Monte-Carlo 
analysis. All handle the basic Spice functions the same, however. At Analog Devices, we 
have settled on Pspice as our standard, but we use only the basic SPICE2-G functions. 
This makes the files more transportable. 


For very large circuits, such as a data converter, Spice becomes increasingly harder to 
use. For this reason, we shift from component level modeling to behavioral modeling. An 
example of this is the ADIsimADC program, which is also discussed in this section. 


In the second section we discuss the family of on-line tools developed by Analog 
Devices. These range from relatively simple tools, such as the settling time calculator to 
“wizards,” such as the filter design wizard. Wizards help design the circuits as well as 
assist in part selection. 


No matter how much simulation and design tools may help with the design of the circuit, 


there is absolutely no substitute for actually building the circuit. The last section 
discusses evaluation boards and prototyping techniques. 
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SECTION 13.1: SIMULATION 
Spice 


In the past decade, circuit simulation has taken on an increasingly important role within 
analog circuit design. The most popular simulation tool for this is Spice, which is 
available in multiple forms for various computer platforms (see References 1 and 2). 
However, to achieve meaningful simulation results, designers need accurate models of 
many system components. The most critical of these are realistic models for ICs, the 
active devices that drive modern designs. In the early 1990s, Analog Devices developed 
an advanced op amp Spice model, which is in fact still in use today (see References 3 and 
4). Within this innovative open amplifier architecture, gain and phase response can be 
fully modeled, enabling designers to accurately predict ac, dc, and transient performance 
behavior. This modeling methodology has also been extended to include other devices 
such as in-amps, voltage references, and analog multipliers. 


The popularity of Spice simulation has led to many op amp macromodel releases, which 
(ideally) software-mimic amplifier electrical performance. With numerous models 
available, several confusions are possible. There may be uncertainty as to what is/isn’t 
modeled, plus a basic question of model accuracy. All of these points are important, in 
order to place confidence in simulation results. So, verification of a model is important, 
checking it by comparison to the actual device performance conditions, before trusting it 
for serious designs. 


Of course, a successful first design step using an accurate op amp model by itself doesn’t 
necessarily guarantee totally valid simulations. A simulation based on incomplete 
information has limited value. All parts of a target circuit should be modeled, including 
the surrounding passive components, various parasitic effects, and temperature changes. 
Then, the circuit needs to be verified in the lab, by breadboarding and prototyping. A 
breadboard circuit is a quickly executed mockup of a circuit design using a semi- 
permanent lab platform, i.e., one which is less than final physical form. It is intended to 
show real performance, but without the total physical environment. A good breadboard 
can often reveal behavior not predicted by Spice, either because of an incomplete model, 
external circuit parasitics, or numerous other reasons. However, by using Spice along 
with intelligent breadboarding techniques, a circuit can be efficiently and quickly 
designed with reasonably good assurance of working properly on a prototype version, or 
even a final PCB. The following prototype phase is just one step removed from a final 
PCB, and may in fact be an actual test PCB, with nearly all design components 
incorporated, and with close to full performance. 


The breadboard/prototype design steps are closely allied to simulation, usually following 
it in the overall design process. These are more fully discussed in subsequent sections. 
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Macromodel vs. Micromodel 


The distinction between macromodel and micromodel is often unclear. A micromodel 
uses the actual transistor level and other Spice models of an IC device, with all active and 
passive parts fully characterized according to the manufacturing process. In 
differentiating this type of model from a macromodel, some authors use the term device 
level model to describe the resulting overall op amp model. Typically, a micromodel is 
used in the actual design process of an IC. 


So METHODOLOGY ADVANTAGES DISADVANTAGES 


IDEAL ELEMENTS FAST SIMULATION | MAY NOT MODEL ALL 
MACROMODEL | MODEL DEVICE TIME, CHARACTERISTICS 


BEHAVIOR EASILY MODIFIED 


FULLY MOST COMPLETE | SLOW SIMULATION, 
MICROMODEL CHARACTERIZED MODEL CONVERGENCE 
TRANSISTOR LEVEL DIFFICULTY, 


CIRCUIT NON-AVAILABILITY 


Figure 13.1: Differentiating the Macromodel and Micromodel 


A macromodel goes another route in emulating op amp performance. Taking into 
consideration final device performance, it uses ideal native Spice elements to model 
observed behavior—as many as necessary. In developing a macromodel, a real device is 
measured in terms of lab and data sheet performance, and the macromodel is adjusted to 
match this behavior. Some aspects of performance may be sacrificed in doing this. 
Figure 13.1 compares the major pros and cons between macromodels and micromodels. 


There are advantages and disadvantages to both approaches. A micromodel can give a 
complete and accurate model of op amp circuit behavior under almost all conditions. But, 
because of a large number of transistors and diodes with nonlinear junctions, simulation 
time is very long. Of course, manufacturers are also reluctant to release such models, 
since they contain proprietary information. And, even though all transistors may be 
included, this isn’t a guarantee of total accuracy, as the transistor models themselves 
don’t cover all operational regions precisely. Furthermore, with a high node count, Spice 
can have convergence difficulties, causing a failed simulation. This point would make a 
micromodel virtually useless for multiple amplifier active filters, for example. 


On the other hand, a carefully developed macromodel can produce both accurate results 
and simulation time savings. In more advanced macromodels such as the ADSpice model 
described below, transient and ac device performance can be closely replicated. Op amp 
nonlinear behavior can also be included, such as output voltage and current swing limits. 


However, because these macromodels are still simplifications of real devices, all 
nonlinearities aren’t modeled. For example, not all ADSpice models include common- 
mode input voltage range, or noise (while more recent ones do). Typically, in model 
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development parameters are optimized as may be critical to the intended application— 
for example, ac and transient response. Including every possible characteristic could lead 
to cumbersome macromodels that may even have convergence problems. Thus, ADSpice 
macromodels include those op amp behavior characteristics critical to intended 
performance for normal operating conditions, but not necessarily all nonlinear behavior. 


The ADSpice Op Amp Macromodels 


The basic ADSpice model was developed as an op amp macromodeling advance, and as 
an improved design tool for more accurate application circuit simulations. Since being 
introduced in 1990, it has become a standard op amp macromodel topology, as evidenced 
by industry adoption of the frequency shaping concepts. 


Prior to about 1990, a dominant op amp model architecture was the Boyle model. This 
macromodel, developed in the early °70s, cannot accurately model higher speed 
amplifiers. The primary reason for this is that it has limited frequency shaping ability— 
only two poles and no zeroes. In contrast, the ADSpice model topology has a flexible and 
open architecture, allowing virtually unlimited pole and zero frequency shaping stages to 
be cascaded. This key difference provides much more accurate ac and transient response, 
vis-a-vis the more simplistic Boyle model topology. 


An ADSpice model is comprised of three main portions, described as follows. The first of 
these is a combined input and gain stage, which will include transistor models as 
appropriate to the device being modeled (NPN or PNP bipolar, JEET, MOSFET, etc.). 
Next are the synthetic pole and zero stages, which are comprised of ideal Spice native 
elements. There may be only a few of these or there may be many, dependent on the 
complexity of the op amp’s frequency response. Finally, there is an output stage, which 
couples the first two sections to the outside world. 


Before describing these sections in detail, it is important to realize that many variations 
upon what is shown below do in fact exist. This is due to not just differences from one op 
amp model to another, but also to evolutionary topology developments in op amp 
hardware, which in turn has led to corresponding modeling changes. For example, 
modem op amps often include either rail-to-rail output or input stages, or both. 
Consequently more recent developments in the ADSpice models have addressed these 
issues, along with corresponding model developments. 


Furthermore, although the Boyle model and the original ADSpice models were designed 
to support voltage feedback op amp topologies, subsequent additions have added current 
feedback amplifier topologies. In fact, Reference 9 describes an ADSpice current 
feedback macromodel which appeared just shortly after the voltage feedback model of 
Reference 3. These current feedback macromodels are discussed in more detail below. 
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Input and Gain/Pole Stages 


A basic ADSpice voltage feedback op amp macromodel input stage is shown in 
Figure 13.2. As noted, it uses what are (typically) the only transistors in the entire model, 
in this example the Q1-Q2 NPN pair, to the left on the diagram. These are needed to 
properly model an op amp's differential input stage characteristics. A basic tenet of this 
model topology is that this stage is designed for unity gain, by the proper choice of Q1- 
Q2 operating current and gain-setting resistors R3-R4 and R5-R6. 


(4) R7 C3 


Input 
C) EREF 
V 
INPUT STAGE OPEN LOOP GAIN/POLE STAGE 
GAIN = UNITY GAIN = gm, * R7 


Figure 13.2: Input and Gain/Pole Stages of ADSpice Macromodel 


Although this example uses NPN transistors, the input stage is easily modified to use 
PNP bipolars, JEET, MOSFET devices, or even the NPN-PNP combination typically 
found in rail-to-rail input op amps. The rest of the input stage uses simple Spice elements 
such as resistors, capacitors, and controlled sources. 


The open-loop gain vs. frequency characteristics of the modeled op amp is provided by 
the gain stage, to the right in the diagram. Here controlled source gm; senses the 
differential collector voltage Vp from the input stage, converting this voltage to a 
proportional current. The gm, output current flows in load resistor R7, producing a single 
ended voltage referenced to an internal voltage, EREF. Typically, this voltage is derived 
as a supply voltage midpoint, and is used throughout the model. 


By simply making the gm)-R7 product equal to the specified gain of the op amp, this 
stage produces the entire open-loop gain of the macromodel. This design factor means 
that all other model stages operate at unity gain, a feature leading to significant flexibility 
in adding and deleting subsequent stages. This approach allows the quick synthesis of the 
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complex ac characteristics typical of high performance, high speed op amps. In addition, 
this stage also provides the dominant pole of the amplifier’s ac response. The open-loop 
pole frequency is set by selection of capacitor C3, as noted in the diagram. 


Frequency Shaping Stages 


Following the gain stage of the macromodel is a variable but unlimited number of pole 
and/or zero stages, which in combination provide frequency response shaping. Typical 
topologies for these stages are as shown in the Figure 13.3 diagram. The stages can be 
either a single pole or a single zero, or combined pole/zero or zero/pole stages. All such 
stages have a de transfer gain of unity, and a given amplifier type can have all or just a 
few of these stages, as may be required to synthesize its response. 


c5 


POLE STAGE 
gm, * R8=1 


ZERO STAGE 
~ RIO _ 
EI RO+R10 


ZERO/POLE STAGE POLE/ZERO STAGE 
gm, * R11 =1 gm, * R13 =1 


Figure 13.3: The Frequency Shaping Stages Possible Within 
the ADSpice Model 


The pole or zero frequency is set by the combination of the resistor(s) and capacitor, or 
resistor(s) and inductor, as may be the case. Because an infinite number of values are 
possible in Spice, choice of RC values is somewhat arbitrary, and a wide range work. 
Early ADSpice models used relatively high values, while later ones employ lower values 
to reduce noise (described in more detail later). In all instances, it is assumed that each 
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stage provides zero loading to the driving stage. The stages shown reflect no particular op 
amp, but example principles can be found within the OP27 model. 


Because all of these frequency-shaping stages are dc-coupled and have unity gain, any 
number of them can be added or deleted, with no affect on the model’s low frequency 
response. Most importantly, the high frequency gain and phase response can be precisely 
tailored to match a real amplifier's response. The benefits of this frequency-shaping 
flexibility are especially apparent in performance comparisons of the ADSpice model 
closed loop pulse response and stability analysis, versus that of a more simplistic model. 
This point is demonstrated by a later example. 


Macromodel Output Stages 


A general form of the output stage for the ADSpice model, shown in Figure 13.4, models 
a number of important op amp characteristics. The Thevenin equivalent resistance of Ro: 
and Roz mimics the op amp’s de open loop output impedance, while inductor Lo models 
the rise in impedance at high frequencies. A unity gain characteristic for the stage is set 
by the g7-Ro; and gs-Ro2 products. 


Additionally, output load current is correctly reflected in the supply currents. This feature 
is a significant improvement over the Boyle model, because the power consumption of 
the loaded circuit can be analyzed accurately. Furthermore, circuits using the op amp 
supply currents as part of the signal path can also be correctly simulated. The output stage 
shown is not intended to reflect any particular op amp, but close similarity is found 
within the AD817 model. 


+V, 


OUTPUT IMPEDANCE = 


Roi + Roz 
2 


+SLo 


Figure 13.4: General-Purpose Macromode! Output Stage 


13.8 


DESIGN DEVELOPMENT TOOLS 
SIMULATION 


With the recent advent of numerous rail-to-rail output stage op amps, a number of 
customized model topologies have been developed. This expands the ADSpice library to 
include rail-to-rail model behavior, matching op amp architectures using P and N 
MOSFET devices, as well as bipolar devices. Characteristically, a rail-to-rail output stage 
includes several key differentiating performance points. First and foremost is the ability 
to swing the op amp output to within a few mV of both supplies. A second point is the 
fact that such an output stage has a voltage gain greater than one, and a third is the 
relatively high output impedance (high as contrasted to traditional emitter follower 
outputs). 


In addition to rail-rail output operation, many modern op amps also feature rail-to-rail 
input stages. Such stages essentially duplicate, for example, an NPN-based differential 
stage with a complementary PNP stage, both stages operating in parallel. This allows the 
op amp to provide a CM range that includes both supply rails. This performance feature 
can also be accomplished within CMOS op amps, using both a P and N type MOS 
differential pairs. 


Model Transient Response 


The performance advantage of the multiple pole/zero stages is readily demonstrated in a 
transient pulse response test, as in Figure 13.5. This figure compares an actual OP249 op 
amp, the ADSpice model, and the Boyle model. It reveals the improved execution 
resulting from the unlimited number of poles and zeros in this model. 


The difference is easily apparent from this transient analysis plot for a unity gain follower 
circuit. An OP249 amplifier was used, with the output connected to the inverting input, 
and a 260 pF capacitive load. 


rit oP-249 SPICE PODEL TREASIENT (CLOED + 2600F) BOYLE 0-249 MODEL TRANSIENT (CLOAD = 2600) 
me run: 11/13/89 13:24:55 mperature: 2 13/89 13:31:13 


VERTICAL SCALE: 50mV / div. 
HORIZONTAL SCALE: 200ns/ div. LOAD = 260pF 


Figure 13.5: A Pulse Response Comparison of an OP249 Follower (left) and the 
ADSpice Model (center) and the Boyle Model (right) 
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As can be noted, this results in ringing, as seen in the op amp response (left). Note that 
the ADSpice model accurately predicts the amount of overshoot and frequency of the 
damped ringing (center). In contrast, the Boyle model (right) predicts about half the 
overshoot and significantly less ringing. 


The Noise Model 


An important enhancement to the ADSpice model is the ability to realistically model 
noise performance of an op amp. The capability to model a circuit's noise in Spice can be 
appreciated by anyone who has tried to analyze noise by hand. A complete analysis is an 
involved and tedious task that involves adding all the individual noise contributions from 
all active devices and all resistors, and referring them to the input. 


To aid this task, the ADSpice model was enhanced to include noise generators that 
accurately mimic the broadband and 1/f noise of an actual op amp. Conceptually, this 
involves first making an existing model noiseless, and then adding discrete noise 
generators, so as to emulate the target device. As noted earlier, all ADI models aren’t 
necessarily designed for this noise-accurate performance. Selected device models are 
designed for noise, however, when their typical uses include low noise applications. 


The first step is an exercise in scaling down the model internal impedances. For example, 
by reducing the resistances in the pole/zero stages from a base resistance of 1 MQ to 1 Q, 
total noise is reduced dramatically, as figure 13.6 illustrates. 


CASE 
"Noisy" "Noiseless" 
10 
@ R9 CA aa 
159 pF 
ges 129 pV/VHz 


Figure 13.6: A First Design Step in Achieving Low Noise Operation, is the 
Reduction of Pole/Zero Cell Impedances to Low Values 


For the "Noisy" column of the table, the noise from the pole stage shown with a large R9 
resistor value is 129 nV/A/Hz. But when this resistor is scaled down by a factor of 10°, to 
1 © as in the "Noiseless" column, stage noise is 129 pV/A/Hz. Note also that 
transconductance and capacitance values are also scaled by the same factor, maintaining 
the same gain and pole frequency. To make the model’s input stage noiseless, it is 
operated at a high current and with reduced load resistances, making noise contributions 
negligible. Extending these techniques to the entire model renders it essentially noiseless. 
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Once global noise reduction is achieved, independent noise sources are added, one for 
voltage noise and two for current noise. The basic noise source topology used is like 
Figure 13.7, and it can be set up to produce both voltage and current noise outputs. 


RNOISE2 


Figure 13.7: A Basic Spice Noise Generator Is Formed with Diodes, Resistors, 
and Controlled Sources 


Note that, within Spice, semiconductor models can generate 1/f (flicker) noise. The noise 
generators use diodes such as DN1 to produce this portion of the noise, modeling the 1/f 
noise of the op amp. By properly specifying diode model parameters and bias voltage 
VNOISE1, the 1/f noise is tailored to match the op amp. The noise current from DN1 
passes through a zero voltage source. Here VMEAS is being used as a measurement 
device, combining the 1/f noise from DN1 and the broadband noise from RNOISE1. 


RNOISE1 is selected for a value providing an appropriate broadband noise. The 
combined noise current in VMEAS is monitored by FNOISE, and appears as a voltage 
across RNOISE2. This voltage is then injected in series with one amplifier input via a 
controlled voltage source, such as En of Figure 13.2. Either FNOISE or a controlled 
voltage source coefficient can be used for overall noise voltage scaling. 


Current noise generation is similar to the above, except that the RNOISE2 voltage 
producing resistor isn’t used, and two current-controlled sources drive the amplifier 
inputs. With all noise generators symmetrical about ground, dc errors aren’t introduced. 


Current Feedback Amplifier Models 


As noted previously, a new model topology was developed for current feedback 
amplifiers, to accommodate their unique input stage structure. The model uses a topology 
as shown in Figure 13.8 for the input and gain stages. The remaining model portions (not 
shown) contain multiple pole/zero stages and the output stage, and are essentially the 
same as voltage feedback amplifiers, described above. 


The four bipolar transistor input stage resembles actual current feedback amplifiers, with 
a high impedance noninverting input (+IN) and a low impedance inverting input (—IN). 
In current feedback amplifiers, the maximum slew rate is very high, because dynamic 
slew current isn’t limited to a differential pair tail current (as in voltage feedback op 
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amps). In current feedback op amp designs, much larger amounts of error current can 
flow in the inverting input, as developed by the feedback network. Internally, this current 
flows in either Q3 or Q4, and charges compensation capacitor C3 via current mirrors. 


Figure 13.8: Input and Gain Stages of Current Feedback Op Amp Macromodel 


The current mirrors of the ADSpice model are actually voltage controlled current sources 
in the gain stage, G1 and G2. They sense voltage drops across input stage resistors R1 
and R2, and translating this into a C3 charging current. By making the value of G1 and 
G2 equal to the R1-R2 reciprocal, the slew currents will be identical. By clamping the 
R1-R2 voltage drops via D1-V1 and D2-V2, the maximum current is limited, which thus 
sets the highest slew rate. Open-loop gain or transresistance of the model is set by RS, 
and the open-loop pole frequency by C3-R5 (as described previously, Figure 13.2). The 
output from across R5-C3 (node 12) drives the model’s succeeding frequency shaping 
stages, and EREF is again an internal reference voltage. 


One of the unique properties of current feedback amplifiers is that bandwidth is a 
function of the feedback resistor and the internal compensation capacitor, C3. The lower 
the feedback resistor, the greater the bandwidth, until a practical lower limit is reached, 
i.e., the value at which the part oscillates. As the model includes a low impedance 
inverting input, it accurately mimics real part behavior as Rr is altered. Figure 13.9 
compares the ADSpice model to the actual device for an AD811 video amplifier. As 
shown, the model accurately predicts the gain roll off at the much lower frequency for the 
1 kQ feedback resistor as opposed to the 500 Q resistor. 


The current feedback amplifier input and gain stage is an enhancement to the ADSpice 
model that increases flexibility in modeling different op amp devices, and provides a net 
increase in design cycle speed. 
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GAIN (dB) 


Frequency 


START 1 000 000.000Hz STOP 200 000 000.000Hz 


Figure 13.9: Comparison of a Real AD811 Current Feedback Op Amp (left) 
with Macromodel (right) as Feedback Resistance Is Varied 


Simulation Must Not Replace Breadboarding! 


No matter how accurate your models are, or how much confidence you have with 
simulations, Spice analysis alone should never totally replace breadboarding. As part of 
a layout and the actual devices existing within a real world PCB assembly, there are 
second and third order effects which can easily become relevant to performance. By and 
large, Spice will never ever "know" of such things, unless you explicitly enter them into 
the Spice netlist. However, this may be either difficult or outright impossible. You may 
not even be aware of some things before a PCB is built and tested within the final 
system—spurious signal coupling, the effects of crosstalk, the inevitable parasitic 
capacitance, inductance, and resistance—on and on goes the list. Let’s face it, it is all but 
impossible to include all of these effects in a simulation. Even if generally aware of their 
existence, you simply won’t have any data whatsoever on the magnitudes involved 
without actually building a PCB, and operating it under the intended conditions. 


Furthermore, remember the fact that no macromodel includes all op amp characteristics. 
For example, exceeding the input voltage range can cause nonlinear behavior in an op 
amp, which is not necessarily included in its model. Because of such effects that a 
simulation might not predict, it is necessary to breadboard the circuit. 


Even with models as comprehensive as those of the ADSpice library, external effects can 
easily cause a circuit to work improperly. As noted, PCB parasitics can significantly alter 
the frequency performance in high speed designs. Such parasitics are easily overlooked in 
a Spice simulation, but a breadboard will reveal the problems. 


Ultimately, simulation and breadboarding should be used together to maximize the design 
efficiency. It is necessary to understand the abilities and limitations of simulation and 
have reasonable expectations as to what spice simulation will tell you. 
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Simulation Is a Tool to be Used Wisely 


It must be remembered that while simulation is an extremely powerful tool, it must be 
used wisely to realize its full benefits. This includes knowing models well, understanding 
PCB and other parasitic effects, and anticipating the results. For example, consider a 
simple differential amplifier comprised of an op amp and four equal resistors, to be 
analyzed for common mode rejection ratio (CMRR) performance. At low frequencies, 
CMRR will be dominated by resistor mismatch, while at higher frequencies it is 
dominated by op amp CMRR performance. However, a Spice simulation will only show 
this if the external resistors are realistically mismatched, and the op amp model used also 
properly treats not only dc CMRR, but also CMRR reduction at higher frequencies. If 
these critically important points are overlooked in the analysis, then an optimistic result 
will shows excellent CMRR_ performance over the entire circuit bandwidth. 
Unfortunately, this is simply wrong. Alternatively, substituting into the netlist resistors 
mismatched by their specified tolerances as well as an ADSpice model (which does have 
CMRR frequency effects modeled) the end results will be quite different. CMRR 
performance at low frequencies will be limited by resistor mismatch errors, and it will 
degrade at higher frequencies, as would a real op amp device with CMRR versus 
frequency effects. 


Know the Models 


Using various dc and ac tests, any op amp macromodel can be checked for accuracy and 
functional completeness. Specialized test simulations can also be devised for other op 
amp parameters important for a particular analysis. All this is critically important, as 
knowing a model's capabilities ahead of time can help prevent many headaches later. 


Understand PCB Parasitics 


Even if the model passes all preliminary tests, caution still should be exercised. As noted, 
PCB parasitics can have significant impact on a circuit's performance. This is especially 
true for high speed circuits. A few picofarads of capacitance on the input node can make 
the difference between a stable circuit and one that oscillates. Thus, these effects need to 
be carefully considered when simulating the circuit to achieve meaningful results. 


To illustrate the impact of PCB parasitics, the simple voltage follower circuit of 
Figure 13.10 (left) was built twice. The first time this was on a carefully laid out PCB, 
and the second time on a component, plug-in type of prototype board. An AD847 op amp 
is used because of its 50 MHz bandwidth, which makes the parasitic effects much more 
critical (smaller C values will have a greater effect on results). 
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Figure 13.10: Parasitic Effects in the PCB Layout, Results of Lab Testing 
(center) and Simulation (right) 


As the results above indicate, this circuit executed on a properly laid out PCB has a clean 
response with minor overshoot and ringing (center picture). The Spice model results also 
closely agree with the real part, showing a corresponding simulation (right picture). 


On the other hand, the same circuit built on the plug-in prototype board shows distinctly 
different results. In general it shows much worse performance, due to the relatively high 
nodal capacitances around the op amp inputs, which degrade the square wave response to 
severe ringing, much less than full capability of the part. 


This is shown in Figure 13.11 in the center and right pictures, respectively. The voltage 
follower circuit on the left shows the additional capacitances as inherent to the prototype 
board. With this test circuit and corresponding analysis, there was (initially) no 
agreement between the poor lab test, and the parallel Spice test. However, when the 
relevant PCB parasitic capacitances are included in the Spice file, then the simulation 
results do agree with the real circuit, as noted in the right picture. 


This example illustrates several key points. One, PCB parasitics can easily make a high 
speed circuit behave much differently from a simplistic Spice analysis. Secondly, when 
the Spice netlist is adjusted to more reasonably reflect the parasitic elements of a PCB, 
then the simulation results do compare with the actual lab test. Finally, a point that should 
be obvious, a clean PCB layout with minimal parasitics is critically important to high 
speed designs. To put this in a broader perspective, op amps of today are capable of 
operating to 1 GHz or more! 


Another interesting point is that the simulation can be used as a rough measure of the 
PCB layout design. If the simulation, without any parasitics, agrees with the PCB, then 
there is a reasonable assurance that PCB is well laid out. 


Parasitic PCB elements are not the only area that may cause differences between the 
simulation and the breadboard. A circuit may exhibit nonlinear behavior during power-on 
that will cause a device to lock up. Or, a device may oscillate due to insufficient power 
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supply decoupling or lead inductance. Spice circuits need no bypassing, but real world 
ones always do! It is, practically speaking, impossible to anticipate all normal or 
abnormal operating conditions to which an amplifier might be subjected. 
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Figure 13.11: Lab Testing Results (center) and Simulation (right) Show 
Convergence—with a Poorly Damped Response 


Thus, it is always important that circuits be breadboarded and thoroughly checked in the 
lab. Careful forethought in these stages of design helps minimize any unknown problems 
from showing up when the final PCBs are manufactured. 


Simulation Speeds the Design Cycle 


Simulation is very effective in the initial design phase, to try out different ideas and 
circuit configurations. When a circuit topology has been decided upon and tested in 
Spice, then a breadboard can be built. If the simulation was done carefully, the 
breadboard has good likelihood of working correctly without significant modifications. 


When the simulation and the actual results correlate, then the circuit can be easily altered 
in Spice to perform many different types of analysis. For example, it is much easier to try 
to optimize the circuit while working within in Spice, as opposed to repeatedly modifying 
a breadboard. Quick substitutions of the op amps and components can be made in Spice 
and the results immediately viewed. 


Worst-case and sensitivity analyses are also done in Spice much easier than on paper, and 
with multiple Spice runs, the sensitivity to a certain parameter can be determined. 
Consider for example an analysis of a multistage active filter, for all possible 
combinations of component values. This is a nightmare if not impossible either by hand 
or in the lab, but valid results for response extremes can be obtained relatively easily via 
a Spice Monte Carlo option, providing greater design confidence. 


While simulation cannot reasonably be allowed to replace breadboarding, the two can 
and should be used together, to increase the efficiency of a design cycle. 
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Spice Support 


A variety of industry vendors offer Spice analysis packages for various computer 
platforms, including the PC. The first of these and among the most popular is PSpice™, a 
commercial program which now includes allied packages for both schematic capture and 
PCB layout. In addition, many vendors also offer low or no cost limited capability 
student versions of their Spice programs. 


Model Support 


The ADSpice model library is available in several different forms. Included within it are 
models of several IC device types, in addition to the op amps discussed above. These are 
for in-amps, analog multipliers, voltage references, analog switches, analog multiplexers, 
matched transistors, and buffers. Individual op amp models are available as listings on 
many data sheets. Electronic ASCII text files of the model library are found from either 
the ADI website (see References), the Analog Devices Literature Center via 1-800- 
ANALOGD (1-800-262-5643), or on the ADI support CD. 


IBIS Models 


IBIS (/O Buffer Information Specification) models are used with various IBIS based 
simulators. IBIS models are used for transmission line simulation of digital systems. 
These models accurately simulate I/O buffers, termination, and circuit board traces. It is a 
behavioral model that relies on tabulated current versus voltage characteristics. 


The IBIS specification is a fast and accurate behavioral method of modeling input/output 
buffers based on V/I curve data derived from measurements or full circuit simulation. It 
uses a standardized software-parsable format in the form of an ASCII file to store the 
behavioral information needed to model device characteristics of integrated circuits. IBIS 
is compatible with virtually every simulator and EDA tool existent. 


Saber Models 


Saber models are used to simulate analog, digital, and mixed-signal systems. Saber 
models are used to simulate and analyze systems, sub-systems, and components before 
building prototypes. Saber simulation uses a mathematical engine to solve a network of 
equations represented by interconnected models in a circuit or system. 
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ADIsimADC 


Prior to the release of ADIsimADC™ data converter modeling was often overlooked, 
omitted or simply done using an ideal data converter. With more and more systems being 
implemented using mixed signal technology, the importance of system modeling is ever 
increasing. This coupled with shortened design cycles as well as pressures for first pass 
success drives the continuing importance of complete system modeling. 


When modeling is used, ideal converter models are often used. While this is useful for 
functional modeling, it fails to give the details of performance required to determine if a 
particular device selected will actually meet the desired goals of the system. For this 
reason ADIsimADC" was developed. For the first time, this model provides a means for 
customers to validate performance of the converter in their system, using their data in 
their conditions to determine the applicability of a selected device. While this version of 
the model doesn’t model every characteristic of an ADC, it goes a very long way towards 
achieving the goal of allowing the customer the ability to model real data converters in 
their system simulations. 


Behavioral vs. Bit Exact 


The ADIsimADC modeling software is not a bit exact model. A bit exact model is a 
model that given a known stimulus provides a known and predictable output. These types 
of models are often found in digital systems. In dealing with analog functions, there is 
never a known response for a given input because of noise, distortion, and other 
nonlinearities. While some portion of the response may be predictable, much of the 
remainder is subject to distortion, noise, and even part-to-part variation. Additionally, to 
provide a bit exact model would require providing circuit simulation files such as Spice 
models that process transient response and requires complex initial conditions be set. 
However, these models are large, complex, very slow, and in the end provide very limited 
accuracy. A reduced or equivalent Spice model would not be able to provide adequate 
modeling of fine details of static and dynamic performance. 


A behavioral model eliminates the complexity of a large Spice file, while at the same 
time allows modeling of fine performance detail not possible to attain with a circuit file. 
As provided, ADIsimADC can be included in many other 3rd party simulation tools 
including Matlab, C++, as well as stand alone converter evaluation using ADC 
Analyzer. . 


Model vs. Hardware 


Modeling a system, or even just an ADC, should never be a substitute for building and 
characterizing a real system. As any RF engineer will tell you, it is one thing to model a 
circuit, but it is completely another to actually build it up and test it. As with any analog 
or mixed signal device, proper layout and configuration is required to achieve the 
performance shown in simulation. Therefore it is important that all layout rules and 
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guidelines be followed as shown in the product data sheets. It is also important to provide 
adequate power supply bypass capacitors. Because mixed signal devices include some 
amount of digital circuitry, digital switching noise is often a problem and failure to 
provide capacitors to moderate these switching currents can significantly reduce 
performance of even the best devices. Often, other support devices are required around 
the converter. This includes additional capacitors, inductors, and resistors. The only way 
to know what is required is to consult the product data sheet and even the evaluation 
board schematic often supplied in the product data sheet. ADIsimADC is targeted at 
providing realistic performance of real devices based on recommend layouts as shown in 
the data sheet. 


What Is Important to Model? 


What is important to model depends on what kind of analysis you are trying to perform. 
For example, control loops would need accurate transfer function and delay information 
while radio systems may require an accurate representation of noise and distortion. 
ADIsimADC models many of the critical specification of data converters including: 
offset, gain, sample rate, bandwidth, jitter, latency, and both ac and dc linearity. 


Gain, Offset and DC Linearity 


The full-scale range of the converter is defined by the design of the converter. In some 
cases, the full-scale range of the converter is fixed while others are selectable or variable. 
Gain error of a converter is the deviation from the nominal value which is often called the 
input span. Since an ADC is a voltage input device, this value is specified in volts at de or 
low frequency. As the input frequency is increased, attenuation in the amplitude response 
effectively increases the apparent full-scale range of the converter causing a roll off in the 
response of the converter. The frequency where the response has diminished to 3 dB is 
called the full power 3 dB bandwidth of the converter. 


Offset represents the digital output if the input(s) are shorted to the reference. Many 
devices have internal connections that bias the input pins to the internal reference to set 
up the input common mode voltage. On such devices, it is not necessary to make this 
connection externally, and the input may be floated in the case of a single ended input, or 
shorted together in the case of a differential input. Devices that do not have connections 
internally to the common-mode voltage must be externally connected. As with input 
span, the common-mode voltage may either be fixed or may be adjustable. The data sheet 
should be consulted to determine how your device is configured. 


ADIsimADC does not allow either the input span or the common-mode to be changed. 
Different models are provided for devices with different input spans. Common-mode is 
fixed for all devices and may not be changed. If modeling in a system that uses a different 
common-mode range, the difference may be subtracted by an external offset if necessary. 
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Figure 13.12: Typical ADC Input Structures 


DC linearity is determined by the data converter transfer function. This is determined by 
a number of factors including the static transfer function (or dc linearity of the device). 
The de linearity for an ADC is determined by the quantization method of the converter. 
There are many types of converters and a good summary is found in references. Each 
type of converter will have a unique transfer function, and will produce different results 


both at de and at high frequency. 
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Figure 13.13: Typical Converter DNL, an Important Contributor to the Converter 
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Sample Rate and Bandwidth 


The performance of most converters changes with both the sample rate and analog input 
frequency change. From a sample rate point of few, most good converters provide 
consistent performance from the lowest sample rate to the highest specified sample rate. 
At very low sample rates, some converters will fail to properly operate because charges 
stored on on-chip capacitors will discharge or droop, causing incorrect data conversion. 
Therefore the data sheet should be consulted to determine what the lowest usable sample 
rate will be. Depending on the class of converter, this may either be 0 Hz or some other 
frequency. At the highest of the sample rates, one of two problems occurs. First, the 
device may simply not be able to pass on-chip digital signals from one stage to the next. 
This is the result of running out of either setup or hold time on-chip. The other problem is 
failure of a critical analog signal to stabilize during the time allocated. One such example 
is acquisition time for a hold capacitor. As before, the data sheet should be consulted to 
determine what the highest usable sample rate should be. ADIsimADC uses the specified 
sample rate to determine how the converter should perform. However outside the 
specified range of the device, the model will produce all zeros results. 
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Figure 13.14: Converter Performance vs. Sample Rate 


As the analog input frequency increases, the natural tendency of a converter like any 
other analog device will roll off in its frequency response. This is modeled in 
ADIsimADC and results in a reduced response within the model. This is noticed as the 
signal level of an FFT will show decreased signal level. To counter this loss, the input 
signal level must be increase above the span specified as the default for the model 
resulting in an input that appears to be above the full-scale range of the converter. In 
reality, this signal is attenuated by package parasitics, device parasitics as well as the 
filter formed by the hold capacitor of the internal sample and hold amplifier (SHA). 
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Distortion, Both Dynamic and Static 


Because ADCs have a finite bandwidth, they also exhibit a fundamental slew rate 
limitation. This slew rate limitation is one source of distortion within an ADC. If the 
input frequency of the data converter is swept from dc to some upper frequency, the 
SFDR performance of the converter will consistently decline as the input frequency 
increases. This is caused by the dynamic limitations of the converter as outlined here. As 
the input frequency continues to increase, so do the harmonics. 
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Figure 13.15: Converter Analog Bandwidth 
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Figure 13.16: Example Converter Performance vs. Analog Input Frequency 
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Since these limitations are due at least in part to slew rate issues, the amplitude of these 
signals can be reduced (while keeping the analog frequency constant), resulting in a 
reduced slew rate and improved harmonics relative to the full-scale of the converter. 
While these spurious components do not always follow the classic trend of m-order 
products, this trend may often be casually observed. As the signal levels are reduced, 
slew rate effects diminish, but errors due to static distortion rapidly replace them as the 
dominant contributor to distortion. 


Static distortion is the distortion due to the transfer function of the converter. This 
distortion often will have some very unpredictable results. This may include spurious 
components that change rapidly as a function of input level and can exhibit both positive 
and negative slope characteristics. Largely these spurs are due to the characteristics of the 
design architecture of the converter. That said, different converters will have very 
different static transfer functions, resulting in very different distortion responses. 
Additionally, since these are analog components, each part within the same design will 
also exhibit different responses to an input signal. The results are that some part to part 
variation will always exist. 
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Figure 13.17: Data Converter Transfer Function 


ADIsimADC attempts to model the nominal performance of the data converter. While 
it does an effective job at this, some part-to-part variation is normal. As stated earlier, the 
data sheet should be consulted to determine what performance variations are expected. 
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Jitter 


In addition to the analog input slew rate limitations of the converter, one of the most 
difficult aspects of sampling high frequency analog signals is that of jitter. Jitter is the 
sample-to-sample variations in the sampling process at the front end of every data 
converter. At low analog input frequencies, this poses no problems at all. However at 
high analog frequencies, errors made in the analog sampling process due to jitter can 
cause significant errors. While the sampling time errors may be on the order of 
femtoseconds, the resulting limitations in SNR can be significant. 


Although there are multiple contributors to overall noise, at high frequencies, jitter is 
clearly the dominant factor, especially for high resolution converters as shown in the 
equation below. 


f ; 2) 2 
SNR = —20 log (21 analog! jittetn, p +| - 


Vv 
4 2b NOiSC yp; 
a” 
\ 2 


There are two sources for jitter. The first source is the native or internal jitter to the 
device. This is just the jitter of the ADC under test. Since most contemporary converter 
designers seek to minimize the internal jitter by various techniques, this number will 
usually be the smaller of the two (but not negligible). The second and major source of 
jitter is the external clock jitter. When the model is computing the noise due to jitter these 
two jitter sources are combined root summed squared (rss) before the noise is computed. 
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Figure 13.18: SNR vs. Input Frequency vs. Jitter 
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ADIsimADC estimates the instantaneous slew rate of the input signal and multiplies this 
by a Gaussian modeled jitter with a sigma equal to the combined rss values of the internal 
and external jitter. The result is a jitter contribution to the noise that accurately models 
the effects of jitter as a function of both the analog input frequency and amplitude level. 
The default for external jitter is that of the setup used during characterization of the 
device. This, however, can be set by the user to any value. 


Latency 


Many types of converters include a pipeline delay between the sample time and when the 
data appears on the digital outputs. SAR and FLASH converters generally provide output 
data immediately after the sample period. However multistage converters such as 
pipelined and Sigma-Delta (also known as Delta-Sigma) converters do not offer an output 
for tens and hundreds of clock cycles later. While many times this is not relevant, it is 
important for control and other systems where latency is important. ADIsimADC models 
latency in terms of whole values of the clock period. This has the effect of producing 
garbage at the beginning of a conversion period while the pipeline fills until it produces 
valid data after the end of the conversion period while the pipeline flushes. Care must be 
taken when using the model to properly account for the pipeline delay of the model either 
by “flushing” the buffer or by other means. 
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ADIsimPLL 


Traditionally, PLL Synthesizer design relied on books and published application notes to 
assist in the design of the PLL loop filter. It was necessary to build prototype circuits to 
determine key performance parameters such as lock time, phase noise, and reference 
spurious levels. Optimization was limited to “tweaking” component values on the bench 
and repeating lengthy measurements. 


Using ADIsimPLL both streamlines and improves upon the traditional design process. 
Starting with the “new PLL wizard” a designer constructs a PLL by specifying the 
frequency requirements of the PLL, selecting an integer-N or fractional-N 
implementation and then choosing from a library of PLL chips, library of custom VCOs, 
and a loop filter from a range of topologies. The wizard designs a loop filter and sets the 
simulation program to display key parameters including phase noise, reference spurs, 
lock time, lock detect performance, and others. 


ADIsimPLL operates with spreadsheet-like simplicity and interactivity. The full range of 
design parameters such as loop bandwidth, phase margin, VCO sensitivity, and 
component values can be altered with real-time update of the simulation results. This 
allows the user to easily tailor and optimize the design for their specific requirements. 
Varying the bandwidth, for example, enables the user to observe the trade-off between 
lock time and phase noise in real-time and with bench-measurement accuracy. 


ADIsimPLL includes accurate models for phase noise, enabling reliable prediction of the 
synthesizer closed-loop phase noise. Users report excellent correlation between 
simulation and measurement. 


ADIsimPLL also accurately simulates locking behavior in the PLL, including the most 
significant nonlinear effects. Unlike simple linear simulators based on Laplace transform 
solutions, ADIsimPLL includes the effects of phase detector cycle slipping, charge pump 
saturation, curvature in the VCO tuning law and the sampling nature of the phase- 
frequency detector. As well as providing accurate simulation of frequency transients, 
giving detailed lock-time predictions for frequency and phase lock, ADIsimPLL also 
simulates the lock detect circuit. For the first time designers can easily predict how the 
lock detect circuit will perform without having to resort to measurements. 


The simulation engine in ADIsimPLL is fast, with all results typically updating 
“instantaneously,” even transient simulations. As well as providing an interactive 
environment that enables the design to be easily optimized, it also encourages the 
designer to explore the wide range of design options and parameters available. Contrary 
to the traditional methods where to design, build, and then measure parameters takes 
days, ADIsimPLL enables the user to change the PLL circuit design and observe instantly 
the performance changes. ADIsimPLL allows the designer to work at a higher level and 
directly modify derived parameters such as the loop bandwidth; phase margin, pole 
locations, and the effects of the changes on performance are shown instantly (and without 
burning fingers with a soldering iron!). 
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If necessary the designer can work directly at the component level and observe the effects 
of varying individual component values. 


ADIsimPLL 


PLL Design & Simulation 
for Analog Devices PLL's £ i 


Version 2.50 
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Version 2.50 © 2000 - 2004 Applied Radio Labs 
This software is protected by copyright law and international treaties. 
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Figure 13.19: AD/simPLL Front page 


ADIsimPLL Version 2.5 includes many enhancements: 
- the new PLL wizard now includes a short-form selector guide for choosing the 
PLL chip, displaying short-form data for all chips, with links to the product pages 
on the Analog Devices website. 
- Similar short-form selector guides are available for choosing the VCO device, 
and these contain links to detailed device data on vendor’s websites. The data in 
the selector guides can be sorted by any parameter. 
- The chip-programming assistant enables rapid calculation of programming 
register values to set the chip any specified frequency. This is also great for 
checking channels that cannot be reached due to prescaler restrictions 
- The range of loop filters has been expanded to include a 4-pole passive filter and 
a noninverting active filter. As with all loop filter designs in ADIsimPLL, these 
models accurately include the thermal noise from resistors, the op amp voltage 
and current noise, as well as predicting reference spurs resulting from the op amp 
bias current. 
- Phase jitter results can now be displayed in degrees, seconds, or Error Vector 
Magnitude (EVM). 
- It is now possible to simulate the power-up frequency transient. 
- Support has been included for the new Analog Devices PLL chips with 
integrated VCO’s. 
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Open Loop Gain and Phase 
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Figure 13.20 
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Figure 13.21 
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Notes: 


1. TSSOP pin numbers shown 

2. Vee1 Analog Vee 

3. Vee2 Digital Vee 

4. Vp Charge Pump power supply 

5, Veel = Vee2, Vp >= Vee1,2 

6. CE =O0¥V powers down chip 

7. Consult manufacturers data 
sheet for full details 


Figure 13.22: ADilsimPLL Schematic Output 


Transient Analysis of PLL 
Frequency change from 100MHz to 130MHz 
Simulation run for 2.00ms 
Frequency Locking 
Time to lock to 1.00kHz is 1.21ms 
Time to lock to 10.0 Hz is 1.60ms 
Phase Locking (VCO Output Phase) 
Time to lock to 10.0 deg is 1.21ms 
Time to lock to 1.00 deg is 1.46ms 


Lock Detect Threshold 
Time to lack detect exceeds 2.50 VY is 1.42ms 


---- End of Time Domain Results ---- 


Figure 13.23: ADIisimPLL Time Domain Results 
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Design1 analysed at 07/23/02 07:02:53 
PLL Chip is ADF4116 

¥CO is custom 

Reference is custom 


Frequency Domain Analysis of PLL 
Analysis at PLL output frequency of 114MHz 


Phase Noise Table 


Freq Total ¥CO Ref 
100 -93.73 -- -- 
1.00k -68.97 -- -- 
10.0k -106.0 -- -- 
100k -145.7 -- -- 
1.00M -185.7 - -- 


Phase jitter using brick wall filter 
from 10.0kHz to 100kHz 
Phase Jitter 0.02 degrees rms 


Carrier Recovery phase jitter 
Carrier recovery bandwidth 6.40kHz damping factor 0.7071 
Symbol Filter cutoff 32.0kHz Butterworth with 3 poles 
Phase Jitter 0.09 degrees rms 


Residual FM 
from 300 Hz to 5.00kHz is 8.52 Hz 


FM SNR 
sinusoidal modulation with 10.0kHz peak deviation 
Signal to Noise Ratio = 58.4 dB 


ACP - Channel 1 


Channel 1 is centred 25.0kHz from carrier with bandwidth 15.0kHz 


Power in channel= -78.6dBc 


---- End of Frequency Domain Results  ---- 


Figure 13.24: ADIsimPLL Frequency Domain Results 
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SECTION 13.2: ON-LINE TOOLS AND WIZARDS 


Analog Devices is developing a large number of design tools designed to run on the 
worldwide Web. The purpose of these tools is to assist in the design process. Many of the 
tools are simply dressed up spreadsheets. Many of the processes are simple in a 
mathematical sense, so the lend themselves well to this approach. 


Simple Calculators 


For example consider the V rms/dBm/dBu/dBV Calculator. This simple utility converts 
between any of the several ways of expressing the ac voltage level. The impedance, 
which is nessasary to the dBm (the “‘m” standing for milliwatt) measurement, is included 
in the calculation. An example of the V rms/dBm/dBu/dBV Calculator screen is shown in 
Figure 13.25. 


Interactive Design Tools 


Utilities : Vams / dBm / dBu / dBV calculator 
A utility to convert between standard units of power measurement and signal strength. 


Instructions | Troubleshooting | Send this Link to a Colleague 


ication Voltage gain = fio vw 
data 
Zo [50 ohms [20 dB 
Waveform i Sine Wave x] 2.303 Np 
Convert 
VPEAK fi Vv 
Vrms [0.7071 V 
Power fio mW 
dBm fio dBm 
dBu [07918 dBu Calculate | 

v0.9.3 

dBV [301 dBV 


Figure 13.25: V rms/dBm/dBu/dBV Calculator screen 


The Power Dissipation Calculator computes die power dissipation and temperature for a 
linearly regulated output from quantities specified under “Parameters.” It also computes 
power dissipated in an external load. 


The model is of a linear push-pull output driving an external resistive load. Two common 
examples would be a digital bipolar output or a Class A amplifier. The voltage across the 
resistor, Vout-Vanp determines the current, IL, supplied by the output, which requires the 
internal driver dissipate I, * (V.-Vour) or IL * (Vour-V-) to supply the current linearly. 
Which rail supplies the current depends on whether the load current is positive or 
negative. 
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Total on-chip power, Prorat, is the sum of the power dissipated driving the load, plus the 
quiescent power, Ig * (V+- V-.). The on-chip rise is equal to Ta + Oj4*ProraL. 954 = Oye 
(junction-to-package thermal resistance) + 8p, (package-to-ambient thermal resistance). 


To use this calculator, simply enter the appropriate quantities in the parameter fields and 
then click “Calculate” or tab from field to field. 


An example screen of the power dissipation calculator is shown in Figure 13.26. 


Interactive Design Tools 
Utilities : Power Dissipation vs. Die Temperature Calculator 


Instructions | Troubleshooting | Send this Link to a Colleague 


Ty Die junction temp. 93.67 °C 


Die power 


dissipation — 


Parameters Pole 


0.00999 
Ambient temp. [70 2c PLoap Load power = 


Pos. supply [His Vv 
Neg. supply fas V | | | | "Opn! | | | | 7 Oya 


Quiescent curr. fio mA 
Ri Load resistance fioo ohms 


Venp Load ground o V 


Thetaya Theta 53.8 *CIW 


V 0.9.5 CPP3 


Figure 13.26: Power Dissipation Calculator Screen 


Another simple example is the SNR/THD/SINAD Calculator. This calculator computes 
one of SNR, THD, or SINAD from the other two as specified by radio buttons located to 
the left of the quantity name. SINAD equals the rms sum of THD + SNR. For the 
computed / entered SINAD, the corresponding rms noise and the equivalent number of 
bits are shown in an output field at right. Figure 13.28 shows the SNR/THD/SINAD 
Calculator. 


As we mentioned in an earlier section, driving capacitive loads is one of the biggest 
problems confronting an analog circuit designer. Also, large is a relative term. Loads that 
would not affect a low speed precision amp may give a high speed amp fits. Usually, 
driving large capacitive loads is not a matter of choice, most often it's an unwanted 
parasitic. An example would be the capacitance of a length of coaxial cable. However, 
situations do arise where it's desirable to decouple a dc voltage at the output of an op 
amp, for example, when an op amp is used to invert a reference voltage and drive a 
dynamic load. In this case, you might want to place bypass capacitors directly on the 
output of an op amp. Either way, a capacitive load affects the op amp’s performance. 
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_ Interactive Design Tools: Utilities : SNR / THD / SINAD 
calculator 


A tool to compute RMS noise and equivalent number of bits (ENOB) from SNR, 
THD and SINAD data. 


Instructions | Troubleshooting | Send this Link to a Colleague 


Application Data 


Vep pv Noise (RMS) 177.6 uV 
ENOB 11.56 bits 
C THD -[7985 4B : 


© SNR [72 dB 


SINAD 
c (= SNR + THD) 7134 (dB 


Figure 13.27: SNR/THD/SINAD Calculator Screen 


In fact, load capacitance can turn your amplifier into an oscillator. Op amps have an 
inherent output resistance, Ro, which, in conjunction with a capacitive load, forms an 
additional pole in the amplifier's transfer function. As a Bode plot shows, at each pole the 
amplitude slope becomes more negative by 20 dB/decade. Also each pole adds —90° of 
phase shift. We can view instability from either of two perspectives. Looking at 
amplitude response on the log plot, circuit instability occurs when the sum of open-loop 
gain and feedback attenuation is greater than unity. Similarly, looking at phase response, 
an op amp will oscillate at a frequency where loop phase shift exceeds —180°, if this 
frequency is less than the closed-loop bandwidth. 


Phase margin of an op amp circuit can be thought of as the amount of additional phase 
shift at the closed-loop bandwidth required to make the circuit unstable (i.e., phase shift 
+ phase margin = —180°). As phase margin approaches zero, the loop phase shift 
approaches —180° and the op amp circuit approaches instability. Typically, values of 
phase margin much less than 45° can cause problems such as "peaking" in frequency 
response, and overshoot or "ringing" in step response. In order to maintain conservative 
phase margin, the pole generated by capacitive loading should be at least a decade above 
the circuit's closed-loop bandwidth. When it is not, consider the possibility of instability. 


A few op amp data sheets specify the open-loop output resistance (Ro), from which you 
can calculate the frequency of the added pole described above. The circuit will be stable 
if the frequency of the added pole (fp) is more than a decade above the circuit's 
bandwidth. 


If the op amp's data sheet doesn't specify capacitive load drive or open-loop output 
resistance, and has no graph of overshoot versus capacitive load, then to assure stability 
you must assume that any load capacitance will require some sort of compensation 
technique. There are many approaches to stabilizing standard op amp circuits to drive 
capacitive loads. Here are a few: 
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Noise-gain manipulation: A powerful way to maintain stability in low frequency 
applications—often overlooked by designers involves increasing the circuit's closed-loop 
gain (a/k/a "noise gain") without changing signal gain, thus reducing the frequency at 
which the product of open-loop gain and feedback attenuation goes to unity. Some 
circuits to achieve this, by connecting Rp between the op amp inputs, are shown below. 
The "noise gain" of these circuits can be arrived at by the given equation. 


Since stability is governed by noise gain rather than by signal gain, the circuits in 
Figure 13.29 allow increased stability without affecting signal gain. Simply keep the 
"noise bandwidth" (GBP/Anorsg) at least a decade below the load generated pole to 
guarantee stability. 


Vin RIN RF 
7—\Wv 
—e| - 
Rp = VouT 
RF/10 
—> + 
thes V a= 
c—- * = an 
D aoe ad 
V 
SIGNAL GAIN = Ag = 1+ RE SIGNAL GAIN = Agig = > RE 


Rin 
FOR BOTH CIRCUITS 
NOISE GAIN = Ayoise = 1 + 


Rin 


—FE__ 
Rin IIRp 


Figure 13.28: Noise Gain Manipulation 


One disadvantage of this method of stabilization is the additional output noise and offset 
voltage caused by increased amplification of input-referred voltage noise and input offset 
voltage. The added dc offset can be eliminated by including Cp in series with Rp, but the 
added noise is inherent with this technique. The effective noise gain of these circuits with 
and without Cp are shown in the figure. Cp, when used, should be as large as feasible; its 
minimum value should be 10*Anorse/(2* =*Rp*GBP) to keep the "noise pole" at least a 
decade below the "noise bandwidth". 


Out-of-loop compensation: Another way to stabilize an op amp for capacitive load drive 
is by adding a resistor, Rx, between the op amp's output terminal and the load 
capacitance, as shown in Figure 13.29. Though apparently outside the feedback loop, it 
acts with the load capacitor to introduce a zero into the transfer function of the feedback 
network, thereby reducing the loop phase shift at high frequencies. 


To ensure stability, the value of Rx should be such that the added zero (fz) is at least a 
decade below the closed loop bandwidth of the op amp circuit. With the addition of Rx, 
circuit performance will not suffer the increased output noise of the first method, but the 
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output impedance as seen by the load will increase. This can decrease signal gain, due to 
the resistor divider formed by Rx and Ry. In addition, if there is capacitance (C,) the 
voltage divider is frequency dependant. If Ry is known and reasonably constant, the 
results of gain loss can be offset by increasing the gain of the op amp circuit. 


This method is very effective in driving transmission lines. The values of Ry and Rx must 
equal the characteristic impedance of the cable (often 50 Q or 75 Q) in order to avoid 
standing waves. So Rx is pre-determined, and all that remains is to double the gain of the 
amplifier in order to offset the signal loss from the resistor divider. Problem solved. 


It is also important to note that C;, must be of a known (and constant) value in order for 
this technique to be applicable. In many applications, the amplifier is driving a load 
"outside the box," and Cr, can vary significantly from one load to the next. It is best to use 
the above circuit only when C_ is part of a closed system. 


Interactive Design Tools 


Operational Amplifiers : OpAmp Stability Effects when Driving Capacitive Loads 
An applet for demonstrating stability effects in opamp buffers. 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 


[Noninverting ie | 
Open loop gain, AO 100000 


Unity-gain frequency | 1000000 Hz 
Output impedance | 100 ohms 
[ome ohms Rx [° ohms RL |10000 ohms 
Cd R pF Rg = ohms v1.0.3 cL |100 pF 


=== Magnitude Response weee= Phase Response 0 dBloop gain frequency * 45deg phase margin 


60 dB 
100 dB 
+180 
50 dB 0 deg 0dB 
- 180 
0dB 
-60 dB 


1.0 Hz [opamp Freq. Response pa 1.0e7Hz 1.0Hz [system Freq. Response 7] 1.0e7 Hz 


Figure 13.29: Op Amp Stability Tool Screen 
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An example of a tool to help in the stability analysis is shown in Figure 13.30. Values for 
the open-loop gain, Gain Bandwidth Product (unity gain frequency) and Ro, along with 
the closed-loop gain (with Rp and Rg) and the load (Ry and C_,). The gain and phase will 
then be plotted. If it needs to be modified, both in line resistance and noise gain 
manipulation are available. 


The settling time calculator, shown in Figure 13.31, estimates settling time for a 
multiplexer by calculating the slower of the two time constants for a cascaded RC 
network, then computing how many time constants must pass before the system will 
settle to within 1%, 0.1%, 0.01%, and 0.001% of its final value. 


The calculator also estimates the maximum sampling rate possible for a classic A/D 
converter with S/H input. The sampling rate is estimated as 1/sqrt( (tsettie+tiransition)” + 
tiga). This number should be less than the sum of tacg+tconv, otherwise the maximum 
sampling frequency will be limited. The maximum sampling frequency estimate is shown 
in megasamples/second to the right of the settling time number. 


To use the calculator, enter the multiplexer parameters in Ron, Cs, and Cp and the 
application parameters in Rsource, Rioap, and Croap. Tabbing from one field to the other 
updates the tabular display at the right, or click "Calculate." 


Interactive Design Tools 
Utilities : Switch / Mux Settling-time Calculator 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 


Device / Application Data Time constant, tac 0.0134 us 
Settle Sample 
Rsource fio ohms 46xtac ~1% or 7-bit 0.0615us 16.25MS/sec 
Ron [200 ohms 6.9XxXtpo ~0.1% or 10-bit 0.0923us 10.84MS/sec 
Bice [10000 | ohms 9.2xtpo ~0.01% or 13-bit 0.123us 8.127 MS/sec 
11.5 ~0.001% or 16-bit Z 
eS fio oF Xtrc i 0.154 us 6.502 MS/sec 


CLoap [35 F Ra +r 
: Vin OM Vout 
Ru 


Transition time lo ns = 


Prog. gain amp. fo 
settling time 0 - 


Figure 13.30: Settling Time Calculator 
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AS we saw in the section on op amp error sources, there are a number of sources of 
potential error in an op amp design. The Error Budget Calculator has two parts: an 
annotated schematic at top and a table of contributing error sources at bottom. Op amp 
parametric data is automatically entered in the appropriate fields of the bottom table, and 
default values for the application parameters have been assigned to the application- 
specific fields at the top. All input data can be manually overridden, however output 
fields (surrounded by light gray) cannot be changed. This is a great time savings from 
having to enter all the data by hand. 


After entering data in a field, hit tab, or click "Update" to compute derived values and see 
node voltages updated on the schematic. If the inputs are out of range an alert will appear. 
If the combination of inputs causes internal or external output limits to be exceeded, the 
problem node value will be highlighted in red and an "Out of Range!" message will 
appear. When this message is present, all node values should be considered invalid. Do 
not leave fields blank: if you see “NaN” (Not a Number), this means that insufficient data 
was entered to compute a value. 


“Gain” and “Rr” are computed automatically from one another, based on the value of 
“Rg.” The calculation is ideal and doesn't reflect Rs, Rx, and Rr, for example. 


Equations listed in the "Calculation" column are approximate and reflect the worst case 
between the three amplifier configuration choices. Modifications to the equation for 
particular configuration types are indicated in (_ ). For example (1/2 : noninv) means an 
additional factor of 1/2 should be used to compute this quantity for the noninverting 
configuration. 


Specs shown are worst-case for the selected part, if available, otherwise typical values 
are used. If no spec is available, "N/S" will appear in that field and an ideal spec (usually 
zero) will be used for the calculation. Please note that it is highly unlikely that all worst- 
case specs would ever be present at the same time in the same part. The designer should 
always refer to the appropriate datasheet and substitute numbers most appropriate to the 
application. All calculations are approximations, with errors displayed and summed in 
absolute PPM, even though in some scenarios the actual values would be negative. 


The error calculated is separated into two parts, as discussed in the error source section 
on op amps. It is separated into “resolution error,’ which are errors which cannot be 
adjusted out of the system, and drift/gain errors, which can be adjusted out with the 


proper circuitry. Please refer to the op amp section on error sources for more information. 


Figures 13.31(a) and 13.31(b) show the op amp error calculator tool screen. 
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Interactive Design Tools 


Operational Amplifiers : 
[aDs021 |] Simple OpAmp Buffer Error Budget Calculator 


An online tool to illustrate range, gain 
and accuracy issues in simple opamp buffers. 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 


ps 

ppm /°C ~ (1/2: noninv) TCr * Torr fi25- ppm 
Temp. difference, Tpirr °c 
Nom. Open Loop Gain, Ao. [25 vimv ppm 
Min. Open Loop Gain fie Vimv —_ 
Input Offset Voltage, Vos: ft mv Vosi! (Vin-Vrer) [2000 ppm 
Input Offset Voltage Drift, [0.2 (2: inv.) Vos_te * (Ta-25)! 
ei ae p2 (Vin-Vrer) + |p 


Figure 13.31(a): Op Amp Error Budget Calculator Screen (1 of 2) 
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Bias Current, Ig fii3e3 (Ip / (Vin-Vrer) ) x 55 
- Source Imbalance Error 11303 _|nA (Rell(Re+Rs_) - (Re2tRs+) ) im 10 
Bias Current Drift, Ip_tc fide3 (Ip_tc * (Ta-25)/ (Vin-Vrer) ) x 0 
-Source Imbalance Drift pay*c (Rell(Re+Rs,) - (Re2*Rs+) ) = 
Offset Current, los 
(los / (Vin-Vrer) ) * 
- Source Imbalance Error + [0.5e3 nA = 7 5000 ppm 
Source Resistance Error (3RellRe*Rs.)) - (ReztRs+) v2 
Ofset Current Drift, los_tc INS (los_te * (Ta-25) / (Vin-Vrer) ) * 0 
ee re (3*RellfRe*Rs.)) - (Rez*Rs+) V2 at 
Source Resistance Drift 
_ (inv: (1+4/gain)x) 10 CMRR/20 x 
Common Mode Rejection 
Ratio, CMRR [86 dB he (Vsst+Vs_/2 | / le-7 ppm 
in-VREF 
: : -PSRR/20 
Power Supply Rejection Ratio, es vi perkates 10 x 7 me 
PSRR o 
1 Vs-Vs-nom | )/ 1 Vin-Vrer | 
10 PSRRI20 » SUP-VAR x fi2 
(Vs--Vs- )/ 1 Vin-Vrer | ppm 
0.1- 
Noise BW fico Hz 
- [26 iz 
Voltage noise, V, Corner fre [2000 Hz 
sa nViroot-Hz : ppm 
Current noise, | [2a Corner fre [2000 Hz 
_ pA/root-Hz . 
Total resolution error [174 
ppm 
Total drift / gain error 149 ppm 
Total absolute + drift + resolution error 9410 ppm 
V1.0.0 


Figure 13.31(b): Op Amp Error Budget Calculator Screen (2 of 2) 


A similar error budget calculator also exists for instrumentation amplifiers. For this tool 
the pertinent data is entered into the top field of the calculator. The tool automatically 
enters the specification data for the particular instrumentation amplifier selected and then 
calculates the error. Again, the error is separated into “resolution error,” which is the non- 
reducible part and the drift/gain error. Figure 13.32 shows the Instrument Amplifier 
Calculator screen. 
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Interactive Design Tools 


Instrumentation Amplifiers : 


AD620B Error Budget Analysis 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 


Differential Amplitude, 
VpIFF 


Gain 
Source 
Impedance 


Gain Error 
Gain Drift, Gtc 


Gain Nonlinearity 

Input Offset Voltage, Vos 
Input Offset Voltage Drift, 
Vosi_tc 

Output Offset Voltage, Voso 


Output Offset Voltage Drift, 
Voso_tc 


Bias Current, Ig 
- Source Imbalance Error 


Bias Current Drift, lp_tc 
- Source Imbalance Drift 


Offset Current, los 

- Source Resistance + 
Imbalance Error 

Offset Current Drift, los tc 
- Source Resistance + 
Imbalance Drift 


Common Mode Rejection, 
CMRR 


Noise, RTI (0.1 Hz- 10 Hz) 


TOTALS 


Application Parameters 


| 


& 


mn 
R 


114 


| 
< 


i 


uvirc 


Oo 


I 


Cc 


3 


> 


& 


Ts 


z 


Common Mode Voltage, 
Vom 
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Gtc * (Ta-25) 
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(Vosi_tc! Vpirr ) * (Ta-25) 


Voso / ( GAIN * VpiFF ) 


(Voso_tc! (GAIN * VpirF )) * 
(Ta-25) 


Ip * (Rg+-Rs-)/ Vpirr 


Ip_tc* (Rs+-Rs_)* (Ta-25)/ 
VoIFF 


los * MAX( Rg, Rs_ )/ Voirr 
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(Ta-25) / VoirF 


Vom ( 10MRR20 * Youee ) 


fo Sol 
[asc 
[25 | ohms 


Effect on 
Absolute Effect on 


at Temp. 


5000 ppm 
3000 ppm 
[95 ppm 
8500 ppm 
3600 ppm 
i000 ppm 
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10 ppm 

‘600 ppm 
21520 ppm 

695 ppm 


Figure 13.32: Instrumentation Amplifier Error Budget Calculator Screen 
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The Instrumentation Amplifier Gain Calculator calculates the gain of an in-amp circuit 
given the gain-setting resistor or conversely gives the value of the resistor need for a 
particular gain. It also checks to insure all nodes, even those internal, are kept in their 
operational range. 


To use the tool, simply enter data in the fields provided. If an input is out of range an 
alert will appear (in red, along with an “error” message). 


Click "Update" or tab to another field to see node voltages annotate the schematic on the 
right. Internal node voltages are for the equivalent 3-op amp (or 2-op amp) circuit, 
assuming a 0.5 V level shift. This may not reflect the exact internal implementation, but 
is instead a simplified schematic. 


If the combination of inputs causes internal or external limits to be exceeded, the problem 
node value will be highlighted in red and an "Out of Range!" message will appear. When 
this message is present, all node values should be considered invalid. These input 
conditions could include such things as overranging the output or, especially in single 
supply applications, putting an internal node out of range. The fact that the tool will show 
the conditions of internal nodes is useful, since you cannot probe those nodes directly and 
maybe mislead into believing the circuit is working when, in fact, it is not. 


Only one of "Gain" or "Rg" can be specified - the other is computed automatically. 


Interactive Design Tools 


Instrumentation Amplifiers : Inamp Common-Mode Range / Gain Calculator 
AD524 


An online tool to select a value for Rg and determine the 
maximum differential and common mode voltages allowable. 
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Positive Supply fis 


Differential 
Voltage 


[o3 V 


Common 
Mode Voltage 


25 V 


Reference 
Voltage 


fv 


| Negative Supply Fis 


Equivalent circuit shown 
V1.0.8 


Figure 13.33: Instrumentation Amplifier Common-Mode Range/Gain/Noise 
Calculator Screen 


13.43 


[4 BASIC LINEAR DESIGN 


The same basic tool also exists for differential amplifiers and active feedback amplifiers. 
Figure 13.34 shows the Differential Amplifier Common-Mode Range/Gain/Noise 
calculator screen. 


Interactive Design Tools 
Differential Amplifiers : DiffAmp Common-Mode Range / Gain / Noise Calculator 


Am online tool to select values for Rg & Re and to illustrate the 
maximum differential and common mode voltages allowable. 


AD8138 dual supply 
Instructions | Troubleshooting | Related Information | Send this Link to a Colleaque 


Input Single-ended ¥ Positive Supply [5 
M Update gain resistors automatically Veps = 0.075 
Diff. gain Vp+ 
fi [o3 V 
Zo 
R source ©) ¢ Rr Vourt- = -0.15 
G1 
[500 ohms Vcm 
Rei [oo Vv 
[500 ohms Vour = 0.15 
[525.9698 ohms [oo Vv 
Reo Vom 
[525.9698 ohms 
Zo Rr 
[50 ohms [54.05405 ohms Negative Supply [5 


' 
Noise | Preset examples (see AD8132 datasheet): 
10 MHz analysis SetB1=0,B2=0.5 SetB2=1,B1=0.5 _Resistorless gain of 2 


Recalculate | Reset | Vila 


wo 
ra 
oO 
3 
oO 
= 
4 


Figure 13.34: Differential Amplifier Common-Mode Range/Gain/Noise Calculator 
Screen 


The Differential Amplifier Calculator has two basic modes: manual and automatic. The 
default is automatic in which it is assumed you want to calculate resistor values (incl. 
termination) to match a source impedance. In the automatic mode, Rr is computed from 
Rg and Gain: changing either of the latter will affect the former. Changing Zo affects all 
the gain resistors (which should always be a minimum of 10 =< Zo), as well as Rr. Rr is 
the value for the termination resistor taking into account the impedance of the differential 
amplifier’s gain network and is recalculated when either of Rr or Rg are changed 
(changing Rr, however, affects nothing). Single-ended termination resistances are 
calculated assuming Vcm = 0. For other fixed voltages, the input impedance is nonlinear. 


By unchecking "Update resistor values automatically," the calculator is placed in the 


manual mode where each resistor can be set independently. Gain and the node voltages 
are the only thing computed when "Recalculate" is clicked or a new field is entered. For 
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open circuits or "infinite" resistors use a large number instead, such as 1e99. Do not leave 
any fields blank. 


The schematic shows a matched Thevenin source driving a terminated line, however 
input voltages are actually set independently for each value of Rg. Consequently Zo and 
Rr don't affect the calculation of node voltages. For unterminated calculations set Zo to 
zero. 


Note: For clarity, this calculator shows ideal behavior and does not show the effects of 
input offset currents and voltages. 


Figure 13.35 shows the Active Feedback Calculator 


Interactive Design Tools: Differential Amplifiers : 
AD8129/30 Common-Mode Range / Gain Calculator 


An online tool to select values for Re, Rr and to illustrate the 
maximum differential and common mode voltages allowable. 


[AD8129 +/- 12V | 
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Positive Supply fi2 


a values AD : 1 ‘ 9 / 


Vin+ Vin- 


fos; v fv 


VoirF = 0.3, Vem = 0.15 


Diff. gain VreF 


Re Re 


[500 ohms 4500 ohms 
Recalculate | Reset | Negative Supply fi2 


Figure 13.35: Active Feedback Common-Mode Range/Gain Calculator Screen 
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Configuration Assistants 


Another type of “on line” design assistant are the configuration assistants. Many modern 
converters are actually small systems, usually with significant digital content. This digital 
content is used to set operating conditions (which channel of a multichannel input ADC, 
for instance). While it is possible to take the register descriptions in the data sheets and 
use them to set the correct bits in the correct registers, it is much easier to use a 
configuration assistant. 


An example is the configuration assistant for the AD7730 X-A ADC (see Figure 13.36). 
Each dark gray rectangle shows a single register's content in two different ways. Most of 
the space is taken up with pull-down menus and a few hex input fields that display bit 
fields within the register, MSB to LSB. Eight bits are displayed per row, with the bits 
aligned in numbered columns. At the right is the combined hex code corresponding to 
values selected for the individual bit fields. 


Changing either the hex code or the bit fields updates the other. Registers that can't be 
broken into separate fields are shown for completeness, even though not much can be 
done with them. 


In the actual AD7730, registers are programmed by first setting the Register Select bits in 
the Communications Register (CR2:0). In this tool, however, each register can be 
changed directly without first selecting it in the CR. 


Similarly, one of three pairs of calibration offset/gain registers is addressed by setting the 
Channel Select bits in the Mode Register (MR1:0—note there are only two channels, 
however). The active pair is highlighted in pink. 


To set up the clock register, first choose an update rate and set the Filter Selection bits 
and MCLK frequency accordingly. The Filter Selection bits can be automatically 
configured by setting the desired Update Rate or -3 dB point, however, the frequencies 
are quantized, and you may need to adjust the MCLK frequency to get the exact update 
rate or cutoff frequency desired. See the AD7730 data sheet for further details. 


By default, reading and writing register pseudocode is, like the real AD7730, a two-step 
process: the Comm register must first be set up to select a target for the next read or 
write. After a register has been configured to your liking, select it in the Comm register 
and click "W". The selected register is now highlighted in yellow (and the channel in 
pink). To complete the cycle, click on the enabled "W" or "R." This will also clear the 
Register Select bits which must be manually reset for each access. Please note that the 
multiple read settings are nonfunctional—an ordinary read will be performed instead. 


Both operations append pseudo-code instructions to a ticker of instructions at the bottom 
right of the applet. "writeSerial (val, length)" is an abstract subroutine that takes the 
quantity "val" and sends "length" bits of it serially to the AD7730, MSB first. The code 
list can be copied and pasted into another application (on most platforms). 
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Checking "Auto" above the Code output window puts code generation into a second 
mode, enabling all registers and automatically prepending the appropriate Comm register 
write when "W" or "R" for any register is clicked. Please note that in this mode the 
register select bits in the Comm register are ignored. 


Interactive Design Tools: Sigma-Delta Analog-to-Digital 
Converters : AD7730 Register Configuration Assistant 


A register configuration tool for the Analog Devices AD7730 3-Channel 
Sigma-Delta ADC. 
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AD7730 Code Generating Applet V1.0.3b 


bit rf 6 5 4 3 2 1 0 


0 Comm. Reg. Register Select 
eas 0 0 0 [Comm (W) / Status (R) | 00 H w| 
(WO, 8 bits ) 
Z Reg /RDY Steady Standby Noref. 
(RO, 8 bits ) [Neg. a [Neg. x] [Norm. 7] [Neg. =] x x x x [cx H [ia 
1 Data Register Rel. input = 
0.00000 Vref J5.9 x] Vv 800000 Gi 
(RO, 24 bits ) vollage id 5 [al 
Mode Polarity Dig. out D1 : 
2 Mode Reg. [sync (Idle) x] [Bipole x] [Disab! x] [o1=0 | DO=0 i 
( RW, 16 bits ) [0180 H 
Hiref Range MCLK dis. Burnout Channel Select 
[eovF x] 0 [80 mV to +80 mV x] fenaor x] Jor | JAIN1+/ AIN1-/Ca | i | R | 
Filter Selection Bits Skip Fast 
3 Filter Reg. [200 H 0 0 [Neg. | [Neg. S| 
( RW, 24 bits ) [200010 H 


metk |4.9152 Mme OS [79 Hz —_ Update [200.9 Hz 
freq rate 


4 DAC Register ( RW, 8 bits ) Em oe 
5 Offset Registers 

(RW, 24 bits ) o fsck WIE] 1 [2000 fel 2 [e000 | III 
255 fe coe oo) ee 
7 Test Register ( RW, 24 bits ) 

ae : foooooo 
Help Code Auto [ 


Communications register: RW1, RWO Read Write Mode Bits « « 


These two bits determine the nature of the subsequent read/write operation: 


RW1 Rwo Read/Write Mode 

i) i) Single Write to Specified Register 

i) 1 Single Read of Specified Register 

1 it) Start Continuous Read of Specified Register fea fea | 
4 A Stan Cantinucue Dand Mado 


Figure 13.36: AD7730 Register Configuration Assistant Screen 
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The ideal (low frequency, low noise/distortion, perfectly calibrated) digitized value for a 
given input voltage can be obtained by entering a voltage in the field to the right of the 
data register "R" button. Either a 5.0 V or 2.5 V Veer (= V(REF+) - V(REF-)) may be 
selected, but the input voltage is always relative to the reference. Please note: this 
calculator is not a simulator and so, for example, changing the calibration registers will 
not change the calculated digital value. 


Documentation is available for each field simply by selecting it, and is shown in the Help 
text area at the bottom of the Applet. Use the scroll bar to scroll down through the text. 


Another example of a register configuration assistant is the one for an AD9850 Direct 
Digital Synthesis (DDS) system. 


This calculator has several distinct functions. First, it's a tool for selecting a value for 
Rsgr, which sets the output current, and checking that the output level remains within 
limits for a given load. 


The AD9850 has complementary current output structures which limit the current and 
voltage that can be supplied and still meet other datasheet specifications. The output 
current level, Iour, is set by a single external resistor, Rspr, and the two are related by an 
equation. Changing one of these fields in the calculator updates the other automatically. 
If too high a current is selected, an error is noted. The Iour current develops a voltage into 
the selected Rroap, shown on the schematic, and is checked against the AD9850's 
compliance voltage. 


Second, it's an assistant for selecting a 32-bit tuning word, given a reference clock and 
desired output frequency. Third, it shows the tuning word and other configuring bits 
encoded as a sequence of hex codes for use in programming the AD9850 via its parallel 
or serial interface. 


A tuning word is selected by simply entering the desired REFCLK and output frequency. 
REFCLK has a maximum frequency that depends on supply voltage, selected at the top 
of the screen. Because the tuning word is limited to 32 bits there is typically a small 
deviation between the desired and actual output frequencies, which is shown in a field at 
right. The actual output frequency is what is encoded as the tuning word and this 
comprises the last four bytes of the parallel hex codes and the first four of the serial 
codes. Tuning words greater than 7FFFFFFF H exceed the Nyquist frequency and will 
cause error messages to appear. 


The AD9850 has 5 bits of programmable phase which is selected in a manner similar to 
the desired output frequency. The closest available phase setting appears in the field at 
the right and in the corresponding hex code with the power down bit. The hex code fields 
are bidirectional, and a known set of hex codes can be entered to retrieve the programmed 
frequency and phase. 
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Interactive Design Tools: Direct Digital Synthesizers : 
AD9850 Device Configuration Assistant 


An applet for calculating codewards and harmonics images in the AD9850 DDS 
Synthesizer. 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 


Supply voltage| 50V & | 
iE) KOhms 


10.24102 mA 


[50 ohms 


Reference [Powerup La 
clock input 125.0 MHz Control Power up 


Desired a Actual 
cult freq. 1 MHz output freq. 10.9999999892897904 MHz 


Desired Actual s 
output phase fo dea. output phase 4 — 


Parallel: WO [o wi [2 w2 Ic W3 i) w4 JBA 
Serial: W0-7 [sD W8-15 [a2 W16-23 [30 W24-31 Jao W32-39 fo 


_Update | 


wee= Harmonic Images 
aa Spurs 
Sin(x)x Envelope 
Analog Filter Response 


[| 

2*fs 1.0.6. 

Sampling [125 oan i Update | Select All | 
Frequency oversampling 


Output freq. is 62.5X oversampled. (max: 62.5) 


: 0.99999998928¢ SFDR [s0 dB 
Frequency 


[' 99999997887 bly [ ] 
Sas) 24 ¥] dB/octave 


Figure 13.37: AD9850 DDS Register Configuration Assistant Screen 
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Lastly, output harmonics are shown for the selected reference clock and output 
frequency after an external reconstruction filter has been applied. 


Suppression of images and spurs (waveform reconstruction) can be simulated by 
selecting corner frequency, filter order and type of a simple analog filter (last line of 
images calculator; magnitude rolloff ). A region corresponding to 10 bits of quantization 
noise is shaded at the bottom of the graph for reference. This calculator is based on a 
highly simplified model of the AD9850: check data sheet for parameters appropriate to 
your application. 


Calculating the location of harmonics for an amplifier is a fairly simple process. The 
2™ harmonic is at 2x the fundamental, the 3™ harmonic is at 3x the fundamental and so 
on. For a DAC, however, the situation is a bit different. More often than not, it’s the 
image of the harmonic aliased by the sampling rate. This means that the harmonics may 
actually be below the fundamental and the will change their relative positions as the DAC 
output frequency is varied. There is a design tool that addresses this issue. 


The DAC image applet (see Figure 12.38) shows the harmonic images and spurs for 
single frequency output from a DAC, an AD9772 in this example. The model of the 
AD9772 is simplified and idealized—only SFDR is modeled and it is assumed 
frequency-independent. The response characteristics of the internal digital filter have 
been approximated. See the datasheet for actual performance data. 


For an ordinary DAC, images are located at N*Fpac + Four. The AD9772 contains an 
integral interpolator which doubles the input data rate creating an image of the output 
frequency mirrored about Fpara/2. An interpolation filter suppresses the upper image in 
low-pass mode (MOD0=0), or suppresses the fundamental when in high-pass mode 
(MOD0=1). Both the filtered and unfiltered images then create further images and spurs 
at the DAC data rate, according to the N*Fpac +/- Four rule. 


The AD9772 also has a "zero-stuffing" mode (MOD1=1) which allows the data stream to 
be doubled a second time by inserting zeroes between each sample. Zero-stuffing doubles 
again the number of images per Fpac harmonic, but Fpac is twice what it would be 
without zero-stuffing and the mathematics work so that the location of the images is the 
same as without zero-stuffing—only the amplitudes change. These new images are not 
filtered internally, so the upper image can be used for direct IF synthesis. MODO and 
MOD1 are often used together for this purpose. 


Spurious 2nd or 3rd harmonics of each image are assumed to result from D/ 
nonlinearities and so are folded within the first Nyquist Zone (NZ) of Fpac. These spurs 
then have their own harmonic images that roll off as sin(x)/x (where x = 1*F spur / Fpac). 
The magnitude response of the AD9772, combining its internal interpolation with the 
sin(x)/x envelope, is shown. 
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To show external selection/suppression of desired/undesired images and spurs, the applet 
can apply a simulated post-DAC analog filter. 


_ Interactive Design Tools: Digital-to-Analog Converters : 
Harmonic Images in the AD9772 D/A Converter 
An applet for estimating harmonic images in the AD9772A TxDAC+®. 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 


Harmonic Images 

Spurs 

Sin(x)x Envelope 
r= Analog Filter Response 


Figure 13.38: DAC Harmonic Images Calculator Screen 


How to use this applet: 


Enter Fpara and the Output Frequency in the provided text fields. Hit "Enter" or click 
"Update" to recompute the display. 


Select the Start and Stop Frequencies of the Analog Filter. A zero turns off that portion of 
the filter, i.e. entering a zero for the start frequency makes the filter low-pass only. 


Select filter roll-off and type. The analog filter magnitude is shown. 
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Image frequencies and amplitudes are shown in a table at top right. The first column 
gives the DAC multiple, N, and then a sequence number for the image around that 
multiple. For nonzero-stuffing images, the order of these images for N>0 is N*Fpac + 1) 
—Four 2) +Four 3) —(Fpata = Four) and 4) =F (Fpata = Four). The table data is selectable 
and can be copied and pasted into a spreadsheet. Use "Select all" to conveniently select 
the entire contents before copying. 


FDR is used to set the relative level of spurs, which are assumed here to be the result of 
D/A nonlinearity. SFDR Harmonic selects whether these distortion spurs are most 
prominent at 2x or 3x (default) an _ interpolation/zero-stuffing image. 
In reality, SFDR depends on both the sample rate and output frequency, among other 
variables. However, a single compromise number is used here. 


A similar design assistant is available to help in designing the anti-aliasing filter of an 
ADC system. This applet (see Figure 13.40) illustrates aliasing and its suppression 
through filtering and oversampling in a classic (nonsigma-delta) A/D converter. An ideal 
ADC is assumed—distortion free, unlimited bandwidth, etc.—in order to focus solely on 
aliasing effects. The input signal is also assumed to be noise free, but the most practical 
use of this applet is to find a combination of filtering and oversampling that pushes the 
aliased terms below the noise floor of the input, or the overall system . 


The finite rolloff of practical analog filters means there are always some undersampled 
high frequency components that fold into the pass band, or "Nyquist Zone" (NZ), and 
appear in the sampled signal as noise. For the simple case of an input composed of band 
limited white noise, this applet gives an estimate of how much out-of-band signal will be 
folded into the base band (1st NZ). In many real-world situations, the out-of-band signal 
is of lesser amplitude and so this estimate is too conservative; in other cases it might not 
be conservative enough—it depends on the out-of-band signal level. The bandwidth limit 
for the input white noise signal is a multiple of the sampling frequency. By default, that 
multiple is 32x; the maximum is 256*. 


Aliasing suppression in oversampled systems is achieved through a combination of 
analog and digital filtering, but digital filtering cannot replace a high-quality analog filter 
because it cannot remove aliasing noise after it's been folded into the pass band by the 
sampling process. Instead, oversampling must be used to put enough octaves and 
attenuation between the Nyquist frequency and the highest pass band frequency of 
interest. Digital filtering can then be used on the sampled signal to eliminate frequencies 
between pass band and Nyquist. For simplicity, the additional aliasing noise that results 
from downsampling the sampled signal is not shown. 
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_ Interactive Design Tools: Analog-to-Digital Converters : 
Aliasing Suppression in an Ideal A/D Converter 
An applet for demonstrating aliasing effects in idealized A/D converters. 


Instructions | Troubleshooting | Send this Link to a Colleague 


wee Niaxi mum Input Frequency ww Combined Filter Response 
wee Digital Filter Corner Frequency wee Combined Aliasing Noise 


wee Analog Filter Comer Frequency First Three Contributing Folds 


0 fs/8 fs 2s 
RMS aliasing suppression: -44 dB ~7.1 bits 1.0.5b 
Max Input Noise BW 
[' [22 Update 

Frequency ( white noise ) - Update | 
ses [2 a [24 x] dB / oct Seta [Butter. low-pass x] 
Frequency Rolloff type 
Sampling [so System [4 7] Display [au 7] 
Frequency Oversampling 
Dig. Corner [io Digital Filter fo 4 Dig. Filter Jiny ch. low-pass ¥ = 
Frequency Order type 


Figure 13.39: ADC Antialiasing Suppression Assistant Screen 


How to use this applet: 


Enter the Maximum Input Frequency, Sampling Frequency, and Oversampling Ratio in 
the fields provided. Hit "Enter" or click "Update" to recompute the display. (The 
maximum input frequency is marked with a black line.) 
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Select Digital and Analog Corner Frequencies. Behavior of this hypothetical ADC is 
assumed frequency-independent, so only frequency ratios matter—the units must be 
uniform, but are otherwise irrelevant. A cursor marks the digital filter corner frequency 
and another analog filter corner. The default example places the analog corner at 2 the 
maximum frequency of interest to minimize potential phase distortion in the passband. 
Please note that for speed of computation, digital filter characteristics are those of a BT- 
transformed IIR filter. 


Select filter rolloffs and types. The combined filter response of the analog and digital 
filters is shown. 


Combined aliasing noise is shown with the first three contributing folds in a different 
color. Combined noise is summed from de to the frequency specified by Noise BW. 
(Note: 32 the sampling frequency is usually plenty and the applet will slow down if too 
much noise BW is specified.) 


Suppression in dB is shown on the left vertical axis with the corresponding Equivalent 
Number of Bits (ENOB) shown at right. A summary of the rms average suppression over 
the passband is immediately below the chart. 


Experiment by changing the analog filter parameters and comparing the results to 
changing the oversampling ratio. Changing the oversampling ratio multiplies the max 
input frequency to get a sampling frequency but the reverse direction doesn't work—it's 
sampling frequency that's important and the oversampling ratio menu is just a 
convenience. 


Once the filter requirements are know, the Filter Design Wizard, to be discussed shortly, 
can aid in the actual implementation of the filter. 
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Another branch of design assistants take into account a complete application rather than 
just a block. An example of this is the Photodiode Error Budget Analysis Tool. This 
calculator has two parts: an annotated schematic at top and a table of contributing error 
sources at bottom. Op amp parametric data is automatically entered in the appropriate 
fields by choosing an op amp from the menu at the top. Default application parameters 
have been entered in the fields at the top with default photodiode parameters placed in the 
section below this and above the opamp parametrics (a few application parameters are 
mixed in with the op amp data). All input data can be manually overridden, however, 
output fields cannot be changed. 


After entering data in a field, hit tab or click "Update" to compute derived values and see 
node voltages updated on the schematic. If the inputs are out of range an alert will appear. 
If the combination of inputs causes internal or external output limits to be exceeded, the 
problem node value will be highlighted in red and an "Out of Range!" message will 
appear. When this message is present, all node values should be considered invalid. Do 
not leave fields blank: if you see NaN (Not a Number), this means that insufficient data 
were entered to compute a value. 


This tool uses a highly simplified model of an op amp, and any results must be used with 
care. In particular please note that calculated errors are highly dependent on which op 
amp parametric data is used, which is application-specific. For many of the op amps, two 
sets of numbers are available in the pull-down: “typical” and "conservative." It is highly 
unlikely that all worst-case specs would ever be present at the same time in the same part. 
The designer should always refer to the appropriate data sheet and substitute numbers 
most appropriate to the application. All calculations are approximations, with errors 
displayed and summed in absolute PPM, even though in some scenarios the actual values 
would be negative (and could offset other errors). 


Equations listed in the "Calculation" column are approximate and reflect the worst case 
between the three buffer choices. Modifications to the equation for particular buffer types 
are indicated in (_ ). For example (1/2 : noninv) means an additional factor of 1/2 should 
be used to compute this quantity for noninverting buffers. 


Noise is calculated as an integrated quantity, assuming uniform spectral density over the 
noise bandwidth given (white noise). By default, the noise bandwidth is initialized to the 
closed-loop bandwidth X 2/2 (x/2 adjusts for the equivalent noise bandwidth for single- 
pole rolloff of white noise). If a smaller signal bandwidth is entered, the assumption is 
that the output will be filtered to this bandwidth so as to remove out-of-band noise. Please 
also note that it is assumed the noninverting input resistor is perfectly bypassed and so is 
not included in the noise calculations. 


13.55 


[7 BASIC LINEAR DESIGN 


Interactive Design Tools 
Operational Amplifiers : Photodiode Preamp Error Budget Tutorial 


An online tool to illustrate range, gain and accuracy issues 
in photodiode preamplifiers. 


opamp: [aoa0es Be] [we eV I 


Instructions | Troubleshooting | Related Information | Send this Link to a Colleague 
Fut Starignt (0.00116) | [3-40-10 


— a [i000 Rpp-sx at temp. [1000 | Mohms 
ae eresc 4—-([leB®_|A_Iroparkattemp. and bias [0 A (photoconductive only ) 
Junction Cap..Cro, Ey | pe Cppatbias [50 |pe 


Figure 13.40: Photodiode Error Budget Analysis Screen (1 of 2) 
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Error Source Specification Approx. Calculation DC Error DC Error Error Error 
Resistor Tolerance foi % fi330 ppm 
ResistorDrit tc, PS ag Max: TCp * Torr 0.743 ppm 
ppm 
Temp. difference, Tpirr 5 °C 
Nom. Open Loop Gain, [446.68 
12.26 
Avot vimv | ppm 
Min. Open Loop Gain, fi00.00 [7.34 
AvOL-MIN Vimv ppm 
Gain-BW product, GBW |145e6 = Hz 0 ppm 
Input Offset Voltage, 
Vans o4 mV [238e5 ppm 
InputOfisetVoltage = ff Cs 0 
Drift, Vosi_tc wre ae 
Bias Current, Ip [0.002 nA 118 ppm 
Bias Current Drift, Is tc eS 0 ppm 
Offset Current, los 10.001 nA [5940 ppm 
Offset Current Drift, INS po 
los tc pA/°c 2 rem 
Dark Current, Ipp-parK fo ppm 
Shunt Resistance, Rpp-su fies ppm 
Output Resistance, Ro peo 
Ss 
(inv: (1+4/gain)x) 
Common Mode 409 CMRRIZ0 
Rejection Ratio, CMRR fi00 8 ev ye- (VsstVs.)2 [1 297 ppm 
1 Vin-Vrer | 
(inv: (4+4/gain)x) 
Power Supply Rejection 10 PSRR20 x | (Ve4-V5_) - 
Ratio, PSRR [100 8 Vesnom-VS-nom I! fo sai 
1 Vin-Vrer | 
Supply Variability 1% 140 PSRR/20 x SUP-VAR x [595 
(ripple+oad reg.) (Vs+-Vs- )/1Vin-Vrer | ppm 
, 0.01- 
Noise BW 317e5 Hz 
Voltage noise, V P Corner fr 2000 Hz Noise components fi 6766 
_ nViroot-Hz —e ppm 
: [0.0006 
Current noise, Inw Corner fr f2000 Hz 
pA/root-Hz _ 
Total Harmonic HD/20 fo 
Distortion, THD [Ns 48 10° a 
Total AC error (AC) 1.67e6 ppm fo 1.67e6 
ppm ppm 
Total DC error [2455 ppm 2.45e5 ppm |0.743 ppm 
PPM to uV converter: fi ppm [0.0017 uV 
V0.9.14 


Figure 13.41: Photodiode Error Budget Analysis Screen (2 of 2) 
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Design Wizards 


Photodiode wizard 


An extension of the error budget tool is the design wizard. The Analog Wizard’” uses a 
3-step process to help you find parts for your photodiode application quickly and easily. 
The Wizard recommends parts, designs the circuit and provides a bill of materials and 
technical resources. 


Step 1: Enter parametric values. 


Enter the parametric values for your application or use the default values provided. A 
range for each parameter is displayed to help you enter values within the appropriate 
boundaries. NOTE: Analysis will only be accurate if all actual values for the photodiode 
are entered. 


Anaiog Wead™ vi See eel 


Amplifiers in the Photodiode - Photovoltaic Mode Send Feedback on Wizard 


Analog Wizard™ helps you select and design in the best fit amplifier for your application needs in 3 easy steps — Enter 
Parameter Values, Review Recommended Parts, and View Amplifier Solution. The Wizard recommends parts, designs the circuit 
and provides a bill of materials and technical resources. It couldn't be any easier! 


Step 4} NEW! Now you can select a generic to compare to your results. 


Enter Parameter Values 


Enter parametric values for your application needs or use the default values provided. Then, click the Calculate button. Parameter 
names are links to definitions for any unfamiliar terms. You can also get more information on how to use the Wizard and more 


technical details on photodiode applications. 


Parameter Name Default Value Your Value 


1. Supply Voltage for Your System: +5V inal ly O+ | 2 
(Range: 1.8 V to +18 V) ee 


dual supply e + 


2. Photodiode’s Capacitance: 100 pF 
(Range: 15 pF to 1500 pF) 


3. Photodiode’s Output Impedance: 200 MOhms 
(Range: 1 MOhm to 1 GOhm) 


4. Photodiode’s Responsivity: 0.5 AW 
(Range: 0.1 AWW to 5 AWW) 


5. Minimum Light Intensity: 4nw 
(Range: 400 pW to 400 nw) 


6. Maximum Light Intensity: 100 pW 
(Range: 401 nW to 4 mW) 


7. Desired Bandwidth (BW): 10 kHz 
(Range: 100 Hzto 100 kHz) 


8. Desired Full Scale Output: 5V 
(Range: 1 V to 10 V) 


9. Desired Accuracy: 12 bits 
(Range: 8 bits to 16 bits) 


Figure 13.42: Photodiode Wizard First Page 
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When you click Search, the Wizard uses your entered values to calculate the amplifier 
requirements and pull matching parts from Analog Devices' product database. These are 
the recommended parts. See Figure 13.43 


Step 2: Choose the Op Amp 


Analog Wazad™ v1.0. Osan ehemet omens 


Amplifiers in the Photodiode - Photovoltaic Mode Send Feedback on Wizard 
—_ Printer-friendly version & 


Review Recommended Parts 
View information on how to use the Wizard and get more technical details on photodiode applications. 


Recommended Amplifier Solutions 
Recommended parts start with the best-fit, followed by other parts in descending order. Each part number links to its product 


page. 


Amplifier 1K Price Available Temperature View Amplifier 
Part [OEM US$] Packages Range Solution 


. AD8067 $2.29 SOT -40 to +85 Deg C 84.89 View Amplifier Solution 
BEST FIT 


AD8033 $1.02 SC70, SOIC -40 to +85 Deg C 88.70 74.00 View Amplifier Solution 
. AD8034 $1.59 SOIC, SOT -40 to +85 DegC 88.70 74.00 View Amplifier Solution 


AD8065 $1.59 SOIC, SOT -40to+85DegC 90.05 74.00 View Amplifier Solution 
. AD8066 $2.29 SOIC, SOP -40 to +85 DegC 90.05 74.00 View Amplifier Solution 


To compare a specific ADI part with the recommended parts, please type in the ADI part number and click the "Add to Table” 
button. 


[id Add to Table 


To reach Step 3, click "View Amplifier Solution” link of the corresponding part above. This page provides a circuit schematic, the 
corresponding bill of materials, and links to additional resources. 


You searched with these values: 


Supply Voltage: Light Intensity Min 
Capacitance: Light Intensity Max: 


Output Resistance: Desired Bandwidth (BW): 
Responsivity: A Desired Full Scale Output: 


Desired Accuracy: 


Figure 13.43: Photodiode Wizard Second Page 


Step 3: View amplifier solution. 
A suggested circuit schematic and its corresponding bill of materials is provided, based 


on your application requirements and the specifications of the selected amplifier. You can 
print this page for further reference or inclusion into a design notebook. 
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Analog Wizard™ vi1.G@ Ssssechretetseoctetes 
Amplifiers in the Photodiode - Photovoltaic Mode Send Feedback on Wizard 
Step 


View Amplifier Solution 


Printer-friendly version ey 


View information on how to use the Wizard and get more technical details on photodiode applications. 


You searched with these values: 


Supply Voltage: Light Intensity Min & Max: 4nW & 250 pw 
Capacitance: Desired Bandwidth (BW): 


Output Resistance: Desired Full Scale Output: 
Responsivity: : Desired Accuracy: 


Amplifier Solution using the AD8067 
Circuit schematic using the AD8067: Perform Error Analysis Noise Analysis Graph 


Vec 


PHOTODIODE 


SPICE Netlist(s) 
There are no spice models for AD8067. 


Legs! Disclaimer: Informstion furnished by Anslog Devices is believed to be accurste and reliable. However, no responsibility is assumed by Anslog 
Devices for its use, nor for any infringements of patents or other rights of third parties which may result from its use. No license is granted by implication 
or otherwise under any patent or pstent rights of Analog Devices. Without limiting the foregoing, information from the Wizard is provided on an “as is” 
basis. Responsibility lies solely with the customer for any corresponding use of this information. 


Bill of Materials - AD8067 


1K Price [OEMS$US]: $2.29 Signal to Noise Ratio (Calculated): 84.89 dB 
Available Packages: SOT Signal to Noise Ratio (Theoretical): 74dB 
Temperature Range: -40 to 85 Deg C Supply Voltage (Vcc): 12V 
Feedback Resistance (Rf): 0.0432 MOhms Supply Voltage (Vee): -12V 
Feedback Capacitance (Cf): 36.8414 pF 


Noise Analysis Graph 


Voltage Noise Density vs. Frequency 


100 =61000 §=10000 1000001000000 10E7 10E8 1.0E9 
Hz 


Additional Photodiode Resources 


Application Notes: 
igh Impedance Sensors (pdf, 993 kb) 


Figure 13.44: Photodiode Wizard Third Page 
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The Analog Filter Wizard 


The last application we will look at is the Filter Design Wizard. It is designed to assist in 
the design, and part selection for, active filters. For a better understanding of filter 
applications please refer to Chapter 8, which covers active filters in detail. 


Step 1: Enter the filter parameters 


There are two modes of operation for the Filter Wizard. The first is the “expert” mode. In 
this mode the designer knows the type of filter to be designed. That is he knows that he 
needs, for instance, a 5" order 0.5 dB Chebyshev. Otherwise, you describe the response 
of the filter (see Figure 13.46). 


The wizard will then come back with several possible filters that will satisfy the 
requirements in a pull down menu. Beside the filter response pull down is a discussion 
that gives a brief description of the trade-offs of each of the possible choices. There is 
also a link to the filter section which will give a much more detailed description of each 
filter type. 


Designing a filter is a two step process. The first is to decide what it is you want to build. 
This means to determine the response characteristics and order of the filter, which is what 
we have just done. The next step is to determine how to build it. What this means is to 
determine the circuit topology. Again, several choices are available in a pull down box. 
Next to the pull down, again, is a brief description of the circuit, with a link to a more 
detailed description. A schematic is also included. 


Step 2: Review recommended parts. 


The Wizard then suggests op amps that best fit the application performance values you 
entered. See Figure 13.48. 


“Best-fit” is determined by the results of a parametric search of Analog Devices' product 
database. The order of parametric preference is: input bias current, voltage noise density, 


current noise density, input offset voltage, open-loop gain, and power supply voltage. 


Each product number is a link to the product page. The product page provides links to the 
product description, data sheet, package/price, samples, and purchasing information. 


Each recommendation also contains a link to the circuit schematic and bill of materials. 
Click "Amplifier Solution" for step 3 in the process. 
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Analog Filter Wizard™ Design & Product Selection Tool 
v1.0 


Analog Filter Wizard™ (BETA) helps you select and design in an operational amplifier that fits your filter appliction needs. The 
Filter Wizard works in conjunction with the Active Filter Synthesis Design Tool which together will guide you through the filter 
application design process. These steps include Entering Filter Criteria, Reviewing Recommended Parts, Active Filter Synthesis 


Design, and finally generating a Bill of Materials and/or a Spice Netlist. 


For additional information please refer to the Definition of Terms. 


step [Hl 

Enter Filter Criteria 

1. Do you know the required filter response for this design? 
CyYes © No 

2. Enter Filter Type: 


| Lowpass |¥ | Lowpass filters pass frequencies below the cutoff and attenuate those 


above. 


3. Enter Filter Criteria: (click on a parameter to obtain more information) 


Fes fi Cc a cence mame Ti ssi 


RIPPLE 
Awax 


3dB POINT 
OR 
CUTOFF EREAUGNOY 
c 


STOP BAND 
FREQUENCY 
Fs 


Figure 13.45: Filter Design Wizard First Page 


13.62 


Send Feedback on Wizard 


Disclaimer 


5. Enter Filter Topology: 


6. Enter Independent Variable Info: 
Parameter Name 


Power Supply: (Waring) 
(Range: +1.8 V to +18 V) 
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This describes the transfer function of the filter as it relates to 
amplitude and phase response. Standard responces that we support 
are Bessel, Butterworth, Chebyshev (0.01 dB to 1 dB), Equiripple 
(0.05° & 0.5°), Gaussian (6 dB & 12 dB). More Info (pdf, 5,424,001 bytes) 


The Sallen-Key configuration, is one of the most widely used filter 
topologies. This configuration shows the least dependence of filter 
performance on the performance of the op amp. More Info (paf, 
5,434,001 bytes) 


Sallen Key Lowpass: 
Ri ci 
aco é- cout 
R2 
C2 == 
tL R3 


Default Value Your Value 


+15V single supply C+ | 2 


dual supply c + 


Common Mode Voltage: (Waring) 


(Range: +/- V Supply) 


Input Signal Level: 
(Range: 1uV to 18V) 


Gain: 
(Range: 1 to 100) 


Figure 13.46: Filter Design Wizard First Page (Part II) 
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Once the selection of circuit topology has been made, the designer enters information on 
a few more variables, such as supply voltages and signal levels and the wizard then 
returns a selection of op amps that will work in the circuit. 


Since the open loop response of an op amp is, in itself, a low-pass filter, the op amps are 
chosen so that the open-loop gain is large enough that the op amp response will not 
materially affect the response of the filter. 


Once the op amp is chosen from the list provided, the designer enters the third page (see 
Figure 13.49). Here, the component values for the filter are determined. 


Multipole filters are made up of cascaded first order and second order sections. While it 
is possible to design a 3™ order section with only 1 active element, the circuit value 
sensitivities increase, so we have limited the choices here to 1“ and 2" order sections. 


The pertinent parameters (Fo and Q) for each of the filter section are loaded into the 
wizard. Since all of the component values are ratiometric, one value has to be chosen to 
set the rest of the variables. We typically choose a capacitor, since there are fewer 
choices of values than there is with resistors. 


The values returned are exact values. There is the option to choose standard values (0.5% 
to 2% for resistors and 2% to 5% for capacitors). The designer has the ability to overwrite 
these values as well. Since changing the resistor and capacitor values will cause a small 
change in the Fo and Q of the filter. The wizard will recalculate these values and return 
the error introduced by going to standard values. 


Once this process is completed for each section of the filter, the design is done. 
The possible outputs of the wizard include magnitude and phase plots, a schematic page 
(see Figure 13.50), and a spice deck. With the spice deck further characterization of the 


filter is possible. This includes Monte-Carlo analysis of the component values and 
possibly including the op amp response with the filter response. 
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- Analog Filter Wizard™ Design & Product Selection Tool 


v1.0 
Step Send Feedback on Wizard 
Printer-friendly 2, 
Review Recommended Parts version 
You searched with these values: 
Filter Type: Lowpass |¥) Filter Topology: Sallen-Key EE 
Response Type: Butterworth + Common Mode Voltage: 2 
Fe: fi kHz Power Supply: 2 0+@+ 
Filter Order: 4 Input Signal Level: f PP 
Gain: fi 
Recommended Amplifier Solutions 


Recommended parts start with the best-fit, followed by other parts in descending order. Each part number links to its product 
dage. For additional information please refer to the Definition of Terms. 


NOTE: To reach Step 3, click the "Design Filter" link of the corresponding part below. 


Part Number Number of Amps Pkgs 1K Price Slew Rate Filter Design Tool 
(OEM US$) (VipSec) 
ja ed 

AD704 quad DIP, LCC, SOIC $4.23 15 Design Filter 
AD795 single DIP, SOIC $2.97 1 Design Filter 
AD548 single DIP, SOIC $1.10 18 Design Filter 
AD648 dual DIP, SOIC $1.74 18 Design Filter 
AD824 quad SOIC $4.09 2 Design Filter 
AD743 single DIP, SOIC $4.78 28 Design Filter 
AD549 single TO-X $11.68 3 Design Filter 
AD820 single DIP, SOIC $1.64 =) Design Filter 
AD822 dual SOP, DIP, SOIC $2.48 3 Design Filter 
AD8627 single Soic, SC70 $1.44 aT Design Filter 
OP282 dual Ssoic $1.17 9 Design Filter 
OP482 quad SOIC, DIP $1.85 9 Design Filter 
AD711 single DIP, SOIC $1.08 20 Design Filter 
AD712 dual DIP, SOIC $1.49 20 Design Filter 
AD713 quad DIP, SOIC $4.15 20 Design Filter 
AD8510 single SOIC, SOP $.94 20 Design Filter 
AD8512 dual SOIC, SOP $1.47 20 Design Filter 
OP249 dual LCC, SOIC, DIP $1.64 22 Design Filter 
OP275 dual DIP, SOIC $.90 22 Design Filter 
AD823 dual DIP, SOIC $2.63 25 Design Filter 
AD8620 dual soic $6.74 50 Design Filter 
op42 iar $1.98 50 Design Filter 


Figure 13.47: Filter Design Wizard Second Page 
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Design & Product Selection Tool 


Send Feedback on Wizard 
Step 1 ie 2 | 4 | 

OpAmps: Active Filter Synthesis Design Tool (BETA) 

Instructions | Troubleshooting | Application Note for Filter Design Tool | Send this Link to a Colleague 


Fe sere | vain | 


‘Schematics + BOM 


Figure 13.48: Filter Design Wizard Third Page 
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Analog Filter Wizard™ 
v1.0 


Step [4] 


Bill of Materials 


Stage 1: AD712 Sallen-Key LP 


R14 c1 
«oo ft 
R2 | 


AD712 

R1 1.723e4 
C1 1.000e-8 
R2 1.723e4 
C2 8.535e-9 
R3 2.500e4 
R4 Inf. 


Stage 2: AD712 Sallen-Key LP 


AD712 
R14.160e4 
C1 1.000e-8 
R2 4.160e4 
C2 1.463e-9 
R3 2.500e4 
R4 Inf. 


OUT 
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Figure 13.49: Filter Design Wizard Schematic Page 
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Summary 


In this section we have looked at some of the online design tools provided by Analog 
Devices. It is, by no means an all-inclusive list, but has been designed to give an idea of 
the current capabilities as of 2006. Also, this is an ongoing effort, so new tools are being 
added all the time. 
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SECTION 13.3: EVALUATION BOARDS AND 
PROTOTYPING 


Evaluation Boards 


No matter how much simulation is performed, there is no substitution for actually 
building the circuit. The main reason for this is that it is impossible to simulate all the 
parasitics and other effects, such as RF interference, power, and ground issues that will 
exist in real world applications. 


Most manufacturers of analog ICs provide evaluation boards usually at a nominal cost. 
These boards allow customers to evaluate ICs without constructing their own prototypes. 
Regardless of the product, the manufacturer has taken proper precautions regarding 
grounding, layout, and decoupling to ensure optimum device performance. Where 
applicable, the evaluation PCB artwork is usually made available free of charge, should a 
customer wish to copy the layout directly or make modifications to suit an application. A 
word of warning here, though, is order. An evaluation board is a small system. While 
some clues as to layout issues may be gleaned, blind inclusion of an evaluation board 
layout into a larger design may not be the answer. 


General Purpose Op Amp Evaluation Boards 


Evaluation boards can be either dedicated to a particular IC, or they can also be general 
purpose. With op amps the most universal linear IC, it is logical that evaluation boards be 
developed for them, to aid easy applications. However, it is also important that a good 
quality evaluation board avoid the parasitic effects discussed in the PC Issues chapter. An 
example is the general-purpose dual amplifier evaluation board of in Figure 13.50. 


REV. 1.8 18/94 


Figure 13.50: A General-Purpose Op Amp Evaluation Board Allows Fast, Easy 
Configuration of Low Frequency Op Amp Circuits 
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This board uses pin sockets for any standard dual op amp pinout device, and a flexible set 
of component jumper locations allows it to be setup for inverting or noninverting 
amplifiers. Various gains can be configured by choice of the component values, in either 
ac- or dc-coupled configurations. 


The card design provides signal coupling via BNC connectors at input and output. It also 
uses external lab power supplies, which are wired to the lug terminals at the top. The card 
does, however, contain local supply voltage decoupling and bypassing components. 


These general-purpose boards are intended for medium to high precision uses at 
frequencies below 10 MHz, with moderate op amp input currents. For higher operating 
speeds, a dedicated, device-specific evaluation board is likely to be a better choice. This 
is because the stray capacitance of the added component locations added to these boards 
for flexibility will be a severe limitation at higher frequencies. 


Dedicated Op Amp Evaluation Boards 


In high speed/high precision ICs, special attention must be given to power supply 
decoupling. For example, fast slewing signals driven into relatively low impedance loads 
produce high speed transient currents at the power supply pins of an op amp. The 
transient currents produce corresponding voltages across any parasitic impedance that 
may exist in the power supply traces. These voltages, in turn, may couple to the amplifier 
output, because of the op amp's finite power supply rejection at high frequencies. 


The AD8001 high speed current-feedback amplifier is a case in point, and a dedicated 
evaluation board is available for it. A bottom side view of this SOIC board is shown in 
Figure 13.52. A triple decoupling scheme was chosen, to ensure a low impedance ground 
path at all transient frequencies. Highest frequency transients are shunted to ground by 
dual 1000 pF/0.01 uF ceramic chip capacitors, located as close to the power supply pins 
as possible to minimize series inductance and resistance. With these surface mount 
components, there is minimum stray inductance and resistance in the ground plane path. 
Lower frequency transient currents are shunted by the larger 10 uF tantalum capacitors. 


The input and output signal traces of this board are 50 Q microstrip transmission lines, as 
can be noted towards the right and left. Gain-set resistors are chip-style film resistors, 
which have low parasitic inductance. These can be seen in the center of the photo, 
mounted at a slight diagonal. 


Note also that there is considerable continuous ground plane area on both sides of the 
PCB. Plated-through holes connect the top and bottom side ground planes at several 
points, in order to maintain lowest possible impedance and best high frequency ground 
continuity. 
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Figure 13.51: The AD8001 Requires a Dedicated Evaluation Board 


Input and output connections to the card are provided via the SMA connectors as shown, 
which terminate the input/output signal transmission lines. The board’s power connection 
from external lab supplies is made via solder terminals, which are seen at the ends of the 
broad supply line traces. 


Some of these points are more easily seen in a topside view of the same card, which is 
shown in Figure 13.51. This AD8001 evaluation board is a noninverting signal gain 
stage, optimized for lowest parasitic capacitance. The cutaway area around the SOIC 
outline of the AD8001 provides lowest stray capacitance, as can be noted in this view. 


eo a» 
- =a 


Figure 13.52: The AD8001 Evaluation Board Top View 


In this view is also seen the virtually continuous ground plane and the multiple vias, 
connecting the top/bottom planes. 
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Data Converter Evaluation Boards 


A well designed manufacturers' evaluation board can also be a powerful tool that can 
greatly simplify the integration of an ADC or DAC into a system. Probably the best 
feature of an evaluation board is that its layout is designed to optimize the performance of 
the data converter, so that the performance of the converter, not the performance of the 
PC board it is attached to sets the performance limits of the system. Analog Devices 
provides a complete electrical schematic and parts list as well a PC board layout of its 
evaluation boards on the data sheet for most ADCs and DACs. Each layer of the 
multilayer board is also shown, and Analog Devices will supply the CAD layout files 
(Gerber format) for the board if needed. Many system level problems related to layout 
can be avoided simply by studying the evaluation board layout and using it as a guide in 
the system board layout—perhaps even copying critical parts of the layout directly if 
needed. Again a warning is in order that blindly incorporating the design of an evaluation 
board into a larger system may not give satisfactory performance. A system must be 
viewed as a complete system, not a collection of individual subcircuits. 


ADC and DAC evaluation boards typically have input/output connectors for the analog, 
digital, and power interfaces to facilitate interfacing with external test equipment. Any 
required support circuitry such as voltage references, crystal oscillators for clock 
generation, etc., are generally included as part of the board. 


Many modern data converters have a considerable amount of on-chip digital logic for 
controlling various modes of operation, including gain, offset, calibration, data transfer, 
etc. These options are set by loading the appropriate words into internal control registers, 
usually via a serial port. In some converters, especially sigma-delta ADCs, just setting the 
basic options requires considerable knowledge of the internal control registers and the 
interface. For this reason, most ADC/DAC evaluation boards have interfaces (parallel, 
serial, or USB) and software to allow easy menu-driven control of the various internal 
options from an external PC. In many cases, configuration files created in the evaluation 
software can be downloaded into the final system design. 


Figure 13.53 shows the evaluation board for the AD7730 24-bit bridge transducer sigma- 
delta ADC. This ADC has an on-chip PGA and is designed to interface directly to a 
variety of bridge transducers. A load cell with a 10-mV full-scale output can be 
connected directly to the ADC input, and the output is read by the PC via the parallel port 
interface. The evaluation board software allows the system designer to see the effects of 
sample rate, gain, filter bandwidth, and output data averaging on the overall effective 
resolution. The software also provides histogram displays for direct evaluation of system 
noise. 


In reality, the evaluation board is actually an evaluation system, composed of the actual 


board, interconnection cables, required power supply, and the software to operate from a 
host PC. 
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Figure 13.53: AD7730 Measurement ADC Evaluation System 


Figure 13.54 shows the evaluation board for the AD5535 32-channel 14-bit high voltage 
DAC. The evaluation board interfaces with an external PC via a parallel port connector. 
The software provided with the board allows data to be easily loaded into the individual 
DAC registers via the 3-wire serial interface. 


PC 
PARALLEL 
PORT ANALOG 
INTERFACE OUTPUTS 


AD5535 


Figure 13.54: AD5535 32-Channel, 14-Bit, 200 V Output DAC Evaluation Board 
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High Speed FIFO Evaluation Board System 


Figure 13.55 shows an ADC evaluation board for the AD7450 12 bit, 1 MSPS ADC 
connected to an Evaluation/Control board. The ADC evaluation board (right side of 
diagram) is product-specific, but the evaluation/control board interfaces to a variety of 
ADC evaluation boards has an on-board 16-bit buffer memory and control logic which 
interfaces to a PC via the parallel port. The software provided includes an FFT routine 
which allows evaluating the ADC under dynamic conditions. The evaluation/control 
board can handle ADCs with sampling rates up to several MHz. 


i \ ADC . 
EVALUATION / CONTROL BOARD _ EVALUATION BOARD r 


Figure 13.55: Evaluation/Control Board and ADC Evaluation Board for ADCs 


Figure 13.56 shows Analog Devices' high speed ADC FIFO evaluation kit which 
interfaces to a variety of high speed ADC evaluation boards. The high speed ADC FIFO 
evaluation kit includes the latest version of ADC Analyzer and a memory board to 
capture blocks of digital data from Analog Devices’ high speed analog-to-digital 
converter (ADC) evaluation boards. This FIFO board can be connected to a PC through a 
USB port (older version used a parallel port connection) and used with ADC Analyzer to 
evaluate the performance of high speed ADCs quickly. Users can view an FFT for a 
specific analog input and encode rate and analyze SNR, SINAD, SFDR, and harmonic 
information. 


The evaluation kit is easy to set up. Additional equipment needed includes an Analog 
Devices’ high speed ADC evaluation board (specific to the part type to be evaluated), a 
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power supply, a signal source, and a clock source. Once the kit is connected and 
powered, the evaluation is enabled instantly on the PC. 


Two versions of the FIFO are available. The HSC-ADC-EVALA-DC is used with dual 
ADCs and converters with demultiplexed digital outputs. The HSC-ADC-EVALA-SC 
evaluation board is used with single-channel ADCs. Dual ADCs are typically used in 
systems where, for instance, in-phase, and quadrature modulation schemes are to be 
received and demodulated 


FFT DISPLAY 
AND ANALYSIS 


ADC Analyzer™ 


Software PC PARALLEL PORT 


INTERFACE 
FIFO BOARD 


LJ a | 
ANALOG _£ |’ 
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ADC 
EVALUATION BOARD 


TORPRRRRARUADRRDUARUPEPEEPRRREEE REE) 


Figure 13.56: Analog Devices’ High Speed ADC FIFO Evaluation Kit 


FIFO Board Theory of Operation 


The FIFO evaluation board can be divided into several circuits, each of which plays an 
important part in acquiring digital data from the ADC and allows the PC to upload and 
process that data. The evaluation kit is based around a chip. The system can acquire 
digital data at speeds up to 133 MSPS and data record lengths up to 32 kB using the 
HSC-ADC-EVALA-SC FIFO evaluation kit. The HSC-ADC-EVALA-DC, which has 
two FIFO chips, is available to evaluate dual ADCs or demultiplexed data from ADCs 
sampling faster than 133 MSPS. A USB 2.0 microcontroller communicating with ADC 
Analyzer allows for easy interfacing to newer computers using the USB 2.0 (USB 1.1 
compatible) interface. 


The process of filling the FIFO chip(s) and reading the data back requires several steps. 
First, ADC Analyzer initiates the FIFO chip(s) fill process. The FIFO chip(s) are reset 
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using a master reset signal (MRS). The USB Microcontroller then is suspended, which 
turns off the USB oscillator, ensuring that it does not add noise to the ADC input. After 
the FIFO chip(s) completely fill, the full flags from the FIFO chip(s) send a signal to the 
USB microcontroller to wake up the microcontroller from suspend. ADC Analyzer waits 
for approximately 30 ms and begins the readback process. 


ADC ANALYZER™ 


USB CABLE 


5 | 


SINGLE OR DUAL HSC-ADC-EVALA-SC 


HIGH SPEED ADC OR 
EVALUATION BOARD HSC-ADC-EVALA-DC 


TIMING 
CIRCUIT 


FILTERED 
ANALOG 
INPUT 


A 50-PiN CONNECTOR 


Figure 13.57: ADC FIFO Evaluation Board Evaluation Kit Simplified 
Functional Block Diagram 


During the readback process, the acquisition of data from FIFO 1 (U201) or FIFO 2 
(U101) is controlled via the signals OEA and OEB. Because the data outputs of both 
FIFO chips drive the same 16-bit data bus, the USB microcontroller controls the OEA 
and OEB signals to read data from the correct FIFO chip. From an application standpoint, 
ADC Analyzer sends commands to the USB microcontroller to initiate a read from the 
correct FIFO chip, or both FIFO chips in dual or interleaved mode. 


Clocking Description 


Each channel of the buffer memory requires a clock signal to capture data. These clock 
signals are normally provided by the ADC evaluation board and are passed along with the 
data through Connector J104/204 (Pin 37 for both Channel 1 and Channel 2). If only a 
single clock is passed for both channels, they can be connected together by a jumper. 
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Jumpers at the output of the LVDS receiver allow the output clock to be inverted by the 
LVDS receiver. By default, the clock outputs are inverted by the LVDS receiver. 

The single-ended clock signal from each data channel is buffered and converted to a 
differential CMOS signal by two gates of a low voltage differential signal (LVDS) 
receiver. This allows the clock source for each channel to be CMOS, TTL, or ECL. The 
clock signals are ac-coupled by 0.1 uF capacitors. Potentiometers allow for fine tuning 
the threshold of the LVDS gates. In applications where fine-tuning the threshold is 
critical, these potentiometers may be replaced with a higher resistance value to increase 
the adjustment range. Resistors set the static input to each of the differential gates to a de 
voltage of approximately 1.5 V. 


At assembly, solder Jumpers J310—J313 are set to bypass the potentiometer. For fine 
adjustment using the pot, the solder jumpers must be removed. 
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Figure 13.58: ADC FIFO Evaluation Kit 


An XOR gate array, is included in the design to let users add gate delays to the FIFO 
memory chips clock paths. They are not required under normal conditions and are 
bypassed at assembly by jumpers. Jumpers also allow the clock signals to be inverted 
through an XOR gate. In the default setting, the clocks are not inverted by the XOR gate. 
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The clock paths described above determine the WRT _CLK1 and WRT_CLK2 signals at 
each FIFO memory chip. The timing options above should let you choose a clock signal 
that meets the setup and hold time requirements to capture valid data. 


A clock generator can be applied directly to S1 and/or S3. This clock generator should be 
the same unit that provides the clock for the ADC. These clock paths are ac-coupled, so 
that a sine wave generator can be used. DC bias can be adjusted by. Note that J301 and 
J302 (SMA connectors) and R301, R302, R305, and R306 (the Bias setting resistors) are 
not installed at the factory and must be installed by the user. 


The differential line receiver is used to square the clock signal levels applied externally to 
the FIFO evaluation board. The output of this clock receiver can either directly drive the 
write clock of the FIFO(s), or first pass through the XOR gate timing circuitry described 
above. 


Clocking With Interleaved Data 


ADCs with very high data rates may exceed the capability of a single buffer memory 
channel (~133 MSPS). These converters often demultiplex the data into two channels to 
reduce the rate required to capture the data. In these applications, ADC Analyzer must 
interleave the data from both channels to process it as a single channel. The user can 
configure the software to process the first sample from Channel 1, the second from 
Channel 2, and so on, or vice versa. The synchronization circuit included in the buffer 
memory forces a small delay between the write enable signals (WENA and WENB) to 
the FIFO memory chips (Pin 1, U101, and U201), ensuring that the data is captured in 
one FIFO before the other. Jumpers J401 and J402 determine which FIFO receives 
WENA and which FIFO receives WENB. 
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Controller for Precision ADCs 


The Evaluation Board Controller is the main component in a complete self-contained 
evaluation and demonstration system for Analog Devices Precision Converters. The 
block diagram shown below indicates the major blocks of the Evaluation Board 
Controller. It is a complete unit allowing the PC to communicate with a range of 
evaluation boards supplied by Analog Devices via a high speed parallel data link. 
Software is provided to allow the user to send commands to the evaluation board and 
read data samples or on-board registers for the device being evaluated. 


The Evaluation Board Controller connects to the evaluation board via a 96-pin edge 
connector. The pinout of the connector is a standard format which is consistent between 
evaluation boards. 
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Figure 13.59: Precision ADC Controller/Evaluation Board 
Functional Block Diagram 
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The system allows speedy demonstration and evaluation of Analog Devices Precision 
Converter Products, allowing the user to directly test the device in question and to 
shorten the time required to develop their own software and hence speed up their design 
process. 
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Hardware Description 


The Evaluation Board Controller is based around an ADSP-2189M Digital Signal 
Processor (DSP). The DSP runs from a 20 MHz crystal and an on-chip clock doubler 
gives an instruction speed of 40 MIPS. The DSP features 32K words of Internal Program 
Ram and 48K words of internal Data RAM. The Data RAM is supplemented with 64K 
words of external data RAM. The DSP also provides two Serial Ports (SPORTs) which 
have a maximum output serial clock rate of 20 MHz. Both SPORTs are available on the 
96 way edge connector as is a section of the parallel Data and Address bus. 


To facilitate operation of both 3 V and 5 V evaluation boards all logic signal are equipped 
with level translators. For 3 V devices no level translation is required (since the DSP 
operates from 3 V) so the level translators act as closed switches. For 5 V devices all 
logic 1 signals coming from the DSP are level translated to 5 V. 5 V logic signals coming 
from the device under test are translated to 3 V by the translators before reaching the 
DSP. 


Communications 


The Evaluation Board Controller allows a user to gather a large number of samples from 
an evaluation board and upload them to the PC for analysis. The Evaluation Board 
Controller uses a high speed interface based around the PCs Printer Port. As the port is 
used both for sending and receiving data it must have bidirectional capability. Most PCs 
(particularly the Pentium class) have this facility as standard but it is possible to check in 
the PCs BIOS. How the BIOS is viewed depends on the make of PC being used but 
typical methods are pressing CTRL, ALT, and ENTER during power up. The user should 
consult the operating manual of their PC for further details. Suitable printer port types 
may be described as bidirectional, PS/2, EPP, or ECP. 


Power Supplies 


The Evaluation Board Controller has its own on-board power supplies which are derived 
from a 12 VAC power supply with a | A current capability. These supplies are used to 
supply the current for the Evaluation Board Controller itself as well as that required for 
the evaluation board and are available from Analog Devices. The power supplies which 
go to the evaluation board via the edge connector are fully controllable by the software 
supplied. The Evaluation Board Controller can provide +3 V or +5 V analog supplies as 
well as a +3 V or +5 V digital supply. There is also a +12 V /+15 V supply for powering 
op amps, etc. The value of the supplies is selected by jumpers LK1 and LK2. 


Output Connector 


The 96-pin edge connector provides connection to all the available power supplies, serial 
ports and data/address buses required to operate the range of Analog Devices evaluation 
boards which are compatible with this system. 
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Software 


The Evaluation Board Controller comes supplied with a CD which contains software for 
previously released evaluation boards. Therefore if the user has an evaluation board 
which was compatible with the previous version of the Controller (Eval Control Board), 
they will be able to use the Evaluation Board Controller as well. 


When the user purchases a new evaluation board kit, it will contain all the software 
necessary to operate that particular evaluation board. The most up-to-date evaluation 
software is always available on the Analog Devices web site (www.analog.com). The 
documentation which is supplied with the evaluation board also contains information 
about installing the software, as well as a detailed description of the evaluation board and 
a data sheet for the device in question. 


All software supplied for the Evaluation Board Controller and evaluation boards comes 
on a CD ROM. When the CD is inserted into the PC, an installation program will 
automatically begin. This program will install the evaluation software onto the user’s 
machine and will also install the Technical Note for the evaluation board as well as the 
Data Sheet for the device in questions. All literature on the CD is in Adobe's Portable 
Document Format (PDF) and will require Acrobat Reader to be viewed or printed. 
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Prototyping 


There are times when an evaluation board is not available for parts of a circuit design. In 
that case a breadboard may be required. 


A basic principle of a breadboard or a prototype structure is that it is a temporary one, 
designed to test the performance of an electronic circuit or system. By definition it must 
therefore be easy to modify. 


There are many commercial prototyping systems, but unfortunately for the analog 
designer, almost all of them are designed for prototyping digital systems. In such 
environments, noise immunities are hundreds of millivolts or more. Prototyping methods 
commonly used include non-copper-clad Matrix board, Vectorboard, wire-wrap, and 
plug-in breadboard systems. Quite simply, these all are unsuitable for high performance 
or high frequency analog prototyping, because of their excessively high parasitic 
resistance, inductance, and capacitance levels. Even the use of standard IC sockets is 
inadvisable in many prototyping applications (more on this, below). 


One of the more important considerations in selecting a prototyping method is the 
requirement for a large-area ground plane. This is required for high frequency circuits as 
well as low speed precision circuits, especially when prototyping circuits involving 
ADCs or DACs. The differentiation between high speed and high precision mixed-signal 
circuits is difficult to make. For example, 16+ bit ADCs (and DACs) may operate on high 
speed clocks (>10 MHz) with rise and fall times of less than a few nanoseconds, while 
the effective throughput rate of the converters may be less than 100 kSPS. Successful 
prototyping of these circuits requires that equal (and thorough) attention be given to good 
high speed and high precision circuit techniques. 


Deadbug Prototyping 


A simple technique for analog prototyping uses a solid copper-clad board as a ground 
plane. In this method, the ground pins of the ICs are soldered directly to the plane, and 
the other components are wired together above it. This allows HF decoupling paths to be 
very short indeed. All lead lengths should be as short as possible, and signal routing 
should separate high level and low level signals. Connection wires should be located 
close to the surface of the board to minimize the possibility of stray inductive coupling. 
In most cases, Parallel runs should not be "bundled" because of possible coupling. Ideally 
the layout (at least the relative placement of the components on the board) should be 
similar to the layout intending to be used on the final PCB. This approach is often 
referred to as deadbug prototyping, because the ICs are often mounted upside down with 
their leads up in the air (with the exception of the ground pins, which are bent over, and 
soldered directly to the ground plane). The upside-down ICs look like deceased insects, 
hence the name. 
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Figure 13.60: A "Deadbug" Analog Breadboard 


Figure 13.60 shows a hand-wired "deadbug" analog breadboard. This circuit uses two 
high speed op amps, and in fact gives excellent performance in spite of its lack of esthetic 
appeal. The IC op amps are mounted upside down on the copper board with the leads 
bent over. The signals are connected with short point-to-point wiring. The characteristic 
impedance of a wire over a ground plane is about 120 Q, although this may vary as much 
as +40% depending on the distance from the plane. The decoupling capacitors are 
connected directly from the op amp power pins to the copper-clad ground plane. When 
working at frequencies of several hundred MHz, it is a good idea to use only one side of 
the board for ground. Many people drill holes in the board and connect the sides together 
by soldering short pieces of wire. If care isn’t taken, this may result in unexpected ground 
loops between the two sides of the board, especially at RF frequencies. 


Pieces of copper-clad board may be soldered at right angles to the main ground plane to 
provide screening, or circuitry may be constructed on both sides of the board (with 
through-hole connections) with the board itself providing screening. For this, the board 
will need corner standoffs to protect underside components from being crushed. 


When the components of a breadboard of this type are wired point-to-point in the air (a 
type of construction strongly advocated by Bob Pease and sometimes known as "bird's 
nest" construction) there is always the risk of the circuitry being crushed and resulting 
short-circuits. Also, if the circuitry rises high above the ground plane, the screening effect 
of the ground plane is diminished, and interaction between different parts of the circuit is 
more likely. Nevertheless, the technique is very practical and widely used because the 
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circuit may easily be modified (this of course assumes the person doing the modifications 
is adept with soldering techniques). 


Another prototype breadboard variation is shown in Figure 13.61. Here the single sided, 
copper-clad board has pre-drilled holes on 0.1" centers. Power busses are used at the top 
and bottom of the board. The decoupling capacitors are used on the power pins of each 
IC. Because of the loss of copper area due to the predrilled holes, this technique does not 
provide as low a ground impedance as a completely covered copper-clad board of 
Figure 13.60, so be forewarned. 


. Wii\\ 


Figure 13.61: "A Deadbug" Prototype Using 0.1" Pre-Drilled Single-Sided, 
Copper-Clad Printed Board Material 


In a variation of this technique, the ICs and other components are mounted on the 
noncopper-clad side of the board. The holes are used as vias, and the point-to-point 
wiring is done on the copper-clad side of the board. Note that the copper surrounding 
each hole used for a via must be drilled out, to prevent shorting. This approach requires 
that all IC pins be on 0.1" centers. For low frequency circuits, low profile sockets can be 
used, and the socket pins then will allow easy point-to-point wiring. 


The obvious problem with this method of prototyping is that it is much more difficult to 
perform with surface mount components. 


Solder-Mount Prototyping 


There is a commercial breadboarding system which has most of the advantages of the 
above techniques (robust ground, screening, ease of circuit alteration, low capacitance 
and low inductance) and several additional advantages: it is rigid, components are close 
to the ground plane, and where necessary, node capacitances and line impedances can be 
calculated easily. This system is made by Wainwright Instruments and is available in 
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Europe as "Mini-Mount" and in the USA (where the trademark "Mini-Mount" is the 
property of another company) as "Solder-Mount." 


Solder-Mount consists of small pieces of PCB with etched patterns on one side and 
contact adhesive on the other. These pieces are stuck to the ground plane, and 
components are soldered to them. They are available in a wide variety of patterns, 
including ready-made pads for IC packages of all sizes from 8-pin SOICs to 64-pin DILs, 
strips with solder pads at intervals (which intervals range from 0.040" to 0.25", the range 
includes strips with 0.1" pad spacing which may be used to mount DIL devices), strips 
with conductors of the correct width to form microstrip transmission lines (50 Q, 60 Q, 
75 Q, or 100 Q) when mounted on the ground plane, and a variety of pads for mounting 
various other components. Self-adhesive tinned copper strips and rectangles (LO-PADS) 
are also available as tie-points for connections. They have a relatively high capacitance to 
ground and therefore serve as low inductance decoupling capacitors. They come in sheet 
form and may be cut with a knife or scissors. 


The main advantage of Solder-Mount construction over "bird's nest" or "deadbug" is that 
the resulting circuit is far more rigid, and, if desired, may be made far smaller (the latest 
Solder-Mounts are for surface-mount devices and allow the construction of breadboards 
scarcely larger than the final PCB, although it is generally more convenient if the 
prototype is somewhat larger). Solder-Mount is sufficiently durable that it may be used 
for small quantity production as well as prototyping. 


Figure 13.62: A "Solder-Mount" Constructed Prototype Board 


Figure 13.62 shows an example of a 2.5 GHz phase-locked loop prototype, built with 
Solder-Mount techniques. While this is a high speed circuit, the method is equally 
suitable for the construction of high resolution low frequency analog circuitry. 
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A particularly convenient feature of Solder-Mount at VHF is the relative ease with which 
transmission lines can be formed. As noted earlier, if a conductor runs over a ground 
plane, it forms a microstrip transmission line. The Solder-Mount components include 
strips which form microstrip lines when mounted on a ground plane (they are available 
with impedances of 50 QO, 60 Q, 75 Q, and 100 Q). These strips may be used as 
transmission lines for impedance matching, or alternately, more simply as power buses. 
Note that glass fiber/epoxy PCB is somewhat lossy at VHF/UHF, but losses will probably 
be tolerable if microstrip runs are short. 


Milled PCB Prototyping 


Both "deadbug" and "Solder-Mount" prototypes become tedious for complex analog 
circuits, and larger circuits are better prototyped using more formal layout techniques. 


There is a prototyping approach that is but one step removed from conventional PCB 
construction, described as follows. This is to actually lay out a double-sided board, using 
conventional CAD techniques. PC-based software layout packages offer ease of layout as 
well as schematic capture to verify connections. Although most layout software has some 
degree of auto-routing capability, this feature is best left to digital designs. The analog 
traces and component placements should be done by hand, following the rules discussed 
elsewhere in this chapter. After the board layout is complete, the software verifies the 
connections per the schematic diagram net list. 


Many designers find that they can make use of CAD techniques to lay out simple boards. 
The result is a pattern generation tape (or Gerber file) which would normally be sent to a 
PCB manufacturing facility where the final board is made. 


Rather than use a PCB manufacturer, however, automatic drilling and milling machines 


are available which accept the PG tape directly. An example of such a prototype circuit 
board is shown in Figure 13.63 (top view). 


on 
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Figure 13.63: A Milled Circuit Construction Prototype Board (top view) 
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These systems produce either single or double-sided circuit boards directly, by drilling all 
holes, and using a milling technique to remove conductive copper, thus creating the 
required insulation paths, and finally, the finished prototype circuit board. The result can 
be a board functionally quite similar to a final manufactured double-sided PCB. 


However, it should be noted that a chief caveat of this method is that there is no "plated- 
through" hole capability. Because of this, any conductive "vias" required between the two 
layers of the board must be manually wired and soldered on both sides. 


Minimum trace widths of 25 mils (1 mil = 0.001"), and 12 mil spacing between traces are 
standard, although smaller trace widths can be achieved with care. The minimum spacing 
between lines is dictated by the size of the milling bit used, typically 10 mils to 12 mils. 


A bottom-side view of this same milled prototype circuit board is shown in Figure 13.64. 
The accessible nature of the copper pattern allows access to the traces for modifications. 


Figure 13.64: A Milled Circuit Construction Prototype Board (bottom view) 


Perhaps the greatest single advantage of the milled circuit type of prototype circuit board 
is that it approaches the format of the final PCB design most closely. By its very nature 
however, it is basically limited to only single or double-sided boards. 


Beware of Sockets! 


IC sockets can degrade the performance of high speed or high precision analog ICs. 
Although they make prototyping easier, even /ow profile sockets often introduce enough 
parasitic capacitance and inductance to degrade the performance of a high speed circuit. 
If sockets must be used, a socket made of individual pin sockets (sometimes called cage 
jacks) mounted in the ground plane board may be acceptable, as in Figure 13.65. 
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Figure 13.65: When Necessary, Use Pin Sockets for Minimal Parasitic Effects 


To use this technique, clear the copper (on both sides of the board) for about 0.5 mm 
around each ungrounded pin socket, then solder the grounded socket pins to ground, on 
both sides of the board. 


Both capped and uncapped versions of these pin sockets are available (AMP part 
numbers 5-330808-3, and 5-330808-6, respectively). The pin sockets protrude through 
the board far enough to allow point-to-point wiring interconnections. 


Because of the spring loaded, gold-plated contacts within the pin socket, there is good 
electrical and mechanical connection to the IC pins. Multiple insertions, however, may 
degrade the performance of the pin socket, so this factor should be kept in mind. 


Note also that the uncapped versions allow the IC pins to extend out the bottom of the 
socket. This feature leads to an additional useful function. Once a prototype using the pin 
sockets is working and no further changes are to be made the IC pins can be soldered 
directly to the bottom of the socket. This establishes a rugged, permanent connection. 


Some Additional Prototyping Points 


The prototyping techniques discussed so far have been limited to single or double-sided 
PCBs. Multilayer PCBs do not easily lend themselves to standard prototyping techniques. 
If multilayer board prototyping is required, one side of a double-sided board can be used 
for ground and the other side for power and signals. Point-to-point wiring can be used for 
additional runs which would normally be placed on the additional layers provided by a 
multilayer board. However, it is difficult to control the impedance of the point-to-point 
wiring runs, and the high frequency performance of a circuit prototyped in this manner 
may differ significantly from the final multilayer board. 


Other difficulties in prototyping may occur with op amps or other linear devices having 
bandwidths greater than a few hundred megahertz. Small variations in parasitic 
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capacitance (<1 pF) between the prototype and the final board can cause subtle 
differences in bandwidth and settling time. 


Sometimes, prototyping is done with DIP packages, when the final production package is 
an SOIC. This is not recommended! At high frequencies, small package-related parasitic 
differences can account for different performance, between prototype and final PCB. To 
minimize this effect, always prototype with the final packages. As an example, using the 
AD8001 op amp, Figure 13.66 shows the differences in recommended components and 
bandwidth for the different packages. 


AD8001AN (PDIP) AD8001AR (SOIC) AD8001ART (SOT-23-5) 
Gain Gain Gain 


Component +2 
R, Q) 
Rg (Q) 
R, (Nominal) (Q) 


RQ) 
R, (Nominal) (Q) 
Small Signal 

BW (MHz) 


0.1 db Flatness 
(MHz) 


Figure 13.66: Recommend Components for AD8001 Op Amp Showing Different 
Values for Different Packages 


Full Prototype Board 


In many instances after the various subcircuits have been checked out, a prototype board 
of the full design is the next step. While there is some support in the digital arena to go 
directly from simulation to a PC board, it is emphatically not the proper approach for 
high frequency or high precision analog circuits. 


Things like grounding philosophy and parasitic coupling can really only be verified with 
a prototype board. And many times, more than one pass is required to get the maximum 
performance out of a design. 


Another point should be kept in mind. You should resist the temptation to apply “small 
fixes” to a board as long as you are going to build another run anyway for the first 
production run. The simple point is that when you change something, you change 
something. In the scenario above, what you have done is gone from your prototype to 
your next prototype. Depending on the nature of the change, your exposure may be small, 
but it is still a question. 
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Summary 


The prototyping techniques described earlier in this section are quite useful for ICs which 
are in DIP packages, and it is well worth the effort to prototype at least some of the 
critical analog circuitry before going to a final board layout. However, modern high 
performance ADCs and DACs are often provided in small surface mount packages which 
do not lend themselves to simple prototyping techniques. In the system, multilayer PC 
boards are required which further complicates the prototyping process. 


In many cases, the only effective prototype for high performance analog systems is an 
actual PC board layout, especially if a multilayer is required in the final design. 
Evaluation boards are not only useful in the initial evaluation phases, but their layouts 
can be used as guides for the actual system board layout. 


Successful integration of a high performance data converter into a system therefore 


requires excellent support from the manufacturer as well as care and attention to detail by 
the user. 
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